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MULTILEVEL SCPC SYSTEM DESIGN

M. Horstein and D. T. LaFlame
Space and Communications Group

Hughes Aircraft Company
Culver City, California

ABSTRACT

A method of assigning carrier levels in an SCPC system with mixed earth station G/Ts is
developed which optimizes system performance for uniformly spaced and randomly
assigned carrier frequencies. The optimum transponder backoff is shown to be identical to
that for a system of uniform carriers in which the (common) earth station (G/T)-1 is a
weighted average of the different (G/T)-1 values in the mixed system. With the transponder
backoff determined, the carrier level to be transmitted to each station type is simply
expressed in terms of the station G/T.

INTRODUCTION

It is widely recognized that single channel per carrier (SCPC) transmission can provide
considerably greater satellite capacity in a system characterized by light-traffic routes than
is available through the traditional FDM/FM method of modulation. This is accomplished,
first, through an increase in the number of voice channels per transponder and, second,
from the nearly 100 percent utilization factor that results from the demand assignment of
satellite circuits.

SCPC transmission affords another advantage, however, which is seldom exploited. Since
each transmitted carrier is generally received by only a single earth station, its power level
can be adjusted in accordance with the G/T of the receiving station Application of this
simple idea in a power limited situation can result in a significant increase in transponder
capacity over that achievable with a system of uniform carriers. Alternatively, multilevel
transmission can be utilized to achieve the bandwidth limit on capacity with smaller earth
stations than would be possible in a uniform carrier system.

A mixture of earth station types might be encountered in a number of system contexts. In a
thin-route system, for example, one or more stations are typically located in the economic
and/or political centers of a country or region. These stations, which serve as terminals for
a large number of thin routes, assume the form of major installations. The much more



numerous outlying stations are of simpler design. Traffic flow is predominantly between
large and small stations, with a much smaller amount (if any) between pairs of small
stations. Traffic between pairs of large stations is usually handled separately.

A second example is provided by a network of mixed stations dominated by traffic
between pairs of the largest stations in the system. This traffic pattern could develop from
an initial configuration in which a transponder is devoted to traffic among the larger
stations. The latter would normally be located at major population centers. Lesser
population centers would subsequently be included through the introduction of smaller
earth stations. In this way, a network could evolve requiring several different carrier sizes,
one for each distinct earth station design. The key feature of such a system is that,
regardless of the number of smaller earth stations, the great majority of carriers are
received by the larger stations. As a consequence, most of the carriers can be transmitted
at a relatively low level, with only those carriers directed at the smaller stations requiring a
higher transmitter power.

The multilevel transmission technique discussed in this paper is based on the availability of
a dedicated SCPC transponder. This is an increasingly common situation with the
proliferation of national and regional satellite systems in either an operational or planning
stage.

Carrier frequencies are assumed to be assigned in a random manner, so that the
distribution of carrier levels is the same for all frequencies. This randomness arises quite
naturally in the context of a demand assignment system, since it is a simple matter to
design the system software to meet each new circuit request with an essentially random
choice of frequencies.

It will be shown, as a general property of such a system, that the transponder backoff
leading to the optimum set of carrier levels is the same as that for a system of uniform
carriers in which the (common) earth station (G/T)-1 is a weighted average of the different
(G/T)-1 values in the mixed system. Once the optimum transponder backoff has been
found, the carrier level to be transmitted to each station type is readily determined in terms
of the actual G/T for that station.

GENERAL MULTILEVEL SYSTEM

The carrier frequencies in this system are uniformly spaced across the transponder
bandwidth. The analysis is performed for a fully loaded transponder – that is, a situation in
which all carrier frequencies have been assigned. It is assumed that this set of assignments
is the outcome of a process in which each new circuit request results in a selection of two
frequencies, each chosen with equal probability and independently of the other, from those



frequencies not yet assigned. The fact that, in practice, frequencies are usually selected in
prearranged pairs does not materially affect the results of this analysis. It is only necessary,
when two different carrier levels are involved, that the higher powered carrier be assigned
with equal probability to either frequency.

The total intermodulation (IM) power generated by the ensemble of carriers is a function
only of the transponder backoff. (This was demonstrated in Reference 1 for the case of
two carrier levels; extension to multiple levels is straightforward. ) Because of the large
number of carriers accessing the transponder, the percentage of carriers at each power
level is assumed to remain constant. Consequently, the transponder backoff is also
constant. It follows that, for a specified set of carrier levels, the randomness in assigning
frequencies guarantees that the average IM power at a given frequency is equal to the fixed
IM power at the same frequency in a system of uniform carriers operating at the same
backoff.

The optimum set of carrier levels is defined to be that set which maximizes the minimum
carrier-to-noise ratio (CNR) over the transponder bandwidth, provided that the CNR
requirements are identical at all station types . If this is not the case, the optimum set of
carrier levels maximizes the minimum CNR for any single station type, with the prescribed
CNR differences being maintained between maximin values for different station types. The
set of relative carrier levels thereby established maximizes the transponder capacity in a
power limited situation, in which case a reduced number of carrier frequencies are chosen
at random from the total set of transponder frequencies. In a bandwidth limited situation,
the system power margin is maximized for the given combination of earth stations.

In deriving the optimum set of carrier levels, it is assumed that the minimum CNR occurs
at the center carrier positions). This is a valid assumption provided that 1) the IM spectrum
peaks at the center carrier frequency, a condition which is satisfied for a uniformly spaced
set of equal amplitude carriers, and therefore by the average IM spectrum resulting from a
random set of carrier assignments, and 2) transponder end effects are not significant. The
latter condition refers to the possibility of transponder “multipath” and/or IM interference
from an adjacent transponder degrading the CNR of the end carriers to a value lower than
that at band center. It will be assumed that the bandwidth spanned by the carriers is
chosen, in conjunction with the carriers occupying the adjacent transponder, so that this
does not happen.

Assume that there are S station types and let (ij represent the fractional system traffic
between stations of types i and j, 1 # i # j # S. The ordering of station types is arbitrary.
The fractional number of carriers received by stations of type k (i.e. , the fractional number
of carriers of type k) is given by



* Tdk, and therefore Ndk, is referred to the transponder output (i.e., to the point at which Ck is
defined). It reflects the G/T for a station of type k, as well as variations in satellite transmit
antenna gain and path loss. 

(1)

Let

Pk = repeater input power, normalized to the saturation power, in each carrier of
type k

rk = Pk /P1

Ck = normalized repeater output power in each carrier of type k

Ca = normalized average power per carrier at repeater output

     =

It can be shown (Reference 1) that, with a large number of carriers, the relative carrier
levels are unaffected by the nonlinear transponder characteristic. Therefore,

Ck = C1 rk (2)

(3)

The uplink thermal noise in the band of a single carrier will be denoted by Nu; the
downlink thermal noise at a station of type k, by Ndk. The corresponding receive system
noise temperatures are represented by Tu and Tdk. The uplink and downlink carrier-to-
thermal noise ratios for a carrier of type k can be written as*

(4)



(5)

where G = Ck /Pk, k = 1, 2, . . . , S, is the transponder gain and B is the carrier noise
bandwidth.

If IMc denotes the average IM power falling on the center carrier(s), the CNR for a carrier
of type k at the center of the transponder is given by

(6)

Use of Equations 2 and 3 in Equation 6 leads to

(7)

where

                                         (8)

Note that Xk is a function of the transponder backoff through Ca , G, and IMc , but is
independent of ri, i = 1, 2, . . ., S.

Provision will be made for different CNR requirements at different station types. If $k,
k = 1, 2, . . ., S, is the set of factors specifying the relative CNR values such that

(9)

the optimum set of carrier levels is found by maximizing (C/N)1 subject to Equation 9.
Equivalently, it is necessary to maximize

(10)



where Pin is the transponder input backoff and 82, ..., 8S form a set of S-1 Lagrange
multipliers.

Setting the partial derivative of F with respect to 8k equal to zero and substituting from
Equation 7 yields

(11)

Substitution of Equation 7 into Equation 10, followed by differentiation with respect to rk,
results in

(12)

However, with Equation 9 satisfied, F = (C/N)1, so that

(13)

Setting MF/Mrk = 0, solving for 8k, and making use of Equation 11 yields

(14)

Finally, setting MF/MPin = 0 and substituting Equations 11 and 14 results in

(15)

which can be written as

(16)



* It is conceivable, if the CNR requirement at the large stations is sufficiently greater than that at
the small stations, for the large carriers in an optimally designed system to be received at the large
stations. However, this possibility is not likely to occur in practice and can safely be ignored.

Substitution of Equation 8 into Equation 16 leads to the condition

(17)

where

(18)

Equation 17 may be recognized as the CNR maximizing condition for a system of equal
amplitude carriers in which the common carrier power is Ca, the (common) earth station
G/T is represented by Te

d
q and the same CNR is required at all stations. The optimum value

of Pin can therefore be found by the usual technique of searching for the minimum value of
the quantity in brackets through a tradeoff of thermal vs. IM noise. Once Pin has been
determined, the optimum value of rk, k = 2, 3,    , S, can be found from Equations 8 and 11.

Note that Te
d

q is a weighted average of the downlink noise temperatures for the various
station types. In particular, when $k = 1, k = 1, . . , S, the weights are in direct proportion
to the number of carriers received at each station type.

TWO-LEVEL SYSTEM

For the two-level system, notation will be introduced which is suggestive of the relative
carrier sizes. The subscript L will be used to denote a quantity relating to the large carriers
(i.e., those received at the small G/T stations), and the subscript S will be used to denote a
quantity relating to the small carriers.* If the small G/T stations are designated as type 1
stations and the large G/T stations as type 2 stations, the fractional number of large and
small carriers is given by

(19)

(20)



The condition defining the optimum transponder backoff is again provided by Equation 17,
where Te

d
q is now given by

(21)

and $ is defined by

(22)

With the optimum backoff determined, the ratio of the power in a single small carrier to
that in a single large carrier, r, can be found from the set of relations

(23)

(24)

(25)

With the transponder backoff and the small-to-large carrier power ratio chosen in
accordance with Equation 17 and Equations 23 through 25, the CNR for the two carrier
types is given by

(26)

(27)

Performance of an optimally designed two-level system will be illustrated for a typical set
of C-band parameters. The large station G/T is fixed at 30 dB/EK, while the small station
G/T is regarded as a parameter. The intermodulation characteristics used in the
optimization are those of the Hughes 275H TWT. Curves of carrier-to-IM (C/IM) ratio vs.
backoff for this TWT, analytically derived from the single-carrier transfer characteristic,
can be found in Reference 1. A useful transponder bandwidth of 36 MHz and a 10 percent



guard band between carriers have been assumed. The transponder saturation EIRP has
been taken as 33 dBW, the corresponding input saturation power as -102 dBW, and the
satellite receive system noise temperature as 30 dB-EK.

The maximum attainable CNR (at the center carrier position) for a fully loaded transponder
with continuously transmitted carriers is shown in Figure 1 as a function of the small
station G/T, for several values of (L. Equal CNR requirements have been assumed for the
large and small carriers. The transponder backoff and the large-to-small-carrier power ratio
required to achieve the performance shown in Figure 1 are given in Figures 2 and 3.

The impro vement in system performance afforded by a two-level system, over that for a
uniform carrier system, can be found by comparing the curve for the appropriate value of
(L in Figure 1 with that for (L = 1.0. This can be seen by observing that, for ( = 1.0, all
traffic is conducted between pairs of small stations. The carriers are therefore all the same
size and the achievable CNR is a function only of the small station G/T. The latter pair of
conditions also characterizes a system in which the carriers are constrained to have the
same power, regardless of the network traffic pattern. Thus, the ( = 1.0 curve specifies the
attainable performance of a uniform carrier system under any set of traffic conditions.

Consider a system of voice-activated carriers with a CNR requirement of 12 dB. With a
voice activity factor of 0.4, the transponder capacity is the same as that for a system of
uninterrupted carriers with a 4 dB lower CNR requirement. (This follows from the fact
that, with the TWT backoff and the value of r unchanged, the power in each carrier of the
activated system can be made 4 dB larger than the power in the corresponding carrier type
of the nonactivated system, without affecting the average IM power falling in a given
carrier slot.) Accordingly, an 8 dB CNR requirement will be imposed on the curves in
Figure 1. If (L = 0. 2, for example, full transponder loading can be achieved with a small
station G/T of 17.7 dB/EK. By contrast, the G/T requirement in a system of uniform
carriers is 23.9 dB/EK, a difference of 6.2 dB. If (L = 0.5, a two-level system provides an
advantage of 2.6 dB in terms of the required G/T. This advantage increases to a maximum
of 3 dB as the CNR requirement is reduced or the transponder bandwidth occupancy is
decreased from 36 MHz.

CONCLUSIONS

A method of assigning carrier power levels in an SCPC system employing a mixture of
earth station sizes has been developed which maximizes the satellite channel capacity or, if
the system is bandwidth limited, maximizes the system power margin. The technique is
based on a random assignment of carrier frequencies and is therefore ideally suited for use
in a demand assignment system. To implement such a system, the channel units must be 



provided with a commendable gain adjustment, and the system software must be designed
to exercise gain control in conjunction with carrier frequency assignment.
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THE AMERICAN SATELLITE
TRANSMISSION SYSTEM

Dr. Eugene Cacciamani and William Garner
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ABSTRACT

In 1979, American Satellite Corporation will be the first on-line completely all-digital
communications carrier. This will be accomplished when American Satellite Corporation’s
major trunking earth terminals are converted to operate TDMA at data rates up to
64 Mbps.

Today, a large part of the American Satellite network operates in a digital mode using
Single Channel Per Carrier (SCPC) systems at data rates from 56 Kbps to 3 Mbps. These
systems are associated with American Satellite Corporation’s dedicated and SDX earth
stations, many of which have been in operation since 1974. These systems have been
installed at the customer’s location and connected by hard wire to the user’s data
processing facilities to provide direct interconnection and networking at each of his
respective facilities. Performance of these systems has been outstanding; the probability of
bit error (Pbe) generally at 1 x 10-8 and better and reliability performance in excess of
99.99%. To date, there are 26 of these specialized earth terminals under construction
throughout the USA (Conus and Hawaii).

The ASC major trunking system on the other hand has consisted of analog carrier facilities
interconnecting the major served cities throughout the Continental United States. To
provide the same degree of flexibility and performance required for today’s and future
digital system requirements, ASC is converting these systems to operate in an all-digital
transmission mode as well. The facilities include TDMA equipment at the earth stations
which operates up to 64 Mbps and digital microwave systems that interconnect the earth
stations to the downtown located ASC central offices. The interface equipment provided at
the central offices will consist of voice digitizing and digital multiplexing equipment which
will be capable of interfacing to the user at both digital and analog interfaces. This
approach will afford ASC a maximum capability to meet the future digital communications
requirements as they evolve well into the future.
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NETWORK MONITOR/CONTROL CONCEPT
FOR THE WESTERN UNION SATELLITE SWITCHED

TDMA ADVANCED WESTAR SYSTEM

R. Markham, K. Sahai, and M. Schimenti, Jr.
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Upper Saddle River, New Jersey 07458

ABSTRACT

A description of the network monitor and control and TT&C concepts for the Western
Union Satellite Switched TDMA Advanced Westar System is presented. The paper
includes a brief description of the major system elements, their functional relationship to
the network management center, and the methods to be used for monitoring/responding to
station/network performance, reallocating: burst assignments, satellite switch assignments
and point-to-point (multipoint) connectivity; and failure restoration of satellite
communication payload service.

Network monitoring and control is achieved via information exchanges between the
system Network Management Center and the various system elements including: Network
Earth Stations, Master Reference Stations, the White Sands TT&C Center, Western Union
O&M Centers, and Western Union Administrative Center.

Communication between the TMC and these facilities will be established via both satellite
(8 KBPS orderwire channel) and terrestrial links. Fine/Course timing between the network
earth stations and the satellite switch will be provided via reference bursts transmitted by
the system Master Reference Stations into each of the four zones associated with the
individual satellite channels.
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“DEFENSE SATELLITE COMMUNICATION SYSTEM”

Andrew R. Donovan, Jr.
Electronics Engineer

Def. Comm. Eng. Center
Reston, VA

ABSTRACT

This paper will present an overview of the Defense Satellite Communication System
(DSCS) with emphasis on its current capabilities and future planning. The DSCS is DoD’s
strategic satellite communications system providing unique and vital worldwide service to
the National Command Authorities (NCAs), Worldwide Military Command and Control
System (WWNCCS), the White House Communications Agency (WHCA), the Defense
Communication System, NATO-Allied nations and other special users. The DSCS will
soon expand to encompass the Army/Air Force Ground Mobile Forces SHF-Tactical
applications and the Advanced Airborne Command Post (AABNCP).

The DSCS began operations in 1967 when the first of eventually 26 subsynchronous low
capacity Phase I satellites were launched that operated with a compliment of R&D earth
terminals providing point-to-point service. It has since grown in capacity and capability to
the current system using the high-capacity geo-stationary Phase II satellites and a mix of
earth terminals with antennas ranging in size from 1 to 18 meters in diameter.

The dynamics of world politics and the quick reaction capabilities of todays military forces
have placed a heavy burden on DoD communications systems. The DSCS’s role is
expanding to meet these challenges by providing all-digital encrypted communications,
anti-jam capability for selected users and greater electronic and physical survivability in
the ground and space segments. Also, in order to handle the rapidly changing and resource
limited system a real-time-adaptive-control (RTACS) capability is being developed to
dynamically allocate DSCS assets.

With the advent of the multi-channel Phase III satellites and new ground hardware, more
users and services can be provided to support project DoD strategic communications well
into the 1990’s. Investigations into the next generation SATCOM system (Phase IV) are
beginning; this system will apply new technology and provide more cost-effective
communications for wider classes of users.
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DSCS III COMMUNICATIONS SATELLITE PERFORMANCE

A. W. Weinrich, A. Horvath, A. Harcar
GE SPACE DIVISION

Valley Forge, Pa.

SUMMARY

The DSCS III satellite is the third generation space segment of the Defense Satellite
Communication System. This satellite is unique compared to earlier DSCS satellites in that
it has a six channel transponder designed for both FDMA and TDMA operation and
realtime commendable uplink and downlink multibeam antennas. The antenna suit is
designed to provide uplink anti-jam discrimination and selective coverage with a 61
element multibeam antenna 45 inches in diameter. The transmit antenna suit includes two
19 element multibeam antennas 28 inches in diameter that provide flexible selective
coverage to maximize EIRP allocation and hence optimize satellite traffic thruput. The
flexibility in antenna coverage and antenna - transponder interconnectivity allows the
system operator to respond rapidly to wide variations in the deployment of forces
precipitated by changing world events. This paper describes the overall DSCS III system
in which the satellite functions and presents typical antennas patterns obtained with the
DSCS III hardware built during the development phase of the program. In addition, overall
program status is described and critical hardware elements are shown.

DSCS III SYSTEM OVERVIEW

THE DSCS III Space Segment orbital configuration consists of four operational
satellites and two on-orbit spares in synchronous orbit located such that there is substantial
overlap in earth coverage as illustrated in Figure 1. The on-orbit spares provide rapid and
reliable replacement for any degraded operational satellite. The system operates at SHF
(X-band) serving the Department of Defense World-Wide Military command and control
Communications System (WWMCCS), the ground mobile forces, the Defense
Communications System (DCS), Navy Fleet Communications, the White House
Communications Agency, and Allied Communications Networks such as NATO.

The DSCS III will initially be launched on a Titan IIIC-Transtage in November of
1979 in combination with a DSCS II satellite. A second launch is planned in 1980 on a
Titan 34D-Interim Upper Stage (IUS), again with a DSCS II. From 1981 on, dual DSCS
III launches will take place using the Space Transportation System (Shuttle) - IUS



combination to initialize and replenish the operational system. DSCS III has also been
designed to be compatible with a single DSCS III shuttle launch utilizing a spinning solid
upper stage to transfer the satellite from low earth orbit to synchronous altitude. The
versatile satellite bus has been designed to be compatible with all of these booster
combinations.

After being placed on station, the communications payload will be comanded from
one of several Satellite Configuration Control Element (SCCE) Stations under the direction
of the DCA. These stations will communicate with the satellite at SHF to optimize
operational flexibility. The satellite will operate as shown in Figure 2 with large or small
terminals, and with either FDMA or TDMA. Its six independent channels can provide
resources on command, grouping users by their operational needs or geographical
situation, and allocating receiver sensitivity or transmitter power among them for maximum
efficiency.

The satellite housekeeping subsystems are monitored and controlled by the Air Force
Satellite Control Facility (SCF) and its remote tracking station (RTS) network. The
satellite itself is autonomous, but telemetry status is monitored by the SCF on a daily basis
to ensure the health of the spacecraft. The SCF also provides backup communications
configuration control functions. The satellites have also been hardened against the defined
nuclear environment as well as providing selective anti-jam nulling. Each satellite has been
designed to provide expendables for at least a 10-year on-orbit design life.

SATELLITE CONNECTIVITY AND MAJOR CHARACTERISTICS

The uplink band is 7900-8400 MHz and is divided into six channels having a nominal
bandwidth of 60 MHz as shown in Figure 3. The uplink traffic is translated 725 MHz to be
transmitted on the downlink in the 7250-7750 Mhz band, except channel 6 undergoes a
200 MHz translation to accommodate the exclusive band allocation shown for channel 1.
Channels 5 and 6 are dedicated to earth coverage on both the uplink and downlink.
Channels 1 through 4 may be received on either the multibeam antenna or the earth
coverage horns singly or in any combination. On the downlink, channels 1 and 2 are
switchable to the multibeam antennas or the gimballed high-gain reflector antenna.
Channels 3 and 4 are switchable either to the multibeam antenna antenna or to the earth
coverage horns; channel 4 also has access to the reflector antenna. The satellite G/T as
shown in Table 1 is -1 dB/E/K on the MBA in a narrow coverage mode (0.5E radius) and
-16 dB/E/K in the earth coverage mode. The G/T is -15 dB/E/K on the earth coverage horn.
The 40W channels 1 and 2 have an EIRP of 40.0 dBw and 29.0 dBw on the MBA in
narrow coverage and earth coverage respectively as shown in Table 1. The EIRP of the
10W channels 3-6 is approximately 6 dB less.



Fixed area coverage (1-5E radius) is possible on channels 1, 2 and 4 when they are
connected to the 33 inch parabolic reflector. The EIRP on channels 1 and 2 is then
increased to 44 dBw with channel 4 being approximately 6 dB less.

SHF COMMUNICATION PAYLOAD

The communications payload block diagram of Figure 4 illusrates the flexible
interconnectivity between the transponder and the multibeam antennas to exploit the
selective coverage and uplink jammer discrimination available in the multibeam antennas.
The uplink receiver front end contains a preselector and a low-noise GaAs FET
preamplifier which achieves an overall noise figure at the receiver input terminals of less
than 4.8 dB. The preamplified signals are separated according to frequency by 11 section
Chebychev filters in the demultiplexer. Channels 1, 2, 3 and 4 may be connected
individually or in any combination to the receiver MBA or the earth coverage horns by
commanding switchesS1, S2, S3, and S4 respectively as shown in Figure 4. Channels 5 and
6 are dedicated to earth coverage.

The six channels of the transponder are identical in configuration except for power
level and redundancy. Phase and amplitude compensation is provided with a 5-section
equalizer (E). The tunnel diode amplifier-limiter (TDAL) provides four gain steps in
increments of 6 dB. In addition, an independent 15 dB step is provided for a total
commendable gain range of 39 dB. The driver amplifiers employ GaAs FET devices and
are similar in design to the preamplifiers. Channels 1 and 2 operate with a 40W TWTA
and are fully redundant as shown in Figure 4. Channels 3, 4, 5 and 6 operate with 10W
TWTA’s and have a single tube backing up two channels as shown in the figure.

The payload configuration has an implied redundancy to increase reliability in that
channels 2, 4 and 6 are nearly identical except for frequency assignment. The
interconnection flexibility then allows the system operator to shift traffic among the
channels to handle wide variations in user requirements. This flexibility in antenna
coverage and interconnectivity allows the system operator to respond rapidly to wide
variations in the deployment of forces precipitated by changing world events.

The receive MBA shown in Figures 5 and 6 was designed to provide maximum
shaped coverage consistent with theoretical limitations of the 45 inch aperture and 61
beams. The relative amplitude and phase allocated to each of the 61 beams is derived from
beam synthesis algorithms that optimize coverage and is implemented with an all-
electronic beam forming network made up of ferrite variable power dividers as described
in Reference 1. The amplitude accuracy can be set to within 0.4 dB; the phase accuracy
can be set to within ±3E (typically ±2E).



The 19 beam transmit MBA is a waveguide lens 28 inches in diameter with an
integral 19 port BFN optimized for a gain and EIRP. Full amplitude control for creating
desired selective coverage exists in all 19 beams. The measured narrow coverage gain
including BFN losses is 26.5 dB with greater than 55% efficiency as described in
Reference 1. The transmit BFN is similar in design to the receive BFN except that no
phase setting capability is provided. The BFN assembled during the first phase of the
program had measured fifth order intermodulation products below -115 dBm when
operated with the 40W TWTA in channel 1 and a 10W TWTA in channel 3.

The DSCS III MBA selective coverage feature allows the DCA operations center to
allocate anntenna gain and consequently EIRP to ground terminal locations according to
terminal size and traffic flow requirements. Satellite traffic thru-put is maximized for a
given TWTA power when the relative EIRP allocation is proportional to the ratio of traffic
requirements (voice channels or data rate) to the terminal size expressed in G/T. A
selective coverage algorithm for generating desired coverage contours (Reference 1) which
vary from the narrow coverage cone to irregular shapes to full earth coverage has been
developed and verified by range test. The measured contours shown in Figures 8 to 10
demonstrate the flexibility and operational feasibility of this MBA selective coverage
algorithm. The antenna pattern formed for any desired coverage is the result of
superposition of the 19 individual beam patterns weighted in amplitude by the BFN. The
amplitude weights are computed by an algorithm which solves up to 7 simultaneous
equations as described in Reference 1. Figure 8 illustrates a narrow coverage pattern
(0.75E radius) located arbitrarily on the earth disc and having nearly perfect circular
symmetry with all sidelobes below 18 dB. The selective coverage capability is illustrated
in Figure 9 with a narrow coverage cone located in the upper left hand portion of the
figure, an elliptical coverage shape in the upper right hand corner and a boot shaped
coverage pattern in the bottom portion of the figure. A selective coverage pattern
concentrated in the Northern Hemisphere is shown in Figure 10. The shapes possible are
constrained only by the 28 inch aperture size which determines the resolution at which the
pattern may vary across the field of view.

CHANNEL PERFORMANCE

The 6 channel transponder for DSCS III has an amplitude response is flat to within
0.7 dB across the band. The channel bandwidth is 60 MHz and 85 MHz for channels 1 and
3 respectively, with an effective noise bandwidth of 1.2 times the channel bandwidth. The
adjacent channel rejection is greater than 45 dB. The departure from linear phase is less
than ±5.0E across the central portion of the channels and less than ±25E at band edge.

 With the transponder channel operating in hard limiting, these characteristics
combined produce an excellent QPSK bit error rate performance as shown in Figure 12a.



Figure 12b shows the same bit error rate data with the transponder operating in a 3 dB
power backoff Both sets of data were taken with QPSK having an 0.5 bit offset. Curve A
in both figures is the theoretical curve; curve B is the bit error rate measured with the test
set connected back-to-back (without the transponder). Curve C is the bit error rate versus
Eb /No measured with the transponder connected into the test set of Figure 10. With the
transponder operating in saturation, the degradation is nominally 2.1 dB at a bit error rate
of 10-6 including test set degradations. With the transponder operating in the linear mode
with 3 dB power backoff, the transponder test data is within 1.3 dB of theoretical at a bit
error rate 10-6. The test set provides choice of two data detectors; one is a butterworth low
pass filter with a sampled output and the other is an integrate and dump (I&D) matched
filter.

The transponder gain of the 40W channels is a maximum of 135 dB with a minimum
gain of 96 dB while the maximum gain of the 10W channels 3 - 6 is 129 dB. The
transponder third order intermodulation products are 9.2 dB below the referenced carriers
when the transponder is operating in saturation with two equal-amplitude input carriers.
This intermodulation performance is within a fraction of a dB of theoretical values.

SATELLITE DESCRIPTION

The satellite has been designed to provide an accurately pointing, highly reliable long
life platform for support of the communications mission. Table 3 highlights the key
features of the satellite bus.

The integrated DSCS III satellite configuration and characteristics are shown in
Figure 13. It utilizes the benefits of the three-axis stabilized design by providing a fixed
antenna platform (no spin bearing or antenna gimbal single point failure modes), large
north/south viewing panels for passive heat rejection, and an oriented solar array for
efficient power generation. The structurally integrated design shown in Figure 14 is
completely modular for each of assembly, test and maintenance with all communications
components mounted only on the north panel and housekeeping on the south. This results
in reduced cable weight, short waveguide runs, takes advantage of structural shielding, and
provides an equivalent Faraday cage around the component electronics for spacecraft
charging protection. Electrical integration is achieved through standarized telemetry and
command interfaces, a regulated central power controller, and a common spacecraft
ground.

The following sections describe the Attitude Control Subsystem (ACS), the TT&C
subsystem, and the Electric Power and Distribution (EP&D) subsystem.



The ACS design shown in Figure 18 is based upon a “zero momentum” control
approach which was breadboarded and successfully tested in Phase 1. The ACS orients the
satellite with four skewed momentum wheels controlled by processed signals from the
earth and sun sensors. This is an autonomously fault-tolerant wheel configuration, allowing
a failure of any unit or its drive electronics without causing interruption or degradation in
service.

The earth sensor detects pitch and roll errors and the sun sensors detect yaw errors.
The sun sensors are mounted on the solar array yokes to eliminate shadowing, minimize
the number of detectors, and simplify geometry related signal processing. Derived rate
computed by the electronics eliminates the need for rate gyros to maintain yaw control
during eclipse periods. When the wheel momentum storage capability is reached, the ACS
automatically reduces the internal wheel momentum level through operation of the
appropriate propulsion subsystem thrusters.

The ACS uses the same control laws and sensors for initial stabilization, normal
pointing, momentum unloading and stationkeeping. Time shared digital electronics reduces
the complexity, weight and cost of the subsystem. A gyro is provided for use in the
acquisition/reacquisition mode which ensures acquisition even at tipoff rates an order of
magnitude greater than those expected. The acquisition sequence is independent of
sun/earth relative geometry and allows rapid orientation of the array to the sun regardless
of array orientation with respect to the main structure.

The subsystem design is capable of growing to control a spacecraft of larger size with
minimum impact. The ACS is also adaptable to controlling a spinning orbit transfer state
(which is a potential growth mode using a Shuttle/SSUS launch system).

TELEMETRY, TRACKING, AND COMMAND SUBSYSTEM (TT&C)

The TT&C Subsystem offers the unique capability of operating at both S- and SHF-
band frequencies. S-band is used during launch and orbital insertion. Thereafter it is used
to monitor housekeeping functions and orbit adjustments. The SHF-band is used by the
DCA at the terminal locations to control the communications configuration. It is used as a
backup to S-band housekeeping monitoring.

The TT&C design shown in Figure 16 was selected because:

1. Its performance meets the DSCSIII requirements of varied command and telemetry
interfaces (SCF, DCS terminals, and Shuttle); rapid MBA reconfiguration;
incorporation of S-band and SHF COMSEC equipment; provision for incorporation of
an upgraded SHF COMSEC, operation in various jamming environments; long life;
and hardened design.



2. Breadboard and brassboards of all key circuitry were built and successfully tested in
Phase One. Included are: the command decoder, the master/remote telemetry units,
the s-band transponder, the SHF/S and S/IF converters and the beacon. In addition,
these equipments were integrated into subassemblies with the S-band and SHF
COMSEC equipment to verify all interfaces and establish performance
characteristics.

The S-band TT&C link is used for prelaunch and initial synchronous orbit operations
as well as normal, periodic, on-station housekeeping by the SCF and as a backup to the
SHF system.

SHF commanding is accomplished on the communication subsystem channels 1 or 5.
These signals are doubly downconverted and level adjusted by the SHF/S and S/IF
converters to match the input requirements of the KI-24 COMSEC. The KI-24 also
provides anti-jam protection for command in a jammed environment.

The KI-24 encrypts plain text telemetry data which modulates a subcarrier and is
combined with the spacecraft generated PN code in the SHF beacon. This composite
signal modulates the SHF beacon (7.6 GHz and 7.605 GHz) carriers which are transmitted
at 0.7 Watts (minimum) to a ground station via the communication subsystem earth
coverage antennas.

The subsystem provides telemetry, tracking and command capabilities via both
S-band and SHF links. The S-band link employs a block redundant transponder to receive
encrypted commands, transmit encrypted and plain-text tlemetry, and to transposed
ranging signals.

The S-band receiver is decrypted by the KIR-23A COMSEC and processed by
redundant command decoders. Coherent S-band doppler tracking is achieved by providing
the carrier tracking loop reference to the transmitter which, after frequency multiplication
is used as the downlink carrier. This carrier is phase modulated by the composite telemetry
and received ranging code signal. The telemetry signal is formed by redundant master and
remote telemetry units which multiplex telemetry data into a serial data stream for
encryption by the KGX-28A COMSEC. The modulated carrier is transmitted at 2 Watts
(minimum) to the SCF ground station via the wide beam S-band antennas. An encrypter
bypass is provided to transmit clear text telemetry data in the event of an encrypter failure.

The data handling systems are tailored to the DSCS III requirements by employing a
combination of centralized and distributed features. Each BFN, the ACS and the SCT
contain specialized circuits and registers for remote decoding of high volume, short time
serial messages and for remote encoding of similar telemetry data. Otherwise, a centralized



decoder and telemetry unit approach keeps down weight and cost below that of full
distributed systems. A remote telemetry unit, located in the north panel, is dedicated to
transponder telemetry.

ELECTRICAL POWER SUBSYSTEM

The Direct Energy Transfer (DET) approach shown in Figure 17 has been selected
because:
1. It provides a high efficiency regulated bus voltage.

2. The design is directly derived from the current state-of-the-art subsystems on
Broadcast Satellite and Global Positioning System. The configuration has been flight
proven on GGTS and ATS-6.

3. This low risk, high reliability, hardened design meets all spacecraft requirements for
the 10 year mission life.

The DSCS III implementation provides 837 Watts of daylight power and 903 Watts
of eclipse power after 10 years of on-orbit life which allows a minimum margin in excess
of 115 Watts.

The approach provides a regulated bus voltage of +28 Vdc ± 1% distribution to all
subsystem equipment. This tightly controlled bus voltage approach was selected over an
unregulated voltage system principally because of the higher overall energy transfer
efficiency which is reflected in terms of lower solar array area. The regulated system also
results in lower costs for other user subsystem components due both to the reduced design,
testing and integration effort associated with a regulated input voltage, and to the reduction
of voltage regulation circuitry in the user equipment.

The DET system is completely autonomous, is designed so that no single failure will
jeopardize satellite operation, and is hardened through selective part usage, special circuit
features, and shielding.

The solar array provides 126 square feet of total panel area on two hinged panels on
each side of the satellite which commpactly fold in the launch configuration. A yoke
structure eliminates shadowing and supports shunt dissipator circuits on each of two
wings. The solar aaray provides 1188 Watts (or 9.4 Watt /ft2) under worst-case design
conditions at beginning-of-mission at the autumnal equinox. The folded array provides
sufficient power to the spacecraft during transfer orbit.



A block-redundant drive assembly for each solar array wing orients the panels to the
sun. A flight proven slip ring assembly transfers power and signals across the rotating
drive shaft.

Batteries provide power during prelaunch, launch and ascent, for on-orbit eclipse
operations, and provide fuse blow current to clear faults. Three 32 ampere-hour sealed
nickel cadmium 16-cell batteries satisfy the total energy storage requirements with
conservative depths of discharge to provide the 10-year design life.

The control electronics design yields tight voltage regulation with fast responds to
load changes. In addition the fail-safe control response to any internal or external short or
open failure without inducing high energy transients due to reaction and transfer times.

The redundant electronic power condtioning circuits are inherently on-line for
utilization without relay or contactor transfer, and the transition from battery discharge to
battery charge to shunt occurs without a disturbance to the regulated bus. Each battery has
dedicated charge and reconditioning circuitry. A reconditioning cycle can be initiated by
ground command with self-terminating discharge, or the discharge can proceed to zero
volts.

Three power controllers control distribution of all power by ground command,
provide load protection, enable thermal control, and switch communication subsystem
elements. The subsystem provides safing, arming and actuation functions for all electro-
explosive devices initiators to separate a second satellite and release the folded solar array.

CONCLUSION

The multibeam antenna designs for the DSCS III satellite represent a significant
advance in satellite multibeam antenna state-of-the-art. The data illustrates the operational
feasibility of beam synthesis for purposes of shaping EIRP coverage to maximize satellite
thruput. The same principles have been applied to the receive MBA to provide jammer
discrimination. The channelization afforded by the 6 channel transponder enables
compatible operation with many user groups whose ground terminals vary in size from 3 ft.
antennas to 60 ft. antennas with EIRP varying from 72 dBw to 97 dBw. The operational
flexibility of the 6 channel transponder is enhanced by the uniquely flexible
interconnectivity between the multibeam antennas and the earth coverage horns thereby
allowing the operator to shift traffic among channels and antennas. The transmitters in the
6 channel transponder are designed for operation in both FDMA and TDMA networks.
The amplitude response, phase linearity and intermodulation performance verify the
feasibility of FDMA operation. The measured QPSK bit error rate data illustrates
performance to within 2 dB of theoretical at a bit error rate of 10-6. The DSCS III satellite



then represents a significant advance in satisfying user needs which vary dramatically in
traffic demand and terminal size.
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INTELSAT V SPACECRAFT ANTENNA SUBSYSTEM

V. J. Jakstys and H. T. Ward
Ford Aerospace and Communications Corporation

Palo Alto, California

ABSTRACT

Design and development has been completed on the Antenna Subsystem for the
INTELSAT V Communications Satellite. The Communications antennas include two
C-Band (transmit and receive) Hemi/Zone coverage antennas, two C-Band (transmit and
receive) Earth Coverage antennas, two 11/14 GHz Spot Beam antennas and an 11 GHz
Beacon antenna. The C-Band Telemetry and Command antennas consist of two directional
beam telemetry (transmit) antennas, a dual-port toroidal beam telemetry antenna and two
cardioid beam command (receive) antennas. The designs have been verified by
measurements, and the test results indicate that all major performance requirements will be
achieved.

INTRODUCTION

The INTELSAT V is the fifth generation telecommunications satellite designed to
provide the global community of nations with communications capability. The satellite is a
three-axis body stabilized craft to be positioned above each major ocean thus linking the
adjacent continents via multiple antenna beams. A contract for the new generation of
satellites was awarded to Ford Aerospace and Communications Corporation by the
International Telecommunications Satellite Organization (INTELSAT) in 1976.

This paper describes the satellite’s Antenna Subsystem consisting of communications and
of Telemetry/Command Antennas. The design and the development work reported herein
is being performed by Ford Aerospace and by several subcontractors (Selenia, Mitsubishi,
Electric, British Aerospace Dynamics Group, TRW Systems).

SUBSYSTEM REQUIREMENTS AND FUNCTIONS

The Antenna subsystem design is dictated by a requirement to provide multiple
communications links between the earth and the spacecraft and by a need to track,
command and monitor the spacecraft during all phases of its flight. Consequently, the 



antenna subsystem must provide the capabilities listed in Table 1, and the major subsystem
functions are summarized below:

a. Hemi/Zone Communications Coverage – Provide transmission in the 3704 to 4073
MHz frequency band and reception in the 5929 to 6298 MHz frequency band via
multiple beams that are spatially isolated to have high circular polarization purity and
are shaped to provide optimum coverage in the East and the West hemispheres.

b. Spot Beam Communications Coverage – Provide communications service to high
traffic regions in the North-West and North-East portion of the earth in the 11 GHz
(transmit) and 14 GHz (receive) frequency range. The narrow Spot beams must have
capability to be re-positioned over respective scan zones upon command from the
ground.

TABLE 1

ANTENNA SUBSYSTEM REQUIREMENTS



c. Earth Coverage Communications Link – Provide transmission in the 3955 to 4200
MHz frequency band and reception in the 6180 to 6425 MHz frequency band via
circularly polarized beams which cover the entire earth disk as observed from the
spacecraft. High purity circular polarization is required to provide good isolation
between transmit and receive links and to provide standard reference for calibrating
earth terminals.

d. Beacon, Telemetry and Command Functions – Provide transmission of signals at
11 GHz using earth coverage beam to allow the earth terminals to locate and to track
the spacecraft. Provide transmission of telemetry information in the 4 GHz frequency
band using toroidal beams for spin stabilized spacecraft during transfer and drift
orbits and via directional beams after the spacecraft has been stabilized in a
synchronous orbit. Provide reception of commans signals from earth in the 6 GHz
frequency band using redundant cardioid beams to insure the reception of signals for
nearly all altitudes of the spacecraft.

The coverage requirements for the communications antennas are illustrated by Figure 1.
The telemetry and command coverages are depicted in Figure 2.

FIGURE 1
COMMUNICATIONS ANTENNAS COVERAGE REQUIREMENTS



FIGURE 2  TELEMETRY AND COMMAND ANTENNAS
COVERAGE REQUIREMENTS

SUBSYSTEM DESIGN

The overall Antenna Subsystem design approach was to arrange the individual
antenna components within the spacecraft constraints while allowing clear fields of view
for each individual antenna and a minimum of interaction between the antennas. A design
study was conducted to determine the overall configuration, and the resultant arrangement
is shown in Figure 3.

The four off-set fed reflector antennas are mounted on four sides of a structural
support or tower. Except for East Spot Beam antenna, each reflector is mounted on a hinge
mechanism to allow the reflectors to be stowed for launch. The medium gain Earth
coverage antennas are located near the top of the tower while the broadbeam Telemetry
and Command antennas are positioned at the very top of the tower, where they have
unobstructed view of the earth.



Figure 3
INTELSAT V Antenna Subsystem

Arrangement

The Antenna subsystem includes 15 waveguide runs to connect the antennas (or
feeds) to the antenna/transponder interface at the base of the tower. The C-Band
waveguides are made of Graphite Fiber Reinforced Plastic (GFRP) for weight saving while
the K-Band waveguides utilize thin-wall aluminum construction.

Following are the design descriptions of individual antennas.

Hemi/Zone Antennas

The Hemi/Zone transmit and receive antennas, shown schematically in Figure 4, are
made up of large offset reflectors illuminated by multi-element feeds. The feed array
elements are connected to power division and phasing networks in order to provide a
proper feed element excitation for forming two Hemi and two Zone beams. As seen from
Figure 4, each Zone beam network incorporates a coaxial switch to select different groups
of feed elements and thus form two different shape Zone beams one beam shape for
Atlantic and Pacific Ocean coverage and the second beam shape for the Indian Ocean
coverage. The Zone beam selection is accomplished upon a command from the ground.



The 96-inch transmit antenna and the 61-inch receive antenna reflectors employ thin
(1/4 inch) Kevlar honeycomb sandwich with Kevlar/Graphite skins on both sides. The
graphite forms the layer of the skin and is included in the design to provide electrical
conductivity. Structural support of this thin “shell” is provided by an “egg crate” structure
fabricated of 1/4 inch Kevlar honeycomb core with Kevlar face skins and caps. The back-
up structure is shaped to closely fit the reflector back surface and is secondarily bonded to
the reflector shell.

Each feed array consists of 88 elements although 9 of the elements do not contribute
to the four coverage beams. The feed array elements are square waveguide horns utilizing
several steps between the polarizer section and the radiating aperture. Septum polarizer is
used to convert a linearly polarized wave from the two input ports into circularly polarized
waves. Each element is excited with a magnetic loop coupler attached to a coaxial
connector.

The power division/phasing networks are designed as air supported transmission line
utilizing printed circuit center conductors and honeycomb sandwich ground planes.
Multiple layer boards are used to package the Hemi and Zone networks within the feed
array envelope. A prototype model transmit Hemi/Zone antenna feed array is shown in
Figure 5.

 Figure 5
Prototype Model Hemi/Zone Transmit Antenna

Feed Array



Spot Beam Antennas

The East and the West Spot Beam antennas are offset reflectors fed by conical
corrugated horns. Each reflector is mounted on a two-axis gimbal to achieve beam
scanning in two orthogonal planes. Linear actuators are used to position the beams upon
command from the ground. The Spot Beam antenna arrangement is shown in Figure 6
which is typical for both antennas.

Figure 6
Spot Beam Antenna Arrangement (Typical for both Antennas)

Both antennas are linearly polarized with polarization orientation configured to
produce orthogonal polarization between East and West antennas at the transmit band
(11 GHz) and at the receive band (14 GHz). The polarization orientation provides isolation
between the two coverage zones. Nearly identical beamwidths at the transmit and at the
receive frequency bands is achieved by controlling the reflector illumination. At the
transmit band, each antenna feed is designed to illuminate the reflector with approximately
-12dB edge taper while at the receive frequency band the edge taper is about -25dB.

The elliptical (3.2E x 1.8E) East Spot beam is obtained with a circular reflector by
shaping the reflector to produce phase error in the horizontal plane.1 The antenna is
mounted on the tower in such a way that the minor axis of the elliptical beam is oriented



22.9 degrees clockwise from true North in order to match the earth curvature when the
beam is pointed at the earth’s edge.

Earth Coverage Antennas

The 4 GHz Transmit and the 6 GHz Receive Earth Coverage antennas are circularly
polarized multimode horns.2 The 4 GHz antenna beamwidth (~18E) is optimized to
illuminate the earth when the spacecraft is pointed at its center. The transmit antenna is
mounted on a single axis gimbal to enable the antenna to be re-pointed towards earth’s
center (up to ±2E in the East-West direction). The receive antenna beamwidth
(±2E circular) is sufficiently broad to provide earth coverage for all spacecraft altitudes and
thus elliminate need for gimballing.

Both antennas consist of five basic components: conical horn, TM11 mode converter,
polarizer, reflection absorber and circular-to-rectangular waveguide transition. The
components are made of several different materials with largest component (i.e., horn)
being made of multiple layers of high modulus graphite epoxy, oriented to produce
dimentionally stable structure. Dimentional stability of Earth Coverage antennas
components over the temperature is especially important in view of low axial ratio
specification (0.4dB maximum over the field of view).

Beacon, Telemetry and Command Antennas

The Beacon antenna is a circularly polarized conical horn operating over relatively
narrow 11 GHz frequency band. Its design is similar to the Earth Coverage
Communications antennas except that the components perform over a narrow frequency
band. The antenna is fixed-mounted on the tower.

The telemetry antennas consist of two directional antennas and a dual-port biconical
horn antenna. The antennas are connected to two redundant telemetry transmitters thru
directional couplers with the auxiliary ports of each coupler being connected to the two
directional antennas.

The telemetry directional antennas are circularly polarized conical horns fed with
coax-to-waveguide transitions. The biconical horn antenna is designed to radiate toroidal
beam pattern from a series of inclined slots placed around a periphery of a circular
waveguide. The bicone dimensions are adjusted to cause 90E differential phase shift
between the fields being radiated from inclined slots thus providing circularly polarized
waves of opposite sense which are launched into the antenna as linearly polarized waves
from two orthogonally placed coax-to-waveguide transitions and are then converted into
clockwise and counter-clockwise spinning waves by a polarizer section.



The two command antennas also consist of circular waveguide sections having the
radiating slots placed around their periphery. The two antennas, along with their pattern
shaping cone, provide a cardioid pattern coverage with predominatly left-hand polarization
along the antenna longitudinal axis. Each antenna is excited from a coax-to-waveguide
transition, and a polarizer is used to convert the linearly polarized wave to a circularly
polarized wave by a three iris polarizer. The two command antennas and the telemetry
biconical antenna are constructed as a single structure.

PERFORMANCE SUMMARY

The performance of the INTELSAT V antennas has been optimized analytically and
experimentally by first developing individual components and then by verifying the entire
subsystem on a Breadboard Antenna Module. The key performance results are
summarized in paragraphs below.

Hemi/Zone Antennas

Extensive computer modeling work was used to arrive at the desired Hemi/Zone
antenna design. Number of feed array elements and their amplitude and phase excitation
coefficients were varied, and the antenna performance was computed in order to study the
effect on pattern coverage, gain, sidelobes and gain slopes. The analytically optimized
design was then tested to verify the antenna performance using a Breadboard Model
antenna. The antenna feed array incorporated a capability for modifying the computer
predicted feed excitation coefficients to account for such factors as scattering and mutual
coupling effects which cannot be easily modeled on a computer.

A typical measured Hemi transmit beam contour, covering the West half of the earth,
is shown in Figure 7. The earth stations in the West coverage region as well as the stations
in the adjacent (East) coverage region are indicated by crosses. The rectangular boxes
around the stations near the edge of each coverage zone represent the spacecraft pointing
error. As seen from the figure, the West Hemi stations are within -3dB contour of the
shaped beam while the sidelobes in the East Hemi coverage region are at least 30dB below
the West Hemi beam peak.

Spot Beam Antennas

The Prototype Model East Spot antenna patterns are shown in Figure 8. Both the
major axis and the minor axis of the elliptical beam can be seen from the figure. In
addition, the crosspolarized response in the major plane of the beam axis is superimposed
on the plot. Peak gain for this antenna was measured to be 37.5dBi while the minimum
gain over the 3.8E x 1.8E specified coverage region is 33.7dBi at the feed input port. As 



Figure 7
Measured West Hemi Transmit Beam Contour

Breadboard Model Antenna (f=3888 MHz)

Figure 8
Measured East Spot Beam Antenna Pattern

Prototype Model Antenna (f=ll GHz)



seen from Figure 8, the East Spot antenna beam shape in the broad plane is somewhat
triangular in shape as a consequence of the phase error deliberately introduced to broaden
the beam in this plane.

Earth Coverage Antennas

A typical measured pattern of the Transmit Earth Coverage antenna is shown in
Figure 9. The pattern was recorded using a linearly polarized source antenna spinning
about the boresight axis. As seen from the figure, the antenna exhibits extremely low axial
ratio within the specified coverage region (±9). The on-axis gain for this antenna was
measured to be 20dBi, and the gain over the specified 18E field-of-view is 17.3dBi
minimum across the frequency band.

Figure 9  Measured Transmit Earth Coverage Antenna Pattern
(Prototype Model Antenna) f=4073 MHz

Interaction Effects

As seen from Figure 3, the Antenna Module contains many antennas in close
proximity to each other. The initial locations of individual antennas were established using
minimum blockage rule and only minor adjustments were needed during the Breadboard
Model test phase.

The most significant interaction between communications antennas was found
between the 4 GHz Hemi/Zone antenna and the Spot Beam antennas. The Hemi/Zone
Transmit antenna feed array, having a broad primary (illumination) pattern, was found to
have sufficient spillover energy to illuminate the Spot Beam reflectors thus causing
degradation of Hemi/Zone antenna sidelobes. The problem was solved by installing



triangular shape metallic screens on the corners of the support tower between the feed
array and the Spot Beam reflectors.

Interaction between upper tower antennas was found to be minimal. Full scale mock-
ups were used to perform the measurements, and only minor adjustments in the initially
established locations were needed to meet the performance of each upper tower antenna.

CONCLUSIONS

A multi-function Antenna Subsystem for the INTELSAT V Communications Satellite
has been designed. The subsystem performance has been substantially verified on
individual antenna components and on a Breadboard Model Antenna Module. The
measured results indicate that the major performance goals will be met.
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SYMBOL MATCHING BASED FACSIMILE DATA COMPRESSION*
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ABSTRACT

Presented here is an efficient facsimile data coding scheme (CSM) which combines an
extended run-length coding technique with a symbol recognition technique. The CSM
scheme first partitions the data into run-length regions and symbol regions. The run-length
regions are then coded by a modified Interline Coding technique, while the data within the
symbol region is further subpartitioned into regions defined as symbols. A prototype
symbol library is maintained, and as each new symbol is encountered, it is compared with
each element of the library. These comparisons produce a signature for the new symbol. A
tolerance threshold is used to evaluate the “goodness” of the comparison. If the tolerance
threshold indicates a matching symbol, then only the location and the library address need
be transmitted. otherwise the new symbol is both transmitted and placed in the library. For
finite sized libraries a scoring system determines which elements of the library are to be
replaced by new prototypes. Simulation results are demonstrated for both CCITT and
Xerox standard documents. In all cases the CSM compression ratio exceeds the best
published run-length technique by a factor of at least two, for pages that are predominately
test. For non-test predominate pages, the CSM scheme is at least as good as the best
published run-length technique.

INTRODUCTION

During the past twenty years there has been considerable effort toward the development of
efficient coding techniques for the transmission of binary valued facsimile imagery.1,2 One
large class of systems is based upon the run-length coding concept in which the length of
black and white segments are coded along each scan line. This concept has been extended
to the second dimension where the correlation between scan lines is exploited.3-7 A second
class of systems utilizes the skipping white concept based on the fact that the amount of
black is usually a very small fraction of the image.8 The principal advantage of these two
classes is their adaptability to a wide variety of data sources such as alphanumeric
characters, handwritten script, line drawings, etc. The limitation of these systems,



however, is that only a limited amount of compression can be achieved. There is a third
class of systems which involves character recognition techniques. Significantly larger
compression can be achieved by this system. However, the application of such a system is
very limited since the class of images it can deal with is restricted to typewritten and/or
printed matter with a small number of fonts and formats which the transmitter and the
receiver agree upon beforehand. A block character coding system which incorporates the
advantages of run-length and character recognition has been proposed.10 However this
system has never been tested by simulation or other means. The drawback of this system is
that the compression ratio is expected to be less than that of a run-length coder for those
images where little or no matching can be conducted.

Combined Symbol Matching (CSM) utilizes the best features of an extended coding
technique and a symbol recognition technique. The scheme switches between run-length
mode and symbol matching mode by partitioning the data into run-length regions and
symbol regions. The run-length regions are coded by a modified interline coding technique,
while the symbol within the symbol regions is blocked and processed by a symbol
matching technique. Simulation results of 96 lpi and 200 lpi images indicated that the
compression ratios exceed the best published run length technique by a factor of at least
two for predominately text pages. For non-text predominate pages, the CSM scheme is at
least as good as the best published run-length coding technique. The CSM scheme has
been implemented using Compression Labs, Inc. developed hardware for input images of
96 lpi resolution. In all instances the compression results agree with that of the computer
simulation.

COMBINED SYMBOL MATCHING SYSTEM

The combined symbol matching system is a dual mode encoding system which features the
advantages of extended run-length encoding and symbol recognition systems. Figure 1
illustrates the block diagram of such an encoding system. In operation, n scan lines of
binary image data are stored in a rotary buffer (physically 1/2" of the scanned pages). The
data then feeds into the text locater to determine if a text line can be defined based upon
the structure of data. If the text locater determines that no test line can be defined, then a
fixed number of lines of data in the buffer are coded by an extended run-length coding
scheme—a modified Interline Coder. On the other hand if the text locater determine that a
text line can be defined, a block symbol coding scheme is employed to block the symbols.
A rectangular block is sequentially placed around each symbol of the text line. The first
blocked symbol is automatically put into the prototype library, and as each new blocked
symbol is encountered, it is compared with each element of the library. If the comparison
indicates similarity then the library identification (ID) code along with the location
coordinates are transmitted. If the comparison does not indicate a similarity, then the new
symbol is both transmitted and placed in the library. A scoring system is employed to tract



the usefulness of each library element. This process continues until a specific library size is
achieved. Thereafter, as each unmatched new prototype is placed in the library, the least
useful library element is eliminated. At the receiver, the same size library and the same
scoring system are utilized to maintain synchronization with the transmitter.

Figure 1.  Combined Symbol Matching Coding/Decoding System

a)  Determination of Text Line

In the implemented CSM system, the stored n scan-lines of binary data first undergo the
text line determination process. The stored data is divided into k equivalent segments, and
the projection of black pixels along the scan line of each segment is computed. Let h1 (m),
h2 (m) --- hk (m) be the k projections, where m is the line number in the rotary buffer. Then
it can easily be seen that if the ith segment contains text

(1)



where T1 = minimum number of scan lines that will span one text symbol

T2 = maximum number of scan lines that one symbol will span

and non-text otherwise. Suppose that k', k' # k, is the number text segments determined
from the above process; then a text line can be defined if

ck' - (1-c) (k-k') $ o 2(a)

and non-text line if

ck' - (1-c) (k-k') < 0 2(b)

where c is a constant (o <c <1)

The purpose of dividing the stored data into k segments is to determine if symbol matching
can be used for the regions where characters and noncharacters are mixed together
(Figure 2). It also serves the purpose of determining the text line for those pages with a
minor degree of misplacement. Figure 3 illustrates the skewing effect caused by a minor
misplacement of a page. A test line is determined even if some of the segments are voted
as non-text segments. Of course a few overhead bits are needed to to code the location of
the top of the text line once the line is defined.

Figure 2.  Determination of Text Line with Mixture of Text and Non-Text Regions

b)  Symbol Blocking

The block technique used here emphasizes sequential blocking as opposed to the random
blocking demonstrated in reference 10. This not only minimizes the code bits for
horizontal addresses but also provides fast enough timing for real time implementation.
The basic blocking process is a line casting process as illustrated in Figure 4. The data
within the top and the bottom of the next line is scanned vertically from left to right until a
black pixel is detected. This initially detected pixel defines the left boundary of the
blocked symbol. The scanning process continues to the right until a white vertical line is 



Figure 3.  Determination of Text Line with Skew Effect

Figure 4.  Symbol Blocking Example

detected which defines the right boundary of the blocked symbol. Next the data contained
in the left and the right boundaries of the test line is scanned horizontally from top to
bottom until a black pixel is detected. This defines the top boundary of the blocked
symbol. The process continues from bottom up until a black pixel is detected which
defines the bottom boundary of the blocked character.



The address of the blocked character can now be described horizontally by the pixel
differences, x, between two adjacent blocks and vertically by the pixel differences, y,
between the top of the text line and the blocked character. This address is coded using a
Huffman code table. Next the blocked character can be described by its width ()x) and
height ()y). These properties are later used in the symbol matching process and are coded
only in the instance of a new prototype.

c)  Symbol Coding

After a symbol has been blocked, the decision function is applied to each prototype
element of the library. If a match is indicated only the matching library ID is coded.
Otherwise the blocked symbol is coded with a folded run length coding scheme along with
the symbol height ()y) in addition to being placed in the library as a new prototype
element. The symbol width ()x) is not necessary since an end of data code is used in the
run lengthing of the prototype. The use of the end of data code not only saves a portion of
the bits over the symbol width code but also eliminates the last run length of the prototype.
Figure 5 shows a typical example of bit allocations. Huffman codes are used for the run
length coding as well as the )y. The library ID is coded numerically with log2 L bits where
L is the number of elements in the library. While the usage of library elements is not a
uniform process, the process is of such a structure and is dynamic to the point that
employing Huffman codes provides little savings.

Figure 5.  Transmission of Blocked Symbols



The run length coder used to code the data on the prototype blocks is simply a one
dimensional folded run length coder with runs running along the vertical direction. The
folded run length coder generally provides a small percentage improvement over the non-
folded coder, while the run length along the vertical direction provides another degree of
improvement over the horizontal direction. It is worthwhile to point out that little
improvement can be achieved by using any extended run length coding techniques (e.g.
RAC EDIC, ILC, etc.) to code the prototype blocks. This is due to the fact that more code
bits are necessary to code the short interlines than are required with straight run length
code even though there are correlations among interlines.

d)  Prototype Library and Scoring System

The number of prototypes needed in the library is dependent upon the contents of the
images. For a very dense page, such as the CCITT #4 document, a library of 256 elements
or more is generally needed. For a typical business letter such as the CCITT #1, a library
size of 128 is more than sufficient. The up grade of library size to a larger size generally
improves the compression factor slightly since no library elements need be reinstated once
they are bumped out by the scoring system. The reinstatement of library elements requires
additional prototypes to be transmitted which generally takes more bits than those
additional bits needed to code the up grade library ID. However, the expensive memory
required for real time implementation practically limits one from using a large size library.

The scoring system provides a mean of bumping out the least used prototypes once the
library is full. Many factors (e.g., size of blocked symbols, number of different fonts, size
of prototype library etc.) are involved in determining a good scoring system which needs a
thorough statistical analysis and mathematical modeling. Substantial effort has been
devoted to derive a good scoring system. However, no significant result has been
accomplished. In the current CSM system a simple minded scoring system is used,
whereby the oldest, least used prototypes are eliminated. Every prototype element is pre-
assigned an initial score. As a new blocked sysmbol is encountered the score of those non-
matched elements is decreased by one and the matched element is increased 100. If no
match occurs the library element with the lowest score is then replaced by the new
prototype.

e)  Symbol Matching

The idea of symbol matching is probably the ultimate solution to a high degree of image
data compression. Since more than 80% of the FAX traffic today involves typewritten and
printed matter, an efficient matching scheme for the blocked symbols is of great
importance. It should be understood that symbol matching has a different goal than symbol
recognition. The goal of a symbol matching scheme is to identify symbols that are alike



enough so that if one is used to replace another no error will result in the received copy.
On the other hand, the goal of symbol recognition is to recognize symbols belonging to the
same class, no matter how different they may be.

The natural way to achieve this “matching” goal is to perform a point-by-point comparison
of two symbols, and to count the number of points which are different. If enough points are
similar the symbols are the same for purposes of printed reproduction. If enough points are
different, the symbols are different, from the reproduction point of view, even though they
may belong to the same class.

Since the scanning and digitization process may result in identical symbols being
differently oriented within a block, many unnecessary mismatches would occur if a simple
point-by-point comparison were used. CLI has derived an adaptive matcher which takes
care of this problem and allows for the orientation variations.

f)  Extended Run Length Coding

The run length coding scheme used to code the non-text line data in the rotary buffer is a
modified interline code. Several excellent coding schemes such as Predictive Coding1,
Relative Address Coding4 ordering Techniques5, Interline Coding6, and Edge Differencing
Coding7 are available in the literature. Among them Interline Coding (ILC) generally
provides the highest compression ratio. In the ILC scheme the odd numbered scan lines are
coded by regular run length coding (RLC) where the black and white runs are treated
separately due to the difference in statistics of black and white runs. The even numbered
scan lines are separated into two regions depending on whether or not the color of the
pixels immediately above and below are different. The pixels in the first regions are coded
one after another by RLC. The positions of those pixels whose colors are different from
pixels in the second regions are also encoded by RLC. The idea of reconstructing an even
line by its two immediate odd lines is modified in the Combined Symbol Matcher to
improve the coding efficiency. Since correlations among interlines often exist over more
than three lines (even with 96 lpi images), the modification is made to estimate a variable
number of lines by their two adjacent lines. The total number of lines involved ranges from
1 to n where n is dependent upon image resolution. Generally for the 96 1pi resolution
images, the optimum number of n is 4 while for 200 1pi images the number of n is 7.

g)  Huffman Code Generation

As described earlier separate Huffman Code tables are used for coding the various
elements of the data. The codes are adoptively generated without overhead by the
following technique. Both transmitter and receiver begin initially with a nominal set of
Huffman Code tables and during the process of using these codes, both the transmitter and



receiver keep new statistical information. At the point in time when a sufficient amount of
statistics has been gathered for any one table, both transmitter and receiver generate new
codes and reinitialize the statistics for that table.

EXPERIMENTAL RESULTS

A series of computer simulations has been conducted to evaluate the performance of the
algorithm presented. The original test images used to evaluate the algorithm ranges from
the CCITT documents (200 lpi resolution) to the Xerox standards (100 and 200 lpi). In all
cases the simulation results indicate that the compression ratio exceed the best published
run length technique by a factor of two for predominately text pages. For non-text
predominate pages, the result is as good as the best published run length coding technique.
Figures 6a and 7a show the original CCITT standards of #1 and #4. Compression ratios
48.9 and 20.3 were achieved for these standards and the results are shown in Figure 6b
and 7b. Figures 8a and 9a illustrate the original Xerox standards with 100 lpi resolution.
The compressed results are illustrated in Figure 8b and 9b with compression ratio of 14.95
and 4.48 respectively. It is worthwhile to mention that the compression ratios for the
Xerox documents could have been much better if the originals were clearer copies. The
broken characters on the upper right hand area suggests that the original documents used
for digitization must be several generation copies.

CONCLUSION

An efficient facsimile compression algorithm which combines an extended run length
coding scheme and symbol recognition scheme has been presented. The algorithm uses a
modified interline codes to code the non-test segment and uses a sequencing symbol
blocking method to block the test data for matching. The blocking method presented is
applicable only if a test line can be defined. This is equivalent to say the orientation of the
page has to be in “portrait” mode. Furthermore the algorithm is not optimal since the
processor selects either run length or symbol matching on the entire 8½" page direction
basis depending on the outcome of the voting strategy. A more efficient algorithm which
mixes the run length regions as well as symbol match regions along the 8½" page direction
has been derived and test is currently underway at CLI to evaluate the algorithm. This
algorithm can handle not only the “portrait” mode and “lanscape” mode as well.

It is worth to note that the algorithm processed is not an entropy preserving scheme. The
symbol matching process itself allows for signature threshold difference in declaring a
match as there is hardly ever a totally exact signature match even in obviously matchable
symbols. This is due to various factors such as scan density and original page quality.



(a)  Original (b)  48.9:1 Compression
Figure 6.  Combined Symbol Matching Experimental Result (200 ipi)

(a)  Original (b)  20.3:1 Compression
Figure 7.  Combined Symbol Marching Experimental Result (200 lpi)



(a)  Original (b)  14.95:1 Compression
Figure 8.  Combined Symbol Matching Experimental Result (100 lpi)

(a)  Original (b)  4.48:1 Compression
Figure 9.  Combined Symbol Matching Experimental Result (100 lpi)



ACKNOWLEDGMENT

The authors wish to express their sincere gratitude to Ms. Vickey Gonthier for her patience
and skill in typing this paper.

REFERENCES

1. R. B. Arps, “Bibliography on Digital Graphic Image compression and Quality,” IEEE
Transactions on Information Theory, Vol. IT-20, January 1974, pp. 120-122.

2. T. Huang, “Coding of Two-Tone Images,” IEEE Transactions on Communications,
Vol. COM-25, No. 11, November 1977, pp. 1406-1424.

3. H. Kobayashi and L. R. Bahl, “Image Data Compression by Prediction Coding,” IBM
TJ, March 1974, pp. 164-179.

4. Y. Yamazaki, Y. Wakahera, and H. Teramuda, “High Speed Digital Facsimile
Equipment Quick-Fax,” IG 76-4. Institute of Electronic and Communications
Engineering. Japan, April 1976.

5. A. N. Netravali, F. W. Mounts, and E. G. Bowen, “Ordering Techniques for Coding
of Two-Tone Facsimile Pictures,” BS Ti, December 1976, pp. 1539-1976.

6. Y. Yamazaki, Y. Wakahara, H. Teramura, “Interline Coding of Digital Facsimile
Signals,” Picture Coding Symposium, Tokyo, Japan, August 1977, pp. 37-38.

7. T. Yamada, “Edge Difference Coding Scheme for Facsimile Signals,” Picture Coding
Symposium, Tokyo, Japan, August 1977, pp. 39-40.

8. T. S. Huang and A. B. S. Hussian, “Facsimile Coding by Skipping White,” IEEE
Transaction on Communications, Vol., COM-23, No. 12, December, 1975, pp. 1452-
1466.

9. R. N. Asher, and G. Nagy, “A Mean for Achieving a High Degree of Compaction on
Scan-Digitized Printed Text,” IEE Transactions on Computers, Vol. C-23, No. 11,
November 1974, pp. 1174-1179.

10. W. K. Pratt, W. H. Chen and C. Reader, “Block Character Coding,” Proceeding of
SPIE, August 1976.

11. C. L. Weber, “Elements of Detection and Signal Design,” McGraw-Hill, Inc., 1968.



IMAGE QUALITY CONSIDERATIONS OF COMPRESSED VIDEO
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ABSTRACT

Most work to date on image data compression has been based on single static images and
the use of mean square error (MSE) as an objective quality criterion. However, many
current requirements for video bandwidth compression, such as Remotely Piloted Vehicle
and “smart” ordnance video links, include dynamic (moving) scenery and severe channel
noise. The image degradation effects of the bandwidth compression technique will then fall
into three categories: Degradation of a static image; effects due to any frame segmenting
and partial frame transmission used; and the impact of uncorrected channel errors. In this
environment, the more powerful, but also more complex techniques, i.e., the various
transform techniques, may provide less acceptable imagery than simple techniques (such
as DPCM or Lockheed’s CAQ algorithm) since their complexity may require frame
slicing, i.e., the compression and transmission of only a segment of a frame during each
frame period. Also, the one-dimensional techniques often prove more effective than two-
dimensional techniques because the vertical redundancy they retain can be used to
eliminate uncorrected errors. The MSE criterion for image quality, known to be crude and
often misleading in static images, is totally inadequate to quantify the impact of scene
dynamics and uncorrected channel errors.

INTRODUCTION

Most of the work performed to date in the area of image data compression has been based
on the encoding of single images. Even when the application has involved dynamic
imagery, such as occurs with the Picturephone, the main effort to develop high efficiency
bandwidth compression techniques has dealt with individual frames. These studies have
generally tended to ignore the question of the interaction of transmission channel errors
with the particular data compression algorithm or to merely note the effect of such errors
when the error rate is quite low, i.e., just a few errors per frame. The desire for an
analytical quantification of the degradative effects of image data compression techniques
as a function of compression efficiency or bits per pixel has led to the general use of mean



square error (MSE) as a rate distortion measure and quality criterion. This criterion allows
a relatively simple mathematical analysis of image degradation if simple statistical models
of the image are assumed, e.g., a first-order Gaussian distributed Markov process.
However, these models tend to ignore the question of what is actually of interest in a given
image or video frame. For example, in many imagery applications the information content
is binary in the sense that it is the presence or absence of specific objects, or the set of
edges and areas defining those objects, that are of most interest. In this case, it is precisely
in those places at which the image signal deviates from simple statistical behavior that
information is contained.

The MSE criterion has other well known limitations that can lead to erroneous conclusions
about the effectiveness of particular compression algorithms. Thus, a small shift in the
average signal level of an image or a rescaling of gray levels will produce very large MSE
and, yet, for video imagery these functions have little relevance since the receiver has
brightness and contrast controls that reestablish the desired levels. Also, some
compression algorithms based on local operators, such as differential-pulse-code-
modulation (DPCM) and its adaptive variants including the constant-area-quantization
(CAQ) technique described below, tend to lag in their response to sharp signal changes
and edges. This gives a large contribution to the MSE but actually only shifts objects by a
few pixels in the scan direction and most of the contribution to MSE is localized at edges
where errors are least noticeable due to masking effects (1).

Recently, the development of remotely piloted vehicles (RPV’s) and various types of
“smart” ordnance that use a video sensor to provide a remote operator with navigation and
target data has created a requirement for high efficiency video signal compression
techniques that are effective under conditions of rapid scene change and high
communication channel error rates due to jamming. The interaction of the image
compression algorithm with these effects and the impact of that interaction on operator
performance are of paramount importance. Unfortunately, the MSE criterion has proved to
be of little value for characterizing these interactions and many conclusions derived from
work on static imagery and low channel error rate conditions may not hold.

For example, the use of a two-dimensional image compression technique will give a lower
MSE than the comparable one-dimensional technique since image redundancies in both
dimensions are exploited. However, when high channel error rates prevail, higher quality
imagery may be obtained from the one-dimensional (usual horizontal) approach since the
retained redundancy in the other (vertical) dimension can be used to reduce the effect of
channel errors. In this paper, we will show some examples that illustrate the points made
above for the case of a particular image encoder, an adaptive DPCM technique referred to
as constant-area-quantization and described below.



CONSTANT-AREA-QUANTIZATION (CAQ)

Constant-area-quantization (CAQ)(2) is a one-dimensional image compression technique
based on the property of human vision that the eye sees more detail in high contrast
regions than in low contrast ones. The operation of the algorithm is illustrated in Figure 1.
The bold line in (a) represents the analog video signal which is sampled at a rate indicated
by the tick marks. The smooth curve is replaced by line segments, beginning and ending at
sample points, in such a way that the right triangles with these segments as hypotenuse and
sides parallel to the coordinate axes all have the same area, A/2. The value of the area
threshold A is a parameter chosen at the outset to maximize reconstructed image quality. It
has the units of brightness levels times pixels. At each sample point, the output signal in
(b) is generated. This signal is zero except at the end of a line segment, where it is either
+1 or -1 (P or N) depending on whether the signal increased or decreased during that
interval. In this way, a digital input signal is reduced to three levels. In binary terms, three
levels correspond to 1.58 (= log 3/log 2)-bits, and this value can be approached arbitrarily
closely by coding a number of picture elements together. (For example, the 243 possible
values for five adjacent pixels can be represented by one 8-bit number, giving an average
of 1.6 bits/ pixel.

The original picture can be reconstructed from the three-level signal in two different ways
illustrated in (c) and (d). In the first or “slope” method, the line segments in (a) are
reconstructed from a knowledge of the base and area of the appropriate right triangle. In a
second, or “step” method, only the endpoints of the segments are computed and the
intervening pixels are filled with constant values. Although the slope method follows the
signal form more accurately and provides a lower mean square error, the step method is
found in practice to provide equivalent quality imagery and actually performs some edge
sharpening. The step method is also easier to implement since it does not have to compute
values of previous pixels when an N or P is decoded.

Experience with a large number of images indicates that the three output signals are not
equally probable and considerable additional bandwidth compression can be achieved by
Huffman encoding of the data. Typically, compression efficiencies of one bit per pixel are
obtained. The comma-free Huffman encoder assigns from one to six bits to each of the
nine possible code pairs with the most probable pair (0-0) being assigned the shortest
code. This encoding has a further advantage. If a channel error occurs in a line of the
image, the decoder will almost always reproduce the wrong number of pixels in the line so
that a simple pixel counter can act as an effective error detector. Since the vertical
redundancy of the image is retained, the error can be eliminated by replacing the line with
an adjacent one as shown below.



EXAMPLES OF ERROR EFFECTS

Unfortunately, in this paper it is not possible to demonstrate the interactions of channel and
encoding errors with the dynamics of a video image since only static images can be shown.
Because of the short display time of video images, errors of small spatial extent (a few
pixels) are not visible while large area errors are particularly distracting since the eye does
not have time to move from the obviously erroneous image areas to valid areas. Errors in
the form of long streaks, such as occur with one-dimensional techniques, are considerably
less distracting than large block errors, since the eye tends to interpolate the correlated
image information across the streaks if they are not too numerous. Error effects on static
images will now be discussed.

To show the limitations of using MSE as an image quality criterion, the eight-bit 512X512
image of Figure 2a was encoded and compressed by the CAQ technique described above,
using two different thresholds chosen to give approximately the same MSE. The results are
shown in Figures 2b and 2c. This particular image has very high contrast and is very active
with relative short correlation length. It thus represents a very challenging example for any
data compression technique.

The errors in Figure 2b with the low threshold are due primarily to the slow response at
edges. These errors tend to shift the image slightly to the right and to smear fine detail at
the edge. However, as mentioned above, very fine detail near edges is usually masked by
the presence of the edge and would usually not be very visible. Thus, these two error
effects are not too significant and the visual image quality looks quite good. The high
threshold in Figure 2c, however, causes the CAQ algorithm to ignore considerably more
image detail and to make abrupt, noticeable transitions so that the image quality appears to
be fairly low and much small-scale low-contrast image information is lost. If Huffman
coding were used on Figures 2b and 2c after CAQ encoding, the image entropies would be
1.3 and 0.7 bits per pixel, respectively.

The value of retaining the image redundancy in one dimension to aid in channel error
correction when such errors result in streaks is shown in Figure 3. Figure 3a is compressed
and re-expanded using the CAQ technique and Huffman encoding to achieve 1.06 bits per
pixel. A bit error rate of 10-4 has been added to the encoded data before reconstruction. In
Figure 3b, errors that result in an erroneous pixel count in a line (due to a change in
Huffman code) are detected and each such line is replaced with the previous line.

Since most channel errors result in a sharp change in signal level for the line in which they
occur, another effective method to eliminate their appearance is to use a three-line median
filter in which each pixel is replaced by the median of its reconstructed value and the value
of the two pixels right above and below it. In most cases, this filter doesn’t change the



value of a valid pixel, but will replace an erroneous pixel with an adjacent valid one.
However, the median filter will not correct errors occurring in two adjacent lines and it
will suppress isolated one-pixel peaks in the image data resulting in some loss of image
sharpness. The error correction capability of a median filter when vertical image
redundancy is retained is shown in Figure 3c.

It should be noted that the two channel error correction techniques just described are quite
simplistic and more sophisticated approaches based on a direct measure of the vertical
image correlation around each pixel would provide an even more effective error correction
capability.

Another example of the effect of encoding parameter on MSE, this time using an image
with greater correlation length, is shown in Figure 4. The MSE’s of the two encoded
images are quite different but it is almost impossible to find any difference in image
information content. The entropies of the Huffman encoded versions of Figures 4b and 4c
are 1.2 and 0.8 bits per pixel, respectively.

CONCLUSIONS

The development of good high efficiency image data compression techniques is impeded
by the lack of adequate quality criteria that can be adapted to the type and purpose of
imagery being considered. Realistic evaluation and comparison of compression algorithms
still requires painstaking and costly human factors analysis. New applications of image
transmission, such as remotely guided tactical military ordnance, impose added
requirements of compatibility with scene motion and recovery from high channel error
rates on the compression techniques being considered.

The general rule of thumb that the more sophisticated the compression algorithm the better
the reconstructed image quality may not hold in these applications. In particular, one-
dimensional techniques that retain some image redundancy for error correction, and simple
local operators, such as adaptive DPCM and CAQ, that allow real-time video encoding
without requiring partitioning or slicing of frames may-provide a better solution than two-
dimensional and large area transform techniques.

REFERENCES

1.  Limb, John O., “Visual Perception Applied to the Encoding of Pictures,” SPIE
Proceedings, Vol. 87, 1976, pp. 80-87.

2.  Pearson, James J., “A CAQ Bandwidth Reduction System for RPV Video
Transmission,” SPIE Proceedings, Vol. 66, 1975.



FIG. 1  CONSTANT-AREA-QUANTIZATION ENCODING



FIG. 2  CAQ ENCODED IMAGES WITH DIFFERENT THRESHOLDS,
SAME MSE = 7.4%



FIG. 3  CONTEXT DEPENDENT ERROR CORRECTION, BER = 10-4



FIG. 4  EFFECT OF CAQ THRESHOLD ON MSE
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ABSTRACT

This paper presents an image coding algorithm using spline functions that is competitive
with the more conventional orthogonal transform methods at data rates of 1 bit/pixel or
less. Spline coding has the added attraction of an optical implementation arising from the
fact that least squares image approximations also produces least squares approximations to
the image derivatives. A first order spline is used to approximate the proper order
derivative of the image whose order is determined by an analysis presented in the paper.
The image derivative is then encoded and transmitted to the user who reconstructs the
image by a k-1 order integration which can be done optically.

INTRODUCTION

This paper is concerned with the development of the concepts of image degrees of freedom
and entropy from an approximation theoretic viewpoint for application to image coding.
These concepts are used to develop a coding method using spline functions that can be
implemented using optical processing techniques.

Treating the degrees of freedom of an image as approximation problem arises quite
naturally in the context of image coding by transform methods, where an orthogonal
transformation is performed on a sampled image matrix. A bandwidth reduction is obtained
by transmitting only those transform coefficients above a certain threshold whose level is
consistent with the desired error [1].

In this sense, the degrees of freedom of the image at an error of magnitude epsilon, or
more succinctly, the epsilon degrees of freedom in terms of the orthogonal functions used.
DOF (,,N is simply the number of functions in the set {N} required to achieve the desired
error, ,. The overall data rate R(N,,) is the product of the number of bits, NT, required to
adequately represent the coefficients and the number of coefficients, DOF(,,N) and is
given by:



* The placement of the knots, the number of knots, and the number of spline coefficients
are all equivalent. Any one is sufficient to determine the others so that these forms will be used
interchangeably in the sequel.

R(N,,) = NT · DOF(,,N)

Implicit in this is the assumption that the overall coding procedure can be separated into
two parts:  first, obtaining an adequate transform approximation of the image, and second,
the quantization of the transform coefficients. By approaching the coding problem in this
manner it becomes easier to understand one difficulty with the orthogonal transform coding
methods. The large bandwidth reductions reported are due, in part to the compacting-of-
image-energy property of orthogonal transformations. The difficulty in quantization of the
coefficients is the result of the fact that any compacting in the transform domain is at the
expense of an increased dynamic range in the transform coefficients, because of the
conservation of energy inherent to all orthogonal transformations.

This would seem to indicate that a suitable set of transform functions would possess both
good approximating properties, and transform coefficients whose dynamic range is of the
order of that of the original image pixels. This idea could be extended to finding the best
set {N} minimizing R(N,,) i.e.,

minR(N,,) = min(NTDOF(N,,) = R(,) = NTDOF(,)

Again the assumption is made that the quantization and approximation steps can be
separated.

Thus, one method of finding the epsilon-degrees-of-freedom, or the minimum data rate,
would be to find the set of functions which, when used to approximate the image at an
error rate epsilon, would require the fewest number of functions, This is a very difficult
problem so the results in this work will be represented using kth order splines. Splines are
chosen due to their excellent image approximation properties [2], their desirable
computation characteristics and the feasibility of an optical implementation.

Methods (Least Squares Spline Methods)

While the determination at each step of such a best approximating spline is simply a
nonlinear minimization problem over the knot* defining the spline, it is computationally
infeasible. Thus we must follow DeBoor [3] and settle for spline approximations with
good, if not optimal, knot placements. In what follows, an easily implemented knot
placement method will be given that can result in a significant error reduction over the
uniform knot case. The results will be developed using splines, giving the following kth

order spline approximation f^(x,y):



(1)

where Ni,k(·;x) are the normal B-splines of order k (degree k-1) described by DeBoor [4],
and >_ and 0_, are knot vectors in the x and y directions respectively. The spline coefficients,
Sij are obtained by solving the following systems of equations:

(2)

for R=l, 2,.. . N and m=1, 2, . .. N. In matrix notation this becomes

where [ ]T indicates matrix transpose. To simplify notation let

Equation (2) becomes

Since N>Nx and N>Nv , in general, equation (2) cannot be solved exactly. However, the
spline coefficients that minimize the normalized least-squares error ,, given by the
expression:

can be otained by taking [Sij] to the

(3)

The remainder of this subsection is concerned with the possibility of subsectioning the
image and using different knot densities in each of the subsections, and with the



quantization of the spline coefficients. It is reasonable that subsectioning might provide
fruitful results, when one considers an L2 error bound given by Schultz [5] for kth order
splines. Recalling that the error is given by the L2 mpr,. ** · **2 of the difference between
the function and its approximation, this bound is given by

where D̄ = max {mas(>i+1->i), max (0j+1¯0y)}

C = 0(4)

k = even integer

Thus if the image derivative energy is large only over a small region, then using a uniform
knot kth order spline with knot width equalling D̄ as indicated by equation (4) should result
in an overly good approximation of the image in those regions where the image derivative
energy is low. Thus we should be able to obtain reasonable results by employing a
different kth spline with uniformly spaced knots in each subsection if the knot density in
each subsection is proportional to the value of

in that subsection.

After placement of knots and solution for the least-squares coefficients, the spline
coefficients are uniformly quantized on a subsection by subsection basis. A uniform
quantizer was chosen due to lack of a better understanding of the coefficient statistics at
this time. The number of coefficient quantization levels in each subsection was
proportional to the variance of the spline coefficients in that subsection, with the maximum
number of levels chosen for the subsection with the highest pixel variance. The
proportionality constant which determines the number of quantization levels in each
subsection is chosen to achieve the overall desired bit/pixel rate.

Since this is an adaptive quantization algorithm some overhead is necessary. The total
number of bits required for transmission, NT, is related to the total number of overhead
bits, No, as follows and the number of coefficient bits NR as follows:

NT = NR + No.



No can be determined by consideration of the fact that the overhead consists of the bits
required to describe the subsection quantizers, Ng, the maximum possible number of
coefficients per subsection, Nc, and the maximum possible number of bits per coefficient,
Nb, in each subsection. Thus if Ns is the number of subsections the number of overhead
bits is given by

No = Ns(Nq + Nc + Nb).

The number of bits required to describe the coefficients, NR, is simply the sum over all the
subsections of the number of bits required to describe the subsection spline coefficients.

Description of the subsection quantizers requires the maximum and minimum
reconstruction levels. These are quantized to 32 bits each to ensure sufficient accuracy so
that Ng = 2 x 32=64. N is taken arbitrarily to be 64 so that a NxN image will have a
maximum of 32 knots in the x and y directions if N = 256. Since the maximum possible
number of coefficients N = (32)2, 5 bits are sufficient to describe the number of knots, or
equivalently the number of coefficients. The maximum of quantization levels is taken to be
32 so that Nb = 5. These values are summarized in Table 1.

Experimental Results (Least Squares Spline)

To demonstrate the utility of using splines for image coding, an experiment was performed
on the 256x256 pixel image shown in Figure 1. The image was partitioned into 64
subsections and approximated by second order splines. The unquantized spline
approximation to the image is shown in Figure 2. The spline coefficients were then
quantized at a rate of approximately 1 bit/pixel, including the overhead, and then used to
produce the quantized image in Figure 3. The corresponding errors are shown in Table 2.
Note that the quantization step at this bit rate has not introduced an excessive error
increase over the unquantized spline approximation. At 1.01 bit/pixel an error less than
.5% is quite reasonable considering the non-optimal use of a uniform quantizer. A max
quantizer [6] employing the proper statistical properties would most likely produce better
results. Nevertheless, the visual qualities of the quantized reconstruction in Figure 3 are
quite good and demonstrate that splines are a feasible approach to the image coding
problem.

Optical Implementation (Derivative Spline)

The possibility of optically implementing the spline coding algorithms of the previous
section is based on facts that:  a least-squares kth order spline approximation to an image
produces a least-squares approximation to its derivatives up to order k-1, in terms of lower 



* See the Appendix

order splines and the divided differences of the spline coefficients; and that the k-l
derivative of a kth order spline is a first order spline of the form*:

(5)

An understanding of the process involved in obtaining a least-squares 1st order spline
approximation of the k-l derivative of f(x,y), Dk-1f(x,y), can be gained by consideration of
figure (4). This figure shows the domain of definition of a particular subsection of
Dk-1f(x,y), along with the knots defining                         . Since the least-squares

approximation of Dx
k-1 Dy

k-1f(x,y) by a constant in the rectangle [>i, >j+1)x[0j, 0j+1) is obtained
by setting the constant equal to the average value of Dx

k-1Dy
k-1f(x,y) in that rectangle Cij is

given by

(6)

with the estimate being

(7)

f^(x,y) is then obtained by a k-1 fold integration of equation (7) in the x and y direction with
inclusion of the proper initial conditions. Since initial conditions in the higher order
derivatives produce simple monomial changes in density across the face of the image (a
situation which is unlikely to occur in practice) these are assumed to be zero. Thus only
the coefficient matrix C and the image initial conditions need be quantized and transmitted
to the user. The image is reconstructed by using an idealized coherent processor of figure
(5). Here the approximation to Dx

k-1 Dy
k-1f(x,y) is the input. A filter whose transfer



function corresponds to that of a k-1 order integrator in the x and y directions is placed in
the back focal plane of Lens L1. Thus the output in P2 is the kth order spline approximation
to f (x,y) minus the initial conditions. It should be noted that an actual implementation
would involve the use of “leaky” integrators since the transfer function of an ideal
integrator is unrealizable. However it is felt that this would not seriously affect the
performance of the system. The initial condition estimates f^(x,-1) and f^(-1,y) are introduced
with a beam splitter so that the final reconstructed image                           appears in the
output plane of Lens L2.

Heretofore, the analysis has been idealized and simplistic in the sense that negative values
of                              exist and present problems to imaging devices that are intensity

sensitive. This does not present an insurmountable difficulty in the reconstruction process
since two processors can be implemented: one for the positive portions                          

and one for the corresponding negative portions. Since f(x,y) is always greater than zero
the initial conditions need to include only in the processor for the positive portion.
Labeling the appropriate portions,

each can be obtained with a dual processor that includes a substraction step as shown
schematically in figure (6). The subtraction step can be implemented either optically or
electronically before a final image display step.

The difficulties with negative values of                         are not so much with the

 reconstruction step, since a coherent processor can handle negative as well as positive
values, but with the determination of                           itself.                                can be

obtained optically but detecting its negative values with an intensity sensitive detector
requires holographic recording techniques. This represents an unnecessary complication if
this can be avoided by some other optical or hybrid processing technique. One such
technique would involve imaging f(x,y) with an NxN CCD camera whose output was the
kth order divided difference of the pixel matrix F, Lk-1F[Lk-1]T. Here



and F = [f(xi,yj)].

Lk-1F[Lk-1]T is then averaged down to produce C by a microprocessor or a hard-wired
algorithm. This is shown diagramatically in figure (7). The quantizer is shown incorporated
in the averaging processor so that its output is the quantized version of C, Cq. The
averaging rate is determined by the derivative energy processor. The rate information can
be obtained either arithmetically from Lk-1F[Lk-1]T or optically from f(x,y) - hence the two
inputs shown. The output is the dimension of the Cq matrix or an equivalent quantity. C is
shown as the output of the quantizer, where it is then split into two parts Cq

+ and Cq
- where

Cq
+ and Cq

-  are given by

Thus, Cq
+ and Cq

- are matrices consisting of non-negative elements such that

Cq = Cq
+ - Cq

-.

Since Cq
+ and Cq

- are sufficient for the user to generate                         ,                      

and                           these are transmitted to the user. Also transmitted are the quantized 

versions of the initial conditions fq(xi, -1) + fq  (-1,yj).

Experimental Results (Derivative Spline)

Tb demonstrate the feasibility of the hybrid spline encoding system a simulation was
performed, and these results were compared with those of the least squares spline at a data
rate of approximately 2 bits/pixel. The optically generated spline results are shown in
figures 8 and 9. Figure 8 shows the unquantized results. A little blocking is evident, but
otherwise the reconstruction possesses good detail, and is a generally faithful reproduction
of the original. Figure 9 shows the results when the derivative spline coefficients are
quantized at a rate of 2.04 bits/pixel including overhead. Here the detail in the mother and
child has remained quite good with most of the features easily recognized. The background



has been degraded and the blocking is more evident. The increased blocking is due to the
suboptimal quantization of the initial conditions, to which the overall performance is quite
sensitive. Nevertheless, the performance of this initial system compares favorably with the
least squares spline results at 2 bits/pixel as shown in Table 3 and figure 10. As can be
seen the error in the optical spline is elevated for both the unquantized and quantized
versions. These come about due to the nature of the simulation. The results concerning the
derivative properties of spline approximations as outlined in the appendix are true for the
continuous model and not necessarily for the discrete case used in the simulation. Thus the
actual optically implemented system might display a slightly improved performance. It is
also expected that the use of proper statistics in generating a Max quantizer would greatly
improve the performance.

Conclusions

It would seem that spline functions are quite attractive for image coding purposes from
both a performance and an implementation viewpoint. Concerning performance, an error of
less than .5% at a rate of approximately 1 bit/pixel is certainly competitive with the
orthogonal tranform techniques. An optical implementation has been proposed and
simulated that is both feasible to implement, and would provide a real time
implementation. This optical implementation is a hybrid process since it combines a
coherent optical processor for image construction, with a combination digital-noncoherent
processor in the encoder.

It should be noted that the errors and corresponding data rate were achieved with a
nonoptimal quantizer and further work is necessary in this area. Further study and
simulations are necessary and in progress to achieve a better understanding of the optical
implementation. It is felt that these efforts should provide fruitful results.

Appendix

In this appendix, the properties of the derivatives of a kth order spline approximation to an
image f(x,y) are investigated. It will be shown that such an approximation also provides a
least-squares approximation in terms of the proper lower order splines. In other words, if

(A-1)



is a least squares approximation to f(x,y) on [-1#x,y#1].
Then

(A-2)

is least-squares approximation to                        On [-1#x,y#1].

Here

and L is an N-1xN matrix, if Nk(>,x) and Nk(0,y) are NxN matrices L is given by:

where h is the knot mesh width of the spline.

The analysis will be performed in one dimension as the two dimensional equivalent result
is obtained immediately using a direct product of splines.

The proposition is: If Sk,N(x) is a least-squares approximation to f(x) on the interval
[-1#x#1] given by

(A-3)

then Sk-j,N(x) = Nk-j(>_,x)Lj S is a least-squares k-jth order spline approximation to                
on [-1#x#1.

then Sk-j,N(x) = Nk-j(>_,x))j s a least-squares k-jth order spline approximation to           
on [-1#x#1].



Proof:
If Sk,N(x) is a least-squares K-jth order spline approximation to f(x)on [-1#x#1] then the
vector S must satisfy

(A-4)

where

so that

(A-5)

Similarly, if Sk-j(x) is a least-squares approximation to Djf(x), then LS = Df (A-6)

where

(A-7)

so that
LS = 'k-1Df

it must be shown that S given (A-5) implies (A-6). Therefore substituting the right side of
(A-5) into the left side of (A-6) and writing f explicitly, one obtains



which is [4]

But a least-squares estimate has the property                                      For some " [7,8], so
that

giving a left side of (A-6) equal to

This result extends to higher order derivatives by induction, with a two-dimensional result
obtained by a direct product of splines in the usual way.
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NR Nq Nc Nb Ns N No
Rate

bits/pixel

02012 64 5 5 64 256 4736 1.02

Table 1.  Bit Allocation Summary

Figure 1.  Original Image Figure (2).Unquantized Figure (3) Quantized
Least-Squares Spline Least-Squares Spline
Approximation Approximation

UNQUANTIZED
SPLINE

QUANTIZED
SPLINE

MSE = .230% MSE = .381%

Table 2. Mean Squared Errors for the
Unquantized and Quantized
Splines at 1.02 bit/pixel
(including overhead)



Figure (4).  Subsection Geometry
for                  

Figure (5). Idealized coherent reconstruction
of spline encoded image.



Figure (6).

Figure (7).  Spline Encoding Processor



Figure (8). Unquantized Figure (9). Quantized Figure 10. Quantized
optical Spline optical Spline Least-Squares
Approximation Approximation Spline Approximation.

LEAST SQUARES SPLINE
Unquantized        1.89 bits/pixel

DERIVATIVE SPLINE
Unquantized        2.04 bits/pixel

MSE = .230%       MSE = .234% MSE = .468%       MSE = .639%

Table 3. Comparison of Results for Least
Squares Spline with Those of the
Derivative Spline at Approximately
2 BITS/PIXEL.
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ABSTRACT

In this paper the concept of a rate distortion surface is introduced. A signal class is
considered such that the source can be viewed as a composite source that consists of a
finite number of subsources. Also, it is demonstrated that the overall transmission
requirement can be treated as different but connected transmission requirements. The
connection arises through an intermediate fidelity criterion. It is shown that the rate
distortion bound for a composite source is a convex surface with a unique minimum for
any specified signal to noise ratio. It is further demonstrated that the locus of these minima,
projected onto a composite source information rate-composite source average distortion
plane, is the rate distortion curve for the composite source.

INTRODUCTION

The concept of transmitting a source subject to a dual fidelity criterion was introduced in a
recent paper [4]. The authors considered an image-signal class and demonstrated that this
class was a composite source that could be vigorously represented by a finite number of
appropriately connected subsources. In particular, the signal class consisting of one-
dimensional unitary transformed images can be modeled as an auto-repressive source with
time varying predictor coefficients.

Utilizing this model, the subsources become the P predictor parameter sequences, and the
difference signal sequence. Hence, the digital image transmission problem can be
considered as two different but connected transmission requirements. They are
respectively the difference signal transmission problem and the predictor parameter
transmission problem.



The nth transformed picture element, sn, can be defined as [1],[2]

where the {an}are the time-varying predictor coefficients. The reconstructed transformed
pixels at the receiver are

The double tilda over the difference signal sample en emphasizes that its distortion is due
to both the predictor parameter distortion and the difference signal quantizer. This dual
distortion requires a dual fidelity criterion that bounds the increase in difference signal
average power due to the predictor parameter average distortion. This dual fidelity
criterion will permit bounding the predictor parameter channel requirements subject to a
dual fidelity criterion. The increase in difference signal average power is known as the
intermediate fidelity criterion and serves as a connection between the two transmission
requirements. By utilizing this intermediate fidelity criterion the rate distortion bound for
the difference signal dequence is derived. It is shown that an infinite set of rate distortion
curves exist for the difference signal sequence, one for each value of the predictor
parameter average distortion.

The set of difference signal rate distortion curves is not very useful if used independently
of the predictor parameter rate distortion bound. It is impossible to determine the
theoretical minimum information rate to obtain a specified signal to noise ratio for the
reconstructed signal sequence from the family of difference signal rate distortion curves
without considering the dual transmission problem. The dual transmission problem is
considered and it is shown that the rate distortion bound for the composite source is a
convex surface with the locus of surface minima corresponding to the rate distortion bound
in two dimensions for the composite source.

ERROR SEQUENCE RATE DISTORTION BOUND

The difference signal sequence is a subsource whose samples are comprised of the
difference between the original transformed picture elements and the predicted values as
indicated in figure 1. The predicted sample values are the result of a suboptimum
prediction on a subset of the reconstructed values. The suboptimality is due to the
predictor law, [4],[5]. This method of image data compression is known as Adaptive
Hybrid Picture Coding.



In the autoregressive source model for the image signal class, the difference signal
sequence is orthogonal to the Hilbert space

of all random variables [6]

The fact that the Hilbert Space Projection Theorem is satisfied implies that the signal
estimates are optimal when the optimal predictor law, An (opt), is used by the predictor.
Hence, the difference signal sequence is a sequence of optimal one step prediction errors
with average power

This minimum average power sequence is commonly known as the innovations sequence
[3] and has been defined as a sequence that contains all the new information that is
contained in the original random sequence. Hence, if the optimal predictor law were
known by the receiver during each learning period, the original signal sequence could be
reproduced from the difference signal sequence.

In the absence of a channel of infinite bandwidth, the receiver never has exact knowledge
of the optimal predictor law. Hence, the difference signal is not a sequence of optional one
step prediction errors and the average power of the difference signal sequence is increased
due to the distortion in the predictor parameter sequences.

The analysis of the predictor parameter transmission problem yields a relationship that
defines the difference signal average power increase in terms of the predictor parameter
average distortion. The relationship is the intermediate fidelity criterion and is given by

where d*
k is the average distortion associated with the kth predictor parameter and F2(RLN) 

is the average power of the uncompressed sequence of transformed picture elements. Thus,
the average power of difference signal sequence over a large number of learning periods is,
for any value of predictor parameter average distortion,



The upper bound for the rate distortion curve is obtained by assuming that the
orthogonality properties hold for the predictor parameter sequence regardless of the
amount of predictor parameter distortion. Also, it is assumed that the difference signal
sequence is a sequence of independent, identically distributed Gaussian random variables
of Variance F2(ELN). Then the rate distortion function, when the distortion measure is mean
square error, is given by [8]

Since the actual average power of the difference signal sequence is bounded by F2(E˜ LN),
the rate distortion curve for the difference signal sequence is bounded by

The quantity F2(RLN) is the average power of the reconstructed transformed pixels
averaged over an arbitrary number of parameter identification periods. By examining any
specific identification period, and utilizing the Fundamental Theorem of Expectation, it is
possible to show

where L is the number of transformed pixels in an identification period.

As the number of learning, N, becomes large, the last summation term approaches the
difference signal average mean square distortion q̄. The difference signal quantizer
measures Q are constrained to be q*-admissable. That is, each Q must be a member of the
set

Hence, if follows that



Combining inequalities, it is apparent that the essential information rate, subject to a mean
square error fidelity criterion, for transmitting the difference signal sequence is bounded
above by

This is the desired result for any given value of predictor parameter distortion, a rate
distortion curve is obtained that is a non-decreasing function of the reconstructed signal
sequence signal to noise ratio. It is obvious that there exists an infinite family of difference
signal rate distortion curves. Selected members of this family are shown in Fig. 2.

It may appear initially that the required information rate to achieve a specified signal to
noise ratio can be reduced as long as the predictor parameter average distortion, d*, is
made smaller. This is not the case, however, since the predictor parameter information rate
is very large for extremely small average distortions. The combination of the two
information rates into the composite source information rate is necessary and is the subject
of the next section.

COMPOSITE SOURCE RATE

The total information rate for the composite source for an arbitrary combination of
predictor parameter and difference signal average distortion is given by

where R(d*) is the predictor parameter information rate for a total predictor parameter
distortion d*.

Since the composite source information rate is a function of two variables, the composite
source rate distortion function is a surface. The surface is convex with a unique minimum
for each value of F2(SLN)/q* and the locus of the surface minima corresponds to the two
dimensional rate distortion bound for the composite source.

The difference signal information rate is a function of two distortion values, hence, there
exists an infinite family of difference signal rate distortion curves, one for each value of
predictor parameter average distortion. Each member of the family bounds the essential
information rate required to transmit the difference signal with an average distortion less
than or equal to q*. Given any q*, the required information rate for the difference signal
sequence decreases as d*, with the minimum required information rate occurring at d* = 0.



However, the zero predictor parameter average distortion condition implies an infinite
predictor parameter information rate; therefore, the composite source information rate is
infinite regardless of the allowable difference signal average distortion. Conversely, if the
difference signal fidelity requirements are extremely severe, the total information rate is
very large, regardless of the allowable predictor parameter average distortion.

A composite source information rate is obtained for any pair (q*,d*). This information rate
is the result of combining members of convex sets; hence, the rate distortion surface is
convex. The surface is a non-increasing function of q* for any fixed value of d*. This is not
the case, however, when q* is fixed. Under this condition, a convex cup curve results. The
reason for this difference is easily explained. When d* is fixed, R(d*) is constant, and this
constant value is added to a function that is a non-increasing function of q*. When q* is
fixed, the situation is more complicated. When d* is very large, R(d*) is very small; but
this causes RE(q*,d*) to become quite large. The net result is that the total information rate
is excessive. At the other extreme, when d* is very small, RE(q*,d*) is considerably
reduced, but R(d*) becomes large. Hence, the curve is convex cup with a unique minimum
value. A similar argument applies to every value of q*. A typical member of this family is
shown in Fig. 3.

A similar curve exists for every value of q*. Hence, for every specified signal to noise
ratio, F2(SLN) /q*, there exists a minimum essential information rate required to transmit the
composite source. The locus of these minima corresponds to the two dimensional rate
distortion curve for the composite source. These arguments lead to the following:

PROPOSITION:  The rate distortion bound for a composite source is a convex surface and
the locus of surface minima is the two-dimensional rate distortion curve for the source.

SUMMARY

The existence of a rate distortion surface for an image signal class was shown. It was
established that the surface is convex, with a unique minimum value for each specified
signal to noise ratio for the reconstructed signal sequence. The locus of these surface
minima corresponds to the two dimensional rate distortion curve for the original signal
class. An image data compression system known as Adaptive Hybrid Picture Coding [10]
corresponds precisely with the mathematical model of the source used to obtain these
results. It may be possible, therefore, to attach specificity to the generic bounds presented
here by the proper utilization of the Adaptive Hybrid Picture Coding method of image data
compression.
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FIGURE 1 - SOURCE CODING BY DAPTIVE REDICTION

Figure 2  Difference Signal Rate Distortion Surface.



Figure 3 - R(q*,d*) Evaluated at FF2(SLN)/q* = 316.
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ABSTRACT

We present a technique to compress M-bit data to N-bit data with a bounded error
between the original and de-compressed data. The bounded error is established by
quantizing the error signal of DPCM and by entropy encoding the quantized error. The
fixed data rate is maintained by non-linear adaptation of the quantization interval on an
intermittent basis. Examples of image data compression are given.

INTRODUCTION

Our goal is:

(a) select a compression scheme that achieves a modest compression ratio (about 4 to 1),
(b) is easy to implement in real time, in particular, requires only one pass through the

image, and
(c) minimizes the loss of information between the original and reconstructed images.

To achieve the goal we have selected DPCM with a non-linear predictor, efficient, zero-
error encoding of the quantized error, and adaptive line-by-line control of the quantizing
interval. The technique will be suitable for use in a digital image processing system to
increase the storage capability and to speed up the transmission of images over the slower
data links in the system.

It is well known that image data can be compressed to one or two bits per pixel without
significant degredation of the viewed image [1]. However the question of information loss
is difficult to assess. In this paper we have adopted a conservative approach and have
required that the error between original and final images be bounded on a line-by-line



basis. This avoids the possibility of slope overload that is typical of some DPCM schemes
and guarantees that only a well known artifact, amplitude quantization, is introduced into
the final image.

THE ALGORITHM

A block diagram of the DPCM compression algorithm is shown in Figure 1. The M bits
per pixel (BPP) image data is scanned in conventional fashion; Y (K,J) is the pixel at row
K column J. The predictor forms an estimate ì of Y and the resulting error E is quantized
with a uniform quantizer of step size D. The quantized error, Ê, is encoded with the code
book shown in Table 1. The variable length code words are put into a buffer which
transmits bits at a constant rate of N BPP. The number, T, of bits in the buffer and the rate,
R, at which bits are entering the buffer are used to control the quantization interval, D.

Figure 1  Compression Algorithm

Table 1.  Code Book



PREDICTOR

The predictor uses six previous, reconstructed data points (A,B,C,D,E,F), for its estimate
of Y. See Figure 2. We test these points for the likelihood of a vertical edge (V) or a
horizontal edge (H) near Y. Then we set

(1)

The formula for the last option is

                 (2)
where

              (3)

is the reconstructed data (Equation (3) is also the recipe for the decompression algorithm).
For the first two options in (1) we use coefficients 0, 1 and 1,0, respectively, in (2).

Figure 2  Details for the predictor

The tests in (1) are accomplished by estimating the two edge levels for each hypothesis H
or V. For example, for a vertical edge (V) we estimate right and left edge levels

RE = 1/2 (B+D) (4)
and

LE = 1/4 (A+C+E+F). (5)



Then we calculate the mean square error between these estimates and the actual values:
(B-RE)2 , etc. This gives a V metric,VM, which we compare to an H metric, HM, of
similar construction.

Thus (1) becomes

(6)

The factor G=2 in (6) was chosen by examining the compression achieved for several
pictures as we varied G. Figure 3 shows the effect on the average quantization interval D
and indicates that the algorithm is not too sensitive to this factor.

Figure 3  Average quantization interval, D, vs. edge test factor, G

ADAPTATION

The encoder puts bits into the buffer at a variable rate but we want to extract bits at a
constant rate of, say, 2 bits per pixel. Moreover, we want the buffer to be of reasonable
size, perhaps 16 times the row length. Thus, for an image of row length 256 the buffer will
have a 4096 bits capacity.

To control the number of bits in the buffer we monitor the input bit rate, averaged over
each line. This rate, R, for the Kth line and the total number, T, of bits for the Kth line are



used to adjust the quantization interval, D, for the next line. Clearly, if the input rate is high
or the buffer is too full we want to generate fewer bits on the next line. This can be
accomplished by increasing D, a distortion measure.

The way R changes with D is a subject of rate distortion theory. In principle, this is
calcuable if one makes certain assumptions (Gaussian statistics for Y, in particular) and
can be estimated based on such simple parameters as the local mean, variance and X and
Y decorrelation intervals. In practice, however, we adjust D only by integer values to
simplify the implementation and we find that D needs to be changed only in steps of ±1 or
2 for an eight bit picture (integers 0 to 255). Thus we use the extremely simple logic
shown in Table 2 to change D.

Table 2  Logic for the new D

IF (T.GT.(3/4)TMAX) D = D+l
IF (T.LT.(1/4)TMAX) D = D!1
IF (R.GT. DR (1.03)) D = D+l
IF (R.LT. DR (.97)) D = D!1

From Table 2 we see, for example, that D can be changed by +2 if the buffer is more than
3/4 full and R exceeds the desired rate, DR, by 3%; that D can be changed by !1 if R is
3% less than DR and the buffer is between 1/4 and 3/4 full.

This logic appears to be very robust and does not suffer from an instability that we observe
when T (or R), alone, is used to select D.

EXAMPLES

In Figures 4,5, and 6 we show three scenes that have been used to illustrate the
compression-reconstruction. (a) is the set of originals, (b) is the result, and (c) is a
comparison picture which uses no line-by-line adaptation but achieves the same average
distortion, D, as (b).

All images were 256 X 256 and were expanded by linear interpolation to 1024 X 1024 for
display on a COMTOL screen. The bias and gain controls were set for best viewing of the
original (a) and were untouched for (b) and (c).

In all sets there is not much to distinguish scenes (a), (b) and (c). Note, however, that
scene (c) in the airport, Figure 4, contains noticeable degredations. In particular,
quantization effects can be seen in the buildings on the lower left corner and the entire
image seems to be softer. Both (b) and (c) have lost textural detail in the grassy regions of



Figure 5 and (c) appears to have lost details of a foot path in the upper center. The same
loss of texture appears in Figure 6.

Some data from the compression algorithms,(b) and (c) are shown in Figures 7 and 8,
respectively. Note how in Figure 7 the quantization interval D changes, in particular, gets
larger as the scan moves into a busier (high R) area. Also note that, without adaptation, the
buffer empties at row 230 in Figure 8.

DISCUSSION

The techniques presented here were selected to achieve a modest 4 to 1 compression with
very simple hardware. The application is slanted towards an image processing system that
has an 8 bit display so that images originating at the display will be compressed to 2 bits.

Our non-linear predictor is similar to that presented by Zschunke [2] and the encoder is the
FS code of Rice and Plaunt. [3] The encoder uses a minimum code word length of unity so
compression at or below one bit per pixel is impossible. However, if the entrophy H (Ê) of
the difference signal Ê is, itself, less than unity then a multi-mode encoding scheme such as
that presented by Rice and Plaunt can reduce the bit rate to less than H (Ê) + 0.3.[1]

The measure of fit between the original and decompressed pictures is the quantization
interval D. That is, they differ by no more than ± D/2 on a line-by-line basis.

The line-by-line adaptive feature is used mainly to achieve real-time control over the
number of bits per pixel in the final image. There is only a slight improvement over the
nonadaptive DPCM. However the latter would require two passes to find a D that achieves
a desired bit rate or, in one pass with a specified D, one would have to modify the
hardware to accommodate an unspecified bit rate.
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Figure 4  Airport: a) 8 bit original, b) 2 bit adaptive DPCM,
c) 2 bit non-adaptive DPCM



Figure 5  Missile Site: a) 8 bit original, b) 2 bit adaptive
DPCM, c) 2 bit non-adaptive DPCM



Figure 6  Model: a) 8 bit original, b) 2 bit adaptive DPCM,
c) 2 bit non-adaptive DPCM.



Figure 7  Line-by-line bit rate (R), quantization interval
D and bits in the buffer T for Figure 4 (b)

Figure 8  Repeat of Figure 7 for the non-adaptive
 DPCM of Figure 4 (c)
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ABSTRACT

The Karhunen-Loeve transform for stationary data, the discrete cosine transform, the
Walsh-Hadamard transform, and most other commonly used transforms have one-half
even and one-half odd transform vectors. Such even/odd transforms can be implemented
by following a Walsh-Hadamard transform by a sparse matrix multiplication, as
previously reported by Hein and Ahmed for the discrete cosine transform. The discrete
cosine transform provides data compression nearly equal to that of the Karhunen-Loeve
transform, for the first order Markov correlation model. The Walsh-Hadamard transform
provides most of the potential data compression for this correlation model, but it always
provides less data compression than the discrete cosine transform. Even/odd transforms
can be designed to approach the performance of the Karhunen-Loeve or discrete cosine
transform, while meeting various restrictions which can simplify hardware implementation.
The performance of some even/odd transforms is compared theoretically and
experimentally. About one-half of the performance difference between the Walsh-
Hadamard and the discrete cosine transforms is obtained by simple post-processing of
the Walsh-Hadamard transform coefficients.

INTRODUCTION

It is well known that the Karhunen-Loeve, or eigenvector transform (KLT), provides
decorrelated vector coefficients with the maximum energy compaction, and that the
discrete cosine transform (DCT) is a close approximation to the KLT for first-order



Markov data (1). We will show that the general class of even/odd transforms includes this
particular KLT, as well as the DCT, the Walsh-Hadamard transform (WHT), and other
familiar transforms. The more complex even/odd transforms can be computed by
combining a simpler even/odd transform with a sparse matrix multiplication. A theoretical
performance measure is computed for some even/odd transforms, and two image
compression experiments are reported.

EVEN/ODD TRANSFORMS

Orthogonal transforms are frequently used to compress correlated sampled data. Most
commonly used transforms, including the Fourier, slant, DCT, and WHT have one-half
even and one-half odd transform vectors. Several properties of such even/odd transforms
are given in this section. The even vector coefficients are uncorrelated with the odd vector
coefficients for a data correlation class which includes stationary data. The KLT is an
even/odd transform for this class of data correlation. A conversion from one even/odd
transform to another requires only multiplication by a sparse matrix, having one-half of its
elements equal to zero.

If N, the number of data points, is an even number, a vector

is said to be even if

and is odd if

 For a data vector of length N

the MXN correlation matrix is given by

Since 3x is a symmetric matrix, it can be partitioned into four N/2 X N/2 submatrices in
the following manner:



where

The general form for a transform matrix with one-half even and one-half odd basis vectors
(called an even/odd transform), can be written as a partitioned matrix

where E and D are N/2 X N/2 orthogonal matrices, and Ẽ and D̃ are formed by reversing
the order of the columns in E and D, that is,

where the permutation matrix ª is the opposite diagonal identity matrix. The matrix H can
then be factored into the product of two matrices

It is next shown that the even and odd vector coefficients of an even/odd transform are
uncorrelated, for a general class of data correlation matrices. The correlation matrix for
the transformed data vector, Y = HX, is given by the similarity transform.

The even and odd vector coefficients are uncorrelated when the opposite diagonal
submatrices are identically zero. This is obviously true in the special case where

These equations state that the data correlation matrix 3x is symmetric about both the main
diagonal and the opposite diagonal. This condition is satisfied if E(xixj) is a function of the
magnitude of i - j, that is, if the process is stationary. For stationary data, the correlation
matrix is a symmetric Toeplitz matrix (1, 2).



This decorrelation property of even/odd transforms is used to show that the KLT is an
even/odd transform. For K, a reordered matrix of the KLT vectors, the transformed
vector is Z, Z = KX. The correlation matrix for the transformed vector is given by

Suppose that the data are first transformed by the matrix H, above, and that the data are
such that the even and odd coefficients are uncorrelated by this even/odd transform:

Since H is invertible, K = AH, for A = KHT.

Suppose that



Since the KLT produces N fully decorrelated coefficients, 3z is a diagonal matrix. Either
both A2 and A3, or both A1 and A4 must be identically zero. For A2 = A3 = 0, the first N/2
vectors remain even, while for A1 = A4 = 0, the even and odd vectors are interchanged in
K.

The KLT is an even/odd transform for the class of correlation matrices for which even/odd
transforms decorrelate the even and odd vector coefficients.

If H and J are two even/odd NXN transforms, the multiplication matrix for conversion
between them is sparse:

The conversion is defined by



However,

It follows that

The conversion between any two even/odd transforms requires N2/2 rather than N2

multiplications.

We have shown that the class of even/odd transforms has no correlation between the even
and odd vector coefficients, for a class of data correlation matrices including the stationary
data matrix. The KLT for this data correlation class, and many familiar transforms, are
even/odd transforms. The coefficients of any even/odd transform can be obtained by a
sparse matrix multiplication of the coefficients of any other even/odd transform. This
observation was the basis of a previous implementation of the DCT and suggested the
investigation of even/odd transforms described below.

THE DISCRETE COSINE TRANSFORM OBTAINED VIA THE HADAMARD
TRANSFORM

Hein and Ahmed have shown how the DCT vectors can be obtained by a sparse matrix
multiplication on the WHT vectors (3, 4). Since the DCT, unlike the general KLT, has a
constant vector and a shifted square-wave vector in common with the WHT, the number of
matrix multiplications is less than N2/2. The A matrix, which generates the DCT vectors
for N = 8 from the WHT vectors, is given by Hein and Ahmed, and is reproduced here as
Figure 1. Although this implementation of the DCT requires more operations for large N
than the most efficient DCT implementation (5), it is very satisfactory for N equal to 8.

If a transform has even and odd vectors and has a constant vector, as is typical, it can be
obtained via the WHT in the same way as the DCT. The slant transform is an example
(1, 6). A hardware implementation of the DCT via the WHT is being constructed at Ames
Research Center, using N = 8 and the matrix of Figure 1. Since this implementation
contains the matrix multiplication factors in inexpensive read-only memories, it will be
possible to consider the real-time quantization design and evaluation of a large class of
transforms. Transforms with suboptimum performance are acceptable only if they can be
implemented with reduced complexity. Transform performance can be determined



theoretically from the vector energy compaction, while the implementation complexity can
be estimated from the number and type of operations added after the WHT.

COMPARISON OF TRANSFORMS USING THE FIRST-ORDER MARKOV
CORRELATION MODEL

It is generally accepted that the sample-to-sample correlation of an image line scan is
approximated by the first-order Markov model (7).

The correlation of adjacent samples, r, varies from 0.99 for low detail images to 0.80 for
high detail images, with an average of about 0.95 (8). The correlation matrix, 3x, was
generated using the first-order Markov model, for various r, and the corresponding KLT’s
and vector energies were numerically computed. (The analytic solution is known (9).) In
addition, the matrix 3x was used to compute the transform vector energies and correlations
for the WHT, DCT, and other transforms.

As is well known, the KLT vectors for r = 0.95 are very similar to the DCT vectors and
have nearly identical vector energies (1, 3). The most apparent difference between the
DCT and the KLT is that the KLT vector corresponding to the constant DCT vector is not
exactly constant, but weights the central samples in a fixed transform block more than
samples near the edge of the block. As r approaches 1.00, this KLT vector approaches the
constant vector, and all the KLT vectors approach the corresponding DCT vectors. The
vector energies of the KLT and the DCT are nearly identical for r greater than 0.90, and
differ only slightly for r greater than 0.50. The KLT and DCT vector energies for N = 8
and r = 0.50 are plotted in Figure 2. The energy compaction at r = 0.5 is much less than at
the typical r = 0.95.

The rate-distortion performance of a transform depends on the transform energy
compaction. If the distortion d is less than the coefficient variance Fi

2 for all i, all N
transform vectors are quantized and transmitted. The number of bits required is (10):



The first term of b can be used as a figure of merit for a transform.

The figure of merit f is a negative number; the larger its magnitude, the greater the rate
reduction achieved by the transform. Table I gives f for the KLT, DCT, WHT, and two
even/odd transforms that will be described below. At correlation r = 0.95, the KLT gains
0.014 bits more than the DCT and 1.183 bits more than the WHT. The WHT achieves
most of the available data compression, and the DCT achieves nearly all. As this rate
reduction is obtained for all N vectors, the increased compression of the DCT over the
WHT, for r = 0.95, is 1.169/8, or 0.15 bits per sample.

EVEN/ODD TRANSFORMS OBTAINED VIA THE WALSH-HADAMARD
TRANSFORM

The sequency of a transform vector is defined as the number of sign changes in the vector.
The vector sequencies of the vectors corresponding to the matrix of Figure 1 are in bit-
reverse order, as indicated (0, 4, 2, 6, 1, 5, 3, 7). The energy compaction of the WHT and
DCT for r = 0.95 and N = 8 is shown in Figure 3. In the conversion from WHT to DCT,
the two-by-two matrix operation on vectors 2 and 6 transfers energy from 6 to 2. The four-
by-four matrix operation on the vectors of sequency 1, 5, 3, and 7 reduces the energy of 3,
5, and 7 and increases the energy of 1. These operations remove most of the residual
correlation of the WHT vectors. The matrix multiplication requires 20 multiplications by
10 different factors (15 factors including sign differences).

We first consider a simplified operation on the 2 and 6 and the 1 and 3 sequency vectors.
This operation consists of multiplying the WHT vectors by matrix B (Figure 4). This
further transform is designed to reduce correlation and to generate new transform vectors
in a way somewhat similar to the A matrix multiplication which produces the DCT. There
are two identical two-by-two operations, and a total of eight multiplications by two
different factors (three including sign). The energy compaction of the B-matrix transform is
shown in Figure 3, with the energies of the WHT and DCT. As the B-matrix: transform
vectors of sequency 0, 4, 5, and 7 are identical to the WHT vectors, they have identical
energy. The B-matrix transform vectors of sequencies 0, 1, 2, 3, 4, and 6 are identical to
the corresponding DCT vectors (0, 4) or very similar. For example, the B-matrix vector of
sequency 1 is a slanted vector of step width 2 and step size 2 (3, 3, 1, 1, -1, -1, -3, -3). The
performance of the B-matrix transform, in terms of the figure of merit, is given in Table I
above. The B-matrix transform has something more than one-half of the gain of the DCT
over the WHT, with something less than one-half of the multiplications, and less than one-
fourth the hardware if the twoby-two transformer is used twice.



As a second example, suppose that it is desired to approximate the DCT by adding integer
products of the WHT vectors. For small integers, this operation can be implemented by
digital shifts-and-adds, and requires fewer significant bits to be retained. The matrix C,
given in Figure 5, is an orthonormal transform matrix that is similar to the DCT. The two-
by-two matrix, operating on the vectors of sequency 2 and 6, is a specialization of the
general two-by-two matrix having orthogonal rows with identical factors. The four-by-four
operation on the vectors of odd sequency is a specialization of the general four-by-four
matrix with orthogonal rows, identical factors, and the additional requirement of a positive
diagonal.

The specializations of the general matrices were made by requiring that the two-by-two
matrix integers have approximately the ratios found in the second (and third) rows of the A
matrix, and that the four-by-four matrix integers have approximately the ratios found in the
fifth (and eighth) rows of the A matrix. Since the A-matrix transform is the DCT, it is
ensured that the C transform vectors of sequency 2, 6, 1, and 7 will approximate the
corresponding DCT vectors.

The energy compaction results of the C transform, with the results of the WHT and DCT,
are given in Figure 6, for r = 0.95 and N = 8. The energy of the vectors of sequency 2, 6,
1, and 7 is very similar to the energy of the DCT vectors, but the vectors of sequency 3
and 5 are different. The energy correspondence could be improved by matching;the four-
by-four matrix factors to the average of the fifth and sixth rows in the A matrix, but there is
little potential data compression remaining. The theoretical performance of the C matrix, in
terms of the figure of merit, is given in Table I. The C-matrix transform obtains nearly all
the gain of the DCT over the WHT. If the rational form, instead of the integer form, of the
C-matrix transform were used, the computation would require 16 multiplications by 4
different factors (7 factors including sign differences). There is some reduction in
complexity from the implementation of matrix A.

EXPERIMENTAL IMAGE COMPRESSION RESULTS

Experimental results were obtained for two-dimensional, 8x8 sample block
implementations of the transforms considered above. Four video test images — Harry
Reasoner, two Girls, two Men, and band — were used in all tests. These images have
correlation of 0.97 to 0.98 between elements in the scan line, and fit the first order Markov
model, except for the very detailed band image, which deviates from the Markov model
and has an average in-line correlation of 0.85 (11). Two different compression experiments
were made.

The test images were first compressed by representing either thirty-two or sixteen of the
sixty-four 8x8 transform vectors, using an eight-bit uniform, full-range quantizer. The other



vectors were neglected. The patterns of the vectors transmitted and neglected are given in
Figure 7. The vectors are in sequency order, with the lowest sequency average vector in
the upper left corner of the pattern. The mean-square error for this compression method
and the four transforms is given in Table II. The B-matrix transform error is intermediate
between the WHT and DCT errors, and the C-matrix error is very close to the DCT error.
This is consistent with the Markov model energy compaction results above.

To obtain the greatest transform compression, the transmitted bits should be assigned to
the vectors according to the equation given above, and the coefficient quantizers should be
designed for minimum error given the coefficient energy and amplitude distributions. The
optimum theoretical bit assignments and quantizers depend on the particular transform
used. The test images, and most typical images, contain low-contrast, high-correlation
background areas, and edges where correlation is low. The bit assignments and quantizer
designs based on the stationary Markov model ignore this nonstationarity, and designs that
consider low-contrast areas and edges give improved mean-square error and subjective
performance. Such improved designs have been devised for the WHT (11), and have been
tested with the DCT, B-matrix, and C-matrix transforms. The transmission rate and mean-
square error results are given in Figure 8, for the test images compressed in the video field.
The DCT gives improved error performance, and the B and C matrix transforms are
intermediate, but the B and C matrix results are relatively poorer than those in Table II.
The DCT gives more rate reduction than the WHT — about 0.2 to 0.5 bits per sample. As
a two-dimensional transform has twice the gain of a one-dimensional transform (10), the
theoretical gain of the DCT over the WHT, for r = 0.95, should be twice the 0.15 bits per
sample of Table I, or 0.30 bits per sample.

The lower error of the DCT, B-matrix, and C-matrix transforms does indicate subjective
improvement in the compressed images. This subjective improvement is larger at lower
total bit rates, due to the relative increase of larger, more noticeable errors at the lower
rates, and due to the more objectionable, blocky nature of large WHT errors. The B and C
matrix errors are subjectively more similar to the DCT errors than to WHT errors, because
the higher energy vectors approximate the DCT vectors.

It is not surprising that a design optimized for the WHT gives good results for the DCT
and similar transforms. The transform compression introduces errors in three ways: by not
transmitting vector coefficients, by using quantizers that are too narrow, and by
quantization errors within the quantizer ranges. The DCT, because of its superior energy
compaction, reduces the first two sources of error. Although the quantizers used are nearly
uniform, they do have smaller quantization steps for low coefficient values, so the third
source of error is also reduced. Any compression design will give better performance with
the DCT. From the similarity in energy compaction, a good design for the WHT should be
reasonably effective for the DCT. However, further performance gains can be made with



the DCT and with the B-matrix and C-matrix transforms, by optimizing the compression
designs for the transform used.

The error statistics show that the lower mean-square error of the DCT is due both to fewer
large errors, which nearly always occur at edges, and to fewer small errors, which occur in
flat areas and edges. The subjective appearance of the compressed image confirms that the
DCT produces both smoother low contrast areas and less distorted edges. Since the low
contrast areas have very high correlation, and since the edges — though not noise-like —
can be approximated by a low-correlation Markov model, the mean-square error and
subjective results agree with the theoretical result that the DCT is superior to the WHT for
all values of correlation (see Table I).

CONCLUSION

The Karhunen-Loeve transform for data with stationary correlation, the discrete cosine
transform, the Walsh-Hadamard transform, and other familiar transforms are even/odd
vector transforms whose coefficients can be obtained by sparse matrix multiplications of
the coefficients of other even/odd transforms. Of the familiar transforms, the Walsh-
Hadamard transform is the simplest to implement, but has the smallest compression gain.
Using the Walsh-Hadamard transform followed by a sparse matrix multiplication allows
implementation of any even/odd transform. The discrete cosine transform has a difficult
implementation, but very closely approaches the optimum performance for first-order
Markov data. As the form of the vectors is modified to approach that of the discrete cosine
vectors, the vector energy compaction and the theoretical and experimental image
compression results approach those of the discrete cosine transform. The theoretical data
compression reliably indicates the difference in experimental performance for these
transforms. About one-half of the performance difference between the Walsh-Hadamard
and the discrete cosine transforms can be achieved by simple post processing of the
Walsh-Hadamard coefficients.
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TABLE I  The Figure of Merit, f = 33 log2 FFi, for Different
Transforms at N = 8 and Various Correlations.

Transform

Correlation, r KLT DCT WHT B matrix C matrix

0.99
0.95
0.90
0.80
0.70
0.50
0.00

-19.817
-11.743

-8.379
-5.162
-3.402
-1.453
0.00

-19.775
-11.729
-8.341
-5.092
-3.328
-1.396

-18.489
-10.560
-7.311
-4.317
-2.765
-1.136

-19.205
-11.206
-7.875
-4.731
-3.056
-1.261

-19.597
-11.558

-8.180
-4.954
-3.214
-1.333

TABLE II  The Mean-Square Error for the WHT, DCT, B Matrix and C Matrix
Transforms with a Subset of Vectors Retained.

Mean-square error for 32 vectors retained

Reasoner Two Girls Two Men Band

WHT 0.558 0.806 1.694 3.948
B matrix 0.500 0.738 1.581 3.628
C matrix 0.442 0.666 1.536 3.310
DCT 0.446 0.660 1.535 3.056

Mean-square error for 16 vectors retained

Reasoner Two Girls Two Men Band

WHT 1.619 2.206 4.801 12.322
B matrix 1.507 2.093 4.557 12.056
C matrix 1.427 2.029 4.447 11.897
DCT 1.430 2.031 4.406 11.828



Figure 1 - The A Matrix Used to Obtain the DCT From the WHT.

Figure 2 - K LT and DCT Vector Energies for N = 8 and r = 0.5.



Figure 3 - The Energy Compaction of the DCT, WHT, and B Matrix Transform for
N = 8 and r = 0.95.

Figure 4 - The B Matrix.



Figure 5 - The C Matrix.

Figure 6 - The Energy Compaction of the WHT, DCT, and,C Matrix Transforms for
N = 8 and r = 0.95.



Figure 7 - Patterns of Vector Coefficients Retained and Neglected.

Figure 8 - Transmission Rate Versus Error for the Four Test Images.
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ABSTRACT

A tandem queueing system with constant service times and threshold control is modeled
and analyzed in this paper. The input to the first queue is controlled by the buffer
occupancy of the second queue. When the second queue has more than No customers, the
input to the first queue will be rejected. The input to the second queue consists of the
output from the first queue and an external input which is assumed to be Poisson
distributed. The behavior of such a queueing system is analyzed and portrayed in graphs.
The threshold control rejects input traffic to the first queue and avoids congestion at the
second queue. As a result, the delay for an arrival to be serviced by both of the queues is
much lower than the case without threshold control. As No increases, the system behavior
approaches the case of the system without threshold control. Such a queueing model is
motivated by congestion control in a computer network. An example is given to illustrate
the applications.

INTRODUCTION

An important problem in computer communication systems concerns buffer control at each
node. This directly affects system performance in terms of delay in transmitting a message
from the source to its destination as well as system throughput. Several control schemes
based on buffer control [1,2,3] and channel traffic intensity [4] have been proposed. The
basic concept is that whenever the system reaches a certain threshold state (buffer queue
length or channel intensity), input arrivals that cause network congestion will be
temporarily rejected in order to avoid further congestion. Using queueing representation,
this can be described as a system of two queues connected in tandem.

In this paper we formulate a mathematical model for such a queueing system both with and
without threshold control on input arrivals. Numerical results are portrayed in graphs to 



show the effect of threshold on the delay and throughput of the system. An example
illustrates an application of the results.

MODEL FOR TANDEM QUEUE WITHOUT THRESHOLD CONTROL

Let us consider the tandem queueing system with Poisson arrival rates 81(n) and 82 and
constant service times D1 and D2 as shown in Figure 1. Let m denote the number of
customers in the first queue, n denote the number of customers in the second queue, and
q(m,n) denote the probability of having m customers in the first queue and n customers in
the second queue. We assume that D1 = D2 = 1, and 81(n) is a function of n. That is,

where No is the threshold value of the queue length of the second queue.

We shall derive the steady state equations for such system. First let us consider the system
without threshold control that is 81(n) = 8 for all n. By examining the state of the system at
the departure instant of each customer, we obtain the following state equations:

(1)

(2)

Equation (1) states that the probability of having m customers in the first queue and no
customers in the second queue is equal to the probability of having m customers arrive at
the first queue, and no customers arrive at the second queue during one service period
times the probability of the event that there are no customers in either queue immediately
after service. Equation (2) states that the probability of having m customers in the first
queue and n customers in the second queue is equal to: (a) the probability that k customers
arrive at the first queue, and R customers arrive at the second queue during the service



period in which there were m+1-k customers in the first queue and n-R customers in the
second queue; (b) plus the probability of having m customers arrive at the first queue and R
customers arrive at the second queue during the service interval in which there were no
customers in the first queue and n+1-R customers in the second queue; (c) plus the
probability of having k customers arrive at the first queue and n-1 customers arrive at the
second queue during the service interval in which there were m+1-k customers in the first
queue and no customers in the second queue; (d) plus the probability of m customers
arriving at the first queue and n customers arriving at the second queue during the service
time with no customers in the system. Let the moment generating function of the number of
customers in the first queue conditioned by n customers in the second queue be

(3)

Substituting (1) into (3) and letting n = 0, we obtain

(4)

Let the generating function of the joint distribution function of the number of customers in
both queues be

(5)

Substituting (2) and (4) into (3), we have

(6)

Multiplying (6) by Yn , from (5) we have

After simplification, we have

(7)



where F(0,y) can be determined by using the singular curve

We can derive an analytic expression for the mean number of customers in each queue of
the uncontrolled system from (7). Evaluating the term F(0,0) using the conservation law
F(1,1)=1, we have

Using L’Hospital’s Rule yields

Sinse F(0,1) is the marginal probability of having no customers in the first queue,

The mean total number of customers in both queues is given

To eliminate the term F(0,y), we can take the derivative F(x,y) on the curve y=x, then

(8)

Using L’Hospital’s Rule twice, we obtain

The mean number of customers in the first queue is the same as the M/D/1 queue,

(9)



The mean number for all customers in the second queue is given by the difference between
Eq. (8) and Eq. (9). Since the external arrivals to the second server are not distinguished
from customers arriving from the first server, both have the same expected time in the
second queue

D1 is the mean time required for customers to flow through both queues after they have
been accepted at the first queue. From Little’s Result, we have

(10)

D2 is the mean time required for customers to flow through the second queue. From
Little’s Result, we have

(11)

MODEL FOR TANDEM QUEUES WITH THRESHOLD CONTROL

We assume that arrivals to the first queue and second queue are Poisson distributed with
parameters 81 and 82, respectively, when n # N0. If there are more than N0 customers in
the second queue, then arrivals to the first queue will be Poisson distributed with
parameter 80. In our study, we let 80 =0.

Because of the complexity of the tandem queue model with threshold control, we use a
numerical technique for solving the state equilibrium probabilities. We use a finite-state
approximation in which the waiting rooms of the first and second queues are limited to M
and N respectively. This approximate model has (M+1)(N+1) states whose equilibrium
probabilities can be found by solving a finite set of equilibrium equations. Of course, M
and N must be chosen large enough that the probability is negligible that arrivals to either
queue are lost.

Let the probability of k arrivals to the first queue be B1(k) for n#N0 and B0(k) for n>N0,
and let the probability of k arrivals to the second queue be B2(k). For Poisson arrival
process, we have

  and



Let (a,b) be the state in which there are a customers in the first queue and b customers in
the second queue, a<M, and b<N. Likewise, let (c,d) be the state that has c customers in
the first queue and d customers in the second queue, c<M and d<N. The transition
probability from state (a,b) to state (c,d), P[(a,b)6(c,d)], is as follows:

(12)

For the case in which c=M, because k or more arrivals will leave M customers in the first 

queue, B1 (k) is replaced by                           and B0(k) by                         In (12). 

Likewise, when d=N, B2(k) is replaced by                        . 

The equilibrium state probability of the infinite queue system can be approximated by the
corresponding finite state equilibrium state probability. That is,

where q'(m,n) is the equilibrium state probability of m customers in the first queue and n in
the second queue, based on the finite state model. Two measures were needed to estimate
the accuracy of these approximations: 1) the probability of one or more customers being
lost at the first queue during a service interval, and 2) the probability of one or more
customers being lost at the second queue. These probabilities are computed from q'(m,n).

For m customers in the first queue, the probability that one or more arrived customers are
lost during the next service interval in the first queue is



 Removing the condition on m, we have

. (13)

Similarly,

and

. (14)

To minimize the required computation time for the finite state probabilities q'(m,n), M and
N used in our finite state model were varied according to the values of 81, 82 and No. In
our numerical computations, M and N were chosen large enough to keep the loss
probabilities of the first queue (13) and second queue (14) less than 10-3.

In order to verify the result of the numerical computation from our finite writing room
model, a computer program written in Fortran is used to simulate the tandem queueing
system with threshold control on input arrivals. The input parameters are 81, 82 and No. 



Fifty consecutive epochs of 4000 service intervals each are simulated. The first epoch is
ignored to allow the queues to reach equilibrium.

Data measured during the simulation are: offered load to first queue 81, carried load of first
queue 1', external arrival rate to second queue 82, mean number in first queue Gm, mean
number in second queue nG, and acceptance probability = Pr (number in second queue
#No). Simulation results for flow time through both queues are shown in Fig. 2a and
Fig. 2b.

DISCUSSION OF RESULTS

Using the queueing models developed in the previous sections, we evaluate the behavior of
the tandem queueing system. Since the queue is of finite size, the traffic offered at the
queue may not always be entered and carried by the system. Therefore, the offered load
equals the sum of carried load and loss traffic due to input rejection.

The expected queueing delay for an arrival to go through both queues depends on the
carried load of the first queue 81' and external arrival rates at the second queue 82 . Such
relationships for the cases No =0 and 5 are portrayed in Figures 2a and 2b respectively.
Clearly, the minimum delay time for an arrival to go through both queues is two service
times. For a given 82, the queueing delay increases as the carried load of the first queue 81'
increases. For a given 81', the delay increases as 82 increases. Comparing Figure 2a with
2b, we notice that because of the input threshold control, the carried load of the first queue
for No=0 is much lower than that of No =5. A simulation program has been written to
compare the simulation results with the analytical ones. As shown in Figures 2a and 2b,
the simulation and analytical results closely agree with each other.

Figures 3a and 3b present results similar to Figures 2a and 2b, except that the expected
delay is expressed as a function of offered load rather than carried load of the first queue.
Clearly, as No increases, the system provides less and less input control, and as No

approaches infinity, the system reduces to a tandem queueing system without threshold
control. The characteristics of such a system are shown in Figure 4. In this case, the
carried load of the first queue is equal to its offered load, and the delay approaches infinity
as 81+82 approaches 1. Comparing Figure 4 with Figures 3a and 3b, we notice that for a
given 81 and 82, the queueing system with threshold control provides rejection to input
traffic and therefore yields lower delay than the system without threshold control. Because
of this threshold control, the carried load is lower than the offered load at the first queue,
which prevents the system from reaching its saturation.

Figures 5a and 5b present the throughput of the first queue as a function of offered load at
the first queue and second queue for No=0 and 5 respectively. Clearly, the throughput of



the first queue increases as No increases and as the external traffic load arrivals at the
second queue 82 decreases. Figures 6a and 6b present the average delay incurred by an
arrival at the second queue as a function 82 for No=0 and 5 respectively. We notice that the
delay at the second queue increases as 82 increases. Comparing Figures 6a and 6b, for a
given 82, the dependence of the delay at the second queue upon 81 increases as No

increases. As No approaches infinity, the system reduces to a tandem queueing system
without threshold control. As a result, the queueing delay at the second queue varies
greatly with 81 as shown in Figure 7.

Figure 8 shows the effect of No on the expected delay through both queues for offered load
to the first queue and for selected external arrival rates at the second queue 82 . Figure 9
presents the effect of No on the expected delay at the second queue for selected arrival rate
82 and offered load to Re first queue.

EXAMPLE

Consider two computer networks interconnected through a gateway as shown in Figure 10.
The gateway is assumed in network A. Traffic entering the gateway consists of traffic
generated from network A, and traffic generated from network B that communicates with
nodes in network A. Because of distance and priorities, we assume traffic generated from
network B has priority for handling at the gateway higher than that of traffic generated
from network A. Thus, when the buffer occupancy at the gateway reaches a certain
threshold level, in order to avoid network congestion at network A, traffic from network A
entering the gateway can be rejected.

Assuming the average traffic arrival rate entering the gateway from network A is 0.4
packets/packet service times, the traffic entering the gateway from network B is 0.7
packets/packet service times. If no flow control is applied at the gateway, the gateway
reaches its saturation and gradually affects the other nodes in network A. Eventually,
network A will reach its saturation and greatly degrade the network throughput. If flow
control is applied at the gateway with a threshold level of No=5, the expected queueing
delay at the gateway is 4.7 service times (Figure 9) and the delay for packets generated
from network A entering the gateway is 5.8 packet service times. The carried load at the
gateway is 0.26 packets/packet service times, which is 0.14 packets/packet service times
less than the offered load. By selecting the appropriate threshold level No at the gateway,
we are able to control the desired queueing delay at the gateway.

CONCLUSIONS

From the study of the tandem queueing system with threshold control on input arrivals, we
notice that the threshold control is an effective mechanism for avoiding congestion.



Further, implementation of such threshold control is simple and easy. The quantitative
characteristic system behavior with threshold control presented in the paper should be
useful as a design guide for flow control in packet switched computer networks.

REFERENCES

[l] Price, W. L., “Data Network Simulation Experiments at the National Physical
Laboratory 1968-1976,” Computer Networks, Vol. 1, No. 4, 1977, pp. 199-210.

[2] Lam, S. S. and M. Reisner, “Congestion Control of Store-and-Forward Networks by
Input Buffer Limits,” Proceedings of the NTC Conference, Los Angeles, California,
December 1977, 12:1-1- 12:1-6.

[3] Cerf, V. and B. Kahn, “A Protocol for Packet Network Intercommunications,, IEEE
Transactions on Communication, Vol. COM-22, May 1974, pp. 637-648.

[4] Chu, W. W. and M. Shen, “A Hierarchical Routing and Flow Control Policy for
Packet Switched Networks,” Proceedings of the Computer Performance
Symposium, August 1977, pp. 485-498.

Figure 1.  A Tandem Queueing System with Threshold
Control on Arrivals
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Figure 6b. Mean Time For An Arrival To Figure 7. Mean Time For An Arrival To Go
Go Through The Second Queue Through The Second Queue Vs
Vs External Arrival Rate For External Arrival Rate For
No = 5 Uncontrolled Case (No = 4)
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Figure 10. An Example Of A Tandem Queueing System
With Flow Control Input Rejection
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ABSTRACT

An alternative to packet switching, designated as subframe switching is studied. In this
technique the traffic flowing between a pair of nodes in the transport network is given a
fixed capacity by means of time division multiplexing. This flow between two nodes,
viewed as a single commodity, may consist of packets from many different terminals or
ports connected to a node. The advantage of this technique over conventional packet
switching lies in simplicity of switching at tandem nodes and in simplicity of operation,
particularly in flow control. The disadvantage of subframe switching is that less efficient
use is made of transmission capacity. An analysis of the technique is made with the aim of
quantifying delay performance and buffering required. A preliminary study of the relative
switching complexity of packet and subframe switching is undertaken. Numerical results
indicate the relative merits of each method.

I.   INTRODUCTION

In considering switched networks devoted exclusively to data, it is informative to view the
network as consisting of two distinct parts. One component encompasses the local
distribution networks, typically terminal to node and return, while the second component
includes the internodal transport network (see Figure 1). In hierarchical networks one can
associate the second component with a higher level network that connects regions. This
second component which is often called the communications subnet is the subject of our
investigation. We shall be concerned with design tradeoffs between transmission capacity
on the one hand and switching and operational complexity on the other.

The study of data switching and multiplexing in this subnet is usually couched in terms of
packet or message switching vs line switching (see for example References 1-3). Broadly
speaking, packet switching may be viewed as a technique for sharing facilities among
many users whose individual demands are low. Each user is allocated only the amount of
transmission capacity that is instantaneously required. Overhead in the form of packet
addressing is incurred and each packet must be handled individually. In contrast, line
switching, by handling all packets produced in a call as an aggregate, reduces addressing



overhead and processing. The penalty is less efficient use of transmission capacity. In the
sequel we shall examine a technique whose motivation is to trade transmission capacity for
processing and operational complexities. We designate this technique as subframe
switching.

In subframe switching, transmission capacity is dedicated to all of the traffic between a
particular source-sink pair of nodes. This traffic is composed of packets addressed to
individual terminals at the destination nodes. The capacity allocated to a pair of nodes is
slowly varying, responding, not to the originations and terminations of individual data
sessions, but to large scale modifications of traffic patterns. Such changes occur because
of the progression of the busy hour across time zones and because of node and link
failures. We may think of the rate of change of transmission capacity allocations as being
similar to the rate of change of routing tables in packet switched networks.

Since subframe switching does not respond to instantaneous user demand it is less efficient
than packet switching with regard to the utilization of transmission capacity. In order to
assess this effect, a mathematical model of subframe switching was developed and
analyzed. Performance in terms of delay and storage required is calculated for a particular
set of examples of capacity and user requirements. For purposes of comparison,
performance in a packet switched network is calculated for corresponding cases.
(Specifically we assume that mean delay performance is dominated by those transactions
involving three hop paths.) In order to gain insight into processing complexity the
operations required at a particular node are broken down into rudimentary components.
The number of these basic operations that must be carried out in a second form the basis of
comparison.

II.   PACKET SWITCHING (DATAGRAM AND VIRTUAL CIRCUIT)

Consider packet switching as it is implemented in the ARPA network, 4 which is the
archetype of packet switched networks. Messages generated by terminals attached to
HOST computers enter the network through an Interface Message Processor (IMP). This
HOST computer may be an adjunct to the IMP which does local distribution functions.
The HOST computer formats the message into packets with a certain maximum length.
Appended to each of the packets is address information. The packets travel through the
network in a queue-and-forward fashion from IMP-to-IMP. Each IMP on a packet’s
itinerary examines the packet address and determines the next IMP. The receiving IMP
checks a newly arrived packet for errors and buffers it for processing. If both of these
operations are satisfactory, a positive acknowledgment is sent back to the transmitting
IMP. The transmitting IMP buffers a packet until this acknowledgment has been received.
Flow control is accomplished through end-to-end acknowledgments.



In routing the packet through the network ARPA employs a dynamic routing scheme
where all packets are routed independently. Fixed routing is another possible scheme
where all packets which are part of the same call take the same path. In the case of
dynamic routing one must avoid looping of the packets and provision must be made to
reassemble packets that arrive out of order. In the case of fixed routing, information on
calls in existence must be part of the routing information that is stored at intermediate
switching nodes. A further embellishment is the possibility of variable length packets. In
this case overhead information indicating packet length must be carried along either
explicitly or implicitly through an end of message character.

The virtue of packet switching is manifest when many bursty sources share the same
transmission facilities, since these facilities are given to a user only upon demand. This
stands in contrast to line switching where bandwidth is dedicated to a user for the duration
of his call.

III.   SUBFRAME SWITCHING ALTERNATIVE

The savings in transmission achieved by packet switching is not without some cost. Since
each packet is treated as a separate entity it is switched through all nodes that it passes
through on the way to its destination. Again there is the contrast to line switching for
which entire calls, which may consist of a number of packets, are treated as separate
entities. We propose a data multiplexing technique which is intermediate between packet
and line switching. Begin by considering all of the data sources at a node to be grouped
into disjoint classes. Members of the same class have the same destination node in the
transport network. Within a class, user data is blocked into fixed size packets to which are
appended addresses indicating the destination terminal or port at the destination node. All
of the user classes share transmission facilities by using time division multiplexing. Flow
on outgoing trunks is blocked into fixed size frames. A user class is assigned a fixed
portion of the frame giving rise to the name subframe. The technique is illustrated on
Figure 2a for four user classes.

At intermediate switching nodes time slot interchange is used to switch data onto the
appropriate trunks (see Figure 2b). The addressing accompanying packets is not used until
the destination node is reached. At the destination node the addressing allows the
distribution of packets to individual terminals.

Although one pays a price in transmission rate for subframe multiplexing in comparison to
the packet multiplexing schemes of the previous section, switching is simplified. (We shall
quantify these statements presently.) In the case of packet switching discussed earlier each
packet is handled as a separate entity. Moreover, prior to its arrival the switch has no
knowledge of its destination. Thus the switch must read the address header for each



incoming packet and in real time decide upon the disposition of the packet. In contrast, for
frame multiplexing, an entire block of packets can be switched at one time. Furthermore
the switch knows the disposition of each packet before it arrives and no real time
processing of addresses is required. In the case of subframe switching we assume that link
acknowledgments are not required since there is no uncertainty as to the availability of
buffering at a node. This stands in contrast to packet switching where flow is random and
buffering may not be available at a particular node. We assume also that transmission is
reliable enough so that link-by-link error detection is unnecessary.

Perhaps the main advantage of subframe multiplexing lies in the area of flow control. In
packet switched networks, flow is random and routing decisions can be made in a
distributed fashion throughout the network. Thus congestion at a node or on a link can be
caused by traffic originating at distant nodes. This congestion which may be caused by
momentary surges, may propagate to cause serious disruptions of network operations. In
the case of subframe multiplexing, flow throughout the transport network is entirely
controllable. The random buffer levels due to random traffic flow is due solely to traffic
locally generated. Thus congestion control is facilitated since the source of congestion is
easily pin-pointed and its effect confined.

While high usage trunks can be used to provide dedicated paths for commodities, subframe
switching is advantageous because the capacities required for commodities can respond to
slow traffic fluctuations as well as status changes. Moreover, with subframe switching
there is an additional resource sharing advantage associated with the flexible allocation of
TDM channels as opposed to using trunks of standard speeds.

With respect to the utilization of transmission capacity, subframe multiplexing becomes
less effective as the number of user classes increases since transmission capacity is spread
among too many users (see Section IV below). For classes that do not generate much
traffic, as an alternative to allocation of a TDM channel, provision can be made for
conventional packet switching. A part of a frame can be dedicated to this packet traffic.
This subframe can be switched to a portion of the node where packets are handled in the
conventional fashion of a packet switched network. Addresses are examined and the next
step of the itinerary is chosen. The usual acknowledgment protocols can be implemented
on a time division multiplexed system.

As the traffic changes, the sizes of frames and the portions of frames that are allocated to a
particular user class can be changed. These changes can be conveyed around the transport
network so that synchronism is maintained. Similarly changes in bandwidth allocation
would follow changes in the topology of the operational network due to planned evolution
of facilities or malfunction. Distributed intelligence is not required at transit nodes to effect 



the transport of packets during quiescent operation. With subframe switching the need for
direct intelligent response to data session origination or termination is obviated.

IV.   MATHEMATICAL MODELS

In this section we shall determine the transmission capacity and switching complexity
required as a function of traffic levels and performance requirements. We first consider the
performance as measured by delay and buffer requirements as a function of transmission
capacity for subframe multiplexing. Then we consider the requirements for ordinary packet
switching by means of a particular mathematical model.

A:   Distribution of Buffer Space - Subframe Multiplexing

The analysis of subframe multiplexing is based on a queuing model studied by Boudreau,
Griffin and Kac5 (see Figure 3). The model that they treated concerns a helicopter that
departs from a landing pad at fixed, equally spaced intervals. The helicopter always arrives
empty and has a fixed maximum capacity n. It is assumed that the arrival rate of customers
is random; the only restriction being that arrivals are statistically independent from
interval-to-interval. The problem addressed by Boudreau et al. is to find the distribution of
the number of customers waiting when the helicopter departs. It can be shown that the
probability generating function for the number of customers waiting in line just before
boarding the helicopter is given by

(1)

where f(z) is the probability generating function of the customer arrival process and f'(1)
denotes the first derivative of f(z) at z = 1. Ci; i = 2,3,..n are the n - 1 roots of the equation
zn f(z) = 0 inside the unit disk. One of the contributions of Boudreau et al is to show that
this equation has n distinct roots within the unit disk.

In order to find these roots we transform the forgoing equation into the set of n equations

z - exp(-(8/n)(P(z) - 1) + 2Bik) 0;
k = 0,1,...,n - 1

where i = %-̄ 1̄ . Each of these equations has a simple root within the unit disk. In order to
find these roots we have used a simple Newton-Raphson iteration beginning at the origin.



We have found that for a large range of cases a solution is reached in a small number of
steps. One suspects that it is generally true that Newton-Raphson converges in this case.
This remains a point for further study.

This model can be used in the study of the performance of subframe multiplexing. We
assume that messages arrive for multiplexing at a Poisson rate. (As mentioned above more
general arrival processes can be accommodated.) Further we assume that these messages
have a random number of packets. We assume that messages that arrive after the
beginning of a frame are held over until the next frame (see Figure 2). The probability
generating function of the packet arrivals under this model is

f(z) = exp(8F(P(z) - 1)) (2)

where 8 is the arrival rate of messages, TF is the duration of a multiplexing frame and P(z)
is the probability generating function for the length of a message. We shall measure the
length of a message in terms of a general quantity which we shall designate as a data unit.
For example, data units may be in terms of bits, characters or 1000 bit packets. If a
message length is geometrically distributed in terms of data units, its probability generating
function is

(3)

so that Pr[i data units in a message] = (1-p)pi-1.

The foregoing gives the number of data units from a particular user class that are in the
buffer when the portion of the frame allocated to that class commences. Note that this
portion of the frame can accommodate n data units. This gives the maximum amount of
buffer space that is required by a particular class. We are also interested in the delay
suffered by a message i.e., the time interval between message arrivals and its complete
multiplexing on the outgoing line.

B:   The Delay Distribution - Subframe Multiplexing

We may distinguish four basic components comprising the delay of a message. Assume
that a frame starts at time t = 0, and that a message arrives at time t = J. Even if there are
no previously arrived data units in the system, the message delay is TF - J plus the time
required to multiplex a message. In general the delay of a message will be longer since
there may be data units remaining from the previous cycle and data units newly arrived in
the time interval J. The total number of new packets that must be multiplexed before a
particular message can be multiplexed is given by

PT = PR + PN + PM (4)



where PR is the number of packets remaining from a previous frame, PN is the number of
packets arriving since the start of a frame and PM is the number of packets in the message.
These quantities are statistically independent of each another. The distribution of PR can be
calculated from the generating function in equation (1) (see below). The generating
function for PN is given by Equation (2) with J replacing TF. The generating function for PM

is given in Equation (3) for the case of geometrically distributed messages.

The calculation of delay is complicated by the fact that the random variable PN is a
function of the random variable J which is itself uniformly distributed in the interval
(0, TF).

Taking these facts into account, the mean, the variance and percentile points of delay were
computed numerically. One could calculate an explicit formula for these quantities,
however, little insight would be gained thereby. Instead we shall outline the computational
procedure by which delay is computed. Recall that the probability generating function of
the number of data units present before the server arrives is G(z) and let gi = Pr[i data units
waiting]. It can be shown that F(z), the probability generating function for the number of
data units remaining after n have been removed, is

(4)

The values of gi can be found quite easily by means of the Fast Fourier Transform (FFT).
Now suppose J is fixed, the probability generating function of the number of data units to
be multiplexed on the line is given by the product of the generating function for PR , PN and
PM . Unfortunately, the time required to multiplex these data units is not directly
expressible in terms of these generating functions. Thus for each value of J we use the FFT
to compute the inverse transform of this composite probability generating function.

From this we can compute the probability distribution of delay. Let PT be the total number
of packets to be multiplexed. The time required to multiplex PT packets is

where [X]¯ is the largest integer less than X and where num is the number of data units per
frame allocated to all users. The total delay for a given value of J is

D = TM + TF -J.



The moments and the distribution of delay are given from the knowledge that J is
uniformly distributed in the interval (O,TF).

C:   The Average Delay Computation for Ordinary Packet Switching

The computation of average delay for a practical packet network is a difficult problem and
the specifics of a networks operations are basic to a comprehensive study. It is far beyond
the scope of this paper to catalogue various methods of operation and then undertake a
thorough delay analysis of each. Instead, for illustrative purposes we settle here for a rough
estimate of delay.

To obtain the estimate for average delay we assume that the first node in a path can be
modeled as an M/G/1 queue with the service time distribution being the distribution of
message lengths. Moreover, we assume that longest path in the network is a three hop
path. We take three times the average waiting time in the first node as the estimate of path
delay. While it is true that many messages will go through shorter paths, the time average
delay of messages going over longer paths must be satisfactory. We do not consider
averages taken over all paths as a valid measure of performance.

D:   Relative Processing Complexity

We consider now the complexity of switching that is required for packet multiplexing and
for subframe multiplexing. While we have no difficulty using bits per second as a valid
measure for transmission capacity it is difficult to find a comparable measure for switch or
processor complexity. The difficulty is encountered whether one uses the subframe idea or
not since the details of what should be done at a node and how it is to be done remain
somewhat unsettled. A way of measuring processing complexity is to simply count the
operations per second at a node for each technique. We shall employ this measure to
assess the relative switching complexity of the two ways of multiplexing. The counting
method may provide a pessimistic appraisal of subframe switching since it does not reduce
the weight of routine periodic operations (that are likely candidates for relegation to
hardware) relative to complex operations (requiring software implementation).

Consider a stream of packets entering a node in a packet multiplexing system. On each
packet the following operations must be performed.

1. The address or header information must be accessed.
2. This address must be deciphered.
3. Either an internal counter signals the end of the packet or an end of message

character is recognized.
4. The packet is loaded into a buffer.



5. Positive acknowledgment to transmitting node is transmitted.
6. After receiving a positive acknowledgment the corresponding stored packet is

released.
7. Increment to next packet.

In the case of subframe multiplexing, action is taken by the processor only at the subframe
intervals. At these points all that is required is to switch a user class in steps 4) and 7)
above. In the sequel we shall use these estimates of the number of operations per switch in
order to compare the complexity of switching in packet multiplexing and subframe
multiplexing. We recognize the arbitrary nature of the foregoing measure. However, we
felt that it would serve as a measure of complexity in a preliminary study such as this.

An approach to measuring switching complexity employing information theoretic notions
could be used in future studies. For example the task of the nodes certainly includes
relaying packets to their destination and providing confirmation of satisfactory packet
transport. To provide these functions the node needs the intelligence to ask questions like:

Where does this packet go?

Has an acknowledgment of a transmitted packet arrived yet?

The questions can be construed as determinations of outcomes of chance experiments of
known entropy. The rate such questions are asked, weighted by their respective entropies,
assign a bit per second measure to processing power (needed or) provided.

V.   NUMERICAL EXAMPLES

In this section the relative merits of packet switching and subframe switching are evaluated
with respect to transmission capacity and switching complexity by means of numerical
examples. The primary focus is upon messages which have an average duration of 20 eight
bit characters. This average seems to be typical of the kind of traffic that places the highest
demands upon data networks of the class under consideration. With this average we
consider two distributions of messages, constant length and geometric. In the former case
we take a data unit to be 20 characters long. In the later case the length of a data unit is 4
characters and p = 0.8 (equation 3).

In the sequel we shall present curves of delay as a function of load. We shall compare the
delay for subframe multiplexing with delay for packet multiplexing. Throughout we shall
be concerned with the delay that is a function of traffic. Thus the analysis presented in
Section III above is used to assess delay for subframe multiplexing. This delay is incurred
at the point where data is multiplexed into a frame. As mentioned in the foregoing, it is



assumed that delay in the packet switched network is computed under the assumption that
a message traverse three nodes which behave as M/G/1 queues. Our focus is on traffic
induced delays, consequently, we shall ignore delays such as propagation synchronization
and timing. Our purpose is to make comparisons not to obtain absolute measures of delay.

In most of the cases that we shall consider the transmission rate between nodes on the
transport network is 56 Kbps. We shall also consider a case where the rate is 1.544Mbps.
We divide the frame in the case of subframe multiplexing into a basic component which
we designate as a data unit. This is the minimum unit that can be switched at a node. We
note also that it is not necessary that the portion of a frame dedicated to a particular
commodity need not be greater then a packet.

The results of our computations of delay for subframe multiplexing are shown on Figures
4, 6 and 8. On all of these figures the abscissa is load (or equivalently message arrival rate)
and the ordinate is average message delay. The parameter distinguishing different curves is
frame structure. Consider for example the curve labeled (8,16) on Figure 4. Eight users are
given 16 slots each consisting of 4 bytes. Thus the frame duration is 512 bytes or 4096
bits. Since the line speed is 56 kbps the duration of a frame is 73.14 msec.

The results are shown for average delay. We have also computed percentile of delay. A
rough rule of thumb is that the 90 percent point is twice the average delay and the 99
percent point is four times the average delay.

On Figure 5 results are shown for a geometric distribution of messages with p = .8 (see
Equation 3). The curves exhibit the shape that is characteristic of queuing systems. In
carrying out the calculations it was assumed that 10 percent of the packet is devoted to
overhead. As the load increases toward 1.0 the system becomes unstable. As the load
decreases toward 0 the delay is asymptotic to a nonzero value which is the average time
required to put a message on the line plus half the duration of a frame. In Figure 5 results
are shown for packet multiplexing comparable to that shown on Figure 4 for frame
multiplexing. The results are shown for different values of fixed packet size. Notice that
there is a rather severe penalty for mismatching message length and packet size. For
example, in the case of 32 byte packets, many packets are not entirely filled with data but
with idle code. Nevertheless such packets require the same transmission resource as if they
were filled with data.

A comparison of frame multiplexing and packet multiplexing for constant length messages
is shown on Figures 6 and 7. The same phenomena govern delay in this case as in the case
of constant length messages.



The values of delay of interest to us are in the range 100-200 msec for average delay.
Generally speaking the packet switching technique yields lower values of average delay.
Nevertheless, the advantage of the packet switching technique is not so great as to
preclude other considerations. In fact with a mismatch between constant length packets
and message lengths subframe multiplexing holds the advantage.

On Figure 8 results are shown for a 1.544 MBPS line which carry twenty four 56 kbps
channels. The packets are assumed to be a constant 128 bytes in duration. This case or
other line speeds are easily obtained from the basic computations.

Calculations of storage requirements for the two techniques were made for both types of
multiplexing. For subframe multiplexing the method given in Section III was used with
variable length messages (p=.8). For packet multiplexing the model used was an M/M/1
queue with the same message size and delay. Since the coefficient of variation of the
message length is .89 (close to 1), we felt that it was not unreasonable to approximate its
distribution as exponential. The M/M/1 model allowed us to easily calculate probabilities
of overflow. Storage requirements for three tandem nodes were calculated with the
distribution assumed to be independent from node-to-node. The results are shown in
Figure 9 in the form of the capacity required to prevent overflow with probabilities .01 and
.001. Again the results shown an advantage to packet multiplexing.

We come now to the comparison of the relative switching complexity for subframe and
packet multiplexing. For subframe multiplexing the number of switches per second at a
node is a simple function of the structure of the frame and the line rate. On Figure 10 we
show the relationship of the number of switches per second as a function of the number of
data units assigned to a user with the number of bytes per data unit as a parameter. Also
shown are the number of operations that must be performed in a second under the
assumptions on the number of operations per switch that were explained in the foregoing.

The switching rate for packet switching is a linear function of the rate of traffic flow which
in turn depends upon the message rate generated by users and the number of packets per
user. This is shown on Figure 11. Again the number of operations per second implied by
the switching rate is also shown on Figure 11. Notice that the scaling is different than that
on Figure 10 since we presume that packet multiplexing is inherently more complicated
than packet switching.

On Figure 12 the results on delay and switching complexity are summarized. The absissa
is average delay and the ordinate is number of processor operations at a single node. The
curves illustrate the tradeoff between transmission capacity and switching complexity. The
curves for subframe multiplexing tend to lie along the absissa indicating simpler switching
gained at the expense of transmission capacity. Packet switching shows a contrary



* For example see Reference 9.

tendency with efficient utilization of transmission capacity achieved by more complex
switching.

VI.   DISCUSSION

An alternative to packet switching for the transport network has been examined. The
alternative, subframe multiplexing, is shown to be simpler than packet multiplexing in
terms of switching complexity. This advantage is achieved at the cost of less efficient use
of transmission capacity than packet switching.

Perhaps the most significant advantage of subframe switching lies in the realm of
congestion and flow control. All of the queuing of packets for subframe switching takes
place at the node where a packet enters the transport network. Thus controlling traffic
causing congestion is considerably simplified. This contrasts with packet switching where
congestion at a node can be caused by traffic originating at distant nodes.

In a sense subframe switching and packet switching represent two extremes in the
multiplexing of data. There are intermediate techniques.* For example consider a variable
frame technique. As in the case of subframe switching a fixed maximum capacity is
assigned to each commodity. However, if a commodity has no traffic at a particular
moment its data slots are assigned to an adjacent commodity. Additional overhead bits
indicating a switch to a new commodity are required. Switching is more complex.
However, more efficient use is made of transmission capacity. In future work in this area
this technique can be compared to subframe and packet multiplexing.
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ABSTRACT

The problem of routing in a data network is often treated by assigning traffic dependent
lengths to the links of the network and routing traffic from node i to node j along the
shortest path from i to j . We present a distributed algorithm in which the nodes cooperate
to find all shortest paths. It runs asynchronously in every node and does not require the
network topology, or even the number of nodes in the network, to be known a priori by the
nodes.

INTRODUCTION

The problem of routing in a computer network is often treated by assigning traffic
dependent lengths to the links of the network and routing the traffic from node i to node j
along the shortest path from i to j. If a central facility (like in TYMNET [1]) monitors the
traffic then the shortest paths can be computed at the central location by using classical
shortest path algorithms [2]. The difficulty arises when the traffic is measured locally, so
that each node knows only the lengths of its outgoing arcs. This is the case of the
ARPANET [3] which employs a distributed algorithm to estimate the shortest paths.
Errors in such estimates lead to inefficiencies, as explained in [3].

We present an algorithm in which the nodes cooperate to find all shortest paths. It works
well when the ratio of the longest to the smallest arc lengths is not too large, and can be
seen as a generalization of an algorithm due to Gallager [4] that finds paths containing as
few arcs as possible. Other distributed shortest path algorithms have been proposed
recently [5], [6], [7]. Comparisons between them awaits simulating them all on comparable
networks as worst case behavior is not a reliable indicator of the goodness of an algorithm.



We first describe precisely our model and assumptions. This is followed by an explanation
of the theoretical basis on which the algorithm rests, including sufficient conditions for its
correctness. We then describe the algorithm, explain how it can be optimized and give
simulation results.

Description of the Network

The network consists of a finite set N of N nodes, and a set A, included in N x N, of
directed arcs. To each arc (i,j) in A is assigned a number (real or 4) L((i,j)), called the
length of arc (i,j). We say that node i is upstream (downstream) of node j if (i,j),A
((j,i),A). A node can be both upstream and downstream of another node.

A chain is a finite sequence of nodes such that each node except the last is upstream of the
next node in the sequence. The length of a chain (i1, i2 , .... in ) is defined as

. A loop is a chain that starts and ends with the same node. A path 

is a chain that contains no loop.

We constraint the L(.)’s to be non-negative, and such that all loops have positive lengths.

D.B. Johnson [8] has noted that algorithms similar to the one given below work even if
negative lengths are allowed, but can then have very long running times.

Description of the Initial and Terminal States of Knowledge.

The desired terminal state of knowledge is for each node to know the first arc and the
length of a shortest path to each other node at finite distance.

The amount of initial knowledge that the algorithm given below requires to achieve this
goal is very small. If initially the computers at all nodes are eventually given a signal to
start, the identity of their nodes, the number of downstream nodes and the lengths of the
arcs to those nodes, then our objective will be achieved, but the algorithm will not
terminate!

In order for the algorithm to stop we require that either one of the following also be known
to each node i:

(a) the number of nodes located at finite distance from i

(b) an upperbound LMAX on the length of any arc of finite length.



From a data network point of view it is reasonable to assume that LMAX is given, as the
length of an arc is usually represented by a short binary number. In contrast, the number of
nodes located at finite distance is usually random, as nodes and links can fail. In the
version of the algorithm given below, we assume that LMAX is known.

THEORETICAL BASIS FOR THE ALGORITHM

It is easy to find the lengths and the second and terminal nodes of k + 1 shortest chains
starting at a node when knowing the lengths of its outgoing arcs and the lengths and
terminal nodes of k shortest chains starting at each of its downstream neighbors: if the set
of nodes downstream from node i is Ni, a k + 1st shortest chain starting at i has the form
(i,j), j,Ni, or (i,Cj), where Cj is one of k shortest chains outgoing from a node j,Ni.

Thus, if the number of chains of length less than x is finite for all x (a sufficient condition
for this is that all loops have positive length), then, by generating recursively all chains in
order of increasing length, we can find the shortest paths to all nodes located at finite
distance, and the first arcs of those paths. The algorithm can stop at a node when the
length of the longest known chain is greater than the length of the longest known path
+ LMAX, as the shortest paths to all nodes located at finite distance are then found.

One might wonder why we do not generate immediately all shortest paths. Unfortunately it
is not always possible to find k + 1 shortest paths starting at a node when knowing only
the lengths of its outgoing arcs and k shortest paths starting at each of its downstream
neighbors. However, it is possible to generate recursively a relatively small set of chains
containing all paths of interest, as follows.

At step 0, node i knows the distance to itself (0) and the length                       (L((i,j))) of

its shortest outgoing path. It transmits these facts to its upstream neighors. The algorithm
proceeds recursively:if at step k + 1 node i has received from all nodes j, Ni the lengths
and destinations of all shortest paths shorter than Rk

j , and node i has also received the Rk
j’s,

then it can compute                                (L((i,j))+ Rk
j). Moreover, let Nin be the set of

downstream neighbors of i that have transmitted the lengths djn of their shortest paths to
node n. Node i can compute                                  (L((i,j)) + djn ). If                              

then din is the length of the shortest path from i to n. Node i finds in din for all n,N with
non-empty Nin and transmits to its upstream neighors the lengths and destinations of all
shortest paths discovered during step k + 1, and also  Rk

j
+1 .



It is easy to verify that if the length of all loops are positive, then as k grows,  Rk
j becomes

greater than the length of any finite shortest path. The algorithm can stop when  Rk
j has

grown by more than LMAX, without any new shortest path having been found.

The algorithm that follows implements what has just been outlined with one important
difference: it runs asynchronously in every node. A step at a node i is then the amount of
time between two successive transmissions of the  Ri’s.

THE ALGORITHM

We first describe the computing resources and data structures at each node, and the
meaning of the symbols in relation with what was explained previously. We then define the
instruction BROADCAST that we will use later, give the initialization and main routines of
the algorithm, and show how it can be improved.

Description of the Computing Resources

Each node of the network contains a computer capable of adding, subtracting, storing and
retrieving numbers, and branching on positive and zero results. We will first assume that
the amount of available memory is infinite, but we will show later that at most Ni(2N + 1)
plus a few numbers need to be stored in node i, where Ni is the number of nodes that are
downstream of node i.

Computers at different nodes need not be synchronized, but we require that computers be
able to write into the memory of computers located upstream. In the context of data
networks, this would be done by having a node send a message to an upstream neighbor;
this is easiest when all links are duplex.

Data Structure at Node i

Every node i must have memory space for the following

a) the variables LMAX, Ni and LP. LMAX is defined as an upperbound on the length of an
arc of finite length and Ni is tne number of nodes downstream of node i. LP represents the
length of the longest known shortest path.
b) the numbers D(j) and the arc index BA(j) , j,N. When the algorithm terminates, D(j) is
set to the distance from i to j and BA(j) is set to the index of the first arc on a shortest path
to j, if D(j) < 4.
c) the numbers I((i,j)) and 0((i,j)) and the arrays Q((i,j),.) , (i,j),A. I((i,j)) and 0((i,j)) are
“write” and “read” pointers pointing to elements of Q((i,j),). Q((i,j),.) contains the 



sequence of chain lengths and chain terminal nodes broadcast by node j, except that
Q((i,j),1) is initially set to zero.

The Instruction BROADCAST (B) at Node i

B is either a distance or a node label. In every node j such that (i,i),A:

B1 Q((j,i), I((j,i)) + 1)7 B

B2 I((j,i)) 7 I((j,i)) + 1

It is important that instruction B2 be executed after instruction B1 as can be seen by
examining lines M9 to M11 of the main routine below.

The Initialization Routine at Node i

LP 70
Q((i,j),1) 7 0 (i,j),A
I((i,j)) 7 1 (i,j),A
O((i,j)) 7 1 (i,j),A
D(j) 7 4 j,N
D(i) 7 0
BROADCAST  (i)
IF (Ni = 0) then

begin
BROADCAST (4)
stop
end

go to main routine



The Main Routine at Node i

Minimization of the Communication and Storage Costs

In place of transmitting the lengths x in lines M8 and M17, it is enough to transmit the
difference between x and the sum of the differences previously transmitted. As such a
difference is not greater than LMAX, it can be represented by a short binary number. Also,
differences equal to zero need not be transmitted at all.

The amount of required memory space can be reduced by noting that if two adjacent
elements of Q((i,j),·) are lengths, the smallest one can be discarded. Thus Q((i,j),·) need to
have size 2N only, as it will contain at most N destinations and N lengths. Moreover, the
0((i,j))-1 first elements of Q((i,j),·) can be discarded, so that typically Q((i,j),·) contains
much less than 2N elements and dynamic storage schemes could be used.

SIMULATION RESULTS

Three quantities are important in distributed algorithms: the amount of computation at each
node, the amount of communication (number of bits transmitted) on each link, and the time
to completion. This last quantity is often dominated by the time it takes to exchange
messages between nodes. Thus an algorithm in which many short messages are exchanged 



will generally take more time than an algorithm in which few long messages are
exchanged, even if their communication costs are equal.

If the smallest arc length is 1, and the largest is LMAX, it is easy to see that the amount of
computation at node i is no more than of the order of Ni . N.LMAX. and the amount of
communication per link is no more than of the order of N log(N) + N.LMAX. log(LMAX)
bits. However, as with other algorithms of this type [10], the typical behavior is much less.

In order to get rough estimates of performances, we have simulated the algorithm under the
following conditions. We used the topology of the ARPANET at a time when it had 55
nodes and 69 duplex links [9, Fig. 1]. We assigned to each arc independently a random
integer length uniformly distributed between 1 and LMAX. We optimized the output
sequence as explained earlier, and divided it into packets, including in a packet the output
produced between two “waits” (line M9). The time of transmission of a packet was chosen
as deterministic (1 time unit) in one case, and randomly chosen from an exponential
distribution of mean 1, truncated at 10, in another case. The algorithm was initiated at a
randomly selected node, then each node signaled to its neighbors that it was time to start.
Results are summarized below as a function of LMAX. Although their sensitivity to the
various assumptions is unknown, the number of destinations and lengths transmitted is
encouragingly small, considering that the exact shortest paths are obtained. More precise
results await the simulation of a complete network (including the data traffic, and having
the arc lengths depend on the measured traffic) or the implementation of the algorithm in a
working network.

LMAX Average Number
of packets
transmitted per
link

Average Number
of destinations
transmitted per
link

Average Number
of lengths
transmitted per 
link

Time to Completion
Deterministic Random
Transmission Transmission
Times Times

1 11.8 55 10.6 20 35.9

10 19.5 55 39.1 36.5 63.4

100 29.7 55 75.4 64.5 76.0

Communications costs are not significantly different for deterministic and random
transmission times, we give only their averages.
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ABSTRACT

Experience with packet switching during the past decade has shown that the packet
technology is very cost effective for bursty communications between computers and
terminals. However, for applications characterized by a steady instead of bursty flow of
information (e.g., file transfer, digitized speech, facsimile), it has been established that
pure packet protocols are often inadequate because of the unnecessarily high line overhead
and the high delay fluctuations between consecutive packets [1]. For such applications, a
circuit switching approach (either physical or virtual) appears more advantageous [1],[2].
In the physical circuit approach, bandwidth is dedicated to a connection for the entire
duration of the session; while in the virtual circuit approach the path is fixed at the
beginning of the session and some expected bandwidth is guaranteed, in a statistical sense,
along the path (but no physical bandwidth is assigned).

In large systems comprising both bursty traffic and real-time, steady flow applications, the
hybrid network scheme combining both packet and circuit switching technology (i.e.,
hybrid switches and time division multiplexed trunks) presents itself as the most
advantageous solution. In fact, several hybrid schemes have been proposed, and some
hybrid network systems are now offered commercially [1],[2].

The design and the operation of hybrid networks present some critical issues which do not
exist in the context of pure packet or circuit networks. During the design phase, for
example, one must partition trunk capacity between the packet and the circuit switched
traffic components so that the respective performance constraints are satisfied at minimum
cost. After network implementation, one must control the network with appropriate
routing, bandwidth allocation and flow control procedures so that network resources are
efficiently and fairly utilized by both packet and circuit users.

In the verbal presentation, we will first review the critical issues in the design and
operation of hybrid networks. We will then discuss in some detail an adaptive “hybrid”
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routing procedure suitable for both packet and circuit modes of operations. Some
numerical examples will be presented to illustrate the main properties of the hybrid routing
algorithm.
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ABSTRACT

The combined performance of a multi-access communication channel under joint access
control/modulation/coding procedures is examined. The multi-access channel serves as a
shared information transmission medium in a data communication network, such as a
satellite, computer or terrestrial radio communication network. The performance of the
underlying modulation/coding scheme is expressed in terms of the corresponding bit-error
probability vs. signal-to-noise ratio curve. The computational cutoff error rate is also used
as a proper performance measure characterizing the joint modulation/coding scheme. The
performance of the underlying access-control algorithm is described by the message-delay
vs. network-throughput curve. Integrating these performance functions, the combined
performance of the joint access-control/modulation/coding procedure is derived. In
particular, under proper bandwidth and power limitations, one can then evaluate the total
amount of information that can be transmitted through the channel, in a reliable and timely
fashion, at prescribed bit-error-probability and message-delay values, under various
communication link, transceiver, repeater and antenna conditions.

INTRODUCTION

A data communication network provides a proper set-up of communication links enabling
the distributed network users to transmit information-bearing messages through the
network. For network information transmissions to be valuable, it is generally necessary to
require that they be carried out in a both reliable and timely fashion. The derivation and
description of the process involving the integration of these two performance requirements
of a communication network is the main objective of this paper.

To illustrate the integration process, we assume a communication network which is
composed of a single multi-user multi-access communication channel. Such a channel



provides a model for a satellite communication channel. (When the satellite serves as a
linear repeater, the joint uplink/downlink satellite communication channels are readily
described by an equivalent single communication link. For a processing satellite, each link
is properly described as a multi-user communication channel.) Multi-user communication
channels are also employed in various other radio communication networks (such as those
using line-of-sight communication links or HF media) and in (both circuit-switching and
message-switching) computer communication networks using high data-rate telephone
lines or cables (and/or radio links) as communication media.

Due to noise interferences in the communication channel, proper modulation/coding
procedures must be chosen to ensure reliable transmission of information. The bit-error
probability (Pb) is then commonly used as a measure of performance, and Pb vs. channel
signal-to-noise ratio performance curves have been derived for various digital modulation
schemes (see, for example, [5]-[6]) and for certain coding procedures (see [5]-[7] ).
Random-coding upper bounds on Pb for block and convolutional codes have also been
derived ([7]). Furthermore, such bounds have been extended to yield Pb upper bounds for
joint modulation/coding schemes, in terms of the channel computational cutoff error rate
function Ro (see [8]-[9]).

All these studies, however, assume a steady arrival message stream at the channel. In
contrast, for actual communication network situations, message streams arriving at the
network stations are generated by heterogeneous information sources governed by various
stochastic mechanisms. (Our terminology is such that stations are the units which can
access the multiaccess channel. Each station receives information for transmission across
the channel from the network users.) As such, message lengths and interarrival times are
generally random variables rather than fixed quantities. Consequently, messages will
experience queueing delays at the network stations. The mean message time-delay (D̄) ,
also called response time, expresses the average (steady-state) time elapsed from the
instant a request for message transmission is generated by the user to the instant at which
this message is received by the destination station. We note that the message response time
(D̄) is equal to the sum of the mean message waiting time (W̄) from arrival to start of
transmission across the channel and the mean message transmission time (S̄).

The message queueing delay is further adversely affected (increased) by the multi-access
nature of the channel. Thus, since the various network stations are sharing the
communication channel, the latter is available for service of each station only at a proper
reduced rate (as we will note in the next section).

The sharing of the communication channel by the network stations is determined and
controlled by the underlying access-control discipline. (See [10] for discussion concerning
the architectural and performance properties of access-control procedures.) Governed by



the network access-control algorithm, each station determines the proper time and
frequency slots within which it can transmit its information across the channel.

The timely transmission of information through the channel is described by the message
delay (D̄) versus the traffic throughput (D) curve. The traffic throughput parameter (D) is
equal to the ratio of the actual average rate of messages transmitted across the multi-access
communication channel and the maximal average message transmission rate over the
channel resulting when the network contains only a single station generating a
deterministic steady message stream (under prescribed Pb and signal-to-noise ratio values).
Note that 0#D#1. We also observe that, under actual network situations when random
message streams are involved, if we set D=1 , arbitrarily high message delay values (D̄)=4)
will usually result. Consequently, in network stations where finite capacity buffers are used
to store arriving messages, buffer overflow will occur with probability one.

Alternatively, a flow control mechanism can be employed to reject certain messages from
entering the network at certain times. Then, finite response-time values can be guaranteed
to admitted messages. The traffic throughput, however, is then reduced. The characteristics
of the network delay-throughput curve are directly determined by the traffic-message
statistical properties, by the access-control procedure, and by the allowable information
transmission rate across the channel.

The above discussion indicates that, to describe the joint performance of a multi-access
communication channel governed by an access-control/modulation/coding procedure, the
bit-error probability vs. signal-to-noise ratio curve characterizing the performance of the
underlying modulation/coding technique should be combined properly with the delay-
throughput curve characterizing the performance of the underlying access-control
technique. The resulting combined performance curves will then allow the network
designer, analyst or user to find out how much information can be transmitted through the
channel, in a reliable and timely fashion, at proper prescribed values for the bit-error-
probability and the message delay, and at the proper communication link conditions
involving parameters such as: transmitter power, channel bandwidth, receivers’ G/T
values, antenna gains, channel attenuation, etc. Alternatively, fixing the proper parameters,
and considering (for example) a satellite channel, one will be able to compute the required
satellite bandwidth and power for prescribed Pb , (D̄) and traffic values.

It is the main objective of this paper to develop, describe and present the general essential
characteristics governing the above-mentioned combined performance curves. In doing so,
we present specific examples involving MPSK and MFSK modulation schemes and
TDMA and FDMA access-control algorithms. Detailed performance studies for various
specific access-control/modulation/coding schemes are presently being carried out by the
author.



The reader will note that the problem of properly choosing a joint access
control/modulation/coding scheme is a resource-allocation problem. The major network
resources under consideration in this paper are associated with the available channel
bandwidth (HN) and power (as related to the received carrier-to-noise Œ/No ratio). The
joint scheme must be chosen so that these two resources are properly utilized to yield
acceptable Pb , (D̄), and traffic throughput (D) values.

A similar study has been carried out by the author [1] in deriving and studying the
combined delay vs. distortion curves that describe the performance of data compression
(source coding) procedures associated with information sources transmitting across a data
communication network. The proper modification of Shannon’s source coding theorems to
communication network situations that involve message delay and buffering constraints
(resulting from the stochastic characterization of message streams) is studied in [11]. The
latter study also investigates the performance of adaptive information-processing schemes
which adapt dynamically the data-compression (or message-distortion) level to the current
state of congestion (queueing delay) in the network.

THE MULTI-ACCESS COMMUNICATION CHANNEL

A multi-access conununication channel which serves as a shared-information transmission
medium for the network stations is considered. The number of network stations is equal to
M . For mathematical simplicity, we assume equal conditions at all earth stations.
Associated with this communication channel, the following parameters are defined:

HN[Hz] =  network bandwidth
H[Hz] =  channel bandwidth allocated per station

Œ[watts] =  total average received radiated power at a receiver
C[watts] =  average received radiated power per transmittin station

No[watts·second] =  one-sided receiver white noise power spectral density
Ub[bits/sec] =  total transmission bit rate through the channel

Rb[bps] =  transmission bit rate through the channel by a station

Thus, the total available channel bandwidth is equal to HN. Each station uses a channel
bandwidth equal to H. Power values, receiver G/T measures, channel attenuation and
antenna gain characteristics are such that the received total carrier-to-noise ratio is equal to
Œ/No . The received carrier-to-noise ratio associated with a single transmitting station is
set equal to C/No .

Each station transmits through the channel at a bit rate of Rb bps. The total rate of
transmission through the channel is denoted by Ub bps. These bit rates involve both inform
otion and modulation/coding bits.



THE MODULATION/CODING SCHEME

The modulation/coding scheme at each station is characterized as follows. Each sequence
of R information bits, where

R = log2L    ,   L=2R , (1)

is encoded as N channel signals (symbols). The code rate R is thus equal to

R = (log2L)/N  [bits/channel signal]  . (2)

Choosing a code is constrained by the decoding complexity, which generally increases
linearly with L (and exponentially with R).

The set of channel signal waveforms is determined by the modulation scheme. We set:

K =  nunber of distinct signal waveforms, K=2k

T[sec] =  baud time = transmission time of a signal waveform

The information throughput rates are defined as:

UI[bps] = total network information throughput rate
RI[bps] = information throughput rate per station

We readily deduce the following relationships:

Rb = (log2K)/T    , (3)
RI = (log2L)/NT = RT-1 = Rrb(log2K)-1 (4)
UI = RUb(log2K)-1   . (5)

The baud time duration T is determined by the channel bandwidth H allocated to the
station, the modulation/coding procedure and the transceiving filtering operations. We
combine these factors by defining the parameter a as the bandwidth-baud time product

a = HT . (6)

Parameter a depends upon the modulation/coding scheme and the transceiver filters, as
illustrated by the examples presented later in this section.



Using relation (6) in (3)-(5) , we have

The energy of the received channel signal is denoted by Es . The received energy per bit is
Eb . Thus:

Es[watts·sec] = received signal energy ; 
Eb[watts·sec] = received energy per bit.

Clearly, we have

The received signal-to-noise ratios (SNRs), Eb/No and Es/No are thus related with the
carrier-to-noise ratio in accordance with the formulas:

The main performance measure associated with the operation of a modulation/coding
scheme is the bit-error probability Pb . Assuming an Additive White Gaussian Noise
discrete memory-less channel, the performance of the modulation/coding scheme is
described by

The function f depends on the joint modulation/coding scheme under consideration. For
each such scheme, f(·) depends upon the signal-to-noise ratio parameter Es/No (or Eb/No) ,
the code rate R and the code block length N .

The function f is generally a monotonically decreasing function in Es/No . Its inverse,
denoted by f-1(·) , thus exists, yielding:



Clearly, f-1(Pb) is then a monotonically decreasing function.

The specific form of f and the value of a for the common (coded) modulation schemes
KPSK and KFSK are illustrated by the following.

EXAMPLE 1 (MPSK schemes)

Under a Multiple Phase Shift Keying (MPSK) scheme, the signal waveform is a sinusoid
with a phase equal to one of the phases in the set M = {m2BK-1,m=0,1, ...,K-1} . Assuming
no further coding, we set N = 1 , L=K, so that

Thus, each sequence of k = log2K information bits is translated into a signal waveform
whose phase is one of the K phases in set M . The function fKPSK(·) now depends only on
Es/No and K assuming maximum-likelihood coherent detection. For K = 2 and modulation
scheme BPSK we have (see [5]-[6])   :

where

For K = 2k > 2 , one obtains the following (approximate) upper bound (incorporating Gray
coding; see [5]-[6]),

For Nyquist filters at the transceiver, we have, for a KPSK scheme (noting that the channel
signals lie in a space of dimension two),

a = HT = 1 (21)

EXAMPLE 2 (MFSK Schemes)

Under a Multiple Frequency Shift Keying (MFSK) scheme, the signal waveform is a
sinusoid whose frequence is equal to one of K distinct frequencies. We assume no further
coding, L=K, so that N=1 and relations (16)-(17) hold. Thus, each sequence of k = log2K
information bits is translated into one of K orthogonal frequency tones.



The function fKFSK depends on Es/No , so that

See [5]-[6] for explicit expression for fKFSK(·) . The following bound is useful for high
enough Es/No (under maximum-likelihood non-coherent detection):

For K = 2 , the inequality in (23) is replaced by equality,

For Nyquist filters at the transceiver, we have for a KFSK scheme (noting that a signal can
be any one of K orthogonal frequency tones),

a = HT = K . (24)

When further coding is applied in association with a modulation scheme, random coding
techniques can be applied to yield upper bounds on Pb . A useful upper bound for a given
joint modulation/coding scheme is given by the relation (see [7]-[9],[12]):

where R < Ro and

is a parameter which depends upon the channel and the modulation/coding procedure
(modeled as an equivalent discrete memoryless channel) and is called the computational
cutoff error rate. A (per unit time and bandwidth) normalized Ro parameter, denoted by
Ro , is defined by

Using (27) and (8) in (25), we obtain that

We thus note that R˜ o serves as a measure of information throughput per unit bandwidth.
The Ro (or R˜ o) parameter can be computed analytically for various modulation/coding
schemes under various filtering and detection procedures (see [8]-[9],[12]) . A relation
similar to (25) also holds for convolutional codes, for which we have



where Kc is the constraint length and b is a constant.

USER STATISTICS, GRADE OF SERVICE AND THE ACCESS-CONTROL
SCHEME 

The number of stations in the system is set to be equal to M

M = number of network stations.

Messages arrive at each station at random times governed by the statistics of an underlying
stochastic point process [2]-[4]). Message arrival rates (i.e., mean number of messages
arriving per unit time) are set equal to

8[mess./sec] = message arrival rate at a station;
7 =8M Imess./sec] = message arrival rate at the system.

Each message contains a random number of packets. A packet is a fixed-length message
containing b bits. Let Bn denote the number of packets contained in the n-th message
arriving at the system. It is often assumed that {Bn,n$1} are i.i.d. random variables
governed by a common distribution and moments $i = E($1

i), $ = $1 . The following
traffic-message parameters have thus been introduced:

b[bits] = packet length;
$[packets/mess.] = average number of packets per message;

$i = E(B1
I) ,  $ = $1   ;

8b = 8b$[bps] = message bit arrival rate at a station;
7b = 7b$[bps] = message bit arrival rate at the system.

In general, the message arrival and length statistical characterizations will depend upon the
message class (type and priority) and the source-destination pairs, The sets of parameters
needed then to characterize statistically the arrival message streams and the message
lengths are denoted by A and B , respectively.

Each message experiences queueing and transmission delays while being processed and
transmitted through the network. The steady-state delay of an arbitrary message
transmitted through the network is denoted by D[sec.] . Its mean is set equal to D̄ = E(D) .
Random variable D expresses the time elapsed since the message arrived at the station to 



the time its transmission has ended. (It is received at the destination after the additional
propagation delay.)

The message mean delay (and distribution) is generally the main message grade-of-service
measure of performance. The following average message delay measures are defined:

D̄[sec.] = message mean delay (response time);
8 D̄ = mean delay normalized by mean message interarrival time;
D̄b = D̄(M$b)-1[sec./bit] = mean delay per message bit and number of users.

The variance and distribution of the message delay are also used as proper measures (see
[2]-[3]). Message-delay functions can also be computed separately for each message class 
and source-destination pair.

Buffer queue-sizes (or probabilities of buffer overflow) also serve frequently as proper
service indices. When Little’s theorem can be invoked, the mean queue-size X̄ at a station
buffer is related to the mean message delay D̄ by (see [3])

X̄ = 8 D̄ (30)

The system throughput measure, also called the system traffic intensity parameter, denoted
by D , is defined as follows:

D. = rate of message transmitted through the channel/maximal transmission
rate over the channel by a single station generating a deterministic
steady bit stream.

If we assume that the channel information-bit transmission rate is equal to UI , and that all
arriving messages are (eventually) transmitted through the channel (none is rejected), we
conclude that, for 0 # D # 1 ,

D = 7bUI
-1 (31)

To compute the message-delay (and queue-size) distribution, the network is modeled as a
queueing service system. A queueing system is characterized by the process of customer
arrivals, the customer required service times and the service discipline. In our multi-user
communication network, the messages are the customers. The message arrival point
process thus provides the statistical description for the customer arrival process. The
service time required by a customer, denoted by S , is represented by the message
transmission time across the channel. A station transmits its messages across the channel
at a rate of RI(bits/sec.]. Each message contains Bb[bits/message] (where B is a random



variable representing the number of packets contained in a message). Consequently, the
message service time, or transmission time, is given by

Subsequently, we conclude that the customer(message) service time (transmission time)
distribution is specified by (32) in terms of the message length distribution (i.e.,
distribution of B) and the channel information transmission rate RI . The service discipline,
which determines the order in which customers are served, is completely specified by the
access-control procedure governing the multi-user communication channel. We have thus
arrived at the following conclusion. (Each packet is assumed to be separately decoded.
Packets are usually long enough so that no additional decoding delays are incurred.)

Proposition 1. The message-delay distribution, the station queue-size distribution and the
system throughput are determined by the statistics of the message arrival process and the
message-length sequence, by the access-control procedure and by the station information
transmission rate RI .

Corollary 1. The delay-throughput performance function depends on the underlying
modulation/coding scheme only through the value RI of the station information
transmission rate, where (by (4) and (8)) we have

Thus, for a given RI (or UI) value, an access-control procedure is assessed in terms of the
resulting associated delay vs. throughput performance function. The delay-throughput
behavior of the system is expressed by the function d(·) , where

and the subscript AC indicates the dependence of d(·) upon the underlying access-control
scheme. Typically, as is the case for FDMA and TDMA schemes under Poisson message
arrival streams (see [3] and examples below)the following special delay-throughput
functions are computed to facilitate the network performance evaluation process:

with



Generally, we require

D < Dmax < 1 (38)
to ensure finite message delays. For D $ Dmax , arbitrarily large message delays result
(D̄=4). The parameter Dmax is called the system traffic capacity. For FDMA and TDMA
schemes, Dmax  = 1 .

As we assume henceforth., the function g(·) is generally monotonically decreasing in UI ,
for D < Dmax . It is also monotonically increasing in 7b (as well as in D , for D < Dmax). Its
inverse w.r.t. 7b , denoted by g-1(·), thus exists. Clearly, the function

describes the network bit rate as a function of the allowable mean delay D̄b , and is
monotonically increasing in D̄b , so that                                        

The function h(·) is also, as we assume henceforth, monotonically increasing in D , for
D < Dmax . Its inverse w.r.t. D denoted by h-1(·) , yields the relation

The function h-1 (·) is then monotonically increasing in X̄ = 8D̄ , so that D8Dmax as X̄84. 

EXAMPLE 3. (FDMA)

Under a Frequency Division Multiple Access (FDMA) scheme , the network bandwidth
HN is divided into M disjoint parts. Each station is thus assigned a channel bandwidth H
given by

H = HN/M . (41)

By (33), the station information bit rate RI is therefore given by

RI = a-1M-1HNR . (42)

The system information bit rate UI is now clearly equal to



Assuming a Poisson message-arrival stream, the message delay formulas under FDMA are
given as follows ([3]):

for

We note that both gF(·) and hF(·) are independent of M . Furthermore, for D <1 both hF(·)
and gF(·) increase monotonically with D , and decrease monotonically with UI as noted
before.

For 0 = $2/2$2 = 1 , we obtain, by inverting hF , that

and note that DF(X̄) is monotonically increasing in X̄ so that DF(X̄)8 as X̄ = 8D̄84 . Note
also that, under an FDMA procedure, C = M-1 Œ

EXAMPLE 4. (TDMA)

Under a Time Division Multiple Access (TDMA) scheme, time is divided into a periodic
sequence of consecutive time frames. Each frame contains M time slots. The slot duration
is assumed here to be set up equal to the time it takes to transmit a single packet. The i-th
station is assigned (on a dedicated fixed basis) the i-th slot within each frame, i = 1,2,...,M. 
Each station uses the whole network bandwidth (HN) while transmitting within its
dedicated slots. Subsequently, we have

H = HN , (48)

and by (33),



Assuming a Poisson message-arrival stream (see [2]-[3] for detailed analysis and
derivations of message-delay and queue-size distributions for general message-arrival
processes), the following delay-throughput results are obtained.

For

The approximation in (50) is valid when M>>2 , as is generally the case. Then, both gT(·)
and hT(·) are independent of M . Note also that, for D < 1 , both these functions increase
monotonically in D and decrease monotonically in UI . Inverting hT for 
                   , we obtain

noting again that D(X̄) increases monotonically in X̄ and DT(X̄)81 as X̄84 . Note also that,
under a TDMA procedure, we have C = Œ.

THE COMBINED PERFORMANCE OF JOINT ACCESS-
CONTROL/MODULATION/ CODING SCHEMES

Integrating the performance functions presented in the previous sections, the combined
performance of a joint access-control/modulation/coding scheme can be described. The
performance of the modulation/coding procedure is expressed in terms of the bit-error-
probability (Pb) vs. SNR(Ess/No) function f of (14), or in terms of Ro (Eqs.(25)-(28) ). The
delay-throughput performance functions are determined by the access-control procedure,
the users’ traffic-message statistics and UI (see Proposition 1). As indicated in Corollary 1,
the information bit-rate parameter UI serves as the only connection between the Pb vs.
SNR performance function f(·), governed by the modulation/coding scheme, and the delay-
throughput function d(·), governed by the access-control procedure. The parameter UI is, in



turn, related to the network bandwidth as indicated by Eq,(33). The combined performance
functions of an access-control/modulation/coding scheme are thus jointly specified as
follows.

The basic network parameters appearing in Eqs.(54) are the network traffic-message
statistical parameters (A,B,$i,7b) , the system bandwidth HN and the carrier-to-noise ratio
Œ/No. The latter is determined by the transmitter powers, antenna gains, receiver G/T
figures of merit and filtering operations. The modulation/coding scheme determines the
parameters K, R, N, a and functions f and Ro . The access-control scheme determines the
delay-throughput functions d, g, h and Dmax . The two major performance indices
considered here are the message delay D̄ (or queue-size X̄= 8D̄ ) and the bit-error
probability Pb (or Pb

u in terms of Ro) .

The joint access-control/modulation/coding scheme must thus be chosen so that the link
resources (bandwidth and power, HN and Œ/No) are properly allocated to satisfy the users
service demands, governed by the traffic-message processes, and to yield acceptable (or
prescribed, or minimal) values for both the message delay D̄ and the bit-error probability
Pb. Curves (54) allow this joint resource allocation problem to be studied, analyzed or
performed.

In the following, we present, illustrate and discuss the various aspects and trade-offs
associated with these joint performance functions. In doing so, we consider four families
of combined performance functions. The first involves the trade-off between the two
indices of performance, D̄ and Pb . The second set of functions consist of Pb vs. (Œ/No) link
performance curves, parameterized by the required message-delay value D̄ (or X̄ = 8 D̄),
By the third family of trade-off curves, we show the system message delay vs. network
throughput performance curves, as parameterized by a prescribed bit-error probability. In
presenting the fourth set of performance functions, we assume the network bandwidth to
be prescribed. The corresponding Pb vs. Œ/No and delay-throughput performance curves



are subsequently derived. As a whole, these functions allow the system engineer to
evaluate the proper network combined performance/resource trade-off possibilities.

1. The Delay vs. Error-Probability Performance Function

Inverting function f in (54a) (see Eq.(15)) and using relation (54e), we obtain the delay-vs.-
error-probability performance function to be given by

Alternatively, using Eq.(54g), we obtain the delay vs. error-probability relation:

To obtain finite message delays (D̄ < 4) , we require D < Dmax and subsequently

For given traffic-message parameters, aprescribed (Œ/No) value and an underlying
accesscontrol/modulation/coding scheme, the D̄ vs. Pb curves (55)-(56) describe the
possible tradeoffs between the two major performance indices.

The delay-error probability curves have the following characteristics that result from the
above-mentioned monotone properties of f, d, g and h. The message delay is clearly
decreasing monotonically in Pb , for Pb > Pb

o . For Pb # Pb
o , we have D̄ = 4 . Clearly, D̄ (or

X̄= 8D̄ 9 0 as Pb 8 1/2 . The delay measure (D̄ or 8D̄) also decreases monotonically with
(Œ/No) . Using (56), we further note that the delay measure X̄= 8D̄ depends on Œ/No and
7b only through the ratio 7b(Œ/No )

-1 , w.r.t. which one it is increasing monotonically.

For given Œ/No , R and Pb values, the required network bandwidth HN is given by

depending linearly upon the product a(Œ/No) . Thus, as Pb increases, the message delay D̄
decreases, but the required network bandwidth HN increases.

The delay-distortion performance function presented in [1] is the proper performance
tradeoff description analogous to the delay-error probability function presented above,
when source-coding (data-compression) processing schemes are considered, rather than
channel-modulation/coding processing schemes.



EXAMPLE 5.  (FDMA/MFSK)

Assume the modulation/coding scheme to be the MFSK procedure of Example 2. Then, by
(24), a = K . Let f(·) be estimated by upper bound (23). By (58), the required network
bandwidth HN is then given by

Assume an FDMA scheme, as presented in Example 3. Then, by (45) and (23), we obtain
the delay vs. error-probability function to be given by

where

We note that X̄ increases monotonically with D while D decreases monotonically in Pb
u for

Pb
u > Pb

o , where

In particular, we observe that the delay measure typically depends on D proportionally to
D(1-D)-1 , while D varies with Pb according to                  . The character of the delay-error
probability curve for other joint access-control/modulation/coding schemes is similar.

If a message-delay value D̄ (or X̄ = 8D̄) is prescribed, we solve,(6) to find that the traffic
intensity (throughput) is limited by D # D(8D̄) < 1 . Using (61). we conclude that Pb

u and
the other system parameters must be chosen so that

Eq.(62) well illustrates the typical trade-offs between the related system parameters and
performance measures. The required network bandwidth is given by Eq.(59).

2.  Delay-Parameterized Bit-Error Probability vs. Carrier-to-Noise Ratio Curves

The bit-error probability vs. SNR variation is determined by the modulation/coding scheme
and is described by function f (Eq.(14); or in terms of Ro by Eq.(2S)). If a message-delay 



value D̄ (or X̄ = 8D̄) is prescribed, the resulting delay-parameterized Pb vs. Œ/No

performance function is given by the following relations:

where

The required network bandwidth HN is then given by

By Eqs.(63), we thus note that, for each prescribed message-delay value D̄ , assumed
traffic-message statistics, and underlying access-control/modulation/coding scheme, the
form of the Pb vs. Œ/No curve is determined by the function f and is thus a monotonically
decreasing curve. As the prescribed message-delay value D̄ (or X̄ = 8D̄) increases, the
curve yields uniformly lower Pb values at given Œ/No values. By (63c), the required
network band-width then also decreases.) As 8D̄ 8 4 , UI 8 vbDmax

-1 and subsequently
Pb 8 Pb(min), where

Thus, Pb(min) describes the bit-error probability resulting when no message-delay
constraints are imposed. (The message delay is then either arbitrarily high, D̄  = 4 , if a
stochastic traffic-message model is considered or, when deterministic message streams are
assumed, D̄ = 0 .) Curve (64) is the one usually specified by communication engineers who
neglect message queueing-delay effects.

We note by (63a)-(63b) that the bit-error probability value Pb depends on Œ/No and M
through the parameter (Œ/No)vb

-1 = (Œ/No)M
-18b

-1. The related performance trade-off thus
involves only the ratio (Œ/No)M

-1 (i/e/. For a prescribed  8D̄ value, the same (Œ/No)M
-1

values yield the same Pb values).

EXAMPLE 6.

By (63a)-(63b), we obtain

For an FDMA scheme, when 0 = 1 by (47) we conclude that



If we now invoke upper bound (25), we conclude that Pb is upper bounded according to
expression (25) with Ro computed in terms of Es/No (see Eq.(26)) by setting

We note by (66) that the Pb vs Œ/No curve is sensitive to the prescribed delay measure 8D̄
only if the latter is relatively small (i.e., 8D̄ < 10). The effective SNR Es/No given by (67)
varies with X̄ = 8D̄ in accordance with the variation of D (X̄) . Thus, by (66) , X̄ = 8D̄ 
(queue-size) values of 0.1, 1 and 10 reduce the effective SNR by a factor of 0.09, 0.5 and
0.9 , respectively.

For the FDMA scheme, the required network bandwidth given by (63c) is equal to

The required network bandwidth is seen also to be sensitive to the prescribed message-
delay (queue-size) X̄ = 8D̄ value only at relatively small X̄ values.

3.  The Pb-Parameterized Delay-Throughput Performance Function

The delay-throughput performance function g(·) (or d(·), or h(·) ) is affected by a
prescribed bit-error probability value Pb in accordance with relations (54a), (54f), (54h).
The Pb-parameterized delay-throughput curve is then expressed by

where

The required network bandwidth is given by (58), and is therefore fixed for given Pb ,
Œ/No and a values.

We note that the message delay D̄b increases monotonically with the network traffic rate
vb , for vb < UIDmax . For vb $ UIDmax  , the message delay becomes arbitrarily large.

As the prescribed Pb value is decreased, the UI value is decreased as well.  Consequently,
for a given traffic rate vb , the throughput D = vb/UI is increased, causing, in return, the
message delay  D̄b to increase.  By (58), the required network bandwidth HN is then
decreased.

As noted above, for FDMA and TDMA schemes, D̄b varies with D proportionally to
D(1-D)-1. In turn, D (see Eq.(61) for MPSK) varies with Pb proportionally to                     ;
see also Example 5 .



Relation (56) serves also to yield a Pb-parameterized delay-throughput curve.

System engineers who evaluate and compute delay-throughput functions for various
access-control algorithms usually assume certain underlying given information
transmission-rate UI values. The present relations integrate these values with the
associated parameters of the communication link and the modulation/coding scheme.

4.  Bandwidth-Prescribed Performance Functions

The combined performance curves mentioned above serve well to demonstrate the trade-
offs in a power-contrained network.  Considering now a bandwidth-constrained network,
we assume that bandwidth HN of the network (or subnetwork) under consideration is
prescribed.  Then, by (58), the information transmission rate UI is also constrained to be
equal to

Consequently, by Corollary 1, for a given a-1R value, the delay-throughput function, which
is determined by the access-control procedure, does not depend upon the system Pb and
(Œ/No) values; the latter are determined by the modulation/coding scheme. Thus, under
prescribed UI conditions, the combined performance description is obtained by considering
separately the delay-throughput and bit-error probability vs.  SNR performance curves. 
The associated performance functions are thus given by Eqs.(54) with relation (70)
incorporated.

For example, for prescribed HN , bit-error probability (Pb) and message-delay (queue-size)
8D̄ values, the required Œ/No value and the allowable network total traffic rate vb value
(both normalized per unit bandwidth) are given by

The maximum number of users M that can be served at these prescribed HN and 8D̄ values
is then given by the integer part of vb/ 8$b .

We note that Eq.(71a) describes (Œ/No)HN
-1 as a monotonically decreasing function in Pb.

Eq.(71b) shows vb/HN to be monotonically increasing in 8D̄, with vb/HN 8 a-1RDmax as
8D̄ 6 4.



EXAMPLE 7.

Let Pb
u denote the bit-error probability resulting when upper bound (25) is used.  The

function Ro(·) is a monotonically increasing function of Eb/No (see (28)).  Its inverse
function is denoted by Ro

-1(·) . By (26) and (70), we obtain the Œ/No per unit bandwidth
value, required to yield Pb

u , to be given by

The allowable message bit-rate per unit bandwidth vb/HN , which yields a prescribed delay
value 8D̄ , is given by (71b).  For example, for a TMDA scheme when single-packet
messages are considered (so that $ = $2 = 1) we obtain by (53) that

Eqs.(72)-(73) can now be used to determine the required network bandwidth HN and
carrier-to-noise ratio Œ/No , to allow a message transmission rate equal to vb , at
prescribed performance values D̄ and Pb .

To examine the related trade-off between Œ/No and vb , we divide Eq.(71a) by Eq.(71b) to
obtain

For the TDMA scheme, using Eq. (73), we have

We note by (74)-(75) the manner in which Œ/No )vb
-1 decreases monotonically in 8D̄ and

in Pb .

CONCLUSIONS

We have described the procedure for the combined performance evaluation of a joint
access-control/modulation/coding scheme. A multi-user communication channel has been
assumed. The bit-error probability and the mean message delay serve as the main indices
of performance. The system bandwidth, power and information resources are expressed in
terms of the network bandwidth parameter HN , the carrier-to-noise Œ/No ratio, and the
traffic-message statistical parameters, respectively.

The bit-error probability vs. SNR performance function is determined by the modulation/
coding procedure. The latter also determines the value of the user bandwidth-signal baud
time product parameter a . The message-delay vs. throughput performance function is 



governed by the access-control scheme and the channel information transmission (service)
rate UI .

These performance functions are integrated to yield the combined message-delay and bit-
error probability network performance characteristics. The joint performance properties
are presented, illustrated and discussed in terms of four families of trade-off performance
curves. The delay vs. bit-error probability function indicates the trade-off between the two
indices of performance. The delay-parameterized Pb vs. Œ/No curves illustrate the effect of
the message-delay constraint on the link performance function. The Pb-parameterized
delay-throughput function presents the effect of the prescribed bit-error probability on the
performance of the network access-control discipline. The latter dominates the users’
grade-of-service parameter (D̄ or 8D̄) and the network throughput. For the fourth family of
curves, we assume the network bandwidth to be prescribed. We then show how the
combined system performance is properly evaluated by considering separately the delay-
throughput and the bit-error probability vs. SNR performance functions.

We have illustrated the computation of the joint performance functions by considering
FDMA and TDMA access-control schemes and MPSK and MFSK modulation/coding
schemes. Message-delay distributions for these and other access-control schemes, as given
in [1]-[4], are similarly incorporated. Different message classes and priorities are also
integrated readily into the combined evaluation process.

The procedures presented here provide the system engineer with the set-up and techniques
to evaluate the overall network performance, involving both user related and
communication-link related parameters, resources and performance indices. The proper
joint access-control/modulation/coding combination can then be chosen for the proper
network conditions and user traffic-message rates and performance objectives. Such
detailed joint performance trade-off studies are presently being carried out by the author
for repeater and processing satellite communication networks.
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ABSTRACT

A review is presented of some new, low-cost, easy-to-use hardware for interfacing small-
scale digital systems to telecommunications and data link networks. Devices featured are
binary serial interfaces, protocol controllers (including SDLC and HDLC), data encryption
units (including the new NBS Federal Standard), modems, and information encoders.
Compatibility with existing microprocessors and future trends are discussed.

INTRODUCTION

With the advent of large-scale integrated circuits (LSI) and microprocessors ( µ P),
mankind’s dream of universal, instant personal communications seems about to be
realized. In the meantime, the presently available LSI chips can greatly simplify the task of
providing remote data links for products in the home, factory, and laboratory. Many of the
complex interface functions normally performed by elaborate, tailor-made circuit boards
have now been condensed onto single, easy-to-use, and inexpensive IC chips. The detailed
software needed to implement the increasingly elaborate data link control protocols and
standards can likewise be replaced by pre-programmed LSI peripheral chips capable of
being configured by a few software instructions. Interesting design tradeoffs confront the
communications engineer; for example, automatic dialup can be accomplished either by
using software timing loops or on-board timers (such as contained on the Intel 8048,
Mostek 3870, or Motorola 6801 single-chip microprocessors ), or by means of LSI
telephone dialer chips (such as the Mostek 5090).

LSI communications interface chips generally attach directly to the µ P data, address, and
control buses and operate either as input-output ports (as in the Intel µ P architecture) or as
memory locations (such as in the Motorola µ P architecture). The software overhead
required by the system µ P to configure peripheral chips consists of a few IN and OUT or



LOAD and STORE instructions. Once programmed, these interface devices can
automatically send and receive blocks of data for the CPU in polling or interrupt modes or
by communicating directly with system memory via the direct memory access (DMA)
mode.

The present article features some representative LSI devices now available at low-cost
(less than $30) and high volume. For more complete tabulations and further technical
information, the reader is referred to several recent review articles (Refs. 1-3). For
additional material on modern data link and line control protocols and standards see
Refs. 3 -5.

BINARY SERIAL INTERFACES

The parallel µP data bus may be interfaced to the serial communication channel by means
of programmable asynchronous or synchronous receiver-transmitter chips known as
USARTs. An example is the Signetics 2651 Programmable Communications Interface
(PCI), designed to attach directly to the Signetics 2650 µP bus lines. Use of this IC to
implement a telecommunications data link is shown in Fig. 1.

Serial data is received and transmitted on pins RXD and TXD and synchronized by clock
inputs RXC and TXC (up to 800 Kb/s). For asynchronous transmission, timing is derived
from an on-board baud-rate generator (up to 19.2 Kb/s). A standard RS232C modem is
interfaced via control lines RTS, CTS, DCD, DSR, and DTR. Parallel data flows to and
from the CPU via the µP data bus. The LSI device functions by storing parallel data in
holding registers and shifting the bits one at a time to and from the serial communications
line with shift registers. Start and stop bits are automatically inserted and deleted. The PSI
is programmed by writing data into the 3 on-board control registers, whose bits specify
mode (asynchronous or synchronous), clock rate; character length (5-8 bits), parity,
number of stop bits (1, 1.5, or 2), modem transmit control, reset option, and echo or
loopback operating mode. Data integrity is checked by reading the status register bits
representing:  holding buffers full flags, modem receive flags, framing and synch errors,
parity error overrun errors. Provisions are also made to allow non-ASCII user data
(transparent data encoding) to be mixed with standard ASCII synch characters in an
unambiguous fashion.

DATA LINK CONTROLLERS

The earlier byte-oriented data communications protocols such as IBM BISYNC and DEC
DDCMP are now being supplanted by the more straightforward and versatile bit-oriented
protocols such as IBM SDLC, ANSI ADCCP, and ISO HDLC. Data link control (DLC)
chips have been developed to automate the framing, checking, and acknowledging of



formatted data blocks (Fig. 2) during high-speed synchronous transmission, One typical
device is the Motorola MG6854 Advanced Data Link Controller (ADLC) chip, designed
to attach to M6800 µP bus lines. The ADLC device implements the ADCCP, HDLC, and
SDLC standard bit-oriented protocols. Opening and closing SYNCH flags (0111 1110) are
automatically inserted and deleted. Address, control, and logical fields may be extended by
the user. The device also includes a binary serial interface of the type described in the
previous section. Automatic frame checking is performed according to the CCITT-CRC
error detection schemes. Transparent (non-ASCII) user codes may be used without
confusion with framing flags by an automatic zero insertion and deletion procedure. FIFO
stacks of buffer registers are provided for storage of received data to expedite aknowledge
and retransmit protocols and to prevent overrun (pileup) of input data. In addition to the
receiver and transmitter registers, there are two status registers and four control registers
used for configuring and programming the ADLC and checking data. Manipulation of
status and control bits allows handshaking with RS232C modems, DMA block transfers;
polling, loop, and test operation modes; and word length selection. The MG6854 ADLC
chip can provide data rates up to 660 Kb/s.

DATA ENCRYPTION UNITS

Increased concern over computer privacy and security (Ref. 6) has stimulated the adoption
of the Federal Data Encryption Standard (DES) developed for NBS by IBM. This
encryption algorithm employs a 56 bit user- provided key, arranged as 8 bytes of odd
parity data, which is then merged with 8 bytes of cleartext to form 8 bytes of cipertext. The
decryption scheme uses the same key and algorithm to invert the ciphertext. One LSI
implementation of the DES is the Intel 8294 Data Encryption Unit (DEU) chip. The device
attaches directly to the Intel 8080 or 8085 µP bus and is treated in software as an I/O port.
In the control mode (odd port address) the following commands may be written into the
control register:  enter new key, put device in encrypt mode, put device in decrypt mode,
configure interrupt and DMA lines, and set 7 output pins for user-prescribed handshaking
with peripherals. Status register data may be read out to check:  key parity error,
handshake flag, decrypt/ encrypt mode, and data buffer full flags. In the data mode (even
port address) input and output bytes are processed and stored for later handling by the µ P.
The 8294 DEU may be operated at data rates of 150 bytes/sec, and is suitable for low-
speed (up to 1200 bps) telecommunications channels. For increased security, data stored in
the key register cannot be read onto the data bus.

CODECS AND MODEMS

Two other new LSI chips are useful for operating a high-speed data channel. Digital
telephone systems can be implemented via the Signetics ST100 coder/decoder (codec),
which is a companding a/d converter. Each analog voice-band waveform is sampled at



8 kHz and converted into a series of 8 digital bits according to the µ-law or A-law
compression algorithms. Serial digital data (PCM)is transmitted, received, and converted
at up to 2Mb/s using pairs of codecs.

Various LSI modulator-demodulators (modems) are also available including the Motorola
M6860 low-speed (0-600 bps) modern. The device attaches to the M6800 µP bus and is
capable of interfacing a digital bit stream with a series of precision sine wave segments via
frequency-shift keying (FSK), where the binary 1 state is represented by 1270 Hz and the
binary 0 state is represented by 1070 Hz in the originate mode. RS 232C handshake
protocols and numerous other user and self-test options may be selected by applying 0 or 5
volts to the appropriate package pins. Higher speed phase shift keyed (PSK) modems are
also available in LSI form from Motorola.

FUTURE TRENDS

It is safe to project LSI technology moving toward lower cost, higher speed, lower power,
and higher density. Higher density (VLSI) means more functions on each chip and
“smarter” chips (e.g. , the Intel 8022 µP contains a complete microcomputer including a/d
converter on a single chip). Eventually LSI data link chips may include modems, dial pulse
and tone generators, codecs, and µP thrown in for free. LSI technology may soon embrace
multiplexors, concentrators, packet-switching, message-switching, and time-division-
switching. Implementation of these devices will require hybrid technology (digital and
analog circuits on the same substrate). Higher-density program memory means easier-to-
use, higher-level software and more comprehensive system resources. The development of
bubble memories capable of storing 1 Mb/sq. in. permits local systems with large user data
bases such as phone directories and code books.

The DEU chips now available require the distribution and safeguarding of random cipher
keys for both sender and receiver. A more efficient procedure is embodied in the new
“trap-door” ciphers (Ref. 7) for which the encryption keys can be published openly and
only the decrypting keys need be secured. LSI devices implementing these trap-door
encryption algorithms are now being developed at MIT and Stanford.
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ABSTRACT

A generalized multimicroprocessor utilizing the TI9900 and AMD2901 microprocessors is
presented. Different types of microprocessors are used to provide extensive computational
capability, versatile interprocessor communications, high reliability, and system flexibility.
The system is especially suitable for high speed signal processing, data processing, and
data handling. Measured data on the speed of interprocessor communication for three
techniques is presented along with a comparative assessment of flexibility and reliability
for the techniques.

INTRODUCTION

Microprocessor systems are currently being proposed for numerous applications because
of their potential to provide extensive computational capability, versatile interprocessor
communications, high system reliability, and system control flexibility. Many of the
systems that have been built are segments of a system such as microprocessor based
computers. Some systems have been built that use microprocessors for spacecraft data
handling and a large computer for guidance and control computations. Some data handling
systems using one type of microprocessor have been completed such as one developed at
Martin Marietta for commercial applications using the INTEL 8080 exclusively. Typically,
in microprocessor systems currently being designed to perform data handling plus
computations different types of microprocessors are being proposed for the two tasks.
Examples of this include the Galileo planetary mission spacecraft, and the military
systems. It appears that a large percentage of microprocessor systems discussed
throughout the industry are in some phase of development. This is especially true for
systems using combinations of types of microprocessors and in space system applications.
Performance values for these systems are therefore design values rather than demonstrated
performance values. In this paper we present the design and some measured data taken
from a multimicroprocessor system we have built. We also present comparative
advantages of three methods of interprocessor communications. Comparative performance
data is given for the TI 9900, AMD 2901, and RCA 1802.



The technical problems in the development of a distributed microprocessor system include
coordination and communication between individual microprocessors and the sharing of
required functions to produce optimum performance. These problems are compounded
when the system contains a large number of microprocessors with different word sizes,
operating speeds and architectures. Three interprocessor communication techniques are
presented, which attempt to solve these problems. The three interprocessor communication
techniques are double latch, multiplexed input/output, and shared memory with service
microprocessor. Also presented is a technique to majority vote three microprocessors to
increase system reliability. This scheme allows one microprocessor to fail without
affecting system operation.

INTERPROCESSOR COMMUNICATION TECHNIQUES

Both serial and parallel data busses were considered for transferring data between
microprocessors. An 8-bit parallel bus approach is desirable. The parallel bus approach is
faster and compatible with most microprocessor bus architectures. Processors having 12 or
16 bit words are required to reduce data to be sent to another processor or send two
consecutive words. This scheme allows communication between 8, 12, or 16 bit
microprocessors. Slower speed and increased hardware requirements are the main
disadvantages of a serial data bus.

Double Latch

One of the simplest interprocessor communication techniques is the double latch method
shown in Figure 1. The hardware required consists of two eight-bit data latches and
several gates. One latch accepts data from microprocessor No. 1 and passes data to
microprocessor No. 2. The other latch accepts data from microprocessor No.2 and passes
data to microprocessor No. 1. The latch interrupts the receiving microprocessor when it
has accepted data. The software required by the two microprocessors consists of simple
read and write routines initiated by interrupts.

The double latch technique is asynchronous and compatible with any word length
microprocessor. Any two microprocessors within a system can exchange data if connected
together. However, this method would not be suitable for providing interprocessor
communication between all microprocessors in a system of three or more. The double latch
technique is one of the fastest methods of transferring both single and multiple word data
between two microprocessors. Using vectored interrupts data can be read out of the latch
immediately.



The double latch technique is reliable because of the low parts count and simple software.
The double latch isolates the processors such that if one processor fails the other is not
affected.

Multiplexed Input/Output

The multiplexed input/output technique for interprocessor communications uses a
dedicated data bus and address bus as shown in Figures 2 and 3. The data bus carries data
between microprocessors and the address bus contains the address of the microprocessor
for which the data is intended. A sequencer provides time periods during which each
microprocessor in turn may transmit data to another processor.

The multiplexed input/output technique is a very flexible method. It allows each
microprocessor within a system to communicate with every other microprocessor. It is
well suited for microprocessor systems containing five or more processors. Up to 100
processors could be interconnected by simple expansion of the sequencer section of the
multiplexed input/output hardware. Microprocessors can easily be added to an existing
multiplexed input/output system with only minor modifications to the sequencer without
affecting existing software. The hardware required by each microprocessor is very simple
consisting of only three 8-bit latches and five IC circuits. The software required by each
microprocessor is also very simple, consisting of simple read and write routines. The
sequencer is hardwired but can be easily modified to provide various allocation schemes
for access to the multiplexed input/output busses.

The multiplexed input/output technique is one of the fastest methods of transferring both
single and multiple word data between any two microprocessors within a system. Each
microprocessor may use the multiplexed input/output busses according to a fixed schedule
determined by the sequencer. In a system containing less than one hundred
microprocessors, the time each microprocessor has to wait for access to the busses is
insignificant. The rate that data can be transferred is mostly dependent on how fast the
sending and receiving microprocessors can put data on and take data off the bus. Vectored
interrupts are used to inform the receiving processor data is available. If the processors are
programmed to remove data as soon as it arrives, fast transfer rates (20 us/word) can be
achieved. As an example, in a six microprocessor system a transfer rate of 50K
words/second could be carried out between microprocessors 1 and 2, 3 and 4 and 5 and 6,
simultaneously.

The multiplexed input/output technique is the most reliable when used in large
microprocessor systems. The parts count is appreciably lower and the software for each
microprocessor is simple. No system software to synchronize or control the 



microprocessors is required. If a microprocessor fails, no other microprocessor would be
affected.

Shared Memory - Service Microprocessor

A shared memory with service microprocessor concept is shown in Figure 4. Conflicts in
accessing shared memory are resolved by the service microprocessor which has the ability
to grant any microprocessor access by controlling the bus switches. The bus switches are
simple circuits which connect a particular microprocessor’s address, data, and control lines
to the shared memory. Once a microprocessor has been connected to shared memory the
microprocessor itself performs the data transfer with shared memory.

The shared memory with service microprocessor technique is most suited for transferring
large blocks of data between a microprocessor and shared memory or between two
microprocessors. This technique is very useful in systems where common data is stored for
access by several microprocessors. Additional processors can be added to the system by
expanding the software of the service microprocessor. Access to shared memory is
determined by the program stored in the service microprocessor. Therefore, access
schemes can be easily changed or modified. Various schemes may be used such as a
priority system, time shared system, a demand system, or a combination of these. These
schemes could be changed while the system is operating. The shared memory technique is
most useful in systems containing from three to ten processors. Systems with more than ten
processors would not have fast access to shared memory and could require complicated
software to control access to shared memory.

The shared memory with service microprocessor technique is the slowest of the techniques
studied. To transfer data between two processors each processor must request and be
granted access to shared memory. Access to shared memory (depending on the access
control scheme) may be slow if shared memory is being used by another microprocessor.
In the double latch and multiplexed input/output techniques, the sending processor is
executing a transmit routine while the receiving processor is executing a receive routine.
These two routines are executed simultaneously. But in the shared memory technique these
two routines are executed serially.

The reliability of the shared memory technique is lower than the other techniques. This is
primarily due to the additional memory (shared) and added microprocessor (service
microprocessor) required to perform data transfers.



Comparison of Interprocessor Communication Techniques

A comparison of interprocessor communication techniques is presented in Tables 1
through 3. The flexibility, throughput and reliability of each are compared under various
system configurations. The share memory using arbitrator logic and adjacent memory
interprocessor communication techniques have been included. These two techniques have
been studied but are not discussed in this paper.

Table 1 makes a general comparison of the usefulness of each interprocessor
communication technique in a particular system configuration. In establishing the rating,
the following functions were considered: software, throughput, flexibility, expansion, etc.

Table 2(a) makes a general comparison of the throughput of the interprocessor
communication techniques studied. Each technique was rated using calculated throughput
rates. Table 2(b) presents actual measured data of throughput for the multiplexed
input/output, double latch, and shared memory interprocessor communication techniques.
These measurements were obtained from the breadboard which contains these three
interprocessor communication techniques along with a AMD 2901 and TI 9900
microprocessor. Figure 7 is a redrawn oscilloscope picture of the TI 9900 microprocessor
transmitting data to the AMD 2901 microprocessor using the multiplexed input/output
technique. Eight bit words are sent over an 8-bit parallel data bus, as they are for the other
communication techniques. For comparison purposes Table 2(c) presents calculated
throughput rates for the RCA 1802 CMOS microprocessor.

Table 3 makes a general comparison of the reliability of each interprocessor
communication technique for a particular system configuration. In establishing the rating,
both hardware and software complexity were considered.

RELIABILITY

Five reliability techniques were studied hardware fail-operate majority vote, synchronous
fail operate majority vote, software fail-operate majority vote with feedback, standby
redundancy, and various software reliability schemes. Only the hardware fail-operate
majority vote technique was incorporated into the breadboard and only it will be discussed
further.

Hardware Fail-Operate Majority Vote

A functional block diagram of a hardware fail-operate majority vote system is shown in
Figure 5. The majority vote logic compares the outputs of three independent
microcomputer systems. Each microcomputer system contains its own local memory,



clock, and data, address, and control busses. The microprocessors are all performing the
same task and store results in an output register. When each microprocessor has loaded its
output register the majority vote logic compares the three outputs and selects the contents
of a particular output register to be output. The multiplexers are redundant such that if one
fails the logic which compares their outputs will detect an error and data will not be output
from the system.

Although the microprocessors are all performing the same task they are not required to
execute identical software routines. For example, each may be involved in a particular
computation but each could be executing a different Algorithm for the solution.

Each microcomputer system is independent in hardware and their outputs do not have to
occur at the same time. The majority vote logic will not compare the outputs until at least
two microprocessors have output their results. Since each microcomputer system is
hardware independent the microprocessors may be different types, have different word
lengths and be running on different clock speeds.

The hardware fail-operate majority vote system protects against the following types of
failures: microprocessor, memory, data and address busses, clock and software
programming errors. This redundancy scheme uses only minimal additional control
software. Software is required to start each microprocessor on the next portion of the task
after agreement is reached between processors on the results of the previous subtask. This
redundancy scheme uses 32 IC’s to implement the required hardware.

The reasons for selecting the majority vote technique for incorporation into the breadboard
were as follows: The additional hardware required was about the same as the other
schemes investigated, only minimal additional software was required, different
microprocessor types could be utilized, by using different algorithms programming errors
can be detected, and protection against more types of hardware errors can be realized.
Another advantage of this scheme is that hardware or software errors do not have to be
detected by the microprocessor themselves. This is accomplished within the majority vote
logic which also selects the correct data to be output from the appropriate microprocessor.
However, this scheme does require more power, larger size and greater weight because of
the three independent microcomputer systems.

BREADBOARD

The interprocessor communication techniques and reliability concepts which were
incorporated in the breadboard are the following: double latch, multiplexed input/output,
shared memory with service microprocessor, and hardware majority vote. Other hardware
developed and incorporated into the breadboard to support the above concepts were bus



switches, front panel controls with single instruction execution capability, an interval timer,
interrupt logic, an ASR 733 terminal interface, and a display panel.

Figure 6 shows the generalized multiprocessor system constructed utilizing available
microprocessor technology. It accommodates different types of microprocessors and
provides extensive computational capability, versatile interprocessor communications, high
reliability and system control flexibility. The system is especially suitable for high speed
signal processing, data processing and data handling. The system can be considered for
application in place of a central processor, for data bus applications or for implementing
special functions within a larger system. A particular application is in a highly accurate and
reliable pointing system in a satellite space sextant.

Computational speed, accuracy and power consumptions can be optimized in a system
performing a number of functions by using different types of processors for different
functions. In the system an Advanced Micro Devices 2901A bit slice processor is used for
increased computational speed and accuracy. For functions that do not require bit slice
speed but do require high accuracy, an MOS Texas Instruments TMS 9900 16-bit
processor is used. The system can accommodate 8-bit processors, such as the RCA 1802
CMOS processor, to provide further power reduction in performing functions requiring
only 8-bit words.

System control involves two aspects. One is the control of communications between
microprocessors. Communications between microprocessors via a shared memory is under
the control of a designated processor. A mode of communication between a large number
of microprocessors providing maximum speed is provided by a common bus. For
controlling communications between particular pairs of processors, the processors are
connected by latches in a predetermined manner. The second aspect of system control is
with regard to shared resources that can include memory, I/O devices, special
computations processors, etc. The allocation of shared resources is under control of the
2901 service microprocessor. The control software can be written to maximize the shared
resources for a particular application.

The distributed microprocessor system was built with standard modular cards featuring
high density packaging of dual in-line packages. All interconnections were machined wire
wrapped. The layout of components was found not to be critical, therefore, only standard
techniques and practices are required.



Figure 1  Double-Latch Block Diagram

Figure 2  Multiplexed Input/Output Block Diagram



Figure 3  Multiplexed Input/Output Functional Block Diagram, Transmit and
Receive Section

Figure 4  Shared Memory--Service Microprocessor Block Diagram



Figure 5  Hardware Fail-Operate Majority-Vote System

Figure 6  Distributed Microprocessor Breadboard



Figure 7.  Data Obtained on Multiplexed Input/Output (9900 Transmitting to 2901)

Table 1  Comparison of Adaptability--Interprocessor Cummunication Techniques

Double
Latch

Multiplexed
Input/Output

Shared Memory Adjacent
Memory

Service
Micro-
processor

Arbitrator
Logic

Two-
Microprocessor
System

Excellent Poor Fair Fair Excellent

Five-
Microprocessor
System

Poor Good Good Good Poor

Greater than 20-
Microprocessor
System

Very
Poor Execellent Poor Poor

Very
Poor



Table 2(a)  Comparison of Throughput-Interprocessor Communication Techniques

Double
Latch

Multiplexed
Input/Output

Shared Memory Adjacent
Memory

Service
Micro-
processor

Arbitrator
Logic

Transfer one
Word between
Microprocessors

Excellent Excellent Fair Good Good

Transfer 32
Words between
Microprocessors

Excellent Excellent Good Good Excellent

Read 32 Words
from Common
Memory

N/A N/At Good Good Excellent

Table 2(b)  Measured Throughput Rates for TI 9900 and AMD 2901

1. Multiplexed Input/Output
9900 Transmitting to 2901 -- 24 us/word (Note 1)

20.7 us required by 9900
  2.5 us required by 2901
  0.8 us required by bus

2. Double Latch
9900 Transmitting to 2901 -- 22 us/word (Note 1)

19.5 us required by 9900
  2.5 us required by 2901

3. Shared Memory 2901 Transmitting to 9900 -- 231 us 8 words (Note 2)
65 us required by 2901 to load shared memory.
166 us required by 9900 to read shared memory.

NOTE 1: Although not measured this time should apply when the transmission between
processors is reversed.

NOTE 2: Calculated Value -- Actual time should equal calculated time ±10% (based on
comparisons between calculated and measured times on double latch and
multiplexed input/output).



Table 2(c)  Calculated Throughput Rates for RCA 1802

1. Multiplexed Input/Output
1802 Transmitting to 2901 -- 18.0 us/word (Note 1)

14.7 us required by 1802
  2.5 us required by 2901
  0.8 us required by bus

2. Double Latch
1802 Transmitting to 2901 -- 17.2 us/word (Note 1)

14.7 us required by 1802
  2.5 us required by 2901

3. Shared Memory
2901 Transmitting to 1802 -- 235 us 8 words (Note 1)

  65 us required by 2901 to load shared memory.
170 us required by 1802 to read shared memory.

NOTE 1: Although not calculated this time should apply when the transmission
between processors is reversed.

Table 3  Comparison of Reliability--Interprocessor Communication Techniques

Double
Latch

Multiplexed
Input/Output

Shared Memory Adjacent
Memory

Service
Micro-
processor

Arbitrator
Logic

Two-
Microprocessor
System

Excellent Good Good Good Excellent

Five-
Microprocessor
System

Good Excellent Good Good Good

Greater than 20-
Microprocessor
System

Fair Excellent Good Fair Fair
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ABSTRACT

Three significant difficulties exist in using a set of microcomputers (or any computers) as
an integral part of an on-board telemetry system. The difficulties arise in providing for:

a) the precise timing required by a telemetry system, including accurate time-tagging of
data samples;

b) the interconnection of several (many) computers in a controlled, organized,
understandable manner;

c) the capability to allow computer controlled science instruments to operate relatively
autonomously with minimum software interactions with other computers.

The three items listed above are desirable features and are achievable with proper
telemetry system architecture designs. This paper will address each of the three items and
present an architecture that provides the desired features.

INTRODUCTION

The Caltech Jet Propulsion Laboratory (JPL) is conducting an advanced development
effort to design and implement a spacecraft distributed computer Command and Data
Handling (C&DH) subsystem. The effort is being sponsored under a NASA Research and
Technology Objective and Plan (RTOP) and has been on-going for about four years. The
C&DH subsystem includes, as a major part, functions performed by spacecraft telemetry
systems, and is a vital element in the NASA End-to-End Data System (NEEDS) program.



An objective of the program is to demonstrate flight readiness of the C&DH subsystem by
flying it, along with a complement of science instruments, on a Space Shuttle flight in
1982. Progress to date has included the design, fabrication, and successful operation of a
breadboard distributed computer C&DH subsystem. 1, 2, 3.

DISTRIBUTED MICROCOMPUTER TELEMETRY SYSTEM DESIGN
DIFFICULTIES

Basic Causes of Design Difficulties

The most common source of problems associated with using microcomputers (or any
computer) as an integral part of an on-board telemetry system is related to timing accuracy.
Computers, being software controlled devices, do not normally provide the same fixed,
precise, synchronized, unalterable operation that a hard-wired system does. However, with
carefully thought out architecture designs, the precise timing and synchronization required
by telemetry systems can be provided for in computer based systems.

A second source of design problems is associated with understanding and controlling the
hardware and software interactions that can arise when several (many) computers are
connected together and must communicate with one another. Unexpected interactions,
conflicts, priorities, etc. must all be resolved in an organized manner whenever they occur.
The approach taken in the architecture design being presented herein is to avoid the need
to resolve these types of problems by not allowing them to occur in the first place.
Obviously not all conflicts and interactions can be avoided—some must be resolved—but
those that effect critical timing accuracy can be.

Three Significant Design Difficulties

Three timing related design difficulties are being addressed herein. Architecture designs
are presented that resolve the problems and provide the same timing accuracy as
hardwired systems do. The difficulties arise in providing for:

a) the precise timing required by a telemetry system, including accurate time tagging of
data samples;

b) the interconnection of several (many) computers in a controlled, organized,
understandable manner;

c) the capability to allow computer controlled science instruments to operate relatively
autonomously with minimum software interactions with other computers.



SOLUTIONS TO DISTRIBUTED MICROCOMPUTER TELEMETRY SYSTEM
DESIGN DIFFICULTIES

Precise Time Tagging of Data Samples

Hardwired telemetry systems provide precisely timed sequences for collecting telemetry
data. Particular measurements are sampled at specific times in the commutation cycle, and
the timing cannot change. Time information (absolute time or spacecraft time) is inserted
into the telemetry stream at specific points in the commutation cycle, making it possible to
accurately determine when data samples were taken—within a microsecond or so.

In general it is not necessary to know sample times as accurately as a few microseconds.
There are times, however, when it does become important; such as when correlating data
between two or more instruments or when trying to resolve cause and effect situations.

Commutation cycles in computer based systems are software controlled and as such are
subject to timing variations caused by such things as servicing interrupts, updating program
parameters, and execution of subroutines. Unless the program runs through the exact same
set of instructions (or at least instructions of equivalent time duration) each time through
the commutation cycle, variations in data sample times will occur. One method of avoiding
the timing variations is to actually count the number of instructions in the worst case
(longest) program loop that could ever be encountered and then add dummy instructions in
the shorter loops to make them all equal in length. This method has been used in the past
and works, but does make software generation (and modification) very difficult.

The method employed for avoiding timing variations in the taking of telemetry samples in
the C&DH design is indicated in Figure 1. This design avoids the need to count
instructions, yet provides equivalent accuracy in time tagging of data. The scheme employs
the use of a hardware clock to provide simultaneous real time interrupts (RTI) to all
computers in the system to initiate software routines. Assuming an RTI as a reference
point, typical software routines then address a particular telemetry measurement sometime
(anytime) before the next (second) RTI. Exactly on the second RTI, analog and/or digital
data is strobed into sample and hold circuits. Digital data is then available for loading into
telemetry (memory) buffers anytime between the second and third RTIs. In the case of
analog data the period between the second and third RTIs is used for A/D conversions,
making the converted data available one RTI period later (between the third and fourth
RTIs).



Figure 1 - Gathering of Telemetry Data

The scheme may sound somewhat complicated, but the simple timing diagram of Figure 2
shows it to be very straight forward while providing known, unalterable, accurate time
tagging of telemetry samples. It also allows the software controlling the commutation
cycle, long periods of time (one RTI period) to get things done, with the only constraint
being that it be done prior to the following RTI. Typical RTI periods are two to ten
milliseconds with the current operating breadboard at JPL using 2.5 milliseconds. Any RTI
period will provide the same microsecond accuracy on time tagging of individual data
samples. Note that while microsecond accuracy is maintained, timing resolution is reduced
to the granularity of milliseconds (one RTI period).



Figure 2 - Timing of Telemetry Gathering Function

Higher data rates (higher than one telemetry sample per RTI) are handled through the use
of direct memory access (DMA) ports. Typical operation involves setting up the DMA
port (specifying the starting address of telemetry measurements and the number of
measurements to be taken) sometime during an RTI period. A high rate telemetry clock
synchronized to the RTI clock would then latch the data into memory buffers at the rate of
one measurement per clock cycle, starting at the next (second) RTI. Software development
is kept simple (since a complete RTI period is allowed for initializing the DMA port) and
the microsecond time tagging accuracy is maintained (since data is latched into buffers by
a hardware clock).

Interconnection of Several (Many) Computers

The telemetry system being discussed is a distributed computer system. The data gathering
is actually distributed among a number of computers, each with its own commutation
cycle, data storage buffers, and specified set of measurements to be sampled. A computer



based High Level Module (HLM) controls the formation of the final telemetry stream by
accessing individual computer’s data storage buffers at the appropriate time and inserting
them into the telemetry stream. Figure 3 shows the basic architecture of the C&DH
(telemetry) system.

Figure 3 - C&DH Subsystem (Telemetry System) Architecture

The interconnection of all computers in the system provides a controlled, organized,
understandable, interface. This is accomplished by tieing all computers together on a
common serial data bus, but allowing only the High Level Module the capability to initiate
transfers. Having all transfers controlled from a single source eliminates conflicts or the
need to resolve priorities on the use of the bus.

Interfacing to the bus itself is accomplished through the use of external DMA hardware.
Transfers are set up in the applicable computer’s DMA hardware by the High Level
Module without interferring with any on-going program . Once the DMA ports are set up
in both the sending and receiving units the transfer takes place directly from one
computer’s memory to another’s memory (DMA) and still does not disturb on-going
programs. The advantage of DMA transfers is that they are controlled by external
hardware, do not require the use of the processor of the computers involved in the transfer,



and do not interfere with on-going programs. In effect the computers involved in the
transfer do not even realize it is occurring except as it modifies memory locations and
software programs that may involve the use of those locations.

Precise timing of data transfers is maintained through the use of the RTI. Transfers are set
up during one RTI period, and executed during the next. Additional detail on timing of
data transfers is available in references. 1, 2, 3.

Autonomous Operation of Science Instruments

Many science experiments flying on future spacecraft will include a dedicated
microcomputer as an integral part of the experiment. The distributed computers discussed
herein for the telemetry system can serve as dedicated experiment control computers as
well as performing the data gathering function. When used in this dual fashion, the
computer becomes part of the C&DH subsystem (which includes the telemetry system)
since commanding, instrument control, and data handling/gathering of the experiment are
all managed by its own dedicated microcomputer.

Science experiments should also be relatively autonomous to simplify testing and
interfacing to the spacecraft system. The interface to the spacecraft data system (telemetry
system) should be transparent to them so that they could operate during testing exactly as
they would when connected to the spacecraft. Having this autonomy has a significant
beneficial affect on both cost and complexity associated with experiment/spacecraft
integration. The experiment is controlled, operated and monitored identically during lab
testing as it is in spacecraft system operation.

Figure 4 shows the architecture design that allows a science experiment to have its own
dedicated microcomputer, be relatively autonomous, maintain precise timing accuracy, and
have a transparent interface to the spacecraft data system. (In reality no interface can be
completely transparent but it is transparent in that it allows the experiment hardware and
software to operate identically in lab testing as it does in spacecraft system operation.) The
experiment is autonomous since all commands, including data (telemetry) gathering
commands, must be issued by its own dedicated computer. System type commands
(whether coming from test equipment or from the spacecraft C&DH system) modify
memory as necessary to cause the experiment computer to issue the command to its own
experiment. No outside direct access to the experiment is allowed (except for monitoring
operation during testing) thereby maintaining the instrument autonomy.

The gathering of experiment data (telemetry data) is also an autonomous operation since it
is performed by and stored in the dedicated experiment computer.



Figure 4 - Autonomous Instrument Operation

Each dedicated experiment computer keeps track of time (spacecraft time or real time
depending on the implementation of the master spacecraft clock) within itself. A software
clock in each computer is initialized (resynchronized) periodically by the HLM using the
master spacecraft clock as a source of time information. Software in each distributed
computer causes its clock to increment once each RTI, thereby causing all computers to
maintain identical software clock information internally. Autonomy is maintained In that
no computer has to go outside its own memory to get spacecraft time information, yet all
computers are synchronized to a single master clock.

RELIABILITY CONSIDERATIONS

Spacecraft telemetry systems must be among the most reliable systems on the spacecraft,
since a loss of telemetry results in a loss of all meaningful science data.



In the C&DH subsystem, reliability is achieved through the use of flight qualified
components, worst case design techniques, elimination of single point failure modes and
adding of redundant elements at critical points.

Redundant elements that may be added include microcomputers, data busses, interface
circuits, or individual components as dictated by the reliability requirements of a particular
mission. The basic system architecture remains unchanged since the C&DH subsystem is
designed in a modular fashion to allow for adding additional modules to provide increased
reliability. Additional information may be obtained from the references . 1, 3.

CONCLUSIONS

Distributed computer telemetry systems, as an integral part of a spacecraft Command and
Data Handling (C&DH) subsystem, have been demonstrated to have significant
advantages over hardwired (or single computer programmable) telemetry systems in
certain applications. Typical applications include spacecraft systems that require telemetry
data from a variety of experiments and also have significant computational tasks to
perform. Combining telemetry data gathering functions with science experiment controlling
functions allows an experiment to gain autonomy through the use of a dedicated computer
(controller). Autonomous operation is important as spacecraft systems become more
complex since it minimizes interractions and integration problems with other elements of
the spacecraft. Carefully thought out architecture designs can simplify data systems
(telemetry system) operation while maintaining the precise, accurate, timing and
synchronization that is required.
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ABSTRACT

A ground-based digital synthetic aperture radar (SAR) processor capable of correlating
images from raw spacecraft data at real-time rates is currently under development. The
processor design requirements are particularly formidable due to (1) range migration
effects resulting from planetary curvature and rotation, (2) antenna beam pointing errors,
and (3) variation of the doppler reference function with changing orbital parameters. Based
upon the current effort, this paper describes a candidate real-time on-board SAR
processing implementation approach that might evolve for future spacecraft applications.
Key features include the use of custom large scale integration (LSI) charge-coupled device
(CCD) technology to accomplish the correlation functions and microprocessor technology
to effect control.

INTRODUCTION

The Caltech Jet Propulsion Laboratory (JPL) is conducting a SAR processor advanced
development program as part of an existing NASA Research and Technology Objective
and Plan (RTOP). In turn, this RTOP is an approved and vital element of the NASA End-
to-End Data System (NEEDS) program. The current RTOP is funded to design and build a
real-time stand-alone Developmental SAR Processor (DSP) for operation in a laboratory
environment. The DSP will have the capability to process SEASAT-A SAR data at real-
time rates to produce four-look, 25-meter resolution radar images covering a 20 Km swath.
The objective is to demonstrate this capability by the end of FY’80. Since the NEEDS
program is emphasizing the development of a future on-board processing capability, it is
important that the DSP architecture be designed to be amenable to implementation for on-



board SAR processing applications. Future on-board applications must utilize advanced
semiconductor technology to realize acceptable power, weight, and size characteristics.
Current implementation proposals, evolving from the DSP program include the use of
custom large-scale integration (LSI) charge-coupled device (CCD) filter chips for
correlation and LSI microprocessor chips for control.1,2,3,4,5

SAR PROCESSOR DESCRIPTION

System

A functional block diagram for a candidate real-time on-board SAR processor
implementation is defined in Figure 1. Referring to Figure 1, the data interface unit
receives, conditions, and distributes incoming raw SAR video and parametric engineering
data required to process SAR images. The range correlator performs the range correlation
function. The azimuth correlator performs the azimuth correlation function, antenna beam
pointing correction, digital magnituding, and multi-look superposition. The microprocessor
controller computes the necessary corrections and effects control functions for all
functional elements of the processor.

 Figure 1 - Real-Time SAR Processor Block Diagram

Range Correlator

The range correlator of Figure 1 must provide complex correlation of the incoming real (I)
and quadrature (Q) echo sample components with the original transmitted reference
function. The range correlation function could be achieved in the time domain using four
M-stage transversal filters as shown in Figure 2. The number of stages, M, is determined
by the range time-bandwidth product and represents the number of echo samples required
to accommodate the complete reference function signal.



Figure 2 - Range Correlator Block Diagram

The range correlator transversal filters of Figure 2 may be implemented using current
charge-coupled device (CCD) technology. Referring to Figure 3, a CCD transversal filter
of length M provides M stages of storage while performing M signal-by-weighting
coefficient multiplications each clock period. In Figure 3, each sample of the sampled
radar reflection data is shifted through stages D1 through DM of the filter while the
weighting functions h1 through hM conform to the originally transmitted reference function.
Once the register is filled, for each radar data sample shifted into the register, a complete
correlation of all M points in the register with the reference function is automatically
accomplished and a correlated output produced. The correlation function is therefore
achieved by nothing more than shifting the radar return data through the shift register.

Currently, 800-stage integrated circuit (IC) CCD transversal chips have been developed
and successfully demonstrated. The powerful computational capability offered by this
technology provides a potentially attractive approach for future real-time on-board SAR
range correlation applications.

Azimuth Correlator

A potentially attractive implementation architecture for achieving the azimuth correlation
function in real time is defined in Figure 4. The functions required to produce a complete
image line are accomplished by each of N parallel CCD azimuth filter chips. Since N
pulses must be coherently integrated to produce an image line, the output rate, if only one 



 Figure 3 - CCD Transversal Filter

Figure 4 - Azimuth Correlator Block Diagram.

azimuth filter chip were used, would be 1/N of real time. By employing N chips in a
parallel processing mode, a real-time throughput rate may be achieved.

A functional description of the CCD azimuth filter chip is provided in Figure 5. Referring
to Figure 5, each such chip independently achieves (1) range migration correction by
placing each incoming sample in the proper range bin, (2) multiplication with the proper
filter weighting function, and (3) accumulation of filtered range line information over the
desired portion of the azimuth beam. As noted from Figure 5, the range migration
correction is effected by selectively gating the desired range line samples to a complex
multiplier. The complex multiplier is used to weight the corrected range line samples with
the desired azimuth chirp reference function. The doppler reference coefficients can be
updated as necessary from the microprocessor controller of Figure 1. Following complex
multiplication, the I and Q samples for each such range line are temporarily stored in an
accumulator register. Following N such accumulations on a given chip, corresponding to
the transfer of N range lines, an accumulator register will contain the I and Q samples of
correlated image data for an entire line. At this point, the I and Q image data is read out for
digital magnituding purposes to form pixels. By multiplexing between chips on a line-by-
line basis, a continuous real-time data flow is achieved.



Figure 5 - Azimuth Filter Chip.

Currently, a customized LSI azimuth filter chip, as described in Figure 5, is under
development as part of the JPL DSP task. This chip will be capable of operating at 3.5
MHz clock rates and will provide a capability of accumulating 1024 range lines.

MICROPROCESSOR CONTROL FUNCTIONS

The function of the microprocessor controller of Figure 1 is to provide the basic timing,
control, and correction signals functionally required by the SAR correlator blocks. This
includes the computation and generation of correction signals for azimuth correlation
reference function variations, range migration effects, and antenna beam pointing errors.

Azimuth Reference Function Generation

For spacecraft applications, the azimuth correlation function is affected by numerous
orbital parameters. Therefore, the reference function required for processing in azimuth
will change due to orbital variations and must be updated accordingly.



In order to compute the correct azimuth correlation function for image processing
purposes, specific information as shown in Figure 6 must be available to a given accuracy.
Assuming this information is available to the microprocessor controller, Figure 6 defines
the major computational steps that must be implemented to provide updated azimuth
reference functions for the azimuth correlator. The computational blocks of Figure 6 could
be implemented using microprocessors.

Figure 6 - Azimuth Reference Function Generation

Beam Center Range and Doppler Offset Determination

Due to planetary curvature and rotation, a given sample may not remain in the same range
bin during the full azimuth integration time. This effect is referred to as range migration.
Unless corrected, the azimuth resolution will be degraded. Range migration correction is
achieved in two ways. The linear term (range walk), which is predominant, is
accommodated by controlling the beginning of the sampling window on a pulse-by-pulse
basis. The quadratic term (range curvature) must be compensated for by selecting the
samples that are gated into the multipliers of the azimuth filters of Figure 4. Also,
modification of the doppler reference function may be necessary to compensate for
antenna beam pointing errors where physical pointing accuracy of the antenna is not
adequate.

The specific computations required to determine the beam center range and doppler offset
are defined in Figure 7. Two control functions are provided. One is routed to the range and



azimuth correlators of Figure 1 to control the range gating circuitry so that a constant range
is maintained. The second control signal is provided to electronically move the beam, by
means of azimuth correlation function selection, to compensate for doppler frequency
errors due to an antenna beam pointing offset.

Figure 7 - Beam Center Range and Doppler Offset Computations

Clutterlock Control

A closed loop clutterlock system for determining and dynamically correcting for variations
in antenna beam pointing using image data derived from multi-look processing is also
included in the design of Figure 1. Figure 8 functionally illustrates the error detection
concept while Figure 9 defines the error correction process. As noted from Figures 8 and
9, four microprocessors are required to achieve the total clutterlock control function.

Referring to Figure 8, the clutterlock control system receives single-look images from the
azimuth correlator of Figure 1. The first microprocessor performs statistical accumulation
and beam image generation. In performing this function it collects values from selected
range and azimuth locations and integrates them into appropriate positions in a random
access memory. After a suitable period of integration, the contents of this memory form a
two dimensional histogram whose amplitude distribution approximates the surface
referenced spatial distribution of reflected power in the radar signal. System timing is 



Figure 8 - SAR Antenna Pointing Error Detector Concept

Figure 9 - SAR Antenna Pointing Error Corrector Concept

selected so that the coordinates of this memory are related directly to constant range and
doppler terms (determined by orbital parameters, radar pulse repetition frequency, and
time-bandwidth product). As the centroid of radar illumination may not coincide with the
doppler centroid (due to attitude control errors) the histogram will usually be offset from
the central coordinates of the memory. The beam image will exist with three degrees of
freedom in position (range, azimuth, and twist) and two in size (major axis length and
minor axis length).



The second microprocessor of Figure 8 functions as an ellipse solver. As such, it
continuously processes the contents of the beam image memory and computes the position
and orientation of the semi-minor and major axes of the illumination ellipse. It is in this
processor that positional anomalies present in the beam image are translated, by
appropriate coordinate transformation, into error values for spacecraft pitch, yaw, and roll.
The option exists for providing these signals to the spacecraft attitude control subsystem in
the form of residuals if desired. In addition to the computation of attitude control errors,
the ellipse solver also computes the magnitude and character of orientation errors and their
derivatives in the radar antenna coordinate system.

As noted previously, the implementation of Figure 9 uses the error detection information
from Figure 8 to compute the error correction function. Referring to Figure 9,
microprocessor 3 functions as the azimuth correlation function generator, continuously
processing pointing error information. These values are stored in appropriate locations in
an azimuth correlation function memory from which they are periodically delivered to the
azimuth filter chips of Figure 4. The result of this process is the migration of the vertical
doppler centroid toward the illumination centroid of the radar beam.

In view of the numerous azimuth filter channels associated with the design of Figure 4,
system synchronization and memory readout control will be a significant processing task.
Therefore, a dedicated microprocessor (microprocessor 4) is included in Figure 9 to
achieve this function.

CONCLUSIONS

Range and azimuth correlation in the time domain using current state-of-the-art LSI CCD
technology provides a potentially practical means of achieving real-time pipeline
processing of SAR images for spacecraft SAR missions. However, numerous complex
computations must be continuously effected as a function of orbital geometry to derive and
update the reference function coefficients and correction factors necessary to accomplish
these correlations. Without LSI microprocessor technology, the controller implementation
required for future on-board spacecraft processing applications would be extremely
difficult if not impractical.
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INTRODUCTION

The Aircraft to Satellite Data Relay (ASDAR) project was begun in 1975 as a joint
NASA/NOAA program to provide an improved source of meteorological data for weather
forecasting. The initiative for starting the project came from a recognition that much of our
weather originates in the data sparse areas of the tropics and Southern Hemisphere. It was
further recognized that these areas are frequently crossed by many of the modern, wide-
body jet aircraft of the B-747, DC-10 type. These aircraft contain navigation and data
systems capable of providing the following data: latitude, longitude, altitude, wind speed,
wind direction, and outside air temperature. The ASDAR system consists of a data
acquisition and control unit to acquire, store, and format this data; a transmitter to relay the
formatted data via satellite to the ground; and a clock to time the data sampling and
transmission periods. In cooperation with the National Oceanic and Atmospheric
Administration (NOAA) the data is relayed to the ground via their Geostationary
Operational Environmental Satellite (GOES) series and then to the National
Meteorological Center (NMC) to aid in weather forecasting.

SYSTEM DESCRIPTION

Data Sources

The B-747 aircraft used in commercial airline service uses an Inertial Navigation
System(INS) and a Flight Data Acquisition Unit (FDAU) as part of its complement of
avionics equipment. These two units serve as sources of the data necessary to provide the
wind speed and direction, and static outside air temperature at a specific latitude, longitude
and altitude. The INS system provides the latitude, longitude, wind direction, and wind
speed as serial, BCD data. The FDAU system provides altitude and outside static air
temperature in the form of PCM serial data.



Data Format

These data are the same as are normally manually reported by airline pilots in the form of
aircraft reports (AIREP’s). The ASDAR reports are formatted in a manner similar to these
reports. As a result of the onboard formatting prior to transmission, the message as
received on the ground requires little processing to be suitable for insertion onto the Global
Telecommunications System (GTS) and, subsequently, into the weather data base. A
sample formatted message is shown in Figure 1 as it is received and printed on a ground
terminal.

Major System Elements

The major elements of the ASDAR system are shown in Figure 2. Clockwise they are the
electronics unit, the antenna, and the power supply. These are interconnected as shown in
Figure 3. As described previously, data from the aircraft INS and FDAU are fed into the
Data Acquisition and Control Unit (DACU). A battery powered clock was developed and
is included in the electronics unit along with the DACU. The clock output is used by the
microprocessor based controller to determine the data sampling times and transmission
times. In normal operations, eight complete sets of data are acquired over a one hour
period and transmitted to the satellite at a precise time each hour. The DACU provides all
the necessary scaling to the data and stores it in International Alphabet No. 5 in 8 bit
ASC II. At the appropriate time each hour, the DACU turns the transmitter on and delivers
a Manchester bi-phase data signal to phase modulate its carrier.

The transmitter is an 80 W device designed for intermittent operation within the electronics
unit. The transmitter operates at a nominal 402 MHz and feeds a Coplanar Stripline
antenna mounted on the top of the B-747 aircraft.

Physical Layout

The DACU, clock, and transmitter are all packaged in the electronics unit which conforms
to a 1 ATR (Air Transport Rating) package whose dimensions are 26 cm wide by 19.69
cm high by 50.17 cm long with a weight of 13.27 kg. The system is powered by a separate
power supply contained in a 1 AIR package whose dimensions are 12.7 cm wide by 19.69
cm high by 50.17 cm long with a weight of 5.58 kg. These two units are mounted in the
forward electronics rack of the B-747 aircraft as shown in Figure 4. The RF cable is
routed, as shown, to the top of the aircraft where it is connected to the antenna mounted on
the outside skin of the aircraft. The total system weight including mounting hardware,
cables, and antenna is 30.19 kg.



DETAILED FUNCTIONAL DESCRIPTION

Data Acquisition and Control Unit (DACU)

Because the DACU contains a microprocessor, the operating features are readily changed
by reprogramming. The operating characteristics described herein reflect the present
programming decisions, realizing that changes may be made in the future. As shown in
Figure 5, the DACU consists of three major circuit boards: the I/O board, the CPU board,
and the front control panel. The function of each will be described in the following
paragraphs.

The front control panel of the DACU contains a number of switches that can be used to
select various options in the programming of the microprocessor. It also contains five LED
indicators that give a visual indication of the status of the DACU. For use with external
equipment, there are 4 jacks that can also be used to diagnose the operation of the DACU.
Figure 6 shows the front control panel and identifies its functions.

The DACU operates on a specific time schedule, acquiring data and transmitting the data
to the satellite at times that are selected by thumbwheel switches on the DACU front
panel. Many ASDAR units will share a single RF channel, hence each unit is assigned a
specific time slot for data transmission. When a unit is to transmit a data message, there is
a predetermined sequence of events that must be performed by the DACU. For a single
data point, the overhead required as a preamble to the data transmission would be longer
than the data part of the message. Rather than transmitting many short data messages, the
DACU of the ASDAR units stores data sets in memory and then transmit blocks of stored
data in order to make more efficient use of the RF channel. As a compromise, the ASDAR
units always transmit eight sets of data during each transmission sequence. Therefore, if a
unit is set to transmit data once every hour, then the eight sets of data would be recorded at
7.5 min intervals.

As mentioned earlier, each ASDAR unit is assigned a specific time slot for its
transmission. This requires that the DACU have access to a clock. The aircraft systems do
not have a clock that is accurate enough to time the transmissions, so the ASDAR package
must have its own clock, therefore, a clock was integrated into the electronics unit.

When the DACU determines it is time to transmit data, the DACU must turn on the
ASDAR transmitter and then send the following sequence:
(1) 5 secs of unmodulated carrier
(2) 2.5 secs of alternating 1’s and 0’s
(3) 15 bit MLS
(4) 31 bit unit address



(5) 8 sets of data
(6) 3 end of transmission codes, 31 bits each

After the end of the message, the DACU turns off the transmitter. The total message length
is about 29 secs when the data is transmitted as an 8 bit ASC II coded message.

The data acquired from the aircraft systems for each reading is as follows:
(1) Present position, latitude
(2) Present position, longitude
(3) Altitude
(4) Outside static air temperature
(5) Wind direction
(6) Wind speed
In addition to these parameters, the time of the data reading, in hours and minutes, is also
recorded. The latitude, longitude, wind direction, and wind speed are obtained from the
aircraft INS. The altitude and outside static air temperature are obtained from the aircraft
FDAU system.

Front Panel switches. - The front panel of the DACU contains a number of switches for
control of the DACU. Figure 6 shows the front panel.

The thumbwheel switch labeled PER HOUR is used to select the number of transmissions
per hour. This switch is labeled with 0, 1, 2, 4, 8, and 16. The position labeled 0 is a
special setting that is used for diagnosis of the DACU and for installed system testing and
is not for normal operation. The switch positions labeled 1, 2, 4, and 8 could be used for
normal operation if so desired, but it is anticipated that most ASDAR units will use a
setting of 1 transmission per hour. The switch position of 16 transmissions per hour must
be used with caution, and should not be used for normal operation. As mentioned earlier,
the DACU always stores 8 sets of data for each transmission. When the transmission rate
is set for 1 transmission per hour, the data is recorded at 7.5 minute intervals. When the
transmission is set at 16 transmission per hour, the data is recorded at 28 second intervals.
The front panel data printout takes about 41 secs, and an 8 bit ASC II data transmission
takes about 29 secs. This means that for 16 transmissions per hour, the first data reading is
taken before the previous transmission has finished, which can cause some rearrangement
of the data readings. When the transmission rate is set at 0, the DACU is in a special test
mode. Data is recorded at approximately 9 second intervals and dumped out to the front
panel jack labeled TTY. This mode of operation is quite useful for checking problems with
the INS or FDAU systems. In addition, when the DACU is reset, in this mode, the
transmitter is turned on for a short message (about 10 secs) to allow easy and rapid test of
the RF system.



The other thumbwheel switches are labeled MIN and SEC, which correspond to the
starting time of the transmission, in minutes and seconds, respectively. If the number of
transmissions is set at a number greater than one, then the time of one of the multiple
transmission is entered on these switches. The DACU will calculate the other transmission
times at equally spaced intervals.

The set of rocker switches labeled ADDRESS are used to enter a unique 21 bit address
into the ASDAR unit. These switches are used to enter the most significant 21 bits of the
31 bit BCH address. The DACU will calculate the 10 extra check bits that make up the 31
bit address. If a switch is ON, then the corresponding bit is a binary 1, and if a switch is
OFF, then the corresponding bit is a binary 0. When an address is assigned to a unit, it will
usually be given as an 8 digit hex number by the National Environmental Satellite Service
(NESS). The 21 bit address to be entered on the front panel is contained in the leftmost
bits of the hex number. Since an 8 digit hex number comprises 32 bits, the extra bit, by
NESS convention, is the least significant bit of the rightmost digit.

The toggle switch labeled ALT is used to enable or disable transmissions below a certain
preprogrammed wind speed. This is done to allow for transmissions to be inhibited while
the aircraft is on the ground. This condition is indirectly indicated by the wind speed which
is caused to read zero below 160 knots air speed of the aircraft. At the present time, the
cutoff wind speed is programmed at 0 knots. The DACU looks at the last wind speed
received from the INS system for comparison with the programmed cut-off value. If the
ALT switch is set (up position), then if a transmission is scheduled to occur at a time when
the wind speed is less than the programmed wind speed, the DACU will skip the
transmission sequence. Also, if the switch is set and the DACU is not receiving good data
from the INS system, then the transmission will be skipped. If the switch is reset (down
position), then the DACU will always transmit, regardless of the wind speed.

The switch labeled DADS/CADS (INT on early ASDAR units) is used to select the type
of FDAU data that the DACU is to expect. For most DC-10’s, the switch should be in the
up position (DADS), and for most B-747’s, the switch should be in the down position
(CADS). This switch just directs the microprocessor in its interpretion of the FDAU
output. When the switch is set to the CADS position, the microprocessor converts the
incoming FDAU data to a DADS format before it stores the data for transmission.

The remaining switch on the front panel is labeled RESET. By depressing this switch, the
microprocessor is forced to execute the initialization coding, the same as if a power-up
condition just occurred. This switch is particularly important when working with the
DACU. The only time that the DACU examines the front panel switch settings is when the
power-up restart coding is executed. Therefore, whenever any of the front panel switches
are changed, the RESET switch must be depressed to force the microprocessor to examine



the front panel switches. It should also be pointed out that the internal clock of the DACU
will be reset when the RESET button is depressed, and hence a new time update must be
received from the clock subsystem to set the DACU clock.

Front panel indicators. - Also shown in Figure 6 are the five LED indicators on the
DACU front panel. These LED’s are provided to give a visual indication of the ASDAR
system status. Three of the LED’s are controlled by the microprocessor and the other two
are hardware controlled by the DACU.

The LED labeled +5 V is connected across the +5 V power of the DACU and should be
illuminated whenever the power is on to the DACU. The LED labeled RCVR is connected
to the clock indicator signal. The LED is driven by logic on the I/O board, but is
independent of the microprocessor operation. Therefore, when the clock is on the RCVR
LED should be illuminated. This LED can also be illuminated when the DEMO jack is
used, but this will be discussed later.

The LED’s labeled INS, FDAU, and TIME are controlled by the microprocessor. The
LED labeled TIME will be illuminated whenever the DACU is receiving valid time
updates from the clock, or from the front panel. When a valid time update is received, the
LED will be turned on and left on until a time update is not received as expected. That is,
when a time update is received, the LED will remain on for about 2 secs at a minimum,
unless the clock malfunctions.

The LED labeled INS is used to display the status of the data being received from the
aircraft INS. The LED will be turned on when one of the desired parameters is received
from the INS. If a period of about 5 secs elapses without receiving a parameter from the
INS, then the LED will be turned off.

The LED labeled FDAU is used to display the status of the FDAU system. The FDAU
clock received by the DACU is 16 times the data rate. Every 4096 data bits the FDAU
clock contains a special sync pulse, and if the DACU has counted 4096 data bits since the
last sync pulse, then the FDAU LED will be turned on. This LED is not turned off on a
timed basis like the INS LED. If the FDAU clock is stopped while the FDAU LED is on
the LED will stay on.

Front -panel Jacks. - The front panel of the DACU contains four jacks that can be used
to help diagnose problems with the DACU. Three of the jacks contain output information
from the microprocessor, and one jack is used to replace the role of the ASDAR clock
subsystem with an external piece of equipment.



The jack labeled DEMOD is used to simulate the clock subsystem input to the DACU.
When a simulator is plugged into the DEMOD jack, the RCVR LED is forced on, and the
clock and data lines are switched from the clock subsystem to the front panel inputs. The
lock indicator status line into the microprocessor is forced to a locked indication. The
microprocessor cannot detect whether the clock input is from the ASDAR clock or from
the front panel DEMOD jack. The clock and data inputs to the jack must be +5 V CMOS
compatible, and the data must be bi-phase encoded data.

The jack labeled MOD contains the same data that is sent to the transmitter by the DACU.
The signal is TTL logic compatible signal with Manchester bi-phase encoded data. By
proper wiring of the plug for this jack, the transmitter output can be inhibited, and the
transmitter data can be forced to a zero value since the data appearing at the jack is not
buffered. The transmitter cannot be forced on through this jack, it can only be inhibited
from turning on. The data output to the transmitter is a tri-level code, with logic levels of 0,
2.5, and 5 V nominally. When the transmitter is not enabled, and when the DACU is
sending unmoduled carrier, the data output will be at 2.5 V. When the DACU is sending
data, the logic level at the jack will be either 0 or 5 V. The drive circuit uses an open
collector TTL gate with a pull-up resistor, so that the data output of the DACU can shorted
to ground at this jack without hurting the DACU circuits.

The jack labeled TIME is a diagnostic output that can be used to indirectly drive a
teletype. The jack output is a CMOS compatible signal with a 100 bits per second data
rate. The data code is an NRZ code, rather than bi-phase like the MOD jack. The data
format is an 11 bit character format, the same as that required by a teletype. To drive a
teletype, the data rate must be changed to 110 bits per second, and the logic level must be
converted to a dc-current loop type signal. A typical output from this jack is as follows:

P=HH:MM:SS*     R=MM:SS     T=MM:SS

where the value following the P= is the current setting of the DACU internal clock, in
hours, minutes and seconds. The asterisk following the time is present if the
microprocessor has not received a valid time update, in which case the current time is a
count from the last power-up restart of the microprocessor. If the DACU has received a
valid time update, the asterisk will not be present. The number following the R= is the time
until the next data reading, in minutes and seconds. The number following the T= is the
time until the next transmission, in minutes and seconds. The output on this jack is always
present as long as the microprocessor is running.

The jack labeled TTY contains basically the same data that is sent to the transmitter each
transmission. The data is made a little more readable by inserting spaces and prefixes, but
the data is the same as the data for the transmitter. The logic level on this jack is the same



as for the TIME jack, and the data character format is also an 11 bit async character code.
The first line contains the unit address in binary. The leftmost bit is the first bit transmitted.
The data lines contain one data reading on each line. The parameters are printed in the
following order:
(1) latitude, in degrees, minutes and tenths of minutes
(2) longitude, in degrees, minutes and tenths of minutes
(3) time of this reading, in hours and minutes
(4) altitude, in feet
(5) outside static air temperature, in degrees celsius
(6) wind direction, in degrees
(7) wind speed in knots
If the transmission rate is set for 0 transmissions per hour, then the output on this jack
contains only the data lines. The output will be a current print-out of the data buffer
approximately every 9 secs. This special output can be used to examine the INS and
FDAU data on an almost continuous basis.

CPU board description. - The GPU board contains the 8 bit microprocessor, 512 bytes of
RAM storage, 4096 bytes of PROM storage, and other miscellaneous circuits. The PROM
storage is composed of eight 512 byte fusible link PROM’s. These PROM’s were selected
because of their ability to operate from a single +5 V supply. The remainder of the
circuitry on the board comprises the buffering of the microprocessor signal lines, and clock
circuits. The clock circuits operate from a 4 MHz crystal oscillator. This crystal is used to
generate the two-phase clocks required by the microprocessor, and to generate a 1600 Hz
signal that is used on the I/O board. The microprocessor is operated at its maximum speed
of one MHz.

I/O board description. - The I/O board contains all of the special I/O interfacing required
by the DACU. All of the connections to the microprocessor are made through two
peripheral interface adapter (PIA) chips. With the exception of the two PIA’s, one chip for
driving the transmitter, and the optical isolators, the remainder of the circuitry on the I/O
board is CMOS. The interface to the INS generates 8 bit parallel data. The other systems
(FDAU, clock, transmitter, and front panel) all use serial inputs and outputs.

In addition to the data interfaces, the I/O board also contains a low voltage detection
circuit. This circuit is designed to give the microprocessor a reset signal if the +5 V supply
voltage falls below about 4.75 V. This was done to prevent any low voltage spikes from
leaving parts of the circuitry in an indeterminate state.



Clock Subsystem

The clock subsystem consists of a single circuit board and a 7 amp-hour Ni-Cad battery as
shown in Figure 7. The clock circuitry was developed using an 8 bit CMOS
microprocessor and random access memory only. A 1 MHz temperature compensated
crystal oscillator was selected as the frequency standard. It has a yearly aging rate of
5x10-7 parts per year and a temperature stability of ±2x10-6 over 0E to 50E C. The clock
circuitry consumes 60 mW of power of which 40 mW is consumed by the crystal
oscillator. The battery, operating at 12 V, can keep the clock running for approximately 30
days; enough time for the clock to be set prior to shipping and then shipped as a part of an
ASDAR system to an airline and installed.

A battery charging circuit is also included on the circuit card to permit the 28 VDC
available from the power supply to charge the battery when aircraft power is on. A full
battery charge is obtained in about 24 h of time with aircraft power on.

As mentioned above, only RAM memory is used in the clock circuitry. Thus, to cause the
clock to operate, both the microprocessor program and the correct time must be loaded
into the memory upon clock startup. This is effectively accomplished using a separate set-
time unit which connects through a connector behind the hinged cover on the front panel of
the electronics unit. An enable button is also provided to ensure glitch-free connection to
the clock when setting the time. When the switch is depressed, an adjacent LED indicator
tells whether the clock is running or not by displaying the reset status of the
microprocessor.

Although the initial driver for the RAM only clock design was the unavailability of low
power CMOS proms, this was later found to be an asset since it is desirable to have the
clock stop positively upon a power interruption rather than resume operation with an
erroneous time. This is a natural result of having the microprocessor program solely in
volitle RAM. Furthermore, the complexity of the external set-time unit is not significantly
increased by requiring it to load the program in addition to the correct time.

Transmitter

The transmitter consists of a single unit enclosed in a machined aluminum case as shown in
Figure 8. Its dimensions are 13.97 cm wide, by 5.33 cm high, by 27.94 cm long, and it
weighs 3.118 kg. The output frequency of the transmitter is determined by a plug in crystal
controlled oscillator contained in a proportionally controlled oven operating at 80E C. The
modulating data input and control signal are provided by the DACU as described
previously.



The output of the transmitter is nominally 80 W and is fed from the transmitter to a
connector on the front panel of the ASDAR system. At this power level, the transmitter is
designed only for the typical intermittent operation as is experienced in the ASDAR
application.

The frequency stability of the transmitter is specificed at 1x10-6 per year, which should
assure successful performance for about one year given the GOES channel bandwidth
constraints. This characteristic will be discussed more fully in the Design Considerations
section below.

Power Supply

The power supply is totally contained in a separate package, 1/2 ATR in size. The power
supply takes raw, unfiltered 115 V, 3 phase, 400 cycle power from the aircraft, filters and
conditions it down to 5 V and 28 V DC. While transmitting, the power drawn from the
aircraft 3-phase bus is 604 VA. At all other times, the power is 104 VA. All parts of the
electronics unit are fed by the 5 V supply except the transmitter and clock charging
circuitry.

Each output, 5 V and 28 V, are separately fused and have red LED indicators to indicate
operation when lit. The 5 V supply nominally provides 2 A. The 28 V supply nominally
provides 11.5 A when transmitting and 0.6 A when not transmitting. Internal filtering in the
power supply is adequate to provide noise-free power in accordance with the conditions
outlined in the ARINC specifications. Internal protection is also provided for over current,
over voltage, and under voltage.

Antenna

The antenna, shown in Figure 2, is a Coplanar Stripline type, 20 cm wide, by 40 cm long,
by 1.9 cm high, contoured to fit the curvature of the aircraft fuselage. The following
specifications are being met for production antennas:
Frequency: 402 MHz nominal
Gain: 1.5 dbic
Axial ratio: <5 db
Although the intent of this antenna when developed was to both transmit at 402 MHz and
receive at 468 MHz, its fabrication for production ASDAR systems excludes the receive
capability and favors transmit performance.



DESIGN CONSIDERATIONS

Interface Options

After some preliminary investigations, it was determined that not all commercial aircraft of
the newer wide-body type carry the same avionics equipment. For the most part, a
particular type such as the B-747 will be the same from aircraft to aircraft, but differences
are still possible particularly when dealing with foreign airlines. Since the objectives of the
initial ASDAR program were to equip a limited number of aircraft to provide data through
the First Global Garp Experiment (FGGE), which has a duration of one year beginning in
December, 1978, the B-747 aircraft was selected for initial interfacing.

The particular interface standards for which the ASDAR has been designed are ARINC
561-11 for the INS, and ARTNC 573-7 for the FDAU. This decision has permitted a
rather broad choice of airlines on the basis of most favorable routes. In fact, it has been
possible to use a standard installation kit including drawings and hardware for all B-747’s
to date.

In the present prototype ASDAR systems, the interface to the INS and FDAU are
constituted primarily in hardware, and modifications to adapt to different types of avionics
equipment is difficult. As noted earlier, a Digital Air Data System (DADS)/Central Air
Data System (CADS) option is provided so that some compatibility is afforded for
DC-10’s. This option will provide compatibility for the FDAU interface, but the DC-10
must also carry an INS system if full compatibility is to be realized, which is not
necessarily the case. Numerous aircraft including DC-10’s are now carrying, or plan to
carry, OMEGA navigation systems. Although the essential data is presumably present, the
interface to such a system would be different. As a further complication, some aircraft
have been found which have slight modifications to their avionics equipment in either
hardware or software.

In light of the above findings, it is recommended that future designs of ASDAR systems
consider options in both hardware and firmware, which will facilitate easy adaptation to
avionics equipment of different types. Physical modularity of functions may be a way of
accommodating this requirement.

Environment

The ASDAR system was designed to survive and operate in the below deck electronic
equipment area of commercial aircraft; the only external part of significance being the
antenna mounted on top of the fuselage. The environment of the equipment areas of these
aircraft are conditioned by cabin exhaust air so extremes in temperature should not be



experienced by the equipment while the aircraft is operating. Nevertheless, attempts were
made to adhere to RTCA-DO160 specifications for equipment on this class of aircraft.
Thermal, vibration, humidity, and EMT tests were conducted.

The thermal specification in this case in -55E to +85E C. Due to constraints imposed by the
transmitter, the system was tested from -40E to +70E C only. It was subsequently
determined that the PROM’s in the DACU were experiencing trouble at temperatures well
above this lower limit. This was subsequently traced to thermal sensitivity in the power
switching circuitry on the PROM chips. To rectify this problem, the power switching
feature of the PROMS was bypassed, thus avoiding the use of the temperature sensitive
circuitry; but, thereby, increasing the power consumption.

As might be expected, the levels of vibration encountered on modern commercial jet
aircraft are relatively low. As a result, testing to the required levels of both sine, random,
and shock were generally uneventful. Only one anomaly was noted while the system was
being subjected to random vibration. The transmitter frequency was observed to shift. This
was traced to a poorly secured crystal oscillator within the transmitter oven assembly. A
bracket was added to eliminate the problem.

No anomalies worth noting were experienced during humidity and EMI testing of the
ASDAR system in the laboratory chambers. Since this system was to fly on aircraft in
commercial passenger service, extensive examination and testing were required prior to the
necessary Federal Aviation Administration (FAA) certication. Since the certification
process would have to include a flight test, a contract for the complete flight certification
was given to Pan American Airways. The necessary testing and flight were successfully
performed on February 4, 1977. A formal “Flight Test Report” (Ref. 1) has been published
covering the flight test and results.

From another perspective, the environment includes a time factor which may be of
importance under certain circumstances, which will be described later. Due, in part, to the
desire of airlines to maximize the revenue from expensive, modern jet aircraft, a typical
day’s flying time may total 12 to 16 h. These flights are interspersed with periods of off-
time where neither power nor environmental air conditioning are supplied to the aircraft
and its equipment. Thus, susceptible electronic equipment may be affected by these
conditions.

The environmental condition yet to be addressed is that affecting the antenna. Of all the
ASDAR equipment, it is exposed to the most severe environment. This includes the
extremes of temperature, humidity and physical abuse. Experiences during the
development of the ASDAR antenna have revealed instances of moisture leaks and surface
erosion. The moisture leaking condition was corrected early in the program. Surface



erosion as observed on the ASDAR antenna is considered normal for equipment so located
on the aircraft. As a result, periodic replacement (about every two years) of protective
surface coatings may be required.

Of potentially greater concern is whether such an attachment to the outer skin of the
aircraft will tend to build up ice. Should this happen, sudden breaking off of ice particles
could cause damage to aircraft parts in flight. This is of particular concern with an antenna
mounted ahead of the top engine of a DC-10, where ice ingestion by the engine could
cause significant damage. Although no ice formation has been noted on the present B-747
installation, no implications can be drawn with respect to performance on a DC-10 and,
therefore, qualification tests must be repeated on the DC-10 prior to certification.

Transmitter Stability

As noted earlier, the NESS specification for transmitter stability is 1x10-6 per year. At 400
MHz this would result in a possible frequency shift of ±400 Hz. This is enough to take a
transmission to the band-edge of a GOES channel. Therefore, under minimal specified
performance, a transmitter would stay in band for about one year.

A further complication to continued successful performance of such a transmitter results
from using it in a mobile application as is the case when used on an aircraft. In this case
doppler shift phenomena enters in and may either add to or reduce the frequency shift due
to other factors. In the case of ASDAR equiped aircraft operating with a GOES satellite, a
maximum doppler shift of approximately 360 Hz is possible when radially approaching or
departing from the satellite at the horizon. When comparing the combined effects on
transmitter frequency, it becomes apparent that far better frequency stability with time is
required if the effects of doppler shift are not going to take the transmitter out of band.

There are many possible approaches to solving this problem, such as increasing the
channel width to allow for more frequency shift. But, considering only those options which
involve the mobile transmitting platform, the range of possibilities becomes limited. Some
possible approaches are:
(a) Synthesize the transmit frequency from a stable source relayed via the satellite from

the ground.
(b) Provide a ground command capability to allow remote frequency adjustment in

flight.
(c) Occasionally adjust the frequency using test equipment by taking the system out of

service on the ground.
(d) Provide a sufficiently stable transmitter such that frequency shifts other than the

result of doppler are insignificant.



(e) Determine the effect of doppler and adjust the transmit frequency accordingly.
(f) Some combination of the above.
Upon examination, each of these techniques has its disadvantages. (a) and (b) require the
presence of a receiver as part of the system. (a) would further require the result of (e) to
avoid doppler affecting the stable source from the satellite. (d) would be a preferable
method if it could be done cost effectively. If a receiver is included its cost could be traded
against that of a stable transmitter.

It would be desirable to have a transmitter whose output frequency stability with respect to
all influences was not worse than 1x10-7 parts per year. This may not be too difficult to
reach if advantage is taken of the actual environment which the oscillator sees. First, the
intermittent characteristics of the power source indicates that an ovenized oscillator
operating at 80E C is not desirable. This would cause daily thermal cycles of the order of
)60E C. Secondly, the actual operating environment is not likely to exceed approximately
20E C for any period of time and be more likely to fall below. Therefore, a temperature
compensated crystal oscillator operating within an oven whose operating temperature is
25E C would result in better long term stability. The oven would still operate only
intermittently but, most importantly, it would maintain the oscillator temperature in flight
where the environment is going to be less than 20E C.

Timing Sources

Early in the development of the ASDAR system, a receiver was included to allow the use
of satellite time for controlling data acquisition and transmission periods. After
demonstrating its successful performance during the first six months after flight
certification in February, 1977, it was learned that coded timing was only going to be
provided on the US GOES, not the European or Japanese ones. Without’s a consistent,
world-wide timing source, the receiver for timing purposes became of limited value. Thus,
after six mos of successful performance, the decision was made to replace the receiver
with a presettable clock with backup battery. The operational philosophy to be followed
was one of providing sufficient battery capacity to allow setting the clock prior to shipment
to an airline and battery recharging from the aircraft power.

The clock subsystem was developed and certified by the FAA for inclusion in the ASDAR
system on December 13, 1977. The concept has been shown to be operationally feasible
and, although presently allowing a 2 min period per transmission, appears to be capable of
sufficient stability to allow for one min transmission periods. These assumptions are based
on resetting the clock after one year’s operation.

After almost a year’s experience using the clock in the ASDAR system, there is some
concern that this concept carried into an operational ASDAR system involving hundreds of



units in the field could prove awkward and logistically undesirable. Specific locations
would have to be provided with time-setting equipment. Spare, back-up, systems could not
be stored in a ready-to-install condition without periodically applying power to recharge
the clock battery.

To overcome these, and possible other specific objections, a variation to the clock concept
is being considered for operational systems, post FGGE, i.e. after 1979. This redesigned
system would include both a receiver and a battery powered clock. In concept, the receiver
would automatically set the clock and enable the system to operate when the aircraft is
within view of the two GOES satellites, approximately two-thirds of the globe. The battery
capacity would be sufficient to sustain clock operation for periods up to 5 days without
aircraft power. This should be enough to allow for normal maintenance periods and
weekend layovers. Should the clock stop operating in an area out of sight of a GOES
satellite, most airline routes should bring it back in view within a week.

Should an operational ASDAR system come about, an improved timing system as
described here should be considered. A factor in determining the nature and accuracy of
the system timing is the channel packing density desired to support the number of ASDAR
equipped aircraft likely to be flying in the 1980’s.

PERFORMANCE

Apart from periods of time where the ASDAR system was being redesigned or recertified,
the performance since February, 1977, has been exceptional for a prototype system in an
experimental program. ASDAR is a joint project between NASA and NOAA to provide
airborne weather data collection platforms for the FGGE experiment beginning in
December, 1978. Since NASA’s responsibility is limited to the design, development,
installation, and operation of the ASDAR system as a data collection and transmission
system, its performance will be addressed principally in this context and not with respect
to the quality and value of the data. It is obvious from the preceding paragraphs that some
modifications and improvements have already been made to the ASDAR system. Early in
the project numerous changes were made to either correct errors in understanding the
formats of the data from the aircraft equipment or modify the processing format of the data
collected. These changes were made much easier due to the microprocessor in the DACU.
In the last year and a half, modifications were made to accommodate factors apart from the
ASDAR system, such as the lack of satellite time or to improve operational reliability.

The ASDAR reliably and consistently acquires the aircraft data. Data transmissions are
consistently good and free of errors within the footprint of the satellite, which is really
horizon-to-horizon. Figure 9 shows data from an aircraft carrying an ASDAR system over 



a three month period. Many of the flights overlap in their tracks. As can be seen, data
coverage sometimes exceeds the horizon.

Beginning in December, 1978, there will be 17 ASDAR systems flying on numerous
international airlines. Having completed their prime objective by the end of 1979, it is
anticipated that these 17 systems will continue to be flown and will make up the beginning
of an operational ASDAR fleet. As explained earlier, much has been learned during the
development of the ASDAR system. As a result, it has been concluded that an ASDAR
system, to be successful in an operational environment, must be repackaged and somewhat
modified in design if it is to be cost effective to purchase, operate, and maintain.

To date, all indications from NOAA are that ASDAR is a valuable addition to their array
of weather data collection sources. The data is sufficiently accurate when compared with
other sources of data, that it is among the highest weighted data in their weather data base.

CONCLUDING REMARKS

In the conduct of the joint NASA/NOAA project to collect upper atmosphere
meteorological data an airborne data collection and transmission platform has been
successfully developed and has performed well as one element of a complex system
consisting of a fleet of commercial aircraft, the ASDAR system, the GOES satellite family,
the NESS, and the NMC. The contribution of NASA to this project has combined the
modern technologies of avionics, microprocessors, antennas and satellite communications
for an effective addition to the techniques used in monitoring global weather. Having
demonstrated the feasibility of this technique it is anticipated that ASDAR will grow into a
world-wide operational system.
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Figure 1.

Figure 2. - Electronics unit, antenna, and power supply.



Figure 3. - Block diagram.

Figure 4



Figure 5. - Data acquisition and control unit.

Figure 6. - ASDAR DTS electronics unit model 638000-2.



Figure 7. - Clock and battery.

Figure 8. - Transmitter.

Figure 9. - ASDAR data record points with contours of constant elevation to the
receive satellite.
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ABSTRACT

A demodulator is described that utilizes an interrupt-driven 8-bit microprocessor and an
external digital counter to demodulate an 8-ary Frequency-Shift-Keyed input signal. After
demodulation, the system correlates received groups of symbols with a stored code to
derive and maintain character synchronization, and compute the decoded and error
corrected output. The total device package count is less than 10, including the
microprocessor with integral read/write memory and clock driver circuits, a Parallel
Interface Adapter, a 1024 X 8-bit ROM, an 8-bit digital counter, a two-pole filter, a limiter
and complete input and output buffering.

INTRODUCTION

The demodulator/decoder design presented here was developed to fulfill requirements that
included a) rapid design and implementation from readily available components and b) a
digital implementation of the demodulation process. These requirements were met by
developing and testing a prototype system using the Motorola 6802 microprocessor, 6821
Parallel Interface Adapter (PIA) and a 2708 PROM and several other support devices.
This system was originally constructed using an analog filter bank, envelope detectors,
comparators, and a shift register that stores four consecutive word decisions. In addition to
greater hardware simplicity, the digital design described here is less sensitive to input
passband amplitude variations as compared to its analog counterpart.

One input signal is an 8-ary FSK tone set, spaced every 200 Hz from 6600 Hz to 8000 Hz.
The symbol rate is 200 baud. Another input signal is an externally derived symbol
synchronization signal which is not, however, phase coherent with the tone set. Although
not discussed here, a method has been developed which would allow this latter input to be
eliminated so that the system would be completely self-synchronizing. The output of the
demodulator is a 3-bit character, together with a strobe pulse corresponding to a properly 



synchronized word that happens to be four symbols wide. A valid 3-bit character is output
for every set of four tones when synchronized.

THEORY OF OPERATION

Each symbol synchronization interval is 5 ms. long corresponding to the 200 Hz baud rate.
Within this 5 ms. interval, the demodulator must determine which one of eight frequencies
is present. This information is conveniently retained in an 8-bit-wide shift register for up to
four prior frequency determinations, and compared against a stored 4 X 8-bit code table. If
the received code correlation with the stored code exceeds a preset but variable threshold,
then word synchronization and valid demodulation is achieved and a 3-bit character is
output according to its value in the code table. When synchronized, then, the device
outputs 3 bits of data every 20 ms. The threshold is initially at a higher value until
synchronization is achieved. Thereafter, a lower value may be used to advantage since the
synchronization epoch occurs at periodic intervals.

 Frequency determination is accomplished through a modified cycle-counting algorithm.
The crystal-controlled clock signal of the microprocessor is a source of relatively stable
timing information. It is used to measure the time between zero crossings of whole cycles
(negative transitions through zero) of the tone input signal. The tone input signal generates
an interrupt once per tone frequency cycle or approximately every 135 microseconds to the
microprocessor to read and re-initialize a counter. The counter is driven continuously the
1 MHz crystal-controlled system clock. At each interrupt, the contents of the counter are
read and added to a running sum of period intervals. By fixing the total number of periods
thus measured, the frequency discriminant is the running sum, which, ignoring the effects
of noise, is inversely proportional to the input frequency.

At the beginning of each symbol synchronization interval, waiting interrupt requests are
cleared, and a zero crossing counter in RAM as well as the discriminant function, also in
RAM, are reset. The processor then initiates the period counting sequence with the first
full period following the initial interrupt. In addition to the interrupt processing, the
processor handles the frequency determination and word synchronization computations for
each prior symbol interval as its main program. When these functions are completed the
main program may output data, if appropriate. It then resumes sampling the symbol
synchronization input line to determine the start of the subsequent symbol interval. Of the
basic 5 ms of time available for these functions, approximately 2.1 ms of computation time
are required for servicing thirty interrupts derived from zero crossings and another 0.8 ms
average are required for the frequency determination and correlation functions. Thus,
approximately 2 ms of the available 5 ms time line are surplus capability.



Frequency determination is based on a comparison of the total period count against pre-
computed frequency thresholds. Since 30 full periods are measured at a 2 MHz rate the
expected number of counts for frequency fi is given by:

The adjustment factor of 36 accounts for the loss of one or more counts each time the
counter is cleared. It is empirically determined. This relation is therefore used to establish
the seven thresholds selected to be equally spaced between the eight expected frequencies.

Code correlation is achieved by storing the ith frequency as a variable equal to 2i-1 in a
4 X 8 shift register in read/write memory. This sequence is then compared to a stored
4 X 8-bit code pattern, with at mos t eight valid patterns until correlation is achieved. In
this paper we do not explore the particular code employed whose choice is dictated by the
particular application envisioned. The 8 code patterns actually used form a small subset of
the 4096 possible patterns. These patterns provide synchronization, low cross-correlation
and error correction capability. Since the number of patterns is quite small, a simple
sequential coincidence testing procedure is used. If correlation is successful, a modulo-4
counter (in RAM) is reset to zero. The value of this counter is used to resolve partial
correlations on subsequent characters in the event of erroneous symbol frequency
determinations. Single symbol errors will always be corrected in this way. Since the input
noise bandwidth of the signal is much larger than the required signal bandwidth of
1600 Hz, and moderately severe noise levels were anticipated, a simple active two-pole
filter, covering the entire input signal band was implemented immediately prior to the
limiter.

IMPLEMENTATION

Figure 1 is a diagram of the component layout of the demodulator. The total chip count,
including filter/limiter is nine. The schematic diagram is shown in two parts on Figures 2a
and 2b. Figure 2a shows the two-pole active filter and the limiter. The filter is designed to
have a center frequency of 7300 Hz and a Q of 4. Figure 2b shows the microprocessor and
interface circuitry, along with the counter, address decode logic and buffers.

A flow-diagram of the software is given in Figure 3. Software is divided into five sections
as follows:

1. Initialization routine
2. Interrupt routine



3. Main program
4. Frequency threshold table
5. Code table

The initialization routine programs the PIA to provide nine input lines, four output lines
and the automatic input programmed handshaking mode of operation. This mode causes
the 8-bit wide counter contents to be latched into the PIA and immediately to be reset to
zero. The main program performs frequency determination, code correlation and error
recovery and output processing. The frequency and code tables are stored in ROM, along
with the system programs.

PERFORMANCE

Time constraints have not permitted a comprehensive evaluation of the performance of the
demodulator when the signal contains noise. A simple analysis was performed to predict
the performance of the demodulator in the presence of bandpass gaussian noise. This
analysis used a simulation to compute the statistics of the average period between full-
cycle zero crossings of a sinusoidal signal distorted by bandpass noise. The results of that
analysis are given in Figure 4. It shows expected count dispersion as a function of C/N for
two values of input bandwidth. By comparing the count dispersion to the preset count
decision thresholds, it is possible to gain some insight into the theoretical noise
performance of the demodulator.
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ABSTRACT

It is recognized that closed circuit television and other electronic linkages, properly
employed to deliver needed information, can be useful tools in the practice of medicine,
particularly in providing linkage between distant points. In some instances terrestrial
interconnection is practical, as in the case of short distances between communicating
points. However, as distances become greater, so do the costs. Therefore, alternative cost
effective methods of transmitting television and other types of signals for biomedical
purposes are being sought.

The development of high powered communications satellites demands consideration and
experimentation. Therefore, the Veterans Administration is conducting a series of
experiments to determine if and how communications satellites can be employed for
diagnostic, therapeutic, educational and administrative purposes.

INTRODUCTION

The problem of underserved areas of health care has long been with us. Although there
have been tremendous advances in medical knowledge over the years, its application to the
benefit of consumers has been uneven. Over half of the population of the world suffers
from lack of the most rudimentary care. Even within the United States there are vast areas
where the medical care which is delivered in inadequate. In many instances no care is
provided. Interactive, or two-way, medical education, a major ingredient of up-to-date
medical practice, is also lacking in its delivery to remote locations.

This article reviews the experience of the Veterans Administration with satellite
communications as it applies to the exchange of medical information for diagnostic,
therapeutic, educational and administrative purposes. We will also consider what 



possibilities there may be in the future application of communications satellites to
medicine.

The Veterans Administration’s medical cart system involves 172 hospitals throughout the
United States. This is the largest health care delivery system in the United States and as
such is a nationwide resource as well as an integral part of the community health care
delivery system in each population center in which the VA has a medical facility.

The operation of this vast system carries with it a mandate to provide the best possible
care to every patient who comes to a VA facility regardless of its location. This means that
the agency must constantly look to the latest scientific and technological developments to
determine what impact each may have on the delivery of quality medical care. Thus, the
VA began its investigation of communications satellites in 1974.

COMMUNICATIONS SATELLITES

With the development of communications technologies the barriers of time and distance
have disappeared so that now it is technologically possible for all physicians and other
health care professionals throughout the world to operate in one professional milieu. We
see the day when physicians and other health care providers in the most remote locations
have immediately available to them the same consultants and other professional resources
as do their colleagues in medical teaching centers. The technology to do this is available.
All that remains is to harness it to our needs.

For some time it has been recognized that closed circuit television and other electronic
linkages, properly employed to deliver needed information based on validated needs
assessment can be useful tools in the practice of medicine, particularly in providing linkage
between distant points. In some instances terrestrial interconnection is practical, as in the
case of short distances. However, as distances become greater, so do the costs. Therefore,
the VA determined that alternative cost effective methods of transmitting television and
other types of signals for biomedical purposes be investigated.

The development of high powered communications satellites which allow for operation
with low powered and relatively low cost ground terminals demands consideration and
experimentation.

APPLICATIONS TECHNOLOGY SATELLITE-6 (ATS-6)

(ATS-6) represented an initial step in this direction. This spacecraft, launched by the
National Aeronautics and Space Administration (NASA) in May 1974, enabled the VA to
broaden the scope of health services provided by VA hospitals located remote from urban



medical teaching centers in the Appalachian Region of the United States. The ten hospitals
selected to participate in the program are examples of geographically isolated facilities
bounded by mountains or otherwise rugged terrain where it is difficult - or at least very
expensive - to utilize microwave and/or cable to provide video interconnection between
such institutions. The VA hospitals which participated in this experiment are located in the
following communities.

Altoona, Pennsylvania Asheville, North Carolina
Beckley, West Virginia Clarksburg, West Virginia
Dublin, Georgia Fayetteville, North Carolina
Mountain Home, Tennessee Salem, Virginia
Salisbury, North Carolina Wilkes-Barre, Pennsylvania

Prior to beginning the broadcasts, an in-depth needs assessment was conducted to
determine the particular medical problems which when dealt with via the satellite would be
most meaningful to the participating hospitals and their communities. Initially some 700
topics of interest were indicated by the clinical and support staff members. To better
determine the most feasible programs to meet these needs, an Education Coordinating
Committee was formed. Its membership consisted of appropriate VA medical and allied
health personnel, as well as members of the academic community in and beyond
Appalachia, non-VA health care providers and other potential users of satellite interaction.
The categories of communications, or methods of presentation of materials, as well as
program content were prioritized by the Committee and specific program topics were
identified based on the participating hospitals’ greatest needs and interests. Some 90 hours
of broadcasting during the experiment period of eleven months involving 75 subjects were
developed and presented via five modes as follows: - video seminars, grand rounds, out-
patient clinics, teleconsultations and computer assisted instruction.

An important element in all satellite communications for biomedical purposes is
interaction. Without that element the dynamic quality of medical information exchange
which the satellite makes possible is lost and the potential which the satellite has for
contributing to the betterment of patient care is rendered almost useless.

COMMUNICATIONS TECHNOLOGY SATELLITE (CTS)

We must now look to the future. The powerful communications satellite can have a
profound impact on health care delivery in remote areas.

The VA’s experiments on CTS began in December of 1977 and will continue for 15
months at four hours per week. They do not speak to television exclusively but include
other electronic linkages as well. For example, the possibility is being investigated of



extending exotic diagnostic equipment by using the satellite to make a single piece of
equipment available to multiple users.

The data derived from the VA’s experiments on CTS will provide the agency with
statistically significant and substantive information relative to the options available with
reference to the use of satellites for diagnostic, therapeutic, educational, and administrative
purposes in terms of cost effectiveness, impact on patient care and staff education, and in
increased efficiencies for education and administration.

Prior to the initiation of telecasting via CTS an extensive needs assessment was conducted
of those hospitals which are participants in the project. Based on the foregoing, subject
matter for the broadcasts was selected and materials used as portions of the programs were
developed. In addition, earth receiving stations were purchased and a mobile transmitting
facility was designed and built. Orientation and instruction of the participating personnel
was concluded.

A total of 260 hours of broadcast time was assigned to the VA by the National
Aeronautics and Space Administration (NASA). The participants in the VA/CTS
broadcasts are 30 VA hospitals in the Rocky Mountain and Pacific Coast regions, five
community hospitals in California, two Alaska Native Health Service hospitals, and the
Indian Medical Center hospital in Gallup, New Mexico. The specific locations and
hospitals are as follows.

Albuquerque, NM Los Angeles, CA (Wadsworth) Salt Lake City, UT
Boise, ID Martinez, CA San Francisco, CA
Cheyenne, WY Menlo Park, CA Seattle, WA
Ft. Harrison, MT Miles City, MT Sheridan, WY
Ft. Lyon, CO Palo Alto, CA Spokane, WA
Fresno, CA Phoenix, AZ Tacoma, WA
Grand Junction, CO Portland, OR Tucson, AZ
Livermore, CA Prescott, AZ Vancouver, WA
Long Beach, CA Reno, NV Walla Walla, WA
Los Angeles, CA (Brentwood) Roseburg, OR White City, OR

Merritt Hospital St. Francis Hospital El Camino Hospital Tanana Hosp.
Oakland, CA San Francisco, CA Mountain View, CA Alaska Native

Health
Presbyterian Hosp. San Jose Hospital & Alaska Area Native Tanana, AK
San Francisco, CA Health Center Health Center

San Jose, CA Anchorage, AK Indian Medical
Health Center
Gallup, NM



The VA/CTS experiments cover a wide range of clinical problems and educational
presentations. Emphasis is on hospital-to-hospital, studio-to-hospital, and hospital-to-
medical teaching center - all on a inter-active basis. They are desribed below.

Teleconsultations.

Since CTS provides the ability to originate video programming and simultaneously
transmit signals in two directions, the opportunity to conduct teleconsultations is present.
To conduct this experiment, a mobile originating facility travels among those participating
hospitals that are located significant distances from urban medical centers. Physicians
located in the remote hospitals are given the opportunity to present physical findings,
electrocardiograms, scans, and other diagnostic information to a specialist colleague. This
could involve transmission of information across a city or across the continent. The
physician requesting the consultation may request a particular colleague, or is provided
with access to one or more consulting physicians. Emphasis is placed on simplicity and
easy access for the practitioner desiring a consultation.

The use of new, non-invasive diagnostic techniques is being investigated. Many of these
techniques involve electrical impulses which, theoretically, can be converted to radio
frequencies and transmitted by satellite. Various ultrasonic procedures, including
echocardiography and such recent concepts as computerized axial tomography, may be
tested between hospitals and consultants to determine whether the expensive hardware
may be shared among several hospitals by satellite extension.

VA National Medical Satellite Journal.

CTS provides unique opportunities to develop new medical programming concepts. The
ability to originate television signals from any part of the United States has led to the
design of several experiments which make use of a continuous mobile television
production unit and portable CTS transmitter.

The VA National Medical Satellite Journal is a 15-minute, weekly television report on new
procedures and research developments. It provides a network-caliber production featuring
two or three journalistic segments originating from various parts of the nation.

Management teleconferences.

This experiment is designed to facilitate management effectiveness within a nationwide
hospital system. The satellite is used to provide television signals between two or more
hospitals for meetings or training sessions, including a) hospitals directors, b) physician 



and nursing councils, c) administration and supply service seminars, and d) other
specialized networks as required.

Continuing education for professional certification.

Numerous health professionals within and outside of the VA system are now required to
provide evidence of regular participation in continuing education or in-service training
programs. A certain number of hours of such training must include formal courses that
provide for active participation, adequate opportunity for discussion, self-testing and
review.

This experiment is designed to provide data concerning the feasibilities and limitations of
interactive television as primary vehicles for delivering certifiable post-graduate training to
physicians, dentists, nurses, and other members of the health team. This experiment was
designed to provide research which specifically measures different media and
programming approaches against cost. The experiment enables researchers to measure
learning outcomes and long-term retention of knowledge so that a comparison may be
made between the various methods of presentation.

The experiment includes measurements between individual and group listening and
participation in the evening and at later hours for those working such shifts compared to
group participation during the daytime at VA hospitals. Comparison is being made for
specific subject areas in an attempt to determine which subjects or types of subjects are
best dealt with using full-color video.

Allied health programming.

While the importance of in-service training and continuing education for doctors, nurses,
and other practitioners is apparent, there are many important functions in VA and other
hospitals which are performed by staff personnel in allied health areas. Many of these
functions require thorough training and retraining of staff personnel, and much of this
training appears to be suitable for audio/visual presentation via satellite.

A specific number of programming hours has been designated for experimentation in
training seminars for these and other hospital personnel. As with the clinical programs
designed for physicians, dentists, and nurses, the allied health seminars feature two-way
interaction as a key element in producing the involvement that aids in the learning process.



Patient education.

Data from the VA/ATS-6 project indicated a high potential for educational programs
directed to patients and their families. The data also reflected an inadequate number of
field test occasions for the out-patient clinic experiment, and several areas where the
programming approach and format might be made more appropriate for a patient audience.
This experiment proposes to improve and refine a patient education programming format,
based upon data from the ATS-6 project, and to provide a minimum of ten opportunities
for field testing the new concepts.

Within each of these categories exists a vast array of specific program possibilities, from
discussions of research findings with colleagues at other research centers to analysis of
complex clinical issues with the best medical specialists available. Because this is a “user
driven” project, experiments are designed to meet the needs of the user, exchange
information and ideas and to tap the vast reservoir of talent and resources that exist within
the VA system and in major medical centers across the country.

CONCLUSION

Ultimately, we would like to be able to describe with some empirical data a system wide
satellite link which is cost effective, well accepted by users, and clearly capable of
improving the delivery of health care throughout the nation.

In the dynamic field of space technology, constant advances are being made. CTS allows
us to do many things which were not possible via ATS-6. Now we hear of the impact
which new developments such as the space shuttle may have in terms of possible dramatic
reductions in cost.

If I may editorialize for a moment, it would be unfortunate if the marriage of medical
science and space technology did not take place and long endure. Here, at last, is a means
by which the advances of one scientific endeavor can make those of the other applicable to
the human race without regard to distance, time or geography. The needs for increased
medical care are awesome, but so are the possibilities for answering those needs.

In a series of well conceived and carefully measured steps the providers of medical care,
whether they be national systems, single institutions, or individual practitioners could
integrate a biomedical communications system into virtually all aspects of medical practice
from the extension of sophisticated diagnostic techniques and therapeutic applications,
such as the transmission of endoscopic findings and full body axial tomographic findings to
more mundane but also important administrative and clerical activities and all that this
implies in between.



It is not unlikely that a coordinating center for numerous types of biomedical and
administrative communications could be established which would serve to enhance
medical practice everywhere.

The communications satellites may offer the opportunity to accomplish these things in a
cost effective manner.

Two-way exchange of medical information for consultations, medical education, and
transmission of data, patient records, library activities, as well as the utilization of
diagnostic tools are all technologically possible now. What remains is to develop the
systems by which they can be harnessed to the capabilities of communications satellites.

Sophisticated services now available only in major medical centers could become so
commonplace in all locations so that there would be virtually no difference in the
availability of resources regardless of location.

In the ultimate - the communications satellite should not be an intimidating device but
rather as available and routine in its usage as is the telephone.

We stand on the threshold of an era when the advances in space technology may make
possible delivery of the best available medical care on a cost effective basis to almost
anyone regardless of location.

Working together the public and private sectors can make this happen.
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BANDWIDTH COMPRESSION OF MULTISPECTRAL
SATELLITE IMAGERY
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ABSTRACT

Future LANDSAT satellites utilize a larger number of spectral bands and have a ground
resolution about an order of magnitude better than that of present satellites. This results in
larger bandwidth requirements for transmission, storage, and dissemination of the satellite
imagery.

This article summarizes the results of two studies at TRW Systems aimed at developing
efficient techniques for compressing the bandwidth of multispectral images. These
techniques are evaluated and compared using various criteria of optimality such as MSE,
SNR, and recognition accuracy of the bandwidth compressed images. The article also
discusses the bandwidth requirements for the Thematic Mapper is an example of the
increasing bandwidth requirements for the future satellites.

INTRODUCTION

NASA’s LANDSAT (ERTS) program has provided a wide variety of users the
opportunity to explore the utility of satellite-based earth resources observation. Although
the full range of applications has not yet been addressed, the potential of such systems to
earth resource management has been definitely established. The LANDSAT experiment
has also shown that converting this potential into an operational system in which practical
earth resource management can be accomplished requires extensive investments in
communications, data handling, and data processing. These investments are continually
increasing along with user requirements for increased spatial and spectral resolution, earth
coverage, and data timeliness which imply sensor output and data processing rates of
hundreds of megabits per second.

The objective of on-board data compression (source encoding) is to reduce costs and/or
systems constraints incurred by high data rates in the sensor-to-ultimate user data handling



chain. When the data rate and volume are reduced at the sensor, obvious benefits result.
These include: reduced on-board storage, simpler data transmission, simpler ground data
recording, and fewer data tapes to archives. This is accomplished by exploiting statistical
dependencies which exist between data samples in order to reduce the information rate.

Data compression has been the subject of much research and a large number of papers
over many years. In spite of the progress made in this field, few spacecraft missions have
been able to justify on-board data compression with its attendant risks in reliability and
data alteration, and its cost in terms of size, weight, and power. The situation, however,
has changed recently. Digital logic has become smaller, more reliable, less expensive, and
much less power consuming for a given amount of processing. It now appears practical to
actually implement an operational data compression system.

In the last few years there have been a number of studies for compressing the
bandwidth of multispectral data.1 General Electric and Philco-Ford have considered a
number of simple and elementary algorithms.2,3 Purdue University has considered use of
transform coding techniques and clustering algorithms for compressing the multispectral
data in separate studies.4,5 TRW Systems Group considered coding multispectral data
using errorless entropy coding of this data for archiving applications.6 Jet Propulsion
Laboratory has considered using clustering algorithms for joint bandwidth compression
and classification of multispectral images.7 These studies have shown that the bandwidth
of multispectral images can be reduced without introducing significant distortion in the
MSS images. The compression ratio ranges from 2:1 for the distortion-free coding
techniques to 6:1 and higher for the more complex systems.

TRW has conducted two more studies for compressing the bandwidth of MSS images.
These studies are more comprehensive in the sense that they consider a variety of
bandwidth compression techniques and evaluate and compare their performance using
different criteria of optimality, such as mean square error (MSE), signal-to-noise ratio
(SNR), recognition accuracy, and system complexity. This article will provide the
bandwidth requirements of Thematic Mapper (proposed for LANDSAT-D) as an example
of the increasing bandwidth requirements for the future satellites and summarize the results
of TRW multispectral bandwidth compression studies. For more details the readers are
referred to references 8 to 10.

DATA RATE/VOLUME IN LANDSAT-D

Preliminary characteristics of Thematic Mapper (proposed for LANDSAT-D) 11 is
listed in Table 1. These parameters show an increase in spatial as well as spectral
resolution over the multispectral scanners (MSS) data. Figure 1 shows the number of
bands and spectral utilization for the MSS and Thematic Mapper. These characteristics



result in realtime data rates in excess of 120 Mbps. Other data rate/volume characteristics
associated with Thematic Mapper (Table 2) show a need for compressing the bandwidth of
multispectral earth resources data in LANDSAT-D and future satellites. This need in
transmission of LANDSAT-D data to low cost ground stations (LCGS) is immediate since
bandwidth capability of most LCGS is limited to 20 Mbps. Compressing the bandwidth of
Thematic Mapper data by a compression ratio of 6:1 reduces the bandwidth of
LANDSAT-D data to the existing bandwidth range of LCGS.

BANDWIDTH COMPRESSION OF MSS IMAGERY (NONADAPTIVE
TECHNIQUES)

On-board compression of MSS images was considered at TRW as a two-part study.
The first part began with a survey of current literature on image bandwidth compression
and selection of those methods relevant to compression of multispectral imagery. The
selected techniques are listed in Table 3. These techniques exploit spatial as well as
spectral correlation of the multispectral data for a maximum reduction in the bandwidth.

Typical satellite multispectral data was then analyzed statistically and the results used
to select a smaller set of candidate bandwidth compression techniques particularly relevant
to earth resources data. These were compared using both theoretical analysis and
simulation, under various criteria of optimality such as mean square error (MSE), signal-
to-noise ratio, classification accuracy, and computational complexity. By concatenating
some of the most promising techniques, three multispectral data compression systems were
synthesized which appear well suited to current and future NASA earth resources
applications. The performance of these recommended systems was then examined in detail
by all of the above criteria.

Detailed results are provided (reference 1) with numerous charts and tables. A
significant conclusion of the study is that compression ratios of 3-4:1 are achievable with
very little distortion on multispectral earth resources imagery data. This is readily seen in
Table 4 which shows negligible distortion for almost all conceivable applications at 2 bits/
pixel data rates. The table also shows that by choosing the proper compression technique,
a gradual degradation in complexity can be achieved at lower rates but at an increasing
cost in complexity.

Other important conclusions which may be drawn from Table 4 are:

a) Fixed rate encoders give excellent quality imagery at 3-4:1 compression ratios.
This compression ratio may be increased 5:1 by making the system operate at a
variable rate with a Huffman encoder. Subjectively, reconstructed images are
almost indistinguishable from the originals.



b) At a fixed bit rate and compression ratio of almost 7:1, the Haar-Cosine-DPCM
system gives acceptable results. Cluster coding techniques can be used to obtain a
compression ratio of 11:1 with possibly acceptable performance. Compression
ratios of 13:1 and higher correspond to noticeably degraded imagery which would
probably be acceptable to only a few users.

c) The results obtained with LANDSAT imagery are corroborated by quite different
12-channel MSS aircraft gathered data. Thus, the conclusions are felt to be quite
general.

BANDWIDTH COMPRESSION OF MSS IMAGES (ADAPTIVE TECHNIQUES)

The second part of the study evaluates potential gains in data compression achieveable
by allowing adaptivity to local statistics. In general, this means calculating data statistics
for each block of some fixed size and coding the data in the block in different ways,
depending on the statistics.

From the set of potential compression algorithms shown in Figure 2, those most
appropriate for on-board compression of multispectral imagery were selected. Selection of
candidate adaptive techniques was based on the characteristics of multispectral data and
our experience in bandwidth compression of such data using nonadaptive techniques. Also,
special emphasis was placed on implementation complexity of these techniques and
compatibility with multispectral scanner requirements. More detailed explanation of the
selection of specific techniques is covered in reference 8. The candidate adaptive
techniques are listed in Figure 3.

The results of using adaptive techniques for compressing the bandwidth of multispectral
images are:

a) Adaptive techniques investigated are capable of providing higher SNR with less
complexity than the methods recommended in the first study. Without requiring
the complex KL spectral transform, the adaptive DPCM and hybrid techniques
achieve results approximately 2 to 3 dB better than those obtained by nonadaptive
techniques with the KL transform.

b) At a compression ratio corresponding to 2 bits/pixel, all adaptive coding
techniques produce good results. The reconstructed images are subjectively only
slightly distinguishable from originals; the SNR after coding is as high as 38 dB,
and recognition accuracies of over 85 percent are achievable. This performance is
possible using adaptive bandwidth compression techniques that operate at a fixed
bit rate. This is a significant conclusion of this study since reducing the bandwidth



of data generated by the TM to a bandwidth that can be transmitted over S-band
corresponds to a compression ratio equivalent to 1.84 bit/pixel. Comparative
performance of the best adaptive and nonadaptive techniques are shown in
Figure 4.

c) For low bit rates (below 1 bit/pixel), adaptive cluster coding produces the highest
SNR reconstructions.

d) Below 2 bits/pixel per band, each algorithm introduces different kinds of
distortion. Adaptive DPCM tends to blur the image slightly, the degree of blur
depending on bit rate. Adaptive hybrid Hadamard introduces a blocky structure
that might be partially reducible using post-filtering. The adaptive clustering
technique produces crisp images but introduces contouring. The adaptive 2D
Hadamard technique produces some blockiness (less than the Hybrid technique)
and also yields edge precursors. The 2D Cosine transform introduces slight
blurring.

e) Effects of the various techniques on classification consistency are extremely
scene-dependent. Radiometric distinctness of the various classes in the scene and
the type of distortion introduced by the compressor both affect the results
obtained.
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Table 1.  Preliminary Characteristics of
Thematic Mapper (Reference 11)



Figure 1.  Spectral Bands for MSS and Thematic Mapper
(Reference 11)

Table 2.  Thematic Mapper Data Rate/Volume
(Reference 11)

CHARACTERISTICS PARAMETER VALUES

LANDSAT ALTITUDE 700 KM

REALTIME DATA RATE 120 MBPS

IMAGE SIZE 185 X 185 KM

NUMBER OF BITS PER 7-BAND IMAGE ~2 X 109 BITS

NUMBER OF IMAGES PER DAY ~500

NUMBER OF BITS/DAY TO GSFC IMAGE
PROCESSING FACILITY (I PF) ~1012

GSFC TO DATA CENTER (S) RATE 10 MBPS (CONTINUOUS)



Table 3.  Candidate Techniques Selected for Compressing
the Bandwidth at MSS Data

GENERAL CLASS OF TECHNIQUES SPRCIFIC CODING TECHNIQUES SELECTED

THREE-DIMENSIONAL TRANS-
FORM CODING WITH BLOCK
QUANTIZATION

3D FOURIER TRANSFORM

3D HADAMARD TRANSFORM

3D SLANT TRANSFORM

3D COSINE TRANSFORM

SPECTRAL TRANSFORMATION
FOLLOWED BY A 2D ENCODER

1D KL (OR HAAR) TRANSFORM FOLLOWED
BY TWO-DIMENSIONAL DPCM

1D KL (OR HAAR) TRANSFORM FOLLOWED
BY COSINE/DPCM ENCODER

1D KL (OR HAAR) TRANSFORM FOLLOWED
BY HADAMARD/DPCM ENCODER

CLUSTER CODING TECHNIQUE USING NONSUPERVISED NONPARAMETRIC
CLASSIFIER

Table 4.  Selection of Compression Techniques

3.35:1 2 BITS/PIXLE

COMPRESSION
RATIO

BIT RATE RECOMMENDED
TECHNIQUE

TYPICAL
SNR (MSE)

(DB)

TYPICAL
CLASSIFICATION

CONSISTENCY (%)

RELATIVE
COMPUTATIONAL

COMPLEXITY

3.35.-1

5:1

6.75:1

11:1

2 BITS/PIXEL

1 .35 BIT/PIXEL

1 BIT/PIXEL

0.625 BIT/PIXEL

HAAR-2D DPCM

HAAR-COSINE/DPCM

HAAR-COSINE/DPCM
WITH HUFFMAN
CODING
CLUSTER CODING

35 (5)

32.5 (9)

31.5 (11)

29 (20)

90

86.5

83

71

1

2

4

10*

*ESTIMATED

 



Figure 2.  Adaptive Methods Divided Into Four Categories

Figure 3.  Candidate Adaptive Techniques



Figure 4.  Comparison of the Best Adaptive and Nonadaptive Techniques



20/30 GHZ SATELLITE SYSTEMS TECHNOLOGY NEEDS
ASSESSMENT

Grady Stevens and David Wright
National Aeronautics and Space Administration

Lewis Research Center
Cleveland, Ohio 44135

ABSTRACT

NASA is involved in exploring the potential of the 20/30 GHz bands as evidenced by the
propagation work in the ATS series by NASA-Goddard and, more recently, by the systems
and market effort by NASA-Lewis. This paper focuses on the system and market work
done by NASA-Lewis. Included are results of previous contractual and in-house studies,
as well as preliminary results of on-going market and system studies. Baseline concepts for
evaluating technology needs are also included.

INTRODUCTION

A forecast of U. S. domestic demand for satellite telecommunication services has been
made which projects an annual growth rate of 15 percent (1). Various other forecasts have
been made (2, 3,4) indicating a potential need for very large numbers of transponders in
the Region 2 orbital arc. Depending on service growth, these forecasts range from several
hundred to more than a thousand transponders. If these forecases are plausible, this growth
will place a critical demand on orbit/spectrum resources since these resources are limited
at C-band and Ku-band. This situation is further complicated by the projected growth in
international traffic (5).

Currently, in the U. S., this development of satellite capacity is in the formative stages with
C-band CONUS coverage satellites being used exclusively. These systems have already
proven to be very cost-effective for the delivery of long-haul and wideband services. Partly
due to the C-band success and partly due to the desire to eliminate the terrestrial tails, Ku-
band satellite service will be offered commercially in a direct-to-user concept in the early
80’s (1).

As the orbit becomes more crowded, it will, it is believed, become necessary to use
advanced frequency re-use techniques and new frequency bands to satisfy the anticipated
demand. Multiple spot beam spacecraft with the allocated bandwidth being re-used several



times per spacecraft are believed to be the best approach to provide sufficient orbit space
and spectrum to meet anticipated needs. However, large factors of frequency re-use will
require very large spacecraft antennas if the spacecraft are designed with C-band
technology. Table I compares the spacecraft antenna size requirements for various bands
and number of spot beams. It can be seen that for large numbers of spot beams C-band
does not compare favorably since it requires a large deployable antenna. Ku-band is the
next most favorable, according to required antenna size. For this band, even the 50 beam
antenna is small enough to fit within the shuttle envelope. This is especially critical since
large focal length/diameter ratios will be required to achieve good spot isolation in these
systems (6). Based on size alone, 20 GHz appears the most favorable, with the size for a
50 spot beam antenna being in a range suitable for lens technology. A second
consideration is the bandwidth available in the various bands. The allocation at 20 GHz is
approximately a factor of 5 larger than either Ku-band or C-band. Combining this with the
frequency re-use attainable with the multi-beam technology leads one to conclude that the
20 GHz band offers a tremendous spectrum resource, more than adequate to meet
anticipated demands. Unfortunately, the rain attenuation is significantly greater at 20 GHz
and especially so for the 30 GHz uplink. Therefore, there are many questions relative to
reliability and viability to be answered and much technology to be developed at this band
before commercial implementation will occur.

PREVIOUS NASA EFFORTS IN 20/30 GHZ BANDS

NASA has been involved for some time in the evaluation of the potential for 20/30 GHz
satellite communications. The first activity was the propagation work done by NASA-
Goddard with the ATS-5 and ATS-6 satellites. This work is documented elsewhere (7) and
will not be covered here.

Recently, NASA has initiated a series of millimeter wave (20-80 GHz) system and market
studies to further evaluate the potential of the millimeter bands as measured against
forecasted market needs (3,4,8). Early in this effort, it became apparent that the rain
attenuation expected throughout these bands would significantly affect system design (3).
However, it was not clear how this attenuation would affect the cost-effectiveness of such
systems since cost is affected by system capacity and the capacity is expected to be very
large relative to today’s C-band systems. Also, it was not clear how to fully utilize this
expected capacity and, without high utilization, the economy-of-scale effect would not be
realizable. Therefore, since the attenuation in the MM bands was least at Ka-band, an
effort was directed at estimating rain attenuation in the 20/30 GHz bands and the resultant
impact on system user costs. This was done for a variety of system concepts assuming the
systems were fully utilized. The under-utilized case can be obtained simply by multiplying
the user cost by an appropriate factor.



To put the following discussion in perspective, consider the quality of service offered to
users of communications systems. Table II shows overall reliabilities offered by various
systems as well as specific reliability against rain alone. Excellent reliability is clearly
available with conventional terrestrial and C-band satellite systems. SBS, however, is
seeking a body of users who are willing to sacrifice some reliability in order to realize
other advantages. For the 20/30 GHz band, viable services with high reliabilities will
require new concepts in systems implementation otherwise this band will only be suitable
for those users and services where rain outage is not of major concern.

For purposes of discussion, consider early estimates of rain attenuation as shown in
Figure 1 (3). Note that curves are shown for single terminal sites as well as sites which
have dual terminals (site diversity). The second terminal makes use of the reduced
correlation of rain fades between separate terminals and achieves a specified reliability
with significantly less margin. An example will illustrate this point. For the SBS system, a
1.5 dB margin is selected on the downlink to yield a rain reliability of 99.6 percent. On the
uplink, a 5 dB margin is selected to yield a rain reliability of 99.9 percent for an overall
rain reliability of 99.5 percent. For single terminal sites at 20/30 GHz, the same reliability
levels would require 5.5 dB of margin on the downlink and in excess of 20 dB on the
uplink. As the reliability increases from 99.5 percent, the required margin increases
drastically. With diversity at 20/30 GHz, only 1.3 dB would be required on the downlink
and only 3.5 dB on the uplink. The impact of these selections is compared for several
systems having CONUS coverage in Table III. Note that the S/C RF power requirement is
affected by a rise in ground terminal noise temperature as well as increased attenuation.
The high power requirements aboard the spacecraft and the ground terminal raise
questions as to the viability of 20/30 GHz service to single-terminal sites. However, the
case with diversity appears attractive even with CONUS coverage. But, due to the
attendant costs of dual terminals at each site, a unique user is required who has sufficient
traffic to justify the added expense.

Since the most dense traffic occurs on long line trunks interconnecting major metropolitan
areas, long ling trunking appears to be a natural application of high capacity 20/30 GHz
satellites. Indeed, there would be sufficient traffic to justify site diversity and the added
expense. The problem, of course, is how to integrate the satellite system with existing
communication facilities - especially facilities that have significant remaining life. It is
assumed herein that such an integration is feasible - perhaps the satellite would be used for
dynamic allocation of additional capacity and, therefore, augment rather than replace
existing facilities.

For this trunking application, very narrow and independent spot beams could be used to
advantage to reduce the required spacecraft power as well as the earth station G/T and
transmitted power.



Such systems have been considered and one typical configuration is shown in Figure 2 (8).
In this particular case, six beams are used to achieve 6X frequency re-use for the
equivalent of 90,000 duplex voice circuits.

Estimates of the added charge per voice channel for the satellite routing have been made
and the results of the service costs are given in Table IV as a function of the number of
beams. The basis for this charge includes the costs of an on-orbit, as well as ground spare,
launch costs for two satellites, operation and maintenance, and the earth station costs. The
service costs are arrived at by assuming an 8-year life for the spacecraft, 14-year life for
the earth stations, a 10 percent discount rate and a fully utilized satellite. This service cost
dues not account for actual satellite utilization or any required terrestrial tails. However,
multiplying these costs by a factor of four, to account for less than full utilization, results in
charges that are still significantly lower than today’s rates. All these data were computed
for an overall rain reliability of 99.9 percent. The sensitivity of these charges to changes in
rain reliability is indicated in Table V. Note that an increase in overall rain reliability to
99.97 percent results in a 50 percent increase in user charge. However, the rate is still
relatively low even if escalated by the previous factor of four.

Larger systems such as would include direct-to-user applications were evaluated in the
NASA-Lewis in-house studies. Figure 3 shows one typical system making use of many
spot beams to achieve 22 times frequency re-use. This particular configuration assumes the
use of 9 spots per cell before frequency re-use and assumes the indicated interferences are
sufficiently isolated to achieve about 30 dB C/I ratios. Costing for these direct-to-user
systems was not done in these preliminary studies but is being done as part of on-going
contractual efforts which include direct-to-user as well as trunking applications as
discussed in the next section. With the larger systems, it became apparent that TDMA is
most appropriate while, for the smaller systems, FDMA has a clear advantage. These early
efforts suggested the need for certain technologies which are shown in Figure 4.

For the space segment, it is believed that high-gain multiple-beam antennas employing
extensive frequency re-use are essential to insure an adequate spectrum resource beyond
the year 2000. For these large systems, it is also believed that high-speed baseband
processing is necessary to achieve the most efficient utilization of the spacecraft. However,
in the formative stages, RF or IF switching will probably suffice. It is also believed that
wideband multimode spacecraft transmitters will also be required to dynamically provide
for rain margins and allow for a large number of signals per transmitter.

For the ground segment, it is believed that multimode transmitters will also be needed as
well as significant advances in high speed/high capacity buffers.

For both the space segment and ground segment, there will be a need for high speed
processors to enable the demand access function.



CURRENT EFFORTS IN 20/30 GHZ BANDS

As a follow-on to these preliminary studies, NASA-Lewis has embarked on a series of
system and market studies to evaluate concepts and test their relevancy against forecasted
market needs. Currently, four contractual efforts are underway - two parallel system
studies by two satellite system suppliers and two parallel market studies by two common
carriers. These efforts are specifically designed to elicit the needs of the carriers and the
capabilities of the suppliers by having them actively involved in the definition of
technology needs. The flow of this effort and the interaction is outlined in Figure 5. Ford
Aerospace and Hughes Aircraft are performing independent system studies while ITT and
Western Union are performing independent market studies. Mid-way through this 9-month
effort, all contractors will provide a joint briefing to NASA-Lewis and other invited
government and industry representatives. During this review, it is expected that all
participants will be made aware of both the technical and market potential of these bands.
A similar interaction at the final review is expected to result in a concurrence of what form
the final satellite system is likely to be, what the enabling technologies are, and what form
the precursor system ought to be.

A schematic of the technical portion of these studies is shown in Figure 6. Both FDMA
and TDMA systems are considered with both direct-to-user (as in SBS) and trunking
applications included in each. Also, for each of these cases, the impact of on-board
spacecraft switching will be evaluated. In addition to developing a catalog of viable
systems, this approach will provide an indication of the best trunking configuration as well
as the best direct-to-user configuration.

In order to focus the technical effort, it was necessary to select initial concepts to consider.
Table VI compares the direct-to-user and trunking applications as well as the
configurations to be evaluated for each. In addition, variations on certain parameters are to
be evaluated such as number of spot beams and offered rain reliability. These variations
will provide information on sensitivity of the nominal configurations and also will be
beneficial to the market effort in that it provides a means of aiding the elicitation of user
sensitivities to service cost and service quality.

Underlying the system analyses will be certain assumptions regarding the market including
rain reliability and satellite utilization. The market effort will address these assumptions by
forecasting market demand and evaluating user requirements for reliability. An outline of
this market effort is shown in Figure 7.



A demand forecast for the 1980-2000 time frame is to be provided according to service
type and to user category. This latter element is needed to evaluate requirements for rain
reliability. A case study will be performed to provide both a typical market for planning
purposes and a validation of analysis techniques.

In addition to these studies, another effort by Mitre Corporation is evaluating generic on-
board processing concepts. This is an independent effort but is expected to provide
significant supporting background data for the aforementioned technical studies.

SUMMARY AND CONCLUSIONS

The 20/30 GHz bands appear attractive economically and with certain technology
advances appear to offer a virtually unlimited spectrum resource. This attractiveness is
especially relevant to high density trunking where there is sufficient traffic to justify dual-
station site-diversity. On-going system and market studies actively involve satellite system
suppliers and carriers as well as the government in a cooperative, mutually beneficial
effort. It is believed that this is the approach most likely to result in a spectrum efficient,
acceptable risk, high capacity 20/30 GHz satellite system which is relevant to anticipated
markets.
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TABLE I. - COMPARISON OF ANTENNA SIZES

NUMBER OF
BEAMS

4 Ghz
DIAMETER

METERS

12 Ghz
DIAMETER

METERS

20 Ghz
DIAMETER

METERS

  10

  25

  50

100

  2.0

  5.0

  7.1

10.0

0.7

1.7

2.4

3.3

0.4

1.0

1.4

2.0

TABLE II.  - TYPICAL RELIABILITIES OFFERED TO USERS

SCOPE OF
RELIABILITY

SYSTEM
USED

RELIABILITY
PER CENT

TOTAL

INTELSAT

CROSS-COUNTRY
MW

99.95

99.98

RAIN
ONLY

SBS 99.6 DOWNLINK
99.9 UPLINK



TABLE III. - COMPARISON OF CONUS COVERAGE SySrEAIS HAVING 5
METER EARTH STATIONS

TABLE IV. - ESTIMATED COSTS FOR 20/30 GHZ TRUNKING SYSTEM



TABLE V. - ES77MATED COSTS FOR 20/30 GHZ TRUNICING SYSTEM
HAVING SIX BEAMS

TABLE VI. - BASELINE SYSTEM CONCEPT STUDY REQUIREMENTS



Figure 1. - Estimates of rain attenuation.

Figure 2. - A minimum 2050 GHz network concept.

Figure 3. - Typical large scale 20M GHz network with 22 times frequency re-use.



FIGURE  4

18/30 GHz FIXED SERVICE SATELLITE PROGRAM
ENABLING TECHNOLOGY

SPACE SEGMENT
• MULTI-BEAM ANTENNA

- HIGH GAIN SPOT BEAMS
- EXTENSIVE FREQUENCY RE-USE

• ON-BOARD SATELLITE SWITCHING
- HIGH SPEED ( < 0.5 USEC)
- SWITCHING AT RF OR IF
- MULTIPLE ACCESS

• TRANSMITTER/TRANSPONDER
- MULTI-LEVEL POWER
- WIDE BANDWIDTH (# 1.0 GHz)

GROUND SEGMENT
• TRANSMITTER

- MULTI-LEVEL POWER

• HIGH SPEED/HIGH CAPACITY BUFFERS

• MULTIPLE ACCESS HARDWARE
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 18/30 GHZ MARKET STUDY

TASK 1 -  Literature Survey

TASK 2 - Demand Forecasts for Telecommunication Services for the Period 1980-2000

A. Telecommunication Service Demand
B. Distance Distribution of Traffic
C. Traffic Volume as a Function of City Size
D. Geographical Distribution of Traffic Volumes
E. Sensitivity of Service Demand to Variations in Service Cost

TASK 3 - User market Identification

A. Traffic Forecast by User Category
B. Relative Size of Each User
C. Demographics of User Categories

TASK 4 - Case Study of the Communications Traffic Demand Within A Metropolitan
Area

TASK 5 - Present and Projected and C and Ku-Band Satellite Service Costs

A. Satellite and Terrestrial Projected Service Costs As Function of Distance
B. Terrestrial Tail Costs
C. Maximum Volume of C and Ku-Band Satellite Service

TASK 6 -   18/30 GHz Communications Service Demand Forecasts

A. Service Demand As A Function of Reliability
B. Real Time Versus Non-Real Time Service Demand Forecasts
C. Traffic Suited for 18/30 GHz Systems

FIGURE 7



PROCESSING SATELLITES*
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ABSTRACT

With few exceptions, satellite communications systems today employ conventional
nonprocessing satellites that are often referred to as “bent pipes in the sky.” These
satellites merely act as nonlinear (TWT) amplifiers that transmit on the downlink the same
signals plus noise (frequency shifted) that it receives on the uplink.

It is now clear that the “micro-processor revolution” will impact on satellite technology
and result in a new generation of communication satellites with various on-board digital
processing(1-6). The orbiting experimental military satellites Les-8/9 are the first-of the new
generation of processing satellites(7-10). Many more such satellites are now being
considered with increasingly complex digital processing on the satellites. For military
applications these on-board processing capabilities are listed below in increasing order of
complexity.

Dehopping

To combat jamming on the uplink, direct sequencing or frequency hopping of the
transmitted signal is often employed to obtain the “processing gain” necessary to
overcome the jamming signal. Despreading, particular dehopping, on the satellite is
perhaps the first step in on-board processing (See Ref. 8).

Demod/Remod

Demodulation and remodulation on the satellite allows for separate modulation signal
design for the uplink and downlink channels. These so called “regenerative satellites” can
give better overall performance and give versatility in the usage of the satellite channels.
For example, we can send FDMA FSK signals up and a TDM PSK signal down. (Les-8/9
uses both dehopping and demod/remod processing in the forward direction). To high data
rates maximum-likelihood Viterbi demodulation could also be employed(11-14).



Decode/Re-encode

After demodulation, decoding and re-encoding is the next level of satellite processing.
Here we can consider the combining of coding, multi-access, and spread spectrum
techniques(15-17).

Switching and Demand Assignment

Ultimately a satellite may have a general purpose computer with large buffers to perform
routing of messages down various types of phased-array antenna beams controlled by the
same computer (See Ref. 1). Superimposed on all these types of satellite processing is the
use and control of phase array antennas which allow for adaptive multibeam antenna
patterns(18 , 19).

Two basic questions arise in considering the design of processing satellites:

a.  How does the performance of various processing satellites compare with conventional
nonprocessing satellites? In other words, how much does each of the various processing
capability on the satellite improve overall performance?

b.  What is the required digital processing complexity for the various types of processing
satellites? Stated another way, how well does a fixed amount of processing complexity do
compared to ideal performance for various types of required processing on the satellite?

In this paper we examine the first question and compare conventional satellite repeaters
with various processing satellites. Our performance measures are bit error probability and
throughput. The use of coding throughput will be measured by normalized cutoff rates.
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PERFORMANCE OF BANDLIMITED AND HARDLIMITED
PSK SIGNALS

R. D. REY

Summary. - Transmission of a signal through a channel, such as a satellite communication
channel, results in distortion of the signal due to bandlimiting in the individual channels
and hardlimiting. The purpose of this paper is to study the effects that channel distortion
due to filtering and hardlimiting have on the performance of BPSK and QPSK. The results
will be used to determine the maximum bit rate which can be transmitted through a channel
having a particular bandwidth with a specified limit in degradation of performance.

Introduction. - Shown in Figure 1 is the block diagram of the system being studied. A
2-phase or 4-phase signal is transmitted through the channel as shown and is coherently
detected at the detector. Transmission of a signal through a bandpass filter results in
amplitude distortion, phase distortion, and group delay. Each pulse is smeared into the
preceding and following pulse (or pulses for narrow bandwidths). The hardlimiter operates
on the amplitude of the distorted signal producing a signal with an absolute value that is
constant but whose duration at any one phase varies depending on the preceding and
following pulses. Thus, the integration start time and integration time which will yield
minimum degradation must be determined.

The study is based on a computer simulation which performs the following operations:

1.  The amplitude spectrum of a single square pulse of duration T is generated and then
transformed with a Chebychev filter having a particular number of poles, a specified
ripple, and bandwidth W.

2.  The amplitude spectrum at the output of the filter is inversely Fourier transformed
resulting in a single distorted pulse.

3.  The single pulse is advanced and delayed in time and given the appropriate phase
resulting in a set of pulse sequences exhausting all possible cases for the chosen number of
pulses in a sequence.



4.  Each sequence is passed through the nonlinearity and a vector representing the pulse to
be detected is determined by integrating the real and imaginary components of the pulse
using different starting points in time and integration times.

5.  A reference is determined from the set of received signal vectors and the probability of
a bit error is found for various signal-to-noise ratios, integration start time and integration
time; i.e., delay and aperture.

6.  The probability of bit error is plotted versus signal-to-noise ratio for various delays and
aperture in the region of the best values determined above.

Thus, in general, the simulation yields probability of error curves for a particular filter and
nonlinearity given either 2-phase antipodal modulation or 4-phase biorthogonal
modulation.

Distortion of the Signal Vectors. - A signal having energy E, to be transmitted through a
channel and detected at a receiver, can he represented as a vector in a signal space as
shown in Figure 2.2 Both the 2-phase and 4-phase cases can be studied since the distortion
to a single vector in either case is the same. The approach for each case are identical in
procedure. They differ only in the configuration of decision regions and in the number of
cases required when a fixed number of signals in a sequence is specified.

The number of signals in a sequence is chosen so that each signal around the signal being
detected causes interference with it. For the filter bandwidths to be studied, the filtered
pulse decreases sufficiently rapidly that only a sequence of three signals is studied. This
results in cases as shown in Table I. The vector being detected is represented by one of the
vectors in the signal space and the signals leading and trailing it are varied until all possible
sequences are exhausted. Note also that only detection of one of the possible vectors need
be studied since the signal space is symmetrical and distortion to a vector transmitted
through a filter is indepencent of its phase, thus studying the effect of distortion on a single
vector in a sequence exhausts all cases.

One vector, represented by its time samples, is transformed through the filter. It is then
delayed and advanced and given a corresponding phase shift depending on the case. For
the 4-phase case considering the required method of detection of the binary digits, the
pulse to be detected is first given a 45E shift and all other vectors are given an additional
multiple of 90E shift. The signals are then summed producing a sequence of three signal
vectors. Each component of the sequence is divided by its absolute value which
corresponds to passing the signals through a hard limiter. The inphase and quadrature
components of the signal to be detected are integrated for various delays and apertures. 



* Strictly speaking, this computation assumes either correct reception of each signal in a decision-
directed process or deriving the reference from signals of known phase (gated reference).

The procedure is performed for each case. Thus, for each aperture and delay a received
vector is defined corresponding to a particular case.

Table I.  Signal Sequence Cases

Figure 3 illustrates the locations of the received vectors of each sequence case for 2-phase
signals and a particular delay and aperture. These vectors represent all possible received
vectors, thus summing these vectors will generate the reference angle equivalent to a
reference generated by averaging over a large number of received signals in noise.*

Using the generated reference the decision regions can be defined. For the 2-phase case
the receiver reference is equal to the transmitted reference shifted by the average phase
shift of the received vectors. The 4-phase case shifts the transmitted reference by the



measured angle minus 45E. The probability of error for each sequence can be found for a
given noise variance. The average probability of error is then the average of the probability
of error for each sequence. The average probability is calculated as follows.2

Let

(1)

and also define

No = single sided density of Gaussian noise

di = the distance on the inphase reference axis to the
vertical decision line for the ith vector

8
di = the distance on the quadrature axis to the vertical

decision line for the ith vector

Then, for the 2-phase case the average probability of error is

(2)

where                                              (3)

or                                               (4)

The average probability of a character error for the 4-phase case is

(5)



and assuming gray coding 3 the average probability of a bit error is

(6)

where

(7)

or

(8)

and similarly

(9)

or

(10)

The negative distance can occur for poor choices of the integration start time and
integration time for certain sequence cases.

Using these equations P̄E can be determined for various delays and apertures. The delay
and aperture which minimizes P̄E are chosen and values of P̄E versus signal-to-noise ratio
can then be calculated.

Sampling of the Signal and its Amplitude Spectrum - The signal which is transmitted
through the channel and its amplitude spectrum can be represented by complex discrete
samples.4 Figure 4 shows the placement of samples on an axis equivalent to placement in
an array. In the array there are N points,



N = WsTs (11)
where

Ws = frequency axis range

Ts = time axis range

The number of samples in a pulse duration T is,

(12)

and the number of samples between zero crossings of the amplitude spectrum is

(13)

There should be 40 samples between zero crossings of the signal spectrum. This is
approximately the number of samples that would be required to study the effect of a four
pole Chebychev filter with a bandwidth as narrow as W = .25/T or an eight pole filter as
wide as .5 T. The signal of duration T should contain approximately 20 samples The
particular FFT algorithm used required N to be a power of 2. Thus, if the total number of
samples, N, is chosen to be 512, then

and

Thus, there are 512 time samples with 25 samples within the signal duration T. Note also
that the frequency axis range Ws is,

The image spectrum of the periodic Fourier transform are separated by 25 lobes of the
amplitude spectrum, thus, virtually eliminating any aliasing effects for normal spectrums.

Signal Transformations and Generations of the Signal Vectors from the Signal
Samples. - The single pulse is sampled as shown in Figure 4 and has an amplitude
spectrum which is shown in Figure 4. The pulse is chosen to have only real components 



and is positioned on the time axis so that its amplitude spectrum is real. The time samples
can be represented by a vector.

(14)

where

vi = 1, for 1 # i # nt /2 and N - nt /2 # i # N
= 0 elsewhere

The samples of the amplitude spectrum of the pulse can be represented by a vector

(15)

For the calculations performed, the vector was loaded as follows:

(16)

and

(17)



The transform of the Chebychev filter placed in vector form is,

(18)

where

(19)

and

(20)

with
W = single sided bandwidth of the Chebychev filter

= "/T

" = the time bandwidth product

fc = carrier frequency

T = 

and the values,

Fv,Tv  = describe the pole locations of a low pass Chebychev
filter with a bandwidth of one

The equation for X transforms the low pass filter to a bandpass filter, at center frequency
fc, with bandwidth 2W.



The amplitude spectrum is then transformed with the filter transfer function and inversely
Fourier transformed using a Fast Fourier Transform algorithm resulting in a time sample at
the filter output

(21)

The vector is rearranged to facilitate computations by placing the pulse in the center of the
vector,

(22)

The vector V(2) contains the single distorted pulse from which the sequence cases are
generated.



For the two phase case the sequences are found as follows for the four cases:

(23)

(24)

The sequence of pulses for the 4-phase case are formed as follows for the sixteen cases,

(25)

Where I = M + 4 (n-1)



The vectors are then hard limited by normalizing the absolute value of each of the vector
components resulting in the received signal

(26)

The projected components of the received vector from the decision region are

(27)

and

                                   (28)

where
)  = the integration delay
Ta = the integration time

The reference at the receiver is generated by averaging the received vectors for all the
cases

(29)



(30)

then,
                                     (31)

For the 2-phase case the phase shift is

(32)

and for the 4-phase case it is

(33)

Thus, the distances along the receiver reference axii are,

(34)

and

(35)

The received distance can be calculated for different values of delay ) and integration time
Ta until the values which yield the minimum probability of error are found. The values can
then be used to calculate PE versus Es/No.

Results. - The model discussed above was programmed to produce results in plotted form.
The results to be presented in this section will demonstrate the procedure discussed above
and the capabilities of the approach.

The single pulse of duration T is transformed through a 4 pole 1 db Chebychev filter with
bandwidth W. For the results discussed below the amplitude spectrum of the pulse is
located in the center of the filter with T = 50 nanoseconds and fc = 8000 MHz. The pulse
at the output of the filter is shown in Figure 5 for WT = 1 and .5. The single pulse
illustrates the linear distortion effect. The dashed line represents the shape and position of
the original pulse and is centered at time/T = 2.50. The power in the pulse produced by
WT = 1 is delayed by about .6T and is distributed through 2T. Thus, the 3 pulse sequence
for WT = 1 is delayed by about .6T and is distributed through 2T. Thus, the 3 pulse
sequence for WT = 1 will produce very accurate results. The pulse produced by WT = .5



has a large part of its power delayed by 1.3T and is distributed over 3T but has less than
1% of its power distributed outside the 2T region. Thus, the three pulse sequence will yield
accurate results.

Figure 6 presents plots of probability of error versus delay for various apertures
(integration times) with WT = 1 and WT = .5. These plots were used to select the best
delay and aperture. For WT = 1 a delay of .6T and an aperture of T produced the best
results. When WT was reduced to .5, the best results were achieved when the delay
equaled 1.3T with an aperture equal to .9T.

Using these aperture values, probability of error was plotted versus signal-to-noise ratio
for three delays. The results are shown in Figure 7. With WT = 1 and 10-5 probability of
error there exists a .5 db degradation from the ideal coherent curve. When WT = .5, the
degradation is 1.1 db at the same error rate. Thus, the loss in reducing the time bandwidth
product results in a loss of .6 db.

A similar procedure was followed for the 4-phase modulation case. To demonstrate the
phase shift of the vector for the 4-phase case a single pulse, before limiting, was plotted
and is shown in Figure 9. The signal is the same signal as shown in Figure 8 for WT = 1
only phase shifted 45E. For the particular WT product being studied the signal was
advanced and delayed with the appropriate phases respectively and added into the single
pulse being studied to form the 16 sequence cases.

The sixteen cases were then passed through the hard limiter to form the received
sequences. The center signal was integrated for various delays and apertures. Figure 9
presents the resulting plots. Examination of Figure 9 results in a best delay of .6T and and
aperture of T for WT = 1 and a best delay of 1.3T and aperture of .9T for WT = .5.

Using these values PE for the 4-phase case versus signal-to-noise ratio was plotted for both
WT = 1 and .5. The plots are presented in Figure 10. The solid lines represent the
probability of a character error and were calculated with the method described above using
Equation (5). The dashed lines represent probability of bit error and were placed on the
plot by using Equations (5) and (6) with the assumption that for small PE the pi and/or p̂i

would also be small. The term of Equation (5) pi p̂i is then negligible compared to pi + p̂i.
Thus, the probability of a bit error is half that of the probability of a character error. The
assumption was verified by calculating the probability of a bit error for selected signal-to-
noise ratios with WT = .5.

The plot shows that for WT = 1, there is a 1 db degradation from ideal at an error rate of
10-5 and with WT = .5 the degradation is approximately 2 db at the same error rate. Above
it was seen that (Figure 7) for the 2-phase case degradations were .5 db and 1.1 db



respectively. Thus, the 4-phase case is more sensitive to distortion of the signal vector than
is the 2-phase. The greater sensitivity of the 4-phase case to distortion of the signal vectors
is due to the smaller decision regions which must be used for detection.

By comparing the probability of bit error curves of Figures 7 and 10 after adjusting the
signal-to-noise ratio to Eb /No (Eb = E for the 2-phase case and Eb = E/2 for the 4-phase
case) it is seen that 2-phase modulation outperforms 4-phase modulation when Eb/No is
fixed. With WT = 1 and an error rate of 10-5 the 2-phase case is now superior by .6 db.
Since, as discussed above, the 2-phase case is less sensitive to distortion than the 4-phase
case it outperforms the 4-phase case even more when WT = .5. With an error rate of 10-5

the 2-phase case is now superior by 1 db. In a practical sense, a more meaningful
comparison of Eb /No performance of 2-phase versus 4-phase modulation is to assume
equal data rates and filter bandwidth. A representative comparison of this kind can be
made by studying the 2-phase curves of Figure 8 with WT = .5 and the 4-phase curves of
Figure 10 with WT = 1. For an error rate of 10-5 the performance of 4-phase and 2-phase
modulation is essentially equal with Eb /No = 10.6 db for both. At error rates lower than
10-5 the 4-phase modulation begins to outperform the 2-phase. For higher error rates where
error correction coding is applicable, 2-phase modulation is superior. As an example, at an
error rate of 1% (10-2) the Eb/No required for 2-phase is 5.1 db against 5.8 db required. for
4-phase.

Extensions. - The program written to yield the results presented above can be extended to
study the following cases:

1.  Transmission of a rectangular bandlimited or filtered signal through an unsymmetrical
portion of a channel particularly the edge of the channel. In this case the received signal
will be phase shifted due to the quadrature component requiring the receiver to estimate its
phase.

2.  Transmission of the signal through a soft limiter with different slopes for its linear
region or a general nonlinearity described by piecewise linearities. Also, nonlinearities can
be removed to study the performance of a linear channel.

3.  Narrower WT products can be studied which would require more signals in a sequence. 

Results from the above extensions can be used to specify channel parameters which yield
acceptable system performance.
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Figure 1.  System Model

Figure 2.  Signal Space for 2-Phase Antipodal and
4-Phase Biorthogonal Signals



Figure 3.  Received Vectors with Receiver Generated
Reference (2-Phase Case)

Figure 4.  Placement of Signal Samples for Fourier
Transformations Using the FFT Aglorithms



Figure 5.  Output Pulses of the Chebychev Filter for WT = 1.0 and 0.5



Figure 6. Illustration of the Four Cases for the Three Pulse Sequences with WT = 1.0 for the Upper Plots
and WT = 0.5 for the Lower Plots



Figure 7.  PE Versus E/No Figure 8.  Single Pulse for the 4-Phase Case with WT = 1



Figure 9.  PE Versus Delay for Various Apertures (4-Phase Modulation)



Figure 10.  PE Versus E/No (4-Phase Modulation)
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A COHERENT RECEIVER FOR QPSK AND SQPSK SIGNALS

W.K. Alem     C.L. Weber

Summary - A demod-remod type of coherent tracking loop for conventional QPSK and
staggered QPSK (SQPSK) is presented. The phase detector characteristic (S-curve) is
determined. The effects of power unbalance and arm gain unbalance on the S-curve are
presented. The steady state rms phase error is shown as a function of the signal-to-noise
ratio at the output of the arm filters.

Introduction - Several coherent tracking loops for balanced and unbalanced QPSK and
SQPSK have recently been analyzed in the literature, among which are [1-3]. The tracking
loops receiving primary attention are the conventional biphase Costas loop and the 4th
power loop. The optimality of the quadriphase Costas loop for conventional QPSK using
the maximum a posteriori (MAP) criterion has recently been demonstrated by Simon [4].
Although this is an intuitively satisfying motivating force and does lead to easily
implementable receiver structures, the MAP criterion does not imply optimality from the
rms error viewpoint. The demod-remod loop in a TDMA environment was first described
in [5].

The demod-remod type receiver is quite attractive from the standpoint that the entire
suppressed carrier power spectral density of the QPSK signal is despread (or folded) to dc
and used to generate the tracking error signal. Equivalently stated, self-noise in the demod-
remod receiver occurs only via tracking errors and is not an inherent problem for QPSK
signals as it is for the fourth power loop.

The demod-remod receiver is described herein and the S-curve (phase detector
characteristic) of the loop generated. The effects of power imbalance between the
quadriphase signals as well as the arm gain imbalance are also discussed. The steady state
rms phase jitter is finally computed. For simplicity of calculations, the system parameters
are chosen to be ideal and not necessarily optimum.



Receiver Description - Consider the demod-remod receiver illustrated in Figure 1. The
input signal at IF is

(1)

where s(t) is a balanced conventional QPSK or SQPSK signal, given by

(2)

where d1(t) is a sequence of ±1’s, equally likely, with symbol time Ts, d2 (t) is a
nonsynchronoul sequence of equally likely ±1's, also with symbol time Ts , and S is the
average received signal power.

The phase modulation is

(3)

where S0, is the total frequency difference (loop stress), including doppler, in rad/sec
between the carrier RF of the received signal and the rest frequency of the receiver VCXO
in Figure 1, and 20 is an arbitrary reference phase.

In (1), n(t) is broadband receiver front-end Gaussian noise with one-sided spectral density
N0 watts/Hz after passage through the IF filter (see Figure 1). The IF filter H(p) is assumed
to have single-sided noise bandwidth of BIF Hz about the center frequency f0. The
narrowband quadrature representation of the noise n(t) is 

(4)

where Nc(t) and Ns(t) are independent zero mean Gaussian random processes with single-
sided power spectral density N0 watts/Hz, normalized autocorrelation function µ(J), and
single-sided noise bandwidth BIF Hz.

The autocorrelation function of Nc and Ns is RN(J) =       µ(J) , and the total noise power in
n(t) is Pn × 2N0BIF. The noise power is both Nc(t), andNs(t) is designated as        × N0BIF  

The signal-to-noise ratio (SNR) at the output of the IF filter is given by p× S/(     )  = S/Pn 

Three subsystems can be distinguished in Figure 1: the demodulator or data wipeoff, the
remodulator, and the tracking loop. The reference signals from the VCXO for the QPSK
data wipeoff are

(5a)



and
(5b)

where          is an estimate of 20(t). The output signals of the data wipeoff, after phase
detecting in the two data channels and the lowpass filters, are given by

(6a)

for the in-phase channel, and

(6b)

for the quadrature channel. The receiver loop phase error is defined as                           .

In (6), the ^ denotes filtering of the baseband signals and noises, namely

(7a)

and

(7b)

where p is the Heaviside operator.

The filter G0(p) accounts for the filtering of both G(p) and H(p), and is given by

(8)

where L[H(p)] designates the variation of the IF filter H(p) about the IF frequency, and
G(p) is the low pass arm filter with one-sided noise bandwidth BARM.

The signal power at the output of each of the arm filters is given by

(9a)



where

(9b)

is normalized amplitude suppression factor at the output of the arm filter, and               is
the two-sided PSD of the data signals i = 1, 2. The noise power in               is
        × N0B0, where B0 is the one-sided noise bandwidth of the equivalent filter G0, i.e.,

(10)

The SNR at the output of each of the arm filters is, therefore, given by

(11)

where õs = STs/2 is the received signal energy in Ts sec at the output of each of the arm
filters. The factor (2 /(B0Ts) is the attenuation in SNR at the output of each of the arm
filters.

The video data signals            are sent to the symbol sync tracking loop and to the matched
filter data demodulators as indicated in Figure 1. The inputs to the symbol sync tracking
loop and the matched filter data demodulators may come from either before or after the
arm filters given by G(p). Both alternatives are shown in Figure 1. The demodulator and
remodulator portions of the coherent receiver operate instantaneously on the received
signal and do not require symbol synchronization as do the matched filter data
demodulators.

The reconstructed waveform at the output of the remodulator, KC(t), assuming that the gain
matching adjustment is performing ideally, is

(12)

where sgn x × * X */X accounts for the presence of the hard limiter.

The reconstructed signal, KC(t), is the reference signal for the tracking loop phase detector.
The input to the phase detector is a delayed version of the received signal at IF, namely
y(t). The delay line compensates for the time it takes for y(t) to be processed by the
demodulator/remodulator. In the analysis, we assume this circuit delay time is zero.



The dynamic phase error, which is defined as the video (or baseband) portion of the output
of the phase detector, is then

(13)

The Phase Detector Characteristic - The loop phase detector characteristic (S-curve) g(N)
is defined as

(14)

Assume that
(i) The phase error process 2(t) is essentially constant over large number

of symbol intervals. If the phase reference 20 is essentially constant
over many symbol times and the phase estimate                satisfies the
same restrictions, then 2(t) will satisfy the above requirements.

(ii) A direct consequence of this assumption is that the response of the
tracking loop be very slow with respect to the symbol time Ts. This is
equivalent to BLTs<<1 where BL is the one-sided receiver tracking loop
noise bandwidth.

Then, the phase detector characteristic of the demod-remod loop is derived in [6,7] to be

(15)

where
(16a)

(16b)

and erfc is the complementary error function defined as

(17)



and
(5b)

where          is an estimate of 20(t). The output signals of the data wipeoff, after phase
detecting in the two data channels and the lowpass filters, are given by

(6a)

for the in-phase channel, and

(6b)

for the quadrature channel. The receiver loop phase error is defined as                           .

In (6), the ^ denotes filtering of the baseband signals and noises, namely

(7a)

and

(7b)

where p is the Heaviside operator.

The filter G0(p) accounts for the filtering of both G(p) and H(p), and is given by

(8)

where L[H(p)] designates the variation of the IF filter H(p) about the IF frequency, and
G(p) is the low pass arm filter with one-sided noise bandwidth BARM.

The signal power at the output of each of the arm filters is given by

(9a)



The normalized phase-detector characteristic, which is obtained from dividing g(N) by the
rms of the noise in the IF bandwidth, is plotted in Figure 2, for various values of D0. For
negative N, gn(-N) = -gn(N), that is gn (N) is an odd function. As in any quadriphase
system, the tracking loop nonlinearity has four stable lock points located at 0, ±90, and
180 degrees. Differential encoding of the data or a sync burst is, therefore, required to
resolve this ambiguity. The improvement in the slope of the S-curve as the signal strength
increases, is apparent by inspection of Figure 2.

Effect of Power Unbalance and Receiver Gain Variations - So far, it was assumed that the
received signal is a balanced QPSK signal and that the gain matching adjustment in
Figure 1 is performing ideally. In this section, an unbalanced power factor 0# " # 1 is
introduced, so as to make the received signal an Unbalanced QPSK. Then,

(18)

where all the parameters are described in (2) and " = 1/2 corresponds to the balanced
QPSK case.

Furthermore, in the remod part of the receiver, the reconstructed signal with $ accounting
for an error in gain matching adjustment is given by

(19)

The receiver phase detector characteristic as a function of " and $ is derived in [6].
Figures 3 and 4 illustrate two typical S-curves. By varying " and $ over a wide range of
values, it is noted that the more critical parameter is the power balance ". Receiver
tracking undergoes negligible variation in performance if " is maintained within ±1 dB of
its correct value of 0.5. When " is in error by ±1 dB, this corresponds to approximately a
60 per cent to 40 percent power split in the two channels of the QPSK waveform. If " is
maintained within ±1 dB of its correct value, the tolerance on $ is not severe. Also, a ±6
dB variation in $ can be easily tolerated, if the variation in " is maintained within ±1 dB.
In conclusion, the tolerances on " and $ are not severe in order to maintain a specified
system performance.

Tracking Performance - The power spectral density of the equivalent noise in the loop, as
well as the phase error steady state probability density function p(N)is derived in [7]. It is
shown that in the absence of loop stress S0 the rest frequency of the VCXO is identical to
the carrier frequency of the received signal.



The rms phase error, which is a measure of the tracking performance of the loop, can be
given as

(20)

where E(N) denotes the expected value of N. Assuming no unbalances, Figure 5 shows the
rms phase error of the demod-remod loop as a function of the signal-to-noise ratio (D0) at
the IF filter with the single sided loop bandwidth BL = 50 khz and symbol time Ts = 2.5
usec. It is observed that there is a threshold effect in rms phase error in the vicinity of 8 to
10 dB in D0 when the reciprocal of the time bandwidth product is [BLTs ]

-1 = 8. It should be
noted that this is a relatively small value of (BLTs)
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Figure 1.  Demod-Remod Receiver Block Diagram



Figure 2.  Normalized Phase Detector Characteristic
vs. NN for Various Signal-to-Noise Ratios, DD0.

Figure 3.  Unbalanced Normalized Phase Detector Characteristic
vs. NN for Various Sianal-to-Noise Ratios, DD0.



Figure 4.  Unbalanced Normalized Phase Detector Characteristic
vs. NN for Various Signal-to-Noise Ratios, DD0.

Figure 5.  RMS Phase Error vs. Signal-to-Noise Ratio DD0.



* These concepts were developed under subcontract 76159 from Western Union.

TDRSS MULTIPLE ACCESS RECEIVING PHASED ARRAY
SYSTEM*

J. E. DuPree
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SUMMARY

A 30-element phased array, with remote beamforming and multiple access signal
design, is the basis for a new multiple access concept to be used by the Tracking and Data
Relay Satellite System (TDRSS). System tradeoffs evolved a control and calibration
concept which parallels modern estimation theory in dynamic systems and reduces the
complexity of adaptive control while maintaining the necessary accuracy. A system
dynamic model propagates “open loop” estimates of optimal weight vectors based on user
satellite ephemerides derived from tracking data. A sampled-data closed loop adaptive
control system periodically updates the beam-steering vector to eliminate parameter drifts
and modeling errors, and to maintain the weight vector near optimum. The concept is
primarily useful in the specified noninterference environment, though some nulling
capability is possible.

INTRODUCTION

The TDRSS Multiple Access (MA) return link uses a spaceborne 30-element phased
array and remote beamforming, together with PN spread-spectrum modulation, to provide
simultaneous multiple access relay services for 20-user satellites at S-band. (Refer to
Figure 1. ) The system must provide 85%- 100% orbital coverage with three
geosynchronous satellites for user orbits between 200 km to 2000 km altitudes. The
available bandwidth is 6 MHz and user EIRP’s are constrained by CCIR flux density
limits. To limit self-interference in the multiple access system, user EIRP’s are also
allocated proportional to the data rates, which vary from 100 bps to 50 kbps. The users
cover a 26E field of view (FOV) from geosynchronous altitude of the relay satellites.

The limited user EIRP’s require about 30 dB of antenna gain and 3 dB noise figure
receivers on the TDRS to support the data rates. But an antenna with a 26E FOV has only
about 16 dB of gain. An array of 30 16-dB helices with remote beamforming and tracking



produces the required 30 dB gain with a steerable 5E beam which provides some spatial
discrimination in the multiple access system.

PN code modulation of the user signals over the 6 MHz bandwidth is easily
accommodated by the array design at 2287.5 MHz center frequency since the percentage
bandwidth is only 0. 26%. This PN spectrum spreading serves five functions: (1) It reduces
the user flux density to obey the CCIR guidelines. (2) It reduces self-interference in the
multiple access system by providing processing gains of 17.8 dB to 44.8 dB, depending on
the user data rate. (3) Narrowband interference sources are rejected by the same degree of
processing gain. (4) Accurate range measurements are possible by code phase comparison
on a two-way link. (5) User identification for adaptive beamforming.

Remote bearnforming in the ground station removes the control complexity and weight
from the spacecraft, but requires phase-coherent telemetering of the thirty element
channels to each of 20 remote beamformers. (Refer to Figure 2. ) Phase coherence can be
maintained, for short periods, in a coherent frequency division multiplexing downlink
which uses 7.5 MHz channel spacing over a 225 MHz band at K-band (13.5 GHz) if a
pilot-tone technique is used to estimate and compensate for path-length variations due to
relay satellite motion. However, even at K-band, diurnal ionospheric time-delay variations
introduce a linear phase-gradient across the array element channels. Random phase and
gain drifts due to spacecraft parameter variations further degrade the accuracy of
beamforming. Thus, some form of adaptive control is desirable.

TRADEOFF ISSUES

Full-time adaptive control using the analog control loops with one loop/element would
require 600 analog loops in a 30-element, 20-user system. So many independent analog
loops could cause system problems with loop phase shift calibration, multiplier offsets and
other imbalances to degrade the S/N below the few tenths dB allowed, in addition to being
extremely expensive to implement.

Time-sharing of correlation loops and a digital microprocessor for control and adaptive
algorithm implementation reduces drift and offset problems and reduces the complexity
count by greater use of LSI. The degree of time-sharing depends upon the convergence
rate and velocity lag effects of adaptive loops in tracking moving users at low S/N across
the field of view. This could be satisfactorily resolved in TDRSS with one time-shared
adaptive loop/user for a total of 20 time-shared adaptive loops, each using a dedicated
microprocessor to implement the algorithm.

At the opposite extreme, an open-loop system uses ephemerides derived from tracking
data to generate line-of-sight look angles and, from the antenna geometry, beam-steering



vectors. With appropriate calibration, a system dynamic model could propagate
beamsteering vectors for a considerable time, of the order of 15 minutes to an hour without
recalibration. Such “open-loop” control further reduces the complexity since it depends
more upon software and programming. However, convenient propagation of the optimum
weight vector depends upon a simple noise environment as we will show later.

Resolution of this tradeoff conflict depends upon the fact that a single adaptive loop,
time-shared between the 30-element channels of a single user’s beamformer can converge
to the optimum weight vector for a known source location. The corresponding
beamsteering vector can be derived as shown later. Thus, it is possible to derive an
accurate beam-steering vector from a single user channel’s adaptive loop. Furthermore, in
the coherent frequency division multiplexing system used to transmit the array element
signals from the spacecraft to the ground, the entire RF path length from the array antenna
elements through the coherent downlink and ground station to a 20-way power divider
preceding the 20 beamformers is common to all user channels. Thus, except for a small
portion of the RF path, in the individual temperature-controlled bearnformers, calibration
of a single user channel allows the correction of all user channels coming from a given
relay satellite.

Thus evolved a phased array control and calibration concept in which the known
system dynamics model is used to propagate best estimates of the beam-steering vectors
and a relatively narrowband time-shared adaptive loop provides periodic updates based on
observations of the optimum beam- steering vector and the corresponding optimum weight
vector, to reset the “initial conditions” of the open-loop dynamic model.

ANTENNA ARRAY THEORY

The far-field amplitude pattern of an array of n identical elements is proportional to the
inner product

(1)

where the beam-steering vector > has elements

(2)

and w is the array weight vector with the ith element, wi. The propagation vector,        has
magnitude 2B/8 at wavelength 8, and        is the ith position vector. The dagger (†)
denotes conjugate transpose.



The array S/N, the ratio of Hermitian forms

(3)

is maximized for the weight vector choice

(4)

by Schwarz’s inequality. This is the “matched filter” solution for a signal in colored noise.
Here, M is the spatial coherence matrix of array element signals.

STATE VARIABLE DESCRIPTION

When system dynamics of user motion and parameter drifts are considered, the
problem of control and calibration for the MA phased array return link parallels modern
estimation theory for dynamic systems. This theory is characterized by dynamic models in
a state variable description. (Refer to Figure 3.)

The beam-steering vector serves as a state vector and characterizes the desired user
beam. The optimal weight vector satisfies the Wiener-Hopf equation and maximizes the
S/N. It is linearly related to the beam-steering vector and could be similarly taken as a
state-variable description, but the propagation of w is more difficult than >.

The process model is characterized by a difference equation

(5)

where Fk is a diagonal complex transition matrix whose elements are found from the
antenna element coordinates {xi, yi} and the change in look-angle direction cosines
{)Rx, )Ry}. Thus

(6)

The vector, qk, is a normal zero-mean random variable process. Thus, the sequence {>k}
and the corresponding weight vector sequence {wk} are random processes and cannot be
known exactly.

The best open-loop estimate of >k is its conditional mean

(7)



based on the previous best estimate, since qk is normal, zero-mean and uncorrelated, by
assumption. The best policy is to treat the previous estimate as if it were exactly the
correct value and to propagate the beam-steering vector according to the known transition
matrix, Fk.

However, because the error covariance matrix and the process noise covariance matrix
are positive definite, the error grows with time and recalibration becomes necessary.

CONTROL AND CALIBRATION CONCEPT

Thus, open-loop estimates can be propagated with a system dynamics transition matrix
which is constructed from look-angle and array geometry, once calibration is obtained.

 Assume that an adaptive loop is available which derives the optimum weight vector to
maximize the S/N, or equivalently, to minimize the mean square error. We may assume
that convergence is shown by the reduced norm of the residual error

(8)

and that we may obtain estimates of the beam-steering vector by smoothing the correlation
product observation

(9)

when ŵ is near the optimum. This sets the initial condition for the beam-steering vector
model and future estimates can be derived by applying the transition matrix. In this way,
phase and amplitude calibration is stored in the initial vector.

According to Eq. (4), the optimum weight vector is obtained from the beam-steering
vector by preweighting with the inverse covariance matrix. Since the object of optimum
control is to propagate the S/N maximizing weight vector, it would seem that this matrix
inverse must always be identified too, and that it would be subject to a dynamic model,
since it contains the signals from the multiple access users.

In fact, a well-known matrix inversion lemma can be used to show that, except for a
normalization factor which is unimportant in the S/N performance, the primary
beamsteering vector terms contained in the matrix inverse cancel in the overall product (4)
so that matrix inverse preweighting is not required in a noninterference environment.



In the TDRSS multiple access signal design, the self-interference contributions of other
users is negligible because of the large processing gains of the PN code and the careful
allocation of user EIRP’s to avoid self-interference.

In the case of systems operating in the presence of larger than the specified TDRSS
interference, it is possible, in principle, to identify the inverse noise covariance matrix from
simultaneous observations of the optimum weight vector and the beam-steering vector for
a set of n linearly independent beam-steering vectors or from one moving user occupying n
linearly independent positions. This assumes a stationary noise environment. However, the
computational load of identification and propagation of the optimum weight vector makes
full adaptive control more attractive in the case of heavy interference.

CONCLUSIONS

By using the additional information in the system dynamics model, computer control of
remote beamformers in a programmed track, or open-loop, mode can be used to reduce the
control-loop bandwidth of max S/N and LMS adaptive control loops. This is consistent
with ideas of modern estimation theory in dynamic systems in which corrections, or
updates, are made only on the basis of new information, or innovations. With the reduced
bandwidth requirements, it is possible to reduce equipment complexity by time-sharing
adaptive loop components and inferring calibrations among statistically related parameters.

The basic idea of incorporating the system dynamic model into an adaptive loop has
broad application to the control of phased arrays in dynamic systems, not only to satellites
but also to avionics systems in which existing onboard instrumentation can supply motion
sensing to predict changing line of sight angles.
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Fig. 1 - Spacecraft Configuration



Fig. 2  - MA Link Processing Simplified Block Diagram



Fig. 3 - Control and Calibration Concept
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COHERENT DEMODULATION FOR ORTHOGONAL SIDEBAND
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Summary - A demodulation technique which permits simultaneous coherent and
orthogonal tracking of a suppressed carrier and of the associated sidebands is described.
The performance of a demodulator based on such a technique is defined for a general case
and for a specific case of two-channel FM multiplexing. Experimental data supporting the
analysis of the FM multiplexing mode of the demodulator is presented and discussed.

Introduction - In recent years, the phase-locked loop (PLL) has found a number of
successful applications in many aspects of communication engineering. It has been used as
a threshold-extending coherent tracking device for doppler-shifted RF signals, as a
frequency stabilizing element for high power crystal-controlled microwave RF generators,
and as an efficient demodulator for frequency modulated (FM) signals. In all of these
applications, the salient feature of the PLL, namely the coherent tracking of an input signal,
plays the dominant role in determining the performance of a particular equipment.

The versatility inherent in a phase-locked loop configuration does not limit its
application to those which involve coherent tracking of a single signal. As demonstrated in
this paper, implementation configurations involving simultaneous phase-locked tracking of
more than one signal are also possible. A demodulator configuration which provides for
simultaneous and orthogonal coherent tracking of modulation sidebands and of the
suppressed carrier is described and analyzed. One specific application of the orthogonal
demodulator described in this paper involves de-multiplexing of two independent baseband
channels. Modulation/demodulation orthogonality in this particular case is achieved by
letting one baseband signal deviate the frequency of a subcarrier which in turn is impressed
as double sideband (DSB) amplitude modulation on a carrier whose frequency is
simultaneously deviated by the second baseband signal. The interesting feature of the
phase-lock loop de-multiplexer described here is that it extracts the frequency modulation
information of both the carrier and the subcarrier from the two groups of sidebands, the
upper and the lower, and thus it allows for carrier suppression at the transmitter with
consequent economy of RF power. Because both the multiplexing and the de-multiplexing



processes utilize the intrinsic orthogonality of the frequency and amplitude-modulated
signals, no additional signal power is required for transmission of a second channel,
provided that the phase-lock loops which perform the signal separation at the receiving end
operate above threshold. On the other hand, once the signal-to-noise ratio in both loops
falls below a certain critical value, a penalty paid for multiplexing manifests itself as a loss
in output signal-to-noise ratio in each channel. The maximum penalty is paid at signal-to-
noise ratios corresponding to the PLL threshold. Under these conditions the maximum
penalty of 3 dB in power must be paid for doubling the number of baseband channels.

Basic Coherent Demodulator - The coherent orthogonal demodulator described in
this paper evolves from the double sideband synchronous detector [1] which has become
widely known under the name of a Costas loop or a Costas demodulator. The unique
feature of the Costas demodulator is that it utilizes the sidebands to reconstruct the carrier
of a double sideband suppressed carrier modulated signal. The behavior of the Costas
demodulator is well documented in the open literature [2], with particular emphasis on the
recovery of digital data modulation. Consequently, only a brief review of the fundamental
operation of this demodulator is presented here.

Figure 1 shows the block diagram of a generic Costas demodulator. The input to the
demodulator is a double sideband suppressed carrier amplitude-modulated by a sinusoid of
frequency Ta . As indicated in the block diagram, the input to the demodulator is applied
simultaneously to “In-phase” and “Quadrature” detectors. When the demodulator is in
lock, i.e., the carrier error is small, the in-phase detector recovers the amplitude
modulation of the DSSCM, and the quadrature detector recovers the carrier tracking error.
The amplitude modulation, which is riding on the carrier error signal developed by the
quadrature detector, is removed by the carrier tracking error rectifier which is commonly
referred to as the “third multiplier” of the Costas loop. For small values of ", the
approximation sin " • " provides for linear phase tracking of the suppressed carrier.
Hence, it must be pointed out that because of the factor of 2 in the sin 2" term, the Costas
loop in the noiseless case can track the phase of the reconstructed carrier only over the
range of ±45 degrees, while the conventional phase-lock loop can track the carrier, at least
in principle, up to ±90 degrees. Another peculiarity of the Costas loop demodulator is that
the reinsertion of the suppressed carrier provides an intrinsic ambiguity of 0E or 180E.
Thus the polarity of the received amplitude information also includes this ambiguity.

For demodulation of conventional suppressed-carrier amplitude-modulated signal, the
carrier tracking loop is used only to provide coherent reinsertion of the suppressed carrier
and for tracking the slow changes in the carrier frequency such as may result from a
doppler shift. The carrier modulation signal cos Tat can represent either a single frequency
of a baseband signal or, as in the case considered here, a subcarrier which in turn is
modulated in one form or another. In a conventional Costas demodulator, the passband of



the modulation filters, also known as arm filters, should extend from DC to the highest
frequency of modulation or be centered around the subcarrier frequency. In both cases,
however, it must be kept in mind that the arm filters are components of the tracking loop
and, therefore, their effect on carrier tracking cannot be neglected [3]. Furthermore, if the
subcarrier is modulated, the bandwidth of the arm filters must be sufficiently broad to pass
all significant sidebands in excess of the bandwidth of the subcarrier modulation signal.
Such conditions degrade the performance of the carrier tracking loop, particularly, when
the signal-to-noise ratios within the modulation filter bandwidth are low. Furthermore,
since the carrier tracking is a necessary condition for the recovery of the subcarrier, the
degradation of carrier loop’s performance results also in a degradation in the performance
of the entire circuit. The technique for providing optimum carrier tracking regardless of the
bandwidth needed to pass the sidebands of a modulated subcarrier will now be described.

Coherent Orthoqonal Demodulator - The conventional Costas detector described
thus far can track coherently the frequency and phase of the carrier, but it has no
provisions for optimum recovery of the subcarrier signal and its modulation, if present. A
logical first step for achieving such optimal recovery of a subcarrier would be to provide a
coherent, phase-locked tracking demodulator for the subcarrier. Such a demodulator, when
connected to the output of the I-channel, would recover in an optimum fashion the
amplitude, the phase, or the frequency modulation from the subcarrier. Such an “external
loop” demodulator would not provide, however, the means for reducing the bandwidth of
the arm filters and, therefore, would not improve the carrier tracking properties of the
conventional Costas demodulator.

To make the subcarrier demodulator loop aid the carrier tracking, the sideband
demodulator must be properly coupled to the carrier tracking loop. Specifically, if the
VCO output signal of the subcarrier tracking loop is substituted for the I-channel arm filter
output signal, the noise bandwidth of the subcarrier tracking demodulator replaces the
noise bandwidth of the arm filters. Because the noise bandwidth of the subcarrier tracking
loop is generally much narrower than the noise bandwidth of the arm filters, the carrier
tracking capabilities of the entire demodulator are improved. It is this interconnection of
the carrier and the subcarrier tracking loops that distinguishes the coherent orthogonal
demodulator described here from a conventional Costas loop.

The operating principle, and specifically the orthogonality of such a demodulator, can
be understood best by considering the idealized block diagram of Figure 2. The block
diagram shown can be functionally subdivided into three subunits. These are: (1) the
carrier tracking loop, (2) the sideband tracking loop, and (3) the cross-coupling circuitry.
Note that except for the differences in operating frequencies, the carrier and the subcarrier
loops are identical. The elements comprising these loops are: an error detector, a low-pass
filter, and a voltage-controlled oscillator (VCO). The cross-coupling circuitry consists of



the “in-phase” carrier and subcarrier detectors and the 90 degree phase shifters. The
analytical expressions presented below explain the operation, in a noiseless case, of the
orthogonal demodulator.

Assume that the input to the demodulator is a double-sideband, suppressed carrier
signal of the form:

ein = %&2 S& cos  Tct cos Tst (1)
where

S = average received signal power
Tc = carrier frequency
Ts = subcarrier frequency

After carrying out several straightforward trigonometric manipulations and taking into
account the effects of the low-pass filters, one can show that the carrier and the subcarrier
tracking errors are, respectively [4]

Carrier tracking error = ec = S K2 K4 cos 2 sin " (2)
Subcarrier tracking error = es = S K1 K3 cos " sin 2 (3)

Equations (2) and (3) demonstrate the orthogonality of the carrier and the subcarrier
loops. Specifically, they imply that when the tracking errors in both loops are small, so that
cos 2 . cos ", . 1, the cross-coupling between the two loops is negligible despite the fact
that the carrier VCO signal is used to recover the subcarrier tracking signal and vice versa.
Furthermore, these equations indicate that the cross-coupling is defined by a cosine
function, which is a relatively flat function for a considerable range of small errors.

Noise and Threshold Performance - So far the operation of the orthogonal demodulator
was described without considering -quantitatively the effects of the noise and the
modulation tracking errors, the latter being present when either loop is used as a frequency
tracker. Now, the effect of these errors on the demodulator’s threshold performance will
be analyzed. Specifically, it will be shown that as the error in each loop increases as a
result of a lower input signal-to-noise ratio, the cross-coupling between the loops begins to
affect the performance of each loop. Consequently, the signal-to-noise ratio in each of the
cross-coupled loops reaches some arbitrary minimum threshold value sooner than for the
case of a single phase-lock loop demodulator of the same noise bandwidth and with an
identical input signal-to-noise ratio. However, as is shown below, the maximum
degradation which may exist due to cross-coupling is 3 dB as compared to an identical
single-loop, phase-lock demodulator.

The analysis used here constitutes an extension of the quasi-linearization analysis and
the threshold criterion estimation for phase-lock tracking and demodulation and includes
the effect of cross-coupling between the carrier and the subcarrier loops.



Quasi-linearization is an analytical method for defining the equivalent gain for a
nonlinear device in terms of the statistical parameters of signals at the input to the device
[5]. This method has been applied successfully to the analysis of the threshold behavior of
a single loop phase-lock demodulator [6,7]. In this paper the quasi-linearization method is
extended to the analysis of an orthogonal double loop demodulator. To simplify the
analytical task it is assumed that both the noise and the modulation tracking error statistics
are Gaussian-distributed. The modulation tracking error may be present in both the carrier
and the subcarrier loops due to either an intentional (information) or an unintentional
(frequency jitter) signal.

The first step in the analysis is to write the expression for the equivalent loop gain

(4)

where P(,), the probability distribution for the phase error, is a Gaussian distribution and
g(,) is the gain function of the nonlinear element. For a single phase-locked loop the gain
function of the nonlinear element is the derivative of the error function. Thus,

(5)

However, the demodulator described in this paper has two multipliers in each loop, the
effect of each multiplier being described by a sine and a cosine term, respectively.
Physically, this means that the gain of either loop is determined not only by the phase error
within a given loop but also by the phase error in the companion loop.

Therefore, to find an expression for an equivalent gain of a carrier tracking loop one
must evaluate the integral in Equation (4) over all possible errors of the carrier, as well as

(6)

where as defined earlier in text and by Figure 2
K2 = gain constant of balanced modulator BM2

K4 = gain constant of balanced modulator BM4

" = tracking error in the carrier loop
2 = tracking error in the subcarrier loop
F" = rms value of the phase error within the carrier loop
F2 = rms value of the phase error within the subcarrier loop



Similarly, an expression for the equivalent gain of a subcarrier tracking loop involves
integration over all values of both errors:

(7)

where K1 and K3 are the gain constants of the balanced modulators BM1 and BM3 which
constitute the Subcarrier tracking loop.

It must be noted that equations (6) and (7) are identical except for the gain constants
S K2 K4 and S K1 K3. Furthermore, since the carrier and the subcarrier errors are
uncorrelated, the variables can be integrated separately. Thus, if S K1 K3 = S K2 K4 = K0,
integration of these two equations results in an identical expression for the equivalent gain
of the error-dependent elements within the loops

(8)

Equation (8) is important because it shows that the equivalent gain of either loop is
determined by the largest of the errors, regardless of the loop where the error is generated.

Based on this expression (Equation (8)) for an equivalent gain of a nonlinear element a
linearized model of a two-channel orthogonal demodulator can be constructed. Such a
model is shown in Figure 3. As shown there, the two orthogonal loops have been separated
into two individual loops with the equivalent gains being determined by the phase errors in
both loops.

The next step is to determine the expression for the square of the phase error in each of
the two phase-lock loops. Thus, first without considering the effects of cross-coupling, the
general expression for the square of the phase error in each phase-lock loop is written as
follows:

(9)

where So(T) and N0(T) are the one-sided power spectral densities of the modulation and
noise, respectively, and H(s) is the phase-lock loop transfer function.



In this paper, a second order loop is assumed, and the transfer function used is [8]:

(10A)

(10B)

where Tn is the natural frequency of the loop in rad/sec, . is the loop damping ratio and K
is the overall loop gain in sec-1.

For a conventional phase-lock loop preceded by an AGC circuit, the linearized overall
loop gain is SKL e-F2 = Keq (1), where (1) indicates a single rather than a cross-coupled
coupled loop.

In our case, however, we are considering the effect of the cross-coupling. Thus, to
modify (9) to correspond to a case of a dual-loop, orthogonal demodulator, the effect of
cross-coupling must be included into the exponential factor on the right hand side of (9).
Therefore, one replaces the F2 term in the exponent with a                       term, the latter
being the sum of the single-loop and the cross coupling phase errors.

Additional assumptions which one makes to simplify the integration indicated in (9) are
that N0(T) = N0 , i.e., constant over the frequency band of interest, and that the FM
modulation tracked by either of the loops is Gaussian and its spectrum is such that
Sm(T) = Sm for 0 # f # fm and Sm(T) = 0 for f > fm. For this type of FM signal the
modulation index Fm is equal to %S&m& f&&m&, where fm is the maximum frequency of
modulation. Also, the assumptions that 2./Tn >>1/K and 2Bfm/Tn << 1 simplify the
integration of (9). Utilizing all of these simplifying assumptions, the general form of (9)
after integration in

(11)

Equation (11) expresses the total error in each of the loops comprising the orthogonal
demodulator. To determine F2 for a particular loop one has to substitute the proper values
of Fm Tm, Tno and .o for that loop.



Equation (11) has several special cases. These are:

1) The error in one of the loops is negligible compared to the error in the
companion loop. For this case the orthogonal demodulator behaves as a
conventional phaselock loop and not as a Costas demodulator.

2) There is no requirement for modulation tracking for one of the loops. This factor,
combined with the narrowing of the corresponding loop, results in an optimum
demodulation for Case 1, i.e., that of an information-tracking single phase-lock
loop.

and 3) The modulation index, Fm, and the maximum frequency of deviation, fm, are
equal  for both channels of the orthogonal demodulator. For this case the term      
                   in (11) is replaced by 2F2.

Orthogonal Demodulator for Two FM Channels - As an example of applying the
results shown by (11), we consider an analysis of a two-channel orthogonal demodulator
whose purpose is to recover and to separate the frequency modulation information riding
on the suppressed carrier and the subcarrier. In other words, at the modulator, one channel
modulates the frequency of the carrier and the second channel modulates the frequency of
the subcarrier. Finally, the subcarrier is superimposed as the amplitude modulation
(suppressed carrier) on the carrier.

At the demodulator end the equations which define the performance of the demodulator
are:

(12)

and

(13)

where (S/N)i is the signal-to-noise ratio at the demodulator input and is determined by fm

and Fm. Equation (12) is derived from (11) by optimization of Tno with respect to the type
of modulation used. Equation (13) is the corresponding “FM Improvement Formula” for a
quasi-linearized demodulator.

The above-threshold behavior of the second-order dual-channel orthogonal
demodulator is described completely by (12) and (13). However, before these equations



can be used to plot the (S/N)o versus (S/N)i, the region of their validity must be
determined. This region is limited to those values of F which permit each loop to stay
phase-locked to the incoming signals despite momentary deviations of the error from the
rms value.

The largest value of F which provides for the “above threshold” operation of each loop
and thus makes equations (12) and (13) valid can be determined by first expressing (S/N)i

explicitly in terms of F and (S/N)o and then seeking that value which minimizes (S/N)i.
Thus, to obtain the required relationship, one eliminates Fm from both (12) and (13) and
solves these for (S/N)i:

(14)

The F-dependent factor of Equation (14) is plotted in Figure 4. According to the curve
shown in the figure, the minimum value of the F-dependent factor occurs at F = 0.74
radian in each of the two loops. Furthermore, according to the curve, those values of F
which exceed 0.74 radian are unstable. This means that at any F > 0.74 the loop error
tends to either settle back to the threshold value of 0.74 radians or to increase without
bound, the latter condition corresponding to the loss of tracking. On the other hand, if
F < 0.74 radian, any perturbation will be transient, and the loop error will settle back to the
F value corresponding to a given input signal-to-noise ratio. Therefore, Equations (12) and
(13) are valid only in the region 0 < F < 0.74 radian.

To find the threshold locus for the entire (S/N)i versus (S/N)o-plane, one substitutes the
value of 0.74 radian for F in Equation (14) :

(15)

Equation (15) is identical to Equation(24) in [6] except for the factor of 2. Figure 5
provides the comparison between the performance of a single-loop and the dual channel
phase-locked demodulator. The two curves shown in the figure were obtained by using
Equations (12) (13) and (15) and a similar set of equations for a single loop. The choice of
values of Fm and .o to provide the theoretical prediction of performance was determined by
the characteristics of the phase-locked loop available for the experimental evaluation of the
demodulator.

From the curves in Figure 5, it is evident that the penalty in (S/N)i needed to provide
some specified quality of output signal is inversely proportional to (S/N)o. For example, at



(S/N)o = 22 dB, the penalty is about 2 dB while at (S/N)o = 30 dB this penalty is reduced
to about 0.3 dB. However, the maximum penalty which may be paid for the addition of the
second channel is equal to 3 dB, i.e., the penalty which corresponds to conventional power
division multiplexing.

The increase in penalty is caused by the loss of orthogonality of the two loops at high
values of total error F. In other words, when F is small the crosstalk between the loops is
negligible and each operates as a separate unit. However, as F increases, the interaction
between the loops increases to a point where a 3 dB increase in signal is required to
achieve multiplexing.

Experimental Data - Experimental data available on the performance of the
orthogonal demodulator provides support for the theoretical considerations presented in
the preceding sections of this paper.

The block diagram for the experimental set-up is shown in Figure 6. The modulator/
multiplexer constitutes the transmitter portion of the set-up. The major subunits of this
portion are: the subcarrier FM oscillator, the carrier FM oscillator, the balanced amplitude
modulator, and the sideband filter. The noise source, the noise attenuator, and the linear
combiner simulate the communication channel. The dual-channel demodulator, consisting
of carrier and subcarrier tracking loops, simulates the receiver portion of the set-up. The
test equipment consists of a noise intensity meter, a distortion analyzer, and a true RMS
voltage meter. The test data available can be grouped in the categories listed below.

Threshold Performance Without Modulation - This test measures the relative
increase in output noise level versus an equal increase in the IF noise. The purpose of this
test is to determine the effect of widening the carrier loop on the performance of the
subcarrier channel. Specifically, this test shows the effect of loop cross-coupling due to
excessive noise in both of the loops.

For this test an unmodulated carrier signal and a Gaussian noise are mixed linearly and
are applied to the input of the demodulator. The signal in this case consists of the two
sidebands resulting from the suppressed carrier modulation. However, neither the
subcarrier nor the carrier frequency are modulated for this test.

Figure 7 provides a comparison of the theoretical and experimental data.

The performance equivalent to that of a single loop demodulator is simulated by the test
setup by narrowing the bandwidth of the carrier loop to about 100 Hz, thus making the
contribution due to noise in this loop negligible compared to the noise in the 4 KHz
subcarrier loop bandwidth. The noise level is then varied from the level at which a one-to-



one relationship exists between the SNR at the demodulator input and subcarrier loop
noise output to that level where this relationship becomes nonlinear, thus indicating the
thresholding in the subcarrier loop. Next, the bandwidth of the carrier tracking loop is
widened to make it approximately equal to that of the subcarrier channel, i.e., 4 kHz, and
the test is repeated. Good agreement, illustrated in Figure 7, is significant because it
supports the validity of the quasi-linearized model of a dual channel coherent orthogonal
demodulator.

Performance With Simultaneous Frequency Modulation of Subcarrier and
Carrier - The second test involves the measurement of the demodulator’s threshold
performance with sinusoidal modulation applied to the input of both the carrier and the
subcarrier channels. Sinusoidal, rather than Gaussian-distributed waveforms are used in
this case because of experimental setup limitations. Thus, for the sinusoid tests the
frequency of the subcarrier is deviated by ±6 kHz at a 1000 Hz rate. The performance of
the orthogonal demodulator is obtained by measuring the output SNR for the subcarrier
channel at various SNR’s in the input channels. The output SNR is measured by means of
a distortion analyzer and a true RMS voltage meter.

Measurements of the subcarrier channel output SNR are performed under the following
two conditions: (a) the carrier loop bandwidth narrowed down to about 100 Hz and carrier
modulation absent, and (b) carrier loop bandwidth widened to 4 KHz and the carrier
frequency deviated by ±6 KHz at the rate of 900 Hz. The first case corresponds to the
normal double-sideband operation, with FM on the subcarrier only, and the second case
corresponds to a two-channel multiplex mode.

The results corresponding to these conditions are depicted in Figure 8 by curves A and
B, respectively. Although the deviation factor used in obtaining these curves does not
exactly correspond to Fm = 3, i.e., the deviation factor used to plot curves in Figure 5, the
similarity between the theoretical and actual performance is striking. Specifically, the near-
threshold behavior depicted by the experimental curves corresponds closely to the near-
threshold behavior represented by the theoretical curves.

In a similar manner, the performance of the carrier channel can also be tested.
Experimental data indicates that this performance agrees within 0.5 dB with the
performance of the subcarrier channel.

Conclusions - The theoretical analysis and an experimental evaluation of an orthogonal
two-channel demodulator has been presented. This demodulator consists of two cross-
coupled phase-lock loops which can track coherently and independently a carrier and a
sideband tone. The analysis of the theoretical performance is based on the quasi-linearized
model for a two-channel demodulator. The experimental data for such a two-channel



demodulator is in good agreement with the results predicted by the analysis. This
agreement supports the validity of the quasi-linearized model for the demodulator.

An applications example is presented where the orthogonal demodulator is used as an
efficient demultiplexer for two FM modulated channels. Experimental data taken on such a
demodulator/demultiplexer is in agreement with the theoretical performance predictions.
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Figure 1.  Synchronous Detector Diagram

Figure 2.  Coherent Demodulator for Orthogonal Sideband and Carrier Tracking

Figure 3.  Linearized Block Diagram for a Dual Channel Orthogonal Demodulator



Figure 4.  Plot of X(FF) vs. FF for a Dual Loop Orthogonal Demodulator

Figure 5.  Threshold Performance Comparison of Orthogonal Demodulator and PLL



Figure 6.  Coherent Orthogonal Demodulator Test Setup

Figure 7.  Increase in Output Noise Level for the Orthogonal
Demodulator vs. Single Channel PLL



Figure 8.  Threshold Performance of the Orthogonal
Demodulator for Single and Dual Channel Modes



CONSIDERATIONS IN AJ SYSTEM DEVELOPMENT,
OPERATION AND DEFINITIONS

H. B. Goldman
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ABSTRACT

The conventional communication system is designed to work over a worst-case
propagation environment with sufficient performance so that the probability of mission
success is cost-effectively achieved. Conventional systems have been in a state of
evolution and refinement since the early part of the 20th century. Their anomalies are well
known. The jam-resistant communications system, however, with additional emphasis on
low probability of intercept and exploitation (LPI, LPE) present a whole new list of
uncertainties that affect deployment, operation and definitions of what AJ and LPI are in
terms of performance against propagation anomalies, the jammer and the intercept system
threat.

This paper evaluates the impact of deployment as a technique to minimize the jammer. The
jammer through mobility can concentrate their resources as desired. The AJ
communication must be capable of adapting. The advantage of deployment through the
relay of opportunity to minimize jammer effectivity is illustrated.

The propagation advantage of the spread spectrum signal is emphasized in terms of the
anti-multipath correlation properties of direct sequency pseudo-noise and the frequency
diversity of frequency hopping. The jammer is denied these properties and must use brute
force to minimize fading losses in order to disrupt communications.

The sensitivity of most spread spectrum signals to detection is evaluated. Note that
detection criteria can be based on the detection of a small percentage of the signal whereas
communications reliability is based on the detection of a high percentage of the signal. The
advantage of the intercept system is described with the emphasis on accepting detection as
an operational risk that one must live with.

A definition of AJ is proposed that permits the simple comparison of different systems in
the presence of barrage noise jamming. Examples of binary and M-ary techniques are
presented which illustrate that processing gain in terms of WT cannot be exceeded where
W is occupied bandwidth and T is the information binary bit period.
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SPREAD SPECTRUM AND CODING TECHNIQUES
IN COMMUNICATION SYSTEMS

F. R. Gerardi, Director
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ABSTRACT

With the increase in complexity of military communications networks, a combination of
spectrum spreading and error correction coding is typically required to provide adequate
antijam protection. The specific system architecture utilizing these techniques is
established in this presentation by performance requirements, system constraints, interface
problems, and assumed jammer models.

This presentation will describe various processing techniques with emphasis on their
interactions and limitations. Two spread spectrum techniques for permitting operations in a
jamming environment are considered: direct sequence (PN) and frequency hopping. The
advantages and limitations of each technology will be discussed. The antijam capability of
these spread spectrum systems can be improved by using various error correction coding
schemes. These can (make more efficient use of the bandwidth allocation) as well as
provide enhanced protection against pulse and tone jammers. The advantages, limitations,
and constraints imposed on a communication system using various combinations of these
techniques are discussed with particular emphasis on the system performance.
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ENGINEERING OF A MULTIFUNCTION SPREAD
SPECTRUM SYSTEM

John H. Winterkorn
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ABSTRACT

In the past ten years there have been dramatic strides in the spread spectrum
communications system area. The knowledge of spread spectrum systems has progressed
from a fragmented understanding of the techniques and their characteristics to the point
where spread spectrum communication techniques are well documented and their
characteristics are well understood. Thus, spread spectrum has progressed from analytical
investigation into practical application. This presentation will provide a brief tutorial on
spread spectrum techniques in the RF, modulation detection, and coding areas. The
characteristics of these techniques will be addressed and related to specific communication
functions. The presentation will address the application of spread spectrum techniques to a
communication system design and will emphasize the suitability of spread spectrum for
multiple applications in a given system. Specific examples of multiple spread spectrum
usage will be given and a generalized approach to spread spectrum engineering will be
presented. The application of this system approach to spread spectrum engineering results
in spread spectrum taking on functions beyond its primary purpose of existence and
becoming an integral part of a communication system rather than being an add-on,
necessary but undesirable, appendage.
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SUBJECTIVE FREQUENCY HOPPING SYSTEM CONSIDERATION

Robert C. Dixon

ABSTRACT

The effects of frequency hopping on other communication systems will be addressed in
this presentation. Tapes of frequency hopping system with varying hopping rates/ dwell
times will be played to illustrate the effects.
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SPACE SHUTTLE ORBITER PN CODE SYNCHRONIZATION

Sam W. Houston
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ABSTRACT

The S-band Communications link to the Space Shuttle Orbiter from ground stations via
TDRSS are transmitted spread spectrum to reduce the incident power flux density on the
Earth’s surface. This paper describes the requisite spread spectrum processing onboard
Shuttle.

INTRODUCTION

S-band communications between the Space Shuttle Orbiter (SSO) and ground are relayed
via the Tracking and Data Relay Satellite System (TDRSS) as shown in Figure 1. The
maximum allowable power flux density on the Earth’s surface is controlled by NASA and
CCIR international agreement in accordance with the specification inserted in Figure 1.
Staying within this power flux density limitation requires that the 96 kbps or 216 kbps PSK
data be transmitted spread spectrum on the forward link. This is accomplished by a direct
sequence psuedorandom noise (PN) code operating at 11.232 Mbps. The formation of the
spread spectrum waveform is illustrated in Figure 2.

Prior to the ultimate demodulation of the 96/216 kbps data, the SSO receiver must
“despread” the forward link waveform. This is accomplished by the SSO Spread Spectrum
Processor (SSP) using the technique shown in the block diagram of Figure 3. A “replica”
of the PN code is compared to that of the received waveform by a balanced modulator.
The SSP acquisition circuitry searches for code alignment in 1/2 chip steps, dwelling at
each code phase hypothesis for a predetermined decision interval. If the two code
sequences are aligned to within a chip period a sinusoidal signal (PSK modulated) plus
noise appears at the output of the balanced modulator. This output is continuously
envelope detected and compared to a “noise-riding” threshold which announces the
acquisition event. After acquisition the SSP enters the PN code tracking mode.

The remainder of this paper will briefly treat the fundamentals of the code acquisition
analysis, the code phase tracking algorithm, and the key performance parameters of the
completed unit.



CODE ACQUISITION ANALYSIS

The acquisition stage of synchronization ends with the local and received codes within 1/4
chip of coincidence. A second-order, early-late code tracking loop is then activated which
pulls in and maintains code alignment.

The block diagram of the noncoherent acquisition circuitry of the spread spectrum receiver
is shown in Figure 3. The local code from the onboard PN code generator is
crosscorrelated with the incoming signal in the balanced modulator. If the two codes are in
synchronism the output is a sinusoidal signal plus noise; otherwise the signal remains
spread to a noise bandwidth W – 2/Tc, where Tc is the code chip duration. The correlator
output is next bandpass-filtered to an IF bandwidth B << W and noncoherently detected.
After integration for time T, the signal is applied to a threshold device for a
synchronization decision.

The time required to observe a given code phase, T, is determined by the predetection
filter bandwidth, B, the input signal-noise-ratio, X, and the required detection and false
alarm probabilities, Qd and Qo, respectively. For BT = 1, i.e., no post-detection integration,
the probability density function (p.d.f.) of the detector output, Y, is Rayleigh if the signal is
absent (i.e., X is noise only). Hence, the false alarm probability is given by

(1)

where
2 = threshold voltage

F2 = NoB = input noise power

If the input to the envelope detector (square-law device) is a sinusoid plus noise, the output
p.d.f. is Rician. Hence, the probability of detection is

(2)

where P is the amplitude that the sine wave would have at the output of the filter if noise
were absent, and Io is the modified Bessel function of the first kind. This is the Q-function

(3)



* “Table of Q Functions,” J.I. Marcum, U.S. Air Force Project Rand Research Memo, January 1,
1950.

as tabulated by J.I. Marcum.*

A good and useful approximation results for low input signal-to-noise ratios, X, requiring
larger BT products to achieve practical detection and false alarm probabilities. For
BT $ 10, the p.d.f.’s for both noise only and sinusoid plus noise approach Gaussian
densities. The detection and false alarm probabilities may then be written as

(4)

and

(5)

where

(6)

(7)

and M[·] is the standard normal distribution function. For purposes of evaluating (4) and
(5), the moments of the Gaussian distributions may be written as

(8)

for the sinusoid plus noise case, and

(9)

for the noise only case.



To determine dwell time, evaluate the error function arguments, Ys and Yn, in (4) and (5)
for a desired Qd and Qo. Then equate the threshold value 2 in (6) and (7). This yields the
locus of predetection SNRs, Y, and BT products which achieve the desired probabilities of
detection and false alarm.

PN CODE TRACKING LOOP

For tracking the SSP utilizes an early-late, delay-locked loop circuit. The block diagram of
Figure 4 shows a non-time-shared punctual, early, and late tracking circuit implementation.
Observe that the tracking error signal is obtained by detecting the energy at plus and minus
1/2 chip about the punctual code phase position. The RMS tracking error and approximate
pull-in time is indicated in Figure 4. A relatively high single-sided loop bandwidth of
500 Hz is used for rapid acquisition and pull-in. The loop bandwidth is then reduced to
10 Hz for an improved tracking performance.

PERFORMANCE SUMMARY

The detailed block diagram of the SSP is shown in Figure 5. The IF input enters a three-
way power divider to allow the paralled PN code acquisition, tracking, and despreading
operations. Switchable bandpass filters accommodate both 96 or 216 kbps data.

Acquisition time is a primary figure-of-merit. Shown in Figure 6 are the test measurements,
over temperature and in the presence of doppler, of the 0.99 probability time to acquire
versus carrier-to-noise density for the 96 kbps data. The key performance parameters of
the SSP are summarized in Table 1.

TABLE 1.  SUMMARY OF SSP PERFORMANCE

PN CODE RATE
PN CODE LENGTH
PN MODULATION
DATA RATES
DATA MODULATION
INPUT SNR (IN SPREAD BANDWIDTH)
CODE DOPPLER
0.99 PROBABILITY ACQ TIME
ACQUISITION BL

TRACKING BL

PULL-IN TIME
RMS TRACKING ERROR
PROB OF LOSS-OF-LOCK

11.232 MEGACHIPS/SEC
2047 CHIPS
PSK/NRZ
96/216 KBPS
PSK/MANCHESTER
-25.5/-22.0 DB
±100 HZ
12.7/3.1 SEC
500 HZ (SINGLE-SIDED)
10 HZ (SINGLE-SIDED)
79.3 MSEC
0.056 CHIP
< 10-4 (IN TEN HOURS)



The paper concludes with a photograph of the SSP, shown in Figure 7, assembled and
ready for installation in the SSO network transponder. The unit houses the complete
acquisition and tracking circuitry, the RF equipment, and the digital equipment, each on
separate layer boards.

Figure 1.  Shuttle/TDRSS NASA S-Band Communication Links



Figure 2.  Formation of the Spread Spectrum Waveform

Figure 3.  Despreading Function of SSP



Figure 4.  Early-Late Delay Locked Loop



Figure 5.  Spread Spectrum Processor Block Diagram



Figure 6.  Shuttle Test Data

Figure 7.  Shuttle Spread Spectrum Processor
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ABSTRACT

The Wide-Band Signal Processor (WBSP) is a spaceborne communications processor
designed to operate as a peripheral to the Fault-Tolerant Spaceborne Computer (FTSC)
currently being developed for the U. S. Air Force. Its function is to demodulate and decode
received FDM and TDM signals and to re-encode the recovered information and use it to
modulate signals for retransmission. The major difference between the WBSP and other
processors designed to perform similar functions is in the fact that the WBSP, like the
FTSC itself, is designed to survive its own hardware malfunctions.

INTRODUCTION

The Fault-Tolerant Spaceborne Computer (1) is designed to operate in space for periods of
five years or more without degradation in performance. It was sized to handle typical on
board processing tasks: navigation, guidance, attitude control, thermal control, solar panel
control, telemetry, command decoding, etc. It was recognized at the outset, however, that
certain specialized, complex functions should be performed by peripheral hardware
specifically designed for that purpose. Accordingly, the FTSC’s input/output specifications
were defined so as to accommodate the additional data load anticipated for these dedicated
processors.

If the function to be implemented by a peripheral processor is critical to the success of the
mission, such a processor must evidently achieve a level of reliability comparable to that of
the FTSC itself. The fact that the FTSC is on board the spacecraft and capable of
communicating with the peripheral processor considerably simplifies the task, however,
since the properly functioning computer can be relied upon to diagnose the peripheral’s
malfunctions and to coordinate its subsequent recovery. Nevertheless, great care must be
exercised in designing the processor if the desired reliability is to be achieved without
incurring an excessive penalty in redundant hardware.



One such high-reliability peripheral to the FTSC, a communications processor called the
Wide-Band Signal Processor (WBSP), is the subject of this paper. The WBSP is requird to
perform the following tasks: (1) Demultiplex and demodulate FDM and TDM signals
received over five different frequency bands. (The total number of channels involved is of
the order of 100 or fewer, with each channel operating at a data rate of either 75 bps or
2400 bps.) (2) Deinterleave the demodulated digital data stream. (3) Decode the
deinterleaved data. (4) Encode and interleave information intended for retransmission and
use it to modulate the five downlink (or crosslink) carriers. The received information also
has to be formatted and routed to the proper channels for downlink transmission. This task
is more readily performed in the FTSC itself, however, so it is not identified as a WBSP
task.

The system configuration selected to implement these tasks and the throughput and
reliability considerations leading to that configuration are described in the next section.

WBSP SYSTEM CONFIGURATION

One of the most important lessons learned during the early phases of the FTSC study
concerned the dramatic improvement in reliability that could be achieved by pooling
spares. A spare module capable of replacing any one of, say, five active modules in the
event of a failure improves the system reliability nearly as much as if each of the five
modules had a dedicated spare; yet the latter configuration obviously requires five times as
much redundant hardware. Two conditions must be satisfied, however, in order to exploit
this potential

• The switching device used to isolate the faulty module and to replace it with one of the
pooled spares must be so designed that its unreliability does not dissipate much of the
potential of this approach.

• The processor must be partitioned to the largest extent possible into interchangeable
modules so that spares can in fact be pooled.

The first of these requirements was addressed extensively in the FTSC design and the
results of this effort were adapted with only minor modifications for the WBSP. The
second requirement was relatively easily satisfied in the WBSP due to the fact that it is
inherently a multichannel processor; i.e., the processor must perform similar operations on
a number of parallel channels. This fact alone suggests a multiprocessor configuration. As
will be seen, the WBSP architecture takes full advantage of this inherent parallelism.

The initial candidate WBSP architecture consisted of a number of identical processors and
a memory system all attached to a single bus structure. The active processors were



assigned various functions (e.g., demodulation, decoding) under FTSC control. Data were
transferred from one processor or memory to another (e.g., from a demodulator to the
deinterleaver memory) under the control of a dedicated bus controller. When a fault was
detected, the FTSC intervened, isolating the faulty module and programming a spare
module to take over its function.

The major disadvantage of the single-bus configuration was that the number of loads on
the bus became quite large, causing excessive bus capacitance, and hence limited
throughput, combined with high throughput requirements. Several modifications of the
original configuration were investigated in an attempt to overcome this problem. The most
promising configuration, and the one to be described here, involves four buses, all
controlled by a single (dual-redundant) controller. The four-bus configuration obviously
reduces both the number of loads and the throughput requirements on each bus. It does
restrict the extent to which spares can be pooled, however, since a module can serve as a
spare only for those modules interfacing with the same bus. This disadvantage is
compensated for by the fact that the modules associated with each bus can be specifically
tailored to a more restricted set of processing tasks, thus increasing their efficiency.

The WBSP configuration is shown in Figure 1. Each of the four buses consists of an eight-
bit data byte, an eight-bit address byte, a data parity bit, an address parity bit and a spare
byte to be used to replace any failed data or address byte or parity segment. Associated
with each bus are two triple-modular-redundant (TMR) control lines. One is used by the
controller to indicate that a valid address is on the address bus; the second is used to
distinguish between hard and soft address modes (see next page).

In normal operation, the bus controller simply reads from its own memory a sequence of
addresses for each of the four address buses, gates these addresses onto the buses and
raises the valid-address control signal thereby initiating a new bus cycle. The most
significant half of the address designates the address of the module that is to transmit onto
the data bus during the following bus cycle; the least significant half designates the module
that is to receive the data currently being transmitted.

The addresses used in normal operation are referred to as “soft” addresses. These
addresses designate functions rather than modules. That is, a module responds to a given
soft address only if it has been previously programmed to implement the function
corresponding to that soft address. This initialization is done using “hard” addresses. Each
module is permanently assigned a unique (for a given bus) hard, or physical, address to
which it responds only in the hard-address mode. This mode is used only to test and to
reconfigure the WBSP. When a fault is detected either by the FTSC or by the fault
monitors (decoders) associated with each module interface, the FTSC is interrupted and, in
effect, takes over control of the WBSP. By transmitting hard addresses over the WBSP



address buses, it can test any specified module, deactivate it if necessary, activate a spare
module and program it (by loading its control memory with the appropriate
microinstructions) to take over the function vacated by the failed module. The FTSC then
allows the WBSP to resume normal operation.

(The bus structure is critical to the fault tolerance of the system. Provisions must be made,
for example, to ensure that failed modules can be deactivated, regardless of the nature of
the failure; that once a failed module is deactivated, it cannot disable either of the buses
with which it communicates, etc. All of these contingencies were successfully addressed in
the FTSC design. Accordingly, except for the modifications needed to accommodate the
narrower WBSP buses, the WBSP bus structure is identical to that used in the FTSC and is
implemented exclusively with LSI devices being developed for the FTSC.)

In normal operation (cf. Figure 1), the bus controller routes information from the analog-to-
digital converters to the demodulator processors; from there the demodulated (soft-
decision) data are routed to the appropriate de-interleaver processor and then to one of the
decoder processors. The decoded data is then stored into the FTSC’s main memory where
the integrity of each frame is tested (by checking the message “tails”). If a tail check
indicates a malfunctioning WBSP module, the FTSC initiates the appropriate fault
diagnostic routine and, if necessary, reconfigures the WBSP. Otherwise, the processed
message is sent back to the WBSP to one of its deinterleaver processors where it is
encoded and interleaved. From there, the bus controller routes it to one of the decoder
processors where it is modified as appropriate (e.g., by being added to a pseudo-noise
sequence). It is then sent to a modulator for down-link or cross-link transmission.

As indicated in Figure 1, the A/D converters and the modulators are configured in dual-
redundant pairs, with each pair dedicated to a particular r.f. link. This configuration
precludes the pooling of spares and hence results in a less efficient utilization of
redundancy than would otherwise be possible. Pooling spare A/D converters or modulators
would require analog multiplexers between these devices and their analog interfaces.
Although this option need not be ruled out, it should be noted that both the A/D converters
and the modulators are relatively simple devices; thus, the fact that redundancy is added
somewhat inefficiently is not nearly as significant as it would be, for example, for the
considerably more complex demodulator or decoder processors.

The communication link between the WBSP’s bus controller and the FTSC could utilize
either one of the FTSC’s direct memory access (DMA) ports or one of its serial bus device
interface units (DIUs). If the DMA port is not preempted for some other purpose and if the
FTSC and WBSP are to be deployed in reasonably close proximity, the DMA interface is
preferable since it enables more rapid communication between the two systems and hence
shortens the time needed for diagnosis and recovery. Since the DIU port is fast enough for



normal operation, however, the only penalty in using it is in somewhat longer recovery
period following a WBSP failure.

The only fault monitoring currently envisioned for the WBSP are the bus decoders
provided at each bus interface and the “tail checking” already mentioned in the FTSC.
Since the data are highly encoded, it is felt that the tail checks by themselves will provide
an adequate means of monitoring the health of the system. The main function of the bus
decoders is to help the FTSC isolate faults involving inter-module communication. If
additional fault monitoring is found to be desirable, it would be relatively simple to add
one processor on each bus and to program it to monitor, on a time shared basis, the
performance of each of the other processors on the same bus. (It should be noted that the
monitoring processor can in general execute considerably simpler algorithms than the
processor being monitored and still thoroughly check the latter’s performance.) ,

The bulk of the processing capability, and hence of the system complexity, in the WBSP
resides in the three sets of processors shown in Figure 1. These processors are the subject
of the following section.

THE CORE PROCESSOR

The “core processor” forms the heart of the WBSP. The three major elements comprising
the WBSP, the demodulator, deinterleaver, and decoder processors shown in Figure 1, are
all variations on this basic processor design.

A block diagram of the core processor is shown in Figure 2. As can be seen, the processor
architecture is that of a fairly conventional general-purpose computer consisting of a
control section, a RALU section (register array and arithmetic logic unit), an input/output
section, and a 256-word by 8-bit random-access, data storage (scratchpad) memory. It
does have some unusual features, however, which merit discussion. Perhaps most
important is the fact that it is to be implemented using LSI devices currently being
developed for the Fault-Tolerant Spaceborne Computer (FTSC). Circuitry needed to
support a fault-tolerant configuration is already designed into these devices and hence does
not have to be re-invented for the present application.

The need for special fault-tolerant circuitry in the bus interface section (cf. Figure 1) has
already been noted. It is of little benefit to have spare processors to replace defective
processors if the latter cannot be logically isolated from the rest of the system. The
safeguards needed to be certain that a processor can be successfully isolated, regardless of
its failure mode, has been meticulously designed into the bus interface logic (cf. Ref. 1 for
details).



The architecture shown in Figure 2 is also unconventional in three other minor but, for the
applications of concern here, important ways: (1) The control memory, a RAM rather than
a ROM, can be reloaded under external control, thereby allowing the processor to be
assigned new tasks dynamically as the system requirements change due to processor
failures or for other reasons. (2) Certain of the ALU output bits can be individually
specified as control RAM branch bits. (Usually only sign, carry-out, overflow, and the all-
zeros conditions are used to effect branches.) (3) The microcode can specify that certain of
the bits of the data RAM address generated by the processor are to be complemented,
thereby allowing the microcode to modify processor-generated base addresses. The utility
of the first of these features is immediately apparent when it is recognized that the
demodulation or decoding algorithms to be implemented need not be the same for all
communication channels. The latter two features proved to be quite useful in defining the
microroutines needed to implement certain decoding and demodulation algorithms.

The decoder processor shown in Figure 1 is identical to the core processor. The
deinterleave processor consists of a core processor with a considerably expanded buffer
memory. The demodulator processor is basically two cor processors operating in parallel,
each augmented with a multiplier chip and, again, an expanded memory for storing
sampled input data and intermediate results.

CONCLUSIONS

The WBSP communications processor configuration shown in Figure 1 satisfies one of the
fundamental constriants essential to efficient high-reliability design: The most complex
processing tasks have been partitioned so that they can be performed by a number of
identical, interchangeable modules. A detailed comparison of this approach to a more
conventional approach, for example, one using special-purpose processors with system-
level redundancy, is beyond the scope of the present paper. Obviously the results of such a
comparison depend upon the details of the alternative implementation, the number of
channels to be processed, the channel data rates, the decoding and demodulation
algorithms to be implemented and the overall reliability objectives. When long-term high
reliability is required (e.g., a 7 year survival probability of 95% or greater), comparisons
have shown that the WBSP approach offers significant advantages relative to conventional
methods of implementing the same processing tasks. The potential disadvantages of having
to implement a function with a general-purpose processor (the core processor and its
variants) rather than a special-purpose processor is more than overcome by the efficiencies
encountered in partitioning the processing task among a number of interchangeable
modules and providing these modules with pooled spares.
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Figure 1  WIDE-BAND SIGNAL PROCESSOR

Figure 2  CORE PROCESSOR
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ABSTRACT

In order to meet the requirements for future satellite applications, a brassboard of an
extremely reliable fault-tolerant spaceborne computer (FTSC) has been developed by
Raytheon Co., Sudbury, MA., under the sponsorship of the USAF/SAMSO*. The
requirements for the FTSC were high reliability, high speed, low power, high density and
tolerance to space radiation environments. The reliability requirements were realized
through several unique system and circuit concepts while the remaining requirements could
only be realized through use of large-scale-integrated (LSI) circuit technology. An
assessment of possible candidates for the LSI requirements for the FTSC was performed
on available and emerging technologies. Once the candidate LSI technology was selected,
a “proof-of-technology” program was instituted. The program included the development of
a test chip to prove the operational characteristics of the technology and its producibility.
Development of flyable prototypes of the FTSC using LSI devices is the final program
goal.

INTRODUCTION

Standard requirements for satellite electronics are high reliability, low power, low weight,
and (depending on mission requirements) high speed and radiation tolerance. For future
satellite programs, an emphasis will be placed on the ability of the on-board computer to
autonomously control the vehicle with a high probability of successful operation for
extended periods of time. One of the most likely candidates to fulfill such a requirement is
the Fault-Tolerant Spaceborne Computer (FTSC). Key features in the architecture of the
FTSC are its modular redundancies, its subelement redundancies and its heavy reliance on
large-scale-integrated (LSI) devices to obtain ultra-high reliability.



The theme of this paper concerns the steps involved in the LSI development for the FTSC.
Substantial use of LSI devices is required to meet the FTSC reliability goals (95%
probability of successful operation after 5 years in orbit). The plans for development of the
FTSC LSI devices will be discussed with respect to the FTSC requirements.
Characteristics of various candidate LSI technologies, methods of proving the capabilities
of the technology and methods of proving the technology in various system environments
will also be considered.

I.  REQUIREMENTS FOR FAULT-TOLERANT SPACEBORNE COMPUTER

Satellite computers of the future will require a high probability of successful opration after
extended on-orbit space missions. Previous NASA(1) and SAMSO(2) studies performed at
Raytheon Co., Sudbury, MA., have evolved a computer architecture that satisfies these
requirements. This concept involves the use of modular redundant computer elements, as
well as subelement redundancies to satisfy reliability models(3) that effectively lead to
systems that can have a 95% probability of successful on-orbit operation over a five-year
space mission.

A.  HIGH RELIABILITY REQUIREMENTS

Redundancy techniques developed in these cited studies lend themselves exceptionally
well to the repetitive nature of some areas of computer architecture. The designation and
management of spare elements of the computer are key factors for obtaining extremely
high reliability computers. Computer memory is an area which is most readily adaptable to
an effective sparing philosophy. All storage elements or bits of the memory are electrically
identical. A failure in any one bit, therefore, can make the entire memory useless. If spare
bits are included and a fail-safe switching technique employed to replace failed bits with
these spare bits, the cited references infer that such a memory architecture will be
considerably more reliable(1,2). Such techniques when applied to spare blocks of memory,
spare central processing areas, or in the sparing of bit lines in the buses that interconnect
all portions of a computer can significantly improve the reliability. It should be noticed,
however, that the switching required for the introduction of spare elements (such as an
additional memory block) or of subelements (such as a bit line within a memory block) in
themselves create an increase in system unreliability. However, with the extensive use of
large-scale-integrated electronics, there will actually be less overall system components
and, therefore, the reliability can again be made to increase.

B.  HIGH SPEED REQUIREMENTS

In the FTSC, speed is an important factor because of the increase in logic levels involved
in the special spare element switching. Increased bus loading, caused by sparing on the



memory block level, is also a factor. The FTSC prototype development specifications
require the system to have a throughput of 200,000 operations per second for a particular
defined instruction mix. This leads to an average gate propagation delay in the 5 to 10
nanosecond range.

C.  LOW POWER REQUIREMENTS

As in all satellite applications, power is of primary concern. For the FTSC, there is an
apparent increase in power due to additional circuits required for the fault tolerance of the
system. With the choice of an optimum LSI technology, power can be reduced through the
use of more on-chip circuitry with less parasitic capacitance. The FTSC system
requirement is that it dissipate 35 watts or less. This is an extremely stringent requirement
that dictates the use of an extremely low power LSI technology.

D.  HIGH DENSITY REQUIREMENT

Another extremely important aspect of spaceborne electronics is that they require high
packing density. An LSI device technology can reduce the quantity of packaged die in a
system since more circuitry can be put on each die. With less die per system module, the
modules can be made smaller leading to a smaller overall system. The overall FTSC
requirements call for a system size of one cubic foot or less and a weight of 50 pounds or
less. Again, the only effective means for achieving those goals is through extensive use of
LSI throughout the system.

E.  RADIATION HARDNESS REQUIREMENT

For specific space missions the requirement that the system electronics survive and operate
through particular radiation environments must be imposed. Radiation hardness goals set
for the FTSC involve transient radiation as well as long term cumulative radiation dosages.

F.  SYSTEM DESIGN GROUND RULES, SYSTEM COMPLEXITY AND
PARTITIONING

For the design of the FTSC, certain design ground rules had to be followed:

• LSI devices are used throughout the digital design. The least number of circuit
devices are utilized to increase system reliability, increase system speed, decrease
system size and weight.

• The quantity of inputs per gate is limited to three. This is required for use of
Complementary Metal Oxide Semiconductor (CMOS) technology. The limitation of



three inputs is caused by the increase in threshold voltage in stacked p-channel
transistors of a NOR gate after exposure to radiation.

• A family of circuit “cells” will be used to develop the LSI devices. These cells need
be designed only once and their data stored in a computer data base to be called up as
needed in the logic design and layout for a particular device design.

• LSI devices must utilize a maximum of 750 equivalent logic gates under normal
circumstances. This is to force the LSI chips to maintain a size that is commensurate
with a reasonable yield at wafer probe testing. An equivalent gate is considered a
two-input gate. Device complexities of greater than 750 can be tolerated providing the
device logic is highly regular leading to an inherently more dense layout.

• LSI devices are to be a product of the system partitioning and utilize no more than 84
input/output pins. This requirement allows for a standard LSI package to be utilized
while maintaining an optimum density for the average LSI device partitioning.

G.  SPECIAL FTSC REQUIREMENTS

Certain peculiarities of the FTSC architecture require special circuit considerations.
Because of the system modularity requirements, the busing requirements are very stringent.
Tied to the main system bus is a complement of up to 24 memory modules, four Central
Processor Units, four Direct Memory Access Units, and two Serial Interface Units for a
total of 34. This represents a very heavy capacitive load, especially for CMOS circuits,
and special consideration must be given to the design of the bus drivers. Since the
switching of spare elements and subelements is one main feature of the FTSC, a
considerable number of transmission gates must be used.

II.  LSI TECHNOLOGY COMPARISONS, ASSESSMENTS AND
REQUIREMENTS

In order to satisfy reliability, speed, power, density and radiation hardness requirements
for the FTSC system, an in-depth comparison had to be made of the available and
emerging LSI technologies as they relate to FTSC system requirements. Restating the
requirements--

(1) Reliability 95% probability of success after 5 years in orbit

(2) Speed Gate delays of 5-10 nsec for fan-outs of 2-3

(3) Gate Density 750 gates (3000 devices) per chip; 84 pin-outs allowed



(4) Total Dose Allowance for 30% parameter degradation
Hardness

(5) Transient Mission dependent
Hardness

(6) Power Static power (post-rad) small compared with dynamic power

(7) Producibility Capable of demonstrating repeatability of processing

In assessing technologies that could meet these requirements, it became immediately
apparent that to meet the reliability goals, a relatively small number of devices must be
used to define the FTSC system. With the additional logic involved in fault-tolerant circuit
techniques, high density LSI devices became a necessity. With high density and low static
power as requirements, the use of the high power consuming, low density, relatively
radiation intolerant technologies such as TTL and ECL were eliminated. Since
Complementary Metal Oxide Semiconductor (CMOS) technology devices exhibit the
lowest static power dissipation, relatively high packing densities and good tolerance to
radiation environments, the assessment was quickly limited to the several CMOS
technologies; namely,

Bulk silicon CMOS metal gate
Bulk silicon CMOS silicon gate
Silicon-on-Sapphire (SOS) CMOS metal gate
Silicon-on-Sapphire (SOS) CMOS silicon gate

A.  LSI TECHNOLOGY SPEED CONSIDERATIONS

The speed or propagation delays of electronic circuits are dependent on the equivalent
impedance of the driving source and the capacitive component of the load. For
technologies such as T2L, source impedance is small (usually 50 ohms or less) while
impedance of the next stage is usually more resistive than capacitive thus a small R-C time
constant leading to small gate propagation delays. For CMOS devices, the source
impedance is fairly large (usually in the 1000 to 10,000 ohm range) while the load
impedance is essentially capacitive due to the oxide insulated gate of subsequent stages.
This leads to large gate propagation delays. Table 1 shows the levels of device
capacitances, the relative inverse gain factor and the average gate delay for the various
CMOS technologies. The relative inverse gain factor is a weighting factor(4) which
considers lower mobility in SOS transistors when compared to bulk silicon. The
discrepancy in drive capability, or on-resistance, between SOS and bulk CMOS could be
as much as a factor of two as is evident from the table. The effective capacitance of each



CMOS technology is the product of the inverse gain factor and the total capacitance. The
gate delay times are related to the effective capacitance for the CMOS technologies with
fan-outs of 2 to 3.

Node capacitance is 60% to 70% higher in bulk silicon gate CMOS with respect to the
SOS Si-gate due to the drain to body capacitance. This is virtually absent in SOS. The
interconnect capacitance in bulk silicon gate is assumed equal to the node capacitance just
as in the case of bulk metal gate. Comparing the node capacitance of SOS silicon gate to
SOS metal gate shows a larger value of capacitance for SOS metal gate caused by the non
self-aligned nature of the metal gate. The inverse gain factor for the SOS metal gate
accounts for the additional reduction in n-channel mobility due to increased doping
required to achieve the same pre-rad threshold in metal gate SOS as in silicon gate SOS. It
becomes apparent from Table 1 that silicon-gate CMOS/SOS has a distinct speed
advantage over the other CMOS technologies.

B.  LSI TECHNOLOGY POWER CONSIDERATIONS

An FTSC requirement, as previously stated, is: static power consumption after total dose
should be small compared to dynamic power consumption. The following simple formula
is commonly used to estimate dynamic power consumption per
gate:

P = CfV2

where P is power in watts; C is capacitance in farads; f is frequency, and V is voltage. For
SOS silicon gate, on-chip capacitance from Table 1 is in the 0.75 to 1.5 pf range. If C =
1 pf, f = 2.5 MHz (the projected FTSC clock rate) and V = 10 volts,

p = 1 x 10-12 x 2.5 x 106 x (10)2 = 2.5 x 10-4 watts or 250 µW.

This is a representative dynamic power consumption value per gate in SOS silicon gate at
the maximum FTSC clock rate. From Table 1 it is obvious that dynamic power
consumption of other CMOS technologies is greater due to the larger capacitance per gate.
It has been shown(5) that post radiation leakage per mil of transistor width can be kept to
less than 0.1 µA. An LSI device containing an average of 500 gates (or 2000 transistors)
yields a total of 2000 mils of transistor width and the total leakage would be 200 µA or
2 mW dissipation at 10 V bias. This power consumption is 1/6 the average power
consumption at 2.5 MHz for 500 gates with 10% usage or 12.5 mW. On a per-gate basis,
assuming 4 linear mils per gate, post-rad leakage would then be only 0.1 x 4 x 10 = 4 µW
per gate compared to the previously calculated 250 µW of dynamic power consumption
per gate at 2.5 MHz (the maximum projected FTSC clock rate).



C.  LSI TECHNOLOGY DENSITY CONSIDERATIONS

A comparison of the average area in mils2/device for the four CMOS technologies with
respect to various developers standard cell families is as follows:

Bulk silicon CMOS metal gate: 40-50 mils2/device
Bulk silicon CMOS silicon gate: 15-25 mils2/device
CMOS/SOS metal gate: 10-20 mils2/device
CMOS/SOS silicon gate: 7.5-15 mils2/device

For the FTSC requirements that LSI devices contain up to 750 equivalent gates (or 3000
transistors), a 220 x 220 mil chip would require an area of 16 mils2/device. The 220 x 220
mil chip area will support the 84-pin requirement with adequate margins. From the above
table, it becomes apparent that bulk CMOS technologies exhibit marginal to poor device
areas while CMOS/SOS technologies exhibit adequate device areas. It is a well known
fact that increasing the area of a die lowers the yield of acceptable die thus increasing
device costs.

D.  LSI TECHNOLOGY RADIATION CONSIDERATIONS

Hardness capabilities of the four CMOS technologies are listed in Table 2. It may be seen
that total dose hardness is highest for metal gate bulk CMOS. More experience has been
applied to hardening this CMOS technology. However, the learning curve for hardening of
silicon gate technology is expected to be steeper. One main difference in the hardness of
different CMOS technologies lies in gate oxide processing. The radiation-induced charge
builds up in the gate oxide causing a shift in voltage threshold levels of p- and n-channel
transistors of complementary transistor pairs. The basic problem in hardening the gate
oxide of silicon-gate CMOS devices is the growth of oxide near the beginning of the
processing cycle whereas the oxide of metal gate technologies is grown near the end of the
process steps. Any high temperature process steps, beyond gate oxidation, tend to anneal
out the oxide hardness. Examples of high temperature steps are the diffusion of sources
and drains and the doping of polysilicon gates. Ion implantation techniques and/or low
temperature diffusions alleviate the problem.

Speed degradation is another adverse condition brought about by radiation. A measure of
degradation can be determined by p-channel threshold shift(6). Assuming that the on-
resistance of the device is proportional to (VDD-VTP)

-1 and that the delay is proportional to
that on-resistance, the increase in device delay can be determined. If the p-channel pre-rad
threshold is 1.0 V and the post-rad threshold has shifted an additional 2.0 V and VDD =
10V, the change in device delay would be (10-1.0)/(.10-3.0) = 1.29 times the original
delay.



E.  LSI TECHNOLOGY SELECTION FOR THE FTSC

When comparisons of the various CMOS technologies are factored against defined FTSC
requirements, it becomes evident that the advantages of speed, power and density favor
selection of CMOS/SOS silicon gate technology. Transient radiation hardness favors both
SOS technologies because of the isolation properties of the sapphire substrate for
individual devices. Total dose hardness favors both metal gate technologies because of the
experience level in their processing. Silicon gate total dose hardness is just at a point
where it satisfies the present FTSC hardness goal. Thus, it has been determined that
CMOS/SOS silicon gate technology will be developed to satisfy FTSC requirements for an
LSI technology.

F.  LSI TECHNOLOGY DEVELOPMENT

Aside from the special fault-tolerant architecture employed in the FTSC system design, the
most important other factor that will assure required FTSC reliability levels is extensive
LSI usage throughout the system. In order to assure timely development of the FTSC
system, it was decided to have dual sources for LSI devices. An optimum situation would
occur if the two developers could process devices from each other’s mask sets. Because of
the similarity and compatibility of design and processing techniques, Hughes Aircraft Co.
and RCA were the two developers selected. The personnel, experience and facilities of
these two organizations are excellent.

III.  PROOF OF LSI TECHNOLOGY

During the period from May 1975 to December 1976, the Brassboard Fault-Tolerant
Spaceborne Computer (BFTSC) was successfully designed, fabricated and debugged at
Raytheon Co., Sudbury, MA., under a contract with the USAF/SAMSO. The objective of
the BFTSC was to prove the fault-tolerant concepts as originated in the cited architectural
studies(1,2). The BFTSC was fabricated utilizing the Fairchild 34000 family of CMOS logic
and consists of 11,000 integrated circuits. The program has successfully proved the
architectural and operational feasibility of fault-tolerant concepts. That phase of the
program will be followed by a prototype phase. The goal of the prototype phase will be to
redesign and develop the FTSC in final form, fit and function as a flyable, developmental
prototype model. In progressing from brassboard to developmental prototype phase, the
use of LSI devices is planned in place of the small-scale-integrated (SSI) devices. It has
been shown how the technology assessment pointed towards CMOS/SOS silicon-gate
technology to satisfy all FTSC requirements. However, the selected technology was not
considered of sufficient maturity to allow development of the prototype without further
characteristics studies. SAMSO decided that a proof-of-technology program should be
instituted in parallel with the prototype system design activities.



A.  INTERIM TEST CHIP DEVELOPMENT PROGRAM

The proof-of-technology program was instituted through development of a test chip
utilizing CMOS/SOS silicon-gate hardened LSI technology. The test chip(7) was specified
by Raytheon with inputs from SAMSO, SAMSO’s advisors and the eventual test chip
developers (Hughes Aircraft and RCA). The test chip was to be designed with three main
functional areas: An 8-bit ALU test area, a cell-family test area, a physics devices test
area. The 8-bit ALU area was to prove the capability of utilizing a family of cells in its
design while projecting eventual FTSC chip densities. The cell-family area was to prove
the operability of cells peculiar to the FTSC design requirements. The physics devices area
was to provide data on key parameters of CMOS/SOS silicon-gate technology. The overall
goal of the interim test chip development program was to prove the hardened CMOS/SOS
silicon-gate technology capabilities to the point where further design and development
could be used in the FTSC.

B.  PROOF OF TECHNOLOGY DENSITY

An 8-bit ALU was chosen to prove the density of the selected LSI technology. This
selection was made because the layout and cell interconnections of an ALU lie somewhere
between the high density of a highly-ordered register-file type circuit and the low density
of the relative disarray of random logic circuits. The actual ALU was implemented by
Hughes and RCA with approximately 1100 transistors. The active area involved was
approximately 100 x 110 mils or approximately 10 mils2 per transistor. This is well within
the requirement of 7.5-15 mils2 per device.

C.  PROOF OF TECHNOLOGY CHARACTERISTICS

To prove the actual characteristics of the LSI technology, a representative complement of
cells that would be used on actual FTSC LSI device designs were placed on the test chip.
Separately powered chip areas were to be tested as a specific fault-tolerant requirement.
Timing strings of loaded and unloaded NAND’s and NOR’S were included to prove the
requirement of gate delays to be in the 5 to 10 nsec. range. Physics-type experiments were
also included. P- and n-channel transistor pairs with different channel lengths were placed
on the test chip. These test transistors were used to determine threshold voltages, drive
current capabilities and leakage currents for both pre- and post-irradiated conditions. Metal
and polysilicon interconnection experiments were included to perform resistive
measurements and for visual examinations of vias and step coverage integrity. A large
capacitor was included for determining the properties of the hardened gate oxide as
created by normal processing techniques.



D.  PROOF OF FTSC SPECIAL CELLS

Part of the test chip was devoted to circuits that are peculiar to the FTSC design
requirements. Among these were the three-input separately powered voter and the bus
transceiver with large capacitive drive capability.

E.  PROOF OF TECHNOLOGY PRODUCIBILITY

One major reason for the interim FTSC test chip development program is to prove the
producibility of the LSI technology. Part of that proof is the capability of the selected
device developers (Hughes and RCA) to design, process and test a specific device and
measure the characteristics of the resultant devices from a minimum of two wafer lots. As
previously mentioned, the test chip has an 8-bit ALU was well as cells/physics devices
(each area being accessible via 40 I/O pads). Three test configurations have been specified
for packaging:

• 40-pin ALU configuration
• 40-pin cells/physics configuration
• 84-pin composite configuration

The composite configuration brings out all 80 pads from the entire test chip onto 80 pins of
a specially developed 84-pin flat package.

F.  PROOF OF TECHNOLOGY TEST PROGRAM

A test program(8) has been developed for performing functional, static, dynamic and
parametric testing of the several test chip configurations. The overall objectives of the test
program on the test chip are to prove the characteristics (operational, environmental and
radiation) and producibility (multiple wafer lots) of CMOS/SOS silicon-gate technology at
the various device developers.

IV.  PROOF OF FTSC SYSTEM DESIGNS

The Brassboard FTSC was designed with SSI CMOS devices. System functional modules
were partitioned into a quantity of circuit cards, each of which represented one eventual
LSI device. The brassboard involved 220 circuit cards, each containing 50 integrated
circuits for a total of 11,000 integrated circuits. There are presently 20 LSI device types
(less memory devices) into which the FTSC has been partitioned. These devices vary
between 160 and 1250 gate complexity. The 160 gate device is a buffer-driver interface
that contains few equivalent gates with most of the chip area taken up by large bus drivers.
On the other extreme, the 1250 gate device is the bit rippler that contains 24 highly



repetitive and dense elements. Analysis of the bit rippler design has shown that it can be
designed onto a chip of approximtely 160 x 240 mils. The Brassboard FTSC successfully
proved the fault-tolerant concepts for which it was built. Since then, some redesign has
occurred along with several important system enhancements. Another SSI computer is
being built to prove the newly identified improvements. This improved design is
designated as the Engineering Test Model (ETM).

The ETM is to be designed, fabricated and utilized in a manner similar to the original
Brassboard FTSC. Each circuit card will represent one eventual LSI device. One role of
the ETM, that differs from the original BFTSC, is for it to have a companion circuit card
for each unique representation of an LSI device. That circuit card is to accept one LSI
device. The card will be plugged into the ETM system substituting for the original SSI
representation of the LSI function, thereby testing the overall correctness of the actual LSI
device. Once the “proof-of-design” LSI device has been proven to operate as expected in
the system configuration, it can then be released for the next level of development.

Following the ETM development, an Engineering Development Model (EDM) is to be
built. This model will be a form, fit and functional model of the final prototype FTSC. It
also acts as the test bed in which the LSI devices will be given their operational testing
prior to final release. In this EDM, the LSI devices will be given an effective dynamic as
well as functional test. Once the LSI devices have been successfully tested, they will be
“released” for final quantity processing for use in the prototype FTSC.

CONCLUSIONS

Reliability modeling and LSI technology analyses and trade-offs have proven that LSI
devices are a must in meeting the goals of the FTSC. The program involving development
of CMOS/SOS silicon-gate technology will allow the FTSC to meet its stringent reliability,
speed, power, weight, size and hardness goals.
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TABLE 1

CMOS LSI DEVICES -- CAPACITANCE AND DELAY INFORMATION

Type of Gate Node Cap.(pf)
Interconn.
 Cap. (pf) 

Total Cap.
     (Pf)     

Relative
Inverse

Gain Factor
Effective
Cap. (pf)

Gate
Delay
  (ns)  

Bulk Metal 4 - 6 4 - 6 8 - 12 1 8 - 12 27-40

SOS Metal 1.5 - 2.5 <0.1 1.5 - 2.5 3 4.5 - 7.5 15-25

Bulk Silicon 1.5 - 2.5 1.5 - 2.5 3 - 5 1 3 - 5 10-17

SOS Silicon 0.75 - 1.5 <0.1 0.75 - 1.5 2 1.5 - 3 5-10

TABLE 2

CMOS RADIATION HARDNESS LEVELS

Type of Gate
Neutron Hardness
        (n/cm2 )        

Total Dose Hardness
           (Rads)           

Dose Rate Hardness
       (Rads/Sec.)       

Bulk Metal >1015 (0.5 - 5) x 106 108 - 1010

SOS Metal >1015 (0.5 - 5) x 106 1010 - 1011

Bulk Silicon >1015 (0.5 - 5) x 105 108 - 1010

SOS Silicon >1015 (0.5 - 5) x 105 1010 - 1011



The Role of Microprocessor-based Terminals
in Computer Interpretation of ECG’s: The View of

Management

Robert Stuckelman
President

Comp-U-Med, Inc., West Los Angeles, California

ABSTRACT

This paper discusses management considerations in the utilization of microcomputers in
a new product design. Topics to be discussed include cost considerations in applying a
new technology; dealing with development costs; and cost effectiveness of microprocessor
utilization.

SUMMARY

In this case study, the solution to the management defined problem of a “designed-to-
cost” project was the application of a microprocessor. The solution was so effective that
we were able to build a company upon it, which it appears will be an outstanding success
story.

The product is an Electrocardiograph (ECG) Terminal for telephone transmission and
computer interpretation. This terminal is similar to those built by several other
manufacturers for hospital use but is tailored to the low volume user instead; e.g. a doctor
in his office.

From a management standpoint, to understand why this terminal-and why we built the
company around it, you need a little background on the market. The market for computer
interpreted electrocardiograms is large and growing because of critical medical needs, A
recent government study indicates that by 1980 there will be over 180 million
electrocardiograms taken annually in this country, and there are enough cardiologists to
read only 50 million of these. Computer interpretation of electrocardiograms is already a
big business. Of last year’s slightly over 100 million electrocardiograms, about 10% were
computer interpreted. These were, however, predominantly hospital ECG’s which were
overread by cardiologists or internists.
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Two major impediments have existed for some time to expansion of computer
interpreted electrocardiograms to primary care physicians, clinics and small users; as
opposed to large hospitals, These are:

a.) the high cost of the terminal equipment which limits the cost effectiveness of the
system to small user, and

b.) existing computer interpretive programs are aimed primarily at large hospitals with
a high percentage of patients with cardiac problems.

Comp-U-Med’s approach to satisfy this developing medical need, and build a major
new company, was to de-elop a low cost terminal for primary care physicians, clinics, and
other small end users; and to establish a system oriented for this segment of the medical
community by using existing computer systems and software. The result, thanks to
microprocessor application, is a low-cost line of computer coupled ECG terminals ranging
in price from as low as $1,750 to $4,000.

The major requirements imposed upon the terminal design are in the following areas;

a. Safety Requirements - Underwriters Laboratory Specification #544

b. ECG Performance Requirements-American Hospital Association Specifications.

c. Telephone Line Transmission Standards

d. Computer Compatibility-interface and communications protocol

e. Human Factors for the intended environment-interactive system with the ECG
technician.

f. Low Non-recurring Costs-very limited funds available to a new start-up company

g. Low Recurring Costs-to meet cost objectives of a terminal affordable by low
volume users.

The end result was a very successful development program which resulted in the
microprocessor driven Comp-U-Med Computer ECG Terminal which is discussed in paper
number 2.



The Role of Microprocessor-based Terminals in computer
Interpretation of ECG’s: Engineering Considerations

Richard Ewing
Director of Engineering

Comp-U-Med, Inc., West Los Angeles, California

ABSTRACT

This paper presents a case history of the selection and application of a microprocessor
for a low cost phone-coupled computer electrocardiograph terminal. All phases of the
project will be covered, from the ingredients which went into the decision to employ a
microprocessor, through processor selection, design, program and manufacture.

SUMMARY

The engineering response to management’s requirements under the “design-to-cost”
project for a low cost computer coupled Electrocardiograph (ECG) Terminal was to apply
microprocessor technology because of its inherent cost saving available in circuitry and
because of the flexibility it would offer to meet system requirements.

Conventional ECG terminal characteristics were evaluated. These were: Data entry via
16-22 wheel switches, numerous mode control buttons and switches, telephone hand set
for dialing, separate reverse channel, separate printer, 50-140 pounds in weight, 60-200
watts in power consumption. Microprocessor controlled ECG terminal characteristics were
evolved. These are: keyboard data entry, numeric display for verification and recording,
phone dialing, built-in reverse channel modem, built-in printer, self-test modes, 25 pounds
in weight and 25 watts power consumption.

The benefits of microprocessor application are in terms of a smaller terminal lower
material and labor costs for manufacturing, increased reliability, increased design
flexibility, and increased operational features available to the end user.

The requirements of a microprocessor for this application are 3,000 bytes of program
storage, 64 bytes of RAM, interval timer with interrupt, 40 I/O lines, and maintaining a
small number of parts.
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At the time of design, about 2 years ago, the then available microprocessor chip sets
were evaluated against the requirements of the Comp-U-Med ECG Terminal. The Intel
8080 required an 11 chip set to implement the required functions, and the F8 required only
3 chips to implement all functions. The Fairchild F8 was therefore chosen.

The paper continues with the ECG terminal implementation, the microprocessor
organization and implementation, program development system used for computer
program development and program development and de-bugging history and experience.

The paper concludes with a demonstration of Comp-U-Med’s Computer ECG Terminal
and a summary of the results of the successful microprocessor application development
project.



Applied Telecommunication System [FATEC] Using Microprocessor for
Versatile Data Acquisition and Supervisory Control

Dr.Takashi Okamoto, Kin-ichi Atsuya, Tsukumo Higeta
Gen Kakehi, Masaru Iizuka

[ABSTRACT]

It is required recently for data acquisition and supervisory system to provide transparent
transmission of bit and message informations by packet or non-packet transmission
method, and to provide various kinds of interface to I/O.

In order to fulfill these requirements we have developed the new system called
FATEC(Fujitsu Applied Telecommunication System) using microprocessor and bus
technology.

FATEC has various feature as follows.
1) we have employed multi-microprocessor configuration by deviding task into

communication control, data processing and I/O control, to overcome the limit of
processing speed of single chip.
And stored program method has made it possible to response easily to variation of
data transmission format, various kinds and numbers of I/O which include digital,
analog and pulse up to 256.

2) We have employed bus system, which is constructed with analogue bus,
communication control bus and I/O control bus in addition to microprocessor bus.
This bus is made of about 80 signal lines, operates in 2MHz clock, and is wired on a
multi-layer printed board. This FATEC’s unique bus system has made it possible to
realize complete building block module method, and to utilize a wide variety of
applications.

3) FATEC can transmit, exchange and convert data, and can perform the node function
of complex network such as hierarchy or mesh.

4) FATEC’s real time operating system is provided for multiprocessing and various
control functions, so that under this operating system the configuration can be freely
selected according to the application system by combining various software package.

5) FATEC has abundant interface to sensors by digital, analogue or pulse signal, and
man-machine interface to CRT, key board and graphic panel.

FATEC is employed for applied telecommunication system such as electric power control
system, water management system and city disaster prevention system, etc.

ITC '78
This CD-ROM duplicates the published proceedings in that only an abstract of this paper was published.



The USAF Fault Tolerant Spaceborne Computer

Roy L. Schmiesing
Project Manager, Space Computers
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ABSTRACT

A Fault Tolerant Spaceborne Computer is being developed for long duration military space
missions. The user requirements, the architecture, the computational characteristics, the
LSI microcircuit technology selected and the program’s present status are described.

SUMMARY

The Fault Tolerant Spaceborne Computer (FTSC) is being developed by the U.S. Air
Force Space and Missile Systems Organization (SAMSO) in support of long-duration
space missions. The overall objectives of this program are to define, develop, and flight
test a general purpose, highly reliable spaceborne computer that will have the computing
capability required to meet on-board requirements of future Air Force space programs; the
reliability, survivability and autonomy characteristics required to support the overall
mission requirements in these areas; and a power, volume, and weight requirement
significantly below those required by conventional computer architectures. Following
study and simulation phases, a brassboard (a packaged and transportable breadboard) was
completed in late 1976 by Raytheon Company. The program is now ready to enter the
flight prototype phase.

The FTSC uses redundancy at three levels to achieve the desired reliability (95 per cent
probability of surviving at least five years): Triple Modular Redundancy, Spare Module
Redundancy, and Subelement Redundancy. Two primary considerations influenced the
levels at which redundancy was applied in the FTSC: the need to minimize the power,
weight, and volume penalties associated with the redundant elements and the desire to
eliminate all single point failures. The program objective of autonomous recovery from
faults was meet by distributing the fault detection logic throughout the logic, providing a
hardware configuration control unit to reassemble a minimal system after a fault is
signaled, and using software recovery of the full system and the user program environment.
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Computationally, the FTSC provides 32-bit integer and floating point data formats, 60K
words of user memory, eight general purpose registers, eight addressing modes, and 95
instructions. It executes a typical navigation-oriented instruction mix at 200,000 operations
per second.

The FTSC is being implemented using complimentary metal oxide semiconductor - silicon
on sapphire (CMOS/SOS) technology because of its transient and total dose radiation
hardness and because of the speed and power constraints. The FTSC design uses 21 types
of custom CMOS/SOS microcircuits of the 700-1200 gates per chip level of complexity.
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ABSTRACT

Many signal processing applications require the averaging of transforms taken over
partitioned sets of data. We show that the required overlap for the partitions is window
dependent and that is varies from 50% to 75% depending upon the sidelobe levels of the
window.

INTRODUCTION

When processing long time sequence with the FFT, a partition length N is selected to
establish the required spectral resolution of the analysis. A window is applied to the
partition to control spectral leakage (those effects due to processing finite blocks of data).
The reduction in effective time duration due to the window is compensated for the
overlapping successive partitions. The sequence of overlapped transforms are then
averaged either coherently to realize additional processing gain, or incoherently to realize
reduced variance. We now demonstrate that the partitions should overlap between 50% to
75% depending upon the sidelobe levels of the given window.

COHERENT PROCESSING

Coherent post processing of FFT’s is employed in generating estimates of the Delay and
Doppler Corrected Coherence Function, in cascade transforms, in (sweep frequency,
impulse, or broadband noise) transfer function generation, and in cross power spectrum
estimation. In all cases, the transforms are windowed to obtain leakage free estimates of
the spectral components needed for the post processing (Fig. 1a). The successive
sequences processed by the FFT must be overlapped to avoid discarding the data that
occurs near the trailing boundary of the previous partition interval (Fig. 1b). We now
address the question, by how much should the intervals overlap?



We demonstrate the existence of a minimum required overlap by recognizing that any
particular FFT bin is simply the output of a non-recursive filter as shown in Figure 2a. The
Fourier transform of the impulse response is of course the frequency response of the filter
(Fig. 2b). To control the high sidelobe levels of the frequency response, the impulse
response is windowed. (In fact, in the FFT, the data is windowed, but in a block process,
the effects are identical.) The windowed impulse response exhibits a frequency response
with reduced sidelobe levels and with an increased width mainlobe (1). Since data passed
through this filter has experienced a significant reduction in bandwidth, we are permitted to
reduce the output sample rate without a loss of spectral information. We can reduce the
output sample rate till the replicated spectrum aliases onto itself as shown in Figure 3a.

Good windows, i.e., windows with sidelobes more than 70 dB down (the noise floor of a
12 bit converter), exhibit mainlobes with single sided bandwidths of approximately four
FFT bins (Fig. 3b) (1). To keep an FFT bit alias free the output sample rate must be
sufficiently high to prevent the replicated mainlobe from overlapping into the bin width.
This requires an output sample rate of 4(fs/N), or a sample period of NT/4. But NT is the
sequence duration for the filter (or FFT). Hence, to satisfy the Nyquist sampling criterion,
the FFT must be sampled four times per period. This is equivalent to performing the FFT
with 75% overlap or with four-to-one redundancy. Of course if the windows being used
exhibit higher sidelobes, (which is permitted if there are fewer bits in the converter), the
mainlobes will be narrower, and the replicates are allowed to be closer. Table 1 shows
aliasing levels and required overlap intervals for some classic windows (1).

WINDON ALIASING LEVEL OVERLAP

Rectangle -13 dB 4/8

Triangle -27 dB 4/8

Hann -32 dB 5/8

Hamming -43 dB 5/8

Gaussian -70 dB 7/8

Dolph-Tchebyshev -70 dB 5/8

Kaiser Bessel -70 dB 6/8

Blackman-harris -70 dB 6/8

TABLE 1. Overlap to nearest eight to maintain an aliasing level less than the
highest sidelobe level in a bandwidth equal to one FFT bin,



Figure 4 shows a Coherency doppler-time ambiguity surface computed for’the four
conditions listed below.

4a.  No Window No Overlap
4b.  Window No Overlap
4c.  No Window 75% Overlap
4d.  Window 75% Overlap

Note how important the overlap is to reducing the many artifacts on the ambiguity surface.

Figure 5 shows a linear sweep transfer function computed by averaging eight successive
sequence by the three conditions listed below.

5a.  No Window No Overlap
5b.  Window No Overlap
5c.  Window 75% Overlap

Again note how important the overlap has been to the stability of the transfer function
estimate.

INCOHERENT PROCESSING

Incoherent post processing is used to generate stable estimates of auto power spectrums.
Transforms are windowed to realize spectral smoothing as well as to avoid spectral
aliasing. Successive magnitude squared transforms are averaged to reduce the variance of
the estimates. For an unlimited run of data, transforms over K independent (non
overlapped) intervals will reduce the variance of a spectral estimate by the factor K, For a
limited amount of data, it is prudent to overlap the successive intervals and process more
than K intervals over the data set. Alternatively, we can overlap and acquire the K
transforms in a shorter interval. We recognize of course that the overlapped transforms are
correlated and the reduction in variance obtained by averaging correlated data is not
proportional to the number of averages. In fact Welsh (2) gives an expression for the
reduction in variance to be obtained from averaging overlapped spectral estimates, see
Eq. (1).

(1)

where K' is number of transforms averaged
s is fractional shift of intervals
c(s) is correlation coefficient



Equation 2 is used to evaluate the actual number of overlapped transforms (K') in the
interval covered by K adjacent non-overlapped transforms.

(2)

where                  implies quantizing up
                          (the smallest integer not less than)

                          implies quantizing down
                    (the largest integer not greater than)

Table 2 lists the K' corresponding to K equal thirty two for overlaps equal to increments of
one eighth.

K' 32 36 42 51 64 85 128 256
OL 0 1/8 2/8 3/8 4/8 5/8 6/8 7/8

TABLE 2. Number of overlapped intervals for the given amounts of overlap in a
non-overlapped interval of 32 units.

Figure 6 demonstrates the behavior of Eqs. 1 and 2 for the windows listed in Table 1 by
presenting KEFF (the variance reducing measure) and K' (the work count measure) as
functions of fractions overlap. We can conclude from this figure that we realize variance
reductions for overlapped processing of up to 6/8 overlap. After 6/8 overlap we are merely
consuming processor time. Figure 7 is a graph of the ratio KEFF/K' as a function of
fractional overlap. We can think of this ratio as the efficiency of overlapped transforms.
(We don’t mind increasing the work by a factor or two if we reduce the variance by a
factor of two; we do object, however, to increasing the work by a factor of two and
realizing a variance reduction of only 1.2.) Note that processing with more than 6/8
overlap is less than 50% efficient relative to that which can be obtained without overlap.

Now our final observation relative to Figure 9. Near the position where the individual
curves level off, the ratios of KEFF for the different windows to the KEFF for the rectangle
window, is very nearly the Equivalent Noise Bandwidth of that window (1) . Thus when
we apply the window to the data we incurr a penalty in terms of larger variance, but by
proper overlapping of the windows we remove that penalty. Table 4 is a listing of windows
with the KEFF ratios and the ENBW for that window



WINDOW K EFF (Window)/K EFF( Rect) ENBW
Rectangle 1.0 1.0
Triangle 1.33 at 4/8 OL 1.33
Hann 1.48 at 5/8 OL 1.50
Hamming 1.35 at 5/8 OL 1.36
Gaussian 1.73 at 6/8 OL 1.80
Dolph-Tchebyshev 1.59 at 5/8 OL 1.62
Kaiser-Bessel 1.90 at 6/8 OL 1.90
Blackman-harris 1.73 at 6/8 OL 1.79

TABLE 3 Comparison of KEFF ratios to Equivalent Noise Bandwidth of classic
windows.

It is instructive to compare the entries of Table 1 and 3. We find that the amount of overlap
to minimize aliasing also minimizes variance.

CONCLUSIONS

We have demonstrated the need to perform overlap processing of FFT’s when they are
followed by either coherent or incoherent averaging. In coherent processing we were led to
use overlap to control spectral aliasing, and in incoherent processing, we were led to use
overlap to reduce the variance of our spectral estimates. From both viewpoints, we have
been led to the same required amount of fractional overlap for the set of windows we have
examined.
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FIGURE 1.  PARTITION OF SEQUENCES FOR NONOVERLAPPED
AND OVERLAPPED PROCESSING

FIGURE 2.  NONRECURSIVE FILTER, IMPULSE RESPONSE,
AND FREQUENCY RESPONSE

FIGURE 3.  ALIASING ASSOCIATED WITH DESAMPLING A
NONRECURSIVE FILTER AND FREQUENCY RESPONSE OF WINDOW.



FIGURE 4.  NORMALIZED (TIME-dOPPLER) AMBIGUITY SURFACE WITH
VARIOUS COMBINATIONS OF OVERLAP AND WINDOWING

FIGURE 5.  SWEEP FREQUENCY TRANSFER FUNCTION WITH VARIOUS
COMBINATIONS OF OVERLAP AND WINDOWING



FIGURE 6.  EQUIVALENT NUMBER OF INDEPENDENT TRANSFORMS AS A
FUNCTION OF FRACTIONAL OVERLAP FOR VARIOUS CLASSIC

WINDOWS

FIGURE 7.  RATIO (KEFF/K') AS A FUNCTION OF FRACTIONAL OVERLAP
FOR VARIOUS CLASSIC WINDOWS
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ABSTRACT

The Planetary Pointing and Tracking System (PPTS) being developed at Jet Propulsion
Laboratory is intended to provide precision pointing for science platforms on future
autonomous planetary spacecraft. Future missions will impose very stringent platform
pointing requirements due to low light levels and very high ground tracking rates. An
integral part of PPTS is the correlation tracker, which has the potential to revolutionize
autonomous guidance. The tracker provides two-axis pointing information concerning the
position of the target body. It consists of a large-area charge-coupled device (CCD) imager
and a microprocessor to control the CCD scanning function and data processing. The
correlation tracker has three modes of operation: track, acquire and map. The track mode
performs precision tracking of a target object. This is initiated after a target has been
acquired. The map mode determes the centroidal coordinates, magnitude and size of
bodies within the optical field of view. To improve precision pointing, various power
spectra, such as shot noise and dark current, are derived. The probability of acquiring a
target body is a function of signal-to-noise ratio and the noise equivalent angle. Derivations
illustrating the application of these concepts are given. A discussion of mission analysis
with the Uranian system as a representative example is provided.

Introduction

With flight times to the outer planets measured in years, and given the desire of the
scientists to have the results of one mission influence the design of its successor, 1978 is
by no means too early to be thinking of outer-planet programs which will last to the end of
the century.

The missions will include orbiters, fly-bys, atmospheric probes, etc. The majority of
planetary orbiters must include multiple satellite encounters among their objectives. For
example, a Jupiter or Titan-Saturn fly-by with a Uranus orbiter combination might be
extremely valuable.



With the use of advanced on-board system such as charge-coupled devices (CCDs) for
imaging and data storage, vast amounts of high-quality data from the outer planets can be
returned to Earth. Therefore, the use of advanced onboard imaging systems requires an
equally advanced science platform articulation capability for any missions beyond 10 AU
(Astronomical Unit).

JPL has taken the initiative in building the Planetary Pointing and Tracking Systems
(PPTS) which is intended to provide precision pointing of the science platform on future
unmanned planetary spacecraft. Because such missions will have very stringent platform
pointing accuracy and stability requirements due to low light levels and very high ground
tracking rates, present pointing capabilities will become inadequate. For example, the
pointing accuracy of the Voyager scan platform is 0.14E (without the inclusion of
trajectory errors) and the pointing requirement for the Galileo mission is of the same order,
while the PPTS requirement is 10         . The tracker along with a gyro will decouple the
platform from spacecraft motions.

Some of the most important new features and capabilities of the PPTS are:

a. Multispectral imaging to allow determination of planetary constituents, spatial
distributions, and motions as well as their physical properties and structures.

b. Determination of surface features of the candidate planet and its satellites with very
high resolution.

c. Reduction in the total number of mission images required, allowing for increased
sequence time needed for completing science experiments as well as lower processing
cost.

d. Exploration of the interplanetary and inter-stellar media to and beyond 20 AU with
special emphasis on the region beyond Jupiter and Saturn. An example to satisfy the
low light level requirement would be an exploration of the Uranian system with a
Jupiter or Saturn fly-by.

 The correlation tracker is a derivative of the STELLAR (Star Tracker for Economical
Long Life Attitude Reference) developed at JPL [1]. The tracker consists of an area-
imager charged coupled device (CCD) placed at the optical focus and a microprocessor to
control the CCD scanning functions and data processing. The CCD integrates a charged
pattern corresponding to a feature or landmark imaged upon it during the integration time.
The charge pattern is then serially read out to an analog-to-digital converter. The image
sensor is a Fairchild 221 CCD (488 x 380 pixels). The correlation tracker has three mode
of operation: track, acquire, and map. The track mode performs precision tracking of a
target body. This is initiated after a target body has been acquired. The map mode
determines centroidal coordinates, magnitude and size of bodies within the optical field of
view. It is well known [2] that the probability of correct target acquisition is a function of



signal-to-noise ratio (SNR), which to avoid a false lock, should be as high as possible. The
noise sources in the correlation tracker must be identified before we can derive the signal-
to-noise ratio. However, it must be emphasized that noise is not the only source of errors.
In general the accuracy of the correlation tracker will be affected by several error sources,
some of which are removable or reducible by calibration. We shall not address the
removable error sources in this paper.

CCD Noise Sources and Their Statistics

Since the probability of acquisition is a function of signal-to-noise ratio, it is necessary
to analyze the noise sources in the CCD. The noise sources in the CCD occur in four
categories. They are (1) transfer loss noise, (2) background charged generation noise, (3)
output amplifier noise, and (4) fast interface state trapping noise. A schematic diagram of
CCD noise sources if given via Fig. 1. In what follows a discussion of each category will
be given, with the noise sources characterized by their standard deviations.

1. Transfer Loss Noise

In an ideal system, the charge measured in the output and attributable to a given light-
sensitive element would be directly related to the integrated light intensity incident on the
light-sensitive element. In reality, however, if Ns is the total number of carriers in the
signal packet, a fraction , of the charge Ns will fail to be transferred each time, which
implies that on the average , Ns will be lost. Thus the fluctuations about the average will
be 2 , Ns due to the entry and exit at the potential well. The transfer efficiency can be as
high as 99. 99% which implies that the effect of this noise will be extremely small.

2. Background Charge Generation Noise

Background noise may be generated at the input electrically, optically, or thermally.

The noise is attributed to any of the following sources:

(a) Photon noise: Experimental evidence shows that the emission of photons from a
given source is a Poisson random process. Thus the number of photoelectrons
collected in a potential well in time J is a Poisson process with its standard
deviation equal to the square root of the mean.

(b) Fat zero noise: The injection of charge from a diffusion source into a potential
well is a stochastic process because of the nature of thermal noise associated
with the input resistance. Hence an electrical input noise is generated due to the
injection of electrons from the diffusion source into the potential well.



3. Output Amplifier Noise

(a) Reset Noise: In most CCD devices, the readout process will cause the charging
of a capacitance through a switch. This operation is called reset. The noise in the
reset process is thermal and it is directly reflected in the output signal.

Fig. 1 — CCD with Various Noise Sources

(b) Metal-Oxide-Semiconductor Field-Effect-Transistor Noise (MOSFET): This
noise exists due to various noise sources in an MOS amplifier. Thus, the output
voltage is a random process. Comparing this noise with the input as a charge on
the gate, we can treat it like other noise sources.

4. Integration and Transfer Noise Sources:

(a) The transfer of electrons from one place to another is a random process because
of trapping and emission by fast and slow interface states as well as bulk states. 
Among the transfer noise sources, the semiconductor bulk trapping noise is a
nonlinear function of the charge being transferred. However, it is shown that this
error source is not dominant. A model for the bulk trapping noise is given in
reference [3].

(b) Dark Current Noise: It is well known that thermal generation of hole-electron
pairs in semiconductors is a random process. Thus, it contributes charge (noise)
to the CCD potential wells. This noise source process is a Poisson process.

As already mentioned, there are other sources of error which can be considered to be
noise. Among them are: CCD pixel variable response, digital quantization errors, CCD
pattern dimension errors, and signal process errors. We shall next discuss the statistics of
the most representative noise sources in terms of their first two moments.



Thermal Noise Statistics

Several noise sources associated with CCD involve thermal or Johnson noise [1] of a
resistance in parallel with a capacitor. The root-mean-square (rms) fluctuations in the
number of carriers on the capacitor is desired, (see the diagram below). We know the
average energy stored due to the resistor alone is 1/2 C      which is equated with the
thermodynamic energy of

the system, i. e. , 1/2 kT, from which we can obtain

(1)

Thus the rms carrier fluctuation is

(2)

Dark Current Shot Noise Statistics

As already mentioned the dark current electronic emission is time independent and
obeys Poisson statistics. Thus the probability that m electrons are emitted in time J is given
by:

(3)

Where x(J) is the stochastic process which equals the number of electrons in the interval
(0,J ) and 8 = ID/q . Thus 8J is the average number of dark current electrons released.
Since the m electrons that are emitted in the interval (0,J) each carry a unit electronic
charge q, the total current is given by:

(4)

where - J/2 # t # J/2, and * (t-tn) is the unit impulse function occuring at time Jn and G is
the gain of the detector.



It can be shown [4] that the autocorrelation function in terms of average number of dark
current electrons is given by:

(5)

The corresponding power spectrum is the Fourier transform of R, i.e.

(6)

However, the power spectrum passes through a band-pass filter, so the delta function in
the power spectrum will drop out. It is well known [5] that a Poisson process x(t) will have
the first two moments given by:

(7)

and

(8)

Thus the standard deviation Fx is given by:

(9)

Approximate Numerical Values of Noise Sources

To obtain closed form solution for the noise equivalent signal (NES) the joint
probability density function of the noise sources is required. This is impossible to obtain,
although a Monte Carlo simulation can be used to obtain a very realistic numerical
solution. However, we can obtain a more limited closed form result by introducing some
simplifying approximations. While this approach is not optimal, it will nevertheless yield
some revealing results.

The correlation tracker presently being developed at JPL utilizes a CCD, where there is
a difference in the step size in the horizontal direction (denoted by j) and the vertical
direction (denoted by k). The step sizes in the j-direction are twice as great as in the
k-direction. To obtain uniformity in the two directions every other line of data in the
k-direction is ignored. The purpose of the tracker is to select a small subset of pixels with
high contrast areas to be processed in 0.1 s (or a maximum of 1 s). However, the noise
sources must be considered for all pixels. Presently, the algorithm makes use of relative
positions only and has no center finding capability. This is a reasonable approach, since for



an extended body or a landmark, the center of brightness may be very difficult to define.
However, if a phypthetical center of brightness existed, every pixel in the CCD could be
compared with it. Having made this assumption, and selecting a center finding algorithm
given in references [1] and [6], the calculation of NES can be obtained analytically. It is
reasonable to assume that 90% of the energy falls within 1.5 and 3 pixels in the horizontal
and vertical directions, respectively. In reference [1] a 4 x 4 interpolation matrix is used
which is a simplification of the centroid equation given by

(10)

where si is the illuminance in a resolution element located a distance xi from the coordinate
reference. Let us apply the algorithm to the shot noise when we observe a point source.
The signal collected by a CCD from the image of the point source is given in reference [7]
as:

(11)

where A denotes the lens area, a the active area ratio, f the optical system transmission,
J the integration time, R the CCD spectral response, and S the power spectral density.
The centroid xc can be found via the 4 x 4 interpolation matrix in references [1] and [6] as:

(12)

where the Qk’s are charge levels corresponding to the horizontal direction and having been
summed in the vertical direction. Now it is desired to obtain the standard deviation of xc,
which we denote by Fx, or ns. It is obvious that Qk and Qs are random variables. The
calculation of Fx requires knowledge of the joint probability density function of every term
involved in the right hand side of equation (12). This information is not available.
However, since Qs represents a large amount of charge (electrons), it can be assumed to be
a deterministic quantity and the calculation of Fx becomes very simple, thus:

(13)

Now making use of the fact that electrons hitting the detector are Poisson distributed
and the standard deviation of the Poisson process equals the square root of its mean, a
further simplification can result:



(14)

Now, if we look at the target from a long distance and substitute from equation (11)
with the corresponding parameters given in re ference [7], we find:

The other noise sources can be obtained in a similar manner, after which we root-sum-
square all the noise and error terms. The result, denoted by FT or NT, will be about 0.006
of a CCD element. Since every pixel size is about 32.1 x 53.5         , it follows that the
noise equivalent angle is 0.19 x 0.32         . The signal-to-noise-ratio can be defined many
different ways. However, an appropriate criterion is given by

(15)

in each direction.

Application to Mission Analysis

At this point we have examined the characteristics of the PPTS and considered the
noise sources which can affect the performance of the CCD and have developed
mathematical models for these sources. It remains to illustrate the application of the PPTS
to a sample mission of interest.

In what follows, the sample mission will be taken to be a Jupiter/Saturn fly-by leading
to a Uranus encounter. Because of the compactness of the Uranian system (see Figures 2
and 3) and the low light levels encountered in the outer regions of the solar system, a
Uranus mission serves as an ideal example of the application of the PPTS. If feasibility for
the Uranus application can be demonstrated, we can rest assured that PPTS will prove
adequate for other outer-planet missions.

The Uranian system is unique among the planets of the solar system. Uranus is the third
farthest planet from the sun at a mean distance of 19.2 AU. The most significant property
of the Uranian system is that the planet axis-of-rotation and the satellites orbits are inclined
approximately 90E relative to the axes of the other planets of the solar systems. The
reasons are unknown. It is assumed by the scientific community that the axial tilt could
have been produced by the collision of the forming planetary core with a body having
approximately 7 percent of its mass. It is further assumed that satellite system formed after
the tilt of the planet had occurred. Uranus has an equatorial diameter of about 50000KM



Fig. 2 — Uranus System Approach View

Fig. 3— Compact Uranian Satellite System

and is fifteen times more massive than earth, although its density is one-fourth that of the
earth’s. Based on the present knowledge about Uranus and the amazing compactness and
regularity of the satellite system (Fig. 2), it is speculated that Uranus differs from Jupiter
and Saturn in its chemical composition as much as it differs from terrestrial planets.



* Each RU is 27000Km

A departure from selenium-sulfus vidicon cameras used in the Mariner camera system
is the availability of CCDs to provide greatly increased quantum efficiency in the near
infrared (important for Uranus imaging science). The CCD sensors exhibit very low pre-
amp readout noise and the dynamic range is much higher than that of the vidicons. A
possible configuration to be considered for imaging science experiments would consist of
three CCD cameras each with filter wheels; one with 50 mm optics, one with 200 mm
optics, and one with 1500 mm optics. The 1500 and 200 mm optics would be used for
trajectories of 5 RU* encounter distances, and a 1500 and 50 mm optics combination
would be used less than 5 RU. A CCD with 488 x 380 pixels and the same readout rate as
planned for the Voyager (48 sec per frame) takes twice as long to take a picture. For a
resolution of 8 bits, the corresponding read-out rate for the CCD is every 14 s, thus a
picture can be taken every 28 s. This is extremely valuable during near encounter
sequences, because the CCD pictures could be obtained much faster than those from the
corresponding vidicon.

It is required to permit pointing of 0.25E field-of-view (FOV) instruments with
sufficient precision to locate bodies and point sources approximately the size of the
instrument FOV and also point accurately at specific features on a body that are larger than
the instrument FOV. The ability to have complete coverage of an area larger than the FOV
of an instrument requires scanning the area. A complete mosaic is obtained by moving the
scan platform in a way which allows the instrument to observe adjacent areas. To
eliminate holes in the area coverage, adjacent areas are overlapped (10-50%). In obtaining
a mosaic the slew from one picture to the next, and thus the taking of two pictures requires
56s. The tracker exposure time is typically 0.01 s. In some cases the science cameras
exposure time could be as high as 11.5s (wide angle camera), requiring precision tracking
for extended periods of time.

Mission sequencing is a function of whether we would have a Uranus orbiter or a fly-
by. In either case the configuration of the outer planets is extremely important from the
energy viewpoint. For example, if we want a fly-by past either Jupiter or Saturn, there are
favorable launch opportunities from 1979 - 2027 where either a Jupiter/Uranus or a Saturn/
Uranus fly-by can be selected. Single launches to Uranus would have flight times on the
order of 5.6 years. However, there are trajectories that may take over 7.9 years. In the case
of a Uranus fly-by, there are trajectories that could allow the radius of closest approach to
be as low as 1.1 RU, but the radius of approach will generally be 1.5 - 2 RU.

To estimate the approximate minimum velocity of the closest approach we shall use the
simple Newtonian Formula F = Ma. The formula gives rise to v = (GM/R)1/2, where R is
the radius of closest approach in meters, G = 6.673 x 10-11 m3/kg sec2 and M = 1026 kg.
The velocity of the closest approach will be found to be about 13 Km/s.



A most demanding requirement of the PPTS is to track features or landmarks at high
velocities (400          /s), and to provide image motion compensation. Based on a close
approach of 1.5 RU, PPTS will be able to track Uranus and its satellites (as point sources).

The five satellites of Uranus are of unknown masses and poorly known radii (ranging
from 100-2000 Km). Fig. 3 demonstrates the compactness of the Uranan system as
compared to the system of Earth and Jupiter.

In case of Uranus fly-by, satellite encounters will require precision arrival timing for
tracking coverage. Significant science can telemetered as early as 1.5 years before Uranus
encounter. The Uranus events, such as satellites closest approach, terminator crossing,
feature tracking, and planet closest approach will occur nearly simultaneously. Resolutions
of 1-5 Km may be possible for Uranus and its satellites.

Since the science platform is decoupled from the spacecraft, the star mapping initiation
will not require more than the settling time of the closed loop control system (0.3s). For
both Viking and Voyager the star mapping wait is on the order of 5 minutes due to
disturbances in the spacecraft motion. The sequence prior to satellite encounters will
include a full planetary mosaic three hours before the closest encounter.

Conclusion

The Planetary Pointing and Tracking System (PPTS) will provide precision scan
platform articulation for a wide variety of future unmanned, planetary spacecraft. The
PPTS design approach utilizing a CCD optical sensor for closed-loop control with respect
to the target body, a gyro for internal stabilization, and brushless dc torque motors for
smooth and continuous, platform articulation is very viable and indeed essential for high
resolution planetary imaging and automated science execution. The correlation tracker is
the most important tool in the PPTS. Since the probability of correct target body
acquisition is a function of SNR, a detailed noise and error analysis has been performed. It
has been determined that the use of on-board systems such as the CCD, are very important
for image and data storage for both the far and near encounter phases. Mass data storage
similar to the Mariner type missions is highly desirable for the near encounter phase as
well as full frame, full resolution pictures during the far encounter phase. Both can be
accomplished with CCD sensors. Due to the low intensity light levels at the outer-planets,
and because vast amounts of high-quality data that has to be telemetered to earth, the use
of correlation tracking becomes of great importance.
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ABSTRACT

This paper treats the problem of optimal selection of data quantization levels for minimum
error.

No assumptions are made regarding the underlying statistics of the process to be
quantized. A finite precursor sample of the data is analyzed to infer the underlying
distribution. Selection of optimum quantization levels can then be related to the generation
of an optimum histogram for the data record. The optimum histogram is obtained by a
dynamic programming approach for both least mean square error and minimum Chebychev
error criteria.

Transmitted data can then be quantized according to levels specified by the histogram. The
process can be repeated periodically either with a new data sample, if the underlying
process is nonstationary, or performed on the accumulated record in the stationary case.

INTRODUCTION

An important error source in digital telemetering applications arises in the quantization of
analog signals prior to transmission which are to be reconstituted as analog signals upon
reception.

The encoding/decoding scheme, mutually agreed to by transmitter and receiver, is as
follows. L Quantization intervals I1,I2,...,IL and corresponding quantization levels
Q1,Q2 ...Qi , Ii, are agreed to. The intervals Ii are usually contiguous and cover the total
possible range of input signal voltages x(t). At a particular sampling instant tk, the input



analog signal voltage x(tk) is quantized to the level Qi corresponding to the bin interval Ii it
has fallen in. The level Qi (or a symbol representation thereof) is transmitted and the
receiver reconstructed signal will be based on the assumption that x(t) had value Qi at the
sampling instant. Of course, an irreparable error is made and even with noiseless channels
x(t) can not be reproduced with perfect fidelity at the receiver output. Up to the point of
diminishing return where quantization is no greater a contributor to output error than are
transmitter, channel and receiver noise, additional levels of quantization will reduce the
error; but, at the expense of increased transmitted data rate. Thus, both for fidelity and data
rate considerations, the choice of quantization intervals and levels is an important one and
should be made under the guidance of a minimum-distortion-with-minimum-levels policy
to the extent that such a criterion can be devised. For the rare case in which the stochastic
signal x(t) has a known a priori probability density function (pdf) Max, reference 1, has
provided an optimum solution. Here we present a method that requires no such a priori
knowledge and provides additionally remarkably good estimates of tile unknown
underlying pdf.

MINIMAL A POSTERIORI ERROR HISTOGRAM CRITERION

In Max’s method the contiguous quantization intervals Ii = (D1,D2), I2 = [D2, D3)..., IL =
[DL,DL+1) (DI = - 4 ,DL+1 = 4 ) and associated quantization levels Qi are selected to
minimize a distortion D which is defined as the a priori expected value of a differentiable .
on f of the quantization error;

By differentiating D with respect the levels Qi and division points Di, Max obtains 2L-1
simultaneous equations for the unknown parameters. For the particular case he treats in
depth, D is the mean square error (f(x)=x2) and the system of equations becomes

(1)

Equation (2) shows that Qj is the centroid of the pdf p(x) between Dj and Dj+1.

Besides the obvious deficiency of requiring a known pdf, solution of these equations
requires a single parameter search. For example, assume a value for Q1, solve (2) for D2,
solve (1) for Q2 and repeat the procedure. If the resulting QL is indeed the centroid of p(x)
betwee DL and DL+1 = 4 the original Q1 was the correct choice and the computed Qi, Di are
optimal. Otherwise a new Q1 must be tried and the procedure repeated until convergence.



To circumvent these problems we propose a quantization criterion based on an a posteriori
measure of the errors xi-Qj where Qj is the quantization level to which the signal sample xi

is encoded and xi is one of a precursor set of N+l independent samples of x(t) that we
analyze prior to initiating transmission. Thus, based on analysis of the samples
[x0,x1,...,xN], quantization levels and intervals will be selected and relayed to the receiver
for use in signal reconstruction. If N is large enough and x(t) is a stationary process these
intervals and levels will remain in force through all subsequent transmissions. Otherwise,
at prearranged intervals, new levels and intervals based on more recent sample analysis
will be transmitted. With this approach the problem of optimum quantization can be
formulated in terms of the optimum histogram generation problem depicted in Figure 1.
That is, given data sequence x0,x1,...,xN , generate an L-bin histogram with the property
that the total error measure ,L of distances ,i = xi-Qj of all samples xi from their assigned
bin centers Qj is minimized. This problem is solved by dynamic programming methods in
the following section for each of two popular error measures;

(i)  Least Mean Square (LMS) error

(3)

(ii) Chebychev error

(4)

In the latter case the resulting quanitization levels (bin centers) QL are truly geometrically
centered within the quantization interval, while, in the former, LMS quantization levels
will be shown to be centroids of the subset of data falling in the optimally selected interval.
This is a notable similarity with Max’s result (eqn(2)).

SOLUTION BY DYNAMIC PROGRAMMING

We first consider what appears to be an unrelated approximation problem which was
solved by Fryer[2] and Bellman[3]. As shown in Figure 2, we are given a set of N+l pairs
(x0,y0),..., (xN,yN) and wish to fit L lines to the data such that the overall error (LMS or
Chebychev) is minimized. The data are not necessarily equally spaced and the linear
segment intervals                                                                                    may be of unequal
length. Clearly, this problem reduces to one of selection of optimum breakpoint indices       
                            . Once two consecutive breakpoints are specified the optimum linear
approximation Ax+B within the specified segment can be obtained easily for the LMS case
from well known least squares approximation formulas. In the Chebychev case the
optimum first-order-linear segment approximation has the property that the minimum error
must occur three times, in alternating fashion, above and below the approximation curve.



Scheid [4] has used this property to develop a point exchange algorithm that will yield the
optimum solution. The algorithm applies as well to higher order polynomials with the
required number of alternations increasing accordingly.

Whatever the error measure let us designate the resulting minimum error in fitting a linear
segment from xi to xj by H(i,j). For a specified set of breakpoints                                the
total error is then

(5)

in the LMS case and for the Chebychev case

(6)

where B0 = 0, BL = N and, for either case,

(7)

Fryer [2] has shown the futility of attempting the brute force solution of investigating all
possible breakpoint arrangement to determine that yielding minimum overall error. The
number of such arrangements satisifying

is easily shown to be

Thus, for a typical case of 100 points and 10 lines as in an example shown later, the
number of possible arrangements exceeds 1.5 x 1014. Even in the unlikely event that
computation speeds will one day permit each of the 10 required H(i,j) errors to be
computed in a microsecond, the total computation time would approach 5 centuries.

Fortunately this problem is well suited for application of Bellman’s Principle of Optimality.
We suppose that the first breakpoint from the left has been chosen perhaps non-optimally
at index k. The resulting error for the right-most segment is then H(k+l,N). The Principle
of Optimality suggests that we proceed optimally thereafter, i.e. assign the remaining
breakpoints to minimize error over the left samples x0,...,xk. But this minimum left error is
,L-1(k). Thus the total error incurred is



for the LMS case, and

for the Chebychev case. It follows that the overall minimum error satisfies the recursion

(8)

for LMS approximation, and for Chebychev approximation

(9)

where in both cases the initial condition is

(10)
Thus, starting with the ,1 array from eqn.(10) the recursions (8), (9) proceed through each
successive value of the number of lines L until we reach the desired maximum number. At
each stage the minimization over index k reveals the optimum breakpoints and the H(i,j)
computation provides the corresponding optimum linear approximation parameters (slope
A and intercept B). Thus, not only is the best L line fit to the samples x0,...,xN obtained but,
the best J line fit to x0,...,xk for J = 1,2,...,L; k=0,1...,N as well. Moreoever, in cases where
the optimum solution is non-unique, the foregoing procedure will reveal all possible
optimum solutions (breakpoint arrangements).

This is a very elegant solution of an interesting approximation problem; but, what does it
have to do with the optimum quantiziation/histogram-generation problem posed earlier?
The answer, as portrayed in Figure 3, is that we have solved the histogram problem if we
simply sort the input data x0,...,xN in increasing order and use the foregoing technique to fit
zero-order line segments in an optimal fashion to the resulting monotone sequence. The
quantization levels (bin centers) are the resulting zero-order line intercepts, the bin
frequencies are given by the number of xi samples in the segments and the bin widths are
determined by the corresponding segment approximation errors. Note that the resulting
bins are not contiguous; the method for joining them contiguously is described below. We
further observe that owing to the reduction to zero-order approximation, the computations
required for the optimum quantum levels and associated errors are quite simple. For the
LMS case the segment level Qi and error H are simply the sample mean and variance of
the data in the segment. For the Chebychev case, since the data are sorted, Qi = (xRi + xLi)/

2

and H = (xRi - xLi)/
2 where xRi, xLi are the extreme right and left data points in the segment.



SELECTION OF CONTIGUOUS-BIN EDGES AND PDF ESTIMATION

Unless it is known a priori that the input signal can not fall in certain ranges the
noncontiguous bins of Figure 1B should not be permitted. The gaps of Figure 1B and also
arising in the technique illustrated in Figure 2 merely reflect the fact that all possible values
of x can not possibly occur in a finite sample unless the process is discrete. To join the j,
j+1 bins contiguously at some division point Dj, we simply apply Max’s result (1)

(11)

provided that it does not cause overlapping bins. To avoid this Dj is set equal to the value
closest to (11) that satisifies x'Bj # Dj #  x '1+Bj  where xi denotes the sorted sequence and
Bj are the breakpoints. The specification D0 = - 4, DL = + 4 completes the solution of the
quantization problem.

The pdf estimates for interior intervals are

(12)

This estimate is most accurately attributed to the bin center, but, also provides a
reasonable estimate for p(x) at all points x within the segment. For the extreme intervals
the assignment D0 = - 4, DL - 4 will cause the pdf estimate to vanish. We can avoid this if
absolute maximum values of x(t) are known a priori. Other possibilities include extending
these bins beyond their most exterior sample by some multiple of the segment deviation.

RESULTS AND CONCLUSIONS

The following example, illustrate the technique. The xk samples are integerized, computer-
generated random variates given by xk = A sin 2k where 2k is uniform on [0, 2B]. Table 1
lists the sorted sample values and Table 2 provides the dynamic programming 10-segment
approximation parameters. The estimation results are graphed in Figure 4. Note that we
have assumed that the maximum signal amplitude *A* = 1000 is known in order to obtain
density estimates for the first and last interval. The resulting 10 bin Chebychev and LMS
pdf estimates are observed to approximate the ‘true’ underlying pdf

(12)

quite reasonably. An apparent advantage of the LMS estimates over the Chebychev case is
observed at the extreme edges where p(x) is sharply peaked. Since the Chebychev error is
symmetric, the estimates p̂(Q1), p̂(QL) are attributed to the bin geometric centers while the
corresponding LMS bin centers are data centroids that fall much closer to the data
extremes ±A and thus can more accurately portray the singularity nature of the underlying
pdf.



Table 1.  Sorted xk Sample Values

Table 2.  Dynamic Programming Breakpoints, Quantization Levels and Histogram
Bin Division Points

Additional research exploring the accuracy of our method is underway. We hope to report
shortly on comprehensive evaluations of the quantization method described as compared to
Max’s ideal results and on the pdf estimation as compared to the popular Kernel method
[5], [6] and Nearest Neighbor method [7], [8].

REFERENCES

[1] J. Max, “Quantizing for Minimum Distortion”, IRE Transactions on Information
Theory, vol. IT-6, pp. 7-12, March 1960.

[2] W. Fryer, Cornell Aeronautical Laboratory internal report (unpublished) 1963.

[3] R. Bellman, “Curve Fitting by Segmented Straight Lines”, American Statistical
Association Journal, pp. 1079-1084, Sept. 1969.

[4] F. Scheid, “The Under-Over-Under Theorem”, Mathematical Association of
America Monthly, pp. 862-871, Nov. 1961.



[5] M. Rosenblatt, “Remarks on Some Nonparametric Estimates of the Density
Function”, Annals of Mathematical Statistics, vol. 27, pp. 832-837, 1957.

[6] E. Parzen, “On the Estimation of a Probability Density Function and the Mode”,
Annals of Mathematical Statistics, vol. 33, pp. 1065-1076, 1962.

[7] D. O. Loftsgaarden and C. P. Quesenberry, “A Nonparametric Estimate of a
Multivariate Density Function”, Annals of Mathematical Statistics, vol. 36, pp.
1049-1051, 1965.

[8] L. P. Devroye, “The Uniform Convergence of Nearest Neighbor Regression
Function Estimators and Their Application in Optimization”, IEEE Transactions on
Information Theory, vol. IT-24, No. 2, pp. 142-151, March 1978.



Figure 1.  Optimum Quantization in Terms of Histogram Generation



Figure 2.  Piece-Wise Linear Approximation Problem



Figure 3.  Optimum Histogram Generation Method



Figure 4.  pdf Estimates and Quantization Intervals
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ABSTRACT

This paper deals with the detection of a moving optical object in the presence of
background, sensor or star and other noise. The algorithms are derived to estimate noise
statistics, and its extrapolation, signal statistics, and the criterion for detecting the moving
objects. The performance of the algorithm has also been derived.

I.  INTRODUCTION

The detection of star or other static optical objects relative to the earth has been done
by focusing the light onto a sensitive surface such as photoelectric emitter and counting the
number of emissions from the region. The background noise spectrum has been taken as
constant and has been described by Gaussian distribution. The presence of atmospheric
turbulence and telescope jitter contribute additional noise. The spectrum of the noise
changes with time. The detection of the moving optical objects causes further problems.
The receiver does not know a priori the position, velocity and direction of the object.

Harris(5), Helstrom(4) and Cunningham, et al(2), among others, have considered the
problem of detecting optical signals. We will treat all static optical objects, including stars,
in the field of view as noise. The noise field is not homogenous and its statistics change
with time. The number of photons emitted due to stars and background noise is quite large.
The moving optical object generates an additional amount of photons in one of the cells in
the focal plane and its position changes cell-to-cell during the period of observation. The
path of the moving object is a straight-line or straight-line-like. In the following section, a
model of the signal field and binary detection problem will be described. In Section 3 noise
statistics will be computed. The noise statistics can be extrapolated. Section 4 will cover
the detection algorithm. The performance of the algorithm will be described in Section 5.



II.  STATEMENT OF THE PROBLEM

The field of view is divided into M2 cells, where M is the number of rows (columns) in
a square mosaic focal plane. Let the duration of each exposure be ) and number of
exposures be N. The output of the i, jth cell in the focal plane at the time t = k is given by
V(i,j,k), 1 # i, j # M, 1 # k # N.

The output of the cell may be due to the background, sensor or star noise S(i,j,k) in the
absence of the moving optical object, i.e.,

V(i,j.k) = S(i,j,k), 1 # i, j # M, 1 # k # N (1)

in the absence of the moving target. The moving optical object will appear as a point
source in each frame, i.e.,

T(i,j,k) = a(k), if i = m1 k, j = m2m1 k + m3, 1 # k # N
= 0 elsewhere.

where m1, m2, m3 can take integer value or zero. The output of the i,jth cell at time t = k in
the presence of the moving target is given by

V(i,j,k) = T(i,j,k) + S(i,l,k), 1 # i, j # M, 1 # k # N. (2)

Since the number of photons due to star (bright) is usually large, the distribution of S(i,j,k)
is of Gaussian distribution and its mean is non-zero and its covariance is not a diagonal
matrix. The mean and the covariance are not known a priori, so also the values of m1, m2,
m3. The intensity function a(k), 1 # k # N of the moving target is also random. The
purpose of this paper is to derive an algorithm to detect the moving object in the presence
of the noise and to track the path of the moving object.

III.  MEASUREMENT OF NOISE

Most of the time the telescope observes the star and the telescope is adjusted to the
field of the view such that stars appear stationary in the field of view. The amount of the
time and the number of cells lit by the moving optical object are very small. So most of the
time, the output of cells is due to the background, sensor or star noise.

Denote

[S(k) = [S(1,1,k) ... S(M,1,k), ... S(M,M,k)] /1 # k # N



where ‘/’ stands for transpose and S(k) of dimension M2, 1 # k # N. The mean of the noise

(3)

Denote
Y(k) = S(k) - S̄, 1 # k # N

and define

Y = [Y(l), Y(2), ..., Y(N)] /

as a vector of dimension M2N. The covariance of the noise

RS = E Y Y /

where E is the expectation operator.

(4)

where

   1# K # N-1, 1 # i, j, R, m # M

It can be seen that
R(-K) = R(K) / (5)



From (4) and (5), the covariance matrix of the noise

(6)

where each R(K), 1 # K # N-1 is a block matrix of order M2 x M2

Denote

The inverse of the covariance matrix, the information matrix, is given by

(7)

where

E = D = B / A-1 B / 

F = A-1 B



The recursive inversion of the block matrix can be done utilizing algorithm proposed in
Refs. (1) and (5). Because of nonstationary-like statistics of the noise, the mean, the
covariance and its inverse have to be computed each time before processing the data for
the detection of the presence of the moving object. However, some algorithm may be
derived to extrapolate the mean and covariance statistics(8),(7).

IV.  MAXIMUM LIKELIHOOD DETECTION

We have N frames (exposures). Each frame has M2 element. We would like to test
whether the moving target is present in the measurements, i.e.,

V(K) = T(K) + S(K), 1 # K # N

when target is present or

V(K) = S(K), 1 # K # N

when the moving object is absent. The conditional density of the data V(K), 1 # K # N,
when target is absent is given by

(8)

The signal vector (target/object) is associated with illumination intensity a(K), 1 # K # N,
position parameters m1, m2, m3. Let us assume that illumination intensity is uniform and its
average is given by a. In the absence of the noise, the target will be lit in one cell out of M2

cell at any time. Define T = [T(l) T(2) ... T(N)] 
/ where T(K) is a vector of dimension M2

elements with all zeros except a in on e place 1 # K # N. T is a vector of M2N dimensions
with only N non-zero elements. The location of N non-zero elements in M2N elements is
of significant importance in deriving detection algorithm. The number of signal target
patterns depends on the number of combinations of N non-zero elements in M2N elements
with one non-zero element in M2 elements (in one frame). Let T(j) represent a particular
target vector, where j corresponds to specific location of N non-zero element, 1 # j # J,
where J is the total number of signal vector. The conditional density of the observed data
in the presence of a signal (target) and the noise is given by

(9)

Use of (8) and (9) will yield sufficient statistics,

z(j) = (V-S̄)1 RS
-1 T(j) 1 # j # J (10)



Each of Z(j) is compared with the threshold. If any of Z(j) exceeds the threshold, then the
presence of the optical object is declared and the signal pattern is identified wherever such
exceedance occurs. If a single target is present, only one such exceedance will occur. In
that case, maximum of Z(j) is compared with the threshold(6), i.e.,

(11)

The detection scheme is shown in Figure 1.

Therefore, the algorithm consists of

1. Compute mean (Equation 3)

2. Compute inverse covariance (Equation 7)

3. Generate signal pattern TJ 1 # j # M

4. Store RS
-1 T(J) 1 # j # J

5. Subtract mean S̄ from the observation vector V

6. Correlate (5) with (4) for each j

7. Find maximum of (6)

8. Compare (7) with a given threshold

9. (a) If > [(8)] $ threshold, then optical object is present
(b) Find for which J, (7), is maximum

10. Flag out T(j)



Figure 1.  Implementation of Detection Scheme

V.  PERFORMANCE

The sufficient statistics given in Equation (11) can be written as

(12)

where
T(j) = RS g

(j) 1 # j # J

Let
>j = (v-S̄, g(j)) (13)

When moving target is absent,

>j = (S - S̄, g(j)) 1# j # J (14)

The >j is a Gaussian random variable with zero mean and variance

F2 >j = [T(j), RS
-1  T(j)] 1 # j # J (15)

when the moving optical object Is present

>j  = (T(j) + S - S̄, g(j)) (16)



Then >j is also a Gaussian random variable when the optical object is present, 1 # j # J.
Its mean

E >j = (T(j), Rn
-1 T(j)) (17)

n
and its variance

F2  >j = [T (j), k RS
-1 T(j)] 1 # j # J (18)

Define

It can be shown that probability density function of >,

(19)

where

Equation (19), (15) and (16) will yield conditional density of @ when optical object
is not present.

(20)

Cj = 2B (Tj ) / RS
-1 T(j)

Threshold can be computed from (2),

(21)

The conditional density of > when optical target is present is obtained from (19), (17), and
(18).

(22)



The probability of detection is given by

(23)

VI.  DISCUSSION

The complexity of the detector is due to the presence of a large number of correlators
and followed by a comparator. The detector will be complicated further if the intensity of
illumination is a random process. Low intensity will hurt the probability of detection
because signal-to-noise ratio becomes low. To enhance the signal-to-noise ratio, the field
of view shall be segmented to small array of elements. Kalman filters will be implemented
to estimate the position of the target and the number of signals to be generated can thus be
reduced.
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ABSTRACT

Detection of aircraft by a space-based infrared sensor is a demanding task using near-
term technology. To achieve sufficient sensitivity, background noise suppression is
required because of the relatively weak target signal. Background noise suppression
techniques, first order, second order, and higher order temporal differencing, spatial and
temporal differencing, are analyzed and compared. Background noise due to both
background drift and system vibration effects are calculated. Pixel-to-Pixel offset-induced
background noise leakage is also evaluated.
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GIGABIT DETECTORS FOR VISIBLE SPACE LASER
COMMUNICATIONS
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ABSTRACT

Performance data taken on several candidate high data rate laser communications
photodetectors are presented. Measurements of bit error rate versus signal level were made
in a 532 nm system at 500 Mbps.

INTRODUCTION

High data rate optical communications systems require photodetectors which are
sufficiently fast to respond to the desired data rate and as sensitive as possible. While
measurements of individual detector parameters may serve as a coarse indication of system
performance, it is our experience that detector performance can best be characterized in an
operating communication system. Extrapolations made from data measured by detector
manufacturers are often inaccurate except when intercomparing devices of the same kind.
The comparison between a photomultiplier and an avalanche photodiode, for example, is
very difficult.

This paper will describe the testing techniques used and report on the results obtained with
several available detector types. Measurements were made at 532 nm at a data rate of 500
Mbps with a pulse delay binary modulation (PDBM) format. This format provides a
minimum pulse spacing of 1 ns and is therefore a suitable test for 1.0 Gbps detectors. This
system is presently in operation to evaluate detectors for the AF LASERCOM gigabit laser
communications program.

This system is used to generate curves of bit error rate versus optical signal level input to
the detector. These curves are the ultimate measure of the worth of any photodetector for a
communications application.

Optical power is measured with a UDT 21A which is periodically compared with 8 other
silicon power meters and a Laser Precision pyroelectric radiometer.



532 nm COMMUNICATION RECEIVER TEST SYSTEM

The 532 nm 500 Mbps PDBM communication system is shown in Figure 1. A 500 Mpps
mode-locked and frequency-doubled Nd:YAG laser is modulated by a lithium tantalate
electrooptic polarization modulator. The data impressed on the transmitted beam is a long
repetitive pseudorandom code. A polarization selective time-delay unit follows the
modulator. One polarization is delayed with respect to the other polarization by one-half
the bit period (1.0 ns). The time-delay unit converts Pulse Polarization Binary Modulation
(PPBM) to Pulse Delay Binary Modulation (PDBM) with a minimum pulse spacing of
1.0 ns.

FIGURE 1  532 nm 500 Mbps PDBM LASER COMMUNICATIONS
RECEIVER TESTBED

In our 1.0 Gbps communication system, a second electrooptic polarization modulator
follows the time-delay unit to set the polarization of the final transmitted pulse. The second
modulator operates with twice the speed of the first modulator to handle the closer spaced
pulses. This format is called Pulse Quaternary Modulation (PQM) and offers improved
efficiency because each optical pulse carries two bits of information in the four allowed
states of delay and polarizations PQM requires two photodetectors in the receiver, one for
each orthogonal polarization.

For the purpose of evaluating detectors for the 1.0 Gbps PQM system, it is desirable to
change to a format which utilizes a single photodetector in the receiver but which
otherwise simulates the signal seen by the photodetector in the 1.0 Gbps PQM system. The
500 Mbps PDBM signal meets this requirement if both polarizations are incident on the
same detector.



At the receiver, a variable optical attenuator sets the optical signal level to the detector
under test. The detector output is amplified by a low noise preamplifier and fed to the data
reconstruction electronics. A sample of this signal is used to generate the receiver clock.
The PDBM encoded pulse train is compared on the basis of pulse amplitude with a version
of itself delayed by 1.0 ns to reconstruct the transmitted data. The reconstructed data is
compared serially, bit by bit, with a locally generated and synchronized pseudorandom
code identical to that at the transmitter. Errors are detected and counted. The bit error rate
or probability of error per bit is plotted as a function of signal power level to the detector.

532 nm DETECTORS

The detector types listed in Table I were evaluated in the 532 nm 500 Mbps PDBM
system. The photomultiplier detectors were developed by the Air Force, NASA GSFC,
and McDonnell Douglas under various programs with Varian LSE.

TABLE I
532 nm Communication Detectors

Varian LSE Photomultipliers
Static Crossed Field
Hybrid EBS Anode
Dynamic Crossed Field

>10 Samples
    3 Samples
>20 Samples

RCA (Montreal) Silicon Avalanche Photodiode  5 Samples

Rockwell (Science Center) Ternary Avalanche Photodiode 2 Samples

Texas Instruments Commercial Avalanche Photodiodes
Silicon TIXL 56
Germanium TIXL 57

1 Sample
1 Sample

Mitsubishi Silicon Avalanche Photodiode  
PD-202B

2 Sample

The best of the Varian photomultipliers used ternary GaAsP photocathodes with external
quantum efficiency greater than 30% and excellent stability with time.2

The Static Crossed Field Photomultiplier is a high speed baseband to 3 GHz
photomultiplier which utilizes the property of constant time of electron flight in a region of
crossed static electric and static magnetic fields to achieve low time dispersions.3 Gain of
the SCFP is not readily variable since the electric and magnetic fields must vary by the
same ratio. The SCFP has a relatively open structure and suffers from a signal induced 



noise phenomenon which limits bit error rate performance when operated under the
relatively large signal conditions required for a communications detector.

The Varian hybrid photomultiplier is a two-stage cup and slat electrostatic device with a
silicon diode anode operated in the electron bombarded semiconductor (EBS) mode. It is
intended that the noise figure of this tube be set by the photocathode and two high gain
gallium phosphide dynodes before reaching the silicon diode with several keV of energy.
The high energy electrons reaching the silicon then receive an impact ionization gain of 102

with the ability to deliver substantial output current. Because most of this output current
did not travel through vacuum, a source of feedback which stimulates signal induced noise
should be minimized. The results of the one successful device are presented. A similar
device with baffling to eliminate noise failed without undergoing evaluation at the end of
its development program.

The Varian Dynamic Crossed Field Photomultiplier (DCFP) is a synchronously gated
device driven by a radio frequency electric field superimposed on crossed static electric
and magnetic fields.4 The synchronous gating is compatible with the regularly recurring
pulse train from a mode locked laser. Of the high speed photomultipliers tested, the DCFP
offers the best performance. The gain is readily controlled by varying RF drive power.
Synchronization is achieved by dithering the gate with respect to the incoming optical
pulse train to develop a phase error control signal. Signal induced noise is very low, but
several older devices have exhibited this phenomenon. It was largely eliminated by special
cleaning techniques during processing. The data presented is for the best device but is
typical of recent devices. All recent devices have antireflection coated windows to
maximize sensitivity.

The RCA silicon avalanche photodiode has a reach through structure.5 The transit time
delay of the 30 µm thickness yields a speed of response which is just barely suitable for
use at 1 Gbps. The standard RCA device is a C30902E and is antireflection coated for
820 nm for fiberoptic work with GaAlAs ILD emitters. The best devices were specially
antireflection coated for 532 nm on the silicon surface and operated with windows
removed to simulate the performance expected when high quality antireflection coated
windows are added in the future. All devices of this type performed uniformly well and the
data presented is typical. The standard C30902E operated 1.37 dB poorer in this 532 nm
test bed. (Though the C30902E is nearly as fast at 1064 nm, the quantum efficiency is only
5% because silicon is becoming transparent at this wavelength. A severe trade-off is
involved in using silicon devices to go to 1.0 gigabit at 1064 nm.)

Rockwell claims to have developed a 10 GHz ternary APD with good gain, gain
uniformity, and high quantum efficiency at 532 nm. Several device submitted for
evaluation in this system did not achieve measurable performance even at maximum



optical power levels of about 1000 nW. Previously the workers at Rockwell developed a
hybrid transimpedance preamplifier utilizing microwave MESFETs incorporating a high
speed ternary photodiode for 1064 nm.6 The technique of using a high input impedance
preamplifier improves performance by trading speed of response for gain. Noise of the
preamplifier increases as the square root of the feedback resistance while gain increases
linearly. This technique worked so well that the ternary photodiode at unity gain worked
nearly as well as the best silicon avalanche photodiode at optimum gain.7 Because this
technology is available, it is felt that Rockwell will be able to produce a competitive
detector when their present 532 nm photodiode problem is solved.

The TIXL 56 silicon APD and the TIXL 57 germanium APD are commercially available
devices from Texas Instruments used extensively in this laboratory for many years.

532 nm RESULTS

The results of 532 nm communication system bit error rate measurements are presented in
Figure 2. The performance at 10-6 bit error rate is summarized in Table II. The best overall
detector for 1 Gbps communications at 532 nm is decidely the DCFP. However, if the
rules of comparison were changed slightly, the RCA silicon APD would prevail. This
would be the case if the comparison were made at less than 10-7 bit error rate or if a
synchronously gated low duty cycle detector could not be used as with analog data or a
PCM encoded laser diode source.

The RCA APD yielded performance equivalent to the best DCFP with a 20% quantum
efficiency photocathode. Only the most recent DCFP devices with GaAsP photocathodes
surpass this performance level.

The SCFP tubes all suffered from a signal induced noise phenomenon which is
characterized by a flattening or bottoming out of the bit error rate curves. The worst could
not achieve 10-3 bit error rate. The performance of the best sample is shown in Figure 2.
Signal induced noise has been observed in other types of high speed photomultipliers.7 The
cause is believed to be either ion or photon feedback within the relatively open and
unbaffled structures typical of high speed photomultipliers. Several attempts were made to
modify the SCFP structure to baffle the noise mechanisms to no avail.

The hybrid photomultiplier program yielded one device sample that achieved the bit error
rate performance shown.



FIGURE 2  COMPARISON OF 532 nm COMMUNICATION DETECTORS

TABLE II
532 nm Results At 10-6 Bit Error Rate

Detector 532 nm Power photons/pulse

Varian DCFP S/N 044

RCA APD

Varian SCFP S/N 053

Varian Hybrid S/N 002'

TIXL 56

TIXL 57

Mitsubishi PD-020B

23 nW

32 nW

97 nW

140 nW

280 nW

680 nW

123

171

520

750

1500

3640



The Texas Instruments devices did not perform competitively with the photomultipliers or
the reach through APD. The silicon device is greatly superior to the germanium device at
532 nm. Previous testing has shown that the opposite is true at 1064 nm because the
absorption of silicon is decreasing.7

DISCUSSION OF RESULTS

At 532 nm, the DCFP is presently the best detector available for high data rate
communications. It offers several advantages when operating with a mode locked laser
transmitter, including a wide gain control range and an inherent integrate and dump action.
However, the RCA silicon APD is only 1.5 dB poorer in performance, and would be the
logical choice in many similar applications.

The RCA APD has not yet been developed to its ultimate performance level. Thinner
devices are being developed by RCA which will offer greater speed and lower dark
current. Both should result in improved performance. The increased speed of response will
allow the RCA APD to be used with the transimpedance amplifier technique used to great
advantage in the Rockwell hybrid devices.6 Preliminary results using 50-ohm amplifiers
will be discussed.

A new Mitsubishi 3 GHz silicon APD with a reach through structure somewhat similar to
the RCA devices will also be evaluated and discussed.
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ABSTRACT

The Air Force Space Laser Communications (LASERCOM) Program started with system
concept and component design in the early 1970’s at the Air Force Avionics Laboratory.
The communications system that evolved demonstrated, in 1973, data rates up to one
gigabit per second with a bit error rate of 10-6 for 40,000 kilometer simulated links. System
capabilities were demonstrated during the period 1975 to present using an engineering
feasibility model of a gigabit-per-second space qualifiable transmitter and a brassboard
receiver.

The next phase of the program started in September of this year when the LASERCOM
system began operation outside of the laboratory environment at the White Sands Missile
Range in New Mexico. This six-phase demonstration will include ground-to-ground links
up to approximately 20 kilometers and aircraft-to-ground links up to approximately 50
kilometers. During these demonstrations, dynamic far-field acquisition, tracking, and two-
way communications will be demonstrated.

The performance characteristics of the LASERCOM system make its potential application
to certain satellite-satellite and satellite-aircraft links unique, while other potential
LASERCOM links require a detailed cost analysis of the current investment in radio
frequency terminals and systems versus the cost of developing and deploying
LASERCOM terminals and systems. There are also some communications links that can
be most effectively satisfied by a hybrid LASERCOM and radio frequency system.

INTRODUCTION

As the requirement for higher data rates in future communications links becomes apparent,
the development of laser communications systems becomes inevitable. LASERCOM can



be used for satellite-satellite, satellite-air, and, under favorable ground conditions, even
satellite-ground communications. In addition to the high data rate advantage of
LASERCOM, the narrow transmit beam and narrow receiver field of view provide
inherent privacy and jam resistant characteristics. Aircraft to aircraft communication
beyond line of sight is another requirement that is easily satisfied by LASERCOM through
a relay satellite, and multiple aircraft simultaneous low data rate reporting via a satellite is
possible through current designs and preliminary hardware development.

In the early 1970’s, as the Air Force LASERCOM Program started to evolve, the decision
was made to develop the system around the Nd:YAG laser. This decision was based on
the state of development of the Nd:YAG laser, the ease of modulation using short-pulse
modulation techniques, the simplicity of direct detection that can utilize sensitive room-
temperature devices, and the overall communications link efficiency as compared with the
closest competitor for a gigabit-per-second system, the CO2 laser. An associated factor in
this decision was that NASA was developing a CO2 system; therefore both concepts could
be pursued simultaneously. Subsequent to that decision by the Air Force, NASA
terminated its development. A summary of the state of the art in CO2 laser communications
has been provided by McElroy,et al (1).

The purpose of this paper is to provide a general appreciation for the LASERCOM
Program as it stands today, to review in layman’s terms the status of the technology, and to
discuss the airborne flight demonstration, system characteristics, and potential system
applications. The technical details of the LASERCOM system as it has evolved over the
last eight years and a complete set of references were recently documented by Ross, et al
(2).

STATUS OF LASERCOM PROGRAM

In 1971 and 1972 the preliminary component and system design and component
development were conducted by the Air Force Avionics Laboratory through both in-house
and contractual efforts. In 1973, two contractors, McDonnell Douglas Astronautics
Company-East, St. Louis, Missouri and Lockheed Missiles and Space Company, Palo
Alto, California, each built a gigabit-persecond brassboard laser transmitter and receiver.
These favorable results led to the development and test in 1974 and 1975 of a space-
qualifiable engineering-feasibility model of a gigabit-per-second transmitter built to form,
fit and function by McDonnell Douglas. This engineering feasibility model was the
prototype for the transmitter to be built, qualified, and flown aboard a dedicated
LASERCOM satellite.

Because of the potential applications and the direction for a space demonstration, the
LASERCOM Program Office was moved to the Space and Missile Systems Organization,



Los Angeles, California in 1975. The space system development was initiated and the
demonstration scheduled for launch in 1979, with McDonnell Douglas under contract to
build, launch and demonstrate laser communications between a satellite and a ground
station at Cloudcroft, New Mexico. This effort was initiated in 1975, but after
approximately 18 months, the space demonstration was cancelled because of budgetary
cuts at the DoD level, even though no technological or financial problems existed within
the LASERCOM Program.

After approximately one year of phasing down the effort, yet keeping the critical
technologies alive for a future demonstration, the program was redirected in November
1977 to proceed to an aircraft-to-ground demonstration in 1980. The redirection was to
perform ground and airborne demonstrations of a gigabit-per-second laser communications
system; continue the development of selected components for future space applications;
demonstrate the inherent system characteristics (high data rate, private and jam resistant);
define the necessary interfaces to make the LASERCOM system interoperable with radio
frequency communications; and provide for the transition of the developed LASERCOM
technology to operational systems.

For the communications demonstration, it was decided to move the LASERCOM system
from the laboratory environment at McDonnell Douglas in St. Louis, where the
engineering feasibility model and brassboard receiver had been undergoing system tests
since 1975, to a test site that could be developed for the airborne demonstration. After
considering the characteristics and capabilities of several Government sites, the Army’s
White Sands Missile Range in New Mexico was selected. The Range is extremely large,
approximately 40 by 80 miles, and has the necessary restricted air space. The particular
site (Cowan) was chosen with safety in mind. During both ground-to-ground and air-to-
ground tests, the laser beams leaving the boundary of the Range will not have sufficient
energy to cause safety problems.

The schedule for the communications demonstration is shown in Figure 1. In 1978, the
major tasks are test planning, hardware development, and the start of ground-to-ground
tests. During 1979, integration of the system into an EC-135 aircraft will begin, and the
initial flight tests will be conducted to demonstrate acquisition and pointing between the
aircraft and the ground site. This will be followed in 1980 with the full-up system
communicating at a gigabit-per-second. Throughout the entire demonstration schedule, an
ancillary program will be conducted with the objective of developing and qualifying
selected components for space application.



STATUS OF LASERCOM TECHNOLOGY

From its inception, the LASERCOM Program has continuously analyzed in detail the
system requirements for high-data-rate communications systems and, more recently, for
some lower-data-rate systems also. From these analyses sprang a development program
which emphasized the progressive evolution of the necessary technologies, critical
components, and operational systems. In particular, significant progress has been achieved
in the five most critical technology areas: laser, modulator, detector, electronics, and
optics.

During the early phases of the development program, the Nd:YAG laser was selected as
having the greatest potential for high-data-rate intersatellite communications applications.
Although several types of Nd:YAG lasers were investigated initially, in 1973 the mode-
locked and frequency-doubled Nd:YAG laser was selected for continued development.
Since then, through the cooperative efforts of the Air Force, McDonnell Douglas
Astronautics, and GTE Sylvania, both a lamp-pumped Nd:YAG laser and a sun-pumped
Nd:YAG laser have been successfully developed and operated.

A space-qualifiable prototype of the lamp-pumped, mode-locked and frequency-doubled
laser has demonstrated output performance of 330 milliwatts (mW), with 400 picosecond
pulsewidth, at 500 million pulses per second. The initial goal, to support a 40,000
kilometer link with 6 dB margin was 200 mW output power. The laser pump source, a
K:Rb lamp, has been developed and has demonstrated a lifetime of over 5000 hours. An
engineering model of the sun-pumped, mode-locked and frequency-doubled laser met its
output performance goal of 400 mW power.

The LASERCOM high-data-rate package uses external electro-optical LiTa03 modulation.
Using pulse quaternary modulation, the modulator imposes two bits of data on each pulse,
thereby creating a data rate capability of one gigabit-per-second. Pulse quaternary
modulation combines pulse position and pulse polarization modulation. Higher rate
modulation schemes and higher speed modulators are being investigated.

Since the early 1970’s, the LASERCOM Program has pursued several types of detectors
with potential high-speed (multi-gigahertz) capabilities. Among those investigated were
dynamic and static crossed-field photomultiplier tubes, several types of avalanche
photodiodes (APDs), and a hybrid (electrostatic gain stages plus an impact ionization
diode anode) photomultiplier tube. The dynamic crossed-field photomultiplier (DCFP) is
currently the baseline high-speed detector for the LASERCOM system. DCFPs with 25%
quantum efficiency and extremely long lifetimes have been demonstrated. For bit-error-
rates down to approximately 10-7, DCFPs are superior in performance to currently
available APDs. However, at a bit-error-rate of 10-6, which is the LASERCOM system



baseline, recent improvements in APDs show the DCFP is only slightly superior and the
APD does offer size, weight, and power advantages. We are continuing the investigation
of high-speed APDs.

The development of high-speed and control electronics has been perhaps the least-heralded
of the LASERCOM development efforts. In 1973, Motorola Government Electronics
Division designed and fabricated brassboard electronics compatible with a one gigabit-per-
second pulse-gated, binary-modulation system. In 1975, these electronics were modified
for use with the pulse quaternary modulation of the engineering feasibility model. These
electronics have been operating successfully in the LASERCOM system test bed for over
three years. We are now upgrading and repackaging the high-speed electronics for use in
the ground-to-ground and aircraft-to-ground demonstration.

Aside from optical design efforts, optical technology advancements have been sought
primarily in the design of optical coatings. This effort is a part of the ancillary program
mentioned earlier and consequently concentrates on the ability of various coatings to
survive the space environment. Approximately 30 of the most critical coatings will be
analyzed. The success of the various technology and component developments is best
evidenced by the demonstrated performance of the integrated laser communication system.
In the laboratory test bed at McDonnell Douglas Astronautics-St. Louis, the system
operated successfully with simulated intersatellite ranges and with simulated dynamic
satellite motion and vibration inputs. Despite the most severe motion inputs, the system
repeatedly was able to acquire and achieve tracking within six seconds and to continue
pointing with a peak pointing error of only 0.6 microradians for a 5 microradian
beamwidth. We anticipate that the results of the ground-to-ground tests initiated in
September 1978, and the follow-on aircraft-to-ground tests, will confirm this system
capability.

NATURE OF FIELD TESTS/DEMONSTRATIONS

Laboratory development and testing are essential to the successful completion of, and
confidence in, any communication system; moreover, demonstration of operational
capabilities in an operational environment is equally important in the final development of
a system. Consequently, in November 1977, the LASERCOM Program Office was
directed to initiate a series of field tests or demonstrations to confirm the capabilities of the
LASERCOM system in a realistic environment. The first phase of that series was initiated
in September of this year.

The field test series is divided into six phases, each designed to demonstrate a specific
capability of the system as it evolves from a “laboratory” system to a “field” system. The
first two phases will consist of ground-to-ground tests at the Cowan Site, White Sands



Missile Range, New Mexico. The third phase will be an interim flight test, concentrating
primarily on the acquisition and handover functions of the system. The fourth and fifth
phases will again be ground-to-ground tests, verifying the final integration of the
completed high-data-rate system. The sixth phase will be the formal aircraft-to-ground
flight test itself, which will be the final field demonstration of the capabilities of the
LASERCOM system.

Phase I is essentially a field test of the engineering feasibility model transmitter and
brassboard receiver which have been used in the laboratory at McDonnell Douglas, St.
Louis. The transmitter and receiver will be located approximately 4.5 meters apart in the
Cowan building; however, the communication path will be from the building to a mirror
located approximately 10 kilometers away and return, This phase began in September of
this year.

Phase II will be similar to Phase I in terms of the types of tests conducted; however, the
receiver will be upgraded with brassboard-level equipment to enable active acquisition
modes and to include the ranging function. This phase will begin in December of this year
and will last for approximately three months.

In July 1979 the third Phase, the interim flight tests, will begin. For this phase, the high-
data-rate transmitter will be integrated aboard an EC-135 aircraft; the high-data-rate
receiver will remain at the Cowan Site. This test phase will be the first active field
demonstration of the system’s ability to acquire, handover, and point in a field environment
with real (rather than simulated) dynamic motion of the terminals. Phases IV and V will
again be ground-to-ground tests with both terminals at the Cowan Site. During this five-
month test series, which begins in November 1979, the terminals will be upgraded to their
final field operational condition. In particular, the operation of the completely integrated
airborne transmitter will be verified, and the control electronics will be tested.

The final Phase of the series is the formal airborne flight test and demonstration. The
complete high-data-rate transmitter will be integrated into an EC-135 and, beginning in
July 1980, a four-month series of tests will be conducted to fully characterize the dynamic
performance of the LASERCOM system. Characteristics of particular interest will be the
open-loop and cooperative acquisition and tracking functions, the two-way communication
and ranging functions, and the system’s dynamic boresight stability. In addition to the
system characteristics, path propagation effects will be observed and analyzed. By the end
of Phase VI, the ability of the LASERCOM system to successfully communicate in a “real
world” environment will have been demonstrated.



LASERCOM SYSTEM CHARACTERISTICS

Any operational LASERCOM system would be configured to satisfy the requirements of
the user, but the currently designed and developed components and packages are the future
system building blocks. The basic configuration of these packages and that used for the
airborne demonstrations is a high-data-rate (one gigabit-per-second) transmitter which
includes a command and control receiver (21 kilobits per second), a high-data-rate receiver
which includes a command and control transmitter, the low-data-rate (100 bits per second)
wide-area-coverage multiple-access receiver, and a low-data-rate transmitter. These four
basic packages will be discussed in this section.

The high-data-rate transmitter has a five microradian beamwidth through a 20 centimeter
diameter optical telescope. From synchronous orbit, this results in an 0.1 mile diameter
spot on the earth. This small area of illumination makes all communications over this link
extremely private.

The high-data-rate receiver consists of a 62 centimeter diameter optical telescope (to
collect a portion of the transmitted energy) and high speed detectors and receiver
electronics (to resolve the time delay and polarization of the incoming data stream). In this
manner, the two bits of information contained in each pulse are resolved. The field of view
of the receiver telescope is 100 microradians, which requires an earth-based jamming
source to be within a two mile diameter spot on the earth to jam the high-data-rate uplink
from a ground or airborne platform to a synchronous satellite. Another potential jamming
threat is shown in Figure 2. In this case, the orbital kinematics are such that jamming
would only be intermittent. A jammer could rendezvous with either the transmitter or
receiver, but would be required to have precision pointing, tracking and stability equivalent
to the LASERCOM system to be an effective jammer and would be clearly a one-for-one
trade-off.

The command and control transmitter serves as the beacon laser for the closed-loop
acquisition and tracking function of the LASERCOM system. This laser is a less than one
watt Q-switched Nd:YAG system that generates 3000 pulses per second of 1.064 micron
wavelength light. The modulation scheme, known as pulse interval modulation, varies the
time position of each pulse relative to the previous pulse into one of 128 distinct time
intervals or bins. This then uniquely designates a 7-bit word by each pulse and provides 21
kilobits per second from the 3000 pulse-per-second laser. Pulse interval modulation allows
discrimination between nonsignal photoelectrons (jamming, background, or internal) and
authorized data streams. This temporal discrimination is achieved by optical pulse gating
techniques that are uniquely applicable to the short-pulse low-duty-cycle modulation
formats (Ross, et al (2)).



The command and control receiver is an integral part of the high-data-rate transmitter
package and serves as the receiver for the beacon laser. This receiver package collects the
beacon energy incident on the 20 centimeter high-data-rate transmitter telescope and
focuses it on a quadrant-array of avalanche photodiodes. This quadrant-array serves not
only as the command and control receiver but also as the acquisition and tracking detector
assembly. Fine pointing is achieved through the use of torque motor bean steering mirrors
mounted at critical locations in the optical path. The inner loop of the tracking system has
a 300 Hertz response which allows the system to track to less than one microradian peak
to peak.

The low-data-rate (100 bit per second) transmitter and wide-area-coverage multiple-access
receiver are designed to provide transmission from airborne platforms through 2.5
centimeter optics to a 31 centimeter receiver telescope. The receiver telescope directs the
incoming signals onto a focal plane array of avalanche photodiodes. Current designs call
for a 10 by 10 element array with associated electronics to process up to 15 simultaneous
signals per element giving not only the 100 bit-per-second message but also the
geographical location of the signal source to within the accuracy of selected grid coverage
(See Figure 3). The transmitter consists of a 5 watt Q-switched Nd:YAG laser providing
10 pulses per second of 1.064 micrometer wavelength light. The modulation scheme is
again pulse interval modulation but with 1024 time intervals and thus providing 10 bits of
information per pulse and yielding 100 bits per second from a 10 pulse-per-second laser.

The weights, power requirements, and optical telescope diameters of the typical packages
are shown in Table I. These characteristics are based on current hardware design and
actual components that have operated in the laboratory. Projections of weight, power, and
size reductions based on future improvements have not been made, nor have prototype
systems been built except for the high-data-rate transmitter engineering feasibility model.
The synergistic effect of placing a high-data-rate transmitter and receiver together on a
satellite for relay purposes should be to reduce both the weight and power for the
transceiver to less than the additive weight and power of individual transmitters and
receivers. These reductions would be possible because of shared components and
functions.

The effects of a nuclear detonation are of interest for some applications. The attenuation of
a communication signal by the charged particles generated by a high altitude nuclear
detonation (electromagnetic blackout) decreases as the communication frequency increases
and is negligible at optical wavelength. The electromagnetic pulse from a nuclear
detonation can be coupled into a radio frequency system via the antenna, but an optical
telescope for a laser communication system can be shielded against the electromagnetic
pulse by a wire mesh that is transparent at optical wavelengths. The direct radiation from a
nuclear detonation does contain some energy in the optical wavelengths, but the use of



narrow bandwidth optical filters (25 angstroms) greatly reduces the energy that reaches the
detectors. For example, a 20 megaton detonation at sea level within the field-of-view of
the high-data-rate receiver would only deliver 0.44 milliwatts of 0.532 micrometer
wavelength radiation at synchronous orbit. The damage threshold for the detectors is 3.9
milliwatts at 0.532 micrometers, thus providing a safety margin for this case of 8.7.

TABLE I.  LASERCOM SIZE, WEIGHT AND POWER
BASED ON CURRENT DESIGN

Weight Power Antenna
Package Functions  Lbs    Watts Dia., Cm.

Space

HDR XMTR. 1 Gbps; 21 Kbps Laser Rcvr; Ranging 300 300 20
HDR RCVR. 1 Gbps; 21 Kbps Laser Xmtr; Ranging 250 250 62
LDR RCVR. 100 bps Multiple Access Rcvr   55   60 31

Aircraft

HDR XMTR. 1 Gbps; 21 Kbps Laser Rcvr; Ranging 230 550 20
HDR RCVR. 1 Gbps; 21 Kbps Laser Xmtr; Ranging 245 500 62
LDR XMTR. 100 bps Open-Loop Report Back   50 360 2.5

Ground

HDR RCVR. 1 Gbps; 21 Kbps Laser Xmtr; Ranging 2000* 1500 62

HDR = High Data Rate 1 Gbps or Submultiples
LDR = Low Data Rate
*Self-Sufficient Trailer is 7000 Lbs

Although the current LASERCOM system is designed for one gigabit-per-second, lower or
higher data rates may be incorporated into the design as the requirements dictate. The one
gigabit per second is not an upper limit on data rate. Though optical multiplexing a 4
gigabit-per-second system is achievable with today’s technology, and if the need existed, a
2 gigabit-per-second modulator could be developed over the next two years, thus
providing an 8 gigabit-per-second system in the 1981 time frame.



POTENTIAL LASERCOM APPLICATIONS

The potential applications of laser communications systems are virtually unlimited, but
those currently being considered by the Air Force Program Office are primarily military in
nature. Table II lists the inherent characteristics of the LASERCOM system and some of
the potential applications. Three specific classes of applications (low data rate,
intermediate data rate, and high data rate) will be addressed here.

TABLE II.  LASERCOM INHERENT CHARACTERISTICS AND POTENTIAL
APPLICATIONS

The low-data-rate transmitter and wide-area-coverage multiple-access receiver have direct
applications to the report-back function when periodic one-way communication is required
from a bomber force, cruise missile carriers, or even cruise missiles to an airborne
command post via satellite relay. The system currently in design would allow a 5000 by
5000 kilometer region to be covered by a 10 by 10 element array as shown in Figure 3.
Each element could process up to 15 simultaneous signals and would have a field-of-view
of approximately 500 by 500 kilometers. The total processing capacity would be 1500
simultaneous report-back messages.

LASERCOM is a viable option along with SHF or EHF for future strategic report-back
applications because of the light weight (50-100 pounds), small optics (2-5 cemtimeters),
and low power requirement (360 watts) for the aircraft terminals. The low-data-rate
package also has application as the method of call-up for the high-data-rate system that
could be used on a time sharing basis. While the high-data-rate receiver is receiving traffic
from one source, another user within the large field of view of the wide-area-coverage
receiver could send a 100 bit-per-second message requesting to transmit some high-data-
rate traffic. Within a predetermined priority, the high-data-rate receivers would swing over
to the calling platform and use the multiple-access receiver position information and
transmitted data to perform the initial acquisition and tracking. In laboratory simulation of 



40,000 kilometer links, the average acquisition time between high-data-rate users has been
6 seconds.

The intermediate data rate system has application to many aircraft-to-aircraft links via a
satellite-relay. The current designs do not include a stand-alone two-way 18 - 21
kilobitper-second system, but the technology is available. This type of laser
communications link would be very effective for beyond line-of-sight communication
between two airborne platforms and has distinct advantages over radio frequency
communications in a nuclear environment. Studies that are currently underway through the
Air Force Program Office will help identify which airborne links could be satisfied by laser
communications in future operational systems.

The high-data-rate system has very clear applications to intersatellite links where various
sources of traffic can be received, combined, and relayed in a common data stream. At
each receiver node the data could be reprocessed as necessary for further dissemination.
For example, the data could be transmitted earthward via a laser communications downlink
or, after carrier frequency conversion, via a radio frequency signal. The final processing or
use of the data at its ultimate destination would, of course, be dependent upon the user’s
application.

SUMMARY AND CONCLUSION

Although it may be somewhat revolutionary in concept, laser communication has
nonetheless evolved in a steady manner since the early 1970’s. Even though systems have
not yet been fully field tested, the technology developments to date have been most
noteworthy in many areas. The forthcoming LASERCOM field tests and demonstrations
should provide that final level of confidence necessary prior to the development and
acquisition of operational systems. Laser communications technology has reached its
maturity, but further advancements may be expected as system requirements continue to be
defined and refined. This paper has addressed a broad range of applications of laser
communications systems; however, this is not intended to suggest that a laser vs radio
frequency would always favor the laser systems. Rather, we may anticipate that laser
systems will be merged into appropriate areas of the total communications community,
expanding our total communications capability.
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Optical communication systems have the capability to transmit very high data rates
(1-Gbps) over long distances. One primary reason is the narrow beamwidths achievable
with optical antennas having diameters of less than 30 cm. This paper discusses how the
Gaussian beam patterns of the laser sources are modified as they are transmitted through
physically realizable optical antennas. Measurements taken on an optical antenna
developed for spaceborne operation are presented and compared with theoretical
predictions. Optical receiver antennas are also discussed stressing the differences between
direct and heterodyne detection. Finally, consideration is given to the privacy and jamming
resistance of optical communication systems using these small optical antennas.

INTRODUCTION

Communications in the optical portion of the spectrum have become a reality with the
development of the laser as a source of coherent radiation. However, to fully utilize lasers
in open-beam communication systems (as opposed to fiber-optic systems), it has been
necessary to develop optical systems to shape, direct, and collect the laser radiation. These
“optical antennas” function in a manner similar to rf antennas, but there are some basic
differences, primarily due to the Gaussian amplitude distribution of laser sources and the
much shorter optical wavelengths involved. It is the purpose of this paper to discuss the
theoretical and practical design of both transmitting and receiving optical antennas, present
some actual performance data, and finally to point out the system privacy and anti-
jamming characteristics provided by optical antennas.

TRANSMITTERS

The primary function of the transmitter antenna is to shape and direct the optical radiation
from the laser source. The measure of the effectiveness of the antenna is the intensity of
radiation available in the center of the far-field radiation pattern. Quantitatively the
effectiveness can be expressed by the antenna gain given in generalized format by



(1)

where:
G = antenna gain
S = solid angle of the radiation pattern.

A high gain indicates that the radiation pattern is a small fraction of the full spherical solid
angle of 4B steradians. The more familiar gain representation is given by

(2)

where
A = area of the antenna
8 = wavelength

Since the optical wavelengths are typically a factor of 10-4 smaller than the millimeter
wavelengths, the gain of an optical antenna will be approximately 80 dB higher than the
gain of a millimeter wave antenna with the same area.

The laser source in its normal operating mode emits a highly directional, narrow beam of
optical radiation, and for some applications an optical antenna is not even required.
However, the beam diameters emitted by lasers suitable for optical communications are on
the order of a few millimeters resulting in radiation patterns having angular beam widths
on the order of a few milliradians. Therefore, to realize the full communication potential of
the optical wavelengths, the laser beam size must be expanded and the radiation pattern
narrowed with the use of an optical antenna. In accomplishing this beam expansion, there
are trade-offs to be made and optimizations to be performed. Some of these trade-offs and
optimizations will be discussed in the following paragraphs to provide a basis for
evaluating the real performance of an actual transmitting optical antenna.

The radial intensity distribution of the optical radiation pattern as it leaves the laser is
circularly symmetric and is given by

                                                (3)

where
I(r) = intensity as a function of radial coordinate
P = total power emitted
ro = the point where the intensity is l/e 2 of the intensity at the center of the

beam.



Equation (3) is the Gaussian distribution generated by the TEMBB mode, the lowest order
mode of the laser. As the laser beam propagates to the far field, the angular beam width is
given by

(4)

where
" = full angular beamwidth to the 1/e2 intensity points
8 = wavelength.

Since the far-field angular distribution of radiation is the Fourier transform of the amplitude
distribution at the source, the far-field angular distribution of the radiation pattern emitted
directly from the laser is also Gaussian and is given by

(5)

where

R = range from the source.

This expression normalized for unity intensity at 2 = 0 is plotted in Figure 1. Note that
there are so sidelobes, and the intensity falls off monotonically. The angular beamwidth as
defined by width at the 1/e2 points is given by equation 4, where the values for wavelength
and the laser beam radius, ro, have been chosen as 532 nm (green light) and 1 mm
respectively, resulting in a full angular beamwidth of 0.34 milliradians.

This angular beamwidth can be significantly reduced by expanding the 2-mm diameter
with an optical antenna. However, when this is done, the far-field intensity distribution of
the laser beam itself will be modified by the diffraction effects due to the finite size of the
optical antenna. The diffraction effects could be made negligible if the diameter of the
optical antenna were made at least three times larger than the desired laser beam size.
Since the size and weight of the optical antenna is an important consideration in any
system design, there exists a trade-off between minimizing the diffraction effects while
also minimizing the size of the optical antenna.

To make this trade-off, we first consider the expression for the intensity of the far-field
pattern of a Gaussian beam passing through a circular aperture such as a finite sized lens
given by



* Equation 6 will reduce to the form of Equation 5 if the upper limit in the integration is infinity
through the use of the Hankel transform.

(6)

where
k = 2 B/ 8
a = radius of the circular aperture,
Jo( ) = Bessel function of zero order
ra = 1/e2 point of the Gaussian beam in the plane of the aperture

and the integration is taken in the plane of the circular aperture. This expression is plotted
in Figure 2 for values of a = 9.5 cm and ra equal to 8.7 cm. The intensity values have been
normalized to unity for the case where a is infinitely large.* Note the presence of sidelobes
or diffraction rings. The width of the center portion of the pattern is not appreciably
different from the width of the undiffracted pattern having an 1/e2 diameter of 17.4 cm.
However, the intensity at the center of far-field pattern is significantly less than that for the
undiffracted case because some of the power has been diffracted into the sidelobes.

In most practical applications the size of the circular aperture or optical antenna is limited
by the system considerations. To minimize the effects of diffraction, the intensity of the
center of the far field pattern should be maximized for a fixed value of a. The parameter to
vary is ra, the radius of the laser beam at the surface of the optical antenna. This is
accomplished by differentiating equation 6 with respect to ra for a value of 2 = 0 and
setting the resulting expression equal to zero. Solving the equation gives the following
expression
for ra as function of “a”

(7)

The solution to the transcendental equation 7 is given by a value of ra = .892a. Thus to
maximize the intensity at the center of the far-field pattern, the 1/e2 diameter of the laser
source should be expanded to a value of .892 of the diameter of the optical antenna. The
value of the intensity in this case is 51 percent of (or approximately 3 dB less than) the
intensity of the same size laser beam passing through a very much larger aperture. If it
were possible to use a larger antenna (approximately 3 times larger), the 3 dB loss could



be recovered for the same sized laser beam. However, if the antenna were three times
larger, the intensity could be increased by a factor of nine or 9.5 dB by expanding the size
of the laser beam to .892 of the larger antenna diameter. In that case the angular beam
width would be narrower by a factor of three. The inevitable conclusion is that the use of
an optical antenna will result in a diffraction loss of at least 3 dB compared to an
undiffracted laser source approximately the same size as the optical antenna.

The expansion of a Gaussian laser beam requires an equivalent focal length for the optical
antenna given by

(8)

where
ra = radius of the 1/e2 point of the expanded beam
ro = radius of the 1/e2 point of the waist of the laser source.

For ro equal to 1 mm, ra equal to 8.0 cm and a wavelength of 532 nm, the required
equivalent focal length is 4.7 x 104 cm. A simple lens having this focal length would be
impractical because the extremely large focal length would require the laser source to be
positioned too far away from the optical antenna. However, an effective focal length of this
magnitude can be achieved by using two techniques. The first is illustrated in Figure 3, and
relies on the principle of optical magnification. The effective focal length for this case is
given by

(9)

where the magnification given by                              . In choosing the actual values

of f2 and f1, the major consideration is to keep the cone angle of radiation as small as
practical to minimize the effect of optical aberrations. In optical terms, the F# , given by
the ratio of the focal length to the diameter, should be at least 10 for each optical element.
A practical choice for the case being considered is to make f2 equal to 200 cm ad f1 equal
to 2.5 cm. This results in an effective focal length of 4.7 x 104 cm being realized in a
physical length of approximately 203 cm. The second technique, which reduces the 200
cm dimension, is to use a Cassegrain type system illustrated in Figure 4. Here the large
refractive element is replaced by two reflective elements, but the 200 cm focal length can
be achieved in a physical length on the order of 15 to 20 cm depending on the curvatures
of the two reflective elements.



However achieving the small physical length does result in a penalty in the intensity of the
far-field radiation pattern. The far-field radiation pattern for a Cassegrain type system is
given by

(10)

where
a = radius of the large primary mirror
b = radius of the small secondary mirror

This expression is very similar to equation 6 with the lower integration limit of b instead
of 0. The secondary mirror has the effect of blocking the center of the transmitted beam.
Figure 5 is a plot of the resulting Cassegrain far-field intensity pattern normalized to the
case where the primary aperture radius, a, is infinite and the secondary radius, b, is zero.
Note that the intensity at the center of the pattern is lower than that of Figure 2 and that the
first sidelobe starts at a smaller angle. In this case more of the total radiated power has
been diffracted into the sidelobes.

The optimization procedure for finding a value of ra, the expanded laser beam radius, is
similar to that for the unobstructed aperture. The resulting transcendental equation is

(11)

which is solved for a value of ra = .95a for a representative case of a/b = 4. The value of
the intensity at the center of the optimized Cassegrain far-field pattern is 0.80 times that
for the optimized unobstructed aperture having the same radius. Therefore, in a typical
case the penalty paid for significantly reducing the physical distance between the optical
antenna and the laser source is only 1 dB.

Up to this point, the optical quality of the optical antenna has been assumed to be perfect.
This means that the path difference between any two portions of the beam passing through
the optical antenna is zero or at least a negligble fraction of the wavelength. Since the
optical wavelengths are on the order of 1 µm or less, assuming a negligible path difference
is not realistic. however, optical antennas can be manufactured such that an rms path
difference over the entire surface is less than 8/10. For rms path differences of this order,
the reduction in far-field intensity due to the wavefront error can be expressed by



(12)

where
, is the rms wavefront error expressed infractions of a wavelength.

For ,= 8/10, the far-field intensity is reduced by a factor of 0.67 or 1 .7dB.

To summarize this discussion of transmitting optical antennas, equation 1 can now be
modified to account for the actual radiation pattern emitted by a representative optical
antenna. For the Cassegrain type optical antenna, with a primary of a and a secondary
radius of b, the antenna gain is given by

(13)

For antenna diameters on the order of 20 cm, theoretical antenna gains of 115 to 120 dB
can be achieved. When wavefront errors are considered, the actual antenna gains differ by
only about 2 dB from theoretical. Thus, optical antennas are able to provide extremely high
gains, or narrow radiation patterns, with relatively small antenna sizes.

HARDWARE IMPLEMENTATION OF OPTICAL ANTENNAS

The most sophisticated hardware implementation of optical antennas for laser
communications has occurred within the Air Force 405B space laser communication
hardware development program over the past six years.

The engineering feasibility phase of this program produced a compact package of optics,
laser, and modulator which demonstrated the ability to transmit encoded data over an
optical link at a rate of one gigabit per second.

The prime transmitting antenna for this equipment was a state-of-the-art 19 cm diameter,
all beryllium, Cassegrain telescope which interfaced with the high precision pointing and
tracking optical unit of the equipment.

The telescope was designed to provide scaling (i.e., passive focus stability over a limited
temperature range of ± 5EC. The optics, produced by the Applied Optics Division of the
Perkin Elmer Corporation, tested to a value of 8/16 rms over the full aperture at 633 nm.
The total telescope, shown in the photo in Figure 6 weighed approximately 2 Kg, and
survived environmental testing with no measurable degradation.



With further definition of the ultimate space system requirements it was determined that
the telescope could not be fully protected from direct solar illumination at all times.
Therefore, asymmetrical scaling of both the barrel and the mirrors would occur, to the
significant detriment of the quality of the transmitted wavefront.

After extensive trade studies were performed, a decision was made to construct, for the
then space flight test system, a fully insulated lightweight telescope from Invar with
CER-VIT mirrors. This unit, through the extremely low coefficient of expansion properties
of the selected materials, will maintain the required focus stability by reducing thermally
induced mechanical changes to negligible levels.

The telescope, also of 19 cm aperture, is shown in outline form in Figure 7, and will be
delivered in the Fall of 1978. This unit, which has been designed to extremely stringent
environmental specifications, is expected to perform at 8/40 rms or better, and despite
being constructed from high density materials, will weigh only approximately 8 kg. The
mirrors which have already been fabricated perform together with a total wavefront
deviation of 8/20 peak to peak (~8/60 rms).

Both of these units are designed in an optically compact Cassegrain configuration with a
216 cm focal length, 19 cm primary diameter and a secondary to primary diameter ratio of
0.22. This, combined with spider support blockage, results in a total area observation of
only 5%. The theoretical antenna gain for an obscured Gaussian beam of this blockage
ratio has been described previously, and the practical implementation of precision optical
antennas through careful design and construction has been shown to very closely
approximate this theoretical goal.

RECEIVERS

Receiving optical antennas serve to collect the radiation reaching the antenna surface and
focus it onto an optical detector. The requirements for receiving optical antennas can be
significantly different depending on whether the communication system employs direct
detection or heterodyne detection techniques. Direct detection can be used in optical
communications systems operating in the visible or near infrared portion of the spectrum
because the available detectors such as photomultiplier tubes provide almost noiseless
gain. The resulting electronic signal is sufficiently above the thermal noise of the detector
itself so that the system sensitivity can approach the quantum noise limit. Heterodyne
detection is required for communication systems operating in the mid and far infrared such
as those using CO2 lasers. Here the available detectors do not provide noiseless gain, and
the system sensitivity would be limited by the detector noise unless heterodyne techniques
are used.



The requirements for the receiving antenna in a direct detection system are far less
stringent than for a heterodyne detection system. The antenna only has to focus the
collected radiation onto the detector surface. It does not have to maintain any coherence
properties of the radiation, and the size of the focussed spot needs only be small enough to
fit within the sensitive area of the detector. This permits the use of a receiver antenna
having far less optical quality than that required for a transmitter antenna. There is no
requirement to maintain a small path difference between any two portions of the beam.
Therefore, the thickness and consequently the weight and cost of the receiving antenna can
be significantly lower than for a transmitter antenna of the same diameter.
The field of view of a direct detection system is given by

(14)

where
2 = full angular field of view
d = diameter of the sensitive portion of the detector
f = effective focal length of the receiving antenna.

The field of view is not limited by the radiation pattern and can thus be as large as the
system sensitivity to background radiation allows. The larger the field of view, the less
accurately the receiver antenna must be pointed toward the transmitter. The angular
pointing error between the receiving antenna and the transmitter must be almost as large as
2/2 before the gain of the receiving antenna drops below that given by equation 2.

In an optical heterodyne detection system, the heterodyning takes place at the detector
surface. The local oscillator is a laser whose wavelength is shifted slightly from that of the
transmitting laser. To obtain an IF beat signal, the wavefront of the received radiation
pattern must be parallel to the wavefront of the local oscillator within an angle such that
the path difference between the two wavefronts is a small fraction of a wavelength. This
places two restrictions on the receiving antenna. First, the receiving antenna must be of
sufficient optical quality to preserve the spatial coherence of the received radiation. This
requires the optical quality of the receiving antenna in a heterodyne detection system to be
every bit as good as that of the transmitting antenna. Second, the receiving antenna must
be accurately pointed toward the transmitter. Figure 8 shows the normalized heterodyne
signal level for an optimized system as a function of the normalized angular pointing error
of the receiving antenna. A normalized angular pointing error of 1 is equal to 8/D where D
is the diameter of the receiving antenna. For an optimized heterodyne system, a normalized
pointing error of 1 also corresponds to the center of the focussed point being at the edge of
the detector. Note that the heterodyne signal level, or the effective antenna gain, drops
with any pointing error and is 10 dB lower for an angular pointing error of 8/D. In a direct 



detection system the antenna gain remains at its full value until just before the angular
pointing error causes the center of the focussed spot to move to the edge of the detector.

When the receiver for an optical communication system is located within the atmosphere,
there is a limitation on the maximum size of the antenna diameter for a heterodyne receiver
and a limitation on the minimum size of the antenna diameter for a direct detection
receiver. Atmospheric turbulence causes the laser radiation pattern to break up into hot
spots and holes, and the full spatial coherence properties of the beam are lost. The size of
the portions of the beam that retain spatial coherence is a function of wavelength, path
length through the atmosphere, the strength of the turbulence, and the angle of the
transmission path with respect to the horizontal plane. For a link from a synchronous
satellite to a receiver in the southern United States the typical coherence diameters are
approximately 30 cm for the 10.6-µm wavelength of the CO2 laser and less than 5 cm for
the visible wavelengths. Since heterodyne detection is dependent on the coherence
properties of the received beam, the diameter of a 10.6- µm heterodyne receiver antenna is
limited to approximately 30 cm. A larger diameter antenna would not give a higher
effective gain. Since direct detection is not dependent on the coherence properties of the
received beam, the diameter of a 0.53- µm direct detection receiver must be several times
larger than 5 cm so that the higher energies contained in the hot spots and lower energies
contained in the holes are averaged out. However, the antenna gain will continue to
increase as the antenna diameter is increased.

SECURITY CONSIDERATIONS

The very narrow angular beamwidths of the transmitted optical radiation patterns make
interception of signal exceedingly difficult. Consider the far field pattern of the Cassegrain
transmitting antenna of Figure 5. The full angular beamwidth of the center of the pattern is
7.2 microradians. For a transmitter in a synchronous satellite and the receiver on earth as
shown in Figure 9, the center of the pattern has a diameter of .16 miles on the earth. The
third sidelobe is down by almost 10-4 or 40 dB. The fourth sidelobe (not shown) is down
by 60 dB. At 18 microradians from the center of the pattern (or at a distance of 0.4 miles
from the receiver), an antenna diameter more than 1000 times larger would be required to
intercept the signal. Since a 4-foot diameter antenna can adequately be used to detect a
0.53 µm beam carrying a 1-Gbps data rate, intercepting this signal with another receiver a
mile away from the main receiver would be virtually impossible.

The very narrow angular fields of view of the optical receiving antennas make jamming the
receiver very difficult. Consider the scenario shown in Figure 10. The transmitter is on
earth and the receiver with a 100-microradian field of view in a synchronous satellite
40,000 km away. The plot shows the ratio of the required power for a jamming source
having the same transmitted beamwidth as the communication source. If the jamming



source is also on earth and 10 km away, the required jamming power would exceed 104

times the communication power. Since about 200 mW of average power is required from a
Nd:YAG laser, operating at 0.53-µm, to complete a 1-Gbps communication link over this
distance, a jammer located 10 km away would require more than 2000 W of average
power. No Nd:YAG laser with this average power capability exists. If the jammer were
located in a satellite at a range of only 400 km away from the receiver, but was positioned
such that its distance from the line of sight between the communication transmitter and
receiver was more than 1 km, the required average jamming power would still be 104 times
that of the communication laser having the same beamwidth. Therefore, jamming an
optical communication system is also a very difficult task.

CONCLUSION

Optical antennas are able to realize very much higher gains than rf antennas of similar size
because the optical wavelengths are many orders of magnitude shorter. The resulting
narrow angular beamwidths of the transmitted radiation patterns and narrow angular fields
of view  of the receivers do require that optical antennas be pointed very accurately, but
also allow optical communication systems to be highly resistant to being intercepted or
jammed.
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Figure 1.  Gaussian For Field Angular Distribution
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Abstract

Optical communication in the atmosphere, space, the marine boundary layer, and
underwater are being investigated for a variety of applications. Three classes of optical
communications systems will be addressed: OCULT (Optical Communications Using
Laser Transceivers), ELOS (Extended Line-of-Sight) optical communications and satellite
to subsurface optical communications. OCULT is a 10.6µ high rate reciprocal tracking
heterodyne laser communications system designed for nearly all-weather duplex video
bandwidth communications to horizon limited ranges. Of special interest are effects of
coherent propagation through fogs and turbulence. The ELOS system is a 1.06µ optical
aerosol scatter communications system for ranges of 30 to 300 miles. Scattering
measurement at 40 to 80 miles through the marine boundary layer will be presented. The
satellite to subsurface communication efforts deal with blue/green transmission from a
satellite, through the atmosphere (including clouds) to a submerged receiver, exploiting the
blue/green “window” in ocean water. The multiple forward scattered and diffusion
transport of serm-plane waves through clouds and ocean waters will be discussed.

Introduction

The use of optical frequencies for communication applications is being pursued in a
wide variety of propagation channels in the atmosphere, space, the marine boundary layer
and underwater. Three classes of optical communications systems will be addressed:
OCULT (Optical Communications Using Laser Transceivers), ELOS (Extended Line-of-
Sight) optical communications, and satellite to subsurface optical communications. These
three classes of optical communications systems represent distinctly different approaches
utilizing totally different technologies (from coherent 10.6µ technology, to blue/green
technology) addressing distinctly different requirements.

OCULT is a 10.6µ high rate reciprocal tracking heterodyne laser communications
system designed for nearly all-weather duplex video bandwidth communications to horizon
limited ranges. This system has evolved beyond the laboratory and was tested at sea



between two ships late in 1976.(1) During this test the following was demonstrated: full
automatic tracking and acquisition in a full spectrum of ships motion; transmission of one
video, four 20 kHz analog, and one 20 kb/s digital channels both ways simultaneously; and
the capability of automatic high precision station-keeping (relative bearing of ±0.05E,
range ±5 yds). Of special interest, however, are effects of coherent propagation through
fogs and turbulence. In this system application, high channel availability and high data rate
are the most critical system requirements.

The ELOS system is a low data rate system operating in the near infrared (1.06µ)
utilizing atmospheric scatter in the marine boundary layer for communications ranges of 30
to 300 miles. Here the driving requirement is an over-the-horizon communications
capability without use of a relay.

The satellite to subsurface communication efforts deal with blue/green transmission
from a satellite, through the atmosphere (including clouds) to a submerged receiver,
exploiting the blue/green “window” in ocean water. This very low data rate system
exploits one of the two alternate windows in the electromagnetic spectrum, the other being
extremely low frequency Electromagnetic radiation. Due to space considerations only a
summary of the results of the investigations to date will be presented and these will be
limited primarily to propagation issues.

OCULT

An experiment was performed in which the propagation effects of a seabased
environment upon a reciprocally tracking 10.6µ optical heterodyne communications link
were studied. While the OCULT system was designed as a wideband communications
system, it proved to be a uniquely valuable experimental tool for optical propagation
investigations.

 The objective of this four month experiment was to investigate the propagation of
coherent 10.6µ radiation through the marine boundary layer, including turbulence, haze
and fog.(2) The experiment was divided into three measurement phases as follows:

- Clear air turbulence

- determine wavefront angle of arrival and amplitude fluctuation behavior(3,4)

- determine improvement in average carrier-to-noise ratio (CNR) with high rate
reciprocal tracking (to 200 Hz)(5)



- Variation of CNR with optical thickness (J) in fog

- determine effects of particle size distribution, small J, etc.
- determine improvement in CNR with high-rate reciprocal tracking
- correlation of CNR with meteorological visibility

S Off-axis behavior in both clear air and fog

- determine angular brightness function in turbulent and turbid atmospheres (i.e.,
coherence diameter)

- determine effects of receiver variable field-of-view
- investigate possible doppler spectrum spreading vs. angle of arrival and
- off-axis radiance available for collection vs. J.

The propagation path chosen was an 18.2 km link across San Diego Bay (Figure 1).
Continuous recordings of temperature, relative humidity, visibility, wind speed, wind
direction, and particle-size concentration were taken at the Point Loma terminal (MET
Station 1 in Figure 1) of the OCULT propagation link, which is designated as the primary
OCULT transceiver. This terminal is 24 m above sea level and is approximately 18 m from
the edge of the bay on a small cliff. Surface pressure was recorded at the NOSC
atmospheric remote sensing facility located 3.7 km north of the Point Loma terminal.

Figure 1. Instrumentation of 18.2 km
OCULT propagation path.



The height of the sensors is 33 m above mean sea level. Moderate to strong
orographically induced mechanical turbulence can be expected at the Point Loma site from
winds over the cliff and the peninsula. The meteorological measurements must therefore be
considered as point measurements and do not necessarily represent the conditions along
the entire OCULT propagation link. For this reason, and in order to establish some
measure of the homogeneity of path properties, meteorological data were obtained from
existing Naval Weather Service facilities at the Naval Air Station North Island (NASNI)
(MET Station 2), and at the Naval Air Station Imperial Beach (NASIB) (Met Station 3).
The latter is approximately 1 km inland from the other optical transceiver site. Neither of
the latter two sites had the capability to measure particle-size concentration.

Moderate to strong turbulence can be expected at times at both ends of the path. At the
Imperial Beach end, the sand and asphalt provide a heat sink to produce considerable
warming of the air in contact with the ground. At the Point Loma end, the presence of the
cliff produces localized mechanical turbulence.

A much simplified block diagram of the OCULT system receiver is given in Figure 2.
The incoming beam goes through a calibrated manual pointing system, the fine angle (x
and y galvanometer) optical tracking system, and the 22:1 zoom lens to the nutator. The
nutator, which operates at 2 kHz, serves to move the beam over the surface of the detector
in a circular pattern, permitting an angle of arrival error-voltage signal to be derived. From
the nutator the beam goes through the beam splitter, where it is combined with the local
oscillator to impinge on the PbSnTe detector mixer. The received electrical signal is then
amplified and filtered at the IF frequency. The diode detector output yields the amplitude,
and the phase-lock loop yields the frequency of the incoming signal. Both have a 10 kHz
bandwidth. The AGC (automatic gain control) circuit has a frequency response between
zero and 10 Hz with a roll-off of ~3 dB per octave above 10 Hz.

For the purposes of this experiment, the signals available for recording were as follows
(the letters correspond to those shown on Figure 2):

a. Detector Output (IF) – measurement of CNR.

b. Fast AM port: Proportional to the high-frequency (10 Hz to 10 kHz) portion. of the
amplitude of the received signal fluctuations.

c. Fast FM port: Proportional to the frequency of the received signal, averaged over
the detector surface.



Figure 2.  Simplified block diagram for optical heterodyne receiver.

d. Position-error ports: Proportional to the fine-angle tracking errors in x and y. (If the
tracker is not engaged, this yields the angle of arrival of the wavefront to the limit of
the receiver field-of-view.)

e. Slow AM port: Proportional to the low-frequency (zero to 10 Hz) portion of the
amplitude of the received signal.

f. Galvanometer position ports: Proportional to the x and y position of the fine-angle
tracking optics. (When the trackers are engaged, this yields the angle of arrival over
an even larger range.)

The fast and slow AM ports, the galvanometer position ports, and the position-error
ports were the primary measurement points used for this experiment. The slow AM (AGC)
port was recorded on a strip chart recorder. The other three ports were fed into an audio
power spectrum analyzer with oscilloscope display and were recorded on Polaroid film.

Due to space restrictions the results of the experiment will only be summarized:

- The concept of the dominance of the coherent, direct beam in propagating through a
turbid media over an 18.2 km path has been demonstrated for a limited set of
conditions. This demonstrates that 10.6µ coherent propagation through a particulate
scattering media is limited only by extinction.



- The largest attenuation measured through fog/haze was ~7 dB across the 18.2 km
path with a visibility of < 1.6 km.

- High rate reciprocal pointing and tracking between two coherent optical
transceivers has been shown to be important in improving the average signal levels
for propagation through the marine boundary layer and reducing fluctuations. This is
true for fog and haze as well as clear paths. Improvements in CNR of up to 20 dB
were seen for clear air turbulence and up to 10 dB for fogs.

- The angular brightness function has been measured for propagation through the
marine boundary layer. Agreement with the theoretical angular brightness function
derived from the mutual coherence function was obtained. This yielded a coherence
length for the incident wavefront which was limited only by the receiver aperture
(variable up to 3 cm). This also supported the above result.

- Measurements of the power frequency spectrum of the received wavefront tilt were
made over both clear and haze paths, and limited correlation with wind velocities
was obtained.

- Based upon the scintillation levels recorded in the experiment, the turbulence levels
over the path were not significantly altered by the presence of haze.

- Observed scintillation levels based upon angle of arrival fluctuations measured in
the horizontal and vertical directions show that asymmetric turbulence conditions
exist and correlated well with wind direction.

It has been demonstrated that the OCULT system is a capable means of effecting
attenuations, scintillation, angular brightness function, and angle-of-arrival spectrum
measurements of coherent propagation for correlation with the meteorological
characteristics of marine environments.

ELOS

While OCULT addresses the very critical requirement of wideband, nearly all-weather
communication, the range limitation of the horizon severely limits some applications. The
ELOS (Extended Line-of-Sight) optical communications system utilizes optical aerosol
scatter in the marine boundary layer to provide over-the-horizon ranges of 30 to 300
miles.(6) A detailed, comprehensive analysis of ELOS propagation has been completed
addressing the following:(7) relative contributions from single and multiple scattering (as a
function of range), wavelength dependence, vertical exponential decrease in aerosol
concentration with altitude, effects of refraction, multipath time spread, etc. A plot of



theoretically predicted communications range versus meteorological visibility for various
wind velocities is given in Figure 3. Nominal systems parameters are indicated on the plot.
A typical condition of visibility 20 km, wind velocity 5 m/s, and relative humidity of 80%
indicates a voice communications range of 148 km (2400 BPS), and a teletype range of
187 km (75 BPS).

Figure 3.  Communication’s range as a function
of meteorological visibility using

the single scatter model.

To verify the propagation model, the characteristics of the scattering channel must be
measured. The following describes a summary of experimental results from two over-the-
horizon propagation links.(8) The path loss (received power divided by transmitted power)
was measured at 5145 D with a 1-watt CW argon laser and at 1.06 microns and 5320 D
with a pulsed frequency doubled Q-switched Nd:YAG laser. In the latter, both
wavelengths traversed identical propagation paths and were detected by a bi-wavelength
receiver.

The initial scattering channel selected was a 40 mile path with almost all of it over the
ocean. The transmitter was at NOSC in Point Loma. The receiver was on the beach at the 



Marine Base at Camp Pendleton. The geometric horizon was 25 miles from the transmitter
for the CW experiments, and was 1 2 miles for the pulsed.

The experimental results for the 40 mile link can be summarized as follows:

- For visibilities greater than ~10 miles, the path loss was nominally -100 dB
- Apparent angular source size was very small (<0.25E)
- When atmospheric ducting occurred, approximately 100 times more optical energy

was received and severe scintillations were observed (> 10 dB)
- Without ducting, almost no amplitude fluctuations were observed (<10%) due to

scattering volume aperture averaging
- Path loss at 1.06µ was ~20 dB less than at 0.53µ
- The single scatter model appears to be in better agreement with the experimental

data than the multiply scatter model, though this is not conclusive
- No evidence of pulse dispersion of the 20 ns pulse was observed at either 1.06µ or

0.53µ
- No enhancement of received signal with increased elevation angle was observed
- Electrical signal to noise ratios >90 dB have been measured at 1.06µ (day)
- The scattered beam is very sharply peaked in the forward direction (nominally

-20 dB at 10 mrad off-axis in azimuth) and falls off more rapidly in azimuth than
elevation.(9, 10,11)

Pulsed measurements at a range of 80 miles from NOSC to San Clemente Island at
1.06µ have also been made with the following results:

- Apparent angular source size was ~1E
- Significant pulse stretching was not observed
- Electrical signal to noise ratios of 35 dB were measured
- Signals fell off more slowly with angle at 80 miles than at 40 miles in both azimuth

and elevation
- Single scatter theory appears to hold.

Satellite to Subsurface Optical Communications

It has long been recognized that the so-called “blue-green window” for optical
propagation through sea water offers a potential for direct communications between
satellites and submerged receivers at significant depths.(12) This recognition has spurred
continuing efforts to develop a technology base in blue-green propagation and devices.
Recently, this technology base was used to evaluate the feasibility of a satellite-to-
subsurface optical communication system.(13) In this study effort, it was assumed that a
laser transmitter would be spaceborne and would broadcast to a large area of the ocean.



Note Figure 4. However, this study made it imminently clear that there were still major
deficiencies in the blue-green technology base. In particular, in order to reduce the
technical risk for such a system to satisfactory levels, the device technology would have to
produce significantly better optical filters for solar background rejection and much more
efficient lasers; and the propagation technology would have to resolve major uncertainties
in the transmission of pulsed energy through clouds and the uncertainties in the values of
ocean optical transmission properties. Given that these problems could be resolved, a
highly important communication capability could be realized.

Figure 4.  Satellite to subsurface optical
communications geometry.

 The transport of optical energy through clouds, the air-sea interface, and underwater
provides the channel for satellite to subsurface optical communications links. (14,15) This
multiple optical scatter channel is simplified by assuming semi-infinite plane-wave
illumination; i.e., the spots on the ocean are large, many miles in diameter. While good,
experimentally verified models exist for subsurface propagation, cloud propagation models
are not so well in hand. One reason for this is the nature of the propagation medium itself.
For sea water the albedo of single scattering ranges between typical values of 0.25 and
0.6. This results in significant absorption of multiple scattered rays that propagate extra
path lengths. This results in an exponential irradiance dependence with depth that is
approximately given by only the absorption coefficient. The small correction being due to
the additional path length the rays travel when multiply scattered and is albedo dependent.
Likewise, multipath time spread is generally negligible due to absorption of long path rays.



On the other hand multiple scattering within a cloud is generally characterized by an
albedo very close to one: almost no absorption occurs in the clouds. Energy is merely
redistributed with losses observed at a receiver being attributed to light leaking out of the
clouds. Since these multiple scattering effects are highly geometry dependent, the case of
concern is primarily that of semi-plane wave illumination of cloud tops – where the spot
size is much greater than the cloud thickness. This case is one in which we have a great
deal of natural experience, as it relates to solar transmission through clouds. Clearly even
when optically thick clouds are present in the intervening path the solar irradiance
reduction seldom exceeds 20 dB. In general, however, the characterization of the
propagation effects of pulsed blue/green beams in a satellite-to-subsurface communications
channel will be in terms of the time dependent radiance measured at a distance below the
scattering medium. Therefore, to fully understand the degradation of clouds in this channel,
more needs to be known than just irradiance transmission. Thus the technical uncertainties
in clouds are primarily propagation “theory” related, whereas uncertainties in the water are
due to a lack of quantification of parameters of the water mass, (e.g., absorption
coefficient, scattering coefficient, mean square scattering angle, variations with depth,
etc.).

Of particular interest in characterizing the channel degradation effects of clouds are the
following:

- Characterization of total optical transmission and spatial spreading for finite beam
diameters

- Characterization of the propagation transition regimes: direct beam to multiple
forward scatter to diffusive multiple scatter

- Multipath time spread and geometrical time delays
- Effects of inhomogeneous clouds and nonuniform boundaries
- Characterization of side losses in clouds of finite lateral extent
- Effects of Rayleigh scattering above the clouds: i.e., blue sky contributions
- Angle of incidence behavior (very geometry dependent)
- Characterization of angular spreading of the energy exiting the cloud (e.g., this will

effect the air-sea interface coupling, etc.)

It is fortunate that many of these channel degradation effects can be measured using
solar illumination for the prime geometry of interest. The sun provides a reasonable
approximately to a point source (0.5E) and a good approximation to a semi-infinite plane-
wave. This enables one to measure most amplitude related propagation effects simply;
e.g., total transmission, angle of incidence behavior, etc. It is the temporal and spreading
behavior of the blue/ green beam exiting the cloud that is the most difficult to characterize.



Optimum communication system performance depends upon the amount and form of
the received signal. For example, a small number of photons confined to a relatively short
time span is much more desirable under background-limited operation than if the same
amount of light is spread over a larger time interval. Thus, because of the severe
degradation incurred by an optical beam traversing a particulate random medium, the
quantification of multipath time spread, angular, and spatial spread is of primary
importance towards the realization of satellite-to-subsurface optical communications.

Currently, there are several analytical and Monte Carlo based treatments which discuss
all or part of this subject in some detail.(16,17) Unfortunately, the amount of experimental
work in this area is not so extensive.(18)

NOSC has obtained the first quantitative experimental verification and developed a
general analytical model for the region of moderate to high fog density.(19,20) Good
agreement was found between experiment and theory.

Experimental field sites were established for propagation measurements on either a
0.96 km or a 2.4 km path length. The equipment was assembled and the techniques
developed to obtain the following measurements in coastal fog using a frequency doubled
Nd:YAG laser and two receivers (a narrow FOV and variable FOV receiver):

- Propagation path loss and time spread as a function of field of view (half angle):
2<FOV <16E

- Simultaneous integrated optical thickness of the propagation path
- Angular brightness function of the apparent scattering source.

The first measurements through fog have identified three distinct regions for energy
transport. Note Figure 5.

I.  Small number of scattering lengths in the path (O < J < 13). Here, the direct,
unscattered beam dominates with exponential path loss decay of 4.34 dB/J and no
temporal or angular spreading.

II.  Medium number of scattering lengths (13 <J < 32). Multiple scattering is strongly
peaked in the forward direction. This energy exhibits small spatial, angular, and temporal
spreading and is the main contributor to the received signal. This component also decays
exponentially but at a much slower rate of 2 dB/J. Pulse dispersion is less than 150 ns and
the energy is confined to within 2E.



Figure 5.  The three regions of energy transport.

III.  Very large number of scattering lengths (J > 32). The direct and forward scatter
beam has decayed to the point where the diffusion type multiple scattered radiation is the
dominant energy received. This component does not decay exponentially but results in a
large spatial, angular, and temporal spreading. This accounts for the good solar irradiance
transmission through clouds.

Clearly many technical uncertainties remain in the quantification of the channel
characteristics for a satellite-to-subsurface optical communications link. These are
presently being addressed.
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ABSTRACT

Optical pulsing of a laser beam provides a convenient manner for transmitting digital
information, and such procedures have led to well-accepted classes of pulse amplitude and
pulse position modulation formats. However the excessive pulse dispersion and
background light bursts that characterize several optical channels severly limit
performance and achievable data rates. One procedure for combating these effects is to
encode data over a multiple of pulse frames, and decode sequences of pulses rather than
each pulse individually. In the paper pulse to pulse encoding and decoding of an optical
beam is examined, considering both photodector gain effects and receiver thermal noise.
Theoretical performance results are presented, and the relation between this type of
decoding and “tree searching” is developed.

INTRODUCTION

Since laser pulse repetition rates are limited, information rates in optical links are often
achieved by resorting to pulse encoding. One popular technique is to use pulse position
modulation (PPM), in which the laser pulse is shifted into one of a set of possible pulse
locations for data transmission. Each possible pulse position corresponds to a different
data word, and PPM therefore corresponds to a block encoding scheme in which each
laser pulse corresponds to a data word. Decoding is achieved at the receiver by detecting
which of the possible PPM signaling intervals contains the laser light pulse. A basic
disadvantage of optical block encoding is that high levels of background radiation, or
bursts of background light due to scintillation or light flashes, will severely degrade the
decoding operation. This means data words sent during the noise burst will most likely be
decoded incorrected and the corresponding information is irretrievably lost. An alternative
approach that may be considered is to encode the data over sequences of laser pulses,
allowing use of subsequent pulse transmissions to possibly correct previous pulse
decisions. In this paper we examine the advantages and disadvantages of this approach,
and generalize the concept by casting the procedure into a framework of “tree searching.”
This renders previous theoretical results directly applicable to the optical communication
channel.



The standard PPM system is shown in Figure 1a. The transmitter encodes each block of
source bits (binary word) into a light pulse placed in one of M pulse positions within a
time frame of T sec, as shown in Figure 1b. The pulses have duration J determined by the
laser pulse width, channel bandwidth, and transmission dispersion. The frame time T is
assumed to be fixed by the laser pulse repetition rate. Hence, the system is constrained to
M = T/J intervals per frame, and an information rate of

(1)

Each properly delayed pulse is sent over the optical channel and we assume that the
intensity of the received field is a replica of the intensity modulating signal. In addition to
the signal power, however, the receiving system also collects background radiation, which
is processed along with the signal and degrades the overall system performance.

The direct detection receiver implements photodetection of the focused optical field.
During photodetection the field intensity is converted to an electron count intensity and we
assume that the detected count intensity of the released electrons is the received field
intensity. In the following 8s and 8b will indicate the electron count intensity at the receiver
due to the signal and the background noise, respectively.

Assuming multimode detection, the number of released electrons over each J length slot is
a Poisson distributed random variable (r. v.) with mean value Kb × 8b J or Ks + Kb × 8s J +
8b J, depending on the absence or the presence of the optical pulse in the slot under
consideration. If we do not consider the delay introduced by the photodetector, the
photodetected output current process is a Poisson impulses process and represents the
physical input of the decoder.

It has been shown [1] that the MAP decoder structure for the M-ary PPM consists in an
integration of the photodected field over each possible pulse position in the T length
interval and a comparison for the largest. In a discrete equivalent counting model, this
corresponds simply to counting the Poisson-distributed electrons over each interval and
compare for the largest.

The word error probability PWE can be derived in exact form and depends on each of the
three parameters Ks, Kb M by

PWE = Pos (Ks, Kb, M) (2)

where Pos (Ks,Kb,M) is the probability that a Poisson random variable with signal count
energy Ks+Kb does not exceed M-1 independent Poisson random variables with count
energy Kb. This computation has been digitally computed and the results previously



reported [1, Ch. 8]. The effect of the circuit noise following photodetection is to add a
Gaussian process to the photodetected current process. In this case a counting model is
still applicable, but the number of the counted electrons must be allowed to be non-integer.
The results can also be extended to include avalanche photodetector statistics as well [2].
In order to introduce the pulse to pulse encoding scheme let us now modify the above
described system by allowing that the transmission of each frame waveform is repeated N
times, where N>1. This signalling scheme is referred to as N-redundant M-ary PPM.

The decoder now operates by summing the N counts corresponding to each pulse position
and comparing for the largest in order to decide in which slot the optical pulse has being
transmitted. Due to the fact that the sum of N independent Poisson distributed random
variables is still a Poisson distributed variable whose parameter is the sum of the N single
parameters, the word error probability is now

PWE = Pos (NKs, NKb, M) (3)

Since the ratio of signal to noise counts remain fixed while the signal count energy
increases, it can be shown that the PWE must decrease. A plot of (3) as a function of N is
shown in Figure 2 for a particular set of system parameters. The improvement in PWE
performance as N is increased is obvious, due to the increasing signal energy being used in
the decoding. However the information rate of the N-redundant PPM system is now

(4)

and the rate is reduced directly with increasing N. Hence the price paid for the
performance improvement is a loss in information rate. By modifying the manner in which
the data is encoded on to N frames however it is possible to reduce the information loss
without sacrificing significant performance. This will be discussed in the next section.

PULSE TO PULSE TREE ENCODING

The N-redundant M-ary PPM described in the previous section is a simple example of a
more general tree-encoding scheme. If we envision the PPM frame in Figure 1b rotated to
a vertical axis, and each of the N frames placed likewise in sequence, we generate the
diagram in Figure 3. Placing an optical pulse in one interval in each frame defines a path
through the N frame “tree”, as shown. The N-redundant PPM scheme uses parallel paths
through the same interval in each frame. Hence only M paths are used over the N frames,
and the information rate is severely degraded as shown. However by extending the
procedure for placing paths in trees, the information rate can sometimes be increased at a
relatively slight penalty in bit error probability.



In terms of the tree diagram, encoding corresponds to converting each data sequence of
Nlog2M bits into a particular path. Decoding corresponds to decoding which of the
possible paths has been received. This receiver decision is made by storing the electron
count (i.e., the integrated photodetected field voltage) over each interval J, and summing
the counts over the intervals of each path. A path is selected by determining which path
has the highest total count after N frames. It is evident that an incorrect path may have a
higher interval count in one frame, but the correct path may still produce the higher total
count. In this case the correct path is decoded, which corrects the error that would have
been made in the incorrect frame if individual frame decisions (i. e., standard PPM) had
been used. Hence pulse to pulse encoding has the inherent capability of correcting burst
errors that would have occurred in the standard PPM system, thereby improving the error
rate. Furthermore this capability is achieved with a relatively simple modification of the
standard PPM receiver. The detected interval counts over a given frame need only be
summed with the previous sum count for each path and stored until the next frame, until N
frames have been processed, at which time a path count comparison is made. The
improvement in performance therefore suggests allowing more paths to be used over a
given number of frames N. This increases the achievable data rate over the N-redundant
scheme. For example, if L paths, L>M, are used in an N frame tree the information rate
increases to

(5)

It is obvious that L should be as large as possible. That is, we should encode as many
paths onto the tree as possible. However it is also obvious from Figure 3 that if L>M paths
are used, overlap must occur (i.e., two paths must pass through the same interval in at least
one frame). Thus in collecting the total path counts, and comparing, the frames over which
a pair of paths use the same interval do not contribute to the eventual count comparison
between the two paths (that is, they add equal count values to each sum). The ability to
distinguish between two paths therefore depends on the number of frames using different
intervals. If we define

d  = maximum number of frames in which any two
paths use different intervals

D(d)  = number of paths with value d (6)

then the word error probability in decoding between L paths (the probability of erring in
decoding log2L data bits) is given approximately by

PE – [D(d) - 1] Pos (dKs, dKb, 2) (7)

Since D(d) decreases with d, it is clear that performance improves as d increases.



That is, as the paths are “separated” more over the N intervals. However d depends in a
rather complicated way on the choice of the number of paths L, the number of frames used
N, and the frame size M. Unfortunately, no simple relation exists among these parameters,
although several bounds are available [3]. In Figure 2 some results are shown, obtained by
using the Gilbert lower bound for linear codes and the Plotkin bound. The first yields a
sufficient condition on d for the constructability of a (N, logML) M-ary linear code, while
the second gives a necessary condition on d for the existence of a code CM(N,L,d). The
lower bounds on PWE have been determined by evaluating the pairwise error probability
between a (supposed transmitted) path and an other (candidate) path having distance d (the
Gilbert bound and the Plotkin bound give in general different values of d). The upper
bound has been evaluated by assuming that the number of paths having distance d+j,
j=0,...,N-1 from the transmitted path is the maximum allowable and by applying them the
union bound. The dashed curve represents the asymptotic performance of the system (i.e.,
when N is large) and has been evaluated as performance of the N-redundant L-ary scheme.
The corresponding reduction in information rate associated with the encoded results of
Figure 2 is shown in Figure 4. For fixed L, d6N as N is increased, and the system
approaches N-redundant L-ary results of the previous section. Similarly, for N = 1, PWE is
the standard L-ary PPM result if L#M, but PWE approaches (L-M)/L-M+1 if L>M. In the
intermediate ranges of N PWE will be slightly higher than the values predicted by
N-redundant analysis.

Present study at USC is devoted to the task of finding optimal procedures for selecting
paths in N frame trees so as to find the most efficient trade-off of performance and
information rate.

Figure 1a



Figure 1b



Figure 3

Figure 4
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ABSTRACT

The Space Shuttle will initially be using a field sequential color television system but it
is possible that an NTSC color TV system may be used for future missions. In addition to
downlink color TV transmission via analog FM links, the Shuttle will use a high resolution
slow-scan monochrome system for uplink transmission of text and graphics information.
This paper discusses the characteristics of the Shuttle video systems, and evaluates
digitization and/or bandwidth compression techniques for the various links. The more
attrative techniques for the downlink video are based on a two-dimensional DPCM
encoder that utilizes temporal and spectral as well as the spatial correlation of the color TV
imagery. An appropriate technique for distortion-free coding of the uplink system utilizes
two-dimensional HCK codes.

INTRODUCTION

Developments in digital television coding techniques have established that significant
compression of digital television data can be achieved at moderate cost, while maintaining
extremely low distortion. This is done by exploiting the high degree of spatial, temporal,
and spectral correlation in black and white or color video data. Most coding algorithms
require substantial amounts of memory and high computational rates; however, with the
advent of high-speed digital logic, a high degree of signal processing is currently possible
at reasonable cost, size, weight, and power. New technology makes possible the
development of relatively sophisticated data compression systems which promise to bring
the digital transmission of television into the same bandwidth regime as analog.

The early Shuttle missions are scheduled to fly a refurbished Apollo color television
system. This system will use a black and white camera which is converted to field-
sequential color by the addition of a rotating color wheel. The bandpass of the camera is
approximately 4.5 MHz which would require a digital sampling rate of 9 Msps (minimum).
Assuming a minimum of 6 bits per sample, the system would require about 54 Mbps for



downlink data transmission if conventional PCM data were used. Should the Shuttle
Orbiter switch to a standard three-gun color television camera in the future, the digital
transmission rate requirements (using PCM) for an NTSC color TV system would be about
130 Mbps. The goal is to reduce the required data rates of the two systems by a factor of 5
to 10 while limiting spatial, spectral, and temporal distortion to levels acceptable to an
average viewer.

By taking advantage of the high degree of correlation in both the spatial and temporal
domains, the required bandwidth for digital transmission of the video data can be reduced
from that associated with PCM. A number of coding algorithms that exploit these
correlations have been developed in recent years. Efficient coding of the color television
signal requires use of sequential color fields in the field-sequential system to generate the
usual illuminance (Y) and the chromaticity (I, Q) components. This would involve on-
board preprocessing of the data and would result in additional weight and power above
that of other realtime television applications. In an NTSC color television system, the color
composite signal would have to be demodulated to generate Y, I, and Q components prior
to the application of a bandwidth compression method. However, demodulation of the
color composite signal could be avoided by modifying the camera to provide the Y, I, and
Q components directly.

In addition to downlink color television transmission, the Shuttle will utilize (on the
later flights) a high resolution slow-scan monochrome system for uplink transmission of
text and graphics information. The uplink system will utilize a 128 kbps channel.
Distortion-free coding of the high resolution imagery could be utilized to increase the
transmission capacity of the uplink system, although such coding is not currently planned.

BANDWIDTH COMPRESSION OF SHUTTLE VIDEO

Both NTSC and field-sequential color TV exhibit significant spectral, temporal, and
spatial correlation. An efficient bandwidth compression technique must utilize all three
types of correlations. However, this results in sophisticated bandwidth compression
algorithms with fairly large hardware complexity.

To reduce the hardware complexity we separate the problem of spatial bandwidth
compression from that of spectral/temporal bandwidth compression. This section discusses
possible techniques of utilizing spectral and temporal correlation of field-sequential and
NTSC color television signals.



TEMPORAL AND SPECTRAL REDUNDANCY REDUCTION OF FIELD
SEQUENTIAL COLOR TV

The salient feature of the field-sequential color TV signal is that the sequential fields
exhibit temporal as well as spectral correlation, and exploiting these correlations in
addition to spatial correlation is essential to obtaining efficient bandwidth compression.
Spectral correlation is best utilized by using red, green, and blue fields to generate the
illuminance (Y) and the chromaticity components (I, Q).

In field-sequential color TV, the sequential fields are composed of odd and even lines.
The odd red field exhibits spectral similarity with the odd blue and green fields. These
samples are separated, however, by a temporal distance of 4/60th of a second and this
causes some spectral decorrelation due to temporal motion. The Y, I, and Q signals formed
from all odd or even frames, which require storing a minimum of four fields, are
particularly susceptible to spectral decorrelation from rapid temporal motion. An alternate
procedure is to mix the odd and even fields in generating the illuminance and chromaticity
components. This requires storing only two fields. The mixing of odd and even fields
results in a smaller correlation among the spectral components but a large temporal
correlation, since the three fields used in generating Y, I, and Q are only 2/60th of a
second apart. This gives a larger or smaller compaction of energy in the illuminance signal
depending upon the comparative size of the spectral similarity and temporal motion. In this
study we chose a mixing of odd and even fields to generate the illuminance and
chromaticity components, mainly to reduce the memory requirements.

In addition to the mixing of even and odd fields, other modifications can be made to
reduce the memory requirements further. Although the Y, I, and Q signals used in United
States commercial television lead to the most efficient analog TV bandwidth compression;
European TV system uses a different set of chromaticity components (C1, C2) which are
useful alternatives for digital bandwidth compression applications. These are related to the
red, blue, and illuminance components as follows:

C1 = R-Y (1a)

C2 = B-Y (1b)

The attractive feature of these chromaticity components is that they can be generated
using only a single field of memory if the illuminance signal is directly available from the
camera. This presents two sets of alternatives that can be explored for design
simplifications. The first alternative is to replace the green filter in the color wheel by a
“colorless” filter to obtain the illuminance signal directly. The second alternative uses the
standard color wheel and substitutes the green for the illuminance signal. Then the



chromaticity components are obtained by subtracking the green from the red and blue
components. This approach is based on the fact that the green spectral component is very
similar to the illuminance component.

Using the green component instead of the illuminance, the transmission tristimulus
signals (Y, C1, C2) are:

Y = G (2a)

C1 = R-G (2b)

C2 = B-G (2c)

C1 and C2 possesses a much smaller bandwidth and smaller fraction of the signal energy
than the G component; therefore, they can be transmitted in a subsampled form utilizing a
smaller fraction of the available bit rate. A block diagram of the proposed system is shown
in Figure 1. The proposed system uses a 2:1 subsampling of C1 and C2 components and
employs a two-dimensional DPCM encoder for compressing the bandwidth of luminance
and chrominance signals.

SPECTRAL REDUNDANCY REDUCTION OF NTSC COLOR TV

In the analog transmission of I and Q signals, they are lowpass filtered and multiplexed
with the luminance signal. This technique is practical since human vision is very
insensitive to high frequency components of I and Q signals. Taking advantage of this
property, we also propose lowpass filtering of the I and Q signals. The passbands of these
filters are about one-fifth of the illuminance signals. Maintaining a spatial resolution of 512
samples per line gives a spatial resolution of about 100 samples per line for I and Q
signals. A further bandwidth compression can be achieved by alternating the transmission
of the I and Q signals with each line of luminance signal. The receiver then restores the
missing color component for each line by interpolating between the transmitted
components for the previous and future lines. The performance of such a system results in
no noticeable color degradation.

A block diagram of the proposed encoder is shown in Figure 2. The luminance signal is
sampled at a rate of 7.8 Mbps and transmitted during the active period of the line scan.
During the periods of blanking, flyback and the interval which is normally used for analog
transmission of the modulated color signal; we propose to transmit either I or Q signals
This arrangement gives sufficient time for transmission of 100 chrominance samples in the
nonactive interval. Both luminance and chrominance signals can use the same encoder.



SPATIAL REDUNDANCY REDUCTION OF A LUMINANCE AND THE
CHROMINANCE SIGNALS

The above processing of the field-sequential and NTSC video results in some reduction
in the bandwidth. This is achieved by subsampling the chromaticity signals. To achieve
additional bandwidth compression, the luminance and the chromaticity signals must be
encoded. Four candidate bandwidth compression techniques were evaluated and compared
for this application. These are:

1) Two dimensional DPCM encoder
2) Block-adaptive two-dimensional DPCM (single loop)
3) Block-adaptive two-dimensional DPCM (multi-loop)
4) Hybrid encoder using Hadamard transform with DPCM encoder.

The details of these techniques are discussed in Reference 2. The two adaptive DPCM
Systems have essentially identical performances. The performance of the hybrid encoder,
on the other hand, is almost the same as the performance of the nonadaptive DPCM
encoder. The difference in the performance of the adaptive and nonadaptive DPCM
encoder is fairly small at 3 bits per sample. AT 2 bits per sample, the difference is about
3 dB in signal-to-noise ratio and may be significant for some applications. On the other
hand, the complexity of the adaptive DPCM encoder is much greater than the complexity
of the nonadaptive DPCM encoder. For this reason and because the lighting will be well
controlled in the Shuttle, the nonadaptive DPCM encoder would be preferred over the
adaptive DPCM system. The hybrid encoder was rejected because it requires more than
twice the parts count of the nonadaptive DPCM encoder.

DISTORTION-FREE CODING OF UPLINK TV

Most documents and line drawings contain a large amount of white space. One
approach to their efficient coding is to skip the white space. A simple way of doing this
was suggested by de Coulon and Kunt and Horlander3,4. This technique has a performance
similar to that of run-length coding. The performance of this system as well as its hardware
complexity was evaluated for Shuttle application. For details of the analysis the readers are
referred to Reference 2. The highlights of the results are listed in Table 1.

SUMMARY AND CONCLUSIONS

Image bandwidth compression techniques are feasible for Shuttle television and we
have identified suitable bandwidth compression techniques for the uplink as well as two
downlink systems. The characteristics of these techniques are summarized in Table 1. The
performance of these techniques for the downlink systems was evaluated by using mean



square error and signal-to-noise ratio between the original and reconstructed compressed
imagery, subjective quality of single frames after bandwidth compression, and finally by
generating a video tape of 10 seconds of field-sequential color TV imagery before and
after bandwidth compression. These results showed that such techniques might be used to
achieve bandwidth compression for the Shuttle TV system, and maintain high fidelity in
the reconstructed compressed imagery.
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Figure 1.  Block Diagram of the Proposed Bandwidth Compression
Technique for Field-Sequential Color TV



Figure 2.  Block Diagram of Proposed Bandwidth Compression
System for NTSC Color TV

Table 1.  Characteristics of Recommended Bandwidth Compression Techniques

TV SYSTEM
ALGORITHM
DESCRIPTION

BANDWIDTH OF THE
COMPRESSED SIGNAL

(MEGABITS/SEC)

COMPRESSION
RATIO

POWER
(WATTS)

NO. OF
PAGES

FIELD-SEQUENTIAL
COLOR TV SYSTEM

G, R-G, AND B-G ARE
ENCODED USING
2D-DPCM

13.1 4.8 60+ 348+

G, R, B ARE
ENCODED USING
2D-DPCM

24 2.66 60+ 85+

NTSC COLOR
TV SYSTEM

Y, I, AND Q (I AND Q
SUBSAMPLED 5:1) ARE
ENCODED USING
2D-DPCM

28 6.7 30+ 100+

SLOW-SCAN
UPLINK
SYSTEM

CODING BY SHIPPING
WHITE 2D HCK CODE
IS USED

0.144 3 19* 102*

+ENCODER *DECODER
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SPACE SHUTTLE PAYLOAD COMMUNICATION LINKS

James C. Springett        Sergei Udalov

Summary – One mission of the Shuttle is to place payloads into Earth orbit or on
escape trajectories and to recover payloads from Earth orbit. In order to properly deploy
and retrieve such payloads, operational and diagnostic communications must take place
between the payloads and the Shuttle. The results of such communications, in the form of
tracking, commands, and telemetry, will be interpreted both aboard the Shuttle and on the
ground. To accommodate a diverse set of payloads for both NASA and DOD programs,
multimode avionic equipment dedicated to payload communications is being installed
aboard the Shuttle. This equipment, operating at RF and baseband and providing capability
for digital and analog signal forms, will furnish all required capabilities to communicate
with both attached and detached payloads.

Introduction – The Shuttle, also referred to as the Orbiter, is the major element of the
Space Transportation System (STS) and the key to future routine space operations. In
particular, the delivery/recovery of various payloads into/from the space environment is
easily effected by carrying them into Earth orbit within the Shuttle’s large cargo bay.

Beginning in the early 1980’s, nearly all spacecraft launched by the United States and
many vehicles transported to Earth orbit for other countries will utilize the Shuttle.
Generally, these payloads may be divided into two distinct classes: (1) those which will be
separated or become “detached” from the Orbiter and (2) those which will remain
“attached” to the Shuttle in the associative surroundings of the cargo bay. Many detached
payloads will be transported into geosynchronous or other Earth orbits or placed on deep
space trajectories by the Inertial Upper Stage (IUS). Certain detached payloads (known as
free-flyers) will simply operate away from the Orbiter in co-orbit, and some of these will
be subsequently recovered by the Shuttle for return to the ground.

Key among requirements for payload support are those to communicate between the
Orbiter and the payload(s). Generally, attached payloads will be serviced via hardwire
links while communications with detached payloads must use RF channels. To provide
such capability, a specific set of Shuttle avionic hardware is currently being developed by
NASA and industry. It is the purpose of this paper to outline the nature, characteristics,
and functional design of these avionic subsystems. In order to acquaint the reader with the 



*The IUS will be the usual launch vehicle; others, however, are not precluded.

entire Shuttle/payload communication system, the salient aspects of typical payload
communication requirements and subsystem organization are also discussed.

Payload Communication Requirements and Subsystems – Whether a payload be
attached or detached, a further distinction can be as to whether it is manned or unmanned.
For example, the Spacelab, insofar as the pressurized module is concerned, is manned, and
its communication requirements are already well established. Detached manned vehicles,
on the other hand, are only in the conceptual stages; as a result, their detailed requirements
are lacking. The avionic subsystems which will specifically serve manned payloads
(especially detached ones) are also less advanced in their development than those intended
for use with unmanned payloads. For these reasons, the major topics addressed by this
paper are concerned with the unmanned payload communication systems.

The two largest user agencies of the Shuttle as a payload launcher will be NASA and
DOD. Other users will be organizations such as COMSAT, private industry, and foreign
countries. NASA and DOD payload requirements and subsystem capabilities have
predominantly driven the design of the avionic subsystems (especially in terms of the
detached payload communication links). Thus, “standard” capabilities have evolved to
serve NASA and DOD. Nonstandard conditions have also been provided for, but with
generally less operational capability (especially aboard the Orbiter). With all of these
qualifications, the specific NASA and DOD unmanned payload requirements and
subsystems will now be reviewed.

A.  Communication Functions – The model for the ensuing discussion will be a
spacecraft that is to be launched on a new trajectory using the IUS.* The spacecraft is
mated to the IUS at all times, whether they be jointly attached to the Orbiter in its cargo
bay or detached in the near vicinity of the Orbiter (within a radial range of 10 nmi).

Prime requirements to communicate are dictated by the need to perform on-orbit
checkout of the IUS and its attached payload. Such checkouts are monitored and
controlled by both the Orbiter flight crew and ground control centers. Data to and from
(commands and telemetry, respectively) the payload may be generated and displayed
within the Shuttle forward cabin area or relayed to ground facilities, usually through the
Tracking and Data Relay Satellite System (TDRSS).

In the attached mode for the IUS/spacecraft, all communications are via hardwire links
connected through an umbilical with the IUS itself. A versatile signal set capability is
allowed for both commands and telemetry and, in most cases, it will be in “standard”
forms, which allows it to be fully processed by the avionic equipment. Command data may
be in the form of a baseband signal or the data can be modulated onto sinusoidal



subcarriers (see further discussion below). Likewise, “standard” telemetry data may be in
an NRZ or Manchester serial format or modulated onto subcarriers. All command bit rates
are standard, ranging from 7.8125 bps to 2000 bps in steps of 2, on a 16 kHz subcarrier.
Standard telemetry rates range from 250 bps to 256 kbps in steps of 2. When subcarriers
are employed, standard subcarrier frequencies of 1.024 MHz or 1.7 MHz are required. All
standard command and telemetry signals are processed by dedicated avionic subsystems
aboard the Orbiter, as detailed in a following section.

All nonstandard signals (i.e., those which cannot be fully processed by the avionic
equipment) are handled by the Orbiter in what is known as the “bentpipe” mode. As such,
the Orbiter avionic subsystems do not process the signals (i.e., demodulate, detect,
demultiplex, etc.) but rather act as “transparent” throughputs. Nonstandard command
signals are not allowed. Nonstandard telemetry signals/formats/waveforms, however, are
permitted with certain restrictions. The telemetry baseband through-put bandwidth is
limited to 4.5 MHz whether the telemetry be digital or analog in nature.

Detached payload communications involve RF links between the Orbiter and the
payloads. The payload flight transponder and associated telecommunication subsystems
are used for this purpose, just as they are in fulfilling the payload’s nominal mission. The
only significant difference is that the payload must have a signal (apart from its mission
modes, if different) that is Shuttle compatible. Data rates, subcarrier frequencies, etc., are
essentially the same as for the attached communications (with a few restrictions as
discussed in the next section).

Since there are a large number of possible payload transponder frequency assignments,
the Orbiter avionics must be capable of being programmed to all such frequencies. For the
detached situation, tracking capability is required in addition to the command and
telemetry functions. Command and telemetry signals are always in their standard
subcarrier formats, with the possible exception of some “bent-pipe” telemetry. Although
the IUS and its attached spacecraft may be separately communicated with via the RF links,
simultaneous IUS and spacecraft interrogation is not possible using the Orbiter avionics.

The remainder of this section deals with the typical NASA and DOD payload
communications systems. Both major operating parameters and a functional description of
the relevant subsystems are discussed. An understanding of these subsystems is necessary
for comprehension of the overall Orbiter/payload communication capability, as well as the
design and operation of the companion Orbiter avionic subsystems delineated in the next
section.



** Note: The Space Tracking and Data Network (STDN) is comprised of the two major sub-
networks, GSTDN and TDRSS.

B.  Payload Transponders – NASA and DOD payload transponders are generically
quite similar in terms of their funtions and architectures. NASA transponders are
standardized, with three mission-oriented types available—deep-space transponders [for
use with the Deep Space Network (DSN)], near-earth transponders [for use with the Space
Tracking and Data Network ground stations (GSTDN)], and TDRSS transponders (for use
with the TDRSS or GSTDN)**. DOD transponders interface with the USAF Satellite
Control Facility (SCF).

Conspicuous differences between NASA and DOD transponders are the forward link
frequency bands and transponding ratios. The NASA receive frequency range is S-band
(2025 MHz to 2120 MHz), while the DOD receive frequency range is L-band (1760 MHz
to 1840 MHz). The transmitter frequency is related to the receiver frequency by the ratio
of integers, called the coherency (or turn-around) ratio. Both the NASA and DOD
transmitter frequency ranges are S-band (2200 MHz to 2300 MHz). The corresponding
coherency ratios are, for NASA, 240/221 and for DOD, 256/205.

Figure 1 is a block diagram of the typical payload transponder. The forward link RF
input is preselected, filtered for the frequency and utilized (S-band for NASA and L-band
for IUS and DOD), and the input is then mixed down to the first IF. Further mixing
translates the first IF signal to the second IF, where the output from the second IF amplifier
is distributed to four phase detector/demodulator functions.

The carrier tracking loop functions to acquire and track the residual carrier component
of the input signal. A second-order tracking loop is employed. Frequency and phase
coherence are supplied from the VCO to the synthesizer/exciter where the coherent
reference frequencies are derived for the demodulation functions.

AGC is obtained through in-phase demodulation of the residual carrier. The AGC
voltage is filtered and applied to the first IF amplifier to control the gain of the receiver.
The AGC voltage is also filtered and compared with a threshold to determine whether the
carrier tracking loop is in or out of lock.

The command demodulator coherently recovers the command phase modulation from
the carrier. Spectral conditioning (in most cases limited to lowpass filtering) is usually
provided in the output to the command detector.

Most transponders also have a turnaround ranging capability; there is, however, no plan
to make use of such ranging capability with the payload/Shuttle link.



The synthesizer/exciter provides all reference frequencies to the transponder. A
reference oscillator supplies standard frequencies to the receiver synthesizer, and
coherence is provided by the receiver VCO. Synthesized frequencies are distributed to the
receiver mixers and phase detectors and to the transmitter phase modulator through a
frequency multiplier.

The phase modulator provides the means of modulating the return link-carrier with
telemetry and ranging signals. Its output drives the transmitter frequency multiplier,
producing the required modulated carrier signal in the S-band frequency range.

Finally, the power amplifier raises the modulated S-band transmitter signal to the level
required by the return link. For near-Earth spacecraft, the power levels may range from a
few hundred milliwatts to several watts, while deep-space vehicles employ power levels
on the order of 100 watts.

Typical transponder operating and performance parameters are indicated in Table 1.

C.  Command Detectors – Unlike the payload transponders, NASA and DOD
command detectors are quite dissimilar. The NASA command signal format is comprised
of a binary serial data bit stream which biphase modulates a subcarrier. Table 2 shows the
NASA command performance parameters, and Figure 2 is a diagram of the basic payload
command detector functions. The subcarrier demodulator functions to regulate the input
signal plus noise amplitude and to recover the command bits from the subcarrier. A data-
aided type suppressed subcarrier tracking loop is employed.

The bit synchronizer is of the digital-data transition tracking loop (DTTL) class and
provides accurate bit clock timing to the bit detector. Mechanized as an integrate-and-
dump matched filter, the bit detector serves to maximize the signal-to-noise ratio of the
noisy input and to make hard “1” and “0” decisions on the received bit stream. The
subcarrier demodulator and bit synchronizer also contain a lock detection function which is
used as a command decoder.

The DOD command data is ternary in nature: “1”, “0” or “S” symbols are transmitted
in an FSK manner, each having a discrete subcarrier frequency or tone. Data rate clock (at
one-half the symbol rate) in the form of a triangular signal is amplitude modulated onto the
tones. Table 3 lists the general performance parameters, and Figure 3 shows the DOD
payload command detector generic functions. The tone demodulator consists of three
bandpass filter/envelope detector channels, each centered on one of the symbol tones.
Level detection is made by lowpass filtering the demodulator outputs, sampling the LPFs
at the proper time, and making a maximum-likelihood decision as to which of the ternary
states is being received. Timing for the level detector is obtained by recovering the 1/2



symbol rate AM from the composite tones and detecting its zero crossings. In addition, the
amplitude of the AM signal is compared with a threshold to produce a squelch indication
which activates/deactivates the command output as a function of signal strength.

D.  Telemetry Modulation – For the payloads/Orbiter communication link, standard
digital telemetry is transmitted using PSK biphase modulated subcarriers. In addition,
DOD spacecraft-to-Orbiter telemetry may involve the transmission of analog signals in an
FM/FM format. Table 4 summarizes the telemetry modualtion parameters. All telemetry
modulation signals are input to the payload transponder where they are subsequently phase
modulated onto the return link carrier.

Nonstandard telemetry signals/formats may also be transmitted from the payload to the
Orbiter using the S-band return link. Such signals can phase modulate the return link
carrier subject to certain phase deviation and bandwidth restrictions. A major difference
between standard and nonstandard telemetry is that the latter is not specifically processed
or displayed within the Shuttle.

Shuttle Avionics Equipment Serving Payloads – Figure 4 portrays the major payload
communication subsystems, the pertinent Orbiter avionic subsystems, and their respective
interfaces. Solid lines indicate signal paths for attached payloads, and dashed lines are the
detached payload paths. (Note that the PI cannot communicate with the IUS and
Spacecraft simultaneously.)

The Shuttle avionics equipment serving attached and detached payloads can be
logically divided into two categories according to function: (1) Equipment used for
payload RF and baseband signal processing functions, and (2) Equipment used for payload
data handling functions. The functions performed by the equipment in the first category
include RF signal transmission and reception, carrier modulation/demodulation, subcarrier
modulation/demodulation, and data detection. Equipments in this category are: (a) Payload
Interrogator, (b) Payload Signal Processor, (c) Communication Interface Unit, and (d) Ku-
Band Signal Processor.

The functions of the equipment belonging to the second category encompass baseband
data multiplexing/demultiplexing and encryption/decryption. Major equipments in this
category are: (a) Payload Data Interleaver, (b) PCM Master Unit, (c) Network Signal
Processor, and (d) various DOD encryptor/decryptor units. (DOD encryption/decryption
will not be discussed in this paper.)

A.  Payload Interrogator – The function of the Payload Interrogator (PI) is to provide
the RF communication link between the Orbiter and detached payloads. For
communication with the NASA payloads, the PI operates in conjunction with the Payload



Signal Processor (PSP). During the DOD missions, the PI is interfaced with the
Communication Interface Unit (CIU). Nonstandard (bent-pipe) data received by the PI
from either NASA or DOD payloads is delivered to the KU-Band Processor, where it is
processed for transmission to the ground via the Shuttle/TDRSS link (see D. below).

Simultaneous RF transmission and reception is the primary mode of PI operation with
both NASA and DOD payloads. The Orbiter-to-payload link carries the commands, while
the payload-to-Orbiter link communicates the telemetry data. In addition to this duplex
operation, the PI provides the “transmit only” and “receive only” modes of communication
with some payloads.

Figure 5 shows the functional block diagram for the Payload Interrogator. The antenna
connects to an input/output RF port which is common to the receiver and the transmitter of
the PI unit. Because of a requirement to operate the PI simultaneously with the
Shuttle/ground S-band network transponder which radiates and receives on the same
frequency bands, a dual triplexer is employed. The S-band network transponder emits a
signal at either 2217.5 MHz or 2287.5 MHz; both frequencies thus fall directly into the PI
receive band of 2200 MHz to 2300 MHz. Conversely, the payload transmitter, operating
either in the 2025-2120 MHz (NASA) or in the 1764-1840 MHz DOD bands, can interfere
with uplink signal reception by the S-band network transponder receiver. Therefore, by use
of the triplexer and by simultaneously operating the PI and network transponder in the
mutually exclusive sub-bands, the interference problem is effectively eliminated.

When detached payloads are in the immediate vicinity of the Orbiter, excessive RF
power levels may impinge on the interrogator antenna. Thus, the RF preamplifier of the
receiver is protected by a combination of sensitivity control attenuators and a diode
breakdown limiter. The output of the preamplifier is applied to the first mixer where it is
converted to the first IF for amplification and level control. The first local oscillator
frequency, fLO1, is tunable and its frequency corresponds with the desired PI receive
channel frequency. Except for channel selection, however, fLO1 is fixed. Consequently, any
unspecified frequency difference between the received payload signal and fLO1 will appear
within the first IF amplifier and at the input to the second mixer.

The receiver frequency and phase tracking loop begins at the second mixer. As shown
in Figure 5, the output of the first IF amplifier is down-converted to the second IF as a
result of mixing with a variable second LO frequency, fLO2. The portion of the second IF
which involves only the carrier tracking function is narrowband, passing the received
signal residual carrier component and excluding the bulk of the sideband frequencies.
Demodulation to baseband of the second IF signal is accomplished by mixing with a
reference frequency, fR. The output of the tracking phase detector, after proper filtering, is
applied to the control terminals of a VCO which provides the second local oscillator



signal, thereby closing the tracking loop. Thus, when phase track is established, fLO2

follows frequency changes of the received payload signal.

For the purpose of frequency acquisition, the fLO2 may be swept over a ±50 kHz
uncertainty region. Sweep is terminated when the output of the coherent amplitude
detector (CAD) exceeds a preset threshold, indicating that the carrier tracking loop has
attained lock. The output of the CAD also provides the AGC to the first IF amplifier. To
accommodate payload-to-Orbiter received signal level changes due to range variation from
about a few feet to 10 nautical miles. 110 dB of AGC is provided in the first IFA.

A wideband phase detector is used to demodulate the telemetry signals from the carrier.
The output of this detector is filtered, envelope level controlled, and buffered for delivery
to the PSP, CIU, and Ku-Band Processor Units.

The PI receiver frequency synthesizer provides the tunable first LO frequency and the
corresponding exciter frequency to the transmitter synthesizer. It also delivers a reference
signal to the transmitter phase modulator. Baseband NASA or DOD command signals
modulate the phase of this reference signal, which is in turn supplied to the transmitter
synthesizer where it is upconverted to either the NASA or DOD transmit frequency and
applied to the power amplifier.

For transmitter efficiency optimization, separate NASA and DOD RF power amplifier
units are used. Depending on the operating band selected, transmitter output is applied to
either the high or low band triplexer. To compensate for varying distances to payloads,
each transmitter has three selectable output power levels. This provides for better control
of link operation.

B.  Payload Signal Processor – The Payload Signal Processor performs the following
functions: (1) it modulates NASA payload commands onto a 16 kHz sinusoidal subcarrier
and delivers the resultant signal to the PI and the attached payload umbilical, (2) it
demodulates the payload telemetry data from the 1.024 MHz subcarrier signal provided by
the PI, and (3) it performs bit and frame synchronization of demodulated telemetry data
and delivers this data and its clock to the Payload Data Interleaver (PDI).

The PSP also transmits status messages to the Orbiter’s general purpose computer
(GPC); the status messages allow the GPC to control and configure and PSP and validate
command messages prior to transmission.

The functional block diagram for the PSP is shown in Figure 6. The PSP configuration
and payload command data are input to the PSP via a bidirectional serial interface.
Transfer of data in either direction is initiated by discrete control signals. Data words 20



bits in length (16 information, 1 parity, 3 synchronization) are transferred across the
bidirectional interface at a burst rate of 1 Mbps, and the serial words received by the PSP
are applied to word validation logic which examines their structure. Failure of the
incoming message to pass a validation test results in a request for a repeat of the message
from the GPC.

Command data is further processed and validated as to content and the number of
command words. The function of the command buffers is to perform data rate conversion
from the 1 Mbps bursts to one of the selected standard command rates. (See Table 2.)
Command rate and format are specified through the configuration message control subunit.

From the message buffers, the command bits are fed via the idle pattern selector and
generator to the subcarrier biphase modulator. The idle pattern (which in many cases
consists of alternating “ones” and “zeros”) precedes the actual command word and is
usually also transmitted in lieu of command messages. Subcarrier modulation is biphase
NRZ only.

The 1.024 MHz telemetry subcarrier from the PI is applied to the PSK subcarrier
demodulator. Since the subcarrier is biphase modulated, a Costas type loop is used to lock
onto and track the subcarrier. The resulting demodulated bit stream is input to the bit
synchronizer subunit, where a DTTL bit synchronization loop provides timing to an
integrate-and-dump matched filter which optimally detects and reclocks the telemetry data.

From the frame synchronizer, the telemetry data with corrected frame sync words and
clock are fed to the PDI. The telemetry detection units also supply appropriate lock signals
to the Orbiter’s operational instrumentation equipment, thus acting to indicate the presence
of valid telemetry.

C.  Communication Interface Unit – The CIU, shown in Figure 7, is the DOD
equivalent of the NASA PSP. The major differences are that the CIU (1) handles ternary
commands in both baseband and FSK tone formats (2) accepts Orbiter crew-generated
commands, (3) permits a much larger range of standard telemetry data rates (see Table 4),
and (4) is capable of simultaneously handling two subcarrier frequencies.

Ground-generated commands may be received from either the Ku-Band Processor or
the NSP (through the computer/MDM interface). Received as a continuous binary data
stream at 128 kbps from the Ku-Band Processor and 1 Mbps bursts from the NSP, they
must be detected and buffered. The binary outputs of the buffers are either 4 kbps or
2 kbps, which, when converted to the ternary format, become symbol rates of 2 ksps and
1 ksps, respectively. Input to the binary-to-ternary converter consists of serial data plus 



* The lower frequency limit is 1 kHz for direct modulation (i.e., no subcarrier) of the payload
S-band transmitter, due to PI receiver carrier loop sideband component tracking in a bandwidth of
2 kHz about the carrier.

clock (two lines), and the output consists of the “S,” “0” and “1” symbols plus clock (four
lines).

Crew-generated commands are input through the command generator and verification
unit which outputs them in the proper ternary format. A priority selection switch
determines whether ground or Orbiter originated commands will be transmitted to the
payload. The FSK/AM generator encodes the ternary commands into the proper signal for
transmission to the payload. Three subcarrier tones of 65 kHz, 76 kHz, and 95 kHz
(corresponding respectively to the “S,” “0” and “1” symbols) are employed in a time-serial
manner. The command rate clock, at one-half of the symbol rate and in the form of a
triangular wave, is amplitude modulated onto the composite tone stream. Attached
payloads may receive either the ternary baseband or tone command signals from the CIU.

Figure 7 shows that there is one PI and four hardline telemetry inputs to the CIU. The
modulated subcarrier characteristics are indicated in Table 4. All subcarrier inputs are
routed through an input selector to the two PSK demodulators. These PSK demodulators
are similar to that used in the PSP. The FM discriminator, however, demodulates the
analog baseband signal from its 1.7 MHz subcarrier (see Table 4), which is in turn sent to
the Ku-Band Processor to be handled as “bent-pipe” telemetry. All demodulated/detected
and hardline telemetry is routed to the selector/multiplexer where it is partially
demultiplexed and sorted for reformatting to the PDI and where the command verification
data from the payload is extracted for the command generator and verification unit.

D.  Bent-Pipe Signal Handling – To accommodate payloads whose telemetry formats
are not compatible with standard data rates and subcarrier frequencies, “bent-pipe” modes
of operation are provided within the Shuttle’s avionic equipment. Several signal paths
acting as “transparent throughputs” are available for both digital and analog. Digital data
streams at rates higher than 64 kbps (which, therefore, cannot be handled by the PDI) may
directly enter the Ku-Band Signal Processor where they may be (1) QPSK modulated onto
an 8.5 MHz subcarrier, (2) QPSK modulated onto the Ku-band carrier (e.g., 50 Mbps
Spacelab data), or (3) frequency modulated onto the Ku-band carrier. Detection and
processing of all such data occur at ground stations.

Analog signals may take one of two paths. If they are in the form of a modulated
subcarrier and do not have significant frequency components above 2 MHz, they may be
hard-limited (i.e., a two-level or one-bit-quantized waveform produced) and treated as
“digital” signals by the 8.5 MHz subcarrier QPSK modulator. On the other hand, if the
analog signal is baseband in nature on the frequency range 0 Hz* to 4.5 MHz, it may be



** All parameters are for illustrative purposes and are based upon preliminary specifications and
initial design capability. They do not necessarily represent the operational Shuttle system
performance.

transmitted via the Ku-band link utilizing FM. Again, all processing is accomplished on the
ground.

Shuttle/Payload Communication Link Power Budget – A quantitative example** of
the Shuttle/ payload communication link performance is provided by Table 5. This table
shows the power budgets for the command (Orbiter-to-payload) link. As shown in Table 5,
relatively good margins are indicated for the Orbiter-to-payload command link operating in
both NASA and DOD modes. Note that these margins are available at the maximum
command rate of 2 kbps.

The antenna gain of 0 dB for the payload end of the link is conservative. This gain,
however, is typical of the wide angle antennas required for a near hemispherical coverage
characterizing the Shuttle/payload communication link.

Conclusions – When the Space Shuttle is used as a transportation vehicle to place/
retrieve various payloads into/from Earth orbit, communications are required between the
Shuttle and the payload to perform on-orbit checkout and to perform experiments. In order
to accommodate the prime functions of command and telemetry, a number of payload
dedicated Shuttle avionic systems are being developed. Able to communicate with
attached payloads via “hardlines” and with detached payloads over an S-band RF link, the
Shuttle hardware performs all of the necessary functions: carrier modulation/demodulation,
subcarrier modulation/demodulation, detection, data multiplexing/demultiplexing, and data
encryption/decryption. For most payloads, the data and signal formats must conform to the
avionic system “standards.” However, prevision is also made to handle nonstandard
signals via a “bent-pipe” channel. The results of all such communications are transmitted
and received between the Shuttle and the ground, and selected data are both generated and
displayed aboard the Shuttle.
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Table 1.  Typical Payload Transponder Characteristics

Item Parameter and Range

Receive Frequency Range
L-Band Frequency (DOD)
S-Band Frequency (NASA)

Transmitter Frequency Range
Tracking Loop Bandiwdth
Tracking Loop Order
AGC Dynamic Range
Command Channel Frequency Response
Ranging Channel Frequency Response
Noise Figure
Transmitter Phase Deviation
Transmitter Output Power

1760-1840 MHz
2025-2120 MHz
2200-2300 MHz
18, 60, 200, or 2000 Hz
Second
100 dB
1 kHz to 130 kHz
1 kHz to 1.2 MHz
5 dB to 8 dB
Up to 2.5 radians
200 mW to 5W*

*Up to 200 watts with external power amplifiers



Table 2.  NASA Command System Parameters

Subcarrier Frequency 16 kHz, sinewave

Bit Rates 2000÷ 2N bps, N= 0,1,2,...,8

Eb/N0 for Pe
b = 1x10-5 10.5 dB

Table 3.  DOD Command System Parameters

Signal Tone Frequencies 65 kHz, 76 kHz, 95 kHz

Symbol Rates 1000 or 2000 symbols/second

Eb/N0 for Pe
b = 1x10-5 -20 dB

Table 4.  Standard Payload Telemetry Modulation Characteristics

Parameter

Parameter/Range

PSK Modulation
Frequency
Modulation

Subcarrier Frequencies 1.024 MHz or 1.7* MHz 1.7* MHz

Bit Rates or
Modulation Response

256,*† 128,*† 64,* 32,* 16, 10
8, 4, 2, 1, 0.5,* 0.25* kbps

100 Hz to
200 kHz

Peak Deviation ±B/2 radians ±160 kHz

Output Bandwidth 400 kHz 500 kHz

* DOD only
† 1.7 MHz subcarrier only



Table 5.  Typical Orbiter-to-Payload Command Link Margin Calculation

Parameter

Nominal Value

NASA DOD

1) Interrogator Transmitter EIRP
(Ptx = 5 watts, Gtx, = +2.5 dB, LRF* = -6 dB)

+3.5 dBW +3.5 dBW

2) Space Loss at 10 nmi -124.2 dB
(2100 MHz)

-122.9 dB
(1800 MHz)

3) Payload Receiver Antenna Gain 0 dB 0 dB

4) Payload Receiver RF Losses -2 dB -2 dB

5) Total Received Power
(Sum 1 through 4)

-122.7 dBW -121.4 dBW

6) Noise Spectral Density, N0

(Noise Figure = 7 dB)
-197.0 dBW/Hz -197.0 dBW/Hz

7) Received Power/Noise Spectral Density
(Sum 5 and 6 )

+74.3 dB-Hz +75.6 dB-Hz

8) Modulation Loss ($ = 1.0 radian) -4.1 dB -4.1 dB**

9) Bit Rate Bandwidth (10 log 2 kbps) +33.0 dB-Hz +33.0 dB-bps

10) Required Eb/N0 for Bit Error Rate 10-5

(Including all implementation losses)
+11.6 dB +20.0 dB

11) Link Margin
(7 plus 8 minus 9 and 10)

+25.6 dB +18.5 dB

*LRF is the cable loss
**Modulation loss for DOD transmission may be greater due to lower value of $ = 0.3
(Modulation loss = -13.6 dB) which is employed for some applications. The link margin is
reduced accordingly.



Figure 1.  Typical Payload Transponder Diagram



Figure 2.  NASA Command Detector

Figure 3.  DOD Command Detector



Figure 4.  Payload/Orbiter Subsystems and Interfaces



Figure 5.  Payload Interrogator Functional Block Diagram



Figure 6.  NASA Payload Signal Processor Functional Block Diagram



Figure 7.  Communication Interface Unit for DOD Payloads
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ABSTRACT

An analytical simulation package has been developed by LinCom Corporation for
analytical verification of bit error rate and tracking services performance for both S- and
K-band Shuttle user service through the Tracking and Data Relay Satellite System
(TDRSS). The purpose of this effort was to provide a tool to assess overall system
performance as well as the sensitivity to key subsystem parameters and to ensure
compatibility of TDRSS and Shuttle transponder performance specifications. The
evaluation is based on analytical simulation, i.e., a combination of simulation techniques
and analytical performance evaluation. This allows the use of a more realistic signal format
than is possible with a purely analytical approach and maintains the advantage of short
computation time. The Shuttle forward and return link models and the main features of the
simulation are described. Sample results of the computer runs are provided for current
power budgets and system design parameters.

INTRODUCTION

LinCom Corporation has developed an analytical simulation package which allows the
analytical verification of data transmission performance through TDRSS satellites [1,2].
Development of this simulation package has required performing an analytical evaluation
of several key communication features of the TDRSS services in order to insure the
consistency of TDRSS and Shuttle user spacecraft transponder performance specifications.
Analytical models of the Shuttle transponder, TDRS, TDRSS ground terminal, and link
dynamics have been developed for the forward and return links.

Analytical simulation has been used as the basis for developing a computer simulation
model which defines the service performance capability of the TDRSS as a function of



specific subsystem characteristics. The model includes the dynamic effects of the TDRS/
ground terminal links and TDRS/Shuttle links. The analytical characterization includes all
factors which affect TDRSS services for representative operational conditions. This
includes (but is not limited to) the following: channel linear and nonlinear distortions
(AM/AM and AM/PM effects, TWT backoff, amplifier limiting), oscillator phase noise
sources, additive thermal noise sources, filtering effects in the TDRS and ground station,
demodulation and despreading losses for balanced and unbalanced QPSK signals, bit
synchronization effects, and convolutional coding performance. At present the program has
the capability of predicting the bit error rate performance for SSA and KSA forward links
and the return dedicated links. Both coherent and noncoherent turnaround
implementations, operating via the hybrid and cross-support tracking modes are available.
Phase noise equivalent models of the links have been developed and a separate software
package is available for use in predicting bit error rate degradations.

The analytical simulation program can be used for several purposes:

(1) To perform a detailed evaluation of several key communication features of the
Shuttle services in order to insure the consistency of TDRSS and Shuttle user
spacecraft transponder performance specifications.

(2) To verify that the TDRSS return link and tracking services are provided without
degradation for a Shuttle user with transmitted signal characteristics within the
Shuttle user constraints of NASA Specifications [3].

(3) To simulate the full range of permissible Shuttle spacecraft characteristics in order
to meet the TDRSS achievable data rate.

(4) As a verification tool of Shuttle spacecraft characteristics with TDRSS operational.

In order to fulfill these purposes the program must accurately model the true signal format,
filtering, nonlinear channel effects and any other parameter affecting data transmission or
tracking performance. Input and output must be in terms of parameters relevant to the
design engineer. In the following we will discuss the model used for the signal and the
transmission path, the analytical approach used and finally give some results obtained
using the program.

LINK MODEL

The TDRSS system accomodates a wide range of data rates and formats. This flexibility
must be reflected in the link model making it too complex for a detailed presentation. The
essential elements of a typical TDRSS link are shown in Fig. 1. The upper path represents
the forward (ground-to-Shuttle) link. The signal source generates a BPSK signal with
certain distortions due to imperfect hardware. This is symbolized in Fig. 1 by the distortion
vector d, whose components are summarized in Table 1.



On the uplink (ground to TDRS) the signal is further corrupted through fading and the
addition of white Gaussian noise. In the repeater the signal and noise are filtered and
amplified by a TWT which introduces AM/AM and AM/PM distortion. The retransmitted
signal and uplink noise are received by the Shuttle and further immersed in white Gaussian
downlink noise.

Figures 2 and 3 show S-band and K-band Shuttle forward links (Ground Station-to-TDRS-
to-Shuttle user) respectively and summarize their salient features.

Figure 4 shows the S-band Shuttle return link model. Using the Shuttle S-band service
characteristics defined in NASA S-805-1 specifications [3], the Tracking and Data Relay
Satellite System Users’ Guide [4], and the block diagram of Figure 4, the total allowable
losses including clear weather/rain margin is 3.8 dG as shown in Eb/N0 budget of Table 2.
Preliminary LinCsim results show that 3.1 dB loss has to be apportioned to TDRS and
ground station degradations.

For Shuttle K-band return service (Figure 5) two modes of operation are available. Mode 1
service provides three data channels. Channel 1 (192 Kbps) and channel 2 (up to 2 Mbps)
both modulate an 8.5 MHz subcarrier. The modulated composite 8.5 MHz subcarrier then
modulates an RF carrier. The channel 3 data stream (up to 100 M symbols/sec after
convolutional coding) biphase modulates the quadrature channel of the same RF carrier.
The resultant signal is transmitted to the TDR satellite via a TWTA.

In mode 2, channels 1 and 2 QPSK modulate an 8.5 MHz subcarrier, which is summed
with an analog signal having 4.2 MHz bandwidth. This composite signal frequency
modulates another carrier, and is then transmitted to TDRS. The intermodulation noise due
to modulator and demodulator nonlinearities, transmission deviations, AM to PM
conversion, etc. are the major degradation sources in the FM channel.

The Bit Error Rate Performance of the Shuttle K-band Mode 1 and Mode 2 return link
shall be evaluated using LinCom’s analytical simulation. Table 3 shows as an example the
Eb/N0 budget for Shuttle Ku-band return link Mode 1. The allowable downlink degradation
at the ground station and TDRS degradation of items (13) and (14) are to be evaluated.
Figure 6 shows the Shuttle KSA dedicated return link model for data transmission via
TDRS satellite.

The TDRS equivalent phase noise model is illustrated in Figure 7. Whereas phase noise
sources of TDRSS forward and return communications and tracking services are given in
Table 4. LinCom has recently developed a TDRSS phase noise model [5]. This model has
been modified for incorporation into the software package to evaluate BER performance as
a function of various phase noise sources.



ANALYTICAL APPROACH

Two fundamentally different approaches can be used to determine performance of such a
nonlinear transmission system. One, used and described by many investigators [6,7], is
time domain simulation, the other is the analytical performance characterization [8]. Both
approaches have their advantages and their limitations. The purely analytical approach
gives fast results even for cases where performance is limited by uplink noise. However,
when the transmitter is severely bandwidth restricted receiver performance can no longer
be adequately predicted. Time domain simulation on the other hand is accurate and
reasonably fast on channels where the only noise source is at the receiver but simulation
time is excessively long when the uplink noise is strong or the repeater power amplifier is
shared by several signals.

The present program combines the two approaches by using time domain simulation
techniques to characterize the signal at the input to the nonlinear amplifier and the
conditional probability method to find the statistics of the TWT output and to compute
error rates. Separate modules in the program compute the performance of the PN-
despreader, demodulator and timing recovery subsystems and their effect on bit error rates
and tracking performance.

Program development is continuing to accomodate multiple signals sharing the nonlinear
repeater and adaptive equalization models.

ANALYTICAL SIMULATION RESULTS

The analytical simulation program was exercised for the Shuttle-TDRSS S-band return link
as an example to establish link performance degradations and the sensitivity of the bit error
probability to various signal distortion parameters. Figures 8 and 9 show the bit error rate
as a function of the uplink (Shuttle to TDRS) CNR for a fixed downlink (TDRS to ground)
CNR. )CNR=0 represents the design point CNR. In Figure 8 all distortion parameters are
set to zero except for the data asymmetry which is varied between 0 and 15%. In Fig. 9 all
distortion parameters are set to their design value except for the data asymmetry.

In Figs. 10 and 11 the CNR degradation is plotted as a function of the distortion
parameters at the design error rate of 10-4.
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ABSTRACT

This paper systematically analyzes the signal-to-noise ratio degradations which can
potentially occur due to data asymmetry in digital transmission systems. Suitable
asymmetry models are developed and error probability performance for two types of data
detectors (integrate-and-dump filter, and gated-integrate-and-dump filter) is derived.
Although this work was done to resolve problems being encountered in the Shuttle Ku-
band return link design, specifically for the 50 Mbps convolutionally encoded channel
(NRZ format), generalizations are made which provide results for other cases of interest
(other Ku-band return link channels, or other systems entirely). This paper therefore
considers Manchester data formats (in addition to NRZ) and uncoded transmission (in
addition to convolutionally coded transmission).

INTRODUCTION

The Shuttle Ku-band return link mode 1 (PM) [1] is used to transmit: 1) convolutionally
encoded (rate 1/2, constraint length 7) payload data with data rates up to 50 Mbps (NRZ
format), 2) 192 Kbps uncoded Orbiter operational data (Manchester format), and 3) one of
a variety of other sources, including medium rate coded or uncoded data with data rate up
to 2 Mbps (NRZ) or 1 Mbps (Manchester). A generalization of the basic QPSK technique
is employed for modulation of these three data channels onto quadrature carriers [2]. An
area of concern in the development of the Ku-band system arose over the data asymmetry
in the 50 Mbps channel produced by differential propagation delays through logic circuits
in the payloads and also in the Orbiter Ku-band signal processor for rising and falling
voltage transitions. This data asymmetry was potentially capable of causing a severe
performance degradation to the demodulated data at the TDRSS (Tracking and Data Relay
Satellite System) ground station.

This paper develops suitable asymmetry models and determines the amount of channel
performance degradation as a function of the amount of data asymmetry.



* Due to symmetry in the data itself, it is immaterial whether the elongated pulse is of positive or
negative polarity, and vice versa for the shortened pulse.

Specifically, we first present two asymmetry models which accurately describe the
physical sources from which asymmetry originates. Following this, we present, for both
NRZ and Manchester data, the error probability performance corresponding to various
types of data detectors (with or without d.c. restoration) including the integrate-and-dump
filter and gated-integrate-and-dump filter. Detailed performance analyses for these various
cases may be found in [3] and [4].

ASYMMETRY MODELS AND DEFINITIONS

To quantitatively determine the degrading effect of data asymmetry on error rate
performance, one must develop a suitable asymmetry model which accurately describes
the physical source from which the asymmetry originates. It was determined that two
possible models are appropriate and, provide that asymmetry is properly defined, either
model produces the identical performance degradation due to this asymmetry. In the first
model, the assumption is made that +1 NRZ symbols are elongated by )T/2 (relative to
their nominal value of T sec) when a negative-going data transition occurs and -1 symbols
are shortened by the same amount when a positive-going data transition occurs.* Otherwise
(when no transitions occur), the symbols maintain their nominal T sec width. Thus, )T
represents the relative difference in length between the elongated +1 and shortened -1
symbols. An example demonstrating this model is illustrated in Figure 1b. The second
asymmetry model makes the assumption that positive NRZ pulses are lengthened
whenever adjacent pulses are negative. Thus, a given positive pulse preceded and
succeeded by a negative pulse would be increased in duration at both ends. Stated another
way, a positive-going transition occurs early and a negative-going transition occurs late
relative to the nominal transition tiem instants. Letting * represent the fractional (relative to
the nominal bit duration T) increase in positive pulse length due to a single adjacent
negative pulse, then for a given random data sequence, the shortest pulse would have
length T (1-2*), while the longest would have length T (1+2*). Figure 1c illustrates the
application of the second asymmetry model to the same bit stream as that used in Figure
1b.

Regardless of which asymmetry model is used, data asymmetry is defined as the difference
in length between the shortest and longest pulses in the sequence divided by their sum. For
the first model, this definition gives

(1)



whereas for the second model, we get

(2)

In the absence of noise, the timing instants (i.e., the epochs of the symbol synchronization
clock) for the recovered data clock (assuming random data) will occur, for the first
asymmetry model, at                                                           . For the second model, it can
easilty be shown that, on the average, the symbol synchronizer will lock up at the nominal
transition points of the equivalent symmetric data waveform (as shown in Figure 1a), i.e.,
0,±T,±2T,±3T, . . .

In this paper, the first model is adopted for purposes of analysis.

ERROR PROBABILITY PERFORMANCE (Integrate and dump detector, NRZ
signal)

When an integrate and dump filter is used for detection of random NRZ data (50%
transition density) with asymmetry, then the in-phase integrate-and-dump output depends,
in general, on the polarity of the symbol over which it is integrating and that of the
preceding and succeeding symbols. Thus, one must compute the in-phase integrate-and-
dump output for each of the eight possible three-symbol sequences and their corresponding
conditional error probabilities. Then averaging these conditional error probabilities over
the eight equally-likely three-symbol sequences gives the average error probability PE, i.e.,

where ES denotes the symbol energy, N0 the channel noise spectral density, and

(4)

The signal-to-noise ratio (SNR) degradations can then be obtained from (3) by computing
the additional Es/No required ()Es/No) due to asymmetry to produce the same value of
symbol error probability when n = 0, i.e., PE

0 , where

(5)

Table 1 gives these degradations in dB for uncoded random NRZ data.



For a convolutionally encoded signal, an exact analysis is not tractable. However, we can
approximately obtain the SNR degradation from the decoder bit error performance curve
and equations (3) and (5) by assuming that the coding is transparten to the asymmetry and
using the uncoded symbol energy-to-noise ratios corresponding to the coded bit energy-to-
noise density ratios at the desired bit error rates. Table 2 contains the symbol energy-to-
noise density ratio degradations (in dB) for asymmetry values n x 100% of 3, 7, 10, 15 and
20% and Es/No = 0, 0.8, and 1.5 dB. The values of Es/No selected correspond to bit energy-
to-noise density ratios Eb/No = 3, 3.8 and 4.5 dB which, respectively, correspond to Viterbi
decoder bit error probabilities Pb=10-3, 10-4, and 10-5 (for rate 1/2, constraint length 7).
From Table 2, it should be noted that error probability performance for the coded signal is
relatively insensitive to data asymmetry.

ERROR PROBABILITY PERFORMANCE (Integrate-and-Dump Detector,
Manchester Signal)

Although Manchester coding is not employed on the Shuttle Ku-band high rate channel
(50 Mbps) because of bandwidth limitations on the Ku-band return link, such coding is
sometimes used on the lower rate channels [1], and thus the effect of asymmetry on the
perofrmance of these channels is potentially of interest.

When Manchester coding is employed, then relative to the NRZ sequence, the Manchester
waveform has 3/2 as many transitions. Thus, since the SNR degradation due to asymmetry
id directly related to the average transition density of the data sequence, one would
intuitively expect that, for the same asymmetry, the Manchester case should yield a larger
SNR degradation than the corresponding NRZ case. Whether or not and to what extent the
above intuitive notion is indeed true depends on how one defines percent asymmetry for
the Manchester case.

To demonstrate this point, consider the NRZ sequence of Figure 1 and the corresponding
asymmetric Manchester waveforms which, for the previous asymmetry models are
illustrated in Figure 2. Here, corresponding to Model 1, )/2 denotes the fractional (relative
to the half-symbol time T/2) elongation of the positive half pulse in the Manchester
waveform, and for Model 2, * is accordingly defined relative to the same half-pulse width.
Then, defining asymmetry as was done for the NRZ case but now relative to the half-pulse
duration gives (for Model 1)

(6)



* Note that while this definition allows for equal percent asymmetry when compared with NRZ,
the actual time asymmetry (as measured in seconds) is different for the two cases. For equal time
asymmetry, as would result if and Manchester sequence were processed by identical physical
systems, the percent asymmetry for Manchester would be twice as high as for NRZ.

and, for Model 2,

(7)

which are idential with (1) and (2).* Once again, as in the NRZ case, the in-phase
integrate-and-dump output dpends, in general, on the polarity of the symbol over which it
is integrating and on the preceding and succeeding symbols. Thus, evaluating this
integrate-and-dump output for eight possible three-symbol sequences and noting that, for
Model 1, the nominal bit synchronization lock-up misalignment is now )T/8, we get an
expression for the average probability of error corresponding to asymmetric Manchester
random data, namely,

(8)

Using (8) and (3), Figure 3 illustrates the SNR degradation in dB versus percent
asymmetry for Manchester and, for comparison, NRZ data at Es/No = 1.5 dB. Here note
that the Manchester code yields a larger SNR degradation than NRZ for small asymmetry
values, while the reverse is true for large percent asymmetries.

If, on the other hand, we define data asymmetry relative to the symbol time T for both
NRZ and Manchester data, then equal percent asymmetry implies equal amounts of
asymmetry (in seconds) as measured by the actual time displacements of the waveform
transitions. Thus, for Manchester data, we have 0=)/4 for Model 1 and 0=* for Model 2.
The corresponding expression for error probability is identical to (8) with 0 replaced by
20. Using this definition, Figure 4 also contains a plot of SNR degradation in dB versus
percent asymmetry for Es/No = 1.5 dB and Manchester data. Note that now the Manchester
case always yields a larger SNR degradation for a given percent asymmetry. The
conclusion to be reached here is that, in making comparisons between asymmetric NRZ
and Manchester systems, one must exercise care in selecting a definition which is
appropriate to the particular application at hand.



* D.C. restoration refers to the process by which the d.c. value of the asymetric data waveform is
forced to zero.

THE EFFECT OF D.C. RESTORATION ON ERROR PROBABILITY
PERFORMANCE IN THE PRESENCE OF ASYMMETRY

The investigation of the effects of d.c. restoration* on communication link performance
was prompted by test results [5] conducted in the Electronic Systems Test Laboratory
(ESTL) at JSC which indicated significantly less performance degradation that that
predicted by the analytic results of the previous sections. In particular, it was found that
d.c. restoration tends to reduce the degrading effects of data asymmetry and thus it was
necessary to incorporate d.c. restoration into the analystical model.

The effect of d.c. restoration on data detection is most easily accounted for by artificially
shifting the decision threshold (nominally at zero) against which the matched filter output
is compared. The amount of this artifical shift in threshold depends upon the specific way
in which d.c. restoration comes about.

The simplest method of achieving d.c. restoration is to capacitively couple the input signal
to the symbol synchronizer. In this case, the artificial threshold shift equals the d.c.
component of the asymmetric data waveform in front of the capacitor which, for random
data with transition density D, is easily shown to be

(9)

where %Ē s̄ /̄ T̄ is the data pulse amplitude in Figure 1. Computing the matched filter output
for the eight possible three-symbol sequences made up of the present, preceding, and
succeeding symbols and shifting these outputs by )t gives the result for the error
probability performance of asymmetric NRZ data with d.c. restoration by capacitive
coupling, namely,

(10)

For equiprobable data symbols (D = 0.5), (10) simplifies to

(11)



Comparing (11) with (3), we observe that the asymmetry is reduced and the effect of d.c.
restoration is to compensate for the data asymmetry by shifting the effective decision
threshold away from the shortened symbols.

For a given value of asymmetry, the value of Es/No required to obtain PE [as computed
from (11)] equal to 10-5 can be calculated. Comparing this value of Es/No with that
obtained from (5) for the same PE gives the SNR degradation for asymmetric NRZ data
with d.c. restoration by capacitive coupling. Figure 4 illustrates this SNR degradation
versus asymmetry along with the comparable results obtained from (3) corresponding to no
d.c. restoration (direct coupling).

Another method of achieving d.c. restoration, which depends specifically on the symbol
synchronizer implementation itself, is to require the matched filter quadrature output to
have zero corssings at the center of each symbol period that starts with a data transition. In
this case, the effective shift in decision threshold relative to its nominal (zero) value if [5].

(12)

Comparing (16) with (13), we can immediately conclude that the error probability for this
method of d.c. restoration is given by (10) with D = 1, i.e.,

(13)

We observe the same effect of d.c. restoration which reduces the asymmetry

Again by determing those values of Es/No required to obatin PE = 10-5 for various values of
asymmetry, one can compute the SNR degradation for d.c. restoration based on symbol
timing. The results of these calculations are illustrated in Figure 5 along with experimental
test results taken in the ESTL [5] for the sake of comparison. It is to be noted that the
experimental results include the effects of bandlimiting, whereas the theory as predicted by
(13) does not account for these effects. Furthermore, the data detector used in the
experimental setup was not a true matched filter as is assumed for the analytical model.
Suprisingly enough, however, the analytic and experimental results show reasonably good
agreement. In the next section, we consider the combined effects of bandlimiting and
asymmetry on the performance of a filter-sample type data detector which is a more
realistic model of the detector used in the ESTL tests.



ERROR PROBABILITY PERFORMANCE (GATED INTEGRATE-AND-DUMP
FILTER)

This section deals with another implementation of a data detector for asymmetric data,
namely, the gated integrate-and-dump filter (see Figure 6). The motivation for studying the
performance of such a detector stems from several considerations. First, from an
implementation point of view, the gated integrated-and-dump has the advantage that
operation at high data rates can be accomplished with smaller circuit losses than the ideal
integrate-and-dump since the constraint on its switching times at the symbol transition
instants can now be considerably relaxed. Second, since the input data stream possesses
asymmetry, the ideal integrate-and-dump is no longer necessarily the optimum detector,
and it is thus possible that an alternate (possibly simpler to implement) detector could yield
superior performance.

Only the case of NRZ data is treated; however, as before, the results are obatined using no
d.c. restoration and d.c. restoration by capacitive coupling. The numerical results presented
permit a tradeoff between additional SNR degradation in the absence of asymmetry and an
improvement in performance when asymmetry is high.

When the input data is random, then the output of the gated integrate-and-dump (GI&D)
depends, in general, on the polarity of the symbol over which it is integrating and that of
the preceding and succeeding symbols. Thus, one must compute these outpus for each of
the eight possible three-symbol sequences (analogous to the approach taken in Sections for
the ideal integrate-and-dump) and their corresponding conditional error probabilities. Then
averaging these conditional error probabilities over the equal probabilities of the eight
three-symbol sequences gives the average error probability performance of the GI&D
detector.

In the absence of d.c. restoration, the average error probability performance of the gated
integrated-and-dump is given by

(14)

where , is the fractional (relative to T) gated interval at each end of the symbol. Figure 7 is
a plot of PE versus , with 0 as a parameter and Es/No = 9.6 dB (corresponding to PE = 10-5

when ,=0=0). We observe from this figure that, for a given value of data asymmetry 0, PE



is minimized by choosing ,= /2. Figure 8 is an illustration of the symbol energy-to-noise
ratio (in dB) required to achieve an average error rate of 10-5 in the presence of data
asymmetry. The curve labeled ,=0 corresponds to the performance of the ideal I&D. The
remaining curves indicate a constant Es/No for values of 0#2, in accordance with the
second equation of (14) followed by an increase in Es/No with 0 as required by the first
equation of (14). Note that each of these curves crosses the ,=0 curve at some value of 0,
say 00, which means that for 0<n0, the GI&D outperforms the ideal I&D in the sense of
requiring less Es/No for a given average probability of error. The dashed curve in Figure 8
represents the performance corresponding to selecting ,=0/2 at each value of 0 and is thus
the best achievable with the GI&D.

When d.c. restoration by capactive coupling is present, then the analogous result to (14) is

(15)

Figure 9 again illustrates PE versus , with 0 as a parameter and Es/No = 9.6 dB, where PE

is now computed from (15). We observe from this figure that, for a given value of data
asymmetry, there exists a value of , which minimizes PE; however, unlike Figure 7, this
value of , namely, ,min, is not equal to 0/2. Figure 10 is the analogous figure to Figure 8
when d.c. restoration is present. Again, the dashed curve corresponds to ,=,min which
represents the best achievable performance using gated integrate-and-dump as a data
detector. Comparing Figure 10 with Figure 8, we observe the considerable reduction in
SNR degradation due to data asymmetry when d.c. restoration is employed. This
improvement is analogous to that achieved when other types of data detectors are used.

In conclusion, the use of a gated integrate-and-dump filter for detection of asymmetric
NRZ data can, depending upon the amount of data asymmetry present, produce significant
improvement in error rate performance, relative to that of an ideal integrate-and-dump
filter.



CONCLUSIONS

The SNR degradation due to data asymmetry in NRZ and Manchester uncoded and
convolutionally encoded data streams has been systematically analyzed. A suitable
asymmetry model was developed and error probability performance for two typical types
of data detectors with or without d.c. restoration was derived. It was shown that the
performance of detectors with d.c. restoration is always better than those without d.c.
restoration.

As discussed in [1], to reduce data asymmetry degradation to a controllable amount, the
Orbiter Ku-band signal processor has been modified by incorporating a compensated clock
regenerator with an imporved modulator driver into the interface circuits. This
modification results in the overall data asymmetry for the Shuttle 50 Mbps channel to
normally be less than 10%, and the resulting SNR degradation should be less than 0.5 dB
even with a conventional I&D data detector. Should the asymmetry be greater than 10%,
the SNR degradation would then be dependent on the type of the detector to be used.
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Table 1.  SNR Degradation Due to Asymmetry for Uncoded Random NRZ Data

Table 2.  SNR Degradation Due to Asymmetry for Rate ½
Convolutionally Encoded Random NRZ Data



Figure 2b.  Asymmetric Manchester Coded
Waveform - Asymmetry Model 2



Figure 3.  SNR Degradation vs. Percent Asymmetry for Random
Manchester and NRZ Coded

Figure 4.  Performance Degradation Comparison for Direct Coupled and
Capacitively-Coupled Matched -Filters; Random NRZ Data (D = 0.5)



Figure 5.  Performance Degradation for DC Restoration Based on
Symbol Timing (NRZ data)

Figure 6.  Gated Integrate-and-Dump Filter



Figure 7.  Average. Error Probability versus Gate Interval at Symbol Edge with
Data Asymmetry as a Parameter - No D.C. Restoration

Figure 8.  Symbol Energy-to-Noise Ratio versus DataAsymmetry with Gate Interval
at Symbol Edge as a Parameter - No D.C. Restoration



Figure 9.  Average Error Probability versus Gate Interval at Symbol Edge with Data
Asymmetry as a Parameter - D.C. Restoration by Capacitive Coupling

Figure 10.  Symbol Energy-to-Noise Ratio versus Data Asymmetry with Gate
Interval at Symbol Edge as a Parameter - D.C. Restoration by Capacitive Coupling
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SUMMARY

During space flight, the communications and tracking system of the Space Shuttle orbiter
uses S- and Ku-band links to provide tracking; reception of digitized voice, commands,
and printed or diagramatic data at a maximum rate of 216 kilobits a second; and
transmission of digitized voice, telemetry, television, and data at a maximum rate of 50
megabits a second. S-band links may be established directly with a ground station and both
S- and Ku-band links may be routed through NASA’s Tracking and Data Relay Satellite
System A simultaneous capability to communicate with other satellites or spacecraft, using
a variety of formats and modulation techniques on more than 850 S-band channels, is
provided. UHF is used for communication with extravehicular astronauts. Audio and
television subsystems serve on-board needs as well as interfacing with the RF equipment.

During aerodynamic flight following entry, a UHF link provides two-way simplex voice
communication with Air Traffic Control facilities. Air navigation aids include TACAN, a
microwave scan-beam landing system and radar altimeters.

1.  INTRODUCTION

The orbiter communications and tracking (C&T) system is an unusual combination of
complexity and simplicity, specialization and versatility, and off-the-shelf and newly
developed hardware. it must interface with not only the NASA Space Tracking and Data
Network (STDN), but also the NASA Tracking and Data Relay Satellite System (TDRSS),
the USAF Satellite Control Facility (SCF), other satellites, crew members performing
extravehicular activities (EVA), the Federal Aviation Agency’s (FAA) Air Traffic Control
(ATC) voice communications, and FAA and military air navigational aids. in addition, it
must interface with the multiple on-board computers of the data processing system, the
orbiter displays and controls, and other on-board systems.

On-orbit communication links are depicted in Figure 1. All of the links shown may be
employed simultaneously. Links available following entry and emergence from RF
blackout are shown in Figure 2.



The design of the orbiter on-board communications and tracking system was driven by a
number of factors; the most important are presented in Table 1.

2.  SUBSYSTEM FUNCTIONAL DESCRIPTIONS

The orbiter’s communication and tracking system is most conveniently described in terms
of those subsystems or equipment groupings shown in Figure 3. In this simplified block
diagram many interfaces with other orbiter systems are omitted. Although most of the
blocks may be properly thought of as subsystems, the air navigation aids block includes
functions that are not interconnected. The ground command interface logic (GCIL) block is
a single box interconnected with other equipments to provide system-link functions. The
antennas, with each symbol representing a single antenna or group of antennas, are
described together only for convenience, as they functionally belong with the subsystem
they serve. A similar situation exists in regard to displays and controls (D&C).

UHF

UHF transceivers are provided: (1) for the transmission and reception of voice to allow
contact with ATC facilities and chase aircraft during landing operations, and (2) during on-
orbit operations for the transmission of voice to and the reception of voice and telemetry
from extravehicular space-suited astronauts. The former function is provided during early
flights by slightly modified Magnavox ARC-150(v) transceivers; both functions are
provided during later flights by a newly developed EVA-ATC communication system
being built by RCA under direct contract to NASA.

ARC-150–The ARC-150 is a widely used USAF transceiver capable of transmitting and
receiving amplitude-modulated signals on any of 7000 channels in the frequency range of
225.000 to 399.975 MHz. It may also independently monitor 243 MHz (the international
emergency frequency) with a separate, internal guard receiver. In receive, it provides 185
milliwatts of audio (at 50 percent modulation), and in transmit, 10 watts of 90 percent
amplitude-modulated RF.

There are two Space Shuttle versions of the ARC-150. One was used on orbiter vehicle
(OV) 101 during aerodynamic approach and landing tests; the second will be used during
early OV-102 orbital flights. They differ internally only in the audio input/output circuitry
for compatibility with the different audio systems on the two vehicles, but the OV-102
version is limited by the orbiter control panel to operation on those frequencies utilized by
the EVA-ATC communication system.

EVA/ATC Communication System–The EVA/ATC communication system is designed
primarily to support extravehicular activities (EVA) but also to provide ATC voice



communication capabilities, allowing it to replace the ARC-150. In the ATC service, it
provides two-way RF links on either of two frequencies (296.8 or 259.7 MHz) with a
transmit power of 10 watts. in addition, emergency communication is provided by a
243-MHz guard channel transmitter and receiver.

To understand the EVA service, it is necessary to consider the extravehicular
communicator (EVC) equipment carried by the EVA astronaut or astronauts. Basic block
diagrams of both the orbiter’s EVA/ATC transceiver and the EVC are presented in
Figure 4.

The extravehicular communicator unit consists of AM transmitters, AM receivers, a
telemetry subsystem, a warning system, and an antenna. This equipment is arranged to
operate in several different modes. Mode A is the normal mode used by a single EVA
astronaut and mode B is the normal mode by a second EVA astronaut. This operation is
depicted in Figure 5. Other combinations of receivers and transmitters can provide voice
communication in event of equipment failure or interference on normal channels.

In modes A and B, the operating transmitter is modulated by a 5.4-kHz (standard IRG)
subcarrier oscillator, which transmits biomedical data (electrocardiographs). Voice, which
modulates the carrier directly, is keyed on by voice-operated circuitry (VOX) or a push-to-
talk (PTT) switch.

A 1.5-kHz warning tone generator, square wave modulated at 15 Hz, operates in response
to a sensor (external to the EVC) to alert the astronaut to conditions requiring his attention.

On the orbiter side of this communication link, receivers and 500-milliwatt transmitters are
provided on each of the frequencies shown in Figure 5. Two antennas are provided: one
inside the airlock and one on the bottom of the orbiter. The latter is the same used with the
ARC-150 during aerodynamic flight tests.

The processing within this system strips the electrocardiograph signals from one or two
EVC’s and provides them to the orbiter telemetry subsystem. A two-way voice interface
with the orbiter’s audio distribution system is provided, giving astronaut’s performing
extravehicular activities access to orbiter voice communications on up to three voice
channels. This enables an EVA astronaut to be in direct voice contact with the ground or
the orbiter crew or to have his conversations recorded.

Audio Distribution System

The audio distribution system (ADS), designed and manufactured for the orbiter by
Telephonics, provides intercom and radio access functions for the various crew stations



and hardline “subscribers” involved in an orbital mission. It includes facilities for audio
processing, mixing, amplification, volume control, isolation, switching, and distribution. It
provides paging capability, communication over various alternative audio bus circuits,
distribution of caution and warning signals, and communication with ground crews during
preflight vehicle checkout.

The ADS is comprised of six audio terminal units (ATU’s), two speaker-microphone units
(SMU’s), one audio central control unit (ACCU), and various interface units, the selection
of which depends on the type of headset being used.

These line-replaceable units (LRU’s) (except for the interface units) and their functional
relationship are shown in the ADS system block diagram (Figure 6). This block diagram
also indicates the relationship of the ADS LRU’s with the radio equipment, recorders,
navigation aids (NAVAID’s), and hardline installations that the system serves.

The ADS utilizes hardwire baseband transmission of audio signals and time division
multiplexed transmission of control signals. The ACCU acts as a central switchboard for
the system; all audio routing is accomplished in the ACCU under control of switching
commands originating at the ATU’s. The ATU switching commands are transmitted to
ACCU in the form of serial digital data streams arriving independently over dedicated
wires, one pair from each ATU. These control signals include channel selections,
independent volume levels for each channel, and keying signals.

Air Navigation Aids

The NAVAID’s for aerodynamic flight consist of two radar altimeters, three TACAN’s,
and three microwave scan-beam landing system (MSBLS) NAV sets. Rationale for lower
redundancy in the altimeters is based on the fact that they are used only during the last few
seconds of flight. Outputs of the NAVAID’s are used in redundancy management wherein
the computer filters all the outputs. This filtering serves to increase measurement accuracy
by applying a middle value select criterion when three LRU’s are used or an average value
criterion when only two LRU’s are used. Bad data or failed LRU’s are weeded out by data
comparison matrices.

TACAN–The TACAN (tactical air navigation) system is widely used by both military and
civilian aircraft; the equipment used in the orbiter is a minor modification of a Hoffman
design. It provides navigation updates after deorbit and exit from L-band RF blackout until
the navigation aid function is assumed by the MSBLS. In a normal orbiter entry trajectory,
the TACAN’s are expected to acquire ground signals at an altitude of about 150,000 feet
(45.7 km) at which point the orbiter is about 300 nautical miles (550 km) downrange from
the landing site.



Each on-board TACAN set is a combination transmitter, receiver, decoder, and digital
processor. In acquisition, it cycles between a top and bottom antenna under internal
control and between designated ground stations under data processing system (DPS)
control until a signal is received. It then determines the range and bearing to that ground
station.

The GN&C (guidance, navigation, and control) computers are recipients of the TACAN
navigational data. Range and bearing are also displayed directly to the crew. Channel and
mode selection are made via the D&C in a manual mode or by the DPS in an automatic
mode.

MSBLS–The MSBLS takes over the final navigation sensor duties from the TACAN and
provides the orbiter with range and bearing from about a 10,000-foot altitude through
touchdown. The system operates at Ku-band. Data are derived on-board from ground
transmitted planner beams scanning in azimuth and elevation (Figure 2) and containing
pulse-coded angle data. Ku-band distance measuring equipment (DME) is integrated in the
airborne system to provide precise range measurement. The ground system consists of an
elevation and an azimuth/DME station.

Within the NAV sets, the pulse-coded signals are converted to digital words that provide
elevation angle, azimuth angle, and range information. The data are routed to the guidance,
navigation, and control system, which controls the orbiter during approach and landing.

The MSBLS navigation set, a modified U.S. Army AN/ARQ-31 designed and
manufactured by AIL, consists of two LRU’s, an RF assembly, and a decoder assembly.
The RF assembly receives the incoming Ku-band, angle-coded RF signal and passes it to
the decoder assembly. The decoder assembly processes and validates the data. and
provides an output in a digital format to the data processing system.

The navigation set complement is configured as triplex with three independent dedicated
antennas and data transmission paths. Each string is excited externally to perform a self
test prior to deorbit in order to ascertain the system s operating status.

Radar Altimeter–The C-band (4300 MHz) radar altimeter, manufactured by Honeywell.
is utilized for precision altitude determination during the final landing approach. If in an
automatic landing mode, the GN&C system uses the altimeter output only during
approximately the last 100 feet (30 m) of descent. The altimeter output is available for
display and is capable of displaying altitude from 2500 feet (760 in) minimum no
touchdown.



The altimeters and the MSBLS are designed with a deliberate instability in their pulse
repetition rates, which allows multiple units to operate simultaneously without mutual
interference.

S-Band System

The orbiter’s S-band communication system, designed and manufactured by TRW and
subtier contractors, is comprised of two independent subsystems. The network subsystem
provides tracking and two-way communication via phase-modulated (PM) links direct to
ground or through the TDRSS and transmission of data direct to ground via an FM link.
The payload communication subsystem, like a flying ground station, provides two-way
communication with unmanned orbiting spacecraft.

Network Subsystem–The network subsystem consists of 11 LRU’s. Those not shown as
being redundant in Figure 7 are internally redundant, so the subsystem includes two
electrically isolated strings with the exception of the reeds and contacts in the switch
assembly and the antennas and their coaxial cables. Although some cross-strapping of
functional units between strings is possible to improve the capability to withstand failures,
this flexibility is limited to minimize orbiter wiring complexity and weight.

As may be seen from the block diagram, the FM and PM functions are separate except that
the switch assembly services both. Not shown are the interfacing MDM’s (multiplexer/
demultiplexers) which provide for the telemetry of configuration data and performance
parameters and for the transmission of data to and reception of instructions from the DPS
computers. The network signal processors (NSP’s) can route both received data and data
to be transmitted through communication security boxes for decryption or encryption.

The system provides for several modes and data rates (Figure 8) for both the forward link
(ground to orbiter) and the return link (orbiter to ground). Coding is used in the TDRS
modes to improve bit error rates. The forward link receiving equipment is capable of
handling data at two different rates, spread with a pseudorandom noise (PRN) code rate of
11.232 megachips per second or not spread and transmitted on any of four frequencies.
Spreading is used on the TDRS mode to reduce TDRS interference to ground-based
communications by reducing the power flux density at the earth’s surface. The four
forward link frequencies accommodate two return link frequencies and two turnaround
ratios (ratios of orbiter transmit to receive frequencies). Two turnaround ratios correspond
to those used by NASA(240/221) and DoD (256/205).

Two data rates are available for the return link, accommodating, as in the forward link, one
or two voice channels and, in addition, two different telemetry rates. The lower data rate is 



used when link margins require, as is the case for a large portion of the time when
communicating through TDRSS.

In the TDRS low data rate mode, where link margins are in the order of plus 2 to 3 dB, the
power amplifier generates about 100 watts and the preamplifier provides a sensitivity of
approximately -130dBm. In direct-to-ground communication, although the power amplifier
and preamplifier are not used, a transponder output of 2 watts and sensitivity of -118 dBm
provide much better link margins because of the reduced range and improved (as
compared to TDRS) ground terminal performance.

The FM signal processor and FM transmitters provide a capability for the transmission of
data not amenable for incorporation into the limited-rate PCM telemetry data stream. The
data to be transmitted via FM include television, digital data from the main engines during
launch, wideband (to 4 MHz) payload data, or digital data from recorder playback or
payloads.

Conditioning and multiplexing for FM transmission occur in the FM signal processor.
Video and wideband digital and analog signals are routed to the FM transmitter with only
matching and filtering, but narrower-band digital engine data are placed on subcarriers; at
576,768, and 1024 kHz.

The FM transmitter operates at 2250 MHz with an output power of 10 watts. Both
baseband and RF filtering is provided to reduce out-of-channel interference to the PM and
payload receivers. Nominal RF bandwidth is 10 MHz.

To enable the transmission of additional data during the development phase of the orbiter
program, a development flight instrumentation (DFI), S-band, frequency-modulated
transmitter is provided to service an additional PCM telemetry system. This Teledynamics
transmitter is multiplexed with the S-band network FM transmitter to either of two wide-
beam “hemi” antennas. Both of these transmitters are used for transmission of data directly
to the ground and not for relay through the TDRSS. The present plan is to remove the DFI
transmitter and its multiplexer following the end of the flight test program (Flight 6) or
soon thereafter.

Payload Subsystem–The S-band payload subsystem provides the capability of
communicating with a wide variety of satellite communication systems. It will be used for
such purposes as checking the operation of a released payload prior to moving from its
immediate vicinity and safing a satellite before taking it on board for repair or return to
earth.



The receiver and transmitter are packaged in an LRU called the payload interrogator (PI);
signal processing in both directions is performed in the payload signal processor (PSP).
Redundant LRU’s are carried for both the PI and PSP.

The PI provides 851 duplex channels for simultaneous reception and transmission of
information with a noncoherent frequency turnaround ratio of 205/256 in the SGLS mode
(20 channels), and 221/240 in the STDN (808 channels) and DSN (23 channels) modes. In
addition, it provides four receive-only and six transmit-only RF channels in the DSN (Deep
Space Network) mode.

Since payloads are intended to communicate with, in general, the same ground stations as
the orbiter, they also receive on the lower end of the space communication band and
transmit on the upper end. This means that the interrogator must receive on frequencies
near those employed for transmission by the network subsystem and transmit near those on
which the network system receives. Careful filtering is employed in both systems to
minimize cross interference, and the upper or lower network frequency is selected to
maximize separation from the payload channel in use.

Both the transmitter and receiver are capable of performing sweeps and automatically
terminating the sweep upon acquisition. Acquisition by a satellite of the sweeping transmit
signal must, of course, be determined from the received return signal.

To aid in accommodating the large variation in signal strength, which results from a range
that can vary from a few feet to several miles, three manually controlled steps in
transmitter output and receiver sensitivity are provided. Maximum transmit power is
2 watts and maximum receive sensitivity is -124 dBm.

The PSP demodulates the subcarrier and provides bit synchronization and frame
synchronization based on one of four possible frame sync word lengths. Telemetry from
the incoming signal may be at one of five different rates. Demodulated telemetry with
clock and frame sync is routed to a payload data interleaver, a part of the instrumentation
system, which interleaves it with data from up to four attached payloads for eventual
transmission to the ground.

The PSP also receives configuration and payload command messages from the DPS at a
burst rate of 1 Mbps. It responds to a configuration message by configuring itself to handle
data at the rates and formats designated. Buffered commands PSK-modulate a 16-kHz
subcarrier, which is transmitted by RF to a detached payload or by wire to one or more
attached payloads.



Ku-Band Radar/Communication System

The Ku-band system, currently scheduled for installation between orbital flights 1 and 2, is
designed and manufactured by Hughes. It operates as a radar during space rendezvous,
measuring angles, angle rates, range, and range rate. When not so employed, it can be used
as a two-way communication subsystem, transmitting through the TDRSS data up to 50
Mbps and receiving at a rate of up to 216 kbps. In both radar and communication modes, it
uses a three-foot (0.9 m) parabolic monopulse antenna mounted inside the front of the
orbiter’s payload bay and deployed by rotation about a single axis after the orbiter is in
space and payload bay doors are opened.

The deployed assembly (DA), which includes the antenna and considerable electronics, is
mounted on the starboard side of the vehicle. The location of the hardware and radar
range, communication modes, and maximum data rates are presented in Figure 9.

In both radar and communication modes, acquisition of the radar target or the
communication satellite is aided by designation by the computer of an angle around which
a spiral search is conducted. Acquisition thereafter is automatic. Manual entry of antenna
angles is also possible.

Hardware common to both radar and communications functions include the antennas (the
three-foot dish plus a small acquisition horn), the antenna drive mechanism, drive
electronics, traveling wave tube (TWT) transmitter, and receiver front end.

Hardware is packaged in four LRU’s (Figure 10). All except the communications signal
processor are used for radar and all except electronic assembly 2 (EA-2) are used for
communications.

Table II provides some Ku system parameters applicable to both radar and
communications.

The parabolic antenna has two uncommon features. it is edge mounted with supports
radiating from its mounting point and it is constructed largely of graphite-epoxy to
minimize thermal distortion. In angle tracking modes, antenna sum and angular error
signals are processed. The elevation and azimuth signals are time multiplexed, eliminating
the need for a third processing channel.

Although concern had been originally expressed over the wisdom of combining a
communications and radar system, it is now obvious that savings in weight, volume, and
developmental costs were attained without significantly degrading either function.



Radar Function–As a rendezvous aid, the Ku-band system operates as a pulse doppler,
frequency-hopping radar. The relatively long, 66-microsecond pulses employed at longer
ranges provide reasonable efficiency with the peak-power-limited TWT amplifier. Short
pulses of 22 nanoseconds are used to provide radar operation down to 100 feet (30 m).
Pulse widths and repetition frequencies are selected to provide unambiguous measurement
of both range and range rate for uncooperative (skin-tracked) targets to 10 nmi (18.5 km).

Since the orbiter in space performs the latter part of rendezvous and station-keeping by
accelerating and braking along the z axis (the axis that runs vertically through the orbiter),
the radar normally searches angles within 30 degrees of a straight “upward” pointing
position. Tracking, however, may continue through larger angles until the beam is
intercepted by orbiter structure.

Radar accuracy characteristics are summarized in Table III. The velocity accuracy
requirement led to the choice of a pulse doppler approach. Sixteen doppler filters cover the
doppler interval defined by the repetition rate.

Like the S-band payload communication subsystem, the radar must operate over a large
dynamic range. In addition to concern over receiver dynamic capability, nearby targets
could be damaged by excessive energy from the radar, so three levels of output power are
provided: 50 watts full power with -12 and -24 dB steps of attenuation.

An auxiliary (acquisition) antenna provides a convenient source for a guard signal, which
is processed and compared to the narrow-beam sum signal to eliminate sidelobe targets.
Since the auxiliary antenna gain is 20 dB less than that of the main antenna, and since
antenna sidelobes are down 20 dB or more, there is at least a 20-dB difference in the
main/guard ratio for mainlobe and sidelobe targets.

Communication Function–Ku communications provide the orbiter with a highly flexible
means of transmitting data at the various rates and formats summarized on Figure 9.
Except for the 192-kbps channel, which is comprised of the orbiter voice and telemetry
(“OPS data”), other rates and bandwidths shown are maximums. From the rate ranges
shown in Table IV, it may be seen the capability extends continuously from 16 kbps to
50 Mbps. Similarly, the 4.5 MHz analog channel extends downward to dc. The unusual
signal design provides quadraphase shift keying (QPSK) of a subcarrier, and either QPSK
or FM of the carrier.

The problem of mutual acquisition of the orbiter and TDRS has received considerable
attention. In one acquisition scenario, the orbiter radiates Ku energy at the TDRS through
the widebeam acquisition antenna. The TDRS locates this signal and points its narrow
(0.36-degree) beam at the orbiter, which searches and acquires with the narrow beam



antennas and then switches its transmitter to the narrow-beam antenna. In a similar
scenario, the orbiter radiates S-band energy through the appropriate antenna, and the
TDRS points its Ku antenna at the S-band source. It even appears possible that available
orbital parameters will be good enough to allow both TDRS and orbiter narrow-beam
antennas to be pointed at each other with sufficient accuracy to allow acquisition without
search.

Failure of the forward link results in a signal being generated in the signal processor, which
commands the GCIL to switch the NSP forward link input from the Ku to the S-band
receiver. This precludes the possibility of the ground losing communication with the
vehicle should a Ku-band forward link problem develop while the crew is asleep.

Television

The television system allows visual monitoring from the ground of on-board activities and
provides the crew with the ability to see areas of the payload bay obscured from direct
observation. Television signals originating in the orbiter or its payloads can be transmitted
to the ground on either of two links–the FM direct S-band link or, when it becomes
available, the Ku-band TDRS link. Early flights of the first orbiting vehicle will use an
interim TV system, with the operational system coming into use on orbital flight 2 or 3.

Interim System–Flight equipment for the interim TV system consists of two cameras,
their lenses and cables, two viewfinder monitors, and a video interface unit (VIU). The
cameras, lenses, and monitors are residual Westinghouse equipment from the Apollo-
Soyuz program modified to meet Shuttle mission requirements. The VIU, a new piece of
equipment, provides the interface between the system and the spacecraft and provides
video sync signals.

Each orbiter camera uses a rotating color wheel to generate a field sequential color video
signal. One camera is located on the flight deck and the second is located below on the
mid deck. Both are hand-held. Wide angle and normal zoom lenses are provided for use
with each camera. Several modifications have been made in the original camera
configuration, the most significant being a change in the output circuitry to provide a
balanced differential output. This change is for compatibility with orbiter wiring designed
for the more complex operational TV system, which uses controlled impedance, twisted,
shielded, jacketed cable for video and sync signals rather than the more commonly used
coaxial cable.

Operational System–The operational television system (Figure 11), designed and
manufactured by RCA, will have up to nine on-board cameras, two large-screen monitors,
two portable viewfinder monitors, and the associated switching and control logic. Three



inputs are provided for television signals from payloads and an output for viewing in an
attached manned payload.

All TV cameras are black and white, but may be converted to color with the substitution of
a color lens assembly (CLA) for the normal monochrome lens assembly (MLA). This CLA
contains a rotating color separation wheel similar to that on the interim system to provide a
field sequential color signal. Only the two cameras located inside the cabin are to be
equipped for color. One of these same cameras may be carried by an EVA astronaut
outside the crew compartment. These cabin cameras are the only cameras equipped with
viewfinder monitors, the pointing of all other cameras being either fixed or remotely
controlled from the console television monitors (CTM).

Up to three cameras may be located in the payload bay: one at the forward end, one at the
aft end, and one, called the keel camera, at one of four locations on the floor.

The remaining four cameras may be located on the two arms of the remote manipulating
system (RMS). These two jointed arms are for use in deploying and retrieving payloads.
Cameras are provided at two locations on each arm: one at the “elbow” and one at the
“wrist.” The former is mounted on a remotely controlled pan-tilt unit to adjust its pointing
as desired. This same pan-tilt unit is provided for the forward and aft payload bay cameras.
The camera at the wrist is fixed-mounted, but has a viewing light atop it for aid in viewing
shadowed areas.

The two black and white CTM’s are located at the aft end of the flight deck near the
television control panel. Each has the capability for split-screen viewing, thus allowing
monitoring of up to four cameras simultaneously.

These cameras and monitors are interconnected through a video switching unit (VSU),
which performs switching in response to signals from the remote control logic unit (RCU).
Commands are decoded by the RCU and multiplexed on the sync signal along with a
camera ID. The camera electronics decode these signals and drive the lens and pan/tilt
motors. The camera multiplexes its ID number, temperature, pan/tilt angles, and angle
rates on the composite video to the VSU.

Video Recorder–A Teac Model V-1000 ABN video recorder will be provided for on-
board use. This unit, which can record either black and white or color, uses cassettes to
provide 30 minutes of recording time each.

The recorder uses a two-head helical scan system with FM recording. It has its own
controls on the front panel, eliminating need for a separate control panel and minimizing
orbiter wiring.



Audio response exceeds that of the audio distribution system and video response is at least
equivalent to a horizontal resolution of 340 lines (B and W) or 240 lines (color).

Ground Command Interface Logic

The ground command interface logic is an LRU that provides the capability for ground
control of many functions of the C&T system and of a portion of the operational
instrumentation system. It also provides the logic to allow control of the same functions
from either D&C switches (manual commands) or in response to ground-originated
commands through either the S-band or Ku-band links. Ground-originated commands flow
through the NSP to the general-purpose computers (GPC’s) of the DPS. Commands are
sent to the LRU’s, and the command status (from either the GCIL or the LRU’s) is
returned to the GPC and routed to the ground through the NSP. The GCIL provides logic
to allow the on-board crew to block ground-originated commands.

On-board commands may also be originated through the use of any of several DPS
keyboards that enter the command directly in the GPC. A note of clarification: the term
GPC includes all five of the DPS computers on board, including those previously referred
to as GN&C computers.

The GCIL, in conjunction with the other described equipment, allows a ground crew to
operate and monitor the C&T system configuration, freeing the crew for other activities. It
also avoids the necessity of having one astronaut awake at all times just to maintain
contact with the ground.

Antennas

The antennas associated with each subsystem (except the UHF airlock and the deployable
Ku-band) are flush mounted and placed as shown in Figure 12. The locations were chosen
to favor the desired direction of coverage within the constraints of the available “real
estate.”

All flush antennas are overlaid with thermal protective material, which covers that part of
the orbiter surface that otherwise would be unable to survive the heat of entry. Thermal
protective material is thickest on the bottom; that over the lower antenna is as thick as
2-1/2 inches. This material has electrical characteristics somewhat similar to polyurethane
foam, and has required special attention where the patterns are critical (quads), the
wavelength is in the order of material thickness (MSBLS), and where isolation is important
(radar altimeter).



Basic data on the antennas are presented in Table V. MSBLS antennas require a
reasonably smooth pattern to avoid introducing measurement errors that would otherwise
result from signal amplitude variations as the vehicle attitude changes. The four quad
antennas are placed in the roll plane of the vehicle at 45 degrees to the orbiter horizontal
plane. The patterns of about 100 degrees in roll provide overlapping roll coverage; fore-aft
coverage is in the order of 120 degrees.

3.  DISPLAYS AND CONTROLS

Communication control panels in the orbiter are not too different from their counterparts in
large commerical aircraft and previous manned spacecraft, and much effort has resulted in
highly reliable components. All panels (not just C&T) are designed and manufactured by
the orbiter prime contractor, Rockwell International, to ensure commonality of component
use and standard layout and nomenclature.

The S-band control panel (Figure 13) makes use of some block diagramming to aid in
understanding switch functions, a technique that also shows on the bottom of the Ku-band
control panel (Figure 14). The signal strength meter on the Ku panel is shared between the
S-band PM (network) subsystem, the S-band payload subsystem, and the Ku subsystem.
The striped “barber poles” are two-state displays more reliable and easier to view under
various lighting conditions than pilot lights.

Additional information on the C&T system is available on the DPS cathode-ray display.
Most interesting of the data that can be called up is the antenna status display, the center of
which is shown in Figure 15. This display shows the volume around the vehicle as if a tube
had been placed around the fuselage, split along the bottom, and flattened. The nose is a
line across the top of the figure, the tail the line across the bottom of the figure, and both
sides of the figure represent the bottom fore-aft center line of the vehicle. The oddly
shaped figures are the outlines of the angles within which the Ku beam would be blocked
by the vehicle. Moving symbols E, W, and S are the directions to east and west TDRS and
to the nearest ground station. Obviously, they are not all always on the display. The square
around the W indicates the Ku antenna is pointing toward TDRS west. The pairs of letters
along the top of the display indicate the S-band quad that best serves those 90-degree
quadrants (LL = lower left, LR = lower right, etc.). This center display is surrounded by
other antenna status and signal strength data.

4.  SYSTEM PHYSICAL DESCRIPTION

The C&T system utilizes both sealed and unsealed LRU’s, with most of those specifically
designed for the orbiter being sealed as an aid toward meeting the goal of a ten-year life. A
typical box is in the order of 7.6 inches (19 cm) high and no longer than 20 inches (51 cm),



with width being determined by the volume needed. A flat thermal cover or base provides
contact with water-cooled shelves on which or under which it mounts (Figure 16).
Holddown is by captive fasteners. Connectors are on the front panel. Physical design was
greatly influenced by the sealing requirement, conduction cooling, and by the design
vibration requirement of 0.09 g2 per Hertz.

Off-the-shelf NAVAID’s are of standard aircraft configuration, with both the MSBLS and
TACAN LRU’s being vibration isolated. These LRU’s are cooled by air. Forced
circulation is used because of the lack of convection in space.

Most C&T LRU’s are mounted in equipment bays located at the fore and aft ends of the
mid deck along with LRU’s of other orbiter systems. In these bays, wires to LRU
connectors are in trays in front of the equipment for easy repair and modification. Where
feasible, redundant LRU’s are mounted in separate bays for damage control.

Figure 1 - Orbital Communication Links



Figure 2 - Atmospheric Flight Links

Figure 3 - Subsystems and Hardware Groupings



Figure 4 - EVA/ATC Communication System Block Diagram

Figure 5 - Normal EVA Communications



Figure 6 - Audio Distribution System Block Diagram

Figure 7 - S-Band Network System Block Diagram



Figure 8 - S-Band Network Frequencies, Modes, and Data Rates

Figure 9 - Ku-Band Radar/Communication Subsystem



Figure 10 - Ku-Band Subsystem Block Diagram

Figure 11 - Operational TV System Block Diagram



Figure 12 - Antenna Locations

Figure 13 - S-Band Controls



Figure 14 - Ku-Band Displays and Controls

Figure 15 - Center of Antenna Display



Figure 16 - Typical Avionics Installation



Table I -  Source and Impact of Design Drivers

Design Driver Source Impact

Cost Objective to make Shuttle a
low-cost launching system

• Compatability with existing
ground facilities

• Use of off-the-shelf
navigation aids

• Limited new component
development

Reuse Objective to reuse orbiter up
to 100 times

• Many environmentally
sealed boxes

• Extended environmental
testing

Reliability Requirement that two failures
not endanger crew or vehicle
and a single failure not force
mission termination

• Triple redundant navigation
aids (except radar altimeter)

• Almost completely
redundant communication

Flexibility Requirement to interface with
both DoD and NASA groung
networks and interface with a
wide variety of payload
communication

• Two “turnaround” ratios
• Multiple payload data rates,

formats, and operating
frequencies

Flush or
deployable antennas

Protruding antennas would
burn off during entry

Considerable difficulty in
meeting performance
requirements

Atonomy Requirement to be
independent of ground support
(operate without radiating)

Development of doppler
extractor to obtain navigation
data from stable ground-
transmitted signal

Power and weight Objective to maximize vehicle
payload capability

• More complex development
trades and design effort

Long RF coax runs Large size of orbiter Special efforts ro minimize
losses and improve aantenna
and receiver/transmitter
performance



Table II - Key Ku System Parameters

Narrow Beam Antenna
Type
Peak gain
3 dB beamwidth
Polarization

Prime feed parabolic
38.4 - 38.9 dB*
1.57 - 1.68E
RHCP/linear

Wide Beam Antenna
Type
Gain
Beamwidth
Polarization

Horn
18 dB
20E
Linear

Common Parameters
TWT output
Receiver NF

Prime power

50 W
5 dB max.
28 vdc

*Frequency dependent

Table III - Radar Accuracy

Range accuracy (3F)
Velocity accuracy (3F)
Angle accuracy (3F)
Angle rate accuracy (3F)

80 feet or 1 percent
1 ft/s
8 milliradians
0.14 milliradians/sec

Table IV - Return Link Signal Design



Table V - Orbiter Antennas

Antenna Quantity Freq. Polar Type Reason for Selection

TACAN 6 L LV Annular slot High efficiency; broad
angular coverage

MSBLS 3 Ku LV Waveguide horn Selected beamwidth;
smooth pattern

Radar altimeter 4 C LV Horn Beam-shaping; isolation

UHF 1 UHF LV Annular slot High efficiency; broad
angular coverage

S-band quads 4 S RHCP Crossed dipole fed
cavity fixed array

Beam shaping; gain;
efficiency

S-band hemi’s 2 SS RHCP Crossed dipole fed
cavity

High-efficiency; broad,
continuous coverage

S-band payload 1 S RH &
LH
CP

Cross dipole fed
cavity

Polarization switching;
shaped beam

UHF-Airlock 1 UHF L Microstrip

Ku system 1
or
2

Ku L
radar
CP
comm

Parabolic High gain; low sidelobes
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ABSTRACT

The transportation vehicle for launching personnel and payloads into earth orbit during the
1980’s and subsequent years will be NASA’s space shuttle. The space shuttle flight
system consists of an orbiter, an external tank, and two solid rocket boosters. The orbiter,
a key element of the Space Shuttle, is launched into space like a conventional launch
vehicle, performs on-orbit payload missions, enters the atmosphere, and lands much like a
conventional commercial jet aircraft.

This paper provides an overview of the Space Shuttle avionics with prime emphasis on
how the orbiter’s on-board processing, monitoring, and telemetry systems function during
the on-orbit mission phase. Included is a description of the S-band and Ku-band RF
transmission link and its relationship to the ground systems, payload interfaces, and
support equipment. Also discussed are the flexibility of its instrumentation system
(including capability to provide formats), features of the on-board monitoring systems
(dedicated displays, cathode-ray tubes, and caution and warning systems), and methods for
storing and processing data (recorders, mass memory, and on-board computers). The
orbiter’s avionic services to the payloads and the future growth of the Space
Transportation System and the orbiter are also discussed briefly.



INTRODUCTION

The Space Shuttle

Data management, the task of monitoring, processing, and telemetry of data, is an
important aspect of the Space Shuttle System, as it is for other space programs. The Space
Shuttle is a manned space transportation system designed to reduce the cost and increase
the effectiveness of using space for commercial, scientific, and defense needs. The flight
system consists of an orbiter, an external tank (ET), and two solid rocket boosters
(SRB’s). The Space Shuttle vehicle is shown in Figure 1.

The Shuttle orbiter is a reusable, cargo-carrying combination of spacecraft and aircraft: it
is launched like a rocket and it lands like a plane. The SRB’s, which provide solid
propellants for supplemental lift-off thrust, arc jettisoned two minutes into ascent; they
parachute to the ocean where they are recovered for reuse. The ET, the source of liquid
fuel and oxidizer for the orbiter’s three main engines, separates from the orbiter just before
orbit insertion and is designed to disintegrate in the earth’s atmosphere.

A Space Shuttle flight starts from Kennedy Space Center in Florida or Vandenberg Air
Force Base in California (Figure 2). Launched vertically, the orbiter lifts off, enters a low
earth orbit, and then adjusts the orbit according to mission requirements. After the mission
is completed, it slows to less than orbital velocity and begins its descent into the
atmosphere. The orbiter lands like a conventional airplane at one of its launch sites, where
it undergoes maintenance and servicing, is loaded with a new cargo, and can be made
ready in two weeks for another mission.

Because of its versatility and its large cargo-carrying capability, the Shuttle can combine
missions. For example, on one trip into space, the orbiter might place a weather satellite
and an earth resources satellite into different orbits, then retrieve a communication satellite
and return it to earth for servicing. Or, if the communication satellite needs minor repair,
the orbiter may carry technicians who would repair it in orbit. Although most of its
payloads do not include personnel, the Shuttle orbiter can serve as an inhabited earth-
orbiting laboratory for up to 30 days.

The Avionic System
The versatility and capabilities of the Space Shuttle demand the support of a complex and
flexible avionic system. The Shuttle avionic system provides the following capabilities for
the orbiter, ET, and SRB’s: command functions and implementations displays and
controls; guidance, navigation, and control; communication; computation;
instrumentations; and electrical power distribution and control (Figure 3). The orbiter flight
deck is the center of both in-flight and ground activities except during hazardous servicing.



During mated checkout and prelaunch countdown, commands, targeting, initialization data,
and voice are transmitted from the ground to Space Shuttle and its payload by either hard
line or RF transmission. Health, status verification data, and voice communication from the
Shuttle and payload to the ground are also by wire or by RF links.

During ascent, the orbiter avionics manages subsystems, determines vehicle status and
operational readiness, and controls ET and SRB sequencing function. Although automatic
vehicle flight control is provided for all mission phases except docking, manual control
options are available at all times. A fail-operational/fail-safe capability is provided by a
combination of hardware and software redundancy.

The orbiter avionic system interfaces with payloads through the mission and payload
specialist stations by means of hard-wired controls and displays when the payloads are
attached to the orbiter; when payloads are detached, communication is through RF links. A
caution and warning system monitors payloads aboard the orbiter.

S-band communication links between the orbiter and ground stations permit the orbiter to
transmit voice and data and to receive commands, voice, and data in space. Both S-band
and Ku-band can be used for communication through the NASA tracking and data relay
satellite system (TDRSS). Communication during DOD missions is by S-band to stations
in the space ground link system (SGLS). Automatic fault detection is provided for all
vehicle flight-critical functional paths.

The avionic equipment is arranged to facilitate checkout and to allow easy access and
replacement with minimal disturbance to other subsystems (Figure 4). The majority of
orbiter electrical and electronic equipment is installed in four areas: the flight deck,
forward avionic equipment bays, mid fuselage, and aft avionic equipment bays. Redundant
subsystems are installed in separate bays whenever possible. Cooling by both forced air
and cold plate is available in the forward avionic equipment bays. All of the equipment in
the unpressurized aft avionics bays is mounted on cold plates. Inertial measurement units
on the navigation base are cooled by forced-air convection. Exposed equipment (e.g., star
sensors) is thermally protected by insulating material applied to exterior surfaces.

All antennas, except those used exclusively for satellite tracking and extravehicular activity
(EVA) communication, are flush-mounted on the top, bottom, and sides of the orbiter
forward fuselage. Four S-band antennas, for phrase modulation communication with SGLS
and space tracking and data network (STDN) ground stations, and the NASA tracking and
data relays are mounted on the forward fuselage, two on each side. One S-band FM
antenna is mounted on the top and one on the bottom surface of the forward fuselage. Four
C-band horns for the radar altimeter and a UHF antenna for EVA air traffic control voice
communication are also located on the underside of the forward fuselage.



Six (three each, top and bottom) L-band tactical air navigation (TACAN) antennas supply
three redundant on-board TACAN receivers. The top and bottom antennas provide
coverage to both landing site and side TACAN transmitters during vehicle roll and pitch
maneuvers. TACAN is capable of acquisition up to 130,000 feet.

Three Ku-band microwave scan-beam landing system antennas are mounted in the upper
surface of the orbiter nose. They provide precise asimuth angle, elevation angle, and range
information with respect to the runway. Antenna radiation patterns allow acquisition at
14,000 feet (minimum). A Ku-band rendezvous radar antenna, which is also used for
TDRS Ku-band communication, is located in the orbiter cargo bay. A second antenna/
communication kit can be added as a payload option. UHF voice communication for EVA
is accomplished by an antenna located in the orbiter airlock.

The Space Shuttle is a unique flight systems and the avionic hardware and software are
suited to its uniqueness. Of the various subsystems that make up the Shuttle avionic
system, the processing, monitoring, and telemetry subsystems are described sufficiently to
represent the complexity and flexibility of the flight system.

ON-BOARD PROCESSING AND MONITORING

The on-board processing and monitoring subsystems of the Shuttle avionic system consist
of data processing equipment, instrumentation, and monitoring devices and displays.

Data Processing Subsystem

The data processing subsystem (DPS) provides on-board data processing, data transfer,
data entry, and displays associated with orbiter avionic operations (Figure 5). The DPS
comprises the following:

• Major processing elements for guidance, navigation, and control; payload and system
management; sequencing; and communication and tracking

• Magnetic tape memories for bulk data storage of all operational software and records of
measured operational data and organization of information related to individual display
preparations

• Time-shared serial digital data buses to accommodate the data traffic between the
computers and the orbiter subsystems

• Remote interface units to convert and format data at the various interfacing subsystems



• Display units to monitor and control the orbiter and its mission by presentation,
insertion, or change of selected variables

• Dedicated payload interfaces

The DPS is organized around a set of five general-purpose computers (GPC’s) that are
interconnected so that they can operate either in a redundant set for critical service or
independent of each other. During the ascent and descent phases, four of the five
computers are operated in a redundant set (primary system) while the fifth computer is
allocated as a backup. The backup system has a separate, independent software design and
coding activity to protect against possible generic software failure in the primary computer
set. In the event of a major problem with the primary system, the backup system is
switched into operation; and the outputs from the primary system are inhibited. During the
on-orbit phase, one of the GPC’s is used as a system management and payload computer
while the vehicle is managed by one or more of the remaining four GPC’s. The mass
memory unit (to be discussed later) provides GPC memory reconfiguration capabilities.
Subsystem information is processed for crew visibility by a GPC configured for system
management. During the ascent and descent phases, selected system management
functions, including payload command and monitoring, are provided by the backup
computer.

The primary interface unit between the GPC and other subsystems is a multiplexer/
demultiplexer (MDM), shown in Figure 6. The MDM’s act as a GPC-to-orbiter format
conversion unit. They accept serial digital information from the GPC’s and convert or
format this information into analog, discrete, or serial digital form for transfer to Space
Shuttle subsystems. The MDM’s can also receive analog, discrete, or serial digital
information from the Space Shuttle subsystems and convert and format these data into
serial digital words for transfer to the GPC. In addition, MDM’s are used by the
instrumentation subsystems (discussed later) but only in a receive mode. Each MDM is
controlled through either the primary port connected to the primary serial data bus or
through the secondary port connected to the backup serial bus if failure is encountered
with the primary system.

The mass memory unit (MMU) is a digital magnetic tape storage device with a total
capacity of approximately 134 x 106 bits of data. Since this capacity well exceeds the
present storage estimates, it offers additional growth potential. The MMU serves as a large
storage medium for GPC operational and test programs, display skeletons, and bulk data
applications.



Two MMU’s arc available in the system in a dual, redundant configuration. Each MMU
has a specific address and is accessible to the five GPC’s for storage or retrieval of data.
In-flight recording (writing) of data in the MMU is allowed only on specific, preselected
tracks to protect critical data. Communication between an MMU and a GPC is by means
of an MMU-dedicated data bus.

The MMU responds to requests for service issued by the GPC’s over the data bus; it does
not initiate action on its own. When the MMU is not responding to a GPC request for
action, it downmodes itself to standby mode; and power is removed from all but the
essential MMU control functions. Receipt of a command initiates a power-up sequence
before the request is serviced.

The GPC can request four basic MMU operations:

• Position tape.

• Read or write data from or to tape.

• Transmit status registers.

• Transmit tape position data.

Digital data are stored on the MMU tape in serial longitudinal format on eight parallel
tracks; an additional track is used for control purposes. Eight files run the length of the
tape, and data in each file are recorded or read sequentially in alternating tape directions
from track to track in a serpentine pattern.

Instrumentation

Avionic instrumentation monitors performance, environment, and health; collects the
information; and stores it in various devices (discussed later in this section) for GPC
access. Avionic system instrumentation consists of transducers, signal conditioners, pulse-
code modulation (PCM) encoding equipment, frequency multiplex equipment, PCM
recorders, analog recorders, and timing equipment. This equipment derives from two
separate flight systems: operational instrumentation (OI) and development flight
instrumentation (DFI). The DFI (Figure 7) is used for development flights only and is
removed after the development phase of the program is concluded. The OI (Figure 8) and
DFI interface with companion components, other avionic subsystems, the ET, SRB’s, main
engines, and ground support equipment (GSE).



Sensors to monitor vibration, temperature, pressure, and strain are distributed throughout
the orbiter. Early in the Shuttle system development, a set of guidelines was established to
minimize the number of sensors used in OI and DFI. Each sensor deemed necessary was
given a number and stored in the Master Measurement Data Base (MMDB) along with a
description (range, sample rate, environment, etc.). A Master Measurement List was
derived from the MMDB to procure the transducers and signal conditioners used in the
orbiter. (Table 1 is a breakdown of orbiter vehicle measurements.)

Table 1.  Orbiter Measurements

Type

Quantity (approx)

Analog Discrete

OI PCM sensors (downlink)
OI GPC sensors (downlist)
OI GPC-deroved (downlist)
DFI wideband sensors
DFI PCM sensors

1024
421

7900
675

2535

1875
1245
7995
N/A
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The OI is required to sense, acquire, condition, digitize, format, and distribute data for
display, telemetry, recording, and checkout. It provides PCM recording, voice recording,
and master timing for on-board subsystems. The equipment consists of two PCM master
units (PCMMU’s), two operational maintenance/loop recorders, one payload recorder, one
master timing unit, a payload data interleaver, and various MDM’s, signal conditioners,
and sensors.

The DFI, scheduled for development flights only, provides additional instrumentation,
similar to OI, to support certification and verification programs. The DFI is required to
monitor, acquire, condition, digitize, format, frequency-multiplex, distribute, and record
data. The equipment consists of two PCMMU’s, three recorders, nine frequency division
multiplexers (FDM’s), and various MDM’s, signal conditioners, and sensors.

PCMMU — OI sensor data (designated as downlink data) are acquired by the PCMMU
in conjunction with MDM’s (Figure 9). The MDM’s, under control of the PCMMU’s,
accept, encode, and store the data in a random access memory (RAM) located within the
PCMMU. The stored data are “refreshed” (updated) periodically under the control of a
preprogrammed read-only memory. This module is known as a “fetch PROM.”

GPC sensor and derived data (designated as downlist data) are acquired by GPC’s and
sent by a data bus to the PCMMU’s. The PCMMU provides a unique double-buffer
memory for each computer input, which allows data reception asynchronously while



synchronously outputting previously received data. This guarantees the homogeneity of the
data (i.e., output data are not overlaid by incoming data). Payload data are processed
through the PCMMU in the same manner as the OI sensor data except that the PCMMU
interfaces with a payload data interleaver (PDI).

The OI PCMMU — after accepting data from the MDM, computers, and PDI — formats
the data into a serial digital output stream for telemetry, recording, and GSE. Format
control is provided by the output formatter, which is programmable and can be modified
by a set of instructions from the computers. This set of instructions, identified as a
telemetry format load (TFL), is stored in the mass memory.

The PCMMU has a maximum output capability of 128 kilobits per second (kbps) for
purposes of telemetry, and on-board recording. The PCMMU, on command from the crew,
can send 64 kbps of information. This mode is primarily used in conjunction with the low
bit rate of the transmission system (S-band or Ku-band) and the TDRSS.

Requirements for the various formats are derived from a set of guidelines and are
documented in the MMDB. Once requirements are established, inputs are made to a
ground processing compiler that outputs a set of instructions (TFL’s) in tape form. The
tape is then loaded into the GPC mass memory.

Formats have been developed for the ascent phase, on-orbit phase, entry phase, and
ground checkout. As noted in Figure 9, one of the format memories is a 128-kbps PROM,
which is a fixed format and cannot be modified by the GPC. This format is used during
power-up of the orbiter and during the ascent phase. A fixed format is necessary because
loss of power to the PCMMU would result in loss of information from 64/128-kbps
RAM’s (volatile memory). The DFI PCM is identical to the OI PCM except that it does
not interface with the GPC’s.

Payload Data Interleaver — The programmable PCMMU can be modified from one
flight to the next. Since the Shuttle provides transportation for many types of payloads, a
programmable PDI was designed to interface with the PCMMU. The PDI (Figure 10) can
accept data simultaneously from five different payloads, select, and individually
decommutate the data for storage in a buffer memory. This memory is accessible to the
PCMMU, and the data are included with the orbiter PCM stream. The PDI is programmed
on board from the mass memory through the GPC, which is used to select specific data
from each payload PCM signal and transfer them to buffer memory locations.

Master Timing Unit — The MTU is a stable crystal-controlled frequency source that
provides serial time code outputs to selected Shuttle orbiter subsystems, including
computers, data acquisition systems (PCM and FDM), and displays. It includes separate



time accumulators for Greenwich Mean Time (GMT) and mission elapsed time (MET),
which can be set or updated by external control.

Operational Recorder — Two identical recorders are used for the loop and maintenance
recording function. The function performed by each recorder is controlled by the recorder
control program plugs and commanded by a primary and secondary 16-line binary code to
the recorders. The functions of the recorders can be interchanged by uplink command or
crew selection during flight. Uplink, launch processing system, or keyboard control of the
recorder is initiated by applying a continuous command at the recorder primary command
interface to prevent erroneous operation of panel control talk-back.

Three tracks of the No. 1 operational recorder are dedicated to parallel recording of 60-
kbps main engine digital data during the ascent period. This period starts at launch and
continues for up to 15 minutes. Operational recorder No. 2 simultaneously records OI
PCM data interleaved with two channels of digitized voice. (192 kbps). Eleven tracks of
operational recorder No. 2 are dedicated to serial recording of digital data, which may be
PCM only or PCM interleaved with digitized voice.

During postorbit insertion operation, the maintenance recorder records ten-second
“snapshot” samples of PCM data. This sample is initiated by the end of tape of the loop
recorder and terminated by the ten-second timer within the maintenance recorder. When
flight anomalies occur, loop-recorded data (temporary storage) are transferred to the
maintenance recorder for permanent record. Three tracks of the maintenance recorder are
reserved for use in performing the loop function in the event that recorder functions are
reversed. The maintenance recorder remains in the standby mode until actuated for
recording anomaly data, snapshot data, or crew voice digitized and interleaved with the
PCM data.
Three tracks of the loop recorder are dedicated to performing the square-loop function,
which is continuous recording of PCM data throughout the mission by switching
sequentially through three adjacent tracks. At the end of each track, the recorder reverses
tape direction and steps to the next track. When the loop recorder has completed recording
on the third track, the first track is erased to provide clean tape for restart of the three-track
sequence. The last recorded track is played back while the current track is recorded. The
following is a typical example of recording a 2.5-minute preanomaly and a 2.5-minute
postanomaly period. The recording time periods can be varied upon command within the
limits defined by control program plug wiring.

When an orbiter system anomaly occurs, the maintenance recorder’s delay timer is
activated; after 2.5 minutes, the maintenance recorder starts recording and causes the loop
recorder to reverse tape direction, whereupon recording is switched to the next track. The
data recorded on the loop during a 5-minute interval, time centered about the anomaly, are



transferred to the maintenance recorder in reverse time. If the loop reaches the end of tape
while the transfer is in progress, the loop track sequence is reverse-stepped so that the
desired data are permanently recorded. The maintenance recorder reaches maximum
storage capability when the first 11 tracks are full. The functions of the loop and
maintenance recorders can be reversed by command or crew selection, the unused
channels of the loop recorder storing the maintenance data.

The loop and maintenance recorder anomaly data are played back to GSE or on-board
transmitters at a data rate of five to one, relative to the record speed. The loop recorder’s
first three tracks of engine digital data are played back in serial format to GSE or on-board
transmitters at a data rate of 16 to 1, relative to record speed.

The data recording system uses wideband digital and analog magnetic tape recorders to
record and reproduce digital and analog signals. The magnetic tape recorder data storage
system consists of two components. The first component comprises the multitrack coaxial
reel-to-reel tape transport and its associated electronics, packaged in a hermetically sealed
container. The tape transport features negator spring tension and contains a minimum of
2400 usable feet of 0.5-inch by 1-mil magnetized tape. The transport can store a minimum
of 3.4 x 109 bits of digital data. The second component contains additional data
conditioning circuitry and all other control logic and associated electronics, packaged in a
separate electronics enclosure that is not hermetically sealed. The two component
packages are designed so that the recorder can be handled as a single item.

Payload Experiment Recorder — The payload recorder is identical to the operational
recorder in hardware design. Payload experiment data recording is provided via the
payload station panel. Predetermined patch panel wiring permits digital data recording in
either parallel (up to 14 tracks) or a combination of parallel-serial. Data rates from 25.5
kbps (lowest rate for tape speed of 6 inches per second-ips) to 1024 kbps (highest rate for
tape speed of 120 ips) can be selected from four tape speeds provided by premission
wiring of recorder program plugs.

Analog data can be recorded on up to 14 tracks in parallel with frequency from 1.9 kHz
(lowest frequency for 6 ips tape speed) to 1.6 MHz (highest frequency for 120 ips tape
speed) by premission program wiring. The basic recorder has the following
record/playback capabilities:



Data Rate
(kbps)

Freq Range
(kHz)

Selectable Tape Speed
(ips)

Time Per Track
(min)

64-128
128-256
256-512
512-1024

1.9-250
3.8-500
7.5-1000
1.5-1600

15
30
60

120

32
16
8
4

PCM Recording (DFI) — Development flight measurement data are processed by a
PCMMU and recorded on a continuous or sample basis by the PCM recorder dedicated to
DFI. The DFI PCM recorder records data at 128 kbps from the DFI PCMMU either
continuously or in timed intervals, depending on recorder controls selected. The 14 tracks
are used to record in a track-to-track serial sequence, the serial recording providing up to
8 hours of recording at a speed of 15 ips. The data are played back via hard line to GSE
only. Serial playback is at the rate of eight to one.

Wideband Recording (DFI) — Continuous frequency data, such as vibration, acoustic,
and flutter measurements, are frequency-multiplexed and recorded on the wideband
recorder. Each DFI wideband recorder provides up to 14 tracks for recording frequency-
multiplexed wideband analog data from the FDM outputs. Total recording time is 32
minutes at a programmed operating speed of 15 ips. The recorder can be operated
continuously or in a data sampling mode. Data are played back to GSE at a one-to-one
rate, relative to the record speed; and all 14 tracks are dumped simultaneously.

A second wideband recorder is used to provide 28 tracks for recording additional FDM
outputs. This recorder can be operated continuously or in a data sampling mode. The total
recording time on this recorder is two hours. At 15 ips, data are played back at a one-to-
one rate, relative to record speed. All 28 tracks are outputted simultaneously; but, because
of GSE restrictions, only 14 tracks can be processed simultaneously. Therefore, two
separate playback passes of the recorded data are required.

Displays and Controls

The displays and controls (D&C) subsystem provides the equipment and devices in the
orbiter crew compartment that allow the crew to supervise, control, and monitor the
Shuttle mission and vehicle. The subsystem consists of the D&C panels and instruments;
manual controllers; cathode-ray tube (CRT) displays, keyboards and associated
electronics; encoding, decoding, and conversion electronics associated with instruments
and manual controllers; crew compartment interior and integral lighting; exterior and
payload bay lighting; and the caution and warning (C&W) subsystem. Only the monitoring
phase of this system, including CRT displays and the C&W subsystem, is addressed here.



CRT Displays — The multifunction CRT display system (MCDS) provides a keyboard
for crew/system interaction and a CRT for visual display and program changes. A variety
of basic display formats that reside in the MMU can be selected by the operator. Display
data that are subject to change, such as vehicle airspeed or position, are provided by the
GPC as a result of real-time computation. Display formats are fixed, the various types
being predetermined and placed in memory.

The MCDS consists of three major units: the keyboard unit (KBU) for operator input; a
display unit consisting of a 5- by 7-inch CRT screen; and a display electronics unit (DEU),
which interfaces with the keyboard, display unit, and GPC and determines the characters
and symbols that appear on the display. (Figure 11 is a block diagram of the MCDS.)

The keyboard has a set of 32 keys to enter information into the GPC via the DEU and
allow the operator to determine the format of the CRT display. Keyboard characters may
be displayed on the screen for operator verification of messages to be sent to the GPC. In
this mode of operation, the bottom line of the CRT is reserved for use as a scratch pad.

The display unit uses a magnetic-deflected, electrostatic-focused CRT. The unit contains
two identical deflection amplifiers, a video amplifier, low-voltage power supply, and a
high-voltage power source. When supplied with X- and Y-deflection signals and video
inputs, the CRT displays alphanumeric and graphic (vector, circle) information. Individual
characters can be flashed and their brightness varied on the green phosphor CRT. A
typical CRT display is shown in Figure 12.

The DEU interprets the keyboard and GPC information to send proper deflection signals to
the CRT. It interfaces with the GPC via a multiplexer interface adapter (MIA) and one or
two keyboards. The DEU has a read/write memory that stores the symbols that are to
appear on a given display. It also contains a symbol generator that decodes the symbol
information and generates analog signals for deflection and intensity control of the CRT.

Caution and Warning Subsystem — The C&W subsystem (Figure 13) monitors selected
subsystems and alerts the crew via annunciator lights and audible alarms of pending
critical malfunctions. All C&W parameters require immediate crew attention to prevent
possible failure propagation into other subsystems. In descending order of priority, the
various degrees of criticality are emergency, warning, caution, and advisory. An
emergency condition identifies an immediate crew hazard (fire or rapid depressurization)
and requires immediate crew reaction. A warning condition informs crew of failure or
impending failure that could propagate to other systems, while a caution condition informs
the crew of an anomaly that would cause a lessened capability to continue the mission. The
advisory condition informs the crew of a low-priority subsystem anomaly. As noted in
Figure 13, the emergency parameters (e.g., smoke detection) are monitored by a



redundant, self-contained unit; the warning and caution parameters are dedicated signals;
and the advisory conditions are monitored by a computer.

TELEMETRY

Transmitting and receiving Shuttle flight data are functions of the communication and
tracking (C&T) subsystem. The portions of the C&T subsystem primarily used for data
telemetry are the S-band and Ku-band systems. Flight data telemetry is also supported by
the previously mentioned TDRS and STDN ground station (Figure 14). During space
flight, the Space Shuttle orbiter uses S-band and Ku-band links to provide audio/voice and
uplink commands from the ground.

S-Band — The S-band system (Figure 15) provides dual, full-duplex voice and uplink
commands as well as telemetry between the orbiter and the STDN ground stations and the
TDRSS. Network communications include a two-way phase-modulated PM link for voice,
uplink command and telemetry, and a direct FM downlink for medium-band data
transmission. Data on the PM link may be transmitted either directly to the STDN or
satellite control facility (SCF) ground stations or relayed through the TDRSS.

The S-band PM data are transmitted by any one of four antennas (quad antenna), which
can be switched either manually from the cockpit or by computer control; FM data are
transmitted by any one of two antennas (hemi antennas), which are also switchable. The
FM system is capable of transmitting data that the limited PCM telemetry data stream
cannot handle: television, digital data from the main engine (3 x 60 kbps), wideband (to
4 MHz) payload data, or digital data from recorder playback or payloads.

The system provides for several modes and data rates (Figure 16) for both the forward link
(ground to orbiter) and the return link (orbiter to ground). Coding is used in the TDRS
modes to improve bit error rates. In the high-rate mode, two full-duplex voice channels are
provided. The digitized voice is time-division-multiplexed with command data for a total
of 72 kbps on the forward link and 192 kbps voice and telemetry on the return link. In the
low-rate mode, only one full-duplex digital voice channel is multiplexed with data. The
forward link voice is reduced to 32 kbps and the return link telemetry is decreased to
96 kbps.

S-Band Payload Communication — The S-band payload subsystem (Figure 17) can
communicate with a wide variety of satellite systems. It will be used for such purposes as
checking the operation of a released payload before the orbiter leaves its immediate
vicinity and safing a satellite before taking it on board for repair or return to earth.



The receiver and transmitter are packaged in a line replaceable unit (LRU) called the
payload interrogator (PI). Signals are processed in both directions by the payload signal
processor (PSP). Redundant LRU’s are carried for both the PI and PSP. The PI provides
851 duplex channels for simultaneous reception and transmission of information with a
noncoherent frequency turnaround ratio of 205 to 256 in the space ground link system
mode (20 channels), and 221 to 240 in the STDN (808 channels) and deep space network
(23 channels) modes. In addition, it provides four receive-only and six transmit-only RF
channels in the deep space network mode.

Ku-Band — The Ku-band system operates as a radar unit during space rendezvous or can
be used as a two-way communication system. The Ku-band communication system
(Figure 18) is designed to operate through the TDRS to a ground station (Figure 14).
Separate frequency bands are used for transmitting and receiving functions. The link from
the ground to the orbiter via the TDRS is designated the forward link and operates in the
frequency band of 14.896 to 15.121 GHz. A key element of the Ku-band communication
equipment is a high-gain antenna, which can be steered for signal acquisition and has the
capability of automatic angle tracking of RF source. The high-gain antenna is attached to a
two-gimbal mount on the deployed assembly. The deployed assembly is mounted on a
deployable boom located in the payload bay; it is stowed under the payload bay doors
between the payload volume and the doors. Because of the stowage/deployment
requirements of the high-gain antenna(s), the Ku-band equipment is operable only when
the payload bay doors are open.

Payload Telemetry — The Space Shuttle orbiter is equipped to provide a variety of
telemetry services to both attached and detached payloads. Scientific data from attached
payload sensors and experiments can be transmitted to the STDN or SCF ground stations
by the orbiter S-band system or relayed through a TDRS by Ku-band. The orbiter can also
record and store scientific information sent over hard line from attached payloads, or relay
text and graphics sent from a TDRS ground station (Figure 19).

Engineering health and status data from both attached and free-flying payloads can be
monitored and recorded on board, sent to STDN or SCF ground stations (S-band), or
relayed through the TDRS. Engineering data from the ground can also be transferred to
attached payloads.

The orbiter audio subsystem is designed to permit three-way conversations among the
orbiter crew, the ground, and personnel aboard attached payloads. And it can constitute
part of the digital data stream to and from the orbiter. Video signals from attached
payloads can be monitored on board the orbiter or sent to the ground by either S-band or
Ku-band links. Ground-initiated commands for either attached or detached payloads can be 



transferred through the orbiter communication system, where the crew can monitor and
record them.

The orbiter can initialize five payload subsystems or update state vectors by using on-
board data or information transmitted from the ground. Data from attached payloads can
be monitored and recorded by the orbiter crew.

Up to five safety-critical status parameters can be hard-wired from an attached payload to
the orbiter. The orbiter crew monitors these parameters and can take the necessary and
timely remedial actions. Other parameters are also monitored and can be recorded as part
of the orbiter system management function. Payload C&W data can be transmitted to the
ground through the orbiter. The orbiter also sends master timing signals to attached
payloads. Rendezvous with detached payloads is accomplished through the orbiter Ku-
band rendezvous radar.

SUMMARY

The areas of the Shuttle avionic system chosen for discussion in this paper illustrate the
great complexity and flexibility required by the broad spectrum of Shuttle missions and
payloads. Consider the designing challenges proposed by the spacious orbiter cargo
bay—large enough to accommodate a fully equipped laboratory. A consortium of nine
European nations, working through the European Space Agency, is designing and
developing a habitable modular space laboratory for the cargo bay. The modular approach
permits great versatility in anticipation of experiments involving zero-g manufacturing
techniques, astronomical and earth observation, and pharmaceutical processing. The
Shuttle missions encompass such diverse tasks as carrying earth resources satellites and
laser optics into space to building enormous solar power and space stations.

The hardware and computer programs of the Shuttle avionic system that service the
orbiter, its anticipated payloads, and the crew are extremely sophisticated and yet versatile
enough to allow for the imaginable missions of a space transportation system that “flies by
wire” into space and lands like an airplane. This paper highlights the workings of a few of
its subsystems.



Figure 1.  The Space Shuttle Vehicle

Figure 2.  Typical Mission Profile



Figure 3.  Shuttle Avionic System

Figure 4.  Orbiter Equipment Installation Configuration



Figure 5.  Data Processing and Software Subsystem Block Diagram

Figure 6.  MDM System Block Diagram



Figure. 7.  DFI Block Diagram (Simplified)

Figure 8.  OI Block Diagram (Simplified)



Figure 9.  PCMMU Block Diagram

Figure 10.  PDI Block Diagram



Figure 11.  Functional Block Diagram of Multifunction CRT
Display Subsystem (MCDS)

Figure 12.  Typical CRT Display:  Entry Trajectory 1 Display Format



Figure 13.  C&W Subsystem

Figure 14.  Orbital Communications and Tracking Links



Figure 15.  S-Band Network Block Diagram



Figure 16.  S-Band Network Frequencies, Modes, and Data Rates



Figure 17.  S-Band Payload Block Diagram

Figure 18.  Ku-Band Subsystem Block Diagram



Figure 19.  Orbiter Avionic Services to Payloads

Table 1.  Orbiter Measurements

Type

Quantity (approx)

Analog Discrete

OI PCM sensors (downlink)
OI GPC sensors (downlist)
OI GPC-derived (downlist)
DFI wideband sensors
DFI PCM sensors

1025
421

7900
675

2535

1875
1245
7995
N/A

90



TELEMETRY — PAST, PRESENT, FUTURE

O. J. “Jud” Strock
Senior Applications Engineer

EMR-Telemetry
Sarasota, Florida

SYNOPSIS

On the assumption that “the past is prologue”, this paper presents an interesting and
revealing look at the telemetry technology of twenty years ago, a comparison of that with
the technology of today, and an extrapolation into the future of telemetry. Factors which
are examined include the characteristics of telemetry systems, the price per unit of
performance, and the applications in which telemetry has been, is being, and likely will be
used.

The key word in the paper is “choice”. A user or prospective user had little choice in
equipment or techniques twenty years ago; the present day technology offers a wide range
of choices; indications are that the future will offer even greater choices in characteristics
and price — and consequently, in the applications for which telemetry is a viable tool for
data acquisition and processing.

TELEMETRY IN 1958

In this paper, the period of twenty years ago is chosen as a starting point for several
reasons. First, twenty is a convenient round number. Second, 1958 was our nation’s first
full year of telemetry consciousness following the launch of Sputnik I. It was the first
International Geophysical Year. Finally, 1958 has special significance for me because I
was relatively new in telemetry and attended my first telemetry conference at Baltimore
that year.

At that time, most telemetry was proportional-bandwidth FM, PAM, or PDM. The top
subcarrier frequency was 70 KHz, which was compatible with the state-of-the-art tape
recorder and its 100 KHz frequency response. We were building the Titan telemetry
equipment in 1958; there were fourteen VCO’s, a 90 x 10 PDM commutator, and a
45 x 20 PDM commutator, all mounted with a 100-watt VHF transmitter in a 65 pound
pressurized package. In ground stations, ten discriminators filled a rack. Each PDM
decommutator filled a rack.



Reduction of telemetry data was a constant frustration to the user in 1958. In one very,
sophisticated arrangement, analog data from discriminators and decommutators was
recorded on CEC 5-119 recording oscillographs. Films were developed, then taken to the
Benson-Lehner plotter where tens of thousands of points on each trace were converted to
punched card data for entry into an IBM 704. The experimenters with high priorities were
able to get their data processed in thirty to sixty days; the lower priority users probably
retired before their data was ready for them!

The domestic market for telemetry in those days was primarily government funded.
Aircraft and missile development accounted for a large percentage of the usage. There was
very little export business in telemetry in 1958.

There was one paper in 1958 on industrial telemetry to monitor petroleum distribution — a
field which was relatively well advanced at that time. Other papers at Baltimore related
mostly to aircraft and missile uses, although there was discussion of medical and other
possible uses. The market areas were mainly domestic, mainly government funded, and
mainly air and space in 1958. Other would-be users had little choice — use the available
equipment or do without telemetry as a tool for their applications.

TELEMETRY IN 1978

As we all know, proportional-bandwidth in FM, PAM, and PDM are still appropriate for
some applications. However, in the field of FM, we find that constant-bandwidth systems
are much more popular than proportional-bandwidth systems. Subcarriers cover the
spectrum to at least 250 KHz, and sometimes to several times that frequency. The tape
recorder technology has expanded to the point where Sangamo offers 4 MHz response on
their Sabre X machine at 240 inches per second. In many cases data transmission
bandwidth is the eventual limit on system performance in the analog domain.

The PCM technology, not a large factor in telemetry twenty years ago, is today’s
workhorse with more dollars being spent today for PCM equipment than for all other
telemetry equipment combined. A user can choose size, accuracy, resolution, sampling
rate, package configuration, environmental capability, and other characteristics, then pay
an appropriate price for his encoder system instead of being forced to accept or reject
another user’s system characteristics and price. At the ground station an equally significant
choice is available; the decommutator can be a $4,000 manually controlled box with one or
two channels of data decommutation and display, or a $2 million telemetry-computer
system under telemetry oriented software control and including several forms of data
display, and storage — or anything in between these extremes. You, as a user, have a
choice; pay for what you need and no more. If we define a unit of performance in
telemetry as being the encoding, transmission, storage, decommutation, processing, and



display of a single data point, then the price of a unit of performance in the typical
telemetry system (either FM, PAM, or PCM) is lower today than in 1958.

Another advance in the past twenty years is the instant availability of processed data. The
user can even interact with his experiment in some cases, observing processed telemetry
data in real-time with calibration, conversion of each data point to engineering units, and
issuing commands to the vehicle or other device being monitored.

Because of the choice which a user can exercise, new market areas have opened in the
past few years. Telemetry is being used in many new areas where data from an
inconvenient location is to be observed in a convenient location. The data source location
may be inconvenient because of small space (sounding rocket, for example), danger
(nuclear reactor or bathysphere), discomfort (electric power generation or distribution or
petroleum distribution), cost (patient monitor in hospital or meteorological sensing),
overabundance of data (aircraft flight test), or other reasons.

Some specific uses of telemetry in 1978 are enumerated below:

1. Aircraft flight tests — Another paper in this session describes telemetry for the B-1
Bomber.

2. Spacecraft — Another paper describes the Space Shuttle telemetry.

3. Electric Utilities — Another paper describes telemetry used in this industrial
application.

4. Sounding rockets and other scientific experiments in the upper atmosphere and outer
space.

5. Automobile Testing — This includes research as part of industry’s requirements, as
well as safety compliance testing.

6. Tractor Testing as part of product development and improvement.

7. Oceanographic Research.

8. Weather Forecasting — This science has long been hampered by the difficulty of
collecting data from remote locations in real-time.

9. Airport Safety — Our company has wind-shear measurement systems at several
major airports, and is under contract to instrument quite a few more airports soon.



These systems give an approaching or departing pilot information on dangerous wind
differentials.

10. Pollution Monitoring — The science of ecology is heavily dependent on accurate,
low-cost, reliable data collection equipment to monitor the quality of the air we
breathe and the water we drink. We have been active in water monitoring for several
years, and are experiencing an expanding market in this business area.

11. Mass-transit Monitoring — We have installed equipment at Boston MTA stations to
provide constant assurance of the proper operation of all equipment at the stations.
Telemetry can help you get to work on time; perhaps more important, it can help you
get home on time!

12. Patient Monitoring — The cost of full-time personal monitoring of patients in
intensive care is staggering. Telemetry is enabling hospitals to give increased care at
less expense per patient.

13. Petroleum Exploration — EMR was formed in 1941 and initially staffed by
instrumentation engineers from Schlumberger, a petroleum instrumentation company.
Now, the technology transfer in our company is a two-way street, with EMR
Telemetry being used by the petroleum industry for on-shore, off-shore, and even
unmanned submarine instrumentation as petroleum exploration expands.

14. Distribution Monitoring — Water, gas, petroleum, and electricity.

15. Building Utilities — As the cost of manpower and the complexity of climate control
and other commercial utility systems increase, the viability of telemetry as a
monitoring and annunciation tool increases.

TWO EXAMPLES OF 1978 GROUND STATIONS

Two systems in current production demonstrate the range of choices which a user has in
the PCM telemetry/computer ground station area. One of these, selling for about $1
million, is to be used by NASA for range support on their sounding rocket tests at Wallops
Island, Virginia, while the second is a production system selling for $30 - $50,000, used in
quick-look data analysis.

The NASA station block diagram, Figure 1, shows the functional arrangement of the
system. Two PCM input data streams, one PAM or PDM input data stream, up to 128
analog inputs (from discriminators or other data sources), and a time code input are
accepted by the station. All data is processed for parallel entry into memory, at which



point it is accessed by either of two computer systems. Data can be displayed at the main
station, either in raw form or after real-time processing. It is stored on magnetic tapes for
further off-line processing, or stored on disks. In addition, raw or processed data is re-
formatted and transmitted via microwave link to two remote locations for display. All local
and remote displays are in color for operator convenience in data interpretation.

The three high speed data sources can be compressed and merged via the data compressor,
such that redundant or otherwise uninteresting data is discarded rather than being entered
into the computer memory. Twelve compression algorithms are available to the user, and
any one (or appropriate combinations) may be applied to any data sample from either of
the input ports.

All of the front end equipment, including the compressor, is made by EMR. We also make
the high speed interfaces to computer memory and the telemetry interrupt interface
module. The two data processors are Digital Equipment Corporation (DEC) PDP 11/60
Computers. Computer peripherals are from DEC and other manufacturers. The displays
are from several sources.

The NASA system and another fifty or more telemetry-computer systems from EMR use a
unique telemetry software system with engineering (rather than programming) language to
control the real-time operation of the system. This TELEVENT software system sets up
the front-end hardware, sets up the data path or paths within the system, acquires and
enters data into computer memory, runs certain real-time processing functions,
decommutates specific channels for display, stores data on output magnetic tapes for future
use, and runs background programs as time permits.

This entire NASA system typifies recent advances in the state-of-the-telemetry art. NASA
has had a telemetry-computer system in operation since 1968; virtually, nothing in this new
system was available when the previous one was delivered to Wallops. Data rates,
computation capability, storage of results, display of data in optimum format, and other
operational characteristics represent recent advances in telemetry-computer technology.

The other station which will be of interest is the EMR Model 708 PCM Processor. This is
a quick-look ground station which incorporates many of the same functions as the large
NASA system, yet in an abbreviated version for $30 - $50,000.

The Model 708, Figure 2, has a single PCM input data stream. The bit synchronizer is the
same type used in the large station; the frame and subframe synchronizers are similar in
capability. The computer is DEC’s Model LSI-11 Microprocessor. Operator inputs and
station outputs are via CRT terminal with a cartridge tape to load programs. Up to 32 



DAC’s are incorporated into the system. A programmable PCM simulator is included in
the Model 708 to aid in station setup.

In this processor, as in our large systems, TELEVENT software gives an engineer the
ability to run the station. The software sets up the bit, frame, and (two) subframe
synchronizers. The data path is set up by TELEVENT. Selected data channels can be
decommutated and assigned to “pages”; pages can be called from the keyboard for display
as binary data, decimal data, engineering units (after “MX + B” conversion), or bar graphs
— all under software control.

As does the large NASA system, the Model 708 typifies advances in telemetry-computer
technology. None of the capabilities of this portable quick-look system were available to a
user a few years ago. If someone wanted a telemetry-computer system, there was little
choice — take a full-scale telemetry system and a conventional minicomputer, or do
without.

A LOOK INTO THE FUTURE

Having looked at the past and present, we should be able to look into the future and
predict with confidence certain characteristics of telemetry technology and market areas.

We have seen PCM come to the forefront in telemetry for a number of reasons (accuracy,
resolution, computer compatibility, cost per channel, et cetera). We can anticipate that
PCM will continue to dominate the telemetry business for these same reasons. However,
FM and PAM have not died and are not likely to do so. There are certain systems in which
PCM offers no advantages (small systems where data is not to be entered into a computer,
for example). FM and PAM will be needed in the future as they are now. The user will still
have this choice.

Just as we have a wide selection of encoders or multiplexers now, we should see an even
wider choice in the future. The “inconvenient locations” of the data sources will dictate
some of the choices (industrial environments require one type package, aircraft another,
spacecraft another, and so on). Maintainability will be a significant factor in industrial
systems which are expected to be in operation for as much as twenty years. Cost must be
considered carefully where cost saving is the major justification for the procurement of a
telemetry system. The top priority in encoder/multiplexer packages for industry will not be
resolution or accuracy as it has often been on military and space programs, but may be
cost, ruggedness, reliability, or maintainability.

We will see continued advances in ground station technology in the years to come. As we
have just discussed, the trend in the past few years is toward real-time computation and



data display, so that a user may participate in test programs and interact with an
experiment based on immediate evaluation of data. Since computer prices for a given
performance are going down every year, more and more telemetry users will progress from
the frustrations of waiting for service from a central processing facility to the convenience
and speed of a computer self-contained within the telemetry station. This involves a large
potential saving in test time also, since real-time participation in a test will mean that it is
no longer necessary to wait for test evaluations and then put the vehicle and test crew into
action again for repeats on inconclusive measurements.

Along with the incorporation of a computer into the telemetry station goes the
development of unique software such as the TELEVENT system mentioned earlier.
Telemetry software allows a telemetry engineer or technician rather than a specially
trained programmer to operate a system, thereby holding the operating costs down and
speeding the response time for new formats or new types of processing or display.

Maximum thru-put rate is always a key factor in system design. One viable area of
improvement in ground stations is the increase in data thru-put by compression of data.
Telemetry engineers have been talking data compression for years, and many are using the
technique now to increase thru-put rates by a factor of 50 to 100 or more. Yet, many are
unwilling to “discard” redundant or otherwise meaningless data (even though the raw data
is generally available on an instrumentation tape, giving an operator the privilege of
another look if the first compression algorithms are not satisfactory). Compressors are
available; EMR has had one on the market for several years and a large number are in use
today. The attitude of other telemetry users surely will change as data rates increase or as
real-time computation requirements become more complex.

A compressor examines each word in a format, and applies the desired compression
algorithm or algorithms to discard, regardless of content, or accept, regardless of content,
or discard N sequential words, then accept one, or discard if selected bits are identical to
the last sample, or discard if the bits match a certain pattern, or discard if the bits do not
match a certain pattern, or discard if the word differs from the last sample by more than a
given amount, or discard if the sign of the slope has not changed since the last sample, or
discard if the value is within limits, or discard if the value is not within limits, or discard if
the value is between the previous minimum and maximum values, et cetera.

On the subject of increased thru-put, we expect to see array processors used frequently for
repetitive time-consuming calculations in real-time computer systems. This technique has
been used to advantage on several systems already.

Data recording rates are often a severe bottleneck in system operation. Instrumentation
tape technology has moved along rapidly, from the 100 KHz at 60 IPS recorder of twenty



years ago to Sangamo’s Sabre X, for example, with a direct response of 4 MHz at 240
IPS. The technique of high-density digital recording (HDDR) allows 8 megabit-per-second
digital recording on each track of the Sabre X, or more than 100 megabits per second on a
14-track recorder! Yet, computer-industry standards have not kept pace, and we have the
condition where we can reproduce 500,000 16-bit words per second from one track of an
instrumentation tape recorder, “decommutate” 500,000 words per second, put 250,000
words per second onto the memory bus of a PDP-11 computer, and record only about
60,000 words per second, plus gaps on a 1600 BPI at 125 IPS computer-standard
recorder. The recently introduced 6250 bit-per-inch computer tape standard will be the
cure for this inconsistency when the typical computer center has been equipped to read
tapes of this packing density. The 6250 BPI density at 75 IPS will almost triple present
data transfer rates; we expect 200 IPS operation at 6250 BPI in the near future, which
could give us over 400,000 16-bit words (800,000 8-bit bytes on tape) per second.

MORE TECHNOLOGICAL ADVANCES

Speaking of technological advances, let us examine some other factors which are
significant to the telemetry equipment designer and user.

Solid state technology is moving rapidly. Packing density, already about 10,000 gates per
LSI chip, should increase by an order of magnitude by 1985, and the price per gate will
decrease. In the area of high-speed mass storage, we expect to have charge-coupled
devices capable of 250 K bits per chip and magnetic bubble memories capable of 1 M bit
per chip in the first half of the next decade. Fiber optics will be a viable high-speed data
transmission medium for many applications.

In computer technology, we see minicomputers performing 20-30 million instructions per
second in a few years. This speed has been increasing by an order of magnitude every five
years. The cost per instruction will continue to drop, perhaps by 20-30%. Most real-time
telemetry computers will be 32-bit machines, with significant increase in the thru-put rates.
Use of microprocessors in telemetry will increase dramatically; we will use the
microprocessor and associated logic as a 32-bit system within a very few years.

As hardware costs for computers go down, software costs will constitute an increasing
percentage of the price of the telemetry/computer system. Also, as we reach and pass 75 -
80% utilization of a given computer hardware system, increased complexity of
programming causes the applications software costs to rise exponentially, This makes it
imperative that telemetry/computer systems make use of a high-level telemetry-oriented
language (thereby simplifying programming and cutting applications software costs by 60-
80%).



We see bit rates on state-of-the-art PCM systems going to 20 to 30 M bits, with occasional
systems at 50 or even 100 M bits. The limitation now is not as much in the encoder as in
the transmission link and bit synchronizer, And speaking of bit synchronizers, we see fully
tunable 25 M bit units, limited-tuning 50 M bit units, and fixed-tuned units to several
hundred megabits as the requirement for such performance develops.

We expect that PAM (used mostly by the Navy now) will continue. We see 500,000
channels per second on PAM systems by the mid-1980’s. In FM, we anticipate relatively
modest expansion of subcarrier frequencies and data rates; EMR has had a 25 MHz
discriminator on the market for ten years and the sales have been limited to a few rather
specialized applications, which would imply that the telemetry world is not waiting for
dramatically higher subcarrier frequencies and data frequencies in FM.

 Another technological advance in our business will be the form in which data may be
presented to a user. Look at the advances in the past few years, and you can speculate that
we will have even more opportunities for meaningful data display. We will see better and
faster graphics terminals and other readouts, with more use of color and of alphanumeric
annotations. There will be more operator interaction from a display terminal, not only to
call data, but also to modify the processing functions or constants.

Through all of this speculation, you see the increased choices which a user has — use
PCM or PAM, use a highly accurate encoder or a low-cost encoder, use a telemetry
computer or not, use a high-level software system or hire a programmer, compress data or
not, and use sophisticated displays or not. For each selection, there are advantages and
disadvantages for a given application. Pay your money and take your choice,

MARKETS OF THE FUTURE

As the choices of a prospective telemetry user increase, there is a corresponding expansion
in the potential need for telemetry systems. We have already discussed the markets of
1978; probably, most of these market areas will grow in the next few years. New market
areas are certain to develop as others learn of the application of telemetry to their
problems.

The industrial market shows exceptional potential for expansion, There are several reasons
which we see for this:

1. Industry is looking for new ways to do existing jobs. Labor costs have gone up
rapidly to the point where automation is seen as a cost-saving technology.



2. New jobs in industry are more complex than were their counterparts a few years ago.
Manufacturing equipment is more complicated, and requires higher capability
operators and maintenance personnel unless processes are automated. Equipment
outages are more costly now because of higher production rates per machine.

3. Competition and regulation by government are causing industry to evaluate new
product designs more thoroughly before they are released to production.

4. Ecology-consciousness, either as a moral or a legal requirement, causes industry to
collect and evaluate more data than ever before.

For these reasons and others, and because lower-cost telemetry equipment is now
available, we need to put our brains to work and keep our eyes and ears open as we look
for opportunities to expand the business of data collection.

The potential for export of telemetry systems is even higher than the domestic potential.
Most foreign countries were relatively unfamiliar with telemetry a few years ago, but most
of the world is aware now of the availability of this tool. EMR sells to most of the free
world; exports account for a significant portion of our total telemetry business. Perhaps the
best example of new export business is Japan, where we sold about $1 million of telemetry
equipment this year, as compared to virtually nothing ten years ago. Part of this has to do
with the declining value of the dollar as compared to foreign currencies, but the major
factor is their recognition of telemetry as a valuable tool for research and development.

Another large market area, mostly domestic, is in the updating of existing telemetry
stations. Any station, more than five years old, can be improved dramatically through use
of newer hardware and software. We expect most current users of telemetry to look
closely at the available instrumentation tape recorders, computer-controlled front ends,
data compressors, computer entry speeds, computation power, magnetic tape recorders for
output data, displays, and telemetry oriented real-time software to control their stations. In
many cases, new or expanded systems are an absolute necessity because of excessive
work loads on existing equipment. In other cases, the justification may be the need for
better computation and display in order to provide more acceptable results to the users.
Whatever the reason, many telemetry stations are updated each year, and the number and
magnitude of the revisions will increase.

BENEFITS TO MANKIND

During the past twenty years, telemetry conventions have come and gone rather quietly as
far as the rest of the world was concerned. About the only glory a telemetry engineer got
was from the manned spacecraft programs, and even then it was necessary to remind your



children occasionally that you “worked on that system — yes, the one that you just saw on
TV.” This will not change in the future. We are the silent partners of astronauts, aircraft
designers, farm equipment builders, automobile testers, pollution controllers, product
designers and evaluators, and so on. The person who built your house knows who
manufactured his power saw, but you don’t know or care, You see the results of the use of
that saw, and that is all that really matters to you. You don’t even care who the builder
was, and certainly, the saw he used is of no consequence to you, Telemetry is another tool,
and there is no glory in making and using tools. However, here we are at a tool makers’
and users’ convention; let’s see if we can generate our own glory!

There is indeed satisfaction in the design, manufacture, and use of good telemetry
equipment. Most products which are developed or evaluated for consumer use with the
help of telemetry equipment should be safer, more reliable, less expensive, or better some
other way, because of the increased evaluation capability offered by this tool. Mankind has
safer aircraft and automobiles, cleaner water, more reliable subway systems, more efficient
electric power generation and distribution, and so on — partly, because of telemetry. Yes,
there are many benefits to mankind, and there will be more as we look for the
opportunities.

SUMMARY

Telemetry has progressed dramatically in the past twenty years, but the future will show
even more dramatic progress. Users have a wide range of choices in almost every aspect
of telemetry hardware and software selection. Mankind has benefitted from the use of this
valuable tool, and the benefits will be greater in the future.



Figure 2  EMR Model 708 Telemetry/Computer System
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ABSTRACT

The next computer revolution is under way. The first computer revolution impacted
government and big business; the current revolution is affecting small businesses, schools
and homes. The demands that will be placed on the telemetry and telecommunications
industry in the next decade are mind-boggling. New products, new techniques and new
jobs must be developed to respond to that demand. This paper presents future applications
of microcomputers in communications and what that portends for our society.
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ABSTRACT

The composition of magnetic recording tape is about 25 wt. % magnetic oxide particles,
and 75 wt. % polymeric materials. With the exception of the recording properties of tape
which are ascribable to the magnetic oxide particles, almost all of the other properties
important to tape, such as aging, storage, tracking, etc., are ascribable to the chemical,
physical, and mechanical properties of the polymeric materials.

An experimental study was carried out to investigate the chemical behavior and stability
(aging) of magnetic recording tapes exposed to the ambinent atmosphere consisting of
oxygen, nitrogen, and humidity.

This study showed that the primary mode of environmental degradation of tape results
from a chemical reaction between the oxide’s polymeric binder and atmospheric moisture,
a chemical reaction called “hydrolysis”. This reaction results in generation of sticky and
gummy products which are infamous for tape sticktion, layer-to-layer adhesion, and
increased tape friction and drag on recording heads. Temperature regulates the rates of
hydrolysis, increasing the rate with increasing temperature. Oxygen was not found to
degrade tapes, but does have an effect on the rates of hydrolysis.

It was further found that tape hydrolysis reverses below a “neutral” relative humidity RH.
Above this “neutral” RH, hydrolysis results in tape degradation, whereas below this RH,
tape hydrolysis reverses causing restoration and rejuvenation. The ideal storage RH for our
archival preservation of magnetic recording tape is at or below the “neutral” RH, which
can be different for different tapes.

This paper will discuss the experimental methods and results, and the important
conclusions relative to tape storage, restoration, and handling. The aging behavior of
magnetic recording tapes in hermetically sealed environments will also be discussed.
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ABSTRACT

A Desarguesian set is a planar Euclidean geometry difference set which can be used to
derive new cyclic block codes, convolutional self-orthogonal codes, and random multiple
access codes. This paper discusses the usefulness of these codes and presents the step-by-
step procedure for the purpose of constructing such sets. Comparisons are also made with
planar projective geometry sets in which two types of existing codes were obtained.

1.0   INTRODUCTION

One of the reasons that the activity of coding applications has been relatively low
perhaps is due to limited availability of high performance, high efficiency codes with low
cost and simple decoders. Despite the flourishment of coding theory witnessed during the
last decade, good codes are still too scarce to be useful in many practical situations. Based
on such motivation this paper reports the finding of a construction procedure which can be
used to generate not only one but three classes of completely different new codes. These
three classes of codes are:

• One-step majority logic decodable block codes,

• Threshold decodable convolutional self-orthogonal codes, and

• Random multiple access codes.

The usefulness of each class of code will be discussed separately in Sections 3, 4, and 6.
Because these three types of codes have a common origin from the geometry set, a
discussion follows showing the differences between the existing codes and the newly
derived ones from the necessary geometrical argument. In Section 2 the essential relations
of geometries, sets, and codes will be presented from a simplified, hopefully clear and
concise viewpoint. The main result will be presented in Section 5, in which the set
construction procedure will be described step-by-step. Section 7 concludes with a remark



of the results which can be applied to frequency planning in order to avoid intermodulation
interference problems in communications.

2.0   GEOMETRIES, SETS, AND CODES

Among other interesting subjects in finite geometry [1] are two fundamental classes
called Euclidean and projective geometries. These geometries are traditionally represented
by two quantities, the dimension D and a finite field F. D is the size of ordered collection
of elements which belong to F. Euclidean and projective geometries are denoted as
EG(D,F) and PG(D,F) respectively. It is known that error correcting codes can be derived
from either geometries [2].

For example the Reed-Muller codes can be interpreted as EG(D,2).

The 2D digits can be associated uniquely with 2D points (collection of elements) in a
D-dimensional Euclidean geometry over GF(2). The properties and construction method of
other Euclidean geometry codes can be found in [2] along with a list of binary Euclidean
geometry cyclic codes of length less than or equal to 63. Except for the code (n = 15, k =
7, dmin = 5) derived from EG(2,2) and for (63, 37, 9) code derived from EG(2,23), all other
codes are derived from a dimension of other than 2.

Codes derivable from PG(D,F) also have been extensively investigated. Binary
projective geometry codes of length up to 85 are listed in [2]. However the most useful
projective geometry codes are derived from PG(2,F), i.e., the two dimensional, or planar
geometry. Both convolutional codes and block codes can be constructed from PG(2,F).
These two types of codes were independently derived through the common key
characteristic of difference sets which have the origin from PG(2,F). Both types of codes
have the common property of single step, simple majority logic decoding.

A difference set which can be derived from PG(2,F) is called planar projective
geometry difference set (PPGDS). This is a collection of d0, d1, ... du + 1 integers such that
among the set of integers no two differences (modulo - v) of the integers are the same.
Difference sets in general are characterized by the parameters of v, u, 8, while 8 can be
interpreted as the number of repeatable differences just mentioned. For PPGDS, 8 always
equals unity, i.e., no two differences are the same, or equivalently the differences of the set
integers are all distinct. A necessary but not sufficient condition for a difference set to exist
is that u(u+1) = 8(v-1) holds among the set parameters. There are other difference sets, but
for useful code generations only the PPGDS have been proven of interest. PPGDS exist
with parameters v = u2 + u + 1, and 8 / 1. The characteristics and construction procedures
of PPGDS can be found in [3].



Although in theory both Euclidean and projective geometry codes have been
generalized into polynomial codes, they do not shed light as to the practical constructive
procedure for deriving good new codes.

Although both convolutional and block codes can be constructed from PPGDS, yet the
properties of the two types of codes are different. As of to date there are more useful
PPGDS convolutional codes than PPGDS block codes, and it does not seem possible to
generate any more useful block codes from PPGDS. But the PPGDS block codes are more
powerful in terms of error correcting capability per code length (either block length or
constrained length). These remarks will be further discussed separately in the next two
sections.

3.0   PLANAR PROJECTIVE GEOMETRY DIFFERENCE SET BLOCK CODES

Through the properties of PPGDS, Weldon derived a class of block codes which are
not only as powerful as some known random error correcting codes, but simple in
decoding implementation. For example, the (1057, 813, 34) PPGDS code can correct up to
16 errors in a code block of 1057 bits with a code rate of 0.77. The decoder consists of a
244 stage syndrome shift register, 813 bit message register, 30 3-input adders for threshold
decision, and 122 modulo-2 adders for feedbacks connected to the syndrome shift register.
Less than 14 AND gates are used for message controls. The decoding procedure is simple
indeed. For Gaussian channel signaling with a BPSK modem, a coding gain of 3.0 dB is
possible at 10-4 bit error rate without soft decision. At 10-9 it requires less than 7.0 dB
Eb/No by calculation.

In addition to Weldon, the attractiveness of PPGDS codes was at least recognized by
Wu in 1969 (COMSAT Lab Record) and by Dorsch and Dolainsky in 1974 (DFVLR -
Institute für Satellitenelektionik, Oberpfaffenhofen, Germany). At COMSAT we have
computer simulated with hard decision only both the (73, 45, 10) and the (1057, 813, 34)
codecs and verified their expected performances. The other existing binary difference set
cyclic codes available are (7, 3, 4), (21, 11, 6), and (273, 191, 18). Unfortunately, as
observed by Weldon, there exist extremely few codes with useful parameters in this class.
It seems safe to conclude that it is not possible to derive additional powerful block codes
from PPGDS, unless there will be new PPGDS to be discovered.

4.0   PLANAR PROJECTIVE GEOMETRY DIFFERENCE SET
CONVOLUTIONAL CODES

PPGDS have been used successfully to generate a large number of convolutional self-
orthogonal codes [4], which provide a remarkable decoding property that does not seem to
be shared by other most powerful decoders known today. It is the property of not



producing additional and bursty errors at the outputs of the decoders when the capability
of the decoders is exceeded. This property suggests itself attractively to the concatenations
of this class of high rate codes.

The usefulness and derivations of PPGDS convolutional codes have been described in
[4]. For global commercial satellite communication a high rate PPGDS code has been
implemented in an operational digital carrier INTELSAT system. The author has been
recently informed that the concatenations of PPGDS codes has been considered by Jet
Propulsion Laboratory for a deep space mission.

The planar projective difference set convolutional codes differ from the planar
projective difference set block codes in that more than a single convolutional code of
different rate and different error correcting capability can be derived from a single planar
geometry set. Thus the number of available projective planar difference set convolutional
codes, which can be one step threshold decoded, exceeds the limited number of planar
projective difference set block codes. But with the availability of Desarguesian sets,
additional self-orthogonal convolutional codes can be provided with variety of code
constraint lengths, rates and the number of correctable errors for future coding system
design selections.

5.0   DESARGUESIAN SETS

The usefulness and limitations of PPGDS codes have been discussed. From a practical
coding standpoint, more PPGDS are desirable in order to generate more useful codes.
However due to the rigid structure of the PG(2,F) geometry it appears impossible to obtain
more PPGDS; and it seems that it is a very unrewarding task to pursue the geometrical set
approach for the purpose of code generation. As it turns out, the projective geometry
difference set approach is indeed fruitless. But analogous to the difference sets derivable
from PG(2,F) there exist difference sets which can be obtained from EG(2,F). This planar
Euclidean geometry has been referred to as Desarguesian plane in the mathematical
literature; thus we call the difference sets which can be derived from EG(2,F)
Desarguesian sets. Unfortunately among the most recent and comprehensive treatments of
difference sets in the literature, none suggested the possibility or existence of the planar
Euclidean geometry difference sets (PEGDS, or Desarguesian sets), which essentially have
the same characteristics as PPGDS. In this section the properties of Desarguesian sets are
discussed and the construction procedure of Desarguesian sets is then demonstrated.

Similar to PPGDS, Desarguesian sets are also characterized by the three parameters v,
u, and 8/1. Different from PPGDS, Desarguesian sets always have v = u2 - 1. Thus for
sets of v values not available in PG(2,F), they can be in existence in EG(2,F).



The detailed studies of EG(2,F) difference sets and its application to one type of coding
can be found in [4]. In the following, only the essential steps in order to obtain such sets
are presented. Desarguesian sets are derived based on the interaction of two F’s. Or if one
prefers, a ground field and its subfield. Let them be denoted as F2 = GF(pm) and
F2 = GF(p2m) for any positiive integer m and prime p. " and F are the primitive elements of
F1 and F2 respectively. The construction method proceeds as follows

Step 1:  Given a prime or prime power n = pm, then p2m = n2. Identify the non-zero
elements of the corresponding finite field GF(p2m ) in terms of the primitive element F
satisfying a primitive polynomial Fo (F) of degree 2m.
Let

(1)

then

(2)

Step 2:  With the selected integer u form two sets of integers z = 1, 2, ..., u; and k = 0, 1,
... , u-2. Each value of z provides a Desarguesian set {D}. Choose a value of z and run
thorugh the k values to obtain

d(z,k) = z + k(u+l) (3)
That is,

The set of exponents dk+1 can be obtained from d(z,k) through the element F as in (4)

(4)

for k = 0, 1, ... , u-2

Step 3:  With d0 = 0, the set is the collection of d’s, i.e.,

{D} = {0, d1, d 2, ... ,du-1}



Example:  Step 1:  Let p = 3, m = 1, u = pm = 3, then in terms of the primitive root F the
non-zero elements of GF(32) = F2 can be obtained by finding a primitive polynomial of
degree 2 which is irreducible over GF(3). Choose

F0(x) = x2 - 2x-1 (5)

Since F is a root of (5) we have F0 (F) = 0 or,

F2 = 2F+1 (6)

Then the other elements of GF(32) are:

F0 = 1

F1 = F

F2 = 2F + 1

F3 = F · F2 = F(2F+1)

= 2F2 + F = 2(2F+1) + F

= 2(F+1)

F4 = F · F3 = 2

F5 = 2F

F6 = F + 2

F7 = F + 1

Step 2:  Choose z = 2 and k = 0, we have

d(2,0) = 2 + 0 (3+1) = 2 (7)

(8)



Therefore d1 = 3. Next with k = 1 and the same value z we have

d(2,1) = 2 + (3+1) = 6 (9)

(10)

Therefore d2 = 1

Step 3:  With d0 = 0, the set is

{D} = {0, 3, 1} (11)

{D} has the parameter of v = u2 - 1 = 8, u = 3, and 8 = 1.

To check whether (11) is a Desarguesian set we list the differences (modulo-8) among
the three elements of the set,

0 - 3 / 5 (Mod 8)

0 - 1 / 7 (Mod 8)

3 - 0 / 3 (Mod 8) (12)

3 - 1 / 2 (Mod 8)

1 - 0 / 1 (Mod 8)

1 - 3 / 6 (Mod 8)

It can be observed in (12) that the differences, i.e., 5, 7, 3, 2, 1, 6 occur once with no
repeat. Thus 8 / 1. u = 3 implies the fact the set contains three elements, i.e., 0, 3, 1.

6.0   RANDOM MULTIPLE ACCESS CODES

For multiple users, communications access schemes have been proven efficient for
resources sharing. Random multiple access (RMA) technique is a signaling scheme which
utilizes both time and frequency combination. If the inefficient usage of radio frequency
system bandwidth can be tolerated and knowing that the number of baseband receivers is
proportional to the number of users, then the advantages of a RMA system are



• The capability of accommodating a very large number of users.

• Bandwidth and time sharing. Without the need for retransmission when two or more
messages collide.

• Enhance data security and resist jamming.

• System degrades gracefully.

• Low flux density of the received signal.

• Simple implementation

• Flexibility in future system expansion.

• Minimal amount of message control and supervision, and freedom of access.

• When signaling frequencies are spaced to avoid intermodulation products in FDMA,
wideband low level RMA may be used in the same FDMA frequency band without
the significant degradation of the FDMA signals to noise ratio.

Thus for some future tactical, mobile, data collection, maritime, computer data, and small
to miniature size earth station operations in satellite communications RMA systems can be
useful. Coding is essential in RMA systems. However the coding requirements differ from
those for error correcting codes. Due to the nature of code generation and detection
processes, the minimum distance measure of a RMA code differs from Hamming or Lee
distance measures, because the disagreements (or agreements) of code symbols between
any pair of code words span over the entire code word length and not just merely for the
corresponding symbol position comparisons. For this reason, powerful nonbinary codes,
such as Reed-Solomon codes, can not be optimally applied. The algorithm for generating
RMA codes from Desarguesian sets has been demonstrated and the validity of the code
properties has been proven [5]. It may be concluded after a long series effort that it is not
possible to generate RMA codes from planar projective geometry. However it has been
demonstrated thus far that RMA codes with the desirable properties can only be derived
from Desarguesian sets. Without going into detail of the derivations and proofs only the
properties of RMA codes are stated below

Code length = n.

Number of code symbols n3



Code minimum distance n-1.

Number of frequency divisions = n2. 

Number of time divisions = n.

Number of code words = n2 (n2 + n + l)

The verification of these properties can also be found in [5].

Besides presenting the motivation and mentioning the connection to Desarguesian sets, no
attempt will be made here as to the detail of RMA code construction.

7.0   CONCLUDING REMARKS

In this paper the power and usefulness of a Desarguesian set related to practical codes
have been discussed. The procedure to construct such sets has been demonstrated. The
method presented can generate a large number of cyclic block codes, convolutional self-
orthogonal codes and random multiple access codes. All these three different classes of
codes can be obtained from the same Desarguesian set.

From planar projective geometry it has been pointed out in this paper that the existing
cyclic one-step majority decodable block codes and the threshold decodable convolutional
codes have a common origin. Unfortunately codes derivable from planar projective
geometry are few and exhausted. It also mentioned the unsuccessful attempt to generate
random multiple access codes from PG(2,F). It seems at present that random multiple
access codes can only be derived from Desarguesian sets which belong to EG(2,F).

In this paper we have used F to denote a finite field qualitatively and denote.GF(n)
quantitatively of the same field.

Through the distinct property of difference triangles Fang and Sandrin (Known 1975,
published in COMSAT Technical Review 1977) established the connection between the
triangles and frequency spacings in order to avoid intermodulation products in satellite
communication. These triangles are originally derived from planar projective geometries.
The set parameter v can be interpreted as the number of frequencies needed for spacing.
The parameter u (in the case of Desarguesian set), or u + 1 (in the case of PPGDS) can be
viewed as the number assigned frequency spacings. The values of the set elements are the
actual assigned frequencies. A measure of effectiveness in frequency spacing is to have
larger number of u with a smaller value v. Thus comparison in terms of the ratio u/v may
be a reasonable criterion between Desarguesian sets and PPGDS. By comparison of



u/u2-1 to (u+1)/(u2+u +1) for the two classes of sets one can easily conclude that
asymptotically Desarguesian sets are superior to planar projective geometry difference
sets.
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LOCATION OF CROSS-CORRELATION SIDELOBES
OF PN SEQUENCES

Robert Gold
Robert Gold Associates

INTRODUCTION

In this note, we show how the cross-correlation pattern of certain classes of linear PN
sequences may be determined and described as a linear shift register sequence. Knowledge
of the location of the correlation sidelobes may then be exploited in the application of
these codes to spread spectrum communication systems. As an example of such an
application, a characterization of the relative phase of a received code in terms of the
pattern of cross-correlation sidelobes with a locally generated code is presented.

BASIC CONSIDERATIONS

The cross-correlation sidelobes of any two PN codes which are generated by the
modulo 2 sum of a preferred pair of maximal linear PN sequences of period 2n-1 have been
shown [1] to be of amplitude

Since the latter two values are in each case of approximately the same absolute value,
we may say, for practical purposes, that the cross-correlation function of two such codes
yields a pattern of sidelobe or no sidelobe occurrences which depends upon the relative
phase of the two codes being correlated. We have shown in [1], for example, that for the
case of n odd, if a and b are two characteristic [2] maximal linear PN sequences which are
generators of Gold codes, and if 2(a, b) is their correlation sequence, then the correlation
sidelobes of the secquence 2(a, b) (i. e., the correlation values of magnitude - [2(n+l)/2 + 1]
or [2(n+l )/2 - 1]) occur at the same terms as the ones in the sequence a . This potentially
valuable structural property of these preferred pairs of maximal PN sequences is illustrated
below for sequences of period 23 - 1 = 7.



We note that theoccurrence of the sidelobe 2(a, b) = -5 or 3 or no sidelobe (2 = - 1)
pattern follows the occurrence of ones and zeros, respectively, in he first maximal linear
sequence a.

We may express this relationship between the sequence a and the cross-correlation
function 2(a,b) analytically as

Thus, in the case of the above example where n= 3, we have for 2(a, b)(k) = -5 or 3:

and for 2(a, b)(k) = -1:

As a potential application of this property, we note that, since each successive n bits of
a maximal linear sequence is unique, the relative phase of sequences a and b is determined
by n successive values of the cross-correlation function 2(a, b). It follows that the
unknown phase of a maximal linear sequence ak may be determined by correlating it with
the maximal linear sequence b with which it forms a preferred pair. This may be
accomplished by the following procedure:

(1)  Let b be the maximal linear sequence with which sequence a forms a preferred pair.

(2)  Let the relative phases of the locally generated maximal linear sequences a and b
be such that their characteristic phases agree.

(3)  Compute n successive values of the correlation function 2(b, ak)(j); j = 0,...,n- 1.

(4)  The binary state vector



is the state vector of the sequence ak of unknown phase which is in phase with the all ones
vector of the locally generated code a.

(5)  When the all ones vector of the locally generated code a appears in the shift
register, inject the state vector computed in (4) into the register and the code ak will then
be synchronized to the locally generated code.

Example:  Let ak = 1 1 0 1 0 0 1 be the code of unknown phase to be synchronized with
the sequence a = 1 1 1 0 1 0 0 . The sequence which forms a preferred pair with sequence
a is given by the characteristic maximal linear sequence b = 1 0 0 1 0 1 1. Computing n = 3
successive correlation values, 2(b, ak)(0), 2(b, ak)(1) and 2(b, ak)(2), we obtain



We note that S = 1 1 0 is, as noted above, the state vector of the sequence ak which is in
phase with the all ones vector of the sequence a.

GENERALIZATION TO CODE FAMILIES

In this section, we generalize the previous considerations to families of Gold codes i.e.,
sets of sequences G(a,b) = {gi = a+bi} generated by taking the termwise modulo 2 sums of
a preferred pair of maximal linear sequences a and b in all possible relative phase
positions. We use the maximal linear sequence a as the reference code and show how the
cross-correlation function 2(gi, a) may be described in terms of the sequence a.

We note that, since the maximal linear code a of period 2n-1 may be considered a member
of the family G(a,b), the correlation sidelobes of the cross-correlation function 2(gi,a) have
magnitudes -1; -2n+1)/2 + 1); or (2(n+l)/2 -1) for n odd, and -1; -(2(n+2)/2 + 1); or (2(n+2)/2 -1) for
n even. Thus, the pattern of sidelobes/no sidelobe of 2(gi,a) may again be considered as a
binary sequence in accordance with the formula

Case for n Odd

In the previous case of the correlation of a preferred pair of maximal linear sequences,
the cross-correlation sequence was observed to be a maximal linear sequence and hence
each pattern of n successive correlation values was unique and allowed the unique
determination of the phase of the received sequence from these observations. In the
present case, we show that for n odd essentially the same result holds, that the cross-
correlation sequences 2(gi,a) may be expressed in terms of the maximal linear sequence a.
More specifically, we shall show that

where ar is the reverse sequence of sequence a and (ar)i is the sequence obtained from
sequence ar by cyclically shifting the sequence ar i bits to the right.

As an example of the application of the above formula, we consider the family of Gold
codes generated by the characteristic maximal linear sequences of period 7.



Let bi be the sequence obtained from the sequence b by shifting cyclically i bits to the
right. The family G(a, b) of codes is then given as follows:

We may now compute the correlation functions 2(gi, a). Thus, for example, 2(gi, a)(J) is
obtained by cyclically shifting the sequence a J positions to the right and counting the
agreements minus the disagreements between the sequences gi and the shifted version of
the sequence a. Performing these computations, we obtain the cross-correlation functions
listed below.



The reverse sequence of sequence a is given by ar = 1 0 0 1 0 1 1 and thus the
sequences (ar)i + a(i) are as given below.

We note that, in fact,                          modulo 2 = (ar)i + a(i).

The proof of the above formula for sequences of period 2n - 1 and n odd proceeds as
follows:



Results for n Even

In this section, we describe some computer results for the correlation sidelobe pattern
obtained when members of the code family G(a,b) are correlated with the reference code a
for the case of n an even integer, i.e., when the shift registers which generate the maximal
linear codes have an even number of stages. In the previous case for n odd, the cross-
correlation function 2(gi,a) was shown to be a phase shift of the correlation function 2(b,a)
appropriately complemented and 2(b,a) was known to be equivalent to the sequence ar, the
reverse of the sequence a. For the case of n even, our computations show that 2(gi,a) is a
phase shift of 2(b,a) or of 2(g0,a) and that 2(b,a) is described by a linear shift register
sequence consisting of the modulo 2 sum of ar and sequences of shorter periods generated
by n-stage shift registers. In what follows, we shall illustrate the pattern of the results
obtained with the case of n = 6.



Example for n = 6: Sequence a is taken to be the characteristic maximal linear sequence
generated by the shift register corresponding to the polynomial f1(x) = 1 + x + x6 and
sequence b is taken to be the characteristic maximal linear sequence generated by the shift
register corresponding to the polynomial f5(x) = 1 + x + x2 + x5 + x6. These two maximal
sequences form a preferred pair and hence their cross-correlation function assumes only
the three values:

Since a and b are characteristic sequences, their correlation function 2(b,a) is also a
characteristic sequence. The cross-correlation function 2(b,a) is given by the sequence

The corresponding binary sequence

is readily found to be generated by the linear shift register corresponding to the
polynomial:

In fact, Cba is the sequence

We note, as stated above, that the cross-correlation sequence is described by the modulo 2
sum of three linear sequences, one of which is the reverse of the sequence a.

The pattern of correlation values of the codes of the family G(a,b) with the code a used
as a reference code were found to be described by phase shifts of the correlation patterns
for 2(b,a) or 2(g0,a) where g0 is the member of the family G(a,b) given by a+b. The
description of the correlation patterns of 2(gi,a) in terms of the correlation patterns of
2(b,a) or 2(g0,a) is simplified by means of the following results.



Theorem:  (sampling property)

Proof:

where a(k) = a(2-1k) because a is a characteristic sequence.

Theorem:



Proof:

In view of this last result, the complete information concerning the correlation functions
2(gi,a) for n = 6 is contained in the following table.



The cross-correlation function 2(g1,a) of any member of the Gold family G(a,b) with
the characteristic maximal linear sequence a used as a reference code may be determined
in terms of the cross-correlation function 2(b,a) or 2(g0,a) using the information in this
table and the result contained in the above. Thus, for example, to determine 2(g4,a), we
note from the table that 2(g1,a) = [2(b,a)]43; thus, 2(g4a) = [2(b,a)]4x43 = [2(b,a)]46.
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QUASI-OPTIMAL DECODING OF LINEAR BLOCK CODES
USING SOFT DECISION DETECTION

Edward P. Greene
NASA/Goddard Space Flight Center

Greenbelt, Maryland 20771

ABSTRACT

A simple but effective decoding procedure, applicable to any (n,k) linear block code
with symbols from GF(q), is described. The technique involves a transformation of the
parity check equations which focuses the code’s correction power on the soft symbol set
while still retaining the capability to correct one symbol error from outside this set. The
soft symbol set is defined to be the n-k least reliably detected code symbol positions
whose parity check rowspaces are linearly independent. The process generates a number
of error vector screening candidates, each a solution to the parity check equations, and the
maximum-likelihood candidate is accepted.

If P(opt) and P(qopt) are the decoder error rates for the optimal and quasi-optimal
decoders respectively, then P(opt) < P(qopt) < P(opt) + P(se) where P(se) is the
probability that the actual error vector is not included in the screening candidate set. Since
P(se) can be shown to approach zero for a wide range of codes and operating conditions,
the performance of this decoder can be quasi-optimal in these cases.

INTRODUCTION

In the absence of channel information regarding the relative or absolute reliability of
each detected symbol in an encoded message, one is led to make the plausible assumption
that the probability of error at each symbol position is equally likely. However, in the
process of performing the symbol detection function, there is additional available
information generated as a byproduct of the detection process which can be used to
improve the reliability of the decoding process. This channel information or soft symbol
detection metric is extensively used in convolutional decoding, but there have been few
practical applications of soft symbol detection for block decoding. Interest in this topic
was sparked by Chase’s paper1, and several investigators have recently published work in
this area2,3,4,5.



This paper describes a quasi-optimal decoding technique for any (n,k) linear block code
with symbols from GF(q). For a wide range of codes and operating conditions of practical
interest, this decoding algorithm performs very close to the limit of optimal decoding. The
decoding algorithm consists of four phases:

1.) The reception of the received code symbols, the generation of the syndrome, and
the selection of an ordered soft symbol candidate list representing the t least
reliably detected symbol positions (t >~ n-k) on the basis of the a posteriori
detection probabilities.

2.) The transformation of the original system of parity check equations into an
equivalent system in which the n-k element soft symbol set forms the complete
unit-weight basis vector set of the transformed system. The soft symbol set
represents the first n-k elements of the soft symbol candidate list whose parity
check rowspaces are linearly independent.

3.) The screening process whereby a set of up to (q-1)n error vector candidates, each
satisfying the parity check equations, is generated.

4.) The computation of a log-likelihood index associated with each of the screening
candidates, the selection of the maximum likelihood error vector from among the
screening set, and the resulting generation of the decoded message.

Consider an (n,k) linear block code (not necessarily cyclic) of rate R=k/n whose
codewords are of the form x={xi; i=0,1,...,n-1} where each code symbol is an element of
GF(q). A codeword is transmitted over a Gaussian channel and is received as r={xi+ni;
i=0,1,...,n-1} where the ni’s represent the additive white Gaussian noise components. We
assume the existence of a symbol detector capable of generating the hard-quantized
maximum likelihood symbol decisions (yi), and the log-likelihood ratio, 8i, for each
received code symbol, ri. The log-likelihood ratio is defined as

(1)

The log-likelihood ratios are processed to generate an ordered soft symbol candidate list,
M = {Ni; i=0,...,t}, of the least reliably detected symbol positions where t is slightly greater
than n-k.

After the last encoded symbol has been received, the computed syndrome, s, will be
input to the screening candidate generator. If s = 0, the received message is a codeword 



and will be output as received. In the remainder of this paper we will assume s … 0. The
decoding process consists of finding the most probable error vector, e which is, a solution
of

(2)

where H is the n x n-k parity check matrix with symbols from GF(q). Since there are n
unknown error vector components and only n-k parity check equations. the system is
under-specified. There are qk valid error vector solutions to (2) which will exhaustively
map the received vector into all possible codewords.

To show the special basis vector feature of the parity symbols, we may rewrite (2) as

(3)

where Hk'  is the k x n-k parity check submatrix associated with the k information symbols
and In-k is the n-k x n-k identity matrix corresponding to the parity check symbol positions.
Let us now consider how we might easily find a number of error vector solutions to (3)
without being concerned, for the moment, with the question of whether such error vector
solutions are likely to be generated by channel noise. Since the parity check rowspaces
associated with the parity symbols form an identity matrix, we can simply set the parity
symbol positions of the error vector equal to the syndrome and clear the error vector to
zero in the information symbol field. This technique can be extended by making successive
hypotheses that the error component in the i-th symbol position is X where X is one of the
q-1 non-zero symbols of GF(q). Then, if hi is the parity check rowspace associated with
the i-th symbol position, form the modified syndrome, s', given by

(4)
Proceeding as in the previous case, we will then associate any non-zero components of s'
with the corresponding parity symbol positions. This technique will generate up to (q-1)n
error vector solutions of (3).

Unfortunately the method outlined above is not an effective decoding mechanism as it
stands. The reason is that we have used the fact that the rowspaces corresponding to the
parity symbols are a complete basis vector set and have attributed parity symbol errors to
any non-zero components of the modified syndrome, s'. The parity symbols are no more
likely to be in error than any other code symbol and therefore we are not justified in using
the basis vector set property of these parity symbols to “explain” any observed syndrome.

The essence of the proposed decoding algorithm is to transform the initial system of
parity check equations into an equivalent set in which the parity check rowspaces
associated with the soft symbol set form the new basis vector set. We will then proceed in



the manner described above by hypothesizing errors in each symbol position and by
equating any non-zero components of the modified syndrome to the corresponding error
components of the soft symbol set.

The required transformation is easily accomplished by diagonalizing the system with
respect to the symbol positions of the soft symbol set. Assume that the parity check
equations given by (3) have been formed. Because of the transpose, the parity check
rowspaces associated with the i-th symbol position will form the i-th column in the matrix
system. The syndrome will be transposed into a column vector. The transformation
proceeds by successively diagonalizing the columns associated with M. Normally this will
require only n-k iterations; however, if the rowspaces associated with the first n-k
elements of M are linearly dependent, it will not be possible to diagonalize one or more of
the columns. In this case the soft symbol(s) associated with these columns are deleted from
the soft symbol set and the diagonalization proceeds with the next element of the M list. It
is for the above reason that t is selected slightly greater than n-k.

At the j-th diagonalization iteration, the Nj column is scanned to find the first row
position (say the m-th) not previously selected in the diagonalization process which
contains a non-zero element (say $). The m-th row of the system (including the syndrome)
is multipled by $-1 causing a “1” to appear in the pivot position. Next, all other non-zero
terms in the Nj column are transformed to zero in the following manner. Let’s say that (
appeared in the ith row position of the Nj column. Then multiply the m-th row of the
system by -(/$ and add it to the i-th row to transform the symbol to zero. Note that for
binary codes, “1” is the non-zero symbol and, hence, the m-th row would merely be
exclusive 0Red with the i-th row.

Upon completion of this transformation, the n-k columns representing the soft symbol
set now form an identity matrix. Since the soft symbol set will not, in general, be
contiguous in the received block, the system may lack the external appearance of a
diagonalized system. This is merely a cosmetic difference and is of no importance.

We are now in the position to generate error vector screening candidates by the
previously described method. For each code position (i), and non-zero GF(q) symbol (X),
assume ei = X and form the modified syndrome, s' = s* - X·h*i , where s* and h*i  are the
transformed syndrome and rowspace of the i-th code position respectively. We will now
associate any nonzero components of s' with errors in the corresponding positions of the
soft symbol set. This process will generate (q-1)n error vector screening candidates
although not all candidates will, in general, be distinct.

The set of screening candidates will include the actual received error vector (er) if and
only if the number of non-zero symbol positions of er which are not included in the soft



symbol set is less than or equal to one. Thus, er could have as many as n-k+l non-zero
components (one hard error and n-k soft errors) and still be included in the screening
candidate set. The requirement that er be a member of the screening candidate set is a
necessary but not sufficient condition for correct decoding.

The final step in the decoding cycle is to determine the most probable error vector from
among the screening candidates. The log-likelihood ratio of the m-th candidate (LLRm) is

(5)

(6)

e(m) is the hypothesized error vector for the m-th screening candidate. Since we are only
concerned with relative ranking, we may ignore the first summation of (5) which is a
constant for a given set of screening candidates and discard the factor of -2 in the second
summation. Thus the maximum likelihood index (vm) for the m-th candidate is

(7)

As the m-th screening candidate is generated, vm is computed and compared with the best
previous index, v(qopt), and the lesser of the two indices along with the associated error
vector, e(qopt), is saved. After all screening candidates have been generated, the decoder
outputs the codeword, x(qopt), given by x(qopt) = {yi + ei(qopt); i=0,1,...,n-1}.

If P(opt) and P(qopt) are the probabilities of decoder error for the optimal and
quasioptimal decoders respectively, then,

P(opt) < P(qopt) < P(opt) + P(se) (8)

where P(se) is the probability that er is not an element of the screening set. It can be shown
that P(se) approaches zero for a wide range of codes and operating conditions. Under
these circumstances the performance of the quasi-optimal decoder can be tightly bound
with respect to the optimal decoder performance. The performance of the optimal decoder
is a function of the code’s weight spectrum and is beyond the scope of this paper.



CONCLUSION

The quasi-optimal block decoding algorithm provides an efficient means for extending
error correction coding into an exciting but previously inadequately explored region. Since
the algorithm does not depend upon any structure of the code except linearity, it permits
the use of codes for which no efficient decoding algorithm previously existed.
Furthermore, the implementation complexity and decoding time increases with n and R at a
considerably slower rate than known algorithms such as BCH and Reed-Solomon
decoding. It is therefore feasible to implement longer and more powerful coding systems
than would otherwise be possible.

Essentially the quasi-optimal block decoding algorithm permits the power of the code
to be concentrated on the subset of the received code symbol positions which is the least
reliably detected while still permitting one “unexpected” symbol error to be corrected from
outside the soft symbol set. Conceptually the quasi-optimal decoding algorithm can easily
be extended so that the screening candidate set includes all error vectors with µ or less
hard errors (µ>1). However, the number of screening candidates increases exponentially
with µ. While this may be tolerable for certain applications with short block lengths, it
would be impractical for moderate or long block codes.

While the principal applicability of this technique is for longer and more powerful
codes than have heretofore been practical, the code length cannot be extended indefinitely.
The maximum code length that can be effectively implemented is limited by the fact that
this basic algorithm will only correct one hard symbol error outside the soft symbol set. If
the code rate and Eb/N0 ratio is fixed, and the block length increased indefinitely,
eventually there will be a point at which the screening error probability approaches unity.
Nevertheless, quasi-optimal block decoding significantly extends the range of codes for
which efficient decoding algorithms exist.
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ABSTRACT

In this paper, two interleaving schemes are discussed and several R-S code array
synchronization configurations are investigated.

A procedure for obtaining synchronization sequences, for the R-S code array, under
specified conditions is suggested and it is followed by the identification of sequences with
desirable properties.

Several graphs are presented, e.g., false synchronization probability versus various bit
error rates for the number of errors permitted, and also, the missed synchronization
probability versus various bit error rates for number of errors permitted and for various
lengths of synchronization sequences.

For the interleaving schemes discussed there is no analytical advantage, with respect to
array synchronization, for selecting one scheme over the other.

INTRODUCTION

A concatenated coding standard is currently being written at the Goddard Space Flight
Center. The need for this standard developed when experimenter data reliability
(confidence level) was widely different, and their data were required to be time
multiplexed. An advantage of concatenated coding is that each experimenter can be
provided with his own confidence level. In addition, the telecommunication channel may
be designed for the lowest required confidence level, with extra parity for the experimenter
requiring higher confidence.



The inner code was specified by an existing standard as a short constraint length
convolutional code. Because of the burst characteristics of the Viterbi decoder, a Reed-
Solomon (R-S) code with interleaving was considered as the outer code, the requirement
to interleave the transmitted symbols led to a study of R-S code array synchronization.
This study was performed under a two-month summer fellowship grant.

Following a summary of a literature search, the remainder of this paper discusses two
interleaving schemes and several R-S code array synchronization configurations. Also
given is a procedure for obtaining synchronization sequences which is followed by several
graphs showing false and missed synchronization statistics for various bit error rates.

TWO INTERLEAVING APPROACHES FOR REED-SOLOMON VITERBI
CONCATENATED CODING CHANNEL

A R-S Viterbi concatenated coding channel can be described as follows and a block
diagram is shown in Figure 1.

FIGURE 1 - R-S VITERBI CONCATENATED CODING CHANNEL

With Additive White Gaussian Noise on the transmission channel, the Viterbi decoder
error events will normally occur in bursts. At signal to noise ratios of interest (between 2.0
and 2.5 db), without data interleaving, the Viterbi decoder burst error events would tend to
occur within one R-S code word. The effect of interleaving is to spread these burst error
events over many code words so as to create a guard space. With a guard space the R-S
decoder will tend to operate uniformly on all the coded data.

As shown in Figure 2, the consecutive numbers 1, 2, 3..., 3568 are information symbols
from GF(28) which are to be coded into 16 R-S code words.

FIGURE 2 - TYPE 1 R-S CODE ARRAY



Without interleaving, these information symbols would be transmitted over the channel in
sequential order (code word 1 is followed by code word 2, etc.). Thus, a long burst error
event from a Viterbi decoder would tend to affect the symbols of one entire code word.
With interleaving, the R-S information symbols will not be transmitted in sequence. Thus,
a long burst error event would affect only one symbol of several code words.

TWO KINDS OF INTERLEAVING APPROACHES ARE DESCRIBED BRIEFLY
BELOW

The type 1 interleaving approach assumes the R-S code array is as shown in Figure 2. The
order of R-S information symbols transmission is 1, 224,...3346; 2, 225,...3347;...223,
446,... 3568 (column 1 followed by column 2 .... etc.). The parity symbols would follow in
the same manner. In this arrangement, a burst of errors that spans n # 16 R-S symbols will
be distributed among n different code words, affecting only one symbol of each code
word.

The type 2 interleaving approach assumes the R-S code array is as shown in Figure 3. In
this case, the information symbols for code word 1 are made of information symbols 1, 17,
33...3553.

FIGURE 3 - TYPE 2 R-S CODE ARRAY

Again, the first column of the code word is transmitted first and followed by column 2, etc.
However, as a result, the order of transmission of R-S information symbols is exactly the
same as they appear in the information block. The parity symbols would follow in the
same manner. The affect of a decoding error on a particular code word is spread
throughout the information block. For type 1 interleaving, the decode errors are
constrained to a consecutive string of 223 symbols (refer to reference 7).

In both types of interleaving, the number of rows in the R-S code array is termed the
degree of interleaving. The degree should be large enough to ensure statistical
independence between R-S symbols of individual code words before decoding.



For both types of interleaving, the probability of an R-S code word error is given by

(1)

where A denotes the average probability of an R-S symbol error leaving the Viterbi
decoder.

R-S CODE ARRAY SYNCHRONIZATION

The basic idea of array synchronization (sync) is to find and maintain the correct location
of the starting point of R-S code blocks in a long bit stream containing many such R-S
code blocks. Synchronization can be accomplished by periodically inserting a known sync
pattern into the data stream and estimating the starting point of the array based on the
cross-correlation between the received subsequence and a stored copy of the sync pattern.

The correlation between two patterns is determined by comparing the 8-bit symbols which
made up the pattern.

1.  Configurations

Techniques for inserting the sync pattern for the above described array configurations have
been proposed and the performance of each configuration, for interleaving degrees 8 and
16, were investigated by Odenwalder (refer to reference 6). The performance of each
configuration was based on the probability of missed sync and false lock during the
acquisition and the tracking modes.

2.  Sync Pattern Selection

The sync pattern must be carefully chosen so that cyclic shifts of the sync pattern do not
have a high correlation. Otherwise, only a few errors might result in a decision to lock-up
on a shifted version of the sync pattern.

Burst Error Statistics and its Effect in Selecting Sync Pattern With Good Correlation
Properties - A literature research has shown that the efficient way of obtaining burst error
statistics for a Viterbi decoder output is to simulate a Viterbi decoding algorithm or to
measure error patterns from a Viterbi decoder. It has been stated that randomly occurring
burst errors carry no weight in selection of a sync pattern, because the error events are
statistically independent.



Probability of Missed Sync and Probability of False Sync - There are two criteria to be
used in the selection of the sync pattern. The analysis of these criteria follows.

Probability of Missed Sync - When a known pattern is to be sent, the probability that it is
received with more than k errors is

(2)

where n is the length of the sync pattern,
k is the number of errors permitted,
p is the bit error rate.

Hence the missed sync probability is

(3)

where S is the a priori probability that the synchronizing signal was sent.

mp can be approximated by

(4)

where np is the number of bit errors in a sync pattern.

Figure 4 presents a family of missed sync probability versus the number of errors permitted
and np. Figure 5 presents the np versus number of errors permitted and the probability of
missed sync. These two figures will be used to find a suitable n and its associated number
of errors permitted, to meet the missed sync probability constraint.

Probability of False Sync - At ground stations, sync recognition is accomplished by cross
correlation in which the code recognizer examines the incoming data stream for the sync
pattern code. The pattern seen by the recognizer in the absence of noise is either made up
of random data bits, the true sync pattern bits, or a combination of both the random data
bits and one or more bits of the sync pattern (this will be termed overlap region).

 In the overlap region, the probability of a false sync indication is dependent upon the
particular sync pattern used. False sync probability is determined by measuring the number
of bits in agreement between the incoming bit stream and the stored copy of the sync



pattern. This calculation is made with the sync code recognizer at each stage of overlap
(refer to references 2 and 5).

The probability of false sync indication occurring at 8 number bits of overlap can be
computed by using the following formula:

(5)

where p = bit error rate (p = 0.1 in this context)
, = number of errors allowed by the code recognizer

A(8) = number of agreements at 8 symbol of overlap.

Note when , = 0

The total probability of false sync indication in the entire region of overlap can be
approximated by:

(6)

where n is the length of the sync pattern in bits.

PROCEDURE FOR SELECTING FRAME SYNCHRONIZATION PATTERN TO
MEET THE SPECIFIED REQUIREMENTS

The following procedure was developed to select a sync pattern with a given bit error rate
that met the probability of missed sync and the total probability of false sync indication.

Determine the length, n, of the sync pattern necessary to meet the probability of missed
sync requirement. Figures 4 and 5 can be used to serve this purpose. As seen in Figure 5,
for a given missed sync probability, one can find many np’s and their associated number of
errors permitted by the recognizer. Observe that the more errors permitted by the



recognizer, the smaller the missed sync probability for a given np. Also note that smaller k
values are associated with smaller np. Because the computation of false sync probability is
the most time consuming part of the computation, the smaller n value should be computed
first.

If additional constraints are imposed (e.g., n has to be a multiple of 8) then the next larger
n values can be used.

Determine the sync pattern necessary to meet the imposed probability of false sync
constraint. When n is small, say #17, the exhaustion technique can be used to select the
sync pattern which minimizes the total probability of false sync (hence meets the
reasonable requirement). This technique is used to examine the total probabilities of false
sync of all possible patterns with length n, with the exception of patterns with the same
agreement vector. Refer to TABLE I for the 8-bit patterns that have the lower probability
of false sync.

When n is large, select a pattern consisting of distinct 8-bit symbols which minimizes the
total probability of false sync and contains approximately an equal number of 1’s and 0’s.
A smaller false sync probability may be obtained by switching around the symbols or by
replacing one or more of these symbols with other symbols that have lower total
probability of false sync. However, if a desirable pattern cannot be found, the next larger n
value which meets the missed sync probability requirement should be selected.

For an n value greater than or equal to 128, the total probability of false sync can be
replaced by partial probability of false sync without significantly affecting the quality of
the selected pattern. For large n values the difference between the probabilities of false
sync in a good pattern and in a poor pattern, at lower degrees of overlap stages, is a very
small number. For example, with p=0.1, k=0, and n=128, the probabilities of false sync for
the worst pattern at overlap degrees 127, 50, and 2 are approximately 0.5, 10-25, and 10-38

respectively.

The partial probability of false sync is defined as

(7)

where b is the lowest degree of overlap to be investigated. For any magnitude of µ(b), b
can be obtained by examining the false sync probabilities for the worst case, where the
number of agreements equals the degree of overlap. For example µ(b) $ 10-25, b can be
obtained by solving the following equation.



Figure 4 - Missed Sync Probability as a Function of Number of Errors
Permitted, K, and Number of Errors in Pattern.

(8)

where n and p are defined as before.

Two good patterns of 128 bits with their total probability for k=0, 1, 2,... 26 are:

Refer to TABLE II for the probability of false sync as a function of several numbers of
errors permitted for the above two patterns.



 Figure 5- A Family of Error Per Pattern (mp) Curves
as a Function of Probability of Missing Sync
and the Number of Errors Permitted.



 TABLE I

Eight Bit Patterns Having The Lowest Total Probability
Of False Sync Indication With p=0.1 (Range 5 To 263)

TABLE II

Probability of False Sync As A Function Of Numbers
Of Errors Permitted For Two Good Patterns With p=0.1



CONCLUSION

Because of the burst nature of the Viterbi decoder, some form of interleaver is considered
necessary for the R-S Viterbi concatenated coded channel. The type 2 interleaving scheme
has an advantage over the type 1 scheme in that a smaller memory is required for the R-S
encoder. The type 2 scheme also has an advantage in that the information symbols are
transmitted sequentially. But, as far as the code array synchronization is concerned, there
is no analytical advantage for selecting one scheme over the other. Once the
synchronization configuration has been determined, the sync pattern length, the number of
errors permitted, and the pattern must be carefully chosen so that specific requirements can
be met. The procedure in the text serves as a guideline for selecting the pattern with the
above given parameters. The synchronization patterns of length eight which minimize the
total probability of false sync indication are presented in TABLE I. TABLE II presents two
good sync patterns of length 128 bits and their associated total probability of false sync
indication.
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SUMMARY

In this paper we present a decoding scheme for Alternant codes. The syndromes are
calculated from the received vector and the parity check matrix H. Let t be the error
correcting capability of the decoder. Then we determine a Key Equation by adding t
columns of the parity check matrix H. We raise this equation t-1 times to the power of n,
where n is the number of columns of H.

Next we consider a matrix At whose elements are the set of coefficients from the Key
Equations which we obtained. We make a decision based on the determinant of the matrix
At. If the matrix At is singular, then we test the matrix At-1 for singularity and continue up
to At-t+1 which in fact the decoder can correct one error. if any one of the matrices At

through At-t+1 is nonsingular we change the first digit of the received vector, then
recompute the syndromes and recheck )'t. If )'t is zero the change is retained. If not, the
digit is changed again. The Algorithm then proceeds to the next digit.

This Algorithm for decoding Alternant codes has significant improvements over
previous schemes since the step-by-step decoding can be carried out at selected areas of
the received word.

INTRODUCTION

DESCRIPTION OF ALTERNANT CODES

A linear (n, k) code is described by its parity check matrix H whose entries are
elements from GF(q), where the integer n is the length of the code and k is the number of
information symbols. The nonprimitive Alternant codes [1] are defined by the parity check
matrix



Let m=µ8, where µ and 8 are integers greater than one and n # q8, each xi is a different
element of GF(q8), zi,GF(q8)-0 and T is any element of GF(qm) not in a proper subfield of
GF(qm). The syndromes are calculated from the received vector and the parity check
matrix H by S=VHt =eHt, where e is the error vector.

SPECIAL CASE

Let q=2, m=20, µ=4, 8=5, zi =1 for i=1, 2,....32 and n=32. T is a primitive element of
GF(220) which is a root of x20 +x3+1. The parity check matrix is

H has 32 columns, exactly n-k=20 linearly independent rows and the total number of
code words is 212 =4096.

WEIGHT SPECTRUM OF ALTERNANT CODES

Let $i denote the number of code words of weight i in a linear (n, k) code. The numbers
$i, i = l, 2, ...n, form the weight spectrum of the code. Table 1 shows the weight spectrum
of the above code.



TABLE 1

The operation of error correction can be described as follows. (see flow chart)

STEP 1 Test )t through )1; if any )t, … 0 go to step 2.

STEP 2 Change first digit by adding the error vector e=1, 0, 0 ...
Recompute s-1 and set c=w+s-1

STEP 3 Test )t', if )t' =0 the change is retained. If not the digit is changed back.

STEP 4 Transfer the control to step 2 for the next digit.



DESCRIPTION OF DECODING ALGORITHM

The Key Equation for decoding Alternant codes is derived by adding t columns of the
parity check matrix H. An additional t-1 equations are required to correct t errors. We
raise the Key Equation t-1 times to the power of n, where n is the number of columns of H.

In general, the columns of H are designated by 1/(xi-T) i=1, 2 ... n. Therefore we set

                              , where t is the number of errors on the received vector and S is the

syndrome vector.

In order to decode the received sequence, the decoder has to make its decision based
on the following determinants. The Algorithm for decoding Alternant codes and its design
equations are as follows. Let c=w+s-1.

ERROR-CORRECTING

1  Error-Correcting

2  Error-Correcting

3  Error Correcting



4  Error-Correcting

APPENDIX A

The computation of the determinants is carried out on an IBM 370 computer. As an
example for 4 error-correcting the algebraic solution is as follows. (Special case)

We compute the first row and raise it to the power of n. Each row is the nth power of
the previous row. For brevity, the coefficients are not reported here.

The decoder connections are shown on logic circuit cards for 2 and 3 error-correcting.
(See Figure 1 and 2)
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AN EFFICIENT MULTICHANNEL FFT DEMODULATOR
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ABSTRACT

A multichannel binary FSK demodulator for spaceborne application has been
implemented using an efficient preweighted and thinned fast Fourier transform (FFT)
algorithm. Theory, configuration, and performance are described and compared with the
analog unit which performs the same functions. Being able to perform the first base 16
pass with add-only operations following preweighting, provided the complexity reduction
which made it feasible to use the FFT to perform the channelization and predetection
filtering.

INTRODUCTION

An efficient preweighted and thinned fast Fourier transform (FFT) algorithm for
performing channelization of multiple signals has been developed. This algorithm has
greatly advanced the applicability of digital techniques for frequency-shift keyed (FSK)
and phase-shift keyed (PSK) demodulators and has been a key factor in providing feasible
multiple channel digital demodulators for a number of space programs.

Described in this paper are the theory, simulation, and breadboard test results of a
noncoherent multichannel FSK demodulator for spacecraft application implemented using
the above digital FFT techniques. This unit is derived from and functionally duplicates an
analog implementation. Spaceborne requirements of low power, radiation hardening, and
high reliability made it necessary to develop a computationally efficient preweighted
version of the FFT to channelize the signals. For Nc channels formed by an N point
preweighted FFT where                 , an add-only thinning operation performs the first base
Nt pass to reduce the original N points to Nc points which are processed by an FFT. This
preweighting with a thinning algorithm 1,2 is considerably more efficient for multichannel
applications than postweighting.

The binary FSK waveform for each channel is noncoherently detected using wideband
FFT channelization and predetection filtering, lowpass postdetection filtering of the signal



amplitudes, and zero crossing bit synchronization of the postdetection waveform. Analog
and digital configurations are compared. Whereas two stages of analog filtering are used to
perform the channelization and predetection functions, a single digital stage is adequate.

Software simulation of the FFT filter responses agree well with the measured hardware
performance. These responses are compared with those measured for the analog filters in
the analog unit. Discussed are the observed word limitation effects due to analog-to-digital
(A/D) conversion, preweight word, and processor word. The processor architecture uses a
special purpose organization with fixed point arithmetic.

Bit-error rate (BER) measurements performed by simulation and verified by hardware
tests indicate an improved performance compared to the analog unit. Discussed are the
results of parameter tradeoff studies, including sensitivity to channel filter output rate and
frequency offset. Also discussed are techniques to reduce the degradation loss of the large
predetection filter bandwidth-time product.

DEMODULATOR CONFIGURATION

An investigation of digital demodulator techniques resulted in establishing the
feasibility of using a digital FFT approach to implement a multiple channel FSK
demodulator. A representative application selected,to evaluate its capabilities is a system
which was previously designed and implemented using a basically analog crystal filter
approach.

The system block diagram in Figure 1 describes the analog crystal filter multiple
channel FSK demodulator. The demodulator input signal is a 75 KHz bandwidth
intermediate frequency (IF) composite signal, composed of 12 channelized FSK signals
and the output signal is a set of PCM bit streams which are the decoded FSK signals. As
noted in the diagram, the complete demodulator consists of the IF processor followed by
the FSK demodulator. The IF processor separates the FSK signals and normalizes their
amplitudes. In the FSK demodulator each signal is filtered by mark and space filters, the
outputs are envelope detected and differenced, and the resulting lowpass signal is filtered
and detected to yield a PCM bit stream as the decoded FSK modulation. Hard limiting in
the IF processor accommodates the signal dynamic range and normalizes the channel
signal input to the FSK demodulator. The 2 KHz mark and space predetection filters are
wide enough to pass the tone signals and their doppler. The lowpass postdetection filter
partially recovers the bit energy-to-noise density (Eb/No) loss in the high bandwidth-time
product predetection filtering to provide a theoretical detection performance (Eb/No versus
BER) which is about 3.5 dB worse than the optimum achieved with matched filtering
detection of the noncoherent FSK signal.



The digital demodulator accepts the same input signal and generates the same output
signals as the analog demodulator. Various configurations of the digital filter bank,
required to perform the multiple channel mark and space filtering, were developed using
recursive and the FFT form of nonrecursive approaches. The digital filter bank has
stringent performance requirements on bandpass ripple, rolloff, and sidelobes since it
performs the combined filtering of the IF processor and FSK democulator. Carrying
through the design configurations and analysis to the stage where it was feasible to make
an estimate of the power and complexity, it was determined that the recursive approach
required too much power, due to the relatively large number of multiply operations, and
could have problems with filter stability unless excessive word lengths were used. The
subsequent effort was devoted to the FFT approach.

Frequency sampling and filter impulse response techniques were investigated with a
computer simulation to determine the complexity for various preweighting and
postweighting implementations. Complexity in the present context refers to the number of
arithmetic operations which must be performed to generate the filter bank mark and space
outputs for a given set of input data. The results of this investigation led to the selection of
a preweighted FFT filter design. To minimize complexity, the FFT was organized to
perform preweighting for filter shaping and a base 16 thinning calculation in the first pass,
to reduce the size of the data set by a factor of 16 after the first pass, and to complete the
FFT calculation on the reduced data set using base 2 passes. This preweighted and thinned
FFT demodulator approach represents an attractive FFT solution. The attractiveness of the
FFT approach stems from its ability to implement a bank of filters having good
interference rejection properties using a minimal number of arithmetic multiply and add
operations.

The digital demodulator configuration is shown in Figure 2 and a photo of the
breadboard demonstration unit is given in Figure 3. Not shown in Figure 3 is the bit
synchronizer portion of the demodulator since it was designed and fabricated as a stand
alone unit.

The digital demodulator functionally can be partitioned into an analog front end and a
digital processor as shown in Figure 2. After filtering, the multiple channel IF spectrum
(75 KHz; bandwidth) is synchronously translated to baseband by the inphase-quadrature
(I/Q) detector and digitized by the analog-to-digital converter to yield a stream of inphase
In and quadrature Qn signal samples for input to the FFT processor. The I,Q spectrum at
baseband is the analytic complex baseband representation of the real spectrum at IF and
accordingly contains all of the information. Physically, it corresponds to recovery of the
baseband single sideband modulation from the IF signal. Sampling the I,Q signals In =
I(nT), Qn = Q(nT) simultaneously at T second intervals provides a 1/T = 160 kHz
unambiguous Nyquist bandwidth (sampled or digital bandwidth) for FFT processing.



The FFT processor replaces the IF processor consisting of a bank of channel filters
followed by limiters, and the FSK demodulator comprised of the mark and space filters,
envelope detector, and low pass detection filter for each channel. Inphase and quadrature
digital data from the A/D converter is transferred to an input buffer and memory. The FFT
processor accepts the data from the memory in block form to derive the filter bank. The
FFT operates most efficiently on blocks of data. At the completion of an FFT computation
the next block of data is transferred from the input memory to the FFT memory via the
FFT processor for preweighting. Subsequently it is passed through the FFT processor the
required number of passes to accomplish the necessary rotations in forming the FFT. FFT
outputs corresponding to the filter locations are the complex outputs of the mark and space
filter bank. For the representative application used in this paper the FFT processor forms a
bank of 64 uniformly spaced identically shaped square mark and space filters across the
160 kHz signal spectrum. These filters provide a performance better than the combined
performances of the IF channel filters and the mark/space filters in the analog demodulator.
The signal dynamic range is accommodated by the A/D converter 12 bit word and the FFT
processor 16 bit word. Amplitude outputs of the mark and space filters are envelope
detected, differenced, and lowpass filtered by a postdetection digital filter for each
channel. Zero crossing of the lowpass filter outputs are detected. A bit synchronizer
smoothes the zero crossing measurements and generates a clock for sampling the lowpass
filter outputs at the mid-bit points. The bit synchronizer was used to reduce zero crossing
jitter and bias distortion. The sampled outputs yield a multiple channel digital output
stream.

The key FFT processor parameters for the multiple channel FSK demodulator are listed
in Table 1.

ANALYTICAL DESCRIPTION

Predection Filtering Signal processing operations consisting of preweighting, thinning,
and the FFT are performed in sequence to implement 64 rectangular predetection filters
spaced at 2.5 kHz intervals. Consider the complex output Ck (nTc) of predetection filter k,
k = 0,1,...,63, at time t = nTc where k corresponds to the filter centered at frequency kfc, fc

= 2.5 kHz, 1/Tc is the output rate of the filter bank, and                                By definition
Ck (nTc) is the convolution of the filter k impulse response Rk,i with the complex signal Zi =
Ii + jQi from the A/D converter, where n,i are time indices.

(1)

Using the Fourier transform time shift property and imposing the constraints that the filters
have identical and symmetrical linear-phase transfer functions, and are equally spaced at 



fc Hz intervals, enables the impulse response Hk,i to be factored into the product of the real
baseband impulse response Wi with the linear phase shift exp(jBfcTki).
Thus

(2)
where Wn-i is both real and symmetric about n-i = 0. Anticipating the application of the
FFT, the sampling interval T is constrained to satisfy

fc = 1NcT (3)

where Nc = 64 is the number of predetection filters. Combining these equations gives the
desired expression

(4)

which is recongized to be a DFT on the preweighted data set                    . This transforms
the predetection filter problem to a linear-phase FIR filter design of the preweight function
Wn-i and a formulation of an efficient algorithm to perform the DFT.

Selection of the window length NT establishes a fundamental constraint on the filter
performance. For implementation convenience the N is restricted to be a multiple Nt of Nc

so that N = NtNc. The thinning ratio Nt is the factor by which the N point DFT is reduced
to the Nc output points. Keeping Nc fixed and increasing Nt increases both the
computational load and the intersymbol interference, and improves the filter shape factor
thereby improving the Eb/No performance and reducing the adjacent channel interference.
Tradeoff studies led to the selection of Nt = 16, yielding N = 1024 and NT = 6.4 ms.

The preweight design problem posed was to select an N point preweight or window which
gives a flat response over 1.8 kHz and 60 dB rejection throughout the stopband starting at
1.6 kHz off center. It proved adequate to use a window consisting of the product of a
rectangular filter window with a suitable smoothing function. This gave a simple analytic
expression for optimizing Wn-i as a function of Nt, passband, and stopband. Inhouse studies
have demonstrated that an additional performance improvement can be obtained using a
Wn-i derived through windowing, frequency sampling, and Chebyshev approximation
methods.

The thinning algorithm performs the first Nt FFT pass as an add-only or presum
operation. For notational convenience set n = 0 and start the DFT summation at the
beginning of the data window. This enables Ck in (4) to be rewritten



(5)

Let                                                                                                    And define the
thinning algorithm 

(6)

Using (6) the Ck equation (5) reduces to a DFT over the Nc presum variables                    

(7)

Recognizing that the weighted data samples spaced at Nc intervals are rotated through
the same phase angle by the DFT enabled this set to be presumed in (6) using an add-only
operation thereby effectively thinning the number of DFT points from N in (5) to N/Nt =
Nc in (7).

The DFT in (7) was implemented with the FFT algorithm

Definitions:

(8)



                                    
                                    bit reversed value of k relative to N

which is a base 2 decimation-in-time formulation having the desired inplace and recursive
properties.

Equation (6) for preweighting and thinning and (7) for the FFT were implemented to
compute the set of 64 predetection filter values Ck at Tc second intervals. Mark and space
filters for channel m, m = 1,...,12, are the contiguous pair Ck, Ck+1 where the dependency
of k on m is suppressed for convenience. Outputs are amplitude detected and differenced
to form the bipolar baseband signal Xn at t = nTc. The ideal expression for Xn

(9)

is closely approximated in the digital realization. The selected output rate is 1/Tc =
1.25 kHz.

Postdetection Filtering  The baseband digital stream Xn is lowpass filtered

(10)

to generate the postdetection filter output Yi. When the transmitted waveform is an
alternating mark/space pattern, under low noise conditions the output Yi is a 75 Hz zero-
mean triangular waveform. The postdetection filter weights                 were selected to
balance the Eb/No versus zero-crossing jitter performance. Selected 16 weights gave a
12.8 ms integration period in (10) which is slightly less than the 1/75 Hz = 13.3 ms bit
length.

Bit Synchronization  The bit synchronizer tracks the postdetection filter output
waveform Yi, generates a mid-bit clock, samples the Yi at the mid-bit times, decides if a
+1 or -1 has been transmitted corresponding to a mark or space tone, and outputs the
75 bps demodulated data stream. The 1-dimensional Kalman tracker configuration was
selected as an effective way to minimize the mean square error of the zero crossing jitter
for the intended application where the received data is gated by a stable clock. Acceptance
time gates (tracking windows) are used as the discriminant to separate the two types of
data corresponding to the presence or absence of a message. A track quality is derived
from the cumulative observations on whether the zero crossings fall within the predicted
track windows, and is the discriminant which decides when there is a valid message
present. In the absence of track dropout during a message which should be a rare event,
this approach yields the same performance as a Bayesian decision criterion which is



considerably more complex. Therefore, from a practical viewpoint this is the preferred
approach.

DEMODULATOR PERFORMANCE

The FFT processor and bit synchronizer were designed as stand-alone units so that they
could be fabricated and checked out independently and in parallel. Debugging and
checkout of both units have established that they perform as designed. Simulation and
hardware test results are summarized in Figures 4 through 8.

A software model of the digital hardware configuration was developed to enable an
optimal selection of digital design parameters, predict system performance and verify the
breadboard demonstration unit configuration. Basic programs were written to operate with
or without bit limited word lengths in the simulated processor. The software programs
were used to finalize the selection of the fast Fourier transform preweighting coefficients,
detection filter coefficients, the preprocessor word lengths, scaling and truncation
throughout the processor and the FFT output rate. Simulation runs were also used to
determine the effects on performance of multiple signals and dynamic range. Simulations
showed that the 1.25 kHz FFT output rate is a reasonable compromise between FFT
processor complexity and signal-to-noise performance (see Figure 4), verified the mark
and space predetection filter design, and was used to design the lowpass detection filter.

With the preweighting set equal to unity, the measured mark and space channel filter
responses closely follow the theoretical sin X/X curve (see Figure 5). With normal
preweighting and with full signal strength, the 60 dB adjacent channel rejection was
demonstrated (see Figure 6a), the filter skirts are steeper than those for the present crystal
filters, and the measured values are in close agreement with the simulation. Decreasing the
signal strength to -47 dB relative to full scale raises the mark and space filter sidelobes
from -60 dB to about -33 dB (see Figure 6b). A further decrease in signal strength to
-57 dB raises the sidelobes to about -20 dB (see Figure 6c). The hardware demonstration
unit has a 12 bit output from the preweight multiplier. This introduces a preweight
quantization error in addition to the signal quantization error at low input signal levels. To
significantly reduce this error source the multiplier output word should be increased to
14 bits or more. Simulation results compared to the measured filter response in Figure 7
indicate that this change would make a considerable improvement. The 16 bit processor
word is large enough to safely accommodate this increased word size without excessive
increase in the truncation errors as verified by these simulation results. Only a slight
change in the processor would be required for the preweight multiplier output to be
increased from 12 to 14 bits, thereby reducing the quantization effect of the preweight and
enabling the sidelobes to be reduced to about -30 dB. This type of improvement would be
expected throughout the lower part of the signal dynamic range (see Figure 7). Simulation



results confirmed that the losses due to mark/space filter bandedge rolloff were
signficantly less for the digital implementation than they were for the analog
implementation.

A key performance parameter is the bit error rate (BER) performance versus Eb/No. For
the digital demodulator the BER performance is from 1 to 4 dB better than for the analog
demodulator as indicated by the BER versus Eb/No curves in Figure 8. Theoretical,
simulated and measured (analog and digital) BER performances are plotted for comparison
in Figure 8.

FUTURE APPLICATIONS

Analyses have been made to determine the feasibility of increasing the configuration
complexity to achieve increased operational flexibility and performance improvement. An
example is the use of several filters within each mark and space passband. Effective use of
these smaller bandwidths for the mark and space predetection filters will result in an
increase in signal-to-noise ratio (SNR) while still allowing for the same frequency
uncertainty in the received signal due to doppler and oscillator uncertainty. It is possible to
achieve more than an additional 2 dB increase in signal-to-noise over the present digital
demodulator performance through the use of the multiple filter bank approach to the mark
and space filters, which reduces the bandwidth-time product of the mark and space filters.3

This additional partitioning of the mark and space filters requires a reorganization of the
FFT and some increase in demodulator complexity.

The FFT digital approach can be extended to a multiple channel 8-ary FSK
demodulator envisioned for future systems, whereas a considerable strain would be placed
on the realizability of an analog approach. The latter concept would require a considerable
number of crystal filters and much closer spacing of the FSK tones, resulting in an
appreciably heavier crystal filter construction. These considerations, combined with the
promising FFT demodulator results indicate that a digitally implemented 8-ary FSK
demodulator is an appropriate choice for future systems. The digital implementation also
allows for increased flexibility for anti-jam protection and the capability for providing time
synchronization and frequency tracking for each channel.

CONCLUSIONS

The concepts of preweighting and thinning have been used in the formation of an FFT
channel filter bank. This technique has provided an efficient means of forming a bank of
rectangular filters. This approach offers reduced complexity since the filter outputs not
required are thinned out in the early stages of the FFT algorithm. This digital
implementation of the multiple channel FSK demodulator promises significant



improvements in electrical and hardware performance. The digital approach requires less
weight and volume; provides improved bit-error rate performance; reduces bias distortion
and zero crossing jitter; and eliminates crystal filter specification problems. Additional
improvements over the analog demodulator are reproducible performance, insensitivity to
temperature and aging, and significantly greater flexibility in meeting future requirements.
Several advancing technologies (e.g., SOS-CMOS I2L, CCD) promise still better electrical
and hardware performance for the digitally implemented approach.
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FIGURE 1.  ANALOG DEMODULATOR



FIGURE 2.  DIGITAL DEMODULATOR SYSTEM BLOCK DIAGRAM

FIGURE 3.  TWELVE CHANNEL BINARY FFT DIGITAL DEMODULATOR
BREADBOARD

FIGURE 4.  DIGITAL DEMODULATOR SIMULATION: SENSITIVITY TO
FFT OUTPUT RATE FOR NON-BIT-LIMITED OPERATION



PARAMETER VALUE/
CONDITION

A/D
CONVERTER

4. QUANTIZATION
5. OUTPUT

12 BITS
BIT PARALLEL

FFT 6. DATA POINTS/F FT, N
7. COMPLEX SAMPLE RATE, 1/T
8. THINNING RATIO
9. NO. OF MARK AND SPACE FILTERS, N/16
10. SPACING OF MARK AND SPACE FILTERS, 16/NT

1024
160 KHZ
16:1
64
2.5 KHZ

PROCESSOR 11. FFT OUTPUT RATE
12. PROCESSOR CLOCK RATE
13. PROCESSOR WORD LENGTH

1.25 KHZ
2.88 MHZ
16 BITS

TABLE 1.  FFT PROCESSOR PARAMETERS

FIGURE 5  FFT PROCESSOR MARK SPACE
FILTER RESPONSE TO SIGNAL LEVEL

WITHOUT PREWEIGHTING



FIGURE 6.  FFT PROCESSOR MARK SPACE FILTER RESPONSE
TO SIGNAL LEVEL WITH PREWEIGHTING

FIGURE 7.  FFT PROCESSOR ATTENUATION IN ADJACENT
CHANNEL VERSUS SIGNAL LEVEL



FIGURE 8.  COMPARISON OF THEORETICAL, SIMULATED
AND MEASURED BER PERFORMANCE (WT = 26.7)
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ABSTRACT

The currently developed theory of optimal demodulation and synchronization systems for
digital data has been applied to the design of a class of programmable satellite receivers.
The primary purpose is to provide flexibility in application through digital control of the
important functions of the receiver. This permits the acquisition and demodulation of
medium to very low data rates in widely varying communications environments and over a
broad range of modulation schemes. The receiver peripherals are controlled by a digital
processor which can accept external commands to reconfigure to any of a preprogrammed
set of algorithms.

INTRODUCTION

The first application of the programmable concept is in the high reliability, low-power
NASA Standard Command Detector Unit (CDU). Designed to meet the rigid performance
requirements of various outer planet communication links, this CDU retains its mission
adaptability in spite of structural and functional economy. With a command-selectable
range of nine data rates (8-2000 bps) in a binary phaseshift keyed (BPSK) modulation
format or as nonreturn to zero (NRZ) baseband data, and an easily modified memory-
resident set of demodulation algorithms, this CDU achieves its performance margin using
the power and weight saving approach of custom complementary metal oxide.
semiconductor (CMOS) large-scale integration (LSI).

A second programmable receiver has been designed and breadboarded for the Jupiter
Orbiter Probe (JOP) or Galileo mission. This receiver uses an acquisition algorithm and
demodulation scheme tailored for the Jovian environment. Its implementation permits its
use in a wide range of applications. It is commendable to permit reconfiguration during
separate mission phases as well as programmable to permit its use for varying
demodulation techniques, data rates, acquisition algorithms, etc., to meet the demands of
the communication medium expected for each specific mission. The receiver is



channelized to permit command selection of any of several carrier frequencies at channel
separations determined by the particular mission. Its spare processing capacity may be
utilized in radio science experiments with the results presented to the telemetry interface as
required.

Both of these applications are discussed in this paper as well as general capabilities and
extensions which are envisioned.

DIGITAL COMMAND DETECTOR

The NASA Standard CDU is a coherent demodulator for BPSK message spectra or NRZ
data. The CDU combines hardware simplicity with a flexible approach for implementing
specific data demodulation algorithms. It is programmed to operate on BPSK signals
where the subcarrier frequency is 16 kHz. Its programming allows nine selectable data
rates to be demodulated. For the Tracking and Data Relay Satellite System (TDRSS)
application where NRZ data is to be detected, a 16 kHz chopping signal is provided to the
transponder to modulate the data. These functions, as well as other ancillary functions
performed by the CDU, are listed in Table 1.

 Table 1.  CDU Functional Capabilities

Design compatible with the NASA Standard Near
Earth or Deep Space Transponders and the
NASA Standard TDRSS Transponder.

Operates in either of two modes: PSK or NRZ.

In the PSK mode (Standard or TDRSS) the CDU
demodulates the 16 kHz subcarrier frequency and
detects the command data bits.

In the NRZ mode (TDRSS only) the CDU provides
a 16 kHz signal for modulating the NRZ data.

Operates at 9 externally programmable data
rates in the NRZ mode ranging from 7.8125
to 2000 bps.

Operates at 4 different data rates in the NRZ mode
ranging from 125 to 1000 bps.

Detects whether or not the CDU is synchronized
or in lock with the received command signal.

Provides detected command data, bit timing, and
lock status to redundant command decoders.

Provides signals defining the operational condition
of the CDU to an external unit for insertion into
the spacecraft down link telemetry data.

Provides direct access test point signals to
monitor the CDU performance in the subsystem
and spacecraft test configuration.

The functional architecture of the CDU is shown in the block diagram of Figure 1. The unit
employs a universal design and is included as an integral part of three NASA Standard
Transponder designs: the NASA Standard Near Earth, the Deep Space, and the TDRSS
User Transponders.

Functionally, the CDU consists of a data-coherent automatic gain control (AGC) system, a
sample-and-hold (S/H) circuit, an analog-to-digital converter (ADC), a second-order data-



aided subcarrier tracking loop, a data-transition tracking symbol synchronization loop, and
a lock detector. Structurally, the CDU consists of the signal-conditioning assemblies
(AGC, S/H, ADC), read-only memory (ROM), random-access memory (RAM), and a
digital processor (instruction decoder, program sequencer, data bus and interfaces,
arithmetic logic units, timing oscillator, I/O buffers, etc.) employing a custom LSI
approach and metal-gate CMOS technology. Using custom LSI, 30 circuit boards with 390
small scale and medium scale integration functions were reduced to a single board as
shown in Figure 2. Appropriate modifications to the signal conditioning circuitry would
enable this digital processor to demodulate various modulation formats, (such as
differentially encoded PSK (DEPSK), quadriphase PSK (QPSK), and frequency shift
keying (FSK)), and data rates.

The data-coherent AGC system consists of logarithmic-linear digitally controlled
attenuation with a dynamic range in excess of 40 dB. The AGC loop performance (i. e. ,
noise jitter, settling time, etc. is determined by the AGC loop algorithm and coefficients
stored in ROM, allowing greater ease in matching mission-particular AGC requirements
and performance.

Upon receipt of the appropriate command from the digital processor, the S/H circuit
freezes the analog input to the eight-bit ADC and maintains the input constant over ADC
conversion time.

Because of the stability of digital circuitry and the ease with which it can be integrated, the
foremost design goal was to digitize the signal as soon in the processing as possible. This
goal led to the selection of a sampled data approach wherein the demodulation was
effected through coherent sampling.1 This approach removes the subcarrier, translating the
input sequences to baseband. By sampling in quadrature, one sequence represents the
inphase, or data sequence, and the other the quadrature, or error sequence. From the data
sequence, bit synchronization and data detection are performed, while the error sequence
is used to maintain subcarrier synchronism.

In order to obtain the best performance, a data-aided subcarrier tracking loop was selected.
Because Doppler offsets are expected, the loop is a perfect second-order loop. Thus, the
subcarrier loop can be designed considering the expected worst-case input signal-to-noise
ratio (SNR) and Doppler offset. The superior performance achievable using the data-aided
approach, compared to previous techniques dictated its selection. The many advantages of
the data-aided configuration have been well documented2,3. In the CDU the subcarrier
tracking loop utilizes a quasi-continuous variable-phase correction updated at the end of
each detected bit. This limits the amount of Doppler which can be tracked; however, for
the expected offsets, no appreciable bit error rate degradation is expected. Improved
Doppler tracking performance can be realized by correcting the subcarrier phase in



fractional bit intervals. However, due to the additional complexity and the small Doppler
offsets expected, this approach was rejected. In contrast to the conventional data-aided
receiver implementation (shown in Figure 3) which requires mixers, filters and ADCs in
both inphase (I) and quadrature (Q) channels, the CDU implementation takes advantage of
the digital implementation by effecting both the inphase and quadrature synchronization
channels with appropriate dedicated sample accumulators within the digital processor
(Figure 4). The requirement for data-rate dependent digital filtering in each (I and Q) leg is
eliminated by maintaining a constant sample rate over all data rates, thus providing
maximum design economy without compromising performance. The CDU utilizes a
perfect integrator and a quasi-continuous variable-phase correction to implement a second-
order subcarrier tracking loop. The demodulator algorithm is stored in ROM, with ROM-
resident loop coefficients selected to minimize steady-state phase jitter while meeting all
NASA specifications on acquisition time. The subcarrier loop resolution is 1/64 of a cycle
with a maximum allowable single phase correction of 45 degrees.

Proper detection of the demodulated data stream requires the use of some form of matched
filter. Implementation of this matched filter, in turn, requires the generation of accurate
estimates of the end-of-bit epoch. It is the function of the bit synchronization loop to
generate these end-of-bit estimates. The bit sync configuration, a digital data-transition
tracking loop (DTTL), consists of two parallel branches which are strobed by a timing
generator driven by an error signal formed from the product of the branch outputs. The
inphase branch monitors the polarity of the actual transitions of the input data and the
midphase branch obtains a measure of the lack of synchronization. The performance of this
loop has been the subject of extensive analysis,4,5,6 at NASA’s Jet Propulsion Laboratory.

The DTTL symbol synchronizer, implemented as indicated in Figure 4, derives its
estimates of the proper end-of-bit epoch through the polarity of IK times the quantity MK

which is a measure of the symbol timing error. The CDU design takes advantage of
coherence between the subcarrier and the data so that the bit sync loop resolution need
only be accurate to within a subcarrier cycle to provide effective bit sync resolution of
1/64 of a subcarrier cycle. Thus, at the lowest data rate (8 bps), the effective bit sync
resolution is approximately 8 millionths of a data bit. The maximum allowable phase
correction is 0.25 of a bit interval with a correction made after eight data transitions.

The lock detection algorithm is also ROM-resident, with coefficients chosen to exceed the
NASA specifications for probability of acquisition and deacquisition. Again, all
coefficients and the algorithm itself are completely ROM-resident, providing complete
flexibility in optimally tailoring the demodulator to meet mission-specific performance
requirements.



The CDU algorithms and implementation were designed and developed through the use of
state space simulation techniques. Such support software allows significant reductions in
the time required for both hardware and software development. With the aid of simulation,
the design iterations quickly converge to quantitatively present the available and significant
system performance tradeoffs. This system software package includes a CDU assembler to
facilitate the ROM programming of algorithms and coefficients by providing the interface
between a high-level processor language and the generation of the required bit patterns.
Also included is a simulator which accepts the ROM program and verifies operational
integrity at the hardware level.

Test results indicate the CDU is operating approximately 0.5 to 1.0 dB from theoretical
BPSK performance at all nine data rates. The secondary power consumption is
approximately 2.1 watts. A set of CDU test data is shown in Figure 5 at a data rate, R, of
2000 bps.

DIGITAL RECEIVER

The digital receiver design for the JOP mission was highly influenced by stringent
performance requirements of the communications medium and mission constraints. The
large Doppler offsets expected during initial acquisition led to the development of a novel
acquisition technique. This technique, the Hilbert Acquisition Aid (HAA) has been
demonstrated to provide a frequency acquisition characteristic which permits rapid
acquisition (.5 seconds) for low signal-to-noise densities (S/N $ 24 dB-Hz) and frequency
uncertainties on the order of ± 80 kHz. For the demodulation technique, the
implementation losses have been shown to be on the order of 0.5 dB from theoretical bit
error probability performance.

The receiver functional block diagram is shown in Figure 6. The current design uses a
carrier frequency of 1 GHz with two down conversions prior to the baseband
demodulation. The hardware in the RF portion of the receiver is derived from NASA
Standard Transponders and the TDRSS User Transponder. The baseband processor is
derived from the NASA Standard CDU and provides the receiver with its software control
capability and programmable demodulation and acquisition capabilities. As shown in
Figure 6, the baseband processor accepts I and Q channel inputs from the RF portion of
the receiver and controls the frequency channel selection, receiver gain through the AGC,
and frequency and phase of the baseband inputs through the numerically-controlled
oscillator (NCO) output. All external interfaces are controlled by the baseband processor
with telemetry outputs and command inputs provided as well as lock indication,
demodulated data, and clock. Other outputs and inputs can be accommodated as
determined in the definition phase of a specific mission.



The circuitry in the receiver will be capable of withstanding radiation doses in excess of
3 x 105 rad (Si) with the RF circuitry comprised entirely of bipolar circuitry. The baseband
processor will be implemented in hardened CMOS as well as bipolar circuits. The custom
LSI circuits used in the baseband processor will be constructed with a hardened, low-
power, high-speed silicon-gate CMOS process with proven capability.

This receiver is intended to be a highly flexible, channelized design which can acquire and
demodulate medium to very low data rates in widely varying communications
environments and over a broad range of modulation schemes. This design goal is realized
through software control of the important functions of the receiver. Thus, through
programs designed specifically for each application, acquisition and demodulation
strategies can be tailored for optimal performance. Modulation formats for which
algorithms can be developed include: phase shift keyed (PSK), differentially encoded PSK
(DEPSK), differentially encoded/detected PSK, (DEDPSK), quadriphase PSK (QPSK),
and staggered QPSK (SQPSK). For the JOP mission PSK and DEDPSK are under
consideration.

The foremost design goal was to digitize the signal as soon in the processing as possible.
A secondary goal was to develop an acquisition technique compatible with low SNRs and
large frequency offsets. For demodulation the ADC could operate at the IF using coherent
sampling. However, for ease of implementation and performance the acquisition strategy
required a baseband I-Q channel pair. This requirement, coupled with a need to minimize
circuitry, led to the decision to demodulate the received signal at baseband. This approach
does not compromise the receiver flexibility in any way; however, additional analog
circuitry is required.

The basic requirements for the JOP mission are given in Table 2. Significant parameters
are the minimum ST/No of 4.5 dB and the acquisition probability of 0.995 for a total
frequency uncertainty of 160 kHz. Thus, while sufficient attention must be devoted to
demodulation of the signal within 1 dB of theory, a much more difficult problem is reliable
frequency acquisition. A new acquisition strategy, the HAA, has been developed to meet
these requirements.

The baseband processor is shown in Figure 7. This processor makes use of the custom
microprocessor chips designed for the NASA Standard CDU. The CDU, minus its analog
interfaces, has been used as the digital processor in this design with the primary external
interfaces compromising one of its functions. While the software algorithms must respond
to the command inputs, simultaneous acquisition and demodulation are achieved through
separate algorithms controlling carrier acquisition and tracking, data detection, AGC
adjustments, and input channel selection. The input frequency offset and phase are
controlled through the NCO interface. Acquisition and tracking inputs are obtained through 



Table 2.  Receiver Performance Parameters

Signal Characteristics
• Frequency
• Maximum frequency uncertainty
• Maximum Doppler rate
• Minimum signal
• Maximum signal
• Minimum ST/No

• Modulation
• Data rates (commendable)

999-1009 MHz
± 80 kHz
±50 Hz/sec
-146 dBm
-116 dBm
4.5 dB
DPSK
125, 250, 500, 1000 bps

Acquisition Requirements
• Acquisition probability (50 sec)
• False acquisition probability

(50 sec)

0.995
1 x 10-4

Tracking Requirements
• Bit error probability < 1 dB from theory

0. 1 < PE < 1 x 10-5

Radio Science Requirements
• Signal power measurement
• Frequency measurement variance

< 0. 1 dB resolution
< 1 Hz rms (1 sec)

two separate I-Q channel pairs. One pair is wideband for acquisition of large frequency
uncertainties while the other is maintained at a bandwidth greater than or equal to three
times the selected data rate.

Digitization of these signals is performed as close to the final mixers as is practical to
avoid the problems of drift and dc offsets associated with the analog circuits.

The microprocessor used in the digital subsystem is structured as shown in Figure 8. In
order to optimize data handling operations, the system is configured using a 10-bit address
bus, a 16-bit instruction bus, and a 16-bit data bus. By keeping these three buses separate,
the system is capable of performing data fetches or executing instructions in a single
system clock cycle.

The estimated physical characteristics of the design are shown in Table 3. Through the use
of LSI and low power RF designs, the size, power, and weight have been minimized. With
a power consumption of 7.3 watts, a weight of 2050 grams, and volume of 2100 cubic 



centimeters, this receiver represents a refined state-of-the-art digital receiver with a
flexibility to meet the requirements of widely varied missions through software changes.

Table 3.  Estimated Receiver Physical Characteristics

Size
(cm)

Volume
(cm3)

Weight
(gm)

Power
(W)

Baseband

Power Converter

RF

Spare Volume

JOP Receiver

14 x 20 x 3

14 x 6 x 1.5

14 x 20 x 3

14 x 14 x 1.5

14 x 20 x 7.5

840

126

840

294

2100

250

600

1200

2050

3.0

1.8

2.5

7.3

The demodulation algorithm was selected to maximize the bit error probability
performance of the receiver at the expense of processing complexity. Because the
communication environment for the JOP mission is difficult and the transmitter power is
constrained, the margin from theoretical performance allocated to the receiver must be
kept at a minimum. The processing power of the circuits developed for the NASA
Standard CDU is more than adequate for this task. Coupled with an ADC, an NCO, and
preaccumulators, the processor can perform the demodulation of signals with a minimum
of degradation from theoretical performance.

The JOP receiver uses a baseband sampling scheme to implement a second-order,
suppressed-carrier, data-aided loop. The carrier tracking algorithm is shown schematically
in Figure 9. The inphase samples (Ii) and the quadrature samples (Qi) are summed in
integrate-and-dump accumulators. With nominally 160 samples per bit interval and 8-bit
quantization in the ADC, these accumulators can be considered to approximate perfect
reset integrators. The outputs of these accumulators are applied to an arctangent mapping
ROM with a resolution of 2 B/1024 radians. This estimate of the phase error is applied to
the loop filter which drives the phase of an NCO to achieve synchronization. The ADC
sample instants are determined by the ultrastable oscillator (USO) frequency and phase,
while the NCO translates the input frequency and shifts the input phase to effect tracking.

This algorithm offers the advantage of coherent tracking performance when the channel
phase characteristic is approximately constant over a bit interval. Where the channel phase
characteristic is approximately constant over two bit intervals the differential detection



scheme shown in the figure can be shown to be the optimum a posteriori receiver of
differentially encoded data.3

The receiver was tested using the algorithms illustrated in Figure 9. Because the carrier
tracking was essentially coherent, the results approached very closely the theoretical
performance for differentially encoded coherent PSK (DEPSK). The data taken is shown
in Figure 10. The data pattern transmitted was a 15 bit maximal length code.

The development of the HAA was necessitated by what were considered undesirable
properties of the sequential-detection-based acquisition strategies. Whereas sequential
detection requires a somewhat complex set of thresholds and dismiss times, the HAA
requires only a loop noise-bandwidth setting established by the particular design point
selected by the mission. The HAA has a gradual degradation in acquisition time as the
input SNR drops below the design point and acquires dramatically faster as the SNR is
improved. A functional block diagram of the HAA is shown in Figure 11.

A noiseless analysis of this scheme was undertaken to determine the effects of dc offsets,
quadrature error, amplitude imbalance, and limiters in the cross-terms.

For the case where the SGN operators were ignored (i.e., no limiting) the resulting control
signal [ < H(t)>] is

< H(t) > = 2 DiDq - AiAq sin (R + $ (1)

where
Di and Dq = I and Q channel de offsets
Ai and Aq = I and Q channel amplitudes

$ = quadrature error
R = "i (T) - "q(T)

In arriving at this result it was assumed that the control signal was averaged for a period of
time which is large with respect to the offset frequency, ()T)-1. As seen in (1), the dc
offsets (Di and Dq) are not affected by data modulation or reference phase and must be
controlled to avoid significant error. However, if an adequate transition density exists in
the data modulation, or if there are periodic software controlled phase inversions,
capacitive coupling is permitted, allowing the offsets to be reduced to only two elements in
the actual implementation - one buffer amplifier and an ADC. Again, from (1) it is seen
that quadrature errors ($), if not controlled adequately, can produce significant
degradation. With reasonable care $ can be reduced to negligible proportions and then
only the I-Q phase difference becomes important.



An all-pass network has been designed which permits the I-Q phase difference (R) to be
controlled over a wide range of frequencies with a characteristic which approximates a
Hilbert transform from which this technique derives its name. A typical characteristic of
R(T) is shown in Figure 12. The purpose of the HAA is to resolve the frequency within a
sufficiently narrow band in order that a coherent phase-tracking algorithm can acquire it.
Thus, a characteristic as shown in Figure 13 would be used for loop bandwidths (BL) on
the order of 10 Hz.

Because the receiver design is primarily digital with the maximum use of software control,
the use of limiters permits the digitization of the I and Q acquisition channels prior to the
multiplication with only sign inversions for multipliers. Thus the requirement for an 8 bit x
8 bit multiplier and its associated high power consumption is removed. Therefore, the
technique with the limiters has become the primary alternative. The analysis of this scheme
has been undertaken with the same conditions as were previously assumed for no limiters.
The resulting control signal < H(t) > is

(2)

(3)

where

For dc offsets less than the signal amplitude (the only case of any practical interest) the
error signal is not changed markedly from (1). For negligible offsets, quadrature errors and
amplitude imbalance, the characteristic is seen to be proportional to the signal amplitude
for the limited case and proportional to the signal power for the true multiplier case.
Similar problems exist with Di and Dq and quadrature Imbalance. However, as with the
previous case, with the assumption of adequate transition density or with reference phase
inversions, capacitive coupling renders the offsets negligible and the quadrature error can
be controlled to insignificant levels. This implementation does not suffer from  any
significant hardware degradations since the circuits can be designed with insignificant dc
offsets, quadrature errors, and amplitude imbalances.



Testing and continued development are currently underway. Using the current design
concept, the HAA rapidly reduces the frequency uncertainty and is disabled or much
reduced in gain after the signal is detected in the narrow tracking bandwidth. Test results
indicate reliable acquisition is achievable in the order of 5 seconds at S/No = 24 dB-Hz and
)f # 80 kHz. Further testing is required to adequately characterize the performance of the
HAA in an operating digital receiver.
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Fig. 1 - Command Detector Unit Block Diagram.

Fig. 2 - CDU Prototype.



Fig. 3 - Classical Data-aided Receiver with DTTL Symbol Synchronizer.

Fig. 4 - Sampled Data-aided Receiver with DTTL Symbol Synchronizer.

Fig. 5 - CDU Test Data.



Fig. 6 - Receiver Functional Block Diagram.

Fig. 7 - Receiver Baseband Processor.

Fig. 8 - Receiver Digital Subsystem.



Fig. 9 - Differentially Coherent Demodulator For Differentially Encoded BPSK.

Fig. 10 - Bit Error Probability Performance



Fig. 11 - Hilbert Acquisition Aid.

Fig. 12 - HAA Phase Angle Versus Frequency.

Fig. 13 - HAA Voltage Versus Frequency.
 



EXPERIMENTAL 2 GBPS MM WAVE SYSTEM
AND 4 GBPS QASK MODULATOR
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El Segundo, California U. S. A.

ABSTRACT

A 2 GBPS QPSK modulator and demodulator were developed and BER performance
was evaluated over a millimeter wave data channel. The error rate measurements taken
with the breadboard equipment showed system performance to be less than 2 dB from
theoretical at an error rate of 10-5. Additionally, a second QPSK modulator was
constructed and combined with the first to generate 4 GBPS QASK data for future
evaluation.

INTRODUCTION

The continuing demand for communication satellites to provide data channels at
increased rates has prompted an experimental program investigating multigigabit
communications technology. The initial program objectives were to develop a broadband
millimeter wave satellite channel, a 2 GBPS QPSK modem, and to evaluate the bit error
rate performance of the resulting system.

The satellite channel included a low conversion loss millimeter wave to Ku band mixer,
a Ku band parametric preamplifier and field effect transistor (FET) amplifiers, as well as
channel filters. The modulator was formed from two bi-phase modulators, each consisting
of an FET switch and a circulator. The two modulator channels were each driven with
1-GBPS data generated by multiplexing and latching the outputs of 500 MBPS shift
register sequence generators. The demodulator included both carrier and clock recovery
phase locked loops. Extensive use was made of Gallium Arsenide microwave integrated
circuit technology in both the modem logic elements, and in the channel amplifiers.

Following evaluation of the 2 GBPS system, a second QPSK modulator was
constructed and combined with the first to form a 4 GBPS QASK modulator. The next
phase of this continuing program will be to develop the receiver circuits for demodulation
and evaluation with 4 GBPS QASK operation.



SYSTEM CONFIGURATION

A block diagram of the system is shown in Figure 1. It includes a QPSK modulator
operating at a 15 GHz carrier frequency, and an up converter which translates the signal to
the millimeter (MM) wave region where it is passed through a single conversion
transponder. The transponder translates the signal back down to 15 GHz and provides
filtering and amplification. Following the transponder, noise is added to the signal before it
is phase detected, filtered and latched in the demodulator. The recovered data is processed
in error detectors to provide system bit error rate evaluation.

QPSK MODULATOR & DATA SOURCES

Two 1 GBPS data sources drive a quadrature pair of FET bi-phase modulators which
operate on a 15 GHz carrier oscillator to form a 2 GBPS QPSK modulated signal at
15 GHz. The 1 GBPS data sources are each formed by multiplexing and latching the
outputs of 500 MBPS PRN sequence generators.

The 500 MBPS PRN sequence generators are mechanized using Fairchild 11CO6 “D”
flip flops. Each generator produces a maximum length sequence of 511 bits and generates
two suitable phases of the word which are multiplexed to generate the original 511 bit
word at twice the bit rate, or 1 GBPS.

The multiplexers are mechanized using two dual transistors, each having a common
emitter connection. The 500 MHz clock signal and one 500 Mbps data stream are coupled
to the respective base connections of the second dual-transistor. This mechanization
produces a low logic level at the single ended output of each dual transistor only when its
input clock signal is high and its input data signal is low.

Effective multiplexing of the two 500 MBPS data streams is obtained by wire “anding”
the output collectors of the two dual transistors so that a low output level from either
differential pair is produced at a common output.

The 1 Gbps data from each multiplexer is latched in order to improve the data
waveform. The latch improves the normalization of high and low data states and of the
data transition times.

The latch is mechanized using three dual transistors. One dual transistor forms the
memory element of the latch, which is mechanized as a cross-coupled bistable multi-
vibrator. The other two dual transistors function to set and reset the bistable circuit. The
set and reset circuits each operate in a manner similar to that of half of the multiplexer 



described above. The set and reset pulses are each injected through a Schottky diode to the
appropriate base df the bistable multivibrator. A single transistor buffers the latch output.

The outputs of the latches each drive an FET bi-phase modulator. The modulators each
use a GaAs FET to switch the length of a waveguide stub in the signal path. The modulator
switch and stub are coupled to the transmission path using a circulator. The use of an FET
switch to apply the modulation provides a high quality modulated signal because of the
low AM/PM limiting of the input data provided by the FET switch. Other advantages of
the FET waveguide modulator configuration are its low DC power consumption, its
inherent isolation between input data and output RF provided by the waveguide in the
output signal path, and its potential for even higher data rates on MM wave carriers. The
multiplexer latch and modulator are packaged in one compact assembly to minimize
reflections between circuits. A photograph of the assembly is shown in Figure 2. A
photograph of the combined QPSK modulator is shown in Figure 3.

TRANSPONDER

The 15 GRz modulated signal is up converted to the MM wave region to provide an
input for the breadboard single conversion transponder. The transponder consists of a low
conversion loss mixer which downconverts the signal to 15 GHz, followed by a parametric
preamplifier, FET amplifiers, and channel filter. The transponder provided a noise figure of
7.6 dB (6 dB mixer conversion loss followed by a system noise figure of 1.6 dB), a gain of
44 dB, and a 1 dB channel bandwidth of 2 GHz.

DEMODULATOR

The input signal to the demodulator is divided into three paths. One path goes to the
carrier recovery loop. The other two paths drive a quadrature pair of Airtech double
balanced mixers which operate as phase detectors. Following the phase detectors the
signals are passed through data filter amplifiers which increase the signal level, and
provide post correlation data filtering. The output of each amplifier is sampled by a latch
similar to the multiplexer latch which drives the modulator. This latch is driven by a clock
operating at one eighth the symbol rate, so that the reconstructed data emerges at
125 MBPS from each latch. This technique of undersampling the PRN data sequence
allows BER evaluation using a conventional low speed BER test set.

Block diagrams of the carrier and clock recovery loops are shown in Figures 4 and 5.
The carrier recovery circuit is an IQ loop, and the clock circuit consists of an edge detector
followed by a phase locked loop. The clock circuit diagram illustrates the implementation
of the one eighth rate clock to the latch. A photograph of the carrier and clock loops is
shown in Figure 6.



PERFORMANCE EVALUATION

The high quality of the signals generated in the 2 Gbps system is demonstrated from
waveform and spectrum photographs, as well as from a BER evaluation.

Figure 7 shows time and frequency domain displays of the waveforms which drive one
of the biphase modulators. The first photograph shows a segment of the PN data sequence.
Note the single bit pulses of 1 nanosecond duration (print through at the 1 GHz clock rate
can also be seen as ripple on longer sequences of zeros or ones).

The second photograph is of the same waveform but with the time base expanded and
the oscilloscope synchronized to the word clock rather than to the word pattern itself. This
photograph shows the rise time to be approximately 200 psec. The last photograph is a
frequency domain response of the same waveform and illustrates the near ideal (sin x)/x
shape.

Figure 8 is a similar set of photographs, but taken at the demodulator phase detector
output. This particular set of waveform responses was taken with the single conversion
transponder bypassed. Once again, it illustrates the high quality of the waveforms
encountered. The low AM/PM limiting of the FET modulator is demonstrated by a
comparison of Figure 7 and 8. The waveforms of Figure 7 contain a substantial amount of
clock rate ripple which is limited, but not converted to phase ripple, by the FET switch.
The result is that the detected waveform of Figure 7 has substantially reduced clock rate
ripple.

In addition to the circuits described above, a second multiplexer/latch assembly has
been constructed using all gallium arsenide components. The GaAs multiplexer is
mechanized using three FET chips. Two FETs perform the basic multiplexing operation
while a third FET amplifies the output signal to a level suitable for driving a latch
consisting of Hughes GaAs logic gates. This configuration offers the potential of operating
to even higher data rates. A photograph of the GaAs multiplexer, latch and modulator
assembly is shown in Figure 9. Multiplexer and latch output waveforms for the gallium
arsenide circuits are shown in Figure 10. This figure can be compared to Figure 7 for the
current system and illustrates even higher quality waveforms.

Bit error rate performance for the system is shown in Figure 11. The system was
evaluated with the transponder bypassed (back to back) and with the transponder included.
The measurements were taken with a strong signal into the transponder so that the
preamplifier noise was negligible compared to the noise source (strong uplink, weak
downlink). Degradation is approximately 2 dB with the transponder included. With the
transponder bypassed, the degradation is slightly less.



4 GBPS QASK MODULATOR

A second word generator and FET modulator was constructed and integrated with the
all GaAs multiplexer/latch assembly. This modulator and the original were driven with
coherent carriers and their outputs were combined in a hybrid to form a 16 signal QASK
modulator.1 A block diagram of the configuration, along with a vector construction of the
signal set, is shown in Figure 12. A photograph of the hardware is shown in Figure 13.

The QASK set of 16 signals has advantages in a high rate system because it provides
twice the data rate without a bandwidth increase when compared with QPSK. Another
advantage is that baseband circuits need only operate at half the speed required for QPSK.
The disadvantages are that the signal set is approximately 4 dB less power efficient than
QPSK, that more hardware complexity is required, particularly in the receiving circuits,
and that AM on the signal requires a linear, and, therefore, less efficient transmitter. An
alternative to a linear transmitter is to locate saturating power amplifiers at the output of
each QPSK modulator prior to the power combining hybrid. However, the required
termination on the fourth port of the hybrid results in a 3 dB power loss. Regardless of
these difficulties, the bandwidth efficiency of this technique provides advantages for
systems operating at the highest data rates.

The output of the 4 GBPS modulator was compared in phase to the carrier, and the
resulting eye pattern for one of the quadrature channels, the “I” channel, is shown in
Figure 14. The figure shows the eye pattern with input data modulation on both the “I” &
“Q” channels, as well as with input modulation on the “I” channel only. A comparison
provides a qualitative assessment of the channel crosstalk.

At present, the receiver multiple threshold latching circuits are being configured to
demodulate the signal and allow bit error rate evaluation.

CONCLUSION

The experimental 2 Gbps MM wave system has demonstrated the capability of current
technology to provide high quality data transmission at rates to 2 Gbps. In addition, the
QASK modulator has indicated a capability of very high data rates in band limited
applications.
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FIGURE 1.  2 Gbs MODEM AND DATA CHANNEL

Figure 2 - Multiplexer - Latch - Modulator Assembly



Figure 3 - QPSK Modulator

Figure 4 - 2 GB PS QPSK Carrier Recovery Loop



Figure 5 - 2 GB PS QPSK Clock Recovery Loop

Figure 6 - Carrier and Clock Recovery Loops



Figure 7 - Time and Frequency Domain Displays of Modular Input (Latch Output)

Figure 8 - Time and Frequency Domain Displays of Demodulator Output



Figure 9 - GaAs Multiplexer - Latch - Modulator Assembly

Figure 10 - Time and Frequency Domain Displays of Modulator Input
(GaAs Latch Output)



Figure 11 - 2 GB IT System Ber Performance

Figure 12 - 4 GB PS QASK Block Diagram and Vector Construction



Figure 13 - QASK Modulator

4 GBPS QASK EYE PATTERNS

Figure 14 - G



EXPERIMENTAL EVALUATION OF MSK AND OFFSET KEYED
QPSK THROUGH SATELLITE CHANNELS
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ABSTRACT

Laboratory test measurements show nearly equivalent error rate performance of MSK and
OKQPSK modulation formats for channels having bandwidths approximately equal to the
bit rate bandwidth and typical associated phase delay characteristics. High quality MSK
and OKQPSK transmitters and a versatile modular receiver have been designed and
constructed to eliminate differences associated with varying degrees of hardware quality
when the performance of the various modulation formats is compared. The selection of a
modulation format should, therefore, be strongly directed by considerations other than
error rate, such as complexity, sensitivity to alignment, and compatibility with differential
coding.

INTRODUCTION

In recent years MSK has become an increasingly popular modulation technique for
signaling through band limited channels in which data must be efficiently packed into the
restricted bandwidth.1, 2, 3 MSK appears attractive for such signaling because more of its
energy is concentrated toward the band center, and less in sidelobes, when compared to
the other most popular digital modulation techniques, QPSK and offset keyed QPSK
(OKQPSK).3 Each of these three signaling techniques is equivalent to a bi-orthogonal set;
therefore, they perform identically in a non-band limited channel. The objective of this
study is to compare the performance of MSK and OKQPSK when operating through
various degrees of channel bandlimiting. Data were collected with a laboratory test modem
with a 1.5 GHz carrier operating at 80 Mbps, and include both integrate and dump and
passive data filters. The results indicate that for severely band limited channels offset
QPSK outperforms MSK, while with more moderate band limiting MSK is better. The
results also indicate that incorporation of high quality phase equalizers yields better
performance improvement with MSK than with OKQPSK.



LABORATORY MODEM

A high quality, flexible 80 Mbps laboratory modem capable of operating in either MSK or
OKQPSK modes with a 1.5 GHz carrier was developed. The 80 Mbps rate was selected
because it is both low enough to allow accurate simulation of distortion, and high enough
to evaluate performance at low error rates. To ensure modulation format differences are
not masked by hardware implementation, extensive effort was given to the construction of
nearly ideal performing transmitters and receivers.

Figure 1 is the block diagram of the 80 Mbps evaluation modem. This modem includes
MSK and OKQPSK transmitters, which were switched into the modem as required, and a
versatile modular receiver capable of demodulating MSK with sinusoidal weighting, MSK
with no weighting, and OKQPSK. A matched filter receiver is one in which a received
signal is correlated with its stored replica followed by an integration operation.4 For an
undistorted MSK signal, the required operation is correlation of the received signal with
the recovered carrier and a sinusoid at half the symbol rate. Such a matched filter
configuration for MSK is referred to as MSK with sinusoidal weighting. When the MSK
signal is correlated with only the recovered carrier, this receiver is referred to as MSK with
no weighting. Demodulation of an OKQPSK signal requires correlation with only the
recovered carrier. The digital test modem was implemented so that its configuration could
be altered from matched MSK (sinusoidal weighted correlation) to matched OKQPSK, or
to unmatched MSK (no weighting) by passive component adjustments only. This makes
possible the use of the same receiver components and guarantees identical receiver
characteristics for each demodulation scheme considered. The modem was assembled in
the following configurations for the study.

Transmit Receive

MSK Sinusoidal weighting, integrate and dump data filter

MSK Sinusoidal weighting, 2 pole data filter

MSK No weighting, integrate and dump

MSK No weighting, 2 pole data filter

OKQPSK No weighting, integrate and dump

OKQPSK No weighting, 2 pole data filter



For each of the configurations various channel filters, were located between the transmitter
and the receiver. For this study, the carriers and clock were hardlined from the transmitter
to the receiver.

TRANSMITTER

Figure 2 shows the photographs of the actual transmitter hardware, as well as photographs
of the power spectra for the MSK and OKQPSK transmitters. For the case of an ideal
MSK transmitter power spectrum, the peaks of the side lobes diminish at a rate
proportional to 1/f2 (f = frequency) with the first nulls occurring at a frequency equal to
1.5 x link data rate centered about the carrier frequency.2,5 The peak amplitude of the first
side lobes is 23 dB down from the peak of the main lobe. For an ideal OKQPSK
transmitter power spectrum, the peaks of the side lobes diminish at a rate proportional to
1/f with the first nulls occurring at a frequency equal to the link data rate centered about
the carrier frequency. The peak amplitude of the first side lobes is 13 dB down from the
peak of the main lobe. The photographs in Figure 2 indicate that either transmitter exhibits
nearly ideal performance characteristics.

RECEIVER

Figure 3 shows the block diagrams for the three receiver configurations utilized during the
MSK, OKQPSK study and the photographs of their hardware implementations. The block
diagrams show that the only differences among the receiver configurations are the
frequencies of the carrier inputs and the choice of mixer outputs used for baseband data
detection. One additional subtle difference pertains to the MSK no weighting configuration
and is incorporated in the bit synchronizer; this consideration is presented later.

The mathematical expression for the output of an MSK transmitter is:

(1)

where Tc is the carrier frequency, x(t) and y(t) are the modulation signals which take on
values of ±1, and )T is the amplitude weighting frequency.

For the 80 Mbps MSK modulator under consideration, fc = 1.53 GHZ and equals the
arithmetic average of the MSK upper carrier fU = 1.55 GHz and the lower carrier
fL = 1.51 GHz. The amplitude weighting frequency is one-half the difference of the two
MSK carriers; therefore



The MSK with sinusoidal weighting receiver is shown in Figure 3a. The expression
describing the output of the in-phase channel summer is:

(2)

where TU and TL are Tc + )T and Tc - )T, respectively.

Applying to equation 2 the trignometric identity relating the sum of two cosines to the
product of two cosines and substituting the symbols defined beforehand gives:

(3)

Elimination of higher frequency terms yields the expression for the signal input to the
detection filter:

(4)

Equation 4 is an expression for a raised cosine data stream. Figure 4a is a photograph of
the breadboard data waveform for this configuration.

The block diagram and breadboard photograph of the MSK no weighting receiver are
shown in Figure 3c and 3d, respectively. This receiver is identical with the MSK sinusoidal
weighting receiver with the exceptions of the substitution of one carrier input fc for both fU

and fL and the removal of the resistive summers preceding the data filters. (The carrier fc is
generated from the two MSK carriers fU and fL by specially constructed peripheral test
equipment.) In addition, since the amplitude weighting function in the receiver is removed,
the 180E phase inversion caused by the 20 MHz weighting function in the transmitter is
restored in the bit synchronizer by modulo 2 addition of the detected data with a 20 MHz
squarewave.

The mathematical expression for the signal preceding the data filter for the in-phase
channel is:

(5)

This expression reduces to:

(6)



Thus, the input to the data filter is a half sine data stream. The waveform represented by
equation 6 is modulo 2 added to the 20 MHz squarewave to produce valid data. Figure 4b
is a photograph of the breadboard data waveform for this configuration.

Consider an OKQPSK signal as a third input to the receiver shown in Figure 3c. This
receiver is identical with the MSK no weighting receiver with the exception that no phase
correction is performed in the bit synchronizer.

The mathematical expression for the output of an OKQPSK transmitter is:

(7)
The input to the detection filter for the in-phase channel is expressed as:

which is the required processing for OKQPSK demodulation.

This section has demonstrated the means by which the flexible modem receiver
configuration permits evaluation of several modulation and demodulation formats without
introducing experimental errors caused by hardware discrepancies.

CHANNEL FILTERS

For each of the configurations various channel filters were located between the transmitter
and receiver. The filters were 7 pole Tchebyshev designs, differing only in bandwidth. The
filter bandwidths were 40, 56, 80 and 113 MHz, simulating communication channels with
data rate to single-sided (IF) bandwidth ratios of 2, 1.4, 1, and .7. An additional 56 MHz
self-equalized filter was also constructed, having an amplitude response very similar to that
of the Tchebyshev, but with much less group delay variation. This filter was used to
determine the effects of improved phase equalization on system performance. Figure 5a is
a plot showing the amplitude and group delay characteristics of the 56 MHz Tchebyshev
channel filter. This response is typical of all the Tchebyshev channel filters. Amplitude and
group delay plots of the 56 MHz self-equalized filter are shown in Figure 5b. Figure 5c is a
photograph of the four channel filters and the 56 MHz self-equalized filter.

DISCUSSION OF RESULTS

For each of the three receiver configurations, bit error rate was measured with the
Tchebyshev channel filters and with various receiver detection filters. Figure 6 shows a set
of curves which are representative of the bit error rate data. The degradation from theory
in terms of Eb/No at an error rate of 10-5 was determined from the measured data and is



summarized in Table 1. The bandwidths listed in this table are the 3dB single-sided
bandwidths of the low pass detection filters and of the bandpass IF filters.

From these data the effects of the channel filters, as well as those of the receiver detection
filter type and bandwidth can be determined. The data of Table 1 are summarized in
Figure 7, which is a plot of degradation from theory for each of the three receiver
configurations. The receiver detection filter is held fixed at the type and bandwidth which
generally provided best performance for that receiver configuration. The degradation is
plotted as a function of the reciprocal of the IF bandwidth-symbol duration product, 1/BT.
This normalization allows the results to be scaled to any data rate. For this system, the
80 MHz filter corresponds to 1/BT = .5.

The results show best performance for matched filter detection of MSK (sinusoidal
weighting with integrate and dump detection) when sufficient bandwidth is available, but
better performance for unweighted detection of MSK or operation with OKQPSK when
the bandwidth is reduced. Since the nonweighted MSK receiver with low pass detection
filtering is simpler to implement than the matched receiver, it should be used with MSK in
any band limited application.

Generally, the performance of MSK detected without weighting and OKQPSK was about
the same; as the bandwidth was narrowed the OKQPSK performance was slightly
superior. However, significant bit error rate improvement for MSK detected with and
without weighting was achieved when a 56 MHz self-equalized filter having the same
amplitude response as that of the 5 6 MHz Tchebyshev filter was inserted into the test
modem. For the detection filter specified in Figure 7, the data tabulated for OKQPSK in
Table 1 show a .6 dB improvement, while in Table 1 data for MSK detected with and
without weighting show 2.1 dB and .9 dB improvement, respectively. In fact, computer
simulations6 run with perfectly phase-equalized filters having Tchebyshev filter amplitude
responses indicate MSK performance is superior to that of OKQPSK when the bandwidth
is reduced. This result is intuitively satisfying if the spectral occupancy within the channel
bandwidth is considered. Figure 8 shows the MSK and OKQPSK spectra along with
typical channel filter amplitude and delay responses. It is apparent that more of the MSK
signal energy is contained in the channel passband, but the additional energy is located
near the filter skirts; thus, the energy contained in this region is delayed. This delayed
signal energy degrades rather than aids the data detection process. With a perfectly
equalized channel, the receiver takes advantage of this energy, and the performance is
improved.



CONCLUSIONS AND OTHER CONSIDERATIONS

MSK AND OKQPSK are shown to offer nearly equal error rate performance when
operated through band-restricted channels with nominal group delay distortion. Because of
this, considerations other than error rate should play a principal role in selecting between
the two formats. Some appropriate considerations are cost, complexity and sensitivity to
misalignment, the ability to accommodate nonsynchronized I & Q data rates, and the
compatibility of the format for use with differential encoding to resolve receiver phase
ambiguties. All of these considerations favor QPSK operation. A consideration which
favors MSK operation is the minimization of out of band-radiated power. The results also
suggest that with sophisticated channel phase equalization, MSK can provide superior
performance. However, such equalization is generally difficult and costly to achieve.
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TABLE 1.  Eb/No DEGRADATION (dB) FROM THEORY AT BER = 10-5

FIGURE 1.  80 MBPS TEST BED BLOCK DIAGRAM



FIGURE 2A.  MSK TRANSMITTER

FIGURE 2B.  OKQPSK TRANSMITTER



FIGURE 2C.  MSK TRANSMITTER SPECTRUM

FIGURE 2D.  OKQPSK TRANSMITTER SPECTRUM



FIGURE 3A.  MSK RECEIVER (SINUSOIDAL WEIGHTING)
BLOCK DIAGRAM

FIGURE 3B.  RECEIVER CONFIGURED FROM MSK
(SINUSOIDAL WEIGHTING)



FIGURE 3C.  MSK (NO WEIGHTING) OR OKQPSK RECEIVER
BLOCK DIAGRAM

FIGURE 3D.  RECEIVER CONFIGURED FOR MSK (NO WEIGHTING)



FIGURE 4A.  MSK (SINUSOIDAL WEIGHTING) RECEIVER OUTPUT

FIGURE 4B.  MSK (NO WEIGHTING) RECOVERD DATA (BOTH CHANNELS)

FIGURE 5A.  56 MHz TEHEBYSHEV CHANNEL FILTER RESPONSE



FIGURE 5B.  56 MHz SELF-EQUALIZED CHANNEL FILTER RESPONSE

FIGURE 5C.  CHANNEL FILTERS



FIGURE 6.  MEASURED BIT ERROR RATE DATA

FIGURE 7.  COMPARISON OF RECEIVER CONFIGURATIONS
USING OPTIMUM POST DETECTION FILTERING



FIGURE 8A.  CHANNEL AMPLITUDE AND GROUP DELAY RESPONSE

FIGURE 8B. MSK TRANSMITTED POWER SPECTRUM

FIGURE 8C. OKOPSK TRANSMITTED POWER SPECTRUM



MILLIMETER WAVE AND LASER
SATELLITE COMMUNICATION SYSTEM COMPARISON
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ABSTRACT

Satellite communications using laser technology has received support primarily due to
its high data rate potentials. However, as laser technology progresses, the system
advantages of reduced size and weight relative to millimeter wave systems are becoming
more apparent and realizable. A detailed comparative study was undertaken to define the
merits of both millimeter wave and laser technology for a satellite communication system
operating at the relatively modest data rate of 100 megabits per second. The following
paper defines the communication system parameters used in the study and summarizes the
results obtained for the 100 Mbps system comparison.
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SERIAL HIGH DENSITY DIGITAL RECORDING USING AN
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ABSTRACT

A great deal of interest is being generated in the area of high density digital recording
(HDDR) because of the need to record high rate digital signals. This paper presents the
results of a study where digital data was recorded on ordinary analog magnetic tape
recorder/reproducers using several of the currently popular codes. It is shown that bit
packing densities of 25 kilobits per inch (or higher) are achievable with analog wideband
2.0 MHz recorder/reproducers.

INTRODUCTION

Time division multiplex telemetry data has usually been recorded by pre-detection
techniques. However, the maximum pulse code modulation (PCM) bit rate that can be
recovered from a 900 KHz pre-detection carrier (highest standard frequency at 120 inches
per second (in/sec)) is only slightly over 1.0 megabit per second (Mb/sec) for non-return-
to-zero level (NRZ-L) data. Therefore, in order to record higher data rates the user has to
either use a higher tape speed than 120 in/sec or use HDDR. The maximum tape speed
currently available is about 240 in/sec which limits the NRZ-L data rate to about
2.0 Mb/sec and also uses 20 feet of tape per second. Dedicated HDDR systems can record
4 Mb/sec at 120 in/sec which yields four times as many data bits per lineal inch of tape as
pre-detection recording. The Pacific Missile Test Center (PACMISTESTCEN) has
previously reported on the maximum bit packing densities achievable with various codes1

and the signal-to-noise ratio (SNR) required to get a 10-6 bit error probability (BEP) for
various data rates and various codes2. This paper reports on the bit error probabilities of
PCM data recorded on six tracks of one machine and reproduced on either the same
machine or a different machine. The tape machines and bit synchronizer are typical of
hardware in existence at the various National Ranges and elsewhere. The codes included



in this paper are randomized NRZ-L (RNRZ-L), NRZ-L, delay modulation (DM), and bi-
phase-level (BiN-L). These codes were selected because the last three are available as
outputs of most commercial bit synchroizers and previous studies1,2 have shown good
performance with RNRZ-L. The Miller Squared and odd-parity NRZ-L codes also perform
well but were not included because the Miller Squared code is not available on commercial
bit synchronizers and the odd-parity NRZ-L code is somewhat more difficult to implement
and its performance is greatly influenced by the DC restorer used. The data patterns were a
2047-bit pseudo random (PR) sequence and a 6-bit ramp with each value repeated 256
times3. All the data was taken using an Electro Mechanical Research (EMR) Model 720
PCM bit synchronizer.

TEST DESCRIPTION

A block diagram of the test set-up for recording the data is shown in Figure 1A. The
NRZ-L data source generated either a 2047-bit PR sequence or a 6-bit ramp with each
6-bit word repeated 256 times. The NRZ-L data was then either sent over a simulated
radio frequency (RF) link or when that was not feasible the data was sent directly to the
encoding hardware. The NRZ-L data was then either converted to DM or BiN-L,
randomized, or not modified. Next, the data was buffered and the same data was recorded
on 6 tracks of a 7-track 1/2 inch analog recorder using standard analog recording
techniques (2 dB overbias for wide-band 2.0 MHz and 1 volt rms record level). The output
of the recorder/reproducer was monitored on an oscilloscope. Data were recorded on both
wideband 1.5 MHz and wideband 2.0 MHz recorder/reproducers. Descriptions of the three
recorder/reproducers used in this study are:

Recorder/reproducer A - Wideband 2.0 MHz machine usually used in experimental
studies in a laboratory environment. This machine is the
same as machine A in reference (1).

Recorder/Reproducer B - Typical wideband 1.5 MHz machine used for recording
telemetry data during range operations at the
PACMISTESTCEN. This machine was not “tweaked up” to
record the HDDR data but was used “as is.” It is usually
used to record predetection telemetry data.

Recorder/Reproducer C - Wideband 2.0 MHz machine usually used for data playback.
This machine was also used “as is” and is also usually used
with analog data.

A swept frequency signal was recorded on the leader of each tape to aid in azimuth
alignment.



The tapes used in this study (Ampex 786 and Ampex 795) had a basic error probability of
between better than 10-7 and better than 10-9 depending on the particular tape and track.
The errors caused by severe dropouts were not included in the test results because they are
mostly a random tape phenomena and not a code phenomena. However, very few severe
dropouts were encountered in this study. The edge tracks had about one severe dropout
per 3000 feet of tape and the center tracks had very few severe dropouts. The basic data
quality was at least an order of magnitude better on the center tracks than on the edge
tracks for a packing density of 25 kilobits per inch (Kb/in) and PR NRZ-L data.

The randomizer2 used in this study was a 17-stage device. The output has a nearly random
distribution of “ones” and “zeros” for most inputs. The randomizer can output a long string
of “ones” (or “zeros”) if the register is loaded with all “ones” (or “zeros”) when a long
sequence of “ones” (or “zeros”) starts. The output will have 17 more consecutive “ones”
(or “zeros”) than the input. The output will return to normal when the input does. The
probability of this happening for a normal data stream is 2-17 times the probability of a long
run of “ones” plus the probability of a long run of “zeros”. A test was performed to see
how often this happened for a 6-bit ramp with each 6-bit word repeated four times. It was
discovered that the resulting data had three mutually exclusive modes of operation:

1.  There was about a 0.5 probability that no long runs (longer than 23) of “ones’. or
“zeros” would appear.

2.  There was about a 0.25 probability that a run of 41 “ones” would occur every
6 x 107 bits.

3.  There was about a 0.25 probability that a run of 46 “zeros” would occur every
6 x 107 bits.

The different lengths of runs for “ones” and “zeros” are caused by the fact that the input
has one run of 24 “ones” and one run of 29 “zeros” every 1536 bits., The expected result
was a run of 41 “ones” and a run of 46 “zeros” every 2 x 108 bits. However, the ramp data
is very non-random and the run of “zeros” immediately follows the run of “ones” so it is
not surprising that the result is not the result that was predicted from the assumption of
random data. It is believed that the possible runs of “ones” and “zeros” will not cause any
problems with actual telemetry data at tape speeds of 7.5 in/sec and above. The runs can
be detected and stopped by inverting one bit in the register and the recorded data stream.
This does introduce one bit error but is a standard feature of the latest Sangamo
randomized HDDR systems.



TEST RESULTS

A representative sample of test results is presented in Tables I, II, III, and IV. The data
playback test set-up is shown in Figure 1B. The data are grouped by bit error probability
for a given set of test conditions. The bit error probability groupings are:

10-7  means BEP # 10-7

10-6  means 10-7 < BEP #10-6

10-5  means 10-6 < BEP #10-5

10-4  means 10-5 < BEP #10-4

10-3  means 10-4 < BEP #10-3

Bad Track means BEP #10-3

The code, packing density, bit pattern, record machine, and playback machine are given
for each group of data. The playback tape speeds are listed with the record tape speed
designated by the asterisk.

The data in Tables I, II, and III show that a bit error probability of 10-6 or better can be
achieved with RNRZ-L or PR NRZ-L at a packing density of 25 Kb/in. for tape speeds of
7.5 in/sec to 120 in/sec with a wideband 2.0 MHz recorder and reproducer . This result
was achievable in all cases where the tape recorder/reproducer electronics were working
properly. The two exceptions in Table I were due to severe reproduce electronics
problems. This data also shows that more than one-half of the tracks gave BEPs of less
than 10-6 with PR NRZ-L at 33.3 Kb/in. The performance of PR NRZ-L and RNRZ-L at
3.75 in/sec was poor at any packing density (BEP of 10-6 could not be achieved on any
track of any recorder/ reproducer tested). The data in Table IV show that a BEP of better
than 10-6 at a packing ,density of 20 Kb/in with PR NRZ-L is achievable on most tracks if
data is recorded on a wideband 1.5 MHz machine and played back on a wideband
2.0 MHz machine. One track of recorder B was found to be badly overbiased. This plus
the previously mentioned problems with the reproduce electronics of machine A account
for the bad tracks. A BEP of better than 10-6 was achievable at 25 Kb/in with PR NRZ-L
and RNRZ-L on about one-half of the tracks.

The data in Tables I, II, and III show that DM gives a bit error probability of 10-6 or better
on most tracks at a packing density of 20 Kb/in. The exceptions were tracks which had
either a low SNR or poor phase characteristics. Since DM has mid-bit transitions it is more



sensitive to phase distortion and low SNR than NRZ4. DM also performed well at a
packing density of 25 Kb/in on more than one-half of the tracks. The data in Table IV
show that DM gives a BEP of better than 10-6 on most tracks at 16.7 Kb/in when the PCM
data is recorded on a wideband 1.5 MHz machine and played back on a wideband
2.0 MHz machine.

The data in Tables II, III, and IV show that BiN-L works well at a packing density of
16.7 Kb/in for both wideband 1.5 MHz and wideband 2.0 MHz machines. BiN-L was also
the only code which gave good results (BEP #10-6) at a speed of 1.875 in/sec. However,
DM performed slightly better (higher packing density for 10-6 BEP) than BiN-L at
3.75 in/sec. Randomized NRZ-L might work at the lower tape speeds if the DC restorer
was optimized for this condition.

Overall, DM appears to perform as well as NRZ if the DM packing density is about 80%
of the NRZ packing density. The relative performance is a function of the “goodness” of
the phase equalization, the SNR and the amplitude equalization. If the amplitude
equalization is adjusted so that the amplitude is about 5- to 6-dB down at the upper
bandedge, DM performs almost as well as NRZ (more than 90% as high packing density
for 10-6 BEP). This agrees with the data in Table 3 of reference (1) with tape recorder A.
References (1) and (2) show that DM gives a packing density of 50% to 110% of NRZ
depending on the test conditions. The 80% nominal value of this report falls in the middle
of the above extremes. The recommended packing densities of 25 Kb/in for NRZ, 20 Kb/in
for DM, and 16.7 Kb/in for BiN-L are approximately 80% of the lowest “best track”
values of reference (1). These values are also between 60% and 70% of the values at a
22 dB SNR in Figure 4 of reference (2). Since reference (1) dealt with the best track
performance and reference (2) replaced the tape recorder by a linear phase bandpass filter,
the results of this paper correlate reasonably well with the previous results. A technical
report which will include the results of all of these studies plus additional crossplay data
will be published by the PACMISTESTCEN in 1979.

SUMMARY

It has been shown that good HDDR performance (bit error probability of less than 10-6 )
can be achieved with existing range equipment for packing densities of 25 Kb/in for
RNRZ-L, 20 Kb/in for DM, and 16.7 Kb/in for BiN-L. These results can be achieved with
the following set of constraints:

1.  Use of a wideband (2.0 MHz) recorder/reproducer system set-up to Inter-Range
Instrumentation Group (IRIG) standards for analog recording.

2.  Tape speeds of 7.5 to 120 inches per second.



3.  Conditioning of the reproduced bit stream from the recorder/reproducer with a good,
commercially available bit synchronizer such as an Electromechanical Research (EMR)
model 720 or its equivalent.

4.  Crossplay between recorder/reproducer systems as with analog signal crossplay.

5.  Good quality commercially available wideband magnetic tape.

6. Phase equalizers in the reproduce electronics of the recorder/reproducer systems.
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FIGURE 1A.  TEST SET-UP FOR DATA RECORDING



FIGURE 1B.  TEST SET-UP FOR DATA PLAYBACK

TABLE 1. FREQUENCY BREAKDOWN OF BIT ERROR
PROBABILITIES FOR DATA RECORDED AND
REPRODUCED ON MACHINE A (6 TRACKS)



TABLE II. FREQUENCY BREAKDOWN OF BIT ERROR
PROBABILITIES FOR DATA RECORDED ON MACHINE
C AND REPRODUCED ON MACHINE A (5 TRACKS)

TABLE III. FREQUENCY BREAKDOWN OF BIT ERROR PRO
ABILITIES FOR DATA RECORDED AND REPRODUCED
ON MACHINE C (4 TRACKS)



TABLE IV. FREQUENCY BREAKDOWN OF BIT ERROR
PROBABILITIES FOR DATA RECORDED ONMACHINE
B AND REPRODUCED ON MACHINE A (6 TRACKS



HIGH LINEAR DENSITY RECORDING STUDY

Avner Levy
Bell & Howell, Datatape Division

Pasadena, California 91109

ABSTRACT

A series of tests were conducted in an attempt to study the recording behavior of Enhanced
Nonreturn to Zero (ENRZ) code at high linear recording densities.

Using the “eye” pattern as a criteria in the first phase, the tests clearly demonstrate the
sensitivity of a tape recorder to the DM (Delayed Modulation) coding technique as
compared to ENRZ. For the same linear density, ENRZ has a considerably wider margin
than the DM code.

In the second phase of that study, a series of tests were conducted using high energy tape
and magnetic heads with reproduce gaps in the order of 12 µin, referred to as “double
bandwidth heads.” Using present day technology, it was possible to demonstrate linear
packing density never before achieved on magnetic recording tape.

INTRODUCTION

One of the major obstacles to increasing linear packing density in instrumentation
recorders is the short wavelength required, the signal loss associated with it

due to head-to-tape interface and the decision area associated with the size, or opening, of
the eye pattern. This, in digital recording, manifests itself as BER (Bit Error Rate).
Another significant factor is the width of the eye, or, the time distance between the zero
crossing. This distance is subject to tape and transport performance such as jitter, flutter,
etc. thereby influencing BER.

Quick examination of the power spectral density of the two codes suggests that the ENRZ
code would be less sensitive to high frequency or band edge disturbances than the DM
code because the former has less high frequency content and therefore would be less
vulnerable to high frequency dropout or spacing loss. Indeed, in separate experiments it



was possible to demonstrate ENRZ recording with linear packing densities of 45 to 50
kbpi using standard instrumentation tape and heads.

PHASE I:  COMPARISON OF EYE PATTERNS

In the first phase of the experiment a series of tests were made using DM and ENRZ codes
at various linear densities ranging from 16.7 kbpi to 45 kbpi. To study the quality of the
data a series of photographs were taken showing the “eye” pattern of both codes. The
“eye” opening of each code was then measured and compared.

Finally, as an extension of ENRZ capability a test was run using 45 kbpi on 42-track per
inch format.

Fig. 1A (DM) Fig. 1B (ENRZ)

Figures 1A and 1B show linear density of 16.7 kbpi of DM and ENRZ respectively. Note
that the opening of the eye is essentially the same in amplitude (sensitive to dropouts) but
not in distance between crossings (sensitive to jitter, flutter, etc. ) where the ratio is 2:1 in
favor of ENRZ.

Fig. 2A (DM) Fig. 2B (ENRZ)

Figures 2A and 2B show linear density of 24.75 kbpi of DM and ENRZ respectively. Of
significane is the size of the eye pattern of the two codes as compared with 16.75 kbpi and
in reference to each other with the ENRZ eye opening leading by more than 33%.



Fig. 3A (DM) Fig. 3B (ENRZ)

Figures 3A and 3B show linear density of 33 kbpi. While there is consistent decrease in
the “eye” opening, the ratio of ENRZ/DM opening increases to 3.6:2 or 1.8:1.

Fig. 4A (DM) Fig. 4B (ENRZ)

Figures 4A and 4B show linear density of 40 kbpi. The ratio of the “eye” pattern is now
almost 3:1 in favor of the ENRZ.

Fig. 5A (DM) Fig. 5B (ENRZ)

Figures 5A and 5B show linear density of 45 kbpi. The ratio now between the two “eyes”
is almost 4:1. While it was possible to obtain successful data with the ENRZ, the DM at
this packing density was totally unusable.



Fig. 6 (DM)

Figure 6 shows linear density of 30 kbpi using DM code. It is interesting to compare this
picture with Figure 5B which shows 45 kbpi of the ENRZ. For ease of comparison the
horizontal scale of the DM code was set @ 50 ns/cm (nanoseconds per centimeter) With
50% increase in packing density, the “eye” pattern of the ENRZ @ 45 kbpi is as large as
that of the DM with 30 kbpi linear density.

Finally, a test was run using 42-track per inch format recording 45 kbpi with standard tape
and head. In this preliminary test a BER better than one part 105 was demonstrated with
most, if not all, of the error traced down primarily to tape dropouts.

The above photographs show a consistent increased ratio of eye pattern with density
between the two codes. Based on this ratio one can say with confidence that whatever the
packing density achieved with DM an improvement of approximately 50% is possible
using ENRZ code. For the same high linear density ENRZ code should provide
approximately 50% margin over DM for handling errors due to jitter or dropout.

PHASE II: PUSHING THE LIMITS

Having established in Phase I the feasibility of recording up to 45 kbpi using ENRZ code
with standard tape and heads, it is only natural to investigate what further improvements
could be realized by using high energy tape(1) and specially made double bandwidth(2)

heads. A series of tests was scheduled in which the linear recording density was increased
in steps starting from 50 kbpi.

(1) High energy tapes are commonly referred to magnetic tape with coercive force in excess
of 400 oersted.
(2) Magnetic heads capable of recording and reproducing signals having wavelength in the
order of 30 µ in are referred to as “double bandwidth” heads.



Because of the bandwidth limitations in the frequency domain, low tape speed (15 ips) was
chosen for these tests. This approach allows the evaluation of the high recording packing
density simply by shifting the reproduce equalizers one or two speeds down.

Fig. 1 Fig. 2

“Eye” pattern of 50 kbpi  “Eye” pattern of 66 kbpi.

Fig. 3 Fig. 4

“Eye” pattern of 75 kbpi. “Eye pattern of 80 kbpi.



Fig. 5

“Eye” pattern of 90 kbpi.

As the linear density was increased the “eye pattern was getting smaller. Finally, at
90 kbpi the signal was unusable. Preliminary measurement of bit error rate of 85 kbpi
shows the error to be 5 x 106.

CONCLUSION

A new horizon has finally opened in magnetic recording in terms of increased packing
density. One can say with confidence that whatever the packing density achieved with DM
an improvement in packing density of approximately 50% is possible with ENRZ. It is
quite possible that with further improvement and optimization of electronics (head driver
and reproduce equalizers), heads and tape, further improvements could be realized. It is
the opening of the eye pattern both in amplitude and in time (zero crossings) of the ENRZ
code which made it possible to demonstrate this increase in linear recording density. A
study, which includes system performance such as over-all error rates vs. linear track
density and crosstalk, is in order at this time.

APPENDIX I

Test Set-up
Tape Transport B&H 3700B S/N 6135
Tape Type: 3M 988 S/N 98188-15-10-04
Tape Speed: 60 ips
Heads: B&H 28 Track Format

Record: S/N Y75/Y30
Reproduce: 7078

Set-up was optimized for each linear packing density with no change in equalization
between each individual test.
It is a pleasure to acknowledge the efforts of Messrs. D. Gish and W. Spencer in carrying
out this study.



SUMMARY OF ENHANCED NRZ
CODE PROPERTIES
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ABSTRACT

A summary of the properties of Enhanced NRZ (ENRZ) for magnetic tape recording is
presented. Major code properties are defined and, where informative, compared with
competing recording codes.

Considerable insight is given into the considerations for maximizing the recording density
without abusing the limited bandwidth of the tape recording channel. Several standard
configurations with multi-track deskewed formats currently in field use are presented with
throughput rates up to 320 MBPS.

Error-detection and correction for improving Bit Error Rates of inferior tapes to 10-10 is
outlined.

INTRODUCTION

For five or more years various manufacturers have been extolling the virtues of their own
proprietary high density digital recording codes but there is a code for which no
manufacturer makes a proprietary claim, a code used by two manufacturers operating in
competition with each other. This code is enhanced NRZ. Enhanced NRZ is an extremely
successful code with wide user acceptance, a predictable performance, and a potential for
growth with the ever increasing needs of higher and higher throughput rates.

This wide user acceptance with over ten million dollars worth of equipment deployed each
year is making ENRZ a standard recording code within D.O.D. and NASA. The reason for
this user acceptance is basic. It works. It is possible to rely upon and predict with certainty
the system performance. It is forgiving of problems in the head-to-tape interface. It is
forgiving of the problems of tape perturbation. It has the capability of error detection, and
thereby can remove many of the problems caused by the magnetic tape. This paper will
provide support data for these statements.



ENHANCED NRZ (ENRZ) DESCRIPTION

ENRZ format consists of encoding the input data by adding a parity bit to every seven data
bits that are to be recorded on a single data track. The parity bit added ensures that every
eight bits recorded on tape has odd parity. This enhancement of the raw data yields several
advantages over NRZ encoding. First of all, it guarantees a transition rate in the recorded
signal sufficient for maintaining phase lock in the detector tracking oscillator. This
advantage is maintained even when the complement of any subsequent randomizing of the
recorded signal occurs in the input data. Secondly, by means of a parity check during
playback, it gives a good indication of the accuracy with which the bits were recorded and
reproduced. Thirdly, it makes it possible to determine when accurate bit count has been
lost and, within a limited error boundary, to re-establish the correct bit count and alignment
of data bits at the system output. Finally, it makes possible error detection by providing a
longitudinal parity check on each tape track for every seven data bits.

The addition of an odd parity bit after every seven data bits restricts the recorded bit
pattern so that, in the worst case, no more than 14 bit periods may elapse without a flux
change. This brings the low frequency response requirement within the range of standard
Direct reproduce electronics, while retaining the upper bandwidth conservatism of NRZ.
The reduction in effective packing density due to the addition of the parity bits amounts to
8:7 or a 12.5% reduction, significantly less than the reduction occasioned by other coding
formats.

Since the ENRZ waveform is virtually indistinguishable from an NRZ waveform except
that the enhanced rate is 8/7 the data rate, the high frequency response requirements will
be 8/7 that of NRZ data. Consequently, the ENRZ signal requires a theoretical high
frequency passband of (8/7 x 1/2) or 4/7 the bit rate.

By bounding the DC component such that it can never reach zero or 100% of the peak
signal amplitude, the amount of zero crossing displacement due to lack of DC response is
reduced and DC restoration is effective. Thus, by reducing the DC shift, the system rise
and fall timing errors through the zero crossings can be reduced. Since the rise and fall
times are dependent upon the high frequency content, reducing the baseline wander
permits an increase in packing density. The DC restoration may be augmented by
randomizing the data before it is recorded on tape. However, it is necessary to enhance the
data after randomizing to counter blocking of the randomizer by complementary patterns in
the input data.

CODE PROPERTIES

The code properties possessed by ENRZ are unique as a group when compared to other
encoding methods. The similarity between ENRZ and NRZ results in some properties



being identical for both of these codes. Other codes may or may not share identical code
properties with ENRZ. In comparing various encoding techniques, the reader is
encouraged to use the following list of properties as a baseline for code merit or code
comparison:

Complexity/Cost
Bit Rate to Bandwidth Ratio (Packing Density)
Sensitivity to Changes of Bandwidth, Record

Head Current
Sensitivity to Crossplay
Bit Error Rate vs Signal-to-Noise Ratio/

Detection Bandwidth
Error Multiplication
Recovery Potential from Bit Slip Pattern Sensitivity
Confidence Monitoring
Error Detection and Correction

Complexity/Cost

ENRZ is an uncomplicated code. It is readily understood, simply engineered and easily
maintained. ENRZ requires no complicated algorithms, no truth or look-up tables and no
complex circuit implementation. As a result of ENRZ code simplicity, cost to the user is
less than more complex systems.

The simplicity of ENRZ also translates to an inherently superior reliability, MTBF and
MTTR because the encode/decode circuitry is less complex than competing schemes.
Most importantly, system alignment procedures are less complex and once aligned,
realignment periods are spaced at longer periods. In particular, the alignment sensitivity of
the bit synchronizers is much less with ENRZ as compared with codes which require
precision tape transportation suitable for resolving a 2X clock.

Bit Rate to Bandwidth Ratio (Packing Density)

The ratio of bit rate (BR) to bandwidth (BW) for ENRZ is easily derived from the well
known performance of NRZ. Using information theory, it has been shown that with NRZ
data, the maximum signal rate is twice the upper frequency limit of the channel. This rate,
known as the NYQUIST rate, is based upon an ideal low pass filter and assumes that the
output signal is sampled precisely at the center of the bit cell to make the “one” - “zero”
determination. (Reference 1)

Using an NRZ BR to BW ratio of 2:1 and modifying this by the 7/8 efficiency factor
produces an ENRZ BR to BW ratio of 7/4.



Using this ratio for ENRZ and a 2.0 MHz bandwidth at 120 ips, we would expect a bit rate
of 7/4 x 2 x 106 or 3.5 Megabits per second per track. This equates to a packing density of
(3.5 x 106) ÷ 120 ips or 29 kbpi. This density compares favorably with King’s IRIG
sponsored report of “odd parity NRZ ranged from 26 to 35 kbpi”. (Reference 2)

For a code to receive wide user acceptance, it has to show capacity for growth and the
capability to record and reproduce data at higher data rates. There are currently deployed
ENRZ systems that record and reproduce throughput rates of 300 MBPS. These same
systems have expansion capability to 600 MBPS (Figure 1), utilizing a single tape
transport. But here the reader should be cautioned against reports of super codes achieving
high packing densities. The code can only make maximum use of the available analog
channel bandwidth. However, at these super high packing densities, the problems of
signal-to-noise ratio, timing errors, or anything that produces stress on the decoding
system, all become far more acute and it is in this regard that ENRZ outperforms all other
known codes.

Sensitivity to Changes of Bandwidth and Record Head Current

ENRZ like NRZ enjoys an additional bandwidth related advantage over other non-NRZ
codes, i.e., low sensitivity to changes of bandwidth that may result between reels of tape
or within a single tape. Author King reports:

NRZ bit packing was more sensitive to tape recorder bandwidth changes than
Bi-Phase but less sensitive than DM.

This is explained by King:

It is the compacting of DM spectral energy that makes its bit packing density more
sensitive to bandwidth changes. (Quotes from Reference 2)

Rather than being compacted into a narrow band of spectral energy centered at 3/8ths, the
normalized bandwidth (King’s Figure 6) ENRZ makes better utilization of the full recorder
spectrum available.

The significance of this ENRZ advantage needs to be emphasized. The bandwidth of a
magnetic tape recorder varies with use. The reproduce head output amplitude at high
frequencies increases as the depth of its pole tip diminishes with wear. This necessitates
with some coding schemes constant adjustment of the reproduce equalizers and phase
compensating networks. The spectral occupancy advantage of ENRZ results in its being
less sensitive to upper bandedge phenomena like head wear, head varnish, azimuth
misadjustment and imperfect equalization than codes that are compacted into a narrow
band of spectral energy.



A second adjustment sensitivity reported by King:

NRZ was also more sensitive to bias changes than Bi-Phase but less sensitive than
DM. NRZ showed only a 3% loss in bit packing at 0 db bias at 30 ips . . .

Again, this is an important consideration with a magnetic tape recorder. The depth of the
record head pole tip will diminish with wear. This results in the need for less record drive
to produce the same amount of saturation on tape. Although not explained by King, it is
likely that the compacted spectrum of Delay Modulation (DM) and similar codes is again
responsible for this sensitivity to record drive.

Empirical data shows that recording ENRZ, or any digital bi-level signal at high data rates,
without high frequency bias will result in improved record levels and lower bit-error rates.
The reproduced signal-to-noise ratio can be improved by as much as 3 dB when digital
data is recorded without bias. However, selecting ENRZ does not require the elimination
of high frequency bias if the user wishes to retain an IRIG Direct Mode configuration.
Author Leighou reports successful operation at 32 kbpi with high frequency bias using
“odd parity in every 8-bit byte.” (Reference 3) Although not stated by Leighou, he appears
to be describing an NRZ code exactly equivalent to ENRZ.

Sensitivity to Crossplay

King also reports on the sensitivity of various codes to crossplay between two recorders.
Part of his experiments utilizing 2 different wideband recorders possessing different SNR
are summarized below.

% Reduction in Packing Density From Crossplay

Tape Speed NRZ DM

    30 ips 23% 30%
  120 ips 11% 33%

This result is not surprising after realization of the compacted DM spectrum coupled with
the 2X clock requirement of DM type codes. Both of these are obviously stressed when
crossplaying between 2 different recorders.

Again, the broad spectrum occupancy of ENRZ provides greater immunity to crossplay
problems as reported by King. King’s crossplay results are even more dramatic when it is
realized the NRZ data was recorded at a higher starting packing density than DM.



Crossplay between wideband recorders remains a major problem today, 10 years after it
was discovered that record head gap length differences were causing incompatibility
between tapes recorded on different manufacturer’s recorders. The IRIG and ANSI
Standards Committees are urged to give serious consideration to crossplay properties of
codes before drafting high density digital standards.

Bit Error Rate vs Signal-to-Noise Ratio

The inherent BER vs SNR performance of NRZ codes applies directly to ENRZ. A
number of authors have published both theoretical curves as well as experimental curves
on this important NRZ relationship. (References 1, 4, and 5) This well established
relationship for NRZ and ENRZ is not shared by other codes.

Author Waggener from EMR-Schlumberger states:

The performance of delay modulation (DM) has been widely misunderstood. The
small low frequency content and a sharply peaked spectrum at about 0.4 bit rate has
led potential users to conclude that DM is an efficient coding technique. Such a
conclusion is unwarranted and, in fact, the performance of DM is 3.5 dB poorer
than NRZ using an optimum detection bandwidth of twice that of NRZ. If the
bandwidth of DM is limited to the spectral region less than the bit rate, a
considerable penalty in bit error performance is paid.

Experiments with ENRZ vs Double clock codes with mid bit transitions show the
detection superiority of ENRZ by the margin of the opening of the eye pattern. (Figures 2
and 3) Long time proponents of double clock mid bit transition codes now recognize the
3.5 dB penalty cited by Waggener but tend to discount its importance. Its importance is
quite obvious.

(1) An SNR margin of 3.5 dB provides a safeguard against operational problems of
head varnish, head azimuth and electronic misalignment and crossplay.

(2) Tape dropouts of a magnitude at or near detection and bit sync threshold will
be successfully accommodated.

(3) Increased packing density can be achieved with a superior BER vs SNR code
like ENRZ if the criterion of packing density is established by increasing
density until a given error rate results. Reference King’s method of code
evaluation.



Error Multiplication

By error multiplication, we mean the property of a code which results in an increase in
decoded output errors over and above the output errors that would have resulted using a
code with zero error multiplication.

King observed that a single bit present at the input to the derandomizer resulted in 3 errors
at its outputs. However, development of the randomizer by various manufacturers has
eliminated this problem but at the cost of increased complexity.

Bit Slip Error Multiplication

A single bit slip occurring before the derandomizing buffer will interrupt the synchronizing
of the buffers derandomizing process. It then requires a given number of error-free,
unslipped bits to “purge” the derandomizing buffer before an error free output results.

Double clock mid bit transition codes possess a similar trait. Specifically, their decoders
must receive a 101 bit pattern in order to be synchronized for proper decoding. In the
event of either a bit slip or burst errors their decoder must be “purged” by a 101 pattern in
order to produce correct bit patterns at the output. Whereas the 101 sequence is common
in random data there are critical times such as calibration patterns, fill patterns, or major
and minor synchronizing patterns which are completely devoid of 101 sequences for
thousands of bits.

NRZ/ENRZ codes do not require purging nor do they incorporate an inherent error
multiplication characteristic. A single bit in error off-tape will result in only a single bit in
error at the decoder output. The bit slip properties of ENRZ will be addressed in the next
paragraph.

Recovery Potential from Bit Slip

One of the unique properties of ENRZ is its recovery potential from bit slip. Bit slip is
defined by EMR (Reference 7) as “the increase or decrease in the clock frequency by one
or more bits with respect to the input signal.” The incorporation of parity bits in every
eighth bit position of the ENRZ code provides, in effect, an electronic sprocket which can
be used during playback decoding to combat bit slip.

In the event bit slip occurs, the parity bit position will move ahead or move backward in
time one or more bits. By inspection for odd parity over a group of 8 bit words (5 words
usually with a 40 bit register) it is possible to (1) Detect that slip has occurred, and (2)
Determine the direction and magnitude of the slip.



Once the slip direction and magnitude has been determined, it is relatively easy to remove.

Code systems which do not have the sprocket property of ENRZ cannot be bit slip
recovered until a unique bit pattern arrives or until a suitable time period has elapsed.

In a parallel track system with individual track deskew buffers, an uncorrected bit slip will
produce errors until the next deskew frame sync word is decoded, usually 500 to 600 bit
errors per track. ENRZ has a marked advantage in these systems because the individual
tracks can be bit slip corrected immediately.

Pattern Sensitivity

Pattern sensitivity is defined as that property of a code which will cause an increase in
error rate for peculiar bit patterns over and above the error rate for more benign bit
patterns. In practice, pattern sensitivity is usually the result of low transition density
coupled with highly asymmetrical bit streams, i.e., a long string of “1”s or “0”s. This type
of signal contains significant spectral energy near DC and will result in baseline gallop or
wander because the tape recorder system does not pass DC or low frequency energy.

The EMR Model 720 Bit Synchronizer (Reference 7) is described with the following
capability:

“Baseline Shift:  No degradation in performance if the serial PCM wavetrain is
shifted by a super-imposed triangular waveform with a peak-to-peak amplitude of
the PCM wavetrain and with a frequency tip to 0.1% of the data bit rate.

The ENRZ code limits the DC baseline shift such that it can never reach zero or 100% of
the pulse amplitude. Specifically, the baseline shift of ENRZ is bounded between 12.5%
and 87.5% of the peak-to-peak value. It is recommended that DC restoration be used
regardless of the type of code being utilized as the additional complexity is not great. The
measure of DC restoration for ENRZ is shown in Figures 4 and 5.

The final proof of the DC content or pattern sensitivity of the code is a stringent test, not a
pseudo random (PN) bit stream test. PN tests are actually very benign tests as they are rich
in transition density and devoid of worst case patterns for any appreciable length of time.

A true worst case test requires a special signal generator that provides a “sampled ramp”
test code sequence, which is a repeating 14-bit serial code. Quoting from a report of the
use of this test on an ENRZ system:

Each 14 bit code is repeated 1024 times before changing. All possible 14-bit code
sequences are eventually generated each persisting for 1024 times. Playback



synchronization to the reproduce test sequence is accomplished once at the
beginning of the measurement so that a bit slip occurring in any track will not be
self-clearing but will result in recurring errors.”

The test results of this user were summarized in his test report as follows:

As a result of the testing described in this note, it has been shown that the subject
ENRZ recorders can be tested with long PRN test sequences and the resulting error
measurements can, with much greater confidence, be extended to any 14-bit test
sequence.

As of this writing systems using ENRZ are the only recorders known to be free of pattern
sensitivity. This is due in part because the limitations of ENRZ are known and can be
accommodated by sound engineering.

Confidence Monitoring

The confidence monitoring property of ENRZ is a major advantage to users requiring real-
time assurance that data is being recorderd with low error rates. This property is not easily
matched by other codes.

The ability to detect parity errors is a simple and inherent property of ENRZ. As soon as
an error burst begins, odd parity will no longer be satisfied. A parity error bus for each
track can be monitored during the record mode as a measure of error activity. In general,
one parity error can mean an error burst of 1 to 7 bits in length has been encountered. A
bounded relationship, therefore, exists between the parity or word error rate and the bit
error rate. As an assurance or confidence monitor during recording, the rate of occurrence
of parity or word errors has proven to be a highly reliable indicator of recorded data
quality.

Other codes may possess real-time error checking or confidence monitoring but
implementation is usually more costly. Examples are block codes as described by
Davidson (Reference 8), who states:

In the case of the (5,6) alternating disparity code, an even parity check can be made.
Such parity error checks can provide an indirect means of on-line monitoring of
BER.”

Davidson concludes with the following comments on block code complexity:

Some drawbacks of these low disparity codes compared to bi-phase and delay
modulation are as follows:



1) Slightly more complex digital methods of generation are required.

2) Moderately more complex (but, nevertheless, practicable) digital methods of
decoding are required. Not only must bit-boundaries be determined, but
character boundaries as well.

Error Detection and Correction (EDAC)

EDAC is possibly the greatest advance that has been made in digital recording over the
past five years. With EDAC high density digital recording at low bit error rates (less than 1
error in 107 bits) is no longer dependent upon certified tape. With EDAC, the probability
of success of critical recording systems has been raised to 0.9998. With EDAC, bit error
rates of less than 1 error in 1010 bits can be relied upon. EDAC takes advantage of the
parity protection afforded by ENRZ.

General Description

The longitudinal parity bits in each track of parallel ENRZ data are augmented with lateral
parity bits to form a parity matrix to identify any recorded or reproduced error; the lateral
parity information being recorded on a separate tape track. The adjacent parallel data
tracks are then separated longitudinally along the tape by use of delay networks. This
lateral parity checking of the data is performed two or more times before the data is
recorded. In the reproduce mode, the reproduced data is checked for parity and the parity
error information is stored in memory for eventual identification and correction of bit
errors. Following each reproduce parity check, the data is restored one delayed time frame
until each track has the same lateral time relationship as the original input data. An
example of the effectiveness of EDAC is shown in Figure 6. A complete description of
EDAC is given by Herff. (Reference 9)

Conclusions

The code properties of ENRZ have been presented and in part compared with competing
coding schemes. The list of superior properties of ENRZ is important to any organization
studying High Density Digital Recording Systems. This list includes:

1)  Simplicity/cost advantage
2)  Bit Rate to Bandwidth Ratio
3)  Insensitivity to Bandwidth Changes
4)  Insensitivity to Crossplay
5)  Bit Error Rate vs Signal-to-Noise Ratio
6)  Zero Error Multiplication
7)  Recovery Potential from Bit Slip



8)  Real Time Confidence Monitoring
9)  Error Detection and Correction via Orthogonal Parity

Competing code schemes may match ENRZ in one or more properties but no one code
scheme can match ENRZ on a 1:1 basis using the list of properties described above.
ENRZ has become so widely accepted by U.S. Government agencies that it has become a
defacto standard, the background to this is given by Schulze in “An Emerging Standard
Coding Format for High Density Digital Recording System”. (Reference 10)
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SYSTEM 600 HI-D DIGITAL SYSTEM

11. VACUUM BUFFER TRANSPORT
12. 10-1/2 TO 15 INCH REEL
13. 2-INCH WIDE TAPE
14. 2.5 ms START/STOP
15. MULTIPLE-SPEED TO 150 IPS
16. 300 IPS SEARCH SPEED
17. 1000 IPS WIND/REWIND SPEED
18. 84 TRACKS (EXPANDABLE TO 150

TRACKS)
19. RECORDING DENSITY TO 60 KBPI
20. 600 MBPS DATA RATE
21. E-NRZ DIGITAL ELECTRONICS

Figure 1
300 MBPS to 600 MBPS ENRZ Record Reproduce System



Fig.  2A

Fig.  2B

Figures 2A and 2B show linear density of 10.7 kbpi of
Mid Bit transition code and ENRZ respectively.



Fig.  3A (DM)

Fig.  3B (ENRZ)

Figures 3A and 3B show linear density of 33 kbpi.
While there is consistent decrease in the “EYE” opening,
the ratio of ENRZ/DM opening increases to 3.6:2 = 1.8:1.



Fig.  4

1)  NRZ at 33 kbpi

2)  60/60 ips

3)  28 tracks x 1"

4)  24 successive 0’s

1)  NRZ at 33 kbpi

2)  60/60 ips

3)  28 tracks x 1"

4)  28 successive 1’s

Footnote: Both photos show results of DC restoration on 24 successive bits without
transitions.



Fig.  5

1)  NRZ at 33 kbpi

2)  60/60 ips

3)  28 tracks x 1"

4)  55 successive 1’s

Footnote: Photo shows results of DC restoration on 55 successive bits without
transition.



FIGURE 6
TYPICAL IMPROVEMENT IN BER OBTAINABLE WITH EDAC

Packing Density:   34.4 kilobits/inch/track.
Track Width:   25 Mil
Average BER before EDAC:   4.12 x 10-7

Average BER after 2 loops EDAC:   1.30 x 10-9

Tape Speed:   30 ips Record/Reproduce mode.



A TRANSITION DENSITY ANALYZER
FOR HIGH DENSITY DIGITAL CODES

R. D. Petit
Odetics Incorporated

1859 South Manchester Avenue
Anaheim, California

ABSTRACT

A portable test instrument useful in optimizing the performance of high density digital
recorders is described in this paper. The instrument, a transition density analyzer, provides
a graphic display of the distribution of transitions with respect to time for a variety of PCM
digital data formats.

The concept of a transition density analyzer as an improvement upon eye pattern
assessment techniques was presented at the 1976 International Telemetering Conference 
by Mr. J. P. Lerma of Odetics, Inc., Anaheim, California. Mr. Lerma’s paper emphasized
the mathematical modeling of probability density functions and the synthesis of these
models by a density analyzer.

Mr. Lerma’s concept has since been reduced to a working prototype which is currently
under evaluation at Odetics. Discussed in this paper are the operational characteristics of
the instrument as well as applications and the results of its usage on some high density
digital recorders.

INTRODUCTION

A need common to the wide variety of digital magnetic tape recording techniques is a
means of accessing margin. Although tape recorders tend to be judged by their bit error
rate performance, error rate in itself does not identify margin.

A number of traditional techniques such as the measurement of signal-to-noise ratio,
flutter, amplitude modulation levels, etc., are helpful in predicting margin. Ultimately,
however, the cumulative effect of all system disturbances is what gives rise to errors.
These effects combine to cause data transitions to fall beyond the boundaries of
unambiguous data decoding.



Figure 1 represents two graphical techniques for accessing the quality of data transitions.
Figure 1a is the familiar “eye” pattern while Figure 1b, a TDA pattern, is the subject of
this paper.

OPERATIONAL CHARACTERISTICS

The fundamental concept of the TDA is to measure the time between two successive
transitions in a data stream over a period of many transitions, store the individual results,
and display the cumulative results at the end of the measurement period.

For a perfect square wave, the resultant display would be one vertical line, the height of
which would equal the number of total transitions counted. The horizontal location of the
line would be related to the ratio of the data frequency to the TDA sampling frequency,
which is discussed further below.

Figure 2 illustrates how a nonperfect square wave would appear on the display. The effects
of jitter, for example, would cause the time between transitions to vary plus and minus
about the nominal period, yielding the TDA pattern shown in Figure 2. Figure 1b illustrates
the pattern associated with nonperfect delay modulation data.

The primary usefulness of the TDA is in providing an accurate, unambiguous display of
how many transitions occur where they are not supposed to. Definition of that area over
which transitions should not occur is left to the user but may be no smaller than the period
of one sampling clock. The TDA is intended to use a 24X sampling clock for up to 5 Mbps
data, however, the 120 MHz sampling clock may be applied to lower frequency data,
increasing the resolution.

Figure 3 is a simplified block diagram of the TDA and should be referred to in the
following discussion. Two identical high speed count and store circuits operate in parallel
to measure the time between transitions. One circuit services leading-to-trailing edge
periods while the other circuit services trailing-to-leading edge periods. The first edge to
be detected will reset its associated eight-bit counter to zero. The sampling clock will then
exercise the counter through its binary sequence of states until an opposite polarity edge is
detected. At this time, the counter is stopped and used to address a 256 X 16 bit RAM.
The address of the RAM corresponds to the time between the previous two transitions.
The contents of the RAM at that address equal the number of times previous
measurements have been the same. Thus, to update that location of RAM, a count of one is
added to the present count by the adder circuit.

This process continues until the CPU senses that the total number of transitions processed
is equal to the front panel selected amount. The CPU then sequentially reads the contents



of each location of both RAMs. It adds the two RAM values, obtains the base 10
logarithm, and stores the result in the CRT controller for interface to the display.

It is beyond the scope of this paper to discuss the detail performance characteristics, but
Figure 2 is helpful in highlighting some of the more important characteristics. They are:

1. A logarithmic display covering 4.5 decades.

2. A selectable display width of 51, 102, or 204 segments.

3. A selectable sample size of 104, 105, 106, or 107 transitions.

4. A movable curser which is associated with a digital sample count read-out which can
be any odd number of segments for 1 to 15 in width.

5. Three modes of operation: store, update, store and update.

CONCLUSIONS

Odetics has been using transition density analysis on its product line of high density digital
recorders for several years. Previous models of the TDA lacked the sophistication and
automation of the unit discussed in this paper but were invaluable nevertheless in
decreasing test time.

Concrete transition count numbers as opposed to subjective evaluation of the width of an
eye pattern have increased the margins in Odetics’ recorders.

EYE PATTERN
FIGURE 1A



TDA PATTERN
FIGURE 1B

PATTERN COMPARISON

TOTAL TRANSITIONS IN WINDOW
SAMPLE:3942 UPDATE:3927

DISPLAY CHARACTERISTICS
FIGURE 2



 



HIGH DENSITY 42 -TRACK MAGNETIC
TAPE SYSTEM

J. H. Montgomery
Martin Marietta Corporation

Denver, Colorado

ABSTRACT

Design and development of a 42-track high density magnetic tape system for the NASA
SEASAT program is described. Both record and playback at a nominal 120 megabits per
second from a single data stream was achieved on a 1-inch mylar tape with bit error rate
better than 1 x 10-6 without error correction. Solutions are presented to the requirements of
data encoding, high bit rates, recovery from tape dropouts, and efficient use of tracks. This
now operational system features a Channel Performance Status Panel, a Tape Bypass
Mode, and a MUX/DEMUX unit capable of operating at 150 megabits per second.
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PERFORMANCE EVALUATION OF COMMUNICATION
CHANNELS BY COMPUTER SIMULATION

H.B. Poza
TRW Defense and Space Systems Group

One Space Park
Redondo Beach, Ca. 90278

ABSTRACT

A computer simulation model capable of aiding in the design and predicting the
performance of complex end-to-end communication systems is described in this paper. The
model is used to choose the optimal modulation scheme under certain communication
channel constraints, define the signal distortion characteristics introduced by realizable
channel components and select the demodulator/bit synchronizer designs for minimization
of bit error rate. A parameter sensitivity analysis is conducted to demonstrate the
usefulness of the model in evaluating the effect of different signal distortion phenomena on
overall link performance.

1.   Introduction

Continuous advances in technology have resulted in increasing complex communication
satellites. Until recently, the necessary supporting computer programs were developed for
each satellite project after need for such software became essential. This resulted in
increased costs because the software capabilities were not available when needed, and the
consequent software was not sufficiently general to be used for future projects. Fast
response to customer demands also dictated the development of a generalized computer
program capable of characterizing the signal distortion introduced by the individual
channel elements and of evaluating the effects of such distortion on system performance.
The computer simulation described in this paper allows cost-effective analysis and fast
response, as well as providing an accurate means of defining optimal communication
payload designs. This latter capability has been already demonstrated in the transponder
design for the Tracking and Data Relay Satellite (TDRS)1.

Allowing the evaluation of system performance degradations, the model accounts for
distortion-causing effects such as modulator phase/amplitude unbalances, data asymmetry,
data skew, pulse fall/rise times, and nonlinear AM/PM and AM/AM characteristics. 



* The term “filter” is used here to represent a frequency response which can be attributed to any
device or propagation effect, and it need not represent an actual realizable filter.

Moreover, the simulation is capable of accepting laboratory measurement data for the
purpose of characterizing link component behavior.

Other salient features of the wideband link computer simulator are:

a) Allows performance evaluation of complex, flexible models.

b) Permits cost effective optimization of designs by virture of its accuracy, speed, and
low cost. This feature is particularly attractive when considering high data rate
systems where bandwidth and power conservation is demanded.

c) Is unconstrained by the number of devices and, in fact, can handle a large number
of nonlinear amplifiers and filters in any order.

d) Is particularly well-suited for evaluating the effects of each link component on the
overall transponder performance; an important characteristic for isolating major
degradation contributors.

e) Has the capability to evaluate the transient response of the link at any point desired.

f) Has been shown to predict actual hardware performance to within a few tenths of a
dB2.

This paper illustrates the simulation procedure as applied to the three vital stages in the
design of a communication channel:

1) Selection of optimal modulation scheme.

2) Characterization of signal distortion introduced by channel components.

3) Definition of receiver/demodulator design for minimization of bit error rate.

2.   Computer Program Description

The digital link simulation program, LINK, is capable of evaluating the performance of
complex digital channels containing an arbitrary large number of filters and nonlinearities
in any order. The LINK simulator permits user specification of such parameters as
modulator gain/phase imbalances, filter* variables, amplifier parameters, and input
sequence parameters. Filter modeling can be accomplished by choosing either ideal filters



** With the delay, intersymbol interference patterns generated at the end of the block loop back to
the beginning so that all data bit patterns in the delayed channel still have equal weight.

(Chebyshev, Butterworth, Gaussian, or any pole pattern) or by specifying phase and
magnitude at any set of frequencies. Amplifier nonlinearity modeling provides the
capability of simulating linear amplifiers, hard and soft limiters, and TWTA-type
amplifiers. For the latter, the program offers the capability of using actual (measured)
swept amplitude and phase data following the procedures described in Reference 2.

The input sequence or data source can be chosen from several PN (i.e., maximal length
shift register) sequences of length 15, 31, or 63 bits. An infinite length digital sequence is
effectively obtained by assuming that the input sequence is periodic. These sequences
optimally account for intersymbol interference within their prescribed length constraint,
and larger sequence lengths more accurately predict intersymbol interference effects as
filter bandwidths become narrow compared to the baud rate. The selected PN sequences
are sampled at equidistant points, with the total number of samples being specified by the
user. A nominal choice of a 31 bit PN sequence with a sample rate of 512 samples per
31 bits, for example, allows the consideration of spectral components past the eighth null.

The user also has the choice of selecting MSK or biphase/quadriphase CPSK, with the
ability to specify the phase and amplitude imbalance of each biphase modulator. For the
quadriphase case, the program offers the capability of delaying one channel with respect to
the other in order to simulate data skew or differential time delay observed in actual
systems.** In either case, the simulation outputs will be either in terms of bit error rate as a
function of signal-to-noise ratio or as plots of signal waveforms at any point in the system.
Bit error rate is determined for each bit in the sequence and subsequently averaged over all
bits in each channel, while bit synchronization and phase rotation are accomplished by
correlating the actual incoming signal with a distortionless signal.

In addition to the above features, the simulator incorporates a digital adaptive
equalization algorithm, with the user selecting parameters such as the desired type of
equalizer (linear or nonlinear) and the number of taps. A summary of simulation
parameters is presented in Table 1. A more detailed description of these parameters is
included in Reference 2.

3.   Channel Design and Performance Evaluation

The simulation program described in Section 2.0 was utilized in the design of the high
data rate (300 Mbps) TDRSS channel. Performance optimization of this channel was
accomplished by selecting a realizable modulation scheme to minimize the adverse effects
of bandlimiting and nonlinear amplification, evaluating the level of signal distortion
introduced by the spacecraft communication payload components, and defining the



demodulator/bit synchronizer design to reduce the effect of this distortion on bit error rate.
The results of the design optimization procedure using LINK are now described for each
of the above three stages.

3.1   Modulation Selection

Staggered QPSK, with 0.5 bit shew between the I and Q channels, was chosen as the
preferred modulation scheme for the 300 Mbps TDRSS channel. Data collected using the
LINK program established conclusively its superiority over aligned (unstaggered) QPSK.
This section presents data to support this claim and some of the reasons for the superiority
of staggered QPSK.

Using the LINK simulation a PRN data sequence was filtered, limited (with a saturating
amplifier) and then filtered again. At each point in the system, time waveforms (as both
I/Q channels and Magnitude/Phase) and signal spectra were plotted for staggered and
unstaggered quadriphase. These plots are shown in Figure 1.

Several interesting differences between staggered and unstaggered QPSK are shown in
this figure. Comparison of the magnitude waveforms at the input to the TWTA (Figures
1-A and 1-B) shows much more AM for the aligned case than for the staggered case. In
fact, the magnitude for the aligned data drops to zero each time a transition occurs
simultaneously in both the I and Q channels. When a signal passes through a TWTA-type
device it is distorted by AM-to PM conversion. Thus more PM will be generated by the
unstaggered signal, resulting in poorer performance.

Another interesting feature of Figure 1 is the spectral regeneration caused by the
TWTA. Comparison of the spectra after filtering (Figures 1-D and 1-E) with those after
limiting (Figures 1-F and I-G) show that for unstaggered QPSK the sidelobes are
regenerated (compared to Figure 1-C). This is undesirable when one is trying to keep out
of band and adjacent channel interference to a minimum. When applied to the channel
illustrated in Section 3.2, the BER performance of aligned QPSK is shown to be 1.5 dB
worse than staggered QPSK at a bit error rate of 10-5.

3.2   Payload Distortion Characterization

The LINK computer program was exercised to characterize the signal distortion
environment for the 300 Mbps TDRSS channel shown in Figure 2, and to evaluate the
sensitivity of this channel to transponder parameter variations.

Amplitude and phase response characteristics, as well as group delay, for the 300 Mbps
channel (prior to the spacecraft TWTA) are presented in Figure 3. I/Q channel waveforms



* This performance degradation was established utilizing a Butterworth detection filter (see
Section 3.3).

are included in Figure 4 for the purpose of illustrating the effects of hardware-generated
distortion on the transmitted user data at different points in the link. The waveform at the
input to the TWTA (point B) shows the effects of gain and phase distortion, as well as
bandlimiting, introduced by the channel elements following the modulator. Comparison of
the waveforms at points B and C highlights the distortion introduced by a nonlinearity
(TWTA) with nominal AM-to-PM compression of 0.7 dB/dB and nominal AM-to-PM
conversion of 4.7 deg/dB. The bandlimiting feature of the receive filter provides a
reduction in the high frequency distortion components resulting from the AM-to-PM
conversion process (see waveform at point D). The data distortion characteristics observed
in Figure 4 correspond to a total performance degradation of 6.2 dB (at 10-5 BER), as
shown in Figure 5*. Figure 6 provides a clear visualization of the level of crosstalk
generated by an active I-channel on a static Q-channel at the output of the saturated
spacecraft TWTA.

Additional data was collected using the computer model to establish the link’s
sensitivity to certain transponder parameter variations (see Figure 7). The ability to execute
a computational parameter sensitivity analysis allows evaluation of the effect of each link
component on the overall link performance and isolation of the major degradation
contributors. Determining the effect on system performance of small increases in expected
distortion parameters also provides an assessment of the risk associated with any
established transponder operating condition.

3.3   Optimal Demod/Bit Sync Design

The performance degradation of 6.2 dB at a BER of 10-5 for the channel shown in
Figure 2 was deemed excessive and certainly larger than could be tolerated by system
operational requirements. This dictated a study oriented towards selecting the optimal type
of detection filtering and adaptive equalization required to minimize the effect of payload
hardware-generated signal distortion on channel bit error rate.

The generic adaptive equalizer for a quadriphase system is shown in Figure 8. The
adaptation algorithm is the method of steepest descent widely descrived in the literature.
The tap weight increments are obtained by correlating the particular tap input with the
equalized error defined as the difference between the decision circuit input and output.

The Ws and Zs shown in Figure 8 represent filters which are nominally transversal
filters with settable tap weights. For a linear adaptive equalizer4, the Zs are omitted, and
for a nonlinear (i.e., decision-feedback) adaptive equalizer5 the Zs are present. The
“limiters” in the figure represent decision circuits. Although not shown in the block



diagram, the decision circuit is imbedded in the bit synchronizer which informs the
decision circuit when to make a decision.

The LINK computer program was exercised incorporating the channel of Figure 2 and
the adaptive equalization algorithm illustrated in Figure 8. The required Eb/No to achieve a
BER = 10-5 is given in Table 2 for integrate and dump and Butterworth detection filters,
both with and without phase noise. In addition, 1, 3, 5, and 7 tap equalizers are
considered. Note that for 1-tap equalizers either there is no improvement or increased
degradation in performance occurs. Such degradation can result when equalization
increases the noise more than it decreases intersymbol interference.

Three important conclusions can be drawn from the results shown in Table 2. First,
adaptive equalization can indirectly mitigate the effects of phase noise. Equalization, of
course, cannot reduce phase noise; however, by reducing intersymbol and more
importantly interchannel interference, the effects of phase noise are greatly reduced.
Without equalization phase noise causes an increase in degradation of more than 1.5 dB.
With at least 3-tap equalizer, the increase in degradation is between 0.5 and 1.0 dB.
Moreover, the effects of adaptive equalization on AM/PM-induced distortion parallels the
effect described above for phase noise. Equalization is capable of minimizing the effect of
AM/PM on other distortion parameters, and therefore, it will minimize its degrading effect
on channel BER performance (see Figure 9).

Secondly, Table 2 highlights the performance differences to be expected when a 2-pole
Butterworth detection filter is used in place of an integrate and dump filter. In the case of
no phase noise, there is almost negligible difference between an integrate and dump and a
Butterworth detection filter. With phase noise, there is 0.5 dB difference between the
integrate and dump and the Butterworth filters in the unequalized case. However,
equalization reduces this difference significantly indicating that equalization mitigates the
effects of an improperly-matched detection filter. Although the 2-pole Butterworth
detection filter does not offer a significant improvement over an integrate and dump
detection filter, it is noteworthy that their performances in most cases are approximately
equal. This is important since in high data rate systems, it is difficult and expensive to
fabricate and align an integrate and dump filter. On the other hand, it is relatively simple
and inexpensive to fabricate a 2-pole Butterworth filter, and in fact, optimal performance
could be attained by fabricating several of these filters, each of different bandwidth, and
choosing one that performs best.

The above conclusions on the merits of a 2-pole Butterworth detection filter for
bandlimited channel operation are corroborated by the performance comparison illustrated
in Figure 10. The data of Figure 10 was obtained using the LINK simulator for the TDRSS
high data rate channel and varying the transmitted data rate, while maintaining the



detection bandwidth of the filters constant. Although the performance difference at the
data rate of optimization is minimal, note the extreme sensitivity of the integrate and dump
filter to deviations form the optimized data rate, as compared to the 2-pole Butterworth.
This feature of the 2-pole Butterworth filter is of particular importance for operating
conditions such as those encountered in the TDRSS wideband channel, where the
demodulation and detection equipment must handle up to 3:1 data rate range (100 to 300
Mbps).

Finally, the results of Table 2 clearly indicate that for a desired bit error rate of 10-5, an
improvement in system performance of $3.3 dB is attainable with linear equalization
(number of taps $5), while a $3.8 dB savings can be realized with decision feedback
equalization.

4.   Conclusion

This paper has demonstrated the versatility and efficiency of the LINK computer
simulator in establishing a high data rate communications channel which minimizes bit
error rate degradation, while preserving cost-effective hardware design. LINK allowed
selection of an effective modulation scheme, characterization of the link’s distortion
mechanism and definition of an adaptive equalization algorithm to enhance overall
performance.

The simulation model also facilitated the selection of proper component specifications
in order to achieve the desired performance objectives. This exercise was accomplished by
means of a parameter sensitivity analysis.
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Table 1. Simulation Parameters

• Input (PRN) Sequence, Modulator, Modulation variables
- Length of PRN sequence
- Skew between I and Q channels
- Data asymmetry, pulse fall/rise times
- Modulator gain/phase imbalances
- Biphase/quadriphase/octaphase
- NRZ/MSK/Manchester

• Filter Parameters (RF and baseband)
- Ideal filters

Chebyshev, Butterworth, Arbitrary pole pattern
or

- Arbitrary magnitude/phase at a set of frequencies
(linearly interpolated)

• Amplifier Parameters
- AM/AM

TWT type power transfer (analytic or measured data)
Hard/soft limiter
Linear

- AM/PM
Truncated series expansion
Berman-Mahle model

• Demodulator Parameters
- Phase offset and nonorthogonality
- Phase noise
- Synchronization jitter
- Arbitrarily specifiable detection filters

• Adaptive Equalization
- Number of taps
- Alignment of cross-channel
- Number of iterations

- Linear or decision-feedback



Figure 1.  Comparison of Staggered and Unstaggered QPSK



Figure 1 .  Comparison of Staggered and Unstaggered QPSK (Continued)



Figure 2.  TDRSS Wideband Data Channel:  Block Diagram

Figure 3.  Wideband Channel Frequency Response (Prior to Spacecraft TWTA)



Figure 4.  Channel Waveforms

Figure 5.  Bit Error Rate Versus Eb/No : TDRSS Wideband Channel



Figure 6.  Generated Crosstalk at Output of Spacecraft TWTA - Static Q-Channel

Figure 7.  Transponder Parameter Sensitivity Analysis



Figure 8.  Generic Adaptive Equalizer

Table 2. Performance of 300 Mbps TDRSS Channel With
Adaptive Equalization



Figure 9. Effect of Adaptive Equalization on
AM/PM-Induced Performance Degradation

Figure 10. Performance Comparison: 2-Pole
Butterworth Versus Integrate and
Dump Detection
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ABSTRACT

The computer simulation activities which have been carried out at The Aerospace
Corporation for satellite link performance studies and system analysis are reported. A brief
description of the modelings of a filter, nonlinear device, modulator, detector and receiver
is also given. Some results from the simulation studies, such as the basic link performance
in the presence of filters and nonlinear device (hard limiter or TWT), the comparisons of
various modulation techniques (OK-QPSK, MSK and PFQPSK), the study of cross talk in
a FDMA system, the interference or jamming at the presence of a nearby source, and
finally, the intermodulation problem of a multiple channel MFSK system using the
frequency hopping, are addressed.

INTRODUCTION

The continuous advances in technology have resulted in complex communication satellites
and related devices. As the theoretical analysis of a satellite communication link becomes
more difficult and the complexity of the system increases, computer simulation becomes an
increasingly important and useful approach for system design and performance evaluation.
The Aerospace Corporation has been working jointly with companies such as Hughes
Aircraft, TRW, General Electric, Rockwell International and the Computer Science
Corporation, to develop a satellite link simulation capability. This report briefly discusses
the basic modeling of the signal generator, filter, nonlinear device (such as the hard limiter
or traveling wave tube (TWT)), and the receivers and error detectors used in the
simulation. These devices are modeled in the time domain. For a given communication
system, devices such as the filter and limiter are modeled and connected in cascade. In the
majority of the system studies, baseband simulation has been used. To simulate the data
stream, pseudorandom (PN) sequences of variable lengths are generated. The signal is
detected at the receiver and the bit error rate (BER) is measured through error counting or
estimation. In this paper, the latter has been used on the assumption that only downlink



zero mean Gaussian noise of power density No is present. The bit energy to noise ratio
(Eb/No) is calculated at the detector and the BER is estimated.

Various activities in satellite link simulations, which have been carried out or are under
study, are also addressed. The basic link with filters and a nonlinear device is described
and its BER performance is discussed. Simulation has also been used to investigate and
compare several modulation techniques such as off-set quadrature phase shift keying
(OK-QPSK), minimum shift keying (MSK) and prefiltered quadrature phase shift keying
(PFQPSK). Degradation is a concern in the design of a frequency division multiple access
(FDMA) system with filters and the nonlinear device due to cross talk between channels.
Also two parallel OK-QPSK channels have been simulated in the system study. The link
performance in the presence of interference is also addressed. Finally, the simulation of an
8-ary frequency shift keying (FSK) system using frequency hopping with multiple
simultaneous users is described. Other efforts, such as the link simulation using coding, are
also under consideration.

BASIC MODELING

The basic modelings of devices such as the signal generator, filter, nonlinear devices,
receiver and detector are briefly discussed as follows:

Signal Generation

PN Sequence. To simulate the digital data stream, a PN sequence is used to provide the
binary sequence of ONEs and ZEROs (or minus ONEs). To generate such a sequence, one
of the simplest and most effective ways is to use a shift register. With a shift register of
degree n, the output sequence from each generator is always ultimately periodic with a
period P # 2n. Tables for generating sequences with specified periods using a shift register
of given degree n and logic function can be found(1).

Baseband Signal. The baseband signal for each modulation technique is based on the PN
sequence weighted by a specific waveform. For the OK-QPSK modulation(2, 3), two PN
sequences of rectangular pulse shapes, one for the in-phase channel (I channel) and the
other for the quadrature channel (Q channel), are used as the baseband data streams with a
half symbol time shift between them. For MSK modulations(3, 4), each symbol of these
sequences is weighted by a sinusoidal shaping waveform which has a period twice the
symbol time 2T. For other modulation such as the PFQPSK(5), an overlapping signal of
SINC function, sin (Bt/T)/(Bt/T), is used for the symbol waveform for each channel. The
sign of such an overlapping signal, +1 or -1, coincides with the pulse sign of the PN
sequence. The baseband waveforms of the I and Q channels for these modulation
techniques generated from the use of PN sequences of length 63 are shown in Figure 1.



Here, each symbol of the SINC function for the PFQPSK modulation technique is
truncated to zero for t $ 5T.

Filter

Two types of filter algorithms can be used for communication link simulation. The first
type was adopted from the NASA SYSTID(6) software package and is the basic recrusive
digital filter(7) where the well known filter types such as Butterworth, Chebyshev, Bessel,
Butterworth Thompson, etc. can be used with variable parameters such as the number of
poles and power of ripple. The second type is the algorithm which was developed for
simulating practical filter response with measured data points using curve fitting.

Nonlinearity

The limiter and TWT are the essential nonlinearities which are considered in system
simulation. These nonlinearities are modeled as mernoryless nonlinear devices.

Limiter. The limiter generates a nonlinear input-output power effect (AM-AM conversion)
and is modeled in one of three types: soft, quasi-linear and hard limiters. A soft limiter has
a gradual transition from the linear region to the saturation region and is described by an
error function(8). A quasi-linear limiter has a linear region with a sharp break at the
saturation point and is expressed analytically by the integral of the sine functions(8). For
given baseband signal, A(t) for the I channel and B(t) for the Q channel, a hard limiter is
modeled such that the output is given by the expression                                                   
where                        

TWT. This device exhibits, in general, two nonlinear distortion effects - a nonlinear input-
output power effect (AM-AM conversion) and a nonlinear input power-output phase effect
(AM-PM conversion). To simulate the TWT nonlinearity, a quadrature model(9,10) shown in
Figure 2 is used. For the input envelope x(t), the two envelope nonlinearities zp[x(t)] and
zq[x(t)] in the in-phase and quadrature paths are modeled by the first kind zero order and
first order modified Bessel functions, where the coefficients B1, B2, C1 and C2 are
determined from measured TWT characteristics.

Receiver and Detector

Data Synchronization. As the data stream passes through the filters and the nonlinearities,
a time delay will take place at the output of these devices. Thus, data synchronization is
needed before signal detection can be carried out. The approach for data bit
synchronization used in the simulation is to search for the maximum correlation between
the input data pulse train originating at the transmitter and the data pulse train arriving at



the input of this receiver. (The minimum BER can be found close to the maximum
correlation point).

I&D Matched Filter and Bit Error Rate. To detect the signal, an integrate and dump (I&D)
matched filter is used which maximizes the output signal-to-noise ratio. This device is
modeled analytically by integrating the product of the transmitted data pulse and the data
pulse arriving at the detector, which is reset to zero at the end of each symbol time. The
measure of signal detection can be based on two approaches. One is to use an error
counter where the output of the matched filter is compared with an optimum threshold
level (for balanced binary symbols for example, the level is set at zero). A “1” will be
chosen if the output is greater than the threshold level, otherwise a “0” will be chosen. An
error is registered whenever a wrong decision is made. The BER is then simply the number
of errors divided by the total number of transmitted bits. For a bit error rate of 10-4,
approximately 105 bits would be needed in the simulation. To save computer time, the
second approach, error estimation, is used where the signal bit energy is calculated at the
output of the I&D matched filter. With the given Gaussian noise power density No

assumed to be present at the input of the receiver, the bit energy-to-noise density ratio
Eb/No is estimated and the analytical expression of the BER for the various modulation
techniques is used. The average BER for a typical link is obtained by taking the average
BER over the total number of bits from the PN sequences.

SIMULATION AND APPLICATIONS

Various activities in satellite link simulations, which have been carried out, or are under
study for system evaluation, are discussed as follows.

Basic Link Simulation

A basic satellite link considered in the simulation for system study is depicted in Figure 3,
where the effect of the filtering and nonlinearity has been investigated. By using the
OK-QPSK modulation technique, two PN sequences (each with a length of 63) are used to
simulate the baseband signals. The filters considered in the link are 9-pole Butterworth low
pass filters, where a nonlinear device such as the hard limiter or TWT is also present. The
bit error rates are estimated and plotted at various bit energy-to-noise density ratios (Eb/No)
in Figure 4 at BT = 1 when the hard limiter or TWT is used. The TWT used in the
simulation is a typical tube manufactured by Hughes Aircraft where AM-AM and AM-PM
conversion curves were provided and used in the modeling. The typical phase shift in the
saturation region for this tube is about 4.4E/dB. The bandlimiting of the digital waveform
from the use of a filter results in rounding and widening each individual pulse. When the
bandwidth time product BT is small, the adjacent symbols may be smeared into each other
and cause intersymbol interference. However, at BT = 1, the major effect of filtering is the



loss of the bit energy due to the cut-off of the high frequency components of the pulse
spectrum. Using the hard limiter, the restoration of a flat envelope causes the recovery of
signal energy. On the other hand, the restoration provided by the TWT is not as strong as
the hard limiter. In addition, the phase fluctuations introduced by the TWT produce high
frequency components, which will be removed by the second filter following the nonlinear
device. From Figure 4, it can be seen that the degradation using the TWT is about 3 dB
more than using the hard limiter.

Comparisons of Modulation Techniques: OK-QPSK, MSK and PFQPSK

One of the most interesting and important problems in communication systems is
minimizing and controlling the spectrum occupied by the modulation signal. The reports on
the study(5) of PFQPSK modulation signaling through the use of cross correlation functions
and the study(11) using overlapping baseband pulses for improving the spectral efficiency
lead to the investigation and comparison of modulation techniques such as OK-QPSK,
MSK and PFQPSK through simulation based on the basic satellite link described in
Figure 3. At the receiver, the I&D matched filter is used for signal detection when
OK-QPSK or MSK modulation is considered. For PFQPSK, the impulse response of the
I&D filter is not perfectly matched to the baseband signaling of the form of
sin(0["Bt/T)/("Bt/T ) at " = 1. Instead, the impulse response of the filter has the same
form except with "(" # 1) adjusted at the minimum BER. With the BER fixed at 10-4, the
degradations of Eb/No for a link with filters and the hard limiter for various modulation
techniques are plotted n Figure 5 as a function of bandwidth time product BT. The
degradations are also plotted when the hard limiter is replaced by the Hughes TWT. It can
be seen that the modulation technique PFQPSK, which has an almost rectangular power
spectrum, shows promising performance at BT > 1. However, the performance of the
modulation OK-QPSK is most favorable in the region of .75 < BT # 1.

Degradation Due to Intermodulation and Cross talk in a Multiple Carrier TWT
System

An alternate way to determine the effectiveness of a multiple access system when a TWT
is present is by evaluating the performance degradation caused by intermodulation and
cross talk from the ideal link performance. Simulation has been used to carry out this type
of study for a number of satellite communication systems. A typical case shown in
Figure 6 is a dual channel link using OK-QPSK modulation. The channel spacing is set at
about three times that of the given symbol rate. The modulated signal is amplified by the
Hughes TWT and then passed through a 3-pole Chebyshex bandpass filter before being
transmitted. At the receiver, the signal disturbed by zero rnean Gaussian noise is filtered
by the same type of bandpass filter and then demodulated and detected after the I&D
matched filter. The bit error rate as a function of Eb/No for either channel is shown in



Figure 7. At the BER of 10-4, a degradation of about 2.7 dB in Eb/No is expected for such a
system. Link parameters such as data rate, bandwidth, channel spacing, type and/or
operating point of TWT have also been considered.

Interference and Jamming

Interference (or jamming) from an unpredicted source may pass through a communication
link and thus degrade the system. The link used in a system parametric study in such an
environment is shown in Figure 8. Here, the lowpass 3-pole Chebyshev filter and 4-pole
Butterworth filter are used. The same Hughes TWT is used in the link. The interference is
assumed to have the same type of modulation as the signal. With zero mean Gaussian
noise also present at the receiver, the link performance has been investigated. Figure 9
shows the bit error rate as a function Eb/No at various signal-to-interference ratios (S/I).
Simulation with the interference greater than the signal (jamming) is also under
investigation.

Multiple MFSK with Frequency Hopping

The performance of the multiple M-ary FSK system using frequency hopping is of interest
and has been under investigation. As the theoretical analysis becomes more difficult, in
particular, with the presence of a nonlinear device such as the hard limiter, simulation
becomes a reasonable approach for system evaluation. Figure 10 shows the system under
study where L simultaneous users are assumed and M-ary FSK modulation is used in each
channel. For each one of the M symbols, the tone in each channel is hopped within the M
FSK levels according to one word of a given code word set. A typical power spectrum is
shown in Figure 11. Link performance based on the BER for each channel can also be
evaluated through simulation, and is presently under investigation.

SUMMARY AND CONCLUSION

A brief description of the modelings of devices, such as the signal generator, filter, limiter,
TWT, receiver and detector, and of various activities in satellite link evaluation using
simulation has been given. It is clear that parametric studies of certain communication
systems, which are often difficult to do analytically, can be reasonably carried out through
the use of computer simulation. Device modelings using measured data points, such as for
the filter and TWT, help to provide realistic system performance evaluations.

The basic satellite communication system with a hard limiter or TWT (shown in Figure 3)
was used for link performance investigations. With channel bandwidth set equal to the data
rate 1/T, the link degradation in Eb/No using the typical TWT is 3 dB more than the link
using the hard limiter as shown in Figure 4. The higher degradation for the link using the



TWT is due to its higher bit energy loss in the link than the latter. After the signal passes
through the first low pass filter, the recovery out-of-band energy is greater using the hard
limiter than the TWT according to their AM-AM conversion characteristics. Furthermore,
the phase shift from the AM-PM conversion characteristic of TWT generates more higher
frequency components which are filtered by a second filter causing an additional energy
loss in the link relative to the use of a hard limiter.

The comparison of the modulation techniques OK-QPSK, MSK and PFQPSK is also
interesting and worthy to discuss. The advantage of the nearly rectangular spectrum in
PFQPSK is shown by its link performance with a hard limiter in Figure 5. Thus PFQPSK
seems to be a promising technique for high data rate implementation. However, the phase
shift and poor energy recovery at small signal levels due to the presence of the TWT,
increase system degradation for the region of BT < 1. On the other hand, in addition to the
simplicity of hardware implementation, the link degradation using OK-QPSK within the
range of .75 # BT < 1. is the smallest among the three using either a hard limiter or TWT.

The study of cross talk between adjacent channels for a link with filters and a nonlinear
device is important in making trades between frequency utilization efficiency and hardware
cost. Prediction of interference or jamming from unwanted signal sources is essential for
system design and operation. Link performance of a multiple access system using
frequency hopping and coding is of concern for practical system evaluation. System
parametric studies for these links, shown in Figure 6, 8 and 10, become possible through
computer simulation.
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Figure 1.  Baseband Waveforms for Various Modulated Data Sequences



Figure 2.  Quadrature Model of TWTA

Figure 3.  Two Hop Link Simulation Block Diagram



Figure 4.  Link BER Using Hard Limiter or TWT
(System from Figure 3)

Figure 5.  Energy Per Bit to Noise Density Ratio (Eb/No)
Degradation at Various BT for OK-QPSK and PFQPSK



Figure 6.  Communications Link Simulation Model for Double OK-QPSK Signaling

Figure 7.  Link BER vs Eb/No in dB for A Multiple Access Communication System



Figure 8.  Link With interference (Jamming)

Figure 9. Link BER At The Presence of Interference
(System from Figure 8)



Figure 10.  Baseband Simulation of a Multiple MFSK System with Frequency
Hopping for Simultaneous Users

Figure 11.  Power Spectrum of the Signal at the Output of the Hard Limiter for a
Typical System (System from Figure 10)
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ABSTRACT

Computer simulation of satellite digital links has become a useful tool for the accurate
estimation of system bit error rate (BER) performance. This paper describes a simulation
facility developed for such a purpose, and in particular discusses two aspects of modeling
that bear on the accuracy of the system representation, namely the inclusion of uplink noise
and the treatment of carrier phase tracking.

INTRODUCTION

Recent trends in digital communication by satellite have generally been toward ever-
increasing data rates. Because of bandwidth constraints of various sorts, this trend has
necessitated more efficient usage of the bandwidth that is available, where efficiency is
measured in terms of “packing density”, or “bits/Hz”. Implicit in determining the ultimate
data rate limitation of a given system and modulation scheme is a sufficient degree of
accuracy to ensure reasonably high confidence in the calculations. For the typical satellite
link, involving nonlinearities, these calculations typically require the aid of a computer.
Consequently, simulation has become an increasingly common tool for the prediction of
system performance (1) - (7). Of possible interest, in this context, is a purely analytical
approach, as described in (8), which has yet to be applied to bandpass systems. In this
paper, however, we shall discuss “simulation” only in the sense that it is generally
understood, namely as a software counterpart of a real system, with as much verisimilitude
as is possible, or affordable, in any given case.

It is evident from a sampling of the literature that simulation of digital satellite
communication systems is fairly well developed discipline. Nevertheless, various
simulations differ from one another in scope, features, and emphasis, depending perhaps
on the major intended applications. In this paper we will outline the current status of a
simulation originally described in (2), and discuss some specific modeling considerations
in perhaps somewhat more detail than they have previously received.



DESCRIPTION OF THE SIMULATION

A simplified block diagram of the simulation is shown in Figure 1. It corresponds to our
normal case of interest, and while any given block can be bypassed, the general
architecture is fixed as shown. However, as more capabilities are being added, and with a
view to more general application (e.g., a 4-hop satellite link, or on-board signal
processing), the desirability of a modular program structure is becoming apparent. Work is
currently in progress on the development of such a modular program.

The specific capabilities and features of the simulation are capsuled below:

• Modulation Alternatives
- Binary phase-shift keying (BPSK)
- Quaternary phase-shift keying (QPSK)
- Minimum Shift Keying (MSK)
- Quadrature Amplitude Modulation (pulse spectrum selectable from the family of

Nyquist pulses)
- Binary Coherent-Phase Frequency Shift Keying (CPFSK), with arbitrary deviation

ratio

• Source
- Bit streams can be pseudo-randomly generated (“coin-flipping” by sampling a

uniform distribution)
- Bit streams can be any number of repetitions of a user-specified sequence (e.g., a

maximum-length sequence)
- Data bits are modeled as trapezoids with independently specifiable rise and fall

times (BPSK, QPSK, MSK)
- The two data streams, in quadrature implementations, can have arbitrary relative

timing (skew)
- The sinusoidal subcarriers in MSK can have arbitrary timing relative to the data

streams

• Modulator
- Quadrature carriers may have different amplitudes (component amplitude

unbalance)
- Quadrature carriers may be non-orthogonal (component phase unbalance)

• Filtering
- May be specified by arbitrary set of amplitude and phase points (e.g., from

measurements) in look-up tables; points may be scaled in frequency and magnitude



- May be specified through a small set of parameters controlling “analytical” filters,
e.g. , parabolic phase

- May be specified as the cascade of any combination of classical filters (Butterworth,
Chebyshev, Bessel)

• Power Amplifier
- Gain characteristic

TWT saturation (measured or hypothetical) curve
hard limiter
linear amplifier

- AM/PM conversion
can use arbitrary phase vs. amplitude characteristic
can use constant coefficient (o/dB)

• Thermal Noise
- Independently generated at satellite input and ground station input (for Monte Carlo)
- Generated as Gaussian, but no other assumptions made

• Interference
- CW interference can be input on both uplink and downlink
- Adjacent-channel interference at the satellite input

• Receiver (BPSK, QPSK, MSK, QAM)
- Independent static phase error can be used on the two channels of a quadrature

system; multiple sets of static phase errors can be used to determine optimum
orientation of receiver axes

- Quadrupling-type block phase estimator used for QPSK and QAM
- Doubling-type block phase estimator used for MSK
- Untracked phase noise simulated by correlated Gaussian process
- Bit sync/clock jitter simulated by correlated Gaussian process
- BER obtained simultaneously as a function of sampling epoch (up to 30) on both

channels
- Sampling threshold error (dc offset) can be specified independently for two channels

in quadrature system
- Data filters

Integrate and Dump (I&D)
Cascade of specified combination of Butterworth, Cbebysbev, and Bessel filters
Specified transfer function in Nyquist family

- Equalization
Preset tapped delay line (TDL) equalizer (transfer function compensation)
Adaptive TDL equalizer (zero-forcing)



- BER estimation
Classical (error-counting); binomial distribution
Generalized extreme-value statistics; Gumbel-Weinstein distribution
Analytical method - assumption of given noise (Gaussian) statistics at receiver
output

• Receiver (CPFSK)
- Correlation receiver
- Specifiable memory (up to 6 symbols)
- Phase estimation produced by joint carrier tracking and symbol timing decision

feedback loop, or
- Sets of reference phase and sampling epach can be input independently.

Virtually all of the items in the preceding list require conscious choices in terms of
modeling, with corresponding tradeoffs between accuracy and computational cost. The
modeling aspects for many of these items were briefly addressed previously in (2). In the
remainder of this paper we will continue the discussion of modeling considerations,
concentrating on two particular aspects: uplink noise and phase tracking in the receiver.

MONTE CARLO VS ANALYTICAL SIMULATION

Perhaps the most common approach to simulation thus far, as evidenced by the literature,
has been what we shall refer to as “analytical simulation” because it does not involve the
generation, per se, of random processes. Typically this approach consists of the
transmission of a fixed (relatively short) sequence through a noiseless system, thus
obtaining a set of sampled amplitudes for a given sampling epoch. Each sample becomes
the mean of a normal distribution, the rms value of which is normalized as if all of the
noise were input to the ground receiver. One thus obtains an error probability per sample,
and the average of these sample error probabilities constitutes an estimate of the system bit
error rate. The major drawback of this method is that it does not simulate the passage of
thermal noise through the uplink nonlinearity. A secondary disadvantage is also that there
is a certain degree of approximation involved in using a given short symbol sequence
rather than a random source. Of course, one is not limited to using short sequences in this
approach but its great usefulness, namely speed, would then be compromised. And if one
used rather long sequences, perhaps it would then be as well to simulate uplink noise as
well. Another associated limitation of the analytical simulation method is that it inhibits the
simulation of other random processes of interest in a system, namely phase noise and clock
(bit sync) jitter; these processes are even more demanding in terms of sequence length
because they are usually slow relative to the symbol rate.



Generally speaking, the effect of the uplink nonlinearity (typically a TWT) on the signal-
plus-noise is such as to degrade performance relative to a noiseless uplink. Neglecting
uplink noise is frequently justified by the argument that, commonly, the uplink carrier-to-
noise ratio (CNR) is significantly stronger than the downlink CNR. This argument, of
course, does not usually hold for relay-type systems (such as TDRS). However, even for
conventional systems, the effect of uplink noise is likely to be considerably more
significant than might generally be supposed. An inkling to this has been provided by
Lyons (9) who considered a somewhat idealized situation, in which the major impairment
source was a hard-limiter in the satellite. For a QPSK signal, it was shown (9) that rather
substantial degradation occurred even for what would be considered relatively high uplink
CNR. (As an example, with uplink Es/No = 19 dB, an additional 1.8 dB of downlink Es/No

is needed to maintain 10-5 error probability).

The simulation discussed here, as indicated in the preceding section, has the capability of
being either of the “analytical” or Monte Carlo (MC) type. The former we refer to as
“quick-look” (QL) because it can be used precisely for that sort of thing - a rapid
investigation of perhaps several competing alternatives to yield a ranking and some
measure of relative goodness. However, for actual (absolute) BER prediction, we have
found the QL approach to be unreliable, i.e., relatively inaccurate. That is not to say that in
particular instances the QL and MC methods will not yield relatively close answers, at
least over some BER range. But rather it is to say that the disparity between the two seems
closely tied to the particulars of the case, and (apparently) the extent of it is not amenable
to formulation in any generally usable way (other than perhaps in a purely formal manner).

An example might be of interest here. Figure 2 shows two BER curves obtained from
Monte Carlo simulation of two QPSK systems, and the corresponding curves using the
analytical method. In the Monte Carlo cases, uplink and downlink CNR were set equal to
one another. In the analytical cases 31-bit maximum-length sequences were used. The
same cases repeated with 63-bit and 127-bit sequences showed differences of only a few
tenths of a dB. However, randomly-chosen sequences of the same length indicated
considerably larger variations. Figure 2 typifies the results we have observed to date, in
this sense; that the larger the degradation in a system, as measured by the Monte Carlo
curve, the more optimistic the analytical method tends to be. If any general conclusion can
be drawn regarding the comparison between the two approaches, it is embodied in the
latter observation.

PHASE TRACKING IN THE SIMULATION

An issue of some importance in the simulation of systems such as we are considering
concerns the treatment of the carrier phase tracking function of the receiver. One common
approach in analytical simulations avoids explicit simulation of the tracking loop, per se,



but simply assumes (for example) a set of angles for the demodulator reference axes. One
can thus obtain the BER as a function of phase error and determine the lowest BER, or
further average the former function over an assumed phase error distribution.

If a specific loop structure is intended for use in a particular system, then an accurate
assessment of its performance requires explicit representation of that loop. One way to
approach this type of situation has been discussed by Palmer and Lebowitz (4).

In many cases one may not be interested in simulating a particular structure (indeed, in the
preliminary design stages this level of detail may not be known), but rather in accounting
for the effect of a more or less typical loop. Toward this end we have used for some time a
block phase estimator, which may be regarded as a legitmate phase estimating structure in
its own right, or as an approximation to the more common continuous-time loops. A great
advantage of a block estimator, of course, is that it requires observation of the signal only
over a fixed, finite interval. This property complements rather nicely what is ultimately a
limitation in any simulation, namely the fact that one can only generate a finite segment of
signal, due to computational constraints. In the Monte Carlo simulation, for example, a
long sequence of symbols is actually processed as a series of sub-sequences, or blocks,
that we refer to as passes. A pass may typically be on the order of a few hundred bits. The
estimate of carrier phase derived from the signal in any given pass is used to demodulate
that entire pass.

The next question of interest is, what is a proper or reasonable algorithm to use for the
block estimator. To provide some perspective on this question consider an arbitrary
modulated signal

(1)
which is transmitted through a system. At the receiver input, we suppose the waveform can
be written as

(2)

where n (t) is the receiver noise, d (t) and *(t) are system induced distortions, and 2o is an
arbitrary unknown phase. We wish to produce a carrier reference, cos [To t + N] , where N
the “phase estimate” is such as to produce reasonably good performance in some sense.

In the special case of an ideal channel with noise only at the receiver (i.e., the white
Gaussian noise (WGN) channel ), Richer (10) has derived the optimum (maximum
likelihood) block estimator for quadrature signaling for a class of pulse shaping that
includes QPSK, offset QPSK, and MSK. Hence, in terms of equation (2), d (t) = 1, 



* (t) = 0. For example, as a reference point, for QPSK signaling it can be shown (10) that
the low signal-to-noise approximation to the maximum-likelihood equation is

(3)

where rk is the kth sample of the received signal r(t); the latter is sampled once per symbol
and there are M symbols in the block. Implicit in the derivation of (3) is that symbol timing
is known. The unrestricted ML solution for N is one that satisfies a transcendental
equation, and is therefore not convenient for simulation purposes.

Although (3) is suggestive of the quadrupling methods of carrier recovery commonly used
for QPSK signals, in fact the conditions under which (3) was derived do not generally
apply in practical systems. In particular, the systems that we are usually interested in
simulating, as typified by Figure 1, not only introduce significant distortion but contain
nonlinearities as well. Indeed, the very representation (2) is no longer strictly valid. Also,
in most practical systems, symbol timing is a function performed separately from that of
carrier recovery. In fact, theoretical considerations aside, it is just such “practical systems”
toward which our simulation is oriented. Hence, in developing a phase-tracking model, we
have been motivated more by existing, commonly-used methods, than by a search for
optimal structures.

To illustrate our approach, assume now that we are dealing with a QPSK signal. Our
algorithm is motivated by (though not an exact replica of) one of the more common means
of effecting carrier recovery in practical QPSK systems, namely the “times-four” or
quadrupling loop. Now, in the simulation the waveform at the receiver input is a single
bandpass entity, including distortion and noise, and can be written as

(4)

where 2(t) is the ideal transmitted phase, in the set                           . In analogy with
practical loops we postulate that a reasonable criterion for a phase-tracking structure is the
evaluation of the average carrier phase error, defined as

where T is the observation (block) interval. Of course, in the simulation (as in practice) the
phase cannot be decomposed into its various parts, as in (4), hence what is really available
can be written in the form



(5)

The algorithm that determines N is based on the computation of the nth differential phase
error,         which is given by

(6)

where )t is the sampling interval, N is the total number of samples in the pass (typically
1024), and the notation mod (2B,B) means reduction modulo 2B until the remainder is less
than B in absolute value. The index n is user-controlled and represents the nth iteration in
the phase estimating process. If this process is terminated after K iterations, the estimate of
phase returned is

(7)

It is desirable, of course, for RK = 0, for then the estimate has converged. In practice we
have generally found K = 5 to satisfy this condition.

Some elaboration on the meaning of (6) and its operations may be useful. To begin with it
is clear that a quadrupling of the phase (4R(i)t)) is involved, as in the corresponding
continuous loop. If in fact we had an undistorted QPSK signal (equal length phasors
nominally at 0, ±B/2,B) rotated only by a fixed angle 2o, it would be possible to estimate
2o exactly with a single iteration. However, distortion in the phase waveform, plus noise,
in the actual system, will introduce asymmetries which will bias the estimation and thus
require an iterative procedure to converge. The cumulative estimate,         , is subtracted
from the phase before each new iteration, and of course this is what creates the condition
for convergence. The mod (2B,B) is an operation that ensures that the phase error is
computed correctly for all phase states. For example, if 2(t) = B and 2o = -5, we have (¼)
[4(180-5) mod (2B,B)] = -5, whereas (¼) [4(180-5) mod 2B] = 85.

As was said earlier, we can consider the algorithm just discussed as an estimator in its own
right, or as a certain type of approximation of a quadrupling loop. Viewed in the latter
perspective, the algorithm makes certain assumptions. First, it is clear that the carrier
frequency is assumed known. Second, the treatment of the phase alone implies the
presence of a limiter. Finally, instead of a loop filter we have a true averager. The memory
(bandwidth) of the averager depends on the block length; in principle this can be made as
long as desired, though practical computational constraints generally impose a limit of a
few hundred symbols. This may or may not reproduce the bandwidth of an actual loop



filter that might be considered for a particular application, depending on the specifics of
the case.

In this regard one may note that the bandwidth of an actual loop is usually much smaller
than the data rate, hence there can be large local variations between N and , (t). The
ability to easily vary the memory of a block estimator may be a useful tool in finding the
optimum loop bandwdith from the point of view of minimizing these variations.

The previous discussion has illustrated our philosophy regarding the use of block phase
estimators. Of course, different algorithms may be appropriate in different circumstances.
An interesting aside arises in this context. An examination was made of the suitability of
(6) to other modulating schemes, in particular MSK. It can be shown that for an
undistorted MSK signal, subjected only to a constant carrier phase shift, this algorithm
always yields zero phase estimate. But in a practical system with distortion, a reasonably
good estimate of the average phase error is consistently provided. This indicates that the
behavior of phase tracking structures derived under a certain set of assumptions may
change appreciably when used under a different set of conditions.

CONCLUSIONS

The simulation of digital links requires many decisions regarding the modeling of the
processes and devices involved. In many cases, explicit simulation of uplink noise is
avoided, an approach which results in great computational speed, but also in a loss of
accuracy. As illustrated earlier, the error involved can be significant in some
circumstances. This conclusion has also been corroborated by experimental evidence.
Another aspect of modeling discussed concerns the representation of the phase tracking
process. We have indicated an approach, using block phase estimators, which we consider
to be a reasonable compromise between the omission of such estimation and the
computationally costly simulation of actual loops.

REFERENCES

1. Hedderly, D. L. and Lundquist, L., “Computer Simulation of a Digital Satellite
Communications Link”, IEEE Trans. Comm., Vol. COM-21, No. 4, April 1973,
pp. 321-325.

2. Jeruchim, M. C., “Digital Computer Simulation of Satellite Quadrature Data
Communication Systems”, National Telecommunications Conference, Conference
Record, Vol. 2, New Orleans, La., Dec. 1975.



3. Taylor, D.P., Chan, H. C., and Haykin, S. S., “A Simulation Study of Digital
Modulation Methods for Wide-Band Satellite Communications”, IEEE Trans.
Comm., Vol. COM-24, No. 12, December 1976, pp. 1351-1354.

4. Palmer, L.C. and Lebowitz, S., “Including Synchronization in Time-Domain Channel
Simulations”, COMSAT Tech. Rev., Vol. 7, No. 2, Fall 1977, pp. 475-525.

5. Berger, H. L. and Poza, H. B., “Characterization of High-Rate QPSK Channel with
Adaptive Equalization”, IEEE Trans Aerosp. Elec. Sys., Vol. AES-14, No. 1, January
1978, pp. 151-157.

6. Hermann, G. F., “Performance of Maximum-Likelihood Receiver in the Nonlinear
Satellite Channel”, IEEE Trans. Comm., Vol. COM-26, No. 3, March 1978, pp. 373-
378.

7. Lundquist, L., Shum, M. and Fredericsson, S., “Pulse Shaping in Bandlimited Digital
Satellite Systems”, IEEE Trans. Comm., Vol. COM-26, No. 4, April 1978, pp. 478-
484.

8. Benedetto, S., Biglieri, E., and Daffara, R., “Performance of Multilevel Baseband
Digital Systems in a Nonlinear Environment”, IEEE Trans. Comm., Vol. COM-24,
No. 10, October 1976, pp. 1166-1175.

9. Lyons, R. G., “The Effect of a Bandpass Nonlinearity on Signal Detectability”, IEEE
Trans. Comm., Vol. COM-21, January 1973, pp. 51-60.



FIGURE 1.  BLOCK DIAGRAM OF SIMULATION

FIGURE 2.  EXAMPLE COMPARISONS OF ANALYTICAL AND MONTE
CARLO SIMULATION RESULTS
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SUMMARY

A bandpass limited satellite channel with uplink and downlink noise was simulated for
several constant envelope modulation schemes. Minimum shift keying (MSK) significantly
outperformed quadriphase shift keying (QPSK) in achieving bit error rates of 0.005 with
less than 1 dB degradation for a channel bandwidth to data rate ratio B/R = 0.78, for
example.

Frequency division multiple access (FDMA) scenarios with unsynchronized satellite
signals were also simulated. A processing satellite performed the functions of Doppler and
symbol timing correction and demodulation of each uplink. Additional filtering mitigated
intersymbol interference (ISI) deliberately introduced for spectral shaping by prolate
spheroidal data windows. Even when the received power in each satellite signal was 10 dB
above the desired signal, 16 kbps rate-1/2 coded QPSK satellite signals on odd 12.5 kHz
centers could coexist with line of sight (LOS) signals on 25 kHz centers.

These results are applicable to the ever growing problems deriving from increased
spectral occupancy.

INTRODUCTION

This paper is a synopsis of approximately two years of parallel effort on two satellite
communications problems requiring extensive computer simulation. The first problem
involved the modeling and simulation of a hard-limiting frequency translating repeater
satellite channel with the objective of estimating error rate performance for several digital
constant envelope modulation schemes. The second problem addressed an approach to
fitting several bandwidth efficient digital signals into a crowded UHF band where they



might coexist with previously allocated analog signals and still be successfully
demodulated in an advanced processing satellite. In this case a considerable amount of
analysis as well as modeling and simulation was involved.

We will present the treatment of each of these problems by summarizing the
mathematical model of the physical system, the unique simulation characteristics, and the
performance results. As a start we will discuss some simulation procedures which are
generally common to both efforts. We will conclude with a flavor of special difficulties
encountered and a few suggestions which might be helpful to communications systems
analysts without much simulation experience.

SIMULATION APPROACH

Although a few smaller computing facilities were available, we decided to employ an
IBM 360/168 via a local time sharing system using FORTRAN-IV. This provided
flexibility and a familiar language but required a considerable investment ($5-10 per
minute) in CPU time. Consequently, our philosophy was to test many promising ideas with
a fairly modest number of trials per simulated datum rather than increasing performance
confidence levels but limiting the scope of the investigation. We felt the more successful
schemes could be refined later with a special purpose software processing facility or
laboratory experimentation with prototype hardware.

All the simulations were performed digitally and at baseband with complex signals and
noise. This reduced the necessary sampling rate to a reasonable level and simplified
mathematical representation and programming. For convenience an integral number of
samples per symbol was guaranteed.

The transmitted data and Gaussian noise sequences were selected using the nearly
uniformly distributed pseudorandom number generator

(1)

where K1 is a 9-digit integer, and a polar method of normal deviates. The same sequences
were invariably used in comparing different modulation and filtering techniques.

Both performance simulations were aimed at counting decision errors in the bit error
probability range 10-3 <̃ Pb <̃ 10-2, corresponding to energy contrast ratios (Eb/No’s) of
roughly 4 to 12 dB depending on the scenario. Very little data was gathered below a 10-3

error rate because of the amount of computer time required.



BANDPASS-LIMITED SATELLITE CHANNEL

This simulation was an attempt to predict the performance of a typical bandpass hard-
limiting Navy Fleet Satellite Communication System (FLTSATCOM) channel.1

Model

We modeled the satellite as a narrowband filter followed by an ideal bandpass limiter that
preserves the phase but removes the envelope information of its input (Figure 1). Although
the space segment was well past the design stage, we simulated several filters to study
sensitivity to roll-off, phase nonlinearity and center frequency offset.

Since the terminals could be modified, we tried six different antipodal constant
envelope modulation schemes (Figure 2), including binary phase shift keying (BPSK),
offset QPSK (SQPSK and MSK which yield the same coherent matched-filter bit error rate

(2)

in additive white Gaussian noise (AWGN). The approximate (within 1 dB ignoring ISI
effects) effective energy per bit per noise power density was defined in terms of the energy
contrast ratios on the uplink and downlink and the data rate R as

(3)
With this definition simulation results for both uplink and downlink noise could be plotted
in two dimensions as Pb vs- (Eb/No)eff in a traditional way using (2) as a theoretical
optimum.

We were interested in estimating the highest data rates feasible (R > B) for tolerable
amounts (1 or 2 dB) of intersymbol interference and nonlinear distortion. The coherent
receiver was not optimized to the channel but was matched to the transmitted signals.

Simulation

There were options for bypassing either the filter or bandpass limiter or both. Figure 3
illustrates how the ideal limiter transforms all baseband input samples of the form x(n) +
jy(n) to a circle of fixed radius.

The complex sampling rate W must be significantly larger than either the filter
bandwidth B or the signal bandwidth Bs in order to insure a reasonable approximation to
the bandpass situation. We decided on the rule-of-thumb



(4)

as an adequate analysis bandwidth.

Several different digital filters were employed in the simulation: Chebyshev,
Butterworth and elliptic infinite impulse response filters implemented in cascade canonical
form in the time domain, and three finite impulse response (FIR) filters realized by
frequency sampling techniques and fast convolution via the frequency domain; all but one
of the FIR filters had nonlinear phase responses.

A typical simulation required about 30 sec of CPU time for each datum representing
2000 bit decisions. The program consisted of just under 2000 statements including
comments.

 Results

Of the six modulation techniques simulated, BPSK performed far worse than the others.
MSK and SQPSK proved to be the best modulations overall, followed closely by QPSK,
and more distantly by “alternating” QPSK (AQPSK) and continuous phase
“quadrifrequency” shift keying (CPQFSK).

The effective signal to noise ratio (SNR) losses at Pb . 0.005 are shown in Figure 4 for
MSK and various channel filters; the SQPSK performance was not significantly different.
Since we took the nominal 3 dB bandwidth of the FLTSATCOM filter to be 25 kHz, the
two estimation curves correspond to data rates of 32 kbps and 48 kbps.

Thus, the estimated FLTSATCOM performance losses for MSK or SQPSK at these
data rates were about 0.5 dB and 2.5 dB, respectively. The similarly estimated losses for
BPSK were about 1 dB and 4 dB for 19.2 kbps and 25 kbps, respectively. Larger
degradations should be expected at lower error rates primarily because of filter induced ISI
distortions.

BANDWIDTH EFFICIENT FDMA CHANNEL

This simulation was used to evaluate ways of fitting 16 kbps uplink signals to a
processing satellite among LOS allocations spaced by 25 kHz in the UHF band.2

Model

The system model that was simulated digitally is shown in Figure 5. The terminals are
assumed to be mutually unsynchronized or uncoordinated in symbol timing, Doppler, and



transmitter power control, as might be the case with mobile platforms. User signals were
separately processed at the satellite in the presence of crosstalk, ISI and channel noise.
Spectral shaping was accomplished by digital filtering at both the terminals and the
satellite, where deliberately introduced ISI was mitigated by a simple linear recursive
filter.

The filtering for bandwidth conservation was applied in the time domain by amplitude
weighting (windowing) the signals. For the problem considered this was more efficient
than convolutional filtering, and since the data windows were finite in extent any induced
ISI could be precisely confined and determined.

In particular, for M-ary PSK, if Au is the amplitude of the signal received from the uth
user, if xu> is the current received complex data symbol from the uth user, and if Nst(r) is
the crosscorrelation function between the satellite and transmitter windows, where the shift
r is measured in symbols, then

(5)

is the ISI at the output of the satellite discrete Fourier transform (DFT) operation. If Nc is
the intersymbol distance, i.e., the number of samples per symbol, if Nt and Ns denote the
length of the transmitter window t(m) and satellite window s(m), assumed common to all
users, then

(6)

From (5) and (6), ISI is introduced whenever either window is longer than the
intersymbol distance (Nt > Nc or Ns > Nc). In the special case s(m) = t(m), the satellite
window acts as a matched filter.

We found that this ISI could be nearly removed with a two stage digital filter (Figure 6)
which was designed (also through simulation) using the standard minimum mean squared
error (MMSE) criterion. That is, if xu> is the complex filter output symbol for the uth user
we found the filter which minimized

(7)

This was accomplished by solving a nonlinear system of equations resulting from the
partial differentiation of (7) with respect to the filter coefficients. These equations were
solved iteratively with the computer for every window combination simulated.



Although MSK was also modeled digitally and simulated, no windows were applied at the
transmitters, and the satellite windows were restricted to those that would not introduce
any ISI. These restrictions on windows yielded promising results, nevertheless, for MSK
exhibits relatively small crosstalk between unsynchronized and unwindowed MSK
waveforms.3

Two classes of windows were selected for simulation: The Dolph-Chebyshev windows4

and the prolate spheroidal windows.5 For a given length and cutoff frequency these
windows are optimum in the following senses: a Dolph-Chebyshev window has a
minimum equiripple response outside of the main lobe of its frequency response, and a
prolate spheroidal window has minimum energy out of band.

Simulation

The Dolph-Chebyshev windows were eventually abandoned during the simulations
because the equiripple sidelobes contributed too much crosstalk interference from other
user signals regardless of center frequency separations. Unfortunately, the prolate
spheroidal windows were more difficult to generate; they were found with the computer,
employing a standard numerical method of finding the eigenfunction associated with the
largest eigenvalue 8 of the set of equations, n = 0, 1, ..., Nw - 1

(8)

where w(n) is a real sample of the window of length Nw and Tc defines the bandwidth.

The windows were normalized for a peak power limited transmitter so that a
rectangular window of length Nw would have unit energy. Hence, a non-rectangular
window resulted in an average received signal energy loss of

(9)

A typical prolate spheroidal window with Lt = 3.07 dB, and the magnitude of its digital
frequency response is shown in Figure 7. Since this 76-sample window was applied so that
its center coincided with the center of a data symbol 50 samples long, the window spanned
all of that symbol and 13 samples of the two adjacent symbols. The resulting ISI governed
by (5) is specified by Nst(-1) = Nst(1) . 0.09 (with Nst(0) . 0.49) for the matched case
s(m) = t(m).

The Nc = 50 samples per symbol arose from the assumptions of a 500 kHz uplink
bandwidth with 20 satellite user signals located at odd multiples of 12.5 kHz (LOS users at



25 kHz centers), a symbol rate of 16 ksps, an integral number of samples per symbol, and
a number N of DFT points that was the least power of two which would accommodate the
uplink bandwidth, i.e.,

(10)

or Nc = 25N/32; N = 64 was the least power of two allowing at least 20 satellite channels
on odd 12.5 kHz centers. Hence, the analysis bandwidth was N·12.5 kHz = 800 kHz.

BPSK, QPSK, MSK and CPQFSK modulations were simulated. The Forney scheme6

which uses the Viterbi algorithm to obtain a maximum likelihood estimate of the
transmitted data sequence in the presence of AWGN and ISI was investigated as an
alternative to the MMSE filters. LOS users, when present, were modeled as colored
Gaussian noise generated by passing AWGN through a narrowband Chebyshev digital
filter. A typical simulation run consumed in the order of one minute of CPU time for every
datum representing 1000 symbol decisions. The principal programs consisted of a total of
roughly 4000 statements including comments.

Results

From extensive sets of simulations we prepared a performance summary (Table 1) for
rate 1/2 coded QPSK and uncoded MSK for a 16 kbps precoded bit rate, ten satellite users
spaced by 25 kHz, and two LOS users adjacent to the satellite user signal being
demodulated. The receiver power in each of the interfering satellite user signals was E(dB)
above that of the desired signal. The nominal bandwidth of the LOS user signals was about
3 kHz, and their pre-filtered mean-square signal amplitude was set approximately 8 and 11
dB above the desired signal for QPSK and MSK, respectively, assuming a rectangular
transmitter window.

The coded QPSK performance of Table 1 was estimated from the theoretical and
uncoded simulation curves of Figure 8 using a previously known technique.7 This example
illustrates how an Eb/No of about 6.8 dB is required for a 10-5 bit error rate with soft
decisions and E = 10 dB interfering satellite users. This results from adding a 2 dB
degradation in the uncoded simulations to the theoretical coding performance of Eb/No =
4.8 dB at Pb = 10-5.

It was concluded that with relatively little degradation, 20 unsynchronized 16 kbps
satellite users could be packed into a 500 kHz UHF uplink bandwidth shared with
terrestrial LOS users spaced by 25 kHz. Signal strengths might vary by as much as 10 to
15 dB at the satellite without the need for transmitter power control. Peak-power-limited
QPSK with a rate 1/2 convolutional code was slightly inferior to uncoded MSK for bit



error rates larger than 10-3. Spectrally shaped and coded QPSK, however, was needed for
lower error rates and would be more attractive if the transmitters were not peak-power-
limited.

LESSONS LEARNED

Unfortunately, it is difficult to maintain restraint at the beginning of a simulation when
one is primarily interested in obtaining results. In addition to making the fundamental
decision as to what computational facility to utilize, it should be well worthwhile to devote
more than the usual attention to the quality of the output estimates and the number of trials
required. One should also strive to eliminate unnecessary programming code where
possible if its impact can be determined analytically with high confidence separately from
simulation. It is expedient to learn as the simulation progresses but this can be costly in
computer time because it is so tempting to let the computer do the “thinking” in resolving
discrepancies.

The main troubles we encountered were generally related to the proper realization of
digital filters and windows. The main worries had to do with setting noise levels, sampling
rates, padding with zeros in the proper place, and determining the actual filtering delays to
achieve the best receiver correlation. It certainly helps to have digital signal processing and
Monte Carlo experts on hand as well as substantial programming support. As usual in
anything related to software, it surely would be easier to do a far better job a posteriori -
but that’s the simulation challenge.

CONCLUSIONS

These simulations added evidence to substantiate MSK as a versatile and attractive
modulation performer. It is not only bandwidth efficient but behaves well when passed
through nonlinearities. Nevertheless, spectrally shaped QPSK signals can share an
allocated band on a non-interfering basis if constant envelope modulation is not required.
These results may encourage further work in bandwidth efficient modulation techniques
which are becoming so important in conserving the world’s spectral resource.
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Figure 1.  Bandpass-Limited Satellite Channel Model



Figure 2 . Modulation Waveforms (BPSK One Channel of QPSK)



Figure 3.  Ideal Limiting Operation

Figure 4.  MSK Performance for Equal Uplink and Downlink SNRs



Figure 5.  Basic Approach Using Data Windows

Figure 6.  Canonical Digital Filter



Figure 7.  Prolate Spheroidal Window for Analysis Bandwidth of 800 kHz

Figure 8.  Coded QPSK Performance With Windows of Figure 7



Table I - Coherent Performance from Figure 8 and all MSK Simulations



A GEOMETRIC MOMENT BOUNDING ALGORITHM

Maurice A. King, Jr.
The Aerospace Corporation

Post Office Box 92957
Los Angeles, California 90009

ABSTRACT

There are many important problems in the field of communications theory whose solution
is the expectation of a function of a random variable. Examples include linear interference
problems such as intersymbol interference and co-channel interference. In these cases, it is
often not computationally feasible to evaluate the expectation exactly.

This paper presents an algorithm that will compute tight upper and lower bounds to
generalized moments of a broad class of random variables. The procedure is based on an
isomorphism theorem from Game Theory. The technique is easily understood while
yielding excellent results for this class of communication problems.

INTRODUCTION

Problem Description

There are many important problems in the field of communications theory whose solution
is the expectation of a function of a random variable. Perhaps the classic example of such a
problem is that of computing the probability of bit error for a binary signal being
transmitted on a channel with linear intersymbol interference (1) - (15). A block diagram
for this example is given in Figure 1.

The binary source selects a value for ai with equal probability each T seconds. These
source symbols are encoded into waveforms suitable for transmission across the channel.
The time function x(t) represents a string of these channel waveforms. The channel is
assumed to act upon the waveform string x(t) as a linear filter. Thus, the waveform
associated with a particular source symbol will typically be distorted in shape and spread
in time by the action of the channel. Let the distorted waveform string at the channel
output be represented by y(t). This signal is assumed to be further distorted by the addition
of a white Gaussian noise process that is denoted by n(t). The waveform string finally
presented to the receiver is r(t) where



(1)

This signal is detected and sampled. The sampled output at time zero can be represented
by

(2)

where ri is the detected and sampled output at time i, ... a-M ... a-1aoa1 ... aM ... is the binary
input signal string, {hi} is the sampled impulse response of the channel, and no is the
Gaussian noise sample at time zero. The primed summation in Eq. (2) is a standard
symbolism for a summation that is missing its central term. It is further assumed that the
channel impulse response has only 2M + 1 significant terms.

The probability of bit error at time zero can be shown (11) to be given by the expressions

(3a)

(3b)

where

(4)

(5)

F is the standard deviation of the Gaussian noise, and U represents the space of all strings
of 2M binary syrnbols. The expressions (3a) and (3b) are clearly equal mathematically, but
it has been shown (11) that one form or the other can have analytical advantages when
evaluating the probability.

Unfortunately, the expressions in Eqs. (3a) and (3b) may be difficult or computationally
impractical to evaluate exactly. For example, if the intersymbol interference extends for
forty samples preceeding and trailing the actual signal sample time (M = 40), the exact
evaluation of the probability of error would involve the summation of 280 . 1024 terms of
the form of Eq. (4). Thus, even if Eq. (4) could be solved in 1 nsec of computer time, exact



computation of Pe would require 3 X 105 centuries. Although channels having an impulse
response that is significant over 80 bit times may be rare, it is clear that the computation
involved in calculating Eq. (3a) or (3b) can still be large even for fairly modest impulse
responses.

Expressions similar to (3a) can be derived for the probability of bit error on any additive
Gaussian noise channel with linear interference. Examples would include spread spectrum
multiple access channels and channels with co-channel interference, (16) - (19). Thus, the
evaluation methods that will be discussed are more generally applicable than those for only
intersymbol interference problems. They will apply to Gaussian channels with other kinds
of linear interference as well.

Isomorphism Theorem

One approach to problems in communications and information theory that appear’s
difficult or impossible to solve in their exact form is to find easily computed bounds to the
exact solution. A technique that has been proven to be useful in providing bounds to
problems of this kind is the Geometric Moment Bounding Technique (11) - (19). This
technique is based on an Isomorphism Theorem from Game Theory (20), (21). In this
approach, the moment of the function of the random variable that is of interest is bounded
in terms of moments of other functions of the same random variable. These other functions
are called auxiliary functions. The auxiliary functions are chosen such that their moments
are relatively easy to evaluate. This approach has the unique advantage in that both upper
and lower bounds can be found with the same computational technique. In addition, the
moment bounds that are derived using one or two auxiliary functions yield a relatively
simple geometrical understanding of the bounding process.

The Isomorphism Theorem can be stated as follows:

Let u be a random variable with probability distribution GU(u) defined over a finite closed
interval I = [a, b]. Let k1(u), k2(u),..., kn(u) be n continuous functions defined on I. Let mi, 
i = 1,..., n, denote the n generalized moments of the random variable u induced by the
functions {ki(u)}.

(6)
Denote the moment space M as

(7)

where GU(u) ranges over the set of all probability distribution functions defined on I. M is
a closed, bounded, and convex set.



Let C denote the generalized curve r = (r1, r2,..., rn) traced out in En by ri = ki(u) for u , I.
Let H be the convex hull of C. Then M = H.

The application of the Isomorphism Theorem to bounding problems can be seen from the
following two-dimensional (n = 2) example. Given a function k1(u) of the random variable
u, the value of whose moment, m1 = EU[k1(u)], is desired, select a second function, k2(u),
whose moment, m2 = EU[k2(u)], can be easily evaluated. By identifying the functions k1(u)
and k2(u) with the two orthogonal axes of a two-dimensional coordinate system, as in
Figure 2, a curve C can be traced out as u varies through its finite range of values. The
convex hull, H, of the curve C can be found, as in Figure 3. According to the Isomorphism
Theorem the set of all moment pairs

(8)

where the distribution of u varies over all possible distributions defined on the range of u,
is identical to the convex hull H. Thus, from Figure 4, upper and lower bounds to the exact
value of m1 for any particular distribution GU(u) occur at the points where the line k2(u) =
m2 intersects the surface of the convex hull. In Figure 4, the values of the bounds are
denoted           and            , respectively.

Most of the applications of the moment bounding technique to problems in
communications theory have used two-dimensional moment bounds (a single auxiliary
function) (8) - (13), (16) - (19). This is because two-dimensional bounds are quite intuitive
and inherently tractible (they can always be found graphically). Higher dimensional
moment bounds are desirable because they are typically much tighter than their two-
dimensional counterparts. Unfortunately, the mathematical description of the surface of a
convex hull of greater than two dimensions is often very difficult to derive. The remainder
of this paper describes a computational algorithm that can be used to evaluate geometric
moment bounds of any given dimension.

ALGORITHM

Basic Concepts

The algorithm that will be outlined below provides a unified approach to the solution of a
broad class of bounding problems. A major advantage of this approach over other means
of evaluating geometric moment bounds is that the bounds can be computed without a
detailed preliminary investigation of the geometry of the convex hull. For purposes of
illustration, a four-dimensional algorithm will be outlined. The procedures for extending
the technique to any number of dimensions will be apparent.



Consider a continuous function k4(u) of a random variable u with distribution GU(u)
defined on a finite closed interval I = [a, b]. Bounds on the generalized moment of k4(u),

(9)

are desired.

Select three auxiliary functions (for a fourth-dimensional bound), k1(u), k2(u), k3(u), whose
generalized moments m1, m2, and m3, are easily evaluated. These four functions can be
associated with the orthogonal coordinate axes of a standard four-dimensional Euclidean
space, E4. Label these axes w, x, y, and z. Consider the curve C defined by

(10)
Let H denote the convex hull of C. According to the Isomorphism Theorem, bounds to the
true value of m4 will be given by the points of intersection of the surface of H with the line
R given by

(11)

where m1, m2, and m3 are the generalized moments of k1(u), k2(u), and k3(u), respectively.
The line R can be seen to be parallel to the z -axis and will intersect the surface of H in two
places, corresponding to the upper and lower bounds.

The key to the algorithmic solution method is that the curve C is approximated in a
computer by an array of N sample points taken from the curve. This is equivalent to
replacing the curve C with a piecewise linear approximation †. Denote the convex hull of
† by  . The convex hull   will be strictly interior to the original hull H, but since the fit
can be made arbitrarily tight by increasing the number of points, N, this fact is unimportant
in practice (23).

The big advantage of this approach to the bounding problem is that regardless of the shape
of the original hull  , the new hull   will be a polytope. Thus, while a mathematical
description of the surface of H may be intractable, the surface of   can be described in
terms of sections of hyperplanes. The solution of the bounding problem then becomes a
matter of determining which two of the hyperplanar sections on the surface of   are pierce
by the line R , Eq. (11).

Algorithm Outline

In this section, a particular algorithm is outlined that will solve the four-dimensional
geometric moment bounding problem. This algorithm has the advantages of being



conceptually simple and easily extensible to problems of higher dimension. In this outline,
only the computation of the lower bound will be considered. The alterations required to
compute the upper bound will be clear.

Consider a set of sample points of a continuous curve C in E4. Denote this set by

(12)

The objective is to compute the four-dimensional geometric moment lower bound for the
moment

(13)

based on this set of sample points.

Step 1 – Find a point v1 from the set {v} that is on the surface of the convex hull  . In
particular, select as v1 the point with the minimum value of z -coordinate.

Step 2 – Consider the projection of the set {v} from the space E4 into the E2 subspace
formed by the w and z coordinates axes. Denote-this projected set by

(14)

and denote the two-dimensional convex hull of {v(2)} by  (2). Similarly, let R(2) denote the
projection of the line R1, Eq. 11, into this subspace.

The surface of  (2) is a set of chords joining points of {v(2)}. The point v1 from Step 1 is
involved in the definition of two of these surface chords (22). Label these chords ch2 = (v1,
v2) and ch3 = (v1, v3). If either ch2 or ch3 intersect R(2), label that chord ch1. If they both
intersect R(2) observe which of {v2, v3} has the smaller z -coordinate value and define ch1

accordingly. If neither chord intersects R(2), observe which of {v2, v3} is closer to R(2) in
terms of Euclidean distance and define ch1 accordingly. In all cases, relabel the points (if
necessary) such that ch1 = (v1, v2).

Step 3 – In a similar fashion, define the projected set

(15)

the line R(3), and the convex hull  (3). for the projection from E4 onto the E3 subspace of the
w, x, and z coordinates. The surface of  (3) is a set of planar sections. Each planar section
is bounded by surface chords. The chord ch1 is involved in the boundary of two of these
planar sections (22). Label these planar sections ps2 = (ch1, v4) = (v1, v2, v4) and ps3 = (ch1,



v5) = (v1, v2, v5). If either ps2 or ps3 is pierce by R(3) label that planar section ps1. If both are
pierced by R(3), observe which of {v4, v5} has the smaller z-coordinate value and define ps1

accordingly. If neither planar section is pierced by R(3), observe which of {v4, v5} is closer
to R(3) in terms of Euclidean distance and define ps1 accordingly. In any case, relabel the
points such that ps1 = (ch1, v3) = (v1, v2, v3)-

Step 4 – The surface of   is a set of hyperplanar sections. Each hyperplanar section is
bounded by surface planar sections. The planar section ps1 is involved in the boundary of
two of these hyperplanar sections (22). Label these two sections hp2 = (ps1, v6) = (v1, v2,
v3, v6,) and hp3 = (ps1, v7) = (v1, v2, v3, v7). If either hp2 or hp3 is pierced by R, label that
hyperplanar section hp1. If both are pierced by R, observe which of {v6, v7} has the smaller
z-coordinate value and define hp1 accordingly. If neither hyper planar section is pierced by
R, observe which of {v6, v7} is closer to R in terms of Euclidean distance and define hp1

accordingly. In any case, relabel the points such that hp1 = (ps1, v4) = (v1, v2, v3, v4,).

Step 5 – If hp1 is pierced by R, the lower bound has been found. The value of the lower
bound will be the z -coordinate value of the point of intersection between the line R and
hp1. If hp1 is not pierced by R, proceed to Step 6.

Step 6 – The hyperplanar section hp1 is bounded by (4
3) = 4 planar sections, one of which is

ps1. Label the other three ps2, ps3, and ps4. Determine which member of the set {ps2, ps3,
ps4} is closest to R in terms of Euclidean distance. Relabel the system such that this planar
section is denoted ps1 = (v1, v2, v3).

Step 7 – This new planar section ps1 is involved in the boundary of two hyperplanar
sections on the surface of  , one of which is hp1. Let the second one be denoted hp2 = (v1,
v2, v3, v8). Discard hp1 and replace it in memory with hp2. Rename this new hyperplanar
section hp1 and return to Step 5.

This algorithm can be thought of as a search routine that “slides” across the surface of  .
The “slide” is from one hyperplanar section to an adjacent one. This is accomplished by
replacing one point in the set of four points that defines the current section hp1 in a
recursive manner. Clearly, an n-dimensional search could be implemented by
systematically replacing one point at a time in a set of n points that defines an
n-dimensional hyperplanar section on the surface of an n-dimensional convex hull.

As an aid in the visualization of the basic ideas behind the algorithm, consider the two-
dimensional example illustrated in Figure 5. It is clear that all higher dimensional
algorithms could be viewed as extensions of this basic situation.



In Step 1 the algorithm will find the point v1, as shown in the figure. There will be two
chords on the surfaces of   that involve v1. These are the chords (v2, v1) and (v3, v1). Since
v2 is closer to the line R than v3, the chord (v2, v1) is the chord ch1 found in §tep 2.

Because this is only a two-dimensional illustration, Step 3 and Step 4 do not apply. The
algorithm determines that the chord ch1 does not intersect R, and, therefore, does not
contain the solution, at Step 5. The point v2 is also involved in the definition of two chords
on the surface of  . One of these is ch1. The second chord will be found in Steps 6 and 7
and checked to determine if it contains the solution. When it is found that the chord does
not the algorithm will continue. In this manner, the algorithm “slides” across the surface of
  in the direction of the solid arrows on Figure 5 until the solution is found.

The algorithm can be seen to be convergent in a finite number of steps (23). This is
because the algorithm always proceeds toward the line R and, therefore, it cannot cycle
back on itself. In addition, since {v} contains a finite number of points, only a finite
number of steps are required to find the bounds even under worst case conditions.
Reasonably efficient routines for implementing the individual steps in this algorithm are
found in References 23-28.

NUMERICAL RESULTS AND CONCLUSIONS

Results

The algorithm outlined in the preceding section has been coded in the FORTRAN IV
programming language. Two sample cases have been run. Both cases are intersymbol
interference problems of the type described in the first section. The auxiliary functions
used in obtaining the bounds were the second, fourth, and sixth powers of the amplitude of
the interference. The parametric equations for the curve C are

x = u2 (16)

y = u4 (17)

W = u6 (18)

(19)



where u is the value of the amplitude of the intersymbol interference, ho is the amplitude of
the desired signal, F is the standard deviation of the additive white Gaussian noise, and
Q(·) is the usual complementary error function given by

(20)

The limits on the value of u are given by

0 # u # D # ho (21)

where D represents the maximum possible amplitude of the intersymbol interference.

The first example is that of a channel with a Chebyshev filter impulse response. This is a
channel impulse response that is often used in comparing intersymbol interference
bounding techniques (1) - (11). For this channel D = 0. 28. The results presented in Table I
were obtained by approximating the curve C, given parametrically by Eqs. (16)-(19) by an
array of 50 points. These points were equally spaced in terms of the parameter u. Fifty
points were found to be sufficient to ensure the accuracy of the. results (23).

Table I.  Bounds for Chebyshev Channel

SNR
(dB)

Upper
Bound

BU

Lower
Bound

BL

Difference
BU - BL

0

4

8

12

16

20

1.5931 x 10-1

5.7725 x 10-2

6.7577 x 10-3

6.6205 x 10-5

5.5281 x 10-9

3.8729 x 10-16

1.5931 x 10-1

5.772 5 x 10-2

6.7577 x 10-3

6.6198 x 10-5

3.8831 x 10-9

1.3277 x 10-18

5.4907 x 10-12

3.3281 x 10-10

1.7327 x 10-9

7.0937 x 10-9

1.6451 x 10-9

3.8596 x 10-16



Chebyshev Channel:

hi = 0. 4023 cos(2.839 *i * - 0.7553)exp(-0.4587 *i *

+ 0.7162 cos(1.176 *i *- 0.1602)exp(-1.107 *i *

Table I contains the upper and lower bounds that were computed using the algorithm
described in the second section. Also tabulated is the difference between the bounds. The
difference serves as a measure of tightness of the four-dimensional bounding technique.
The bounds are seen to be extremely tight at low values of signal-to-noise ratio (SNR) and
useful everywhere. These bounds are about two orders of magnitude tighter than
corresponding three-dimensional bounds (23).

The second example is that of a channel with a modified version of a Chebyshev impulse
response. In this example, the maximum distortion, D, is taken to be three times that of the
standard Chebyshev channel. The channel impulse response and other appropriate
parameters are scaled accordingly.

The numerical results are presented in Table II. They can be seen to remain quite useful for
this example of more severe intersymbol interference. These four-dimensional bounds
were found to represent about an order of magnitude improvement over corresponding
three-dimensional bounds.

Table II.  Modified Chebyshev Channel

SNR
(dB)

Upper
Bound

BU

Lower
Bound

BL

Difference
BU - BL

0

4

8

12

16

20

1.6445x 10-1

6.7405 x 10-2

1.4003 x 10-2

1.2972 x 10-3

1.7687 x 10-4

6.7317 x 10-5

1.6445 x 10-1 

6.7403 x 10-2

1.4001 x 10-2

1.2113 x 10-3

3.0458 x 10-5

6.2781 x 10-9

3.5336 x 10-8

1.7210 x 10-6

2.5350 x 10-6

8.5834 x 10-5

1.4642 x 10-4

6.7310 x 10-5



 Conclusions

The results of this section demonstrate the usefulness of the algorithm of the second
section. This algorithm systematically stepped across the surface of the convex hull until
the appropriate surface feature was found. This was accomplished by considering a
sequence of hyperplanar surface features in terms of the sets of four points that define
them. The algorithm proceeded by identifying and eliminating the point out of the four-
point set that was “furthest” from the desired direction of travel. The eliminated point was
then replaced by an appropriate point that was in the direction of convergence. This new
four point set defined another hyperplanar surface feature that was “closer” to the solution
of the bounding problem than was the previous section. This procedure was repeated until
convergence to the solution of the bounding problem was achieved.

The extension to bounding problems of dimensions greater than four seems clear. For a
five-dimensional problem, the hyperplanes would be defined by sets of five points. In a
manner similar to the four-dimensional algorithm, one of these points that is “furthest”
from the desired direction of travel could be identified and eliminated. This point could be
replaced with an appropriate point that is “closer” to the solution of the bounding problem.
This would define a new hyperplanar surface section that is closer to the solution of the
problem. Clearly, if this procedure is repeated a sufficient number of times, the algorithm
will converge to the desired solution. It is also clear that the concept of stepping across the
surface of a convex hull by modifying the set of points one point at a time is a concept that
will work independently of the total number of points in the set. That is, the procedure of
stepping across the surface by systematically going from one surface feature to an adjacent
one is a procedure that will work independently of the dimensionality of the problem.

An important point to investigate is the relationship between problem dimension and
algorithm run time. This is a difficult problem, but some insight can be gained from the
form of the four -dimensional algorithm.

In order to determine whether the desired solution has been found, the algorithm must
compute the point of intersection of a hyperplane and the line R. In E4, this amounts to
inverting a 4 x 4 matrix. In an extension to a K-dimensional problem, it would mean
inverting a K x K matrix. The naive method of inverting a K x K matrix (straightforward
use of the method of cofactors) would require more than 2(K!) multiplications. While more
sophisticated numerical methods would undoubtedly require fewer multiplications, it
appears that run time can be expected to increase very quickly as the dimensionality of the
problem increases. Fortunately, the numerical results presented here appear to indicate the
extensions to very high dimensionality will rarely be necessary. This is because the
bounding results appear to tighten very quickly with increasing problem dimension.
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ABSTRACT

An advanced software/hardware computer system developed for the simulation of
communications systems is described. This user oriented system allows for flexible and
efficient modeling and simulation of complex communications systems. Excellent
agreement between simulation and measured results has consistently valididated the
simulation approach.

INTRODUCTION

The role of simulation in the design and analysis of communications systems has been
expanding as these systems become more complex in both their design and required
performance. One of the prime objectives of simulation is to produce a better system with
fewer design cycles while providing insight and confidence in its performance. Simulation
provides an evaluation tool to aid in selecting between various hardware implementation
concepts. Parametric studies also provide a basis for selecting realistic parameter
specifications. Simulations may also generate data (e.g., waveforms, spectrums) to aid in
the testing and verification of a system and to evaluate sensitivity to various system
parameters.

In the past, an advanced simulation software package known as SYSTID (References
1-6) has been routinely used at HUGHES for communications systems simulation on large
scale, general purpose computers. SYSTID provides the desirable characteristics of a
simulation system: a user oriented interface for both system and model development; an
extensive library of component models and performance estimators; uses minimal
computer time; and products results that agree with hardware results. The increasing
complexity of communications systems, however, has necessarily resulted in larger
computational costs when large scale general computers are utilized.

With the recent availability of very capable minicomputers and array processors, a cost
effective computational system becomes both economically and functionally feasible. This



type of computational hardware, when coupled with a software system such as SYSTID,
becomes an effective tool for communications systems simulation. Such an approach has
been taken at HUGHES with the installation of a minicomputer coupled with an array
processor and the simulation software. This system, known as the Communications
Systems Simulator (CSS), and its use is introduced in this paper.

SYSTEM DESCRIPTION

Since the simulation software package known as SYSTID has been the subject of
several publications (References 1-6), only a brief summary of SYSTID will be addressed.
SYSTID is basically a language translator coupled with an element model library which
aids the communications analyst in the modeling and simulation of complex
communications systems. Its initial development began in 1967 specifically for application
to communications systems and employs the complex envelope or analytic signal approach
to modulated carrier communications systems. Utilization of SYSTID has significantly
decreased the analyst’s time required to solve a problem. This is due to both the user
orientation of the language and the computational facilities available. SYSTID accepts as
input a topological block diagram description of the particular system along with necessary
parameters and run controls.

A SYSTID simulation program is capable of evaluating the performance of a complex
system consisting of any number of filters and nonlinearities in any order. It is
unconstrained by the number and types of elements other than limits imposed by computer
size. The model libraries allow the user to specify such things as data input sequences,
modulator types, modulator imperfections, filter types, non-linearities, noise sources,
demodulator types and demodulator imperfections. System calibration models such as
noise bandwidth, group delay, power measurements, and other models that expand the
direct applicability and flexibility of the software system as a whole are included in the
model libraries.

SYSTID offers the user a great deal of flexibility in the representation of system
elements. Any system element that can be represented by a library model or a FORTRAN
routine can be used as an element in the system description. An element may be defined
as:

1) a SYSTID library model
2) a user written SYSTID model
3) an arithmetic expression involving any constant, variable, intrinsic SYSTID

parameter, FORTRAN library function, SYSTID library function, model node,
or any user supplied FORTRAN function



In addition, FORTRAN declaration and executable statments may be intermixed with the
topological problem description.

SYSTID has the additional flexibility of linking to user defined postprocessing routines.
This allows the user to access the time histories of any node or variable for further
processing or analysis. Separate utility routines are also available to perform input and
output processing for the user. The performance analysis estimators (e.g., spectra,
distortion, etc.) are usually implemented as postprocessors.

The flexibility of SYSTID is in part attained by designing the program to execute as a
multipass processor in a batch or demand (timesharing) mode of operation. Figure 1
presents one form of describing the information flow pertaining to SYSTID. The user
normally describes a problem from a terminal using an editor to create a disc file for input
to the translator. The translator reads the user topology and parameter description and
proceeds to generate the corresponding FORTRAN routines for the specific problem. In
this phase the translator checks for input errors such as erroneous model references,
Inconsistencies and typographical errors in which case appropriate error messages are
issued. Following translation, the FORTRAN routines are compiled and loaded with the
model and system libraries to form the executable module which is then started. Results of
the simulation may be optionally saved on disc data files for access by interactive output
modules or as inputs to other simulation or analysis processes.

The user, because of the two phase aspect of SYSTID, has available several techniques
for controlling computer runs and ensuring that the most effective use is made of both his
time and computer time. One method is to save the results of the translator (FORTRAN
routine and/or executable modules) for subsequent reruns with alternate parameters. A
rerun would simply entail a load-go operation with the alternate parameter values provided
at run time.

The SYSTID model library contains a large set of routines, written either in FORTRAN
or SYSTID, which have been stored on a library file and cataloged in the SYSTID
directory. The user at any time can modify or replace the library and directory. Thus, every
user can create his own library as it pertains to his problem. One useful characteristic of
SYSTID is the capablility of nesting models, that is, any model (or system) can reference
any other model(s) other than itself. This nesting feature provides the user with the tools
necessary to build an extended library based upon a canonic set of models. An example
might be a receiver that is used in several systems, where the receiver consists of a
downconverter, prodetection filter, demodulator and postdetection filter. Another
specialized nested model might be a phase-lock-loop.



Most of the models in the library have been developed iteratively with their hardware
conterparts, making them as realistic as necessary for their simulation role. Also, most of
the models have been implemeted for both complex envelope and direct simulations.
Complex envelope modeling requires an analytic signal where the signals are represented
as the envelope of an arbitrarily translated or removed carrier, whereas, for direct
modeling the signals are not translated and the carrier is retained in the simulation.

It should be apparent that use of a comprehensive operating system is implied in
Figure 1. Historically, SYSTID simulations have been performed on large general purpose
(i.e., expensive) computers such as UNIVAC 1108 and IBM 370 type machines.
However, Hughes has recently configured a minicomputer coupled with an array processor
specifically for performing communications and signal processing system simulations.

Figure 2 shows the current hardware configuration of the Communications Systems
Simulator (CSS). The CSS consists of a moderately sized PRIME 400 computer with 600
megabytes of disc storage, seven directly connected and two dial-up terminals, a graphics
terminal, a data tablet, printer and plotter peripherals, and a moderately sized Floating
Point Systems AP-120B array processor. The PRIME’s timesharing, multi-user operating
system (PRIMOS IV) is very comprehensive and includes editors, compilers, loaders, disc
file system, RJE capability, networking, batch processing, etc. and is similar in function to
the large scale systems. Also, it is a virtual system allowing up to 32 megabytes of direct
address space per user, thus alleviating the software development and computer size
constraints encountered in large simulations.

The speed of the PRIME 400, as with most other minicomputers, is less than the larger
machines but still very respectable. The array processor, however, is capable of
performing highly organized floating point operations at a rate of 12 million floating point
operations per second (by comparison, the CDC 7600 does 5 megaflops as reported in
IEEE Spectrum, August 1976) .... a very intimidating speed for such a little biege and
green box. With this configuration, we are able to generate and manage our software,
inputs and outputs on the PRIME, and direct the heavy computational load associated with
simulations to the array processor (e.g., transforms, correlations, etc.).

As mentioned earlier, SYSTID simulations prior to the installation of the CSS were
performed on large scale computers in the classical batch environement. Modification of
SYSTID to utilize the array processor capability consists of modifying the model library
and not the translator. However, to fully realize the minicomputer and array processor
potential, the SYSTID translator and model libraries are In the process of being
restructured and enhanced.



SIMULATION EXAMPLE

Figure 3 shows the signal flow block diagram of an 80 Mbps experimental linear test
setup (discussed in Reference 7) capable of operating in either MSK or OKQPSK modes.
For each configuration, MSK and OKQPSK, various channel filters were located between
the transmitter and receiver. The filters were 7 pole Chebyshev designs differing only in
bandwidth. The filter bandwidths were 40, 56, 80, and 113 Mhz. An additional 56 Mhz
self-equalized filter was also constructed having an amplitude response very similar to the
Chebyshev designs but with much less group delay variation across the filter passband.
The above system was configured using various detection filters (i.e., integrate and dump
and several passive 2 pole Butterworth filters with various bandwidths). The computer
simulations were configured to match the hardware. To provide realism to the simulation
results, the actual amplitude and phase responses of the channel filters were measure and
used in the simulation. These measurements were read into the SYSTID filter model
implemented in the frequency domain (FREEKY). Imperfections in the experimental
modulator and demodulator (see Figure 3) were estimated and used in the simulation.

 As an example of a simulation program, the SYSTID input needed to sumulate the
OKQPSK configuration is given in Figure 4. Listed is the complete SYSTID definition of
the above system’s topology and parameters, which illustrates the simplicity of the
simulation setup and the inputs. The models used in the simulation are contained in the
model library. The modulated carrier signal is output by the OKQPSK modulator which
uses two independent pseudonoise (PN) bit sequences to represent the data modulation.
Phase and amplitude imbalances, rise/fall times, skew offset between inphase and
quadrature sequences, and bias distortion are controlled by model input parameters. One of
several measured channel filters can be selected to represent the channel. Following the
channel filter, noise is simulated simply by generating the signal at the bit detector output
and evaluating the Gaussian distribution function with knowledge of the noise level.
Measurements of the system time delay and the noise bandwidth of the receiver are
automatically made and subsequently used in the bit error rate estimator. In the receiver,
detection phase offset and timing offset bias are controlled by input parameters. The
detection filter in this particular simulation description was an integrate and dump.
However, any appropriate detection filter can be used by a simple statement change.

The accuracy of the simulation approach has been substantiated many times by the
excellent agreement between hardware measurements and computer simulation
(References 4, 8 and 9). As an example of this excellent agreement, Figure 5 shows the bit
error rate (BER) comparison between the experimental test setup measurements and the
simulation of the OKQPSK system illustrated in Figure 3. Other BER comparisons ( using
a setup similar to Figure 3) showing excellent agreement between measured and simulated
results are given in Figures 6 through 8 respectively for the following:



TRANSMIT RECEIVE

OKQPSK no weighting, 2 pole detection filter

MSK sinusoidal weighting, 2 pole detection filter

MSK no weighting, 2 pole detection filter

Since the simulation allows for time waveform plots at any point in the system, it is
possible to compare the breadboard and simulation detected waveforms. Figure 9, which
corresponds to the MSK configuration with sinusoidal weighting in the receiver, shows a
comparison between the breadboard and simulated detected waveforms at a receiver
detection filter input. The photograph represents breadboard data modulated on an MSK
carrier which was passed through an 80 Mhz channel filter and recovered in the receiver.
Similarly, the plot depicts the processed simulation data which was filtered by the 80 Mhz
channel filter model characterized by measured point-by-point data of the actual filter. The
similarity between these two data waveforms ensures that the excellent agreement between
measured and computed results was not caused by cancellation of various system
imperfections in either the hardware or the simulation.

SUMMARY

A flexible, user oriented, cost effective software/hardware simulation system with a
simple setup procedure, efficient computer run time and accurate system performance
predictions has been developed and introduced. A comprehensive communications system
model library exists, with most models developed/verified with hardware test results.
Excellent agreement between experimental test data and computer simulation results has
substantiated the accuracy of the simulation system and thus supports the usefullness of
this system as a performance prediction tool.
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FIGURE 1.  COMMUNICATIONS SYSTEMS SIMULATOR SOFTWARE
CONFIGURATION

FIGURE 2 . COMMUNICATIONS SYSTEMS SIMULATOR HARDWARE
CONFIGURATION



FIGURE 3.  BLOCK DIAGRAM OF OKQPSK SYSTEM

Figure 4   SYSTID input for OKQPSK Error Rate Estimation



FIGURE 5.  MEASURED AND SIMULATED BER PERFORMANCE
FOR OKQPSK AND I&D DETECTION FILTER

FIGURED 6.  MEASURED AND SIMULATED BER PERFORMANCE
FOR OKQPSK AND TWO-POLE BUTTERWORTH DETECTION

FILTER (BW = 21.5 MHZ)



FIGURE 7.  MEASURED AND SIMULATED BER PERFORMANCE
FOR MSK (SINUSOIDAL WEIGHTING) AND TWO-POLE
BUTTERWORTH DETECTION FILTER (BE = 21.5 MHZ)

FIGURE 8.  MEASURED AND SIMULATED BER PERFORMANCE
FOR MSK (NO WEIGHTING) AND TWO-POLE BUTTERWORTH

DETECTION FILTER (BW = 21.5 MHZ)



FIGURE 9.  COMPARISON OF COMPUTED AND ACTUAL
DATA WAVEFORMS FOR MSK (SINUSOIDAL WEIGHTING)

WITH 80 MHZ CHANNEL FILTER
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ABSTRACT

The genesis and design of a unique Tracking, Telemetry, and Command (TT&C) System
for the Navstar Global Positioning System (GPS) is described from the perspective of the
System Architect/Engineer. Working from the diverse and sometimes conflicting mission
requirements, derivative performance requirements for the TT&C System were generated.
System design tradeoffs were performed in an effort to compromise conflicting
requirements which affected the frequency domain, link budgets, antenna sizing, and
modulation schemes. The characteristics of the resulting TT&C System included the
following:

a. Primary uplinking to the satellite on a spread spectrum secure link at X-Band.

b. Use of a closed-loop uplink which takes advantage of existing onboard functions as
references to achieve precise ground-space synchronization.

c. Incorporation of state-of-the-art error control techniques to achieve high net data
throughputs with concurrently “zero error” data transfer from ground to space.

d. Hybrid frequency ground antennas to accommodate both the primary and backup
command links, with compatible telemetry downlinks. A common S-Band frequency
input within the satellite to both the primary wideband Pseudo Random Noise (PRN)
correlation receiver and the backup Space Ground Link System (SGLS) receiver.



INTRODUCTION

A unique TT&C System is described from the perspective of the System Architect/
Engineer. The System Architect/Engineer is that species of Systems Engineer who
interprets and helps define the mission and system requirements, develops the overall
system design concept and interfaces, resolves conflicts, allocates functions between the
space and ground segments, and monitors the system throughout its detailed design,
development, and operational deployment phases.

The case at hand is the TT&C System for the operational Navstar GPS. Representative
technical characteristics of this new design are described in the way that the system design
and requirements evolved (their genesis), as opposed merely to reprinting the technical and
functional requirements as they were finally depicted in the Request For Proposal (RFP).

THE SYSTEM ENGINEERING PROBLEM

The system engineering problem was to design a TT&C System for the operational
Navstar GPS which could satisfy several constraints, including:

a. The CPS Mission timelines and operational scenarios.

b. Integrated control of the space vehicle housekeeping functions with mission payload
management.

c. The GPS threat model.

d. TT&C compatibility with GPS Phase I test satellites.

e. Reduced ground antenna sizing to achieve lower unit cost, increased reliability, and
transportability/mobility.

f. Adequate system definition to enable separate competitive procurements for the
ground and space segments to a common interface, while at the same time soliciting
industry ingenuity in detailed design implementation.

GPS Mission Constraints.  The Navstar GPS is a space-based radio navigation and
positioning system that will provide extremely accurate three dimensional position and
velocity information plus system time both to authorized Department of Defense (DoD)
users and for general civilian use worldwide. The system utilizes 24 satellites for
broadcasting coded navigation messages continuously on two different radio frequencies at
L-Band. Mission models and preliminary timelines were developed from the above mission



summary, and these led to the development of specific derivative performance
requirements for the satellite TT&C System. A few examples are cited below.

Sizing The Uplink Channel.

Uplink Net Data Throughput Rate.  An uplink net throughput rate evolved, both for getting
emergency commands into a satellite for “safing” or other critical functions and for the
ability to upload the payload processor rapidly with up to 256,000 bits within a reasonable
time. Since these requirements were replicated over the entire constellation of satellites,
and because both mission payload support and TT&C passes could be required for each
satellite more than once/day, the net throughput was established at a nominal 1-2 kbps.
The system was also required to have the capability to vary the net data throughputs and
transmission rates downward if necessary to accommodate noisy or jamming operational
environments.

Uplink Undected Bit Error Rate (BER).  The GPS user airplane, ship, or jeep is assured of
three dimensional position accuracy to a few meters anywhere on the globe plus precise
time information. These system accuracies require that each satellite be uploaded often
enough to keep the prediction intervals reasonably short, and that the ephemeris and other
broadcast data from each satellite be correct. The ground system, therefore, must not only
calculate accurate ephemeris and clock predictions for each satellite, but these data must
be uploaded “essentially error free” into the payload processor for subsequent broadcast to
all users.

Various analytic methods were used to derive the equivalent numerical undetected BER
which corresponds to the requirement to upload payload data “essentially error free”.
Reference 1, for example, assumed continuous uploading at 2 kbps, a maximum upload
block size of 256,000 bits, and a 10-6 probability of having one or more undetected
erroneous uploads in one day. The conclusion, consistent with other analytic approaches,
was to establish an undetected BER requirement of 10-15. Establishing this 10-15
requirement was, however, an iterative process which involved investigation of various
error control schemes to ensure that it could be met by available and reliable technology.

The generation of a single performance requirement for the TT&C System has been
described, but this is only the beginning of the Architectural process. To derive numeric
requirements from the Mission Model which are impossible, uneconomical or impractical
to implement is clearly not the appropriate System Engineering practice. Therefore, for this
as well as all other critical requirements, strawman analyses and designs were developed
to ensure that the requirements specified to the space and ground contractors were feasible
to implement. In the case of the undetected BER, numerous analyses and reviews of
hardware state-of-the-art were undertaken to ensure that reliable error correction and



detection technology exists to do the job. For example, various block cyclic error detection
codes and several BCH (n, k) error detecting codes were analyzed (References 1 and 2)
and found to be capable of satisfying the requirement, assuming a typical average BER of
10-5 in a Gaussian noise channel. The analyses took into consideration the code lengths
and efficiencies, since another TT&C System requirement to be met is to complete a
mission upload within seven (7) minutes in the worst case jamming environment.

Interaction With Industry.  The next stage of the design evolution was to permit industry to
work detailed designs around the framework of the established design concept and
interfaces. The ground TT&C RFP (Reference 3) required bidders to trade-off different
error correction and detection techniques to fulfill the various performance requirements
which have been discussed. Pursuant to the selection of the Contractors who would
execute the final design, a detailed Interface Specification would be mutually coordinated
under the auspices of the SAMSO Project Office and the Aerospace Corporation to assure
a workable interface.

Compromising Conflicting Requirements.  As the statement of the System Engineering
problem implied, the design of a TT&C System to satisfy the complex GPS mission
imposes somewhat conflicting design requirements. Thus a clear desire to develop
reasonably small, inexpensive, reliable, and transportable ground antennas is antithetical to
the development of a system which can be safe against various potential RF interference
threats. In addition, since a requirement was imposed that the new TT&C System be
compatible with the early test satellites, this appears to remove a degree of freedom when
performing design tradeoffs. Few variables remain to be traded, namely: the frequency
domain, effective radiated power (ERP), and some means of achieving processing gain.
The following discussion will describe the requirement to protect the GPS mission, and
then consider how the diverse requirements were addressed to reach a compromise system
solution.

Need For GPS Mission Protection.  Because of the vital nature of GPS in supporting both
critical Department of Defense (DoD) Systems and civilian air and sea navigation, the
operational GPS satellites must not be susceptible either to inadvertent or even willful or
malicious interference. Specifically, unauthorized commanding or mission data uploading
must not be possible. Further, it must not be possible to prevent the GPS TT&C System
from performing these functions. As a consequence of the need to protect such a critical
and costly resource, the GPS TT&C System had to accommodate the ability to secure all
uplink command and payload data as well as downlink telemetry data. A powerful error
control technique would be implemented to ensure and validate proper information transfer
to the satellite. In addition, sufficient ERP and/or processing gain had to be provided to
protect against potential jamming of the spacecraft receivers since there has been a marked
rise in the sophistication and daring of renegade guerrillas who would be pleased to



hamper the defense posture of sovereign nations and their civilian international and
national air travel.

Uplink Frequency Selection.  In response to the requirement to reduce aperture sizes both
on the spacecraft and the ground if possible, various portions of the RF spectrum were
investigated. Link budget analyses showed that even with the greater free space loss at
higher frequencies, there was equal or better performance at several higher portions of the
spectrum than in the lower part, while simultaneously reducing antenna and other hardware
size. For example, X-Band performed essentially as well in power budget calculations as
S-Band. S-Band (1.8 - 2.2 GHz) had been used in the GPS Phase I test satellites and is an
extremely crowded part of the frequency domain, with many overlapping users both in the
space-ground and terrestrial applications. Further, there is only a 5 MHz channel available
at S-Band for uplinks, and this would not support any of the known techniques for
achieving significant processing gain advantage in a jamming environment. At X-Band,
however, the ground and space hardware size could be reduced substantially, and there
was more spectrum available to support advanced modulation schemes (such as the spread
spectrum technique eventually selected). Additionally it was found that both space and
ground hardware had been developed for the X-Band region which was compatible with
the requirements of the system, thereby minimizing development risk. Accordingly,
X-Band was selected as the primary uplink frequency.

Downlink Telemetry Frequency.  The selection of the frequency to be used for satellite
downlink telemetry was based on different considerations. Satellites potentially may
become unstable, so that an earth-fixed directional telemetry antenna may not then be
pointing earthward. If this should happen, an omnidirectional telemetry antenna is required
to effect recovery commands and readouts from the spacecraft. However, any attempt to
reduce ground aperture size is contrary to this requirement and requires either a directional
(high gain) satellite antenna, more power, or both. Various tradeoffs were accomplished to
ascertain the relationship of the amount of gain of the satellite telemetry antenna to the
ground antenna size. Figure 1 is indicative of these studies. Figure 1 shows that the
ornnidirectional antenna under the assumed conditions required a 32 foot diameter ground
antenna; that a medium gain antenna of 6 dB would close the link into a 16 foot antenna;
and that a directional, earth coverage antenna with average gain of nearly 13 dB worked
into an 8 foot dish. The telemetry link was subsequently specified based on the operational
GPS requirement to transmit 64 kbps telemetry, and unless larger transmitters were used,
the link would require the equivalent of a 9-turn helix to meet the gain of the earth
coverage antenna. As a consequence, the satellite specification was written to require that
two telemetry data rates should be provided, 64 kbps and 500 bps. Further, it was required
that if the satellite lost earth lock, two automatic switch functions must take place: a switch
from the earth coverage directional S-Band antenna to a backup omni at S-Band, and a 



switch from the 64 kbps down to 500 bps, a factor of 128 (21 dB) to make up for the loss
of the high gain antenna in the link.

X-Band for the downlink telemetry was considered less desirable than S-Band owing to
the greater design problems and physical space problems on the satellite of achieving
omnidirectional transmission at the higher frequency.

Design of Closed-Loop Uplink.  The rationale for selecting X-Band as the command and
payload data uplink frequency has been discussed. It has been indicated that various
functions which already existed in the payload came to influence the required bandwidth of
the X-Band uplink channel and the modulation technique to be employed. The GPS
satellite payload incorporates an atomic frequency standard such as rubidium or cesium
with extremely good long-term frequency stability, on the order of 10-12 to 10-13 . Further,
the payload uses a PRN code generator to generate the 10.23 mbps code with which user
receivers correlate to determine the range, range rate, and code state for purposes of
navigation. Based upon these and other considerations, such as the need to achieve
processing gain against potential RF interference, it was decided to implement a closed-
loop system as the best way to satisfy the accuracy, timing, and mission protective
requirements imposed on the GPS TT&C System (see Figure 2).

The ground TT&C computer, under either schedule or operator control, will provide either
satellite commands or payload data for transmission on the uplink. The uplink format will
be dependent upon this selection. This source command or payload data will be encoded
for error correction/detection and may be interleaved as necessary for burst error
protection. Overhead and control data is added into the format to enable the satellite
properly to interpret the received information. The ground TT&C System incorporates a
GPS PRN type receiver to track the satellite PRN navigation signal on L-Band. This
received signal is advanced and then adjusted in phase and frequency so that when it is
turned around and transmitted back up to the satellite, it will arrive there in synchronism
with the satellite onboard PRN reference (within + 150 nanoseconds). Before uplinking the
PRN signal, however, it is passed through a security device and modulo-2 added to the
encoded command or payload data. Thus, command or payload data at a nominal 1-2 kbps
(or less) will be modulo-2 added to a secure PRN wavetrain and transmitted at a 10.23
mbps symbol rate to the satellite on X-Band by use of Phase Shift Key (PSK) modulation.

The satellite TT&C System also incorporates a simplified PRN receiver, since most of the
PRN tracking function has been transferred to the ground so as to achieve maximum
simplicity and reliability in the satellite.

Onboard the satellite, the TT&C System obtains a reference PRN navigation signal from
the payload which is the identical signal being broadcast and tracked by the ground TT&C



L-Band receiver. This signal is passed through a spaceborne security device identical to
the one on the ground and input to a modulo-2 adder. The other input to the satellite
modulo-2 adder is the output of the satellite PRN correlation receiver which has
demodulated the wideband X-Band signal from the ground. The output of the spaceborne
modulo-2 adder will be the identical encoded command or payload data that originated in
the ground TT&C computer. This results from the self cancellation characteristic of
successive modulo-2 additions.

The product of the modulo-2 addition on the satellite is then error checked/corrected, de-
interleaved as necessary, and routed either to the command decoder for execution, or to
the payload processor for storage.

Backup Command Links.  At least two important system considerations led to the addition
of a backup S-Band command uplink in the TT&C System. First, the primary X-Band
uplink system is synchronized to the satellite onboard reference. Thus, if the operational
frequency standard on the satellite should fail completely or if the satellite should tumble,
it would not be possible for the TT&C System to track the L-Band PRN downlink and in
turn synchronize the uplink to the onboard PRN reference. Satellite components do fail,
and there are planned to be at least three atomic frequency standards on each satellite.
However, some sort of backup command link would be necessary to command the
redundancy switchover. Secondly, it was stated that there was a requirement for the
system to be compatible with any residual Phase I test satellites still functioning in orbit at
the time of deployment of the operational TT&C System. Those test satellites employ a
rather standard Military S-Band SGLS command link. So it was decided that both critical
functions could be accommodated by the use of an S-Band, SGLS uplink as a backup to
the primary X-Band channel. This S-Band link is a ternary system (1, 0, and S bits) which
FSK modulates each of the ternary states onto separate subcarriers at 1 kbps. These
subcarriers are subsequently phase modulated onto the SGLS composite baseband signal,
and radiated at 1.8 GHz to the satellite. The return downlink telemetry will biphase
modulate a subcarrier on an S-Band 2.2 GHz downlink carrier.

A final alternate uplink capability became available at essentially no cost when it was
discovered that the S-Band ternary data, when upconverted to X-Band and transmitted in
the Standard narrowband SGLS ternary format, could be received by the satellite.
Preliminary design analyses of the satellite had shown that it was advantageous to have the
PRN wideband receiver and the SGLS ternary receiver operate off a common intermediate
frequency. Therefore, all X-Band signals received at the satellite would automatically be
downconverted to some intermediate S-Band frequency which was the same frequency
expected by both types of receiver. To prevent confusion or one link from jamming the
other, priority logic was added in the satellite so that a valid X-Band PRN uplink signal
would always be selected.



CONCLUSION

A difficult System Engineering problem; namely, to design a TT&C System capable of
supporting the diverse mission and technical requirements of the Navstar GPS has been
addressed. The evolution of the specific performance requirements and system trade-offs
as well as the means to compromise conflicting system requirements has been represented.
The resulting design is a multiple frequency (See Table I) TT&C System with considerable
operational flexibility and redundancy. The performance and technical characteristics of
the GPS TT&C System are described as they ultimately evolved from the perspective of
the System Architect/Engineer so that greater insight could be gained into the genesis of
those specifications which are finally imposed upon industry.
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FIGURE 1.  DOWNLINK CONSIDERATIONS FOR S-BAND
TELEMETRY LINK

FIGURE 2.  GPS CLOSED LOOP TT&C SYSTEM



Table I:  TT&C RF Links

Function Frequency Channel Bandwidth Modulation

Primary Uplink X-Band 20 MHz Spread Spectrum
PSK

Backup Command:
S-Band

X-Band

5 MHz

5 MHz

FSK/PM

FSK/PM
(SGLS Ternary)

Telemetry Downlink S-Band 128 KHz SGLS PCM (BPSK)
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ABSTRACT

LES-8 and LES-9 are two experimental communication satellites designed and built for the
Air Force by the M.I.T. Lincoln Laboratory. The on-board telemetry systems were
designed not only to monitor the spacecraft on orbit but also to provide significant test
support capability during subsystem development and spacecraft integration and test. Each
system is configured in a distributed form, with remote Telemetry Input Converters (TICs)
located in various subsystems communicating with a central Telemetry Output and Control
(TOC). Salient features include 1) modular design of TICs permitting tailoring to specific
subsystem requirements, 2) accurate analog measurement capability (.025% of full scale)
over 140EC ambient temperature (-60EC to +80EC), 3) cross-checking of analog-to-digital
converters via a high stability (50 microvolts) stepped calibration source, 4) flexible word
allocation permitting late freezing of formats, 5) digital organization with individual parity
check on each word, 6) sub multiplexing capability, 7) dual speed operation at 100 bps and
10-Kbps, and 8) downlink capability via a variety of rf links. Descriptions of overall
operation and performance along with design considerations in critical areas are covered in
detail.

INTRODUCTION

LES-8 and LES-9 are two experimental communications satellites designed and built for
the Air Force by the M.I.T. Lincoln Laboratory.1 The spacecraft are designed to operate in
a synchronous ecliptic orbit and to communicate crosslink from satellite to satellite as well
as with surface terminals. Early in this program it became apparent that the complexity of
these spacecraft and the degree of testing required would demand significant departures
from the telemetry techniques incorporated in previous Lincoln satellites. Several months



of planning and discussion evolved a number of concepts which had primary impact on the
configuration and design of the telemetry system:

1.  Distributed Design - The system would be configured with remote Telemetry Input
Converters (TICs) controlled by a central Telemetry Output and Control (TOC). TICs
would be housed in subsystem packages where possible or be provided as small packages
to be incorporated in subsystems. Analog-to-digital conversion functions and data
serialization would be handled exclusively in TICs, permitting a simple 3-wire interface to
the TTCs and significantly reducing harness weight. The TOC would handle format
determination, telemetry bookkeeping data and parity generation. This configuration would
lend itself to early integrating of TICs with subsystems, in many cases at the breadboard
level, eliminating many interface problems which arose during spacecraft integration on
prior programs.

2.  Flexibility - Initially, engineers were unrestricted as to the quantity of telemetry points
to be included in a subsystem. A modular design was created for the TICs, permitting
exact tailoring to the needs at a specific subsystem. The TOC was designed for a late
format freeze to allow maximum time for determination of TIC requirements.

3.  Digital Organization - The telemetry system would be digitally organized, allowing
simplicity of integration with subsystems, error check via parity techniques, and
compatibility with ground terminals.

4.  Test Capability - Paramount in evolving the system design was the intent to employ the
telemetry system as a test instrument from subsystem development through final spacecraft
testing. Analog measurement capability would be accurate to 12 bits over a wide
temperature range (-60EC to +80EC). Additional sensitivity would be available when
necessary for low level functions, e.g., diode-rf power detector outputs. TICs would be
operable in a stand alone mode with auxiliary equipment for local data display or computer
interfacing. Two data rates would be provided, 10-Kpbs for test operations and 100-bps
for long term monitoring on orbit.

Salient characterisitcs of the system ultimately resulting from these considerations are
summarized in Table I.

TELEMETRY SYSTEM ORGANIZATION

A block diagram of the telemetry system is shown in Fig. 1. Data gathering is handled by
15 TICs which are interrogated in sequence by the TOC. Communications with the TOC is
via a three-wire interface consisting of 1) a reset line which when pulsed initializes the TIC
for reading its first word, 2) a clock line which supplies either high-rate or low-rate clock
to drive the TIC, and 3) a serial data readout line from the TIC to the TOC.



Fig. 1.  Telemetry System Block Diagram

The TOC provides all formatting and rate control. Redundancy is provided by a second
identical TOC which is unpowered. Outputs of both units are open collector TTL logic
which as paralleled. Output drive capability of the active unit is sufficient to handle the
parasitic loads of the “cold standby”. Switching to the redundant TOC merely involves
interchanging power to the units.

A variety of rf downlinks are available for telemetry transmission. The principal link is at
S-band (2.24 GHz for LES-8, 2.25 GHz for LES-9). The S-band transmitter can be
operated at two power levels. The primary S-band antenna is mounted on the earth-
viewing platform. A secondary aft antenna (normally pointing away from the earth)



provides a 12-dB lower output; this antenna was a precautionary measure in the event of
poor spacecraft orientation after launch. In the high-power mode through the primary
antenna, an earth terminal with a 10-ft dish can receive high rate (10-Kbps) telemetry.
Low-rate telemetry must be used for smaller earth antennas or with the low-power mode.

Other telemetry downlinks available are at UHF and K-band. Either high-rate or low-rate
telemetry can be transmitted at UHF with one exception -- high-rate telemetry is not
available to UHF if low rate is being transmitted on S-band. Only low-rate telemetry can
be transmitted at K-band, either downlink or crosslink. If the latter, the second spacecraft
can retransmit the telemetry on a downlink, thereby affording crosslink telemetry
monitoring of one spacecraft by the second.

Organization of telemetry word structure is shown in Fig. 2. The choice of 12-bit analog-
to-digital conversion dictated this length for digital words as well. A 4-bit parity is
generated by the TOC and appended to the data. Validity of data via parity checks proved
of great value in faciliting spacecraft integration and testing.

Fig. 2.  Telemetry Word Structure

TELEMETRY INPUT CONVERTERS (TICs)

Because of the wide range of TIC requirements, a modular “building block” approach was
adopted, permitting TIC synthesis from five different modules. Advantages to this
approach are: 1) simplicity of TIC design and revision, 2) minimization of spares
inventory, 3) minimization of pc layout efforts. The five modules are: D-TIC (Digital TIC
Multiplexer) S-TIC (Slave TIC Multiplexer), A-MUX (Analog Multiplexer), ADC
(Analog-to-Digital Converter), and DRA (Dual Range Adapter).

The D-TIC is a required module in all TIC designs. It interfaces the TIC to the TOC and
performs the parallel-to-serial data conversion. In addition, it can multiplex up to six 12-bit
input ports. The S-TIC is used to increase the digital input capability of the TIC beyond
that afforded by the D-TIC. The A-MUX and ADC are added if analog voltages must be
monitored. The DRA is employed when increased analog sensitivity is necessary.

Multiplexing operations in a TIC are cascaded and always happen in the same order,
D-TIC multiplexing occurring first, S-TIC multiplexing next, and A-MUX multiplexing
last. Two functional aspects are common to all multiplexing modules: 1) Receipt of a



RESET pulse from the TOC initializes these modules; 2) after completing its own
multiplexing sequence, each module begins outputting STEP pulses which drive the next
unit in the cascade and which continue until another RESET.

Spacecraft digital system electronic packaging incorporated a standarized 4" by 5" pc
board with either 40 or 80 I/O pins. All modular functions were tailored to these boards,
resulting in single board packaging for each module except for the ADC, which required
two boards.

Digital TIC Multiplexer (D-TIC)

The D-TIC, as shown in Fig. 3, has six 12-bit input ports. The module is programmed by
jumper wires on the pc board to multiplex from two up to six input ports. When RESET
occurs, the 12 bits of data at port 0 are sampled and then shifted out serially on the DATA
line to the TOC. This action continues at each port until the final port programmed by the
jumper wires is reached. At this point the advancement halts, and the final port is
repeatedly sampled and serialized until the next RESET occurs. After the first sampling of
this port, the D-TIC generates STEP pulses for advancement of subsequent multiplexing
units. An S-TIC can be connected to the final part for digital expansion or an ADC for
converted analog data. Hence the D-TIC provides from one to five normal ports plus an
expansion port.

Fig. 3.  D-TIC Module

Slave TIC Multiplexer (S-TIC)

The S-TIC (Fig. 4) is a digital multiplexer with five 12-bit input ports plus a 12-bit output
port. Operation is similar to the D-TIC. RESET initializes the module, connecting port 0 to
the output port. STEP pulses from the preceding module sequence the output connection in



turn to ports 1, 2, 3 and 4. The output then remains connected to port 4 which thus serves
as yet another expansion port. In this manner, S-TICs may be cascaded indefinitely to
provide any number of digital word ports. After halting at port 4, an internal gate is
enabled, allowing STEP pulses to be outputted to the next multiplexing unit.

Fig. 4.  S-TIC Module

Analog Multiplexer (A-MUX)

The A-MUX (Fig. 5) successively switches up to 32 analog inputs for A/D conversion.
RESET initializes the A-MUX so that input 0 is channeled through the output to an ADC.
STEP pulses from the preceding multiplexer then advance the selected input until input 31
is reached. This input stays connected to the A-MUX output until the next RESET. If
additional analog inputs are required, input 31 can serve as an expansion port to a second
A-MUX. Input 31 of the second A-MUX (first if only one A-MUX is used) is connected
to a calibration output from the ADC. When this input is reached, the STEP pulses from
the A-MUX initiate an Automatic Calibration Cycle which corrects scale factor and null
offsets of the ADC/A-MUX combination. Since this correction process is valid only for
the cascaded gain and offset as seen through this input, cascading more than two
A-MUX’s is not recommended.

Analog-to-Digital Converter (ADC)

Design objectives for the ADC included a conversion time less than 1.2 ms for
compatibility with the 10-Kbps telemetry rate 12-bit resolution, and long term absolute
accuracy. The 1.2 ms requirement initially appeared beyond the capability of integrating
converters, so a successive-approximation ADC was designed. Although this converter
met the design objectives, it was a rather cumbersome circuit, in part because it used FET
switches with low-power discrete-component switch drivers.



Fig. 5.  A-MUX Module

The complexity of the successive-approximation circuit plus its dependence on a number
of precision resistors for accuracy led to a reconsideration of integrating techniques. In
particular, a novel autocalibration method was developed whereby offset and scale factor
were automatically and frequently corrected as a result of conversions performed on two
well defined calibration voltages. The result was a fast, simple circuit requiring no critical
components other than the Zener reference used to derive one of the calibration signals.
With several converters in the telemetry systems, each converter is online for processing
telemetry data only a small fraction of the total time. Thus the autocalibration operation
can be performed during the offline time.

A simplified schematic diagram that emphasizes the analog portions of the A/D converter
is shown in Fig. 6. The measurement (as opposed to the autocalibration) mode of operation
is described first. During measurements, the zero and scale factor correction voltages
shown are fixed, and the multiplexer connects the input of OA1 to one of the analog
voltages being measured. The integrating amplifier (OA2) output is initialized to zero volts
by closing SW2. To start the integration cycle, SW2 is opened with SW1 in the position
shown. Since the input signal to OA1 is assumed to be positive and constant (the ADC is
designed for unipolar operation), the integrator output is a negative ramp with a slope
proportional to the input voltage.

This integration continues for 4096 counts of a nominal 10 MHz clock (nominally 0.4 ms).
At the end of this interval, SW1 is switched to the negative reference (through the summing
node), the ramp slope becomes positive, and the conversion continues until the comparator
detects a polarity change at the integrator output. According to the litany of dual-slope
integration, if all proceeds well, the time to complete the second portion of the integration
cycle should be proportional to the input voltage.



Fig. 6.  Analog-To-Digital Converter Topology

Unfortunately, error sources are legion, particularly since the high-speed operation
emphasizes the dynamic limitations of the integrator, the comparator, and the switches.
However, most of errors from these circuit imperfections can be decomposed into a linear
combination of offset (or zero) error and scale-factor error. Very few produce
nonlinearities, none of which are significant at the 12-bit level.

For example, an offset associated with OA1 adds algebraically to the input signal and thus
causes only a zero error. An offset associated with OA2 changes the values of both the
input voltage and the reference voltage as perceived by the integrator and thus introduces
both zero and scale-factor errors. Time delays in the comparator, as well as “turn-around”
errors associated with SW, and the dynamics of OA, (in this case a fed-forward 101A
operational amplifier with several megahertz bandwidth, introduce a pure addititive (and
hence zero) error if the integrator-voltage crossing occurs after the turn-around transient is
completed.

Improving the performance of all critical components (at the expense of complexity and
power consumption) until acceptable levels were achieved is possible but cumbersome.
The more practical technique actually used tolerates a relatively low performance level in
individual components but then conducts overall system performance measurements and
makes corrections in an automatic calibration mode to reduce system errors to within
design objectives. This approach exploiting global feedback resulted in a compact,
efficient, and low-power design.



Autocalibration begins when the A-MUX cycles to its last input. In response to the STEP
pulses from the A-MUX, an electronic switch alternately applies voltages corresponding to
0 minus 1/2 LSB (-800 µV) and to full scale minus 1/2 LSB (6.5512 volts) on successive
conversion cycles. Corrections to zero and scale factor are made based on the results of
converting these voltages. If the -800 µV conversion result is less than zero, the zero
correction voltage shown in Fig. 6 is decremented to offset the next conversion in a
positive direction, while if the conversion result is greater than or equal to zero, the zero
voltage is incremented to offset the next conversion in a negative direction. Similarly, if the
6.5512-volt conversion result is less than full scale, scale factor is increased incrementally
for the next conversion by changing the scale factor correction voltage appropriately, while
if the result is a full-scale reading, scale factor is decreased. This process eventually
adjusts the zero correction voltage and the scale factor correction voltage so that the ADC
produces correct readings at zero and at full scale.

In all cases the changes made are approximately 1/20 of an LSB. These small changes
imply that a number of corrective changes must be made to establish initially appropriate
correction voltages and also limit the rate at which parameter changes can be tracked.
Neither of these limitations affects normal operation. The use of small changes does
provide a degree of filtering so that a noisy conversion performed just prior to the end of
an autocalibration cycle does not introduce large errors during the next sequence of analog
input conversions.

This autocalibration includes correction for offset and gain errors in the A-MUX. Because
of the global character of this technique, measurement at inputs near zero are effectively
absolutely accurate, while measurements near full scale are dependent on the stability of
the precision Zener diode used to derive the 6.5512-volt reference. Typical variation in the
full-scale transition is less than 100 µV from 0EC to 50EC.

The residual nonlinearity of the ADC was determined by measuring the exact input
voltages at which transitions between two adjacent outputs occurred. Transition point
maximun deviations from ideal usually resulted for input voltages near half of full scale;
the extreme deviation measured on any ADC tested was less than 500 µV. Similarly, the
noise performance of the circuit was such that the band of input voltages for which two
different output readings could occur was typically 300 µV wide.

The test results quoted above show that the maximum total error from precision reference
variations, nonlinearity, and noise, was less than 1/2 least significant bit at the 12-bit level.
The performance characteristics of this converter are summarized in Table II.



Dual Range Adapter (DRA)

Some analog voltages to be monitored by telemetry were in the range of 50 to 100 mv. The
1.6 mv resolution of the ADC was inadequate for accurately representing these signals. In
order to improve resolution, a DRA (Dual-Range Adapter) was designed.

This circuit (shown functionally in Fig. 7) preceeds the ADC with a gain-range amplifer
that can be set for a voltage gain of either 1 or 16. The gain of 16 is used when the input
signal level is less than approximately 0.4 volt; for larger inputs, the amplifier is set to
unity gain. One bit of the 12-bit data word is needed to indicate the gain-range amplifier
state. This bit is inserted at the beginning of the outputted data word. Each bit from the
converted data is delayed by one bit clock, the final LSB being dropped. Hence, the
resolution of the dual-range ADC was 200 µV for low level inputs and 3.2 mv for high
level inputs.

In order to keep the amplifier input offset voltage small compared to 200 µV, a pulse-reset
stabilization technique was developed. Figure 8 shows the basic circuit topology for this
reset technique. Amplifier OA1 is switched to gains of 1 or 16 by components external to
the circuit shown. When providing these gains, it is configured as a conventional
noninverting feedback operational amplifier connection by means of switches S1, S2, and
S3.



Fig. 7.  VRA Module

Fig. 8.  Reset-Stabilized Amplifier (Reset Mode)

For reset stabilization, consider first the operation with all switches as shown in Fig. 8.
The gain of 104 is supplied by a high-speed direct-coupled amplifier that is flat to beyond
the unity-gain frequency of OA1. The gain of this amplifier combined with the 104R/R
divider provides a unity-gain feedback path from the output of OA1 to its inverting input.
Thus the closed-loop bandwidth of this connection is equal to the unity-gain frequency of
OA1. Because of the resistive attenuator, the voltage VA reaches an equilibrium value equal
to 104 times the offset referred to the input of OA1 Offsets associated with the high-speed
amplifer are not important since this amplifier is preceeded by the gain of OA1).

Reset stabilization is accomplished by closing S4. Since OA2 is connected as an integrater,
the feedback loop via the balance input into OA1 drives the offset of OA1 to zero. When S4

is opened, the integrator stores the proper voltage to keep the offset of OA1 small. Because



of the wide bandwidth of the loop that generates VA, the reset loop can be made quite fast,
an important consideration because only 400 µs are available for the reset operation.

The reset stabilized amplifier typically achieves offsets referred to its input of less than
20 µV, a value small enough not to compromise performance when providing gain for the
ADC.

Special Circuits

In a few cases, the five standard modules were augmented with special submultiplexing
circuitry. Submultiplexing was used only on very slowly changing signals such as
temperature and power supply telemetry points. In TIC 6 two final A-MUXs were
submultiplexed into output 31 of the first A-MUX in alternate formats. TIC 13 actually
consisted of two completely separate TICs submultiplexed by a simple digital switch
which selected the DATA output to be sent to the TOC.

Nearly all of the satellite thermometry was accomplished with a standard resistor-
thermistor voltage divider. The only exception was for some high-temperature
thermometry utilizing platinum-resistance-thermometers for which a special multiplexed
current source was provided.

TIC Configurations

Available space does not permit showing all 15 TIC configurations employed. To illustrate
how the five basic modules can be connected, a representative TIC is shown in Fig. 9. This
TIC can handle 8 12-bit digital inputs and 31 analog inputs. In this configuration, the
D-TIC and the S-TIC first step through the 8 digital inputs, stopping at the last input of the
S-TIC. The input to this port is the digital output from the ADC. Next the analog
multiplexer steps through its 31 inputs with the resultant converted data appearing at the
last input port of the S-TIC.

Table III shows the spacecraft functions monitored and lists the number of digital and
analog points measured by each TIC.

Auxiliary Operation

As previously mentioned, the TICs permit telemetering of subsystems “on the bench”, i.e.,
when the subsystem is not connected to the TOC. In these cases a TOC simulator is
required to provide the interface function. Two types of TOC simulator were developed
during the course of testing that merit discussion.



Fig. 9.  Representative TIC

TABLE III

Spacecraft Telemetry Budget

TIC Spacecraft Function Digital Analog
  # Words Words

  0 Signal Processor   9   0
  1 Freq. Synthesizer   9   8
  2 Alternate Command6   6   0
  3 Prime Command 10   0
  4 K-Band RF System   1 53
  5 UHF RF System   1 60
  6 Pwr. Amps & Temps1   1 93**
  7 X-link Dish Pointing10 10   0
  8 Stationkeeping 22   0
  9 Momentum Wheel   9   0
10 Attitude Control 18   0
11 Sun Sensor 10   0
12 Gas System   4   0
13A* Power System   5 59
13B* Temperatures   4 60
14 Gyro   4 13

TOC 20   0

  * A and B submultiplexed
** 62 inputs submultiplexed



The Telemetry Operating Equipment (TOE) was designed for bench testing. It provided
the TIC-TOC interface and could display selected words in binary, octal, decimal or
correctly scaled voltage readings. Each TOE could interrogate 2 TICs so relatively few
TOE’s could supply extensive support for bench testing.

The communications payload was integrated on a test platform and thoroughly tested for a
year prior to being integrated on the spacecraft. For this testing, a “mini TOC” and a
special buffer memory and interface were constructed to provide telemetry information
from the communications system TICs to the computer controlling the automated testing.

TELEMETRY ANALOG CALIBRATOR (TAC)

To monitor the performance of all telemetry ADCs, a precision digital-to-analog converter
was designed to supply accurate voltages to one multiplexer input of each ADC. The TAC
provides this function.

A functional diagram of the TAG is shown in Fig. 10. The D/A converter is sequenced to
provide a total of 100 output voltage levels in 10 mv steps below 0.4 volt and 100 mv
steps between 0.4 volt and 6.3 volts. In order to eliminate effects of various local ground
potentials (which differed by as much as 2 mv across a satellite), the local ground of the
TIC making a TAC measurement is sensed and added to the output of the D/A.

Fig. 10.  TAC Functional Diagram

Since the TAC applies 100 different levels to a converter sequentially in order to complete
a calibration cycle, the cycle requires 64 seconds at the fast telemetry bit rate and 6400
seconds of the slow bit rate.

The TAC uses reset stabilized amplifiers to minimize voltage offset error. This error is less
than ±25 µV over the temperature range from -40EC to +80EC. Scale-factor error at 25EC
is less than 0.005%, and the average temperature coefficient of the scale factor is less than
±5 ppm/EC.



TELEMETRY OUTPUT AND CONTROL (TOC)

The TOC controls and gathers data from all TICs, multiplexes this data into a repetitive
telemetry format, and provides baseband drive to S-band, K-band, and UHF downlinks.
500 kHz clocking is derived from the spacecraft 5 MHz crystal-controlled master
oscillator system. By ground command the TOC can be operated in either FAST
(10-Kbps) or SLOW (100 bps) mode.

Format

The basic telemetry output format is shown in Fig. 11. Each format consists of 400 16-bit
words organized into 10 frames of 40 words each. The first two words of each frame are
dedicated to TOC-related functions; the remaining 380 words convey 12-bit TIC words
(DATA), each with its corresponding 4-bit, TOC-generated parity check sum (CS). In
FAST mode, a format lasts 0.64 seconds with each word 1.6 ms. In SLOW mode,
operation is scaled down by a factor of 100, a format lasting 64 seconds and each word
being 16 seconds.

Fig. 11.  Telemetry Format

Fifteen of the TOC-related words are for frame synchronization; five convey information
for monitoring TOC performance and deriving higher order synchronization. The 15 sync
words are equally divided among the bit sequences S, þ, and S1. These form a pattern
uniquely recognizable in each pair of frames, enabling receiver synchronization on a frame
pair basis. The three sync words include completed check sums to enhance distinction
from data words, while the sequence of þ S1 provides a unique pattern which cannot occur
elsewhere in the format, regardless of data content. Identity of each frame pair is included 



within word 1 of even frames by 4-bit sequences FRO through FR8, thereby facilitating
full format synchronization within a frame pair.

FAST and SLOW format counts (FF and SF) permit higher order synchronization to
sequences of formats. In FAST mode, FF provides a modulo 100 count of generated FAST
formats and SF provides a modulo 100 count of SLOW format intervals (or hundreds of
FAST formats). In SLOW mode, since FAST format count is not applicable, FF is locked
to zero, and SF provides a count of generated formats directly.

FMT indicates the status of a FAST mode timer for controlling the duration of FAST mode
operation. This timer is a two-decade counter decremented each time the SF count turns
over from 99 to zero, i.e., once every 64 x 100 seconds or 1.78 hours. Decrementing halts
at zero. Setting FMT to any non-zero count via ground command enables FAST mode
operation, while the zero state enables SLOW mode. This mechanism of rate control is a
defense against in-flight lockup in FAST mode if command capability is lost. Such lockup
accompanied by loss of earth pointings for example, could result in telemetry loss because
of the relatively low signal-to-noise ratio inherent in fast-rate telemetry transmission.

MODE indicates the status of rate control facilities, which include over-riding clamps in
addition to the FMT facility. TAG identifies the satellite source as LES-8 or LES-9 and
provides downlink channel identification.

TIC data occurs within the format as continuous sequences of words for each TIC with
TIC selection determined by wire strapping within the TOC. Data bits are transmitted
MSB first. TOC generated check sums for each data word provided indicate all single-bit
errors and all double-bit errors except for one involving the LSB.

TOC Block Diagram

The TOC is illustrated in the block diagram shown in Fig. 12. The divider chain at the
bottom of the diagram generates all necessary timing signals. The incoming 500 Khz clock
is divided by 50 and then by 100 for the basic FAST mode (10-Kbps) and SLOW mode
(100-bps) bit-clocks. The bit-clock in use drives a ÷16 counter followed by a ÷4 and ÷10
stages of a ÷400 word counter. The format-clock from the word counter drives the SF
counter in SLOW mode and the FF counter followed by the SF counter in FAST mode.
The SF counter turnover output decrements the FMT counter. 100 KHz, 400 Hz and
100 Hz clocks are tapped off the divider chain for use by other subsystems.

Bit-clock, bit counter states and word counter states control the TIC SELECTOR for
generation of the RESET pulses initiating operation of each TIC. Jumper wiring on the
TIC SELECTOR permits generation of RESET pulses in any order anywhere in the



Fig. 12.  TOC Block Diagram

format. The RESET pulses also set the SELECTION REGISTER which in turn controls
the TIC MUX to select the incoming DATA stream from the TIC in use.

TIC CLOCK is the bit-clock buffered for distribution to the TICs and inhibited (not
shown) during words 0 and 1 to prevent TIC operation during TOC-related words.

TIC DATA is multiplexed with TOC-related status words and passed through the CHECK
SUM GENERATOR in which the SYNC words are generated. The data stream is then
routed to the appropriate downlinks and crosslinks.

Whenever the TOC is in FAST mode, SLOW telemetry data must still be available for
K-band and UHF links. This is accomplished in the RATE BUFFER through a double
buffering technique. With S3a and S3b in the positions shown, SR1 is being loaded with
four words at the 10-Kbps while SR2 is being read out at 100-bps. Upon readout
completion, the switches are reversed and the operation repeated. Timing to cover the
entire format is indicated in Fig. 13. The 10-Kbps loading of a four-word group is
designated as a LOAD BURST. The word groups in the indicated readout format
correspond to the FAST formats from which they are loaded. Thus, during FF98 the last
four words in that format are loaded and then read out during FF99. Similarly during FF99
the first four words are loaded and then read out during FFO.

Signals to control TIC submultiplexing are derived by exclusive ORing of the FF and SF
counter LSBs. If simpler functions are employed, all submultiplexed telemetry points will
not appear on the SLOW TLM output when the system is set to FAST mode.



Fig. 13.  TOC Rate Buffer Load Burst Timing

Physical Configuration

The standardized packaging scheme initially developed for telemetry was subsequently
adopted for all digital and low frequency analog systems on the LES-8/9 spacecraft. Four
sizes of standardized boxes were designed to house standard 4" x 5" pc boards with either
40 or 80 NAFA I/O pins per card. Figure 14 shows the assembly which housed the two
TOCs and the TAC together with examples of two flight pc cards. The box consists of an
upper cover, a lower cover, an upper shell, a lower shell, and a connector plate. The upper
shell and connector plate were tailored to specific assembly requirements, the remaining
pieces being identical for a given box size.

The connector plate was machined to accept rows of female NAFI pins for mating to
corresponding pc card connectors. I/O connectors are mounted on the same plate, allowing
single-plane wirewrap interconnections among all pc cards and I/O connectors. This
approach is significantly less costly than pc backplane techniques and far simpler for
making electrical modifications when necessary. TICs for compatibly packaged
subsystems were incorporated in the subsystem packages, TIC I/O connections to the
subsystem being made via the connector plate wirewrap. No such compatible packaging
existed for rf systems, the power system and temperature monitoring, so individual TIC
packaging was necessary in these cases.

CONCLUSIONS

The LES-8/9 telemetry system fully met and in some instances surpassed the objectives
stated initially in this paper. The equipment was used heavily during all program phases in



Fig. 14.  TOC Packaging

breadboard and prototype development, in full subsystem tests such as attitude control and
the entire communications subsystem, and throughout all spacecraft testing. 

The system yielded accurate, dependable monitoring in all environments, including wide
range temperature testing (-60E to +80E environment). Engineering personnel came to rely
on the validity of telemetered data; indeed, in several instances during thermal testing,
telemetered data variations on the order of a percent or less were tracked down and found
to arise from significant problems which required correction.

Since launch in March 1976, one ADC on LES-9 has occassionally exhibited a thermally
induced scale factor error of about one percent over a narrow temperature range. The
effect was noticed on several functions monitored by that TIC and verified via TAC
measurements. Otherwise, these systems have continually provided reliable monitoring of
all spacecraft functions with flawless performance.

ACKNOWLEDGMENTS

During the early phases of this program W. C. Haase and S. H. Maslak contributed many
ideas to the development of this system and the auxiliary support equipment. In particular,
Haase carried out initial designs on the TIC modules and designed the TOE. Maslak
developed the reset stabilization concept and was responsible for design and construction
of the TAC. A. M. Gjelsvik and D. H. Johnson contributed to the TOC development,
construction and testing. A. H. Hagerman and W. F. Colbert provided major support in
designing the standardized packing employed on this program.

1. F. W. Sarles, et al, “The Lincoln Experimental Satellites LES-8 and -9,” presented at
EASCON ’76, 26-29 September 1976.



* This work was sponsored by the Department of the Air Force.

The view and conclusions contained in this document are those of the contractor and should not
be interpreted as necessarily representing the official policies, either expressed or implied, of the
United States Government.

THE LES-8/9 TELEMETRY SYSTEM:
PT II, GROUND TERMINAL DESIGN AND PERFORMANCE*

J. H. Helfrich, A. M. Gjelsvik, C. M. Rader, D. C. Rogers, C. E. Small
Massachusetts Institute of Technology, Lincoln Laboratory

Cambridge, Massachusetts

ABSTRACT

The LES-8/9 telemetry ground terminal is a distributed system providing simultaneous
reception of digitally encoded telemetry from both LES-8 and LES-9 satellites via S-band,
K-band, and UHF downlinks at ground commendable rates of 100-bps and 10-Kbps.
Antenna control and demodulation as well as frame synchronization and error detection are
provided at a centralized facility, and resultant baseband telemetry is distributed in
processed digital format over serial-data lines through a coaxial-cable distribution network.
Comprehensive, realtime telemetry processing is provided by separately located
minicomputers which provide alphanumeric data displays to a distributed network of
standard TV-type video monitors. Telemetry is recorded directly in IBM compatible form
under minicomputer control and selection, with post-processing performed at the IBM-370
Lincoln Computation Center. Additional real-time processing is also provided by dedicated
panels portraying subsystem operations. Extensive operational software has been
developed for evolving needs from initial satellite integration and test through post-launch
operation and monitoring. These programs as well as the related hardware equipment and
organization are described and traced through the course of the LES-8/9 project.

INTRODUCTION

Development of the LES-8/9 telemetry ground terminal began shortly after the launch of
LES-6 in 1968. LES-6 had been supported by a relatively small hardwired telemetry
terminal which provided numerical printout on paper tape and magnetic tape telemetry
recordings for later computer post-processing. Shortly before launch, direct linking to the
laboratory time-shared computer augmented the minimal capability by providing telemetry
monitoring at time-share terminals. While this link significantly increased real-time



processing, it was continually hampered by the constraints and limitations of the general-
purpose time-share system.

As a consequence, a fundamental concept was advanced for the LES-8/9 terminal. System
development would be centered around a minicomputer dedicated to real-time telemetry
processing. The facility would be provided with magnetic tape drives for telemetry
recording plus computer storage CRT terminals for telemetry display.

Initial development began in 1969 with the acquisition of an HP 2116B minicomputer with
8K of core memory and a paper-tape operating system. In the ensuing years, the spacecraft
designs became increasingly complex, making increasing demands on the ground terminal
facility, not only for monitoring but for test purposes as well. The rapid advance of
minicomputer technology facilitated change and growth into a system of three computers.
The onset of microprocessors led to realization of relatively complex display panels. This
evolutionary process, initiated with a relatively small computer, culminated in the complex
facility which now exists at Lincoln Laboratory.

TELEMETRY GROUND SYSTEM

Major features of the LES-8/9 telemetry ground terminal facilities at Lincoln Laboratory
are shown in Fig. 1. Spacecraft telemetry at S-band and UHF, received via several
antennas located on the roof of one of the Laboratory buildings, can be fed to appropriate
receivers in the rf control room by the telemetry antenna selector. Baseband telemetry,
subsequently derived from BPSK demodulators, is fed to format synchronizers for
synchronization, error detection, and initial processing. Baseband telemetry demultiplexed
from K-band and UHF communication channels is similarly fed to data synchronizers via
the telemetry baseband selector. The three data synchronizers are identical to the three
format synchronizers except for carrier acquisition control and mag-tape recording
capability. Comparable outputs from both are routed through the telemetry output selector
to computer and display panel facilities in nearby LESOC (Lincoln Experimental Satellite
Operations Center). The telemetry computer system is generally identified as the TOP
(Telemetry Output Processor).

Telemetry Antennas

The two high-gain parabolic antennas are required for reception of 10-Kbps telemetry. The
30' dish has an S-band Cassegrain feed with a dichroic reflector (43 dB gain) behind which
is mounted a focal-point UHF feed system (23 dB gain). The 10' dish operates at S-band
with 33 dB gain, which is just adequate for high-rate telemetry. Both dishes are mounted
on steerable elevation over azimuth mounts.



Fig. 1.  LES-8/9 Telemetry Ground Terminal System

Low-rate telemetry for routine monitoring is provided by two helix arrays mounted on
nodders, which are necessary to maintain adequate antenna gain over the 50E elevation
excursion of the satellites. The UHF antennas shown, primarily used for commands and
communications, can also be used for telemetry when a satellite UHF transmitter is set to
its transponder mode.

Antenna Selection and Telemetry Receivers

The telemetry antenna selector provides a convenient means for controlling antenna
connections to the telemetry receivers. Selection is done with latching type transfer
switches, control being arranged so that a simple push-button operation throws all switches
required to set up a desired path. Three identical telemetry receiver channels permit
reception from LES-8 and LES-9 plus active back-up for either satellite. Each channel
contains a commercial S-band/UHF receiver driving a Lincoln BPSK demodulator and a
format synchronizer.

The receiver downconverts the BPSK modulated rf signal to a 100kHz IF. RF plug-in
tuning heads enable reception at S-band and UHF. Both heads are configured for external
first LO (local oscillator); four external oscillators establish S-band or UHF frequencies
from the two spacecraft.



Carrier Acquisition and Demodulation

The BPSK demodulator compares the phase of the 100 kHz input signal to a 100 kHz
reference and provides an error signal that controls the receiver first LO frequency in a
closed carrier-phase-tracking loop. Other control voltages summed to the phase error
voltage allow initial phase locking either manually from demodulator front panel controls
or automatically under format synchronizer control.

The matched filter output in the demodulator in-phase channel is digitized and fed directly
to the format synchronizer for bit synchronization and higher order synchronization of
words, frames, and format count.

The demodulator also contains a frequency discriminator, an energy detector, a phase lock
detector and a sweep generator to facilitate automatic telemetry carrier acquisition.
Acquisition control from format synchronizers provides a very positive check on whether
or not the carrier tracking loop should stay locked by utilizing available sync status
information. It completely eliminates false locks such as locking onto a sideband. If no
sync confirmation appears during a set number of formats, the frequency discriminator will
turn on and attempt to pull the loop back to lock. If no lock or sync signal appears in the
next two formats, the local oscillator is then swept to cover the full doppler range. This is
done alternately for both high- and low-rate telemetry. When energy is detected, sweeping
halts, and the frequency discriminator provides fine pull-in. Phase-lock indication or the
appearance of a sync signal turns off the frequency discriminator.

Data Synchronization

Synchronizer operation is illustrated by the block diagram of Fig. 2. Selected baseband
telemetry together with the input from a cesium-beam controlled 1 MHz standard is
utilized by the clock synchronizer to produce sampling and counter clocks properly phased
for the received bit rate. High accuracy of the satellite master oscillators and the 1 MHz
standard allow the synchronizer to free run through appreciable telemetry breaks without
loss of original sync upon recovery.

Fig. 2.  Data Synchronizer Block Diagram



Frame sync is the basis for word identification in the format, and minimization of false
frame sync is therefore of utmost importance. Sync information is provided at the
beginning of every frame in the telemetry format; even frames include a unique 16-bit
sequence (S), while odd frames include the complement of S (þ) plus an additional 16 bit
sequence (S1). Frame identification is contained in word 1 of even frames. The normal
sync sequence is to look for S and when detected check if þ and S1 were detected the
correct number of bits earlier. If so, the next word is word 1, and the frame counter may be
set after that word has passed parity checks and frame identification has been extracted.
The length of the sync pattern sequence (48 bits) and the check for proper check-sum on
adjacent words make the possibility for erroneous sync negligible and thereby eliminates
the need for sequential techniques. With the attainment of frame sync, format sync readily
follows by a check of format count indicated by word 1 of frames 0 and 2.

Frame and format sync indications have been included in the synchronizers to indicate that
valid frame and format synchronization has been achieved. However, the checking for
complete sync sequences is continuous, and each one detected updates a sync confirmation
indicator. Lack of sync confirmation thereby indicates loss of sync.

Normally the telemetry links are very good, sync is confirmed every other frame, and very
rarely is a data word tagged with a bad parity check. However, during severe weather
conditions the links may become marginal, sometimes to the point of almost no
confirmation of synchronization, but as long as sync has been established at some point, all
the good data words can be extracted. Initial sync to a marginal link might present a
problem because of the stringent sync sequence. To alleviate this difficulty, a “short sync”
mode has been provided to allow word sync at the beginning of every frame on the basis
of either S or þ and S1 only, followed by a valid frame count word. When sync has been
established, normal sync mode must be entered to avoid false re-synchronization which is
much more likely in the “short sync” mode.

Data Synchronizer Parallel Output

The formatter section of the data synchronizer provides a computer output in parallel form.
Originally used for direct computer drive, this output provides the basis for serial data
output and distribution in the present configuration. Timing of this output is slaved to
incoming telemetry so that every serial input word received produces a corresponding
parallel output word.

Throughout this process, the 12-bit telemetry data words remain unaltered, while the
remainder of the format is overlaid as shown in Fig. 3. Since sync and parity content are
expendable after reception and error checking, the four-bit check sums can be overlaid
with four new bits. One of these is a parity check flag indicating reception errors; a second



Fig. 3.  Data Synchronizer Parallel Outpur

is a parity added by the synchronizer for subsequent ground transfer checks. The
remaining two bits provide auxiliary word identification.

Sync words in the WDO position are overlaid with ground terminal equipment
configuration information and TOD (time-of-day) information, which includes date. This
overlay provides a record of all ground equipment through which the format is routed.
Successive equipments modify this content accordingly.

Data Synchronizer Serial Output

For general distribution of telemetry, the overlaid parallel-output format is converted to
serial form, expanded to include added word tags, and finally fed to the system in “dot-
dash” (DD) form in accordance with Fig. 4.

Dot-dash signalling is a versatile format which is generally employed for most information
distribution. It utilizes short pulses to denote logic ZEROs and long pulses to denote logic
ONEs. For telemetry, ZEROs are two microseconds long, ONEs are eight microseconds.
For reception, the leading edge is used as a time reference and the line state is strobed 2-6
microseconds later to distinguish between ZEROs and ONEs. With a distribution bit rate
of 100-Kbps, each 32-bit burst occupies 320 microseconds.



Fig. 4.  Data Synchronizer Serial Output

Coax Interconnection Network

The large and continually varying requirements for signal communication in ground
terminal operations necessitated a flexible interconnection network. For this, a
standardized interconnection system using RG-58/U coaxial cable was developed and sets
of 10 to 20 cables installed between locations needing video or digital communication.
Dot-dash signalling facilitated simple single line hookups, one line for one link. This
principle has greatly simplified interconnection and related patching, avoiding the
encumbrance of multiconductor lines and introducing valuable flexibility in system
arrangements. Duplex communication, when required, has been provided by timed
multiplexing. For video lines, channel selection has been provided by reverse signalling
through a selector button connected directly in the coaxial line.

Three standard types of signal transmissions have been generally employed: 1) TTL-level,
ground true matched TTL source, normal TTL load; 2) TTL-level, positive true, fully
matched line with 8T23 drivers and 8T24 receivers; 3) video levels per RS-170 with
matched lines. For each type, standard 3 1/2" patchboard distribution panels have been
developed to provide banks of identical buffers with LED annunciators. Simple pc buffer
stages have been readily fabricated in large quantities for this purpose.

Coaxial patchboard facilities have been installed in a variety of Lincoln locations. The
largest of these is a multi-rack unit in LESOC for the central distribution of all telemetry
related signals as well as others generally related to satellite ground support.



Telemetry Computer System

The TOP (telemetry computer system) as it existed at launch is depicted in Fig. 5. It
consisted of three similar computer systems, denoted A, B and C, one being the originally
acquired HP2116B with memory expanded to 32K, the others being HP2108 computers,
also with 32K of memory. All three were fed from a common bus system carrying LES-8
and LES-9 telemetry in dot-dash format as well as TOD information. Dot-dash telemetry
interface units provided the necessary serial-to-parallel conversions for computer input as
well as panel monitoring of input operations. TOD interface units provided similar
conversions for TOD inputs as well as associated monitoring.

Fig. 5.  Telemetry Computer System

All three computers provided multiple outputs for alphanumeric display on TV-type crt
monitors. These outputs, in parallel ASCII code, were fed through a video interface
selection arrangement to a set of nine video interface units manually switched to either of
two computers. These units generate standard RS-170 video to create alphanumeric
displays of twenty-four 80-character rows. The resultant video outputs were fed to the
LESOC patch panel for distribution to the TV-type crt monitors. Distribution was further
made through sequential channel selection switches at the patch panel. Series push-buttons
at the monitors controlled these switches for sequencing through computer output channels
as well as remote TV camera pickups. Multi-push-button selectors at the computers
provided direct and rapid switching from these locations.



The video interface units incorporated basic video display units manufactured by Ann
Arbor Corp. These were modified for computer readback of stored information and for
other needed features.

A disc operating system for each computer was provided through dual floppy-disc drives.
Dual mag-tape drives on two of the three computers provided for mag-tape recording of
telemetry in IBM compatible format. Keyboard terminal control was provided by high-
speed storage crt terminals and 30 character-per-second thermal printer terminals, with
thermal line printers for additional printout capability. The built-in A and B register
displays in the computers were augmented by adding external C and D register displays for
simple and continuous monitoring of performance and status with appropriately labeled
LED indicators. The C and D register units also included outputs for remote alarm and
monitoring.

Telemetry Display Facilities

The various forms of telemetry display facilities currently in use are shown in Fig. 6. TV
monitors above the racks present computer output displays as well as pictorial output from
remote cameras. Panels below include microprocessor controlled units with digital LED
readouts as well as meter panels developed earlier for continuous monitoring of power
distribution aboard the satellites. Panels for LES-8 and -9 are arranged to the left and right
respectively. In the central operating position a thermal line printer is located atop a
thermal keyboard terminal.

The first (and most general) panel displays developed were the “mini-data synchronizers”,
located directly below the meter panels in Fig. 6. These units, which predate
microprocessor availability, operate directly from baseband telemetry to generate digital
LED display of 16 selectable data words. They also include synchronizing functions and
telemetry housekeeping displays embodied in the data and format synchronizers as well as
additional facility for display of accumulated telemetry errors. Selected data words can be
displayed in binary, octal, and hexadecimal or converted to single-or dual-range voltage
readings. Because of the early availability, versatility, and self-sufficiency, the mini-data
synchronizers were particularly valuable during system development.

TOP SOFTWARE

Similarity of the three TOP computers and their arrangement in the system has allowed
comparable similarity in the TOP software. Although the computers run independently,
each utilizes common software. Basic to this is TEP (Telemetry Executive Program), a
real-time operating system resident in each computer. TEP was developed as a core-
resident, multiprogram executive for controlling all computer resources. Under TEP,



Fig. 6.  Telemetry Display Facilities

appropriate combinations of interchangeable programs can be loaded and run on any of the
three computers. Major provisions of TEP are:

1. Operator communication support -- allowing control of programs and devices.

2. I/O request processing -- providing common interface into device drivers and
allowing automatic buffering of output messages.

3. Central interrupt processing -- providing a common interface for interrupt services.

4. Program scheduling -- allowing programs to operate on request and at priority levels.

5. Program communication interface -- allowing programs to use the facilities of the
executive.

6. Privileged library -- allowing programs to use common code thereby reducing core
requirements.

7. I-O drivers -- for the various devices included in the system.

8. Built-in utility programs -- for general system operation and control.



Operationally TEP divides the machine into four partitions and the hardware prevents the
programs in high-memory partitions from destroying those in lower-memory partitions.
From high to low the partitions are:

1. Background/Application

2. Real time/Acquisition and Recording

3. Utility and Library

4. System modules and drivers

While many features of the TEP system are standard parts of a real-time or multi-
programmed supervisor, a few features deserve special comment.

1. Scheduling of programs is not restricted to the occurrence of external stimuli, but is
extended to include internal events, such as the completion of format processing.
Programs can “defer” execution and allow programs of equal priority to run.

2. Each program is assigned a logical switch register which can be manipulated under
operation control to alter flow within the program. (This simulates the physical switch
register located on the computer.)

3. Each program has a “private” device reference table that can be easily manipulated by
the operator. Using this table, a given program output can be re-directed without
stopping that program or affecting other program outputs.

4. Any program is allowed to break itself into separately executing sub-tasks which can
operate at independent priority levels. Thus a common data checking (collection)
module can monitor telemetry and queue messages with no loss due to device
peculiarities.

Utility Programs

Among the utility programs for operation and control of TEP, one of the simplest and most
useful is WHO, which can be readily interrogated at a terminal to list all operational
programs resident in memory plus the operational status of each at any time. The most
complex utility program is LOADR, a relocating loader providing links so that programs
cannot only be added but also removed and replaced without interruption of telemetry
processing.



Acquisition and Recording Programs

Of the actual operational telemetry processing programs, those for telemetry acquisition
(TLM) and recording (LSRCD) are the most basic and have been partitioned separately
from application programs. TLM acquires both LES-8 and LES-9 telemetry from a dot-
dash telemetry interface unit. It includes a check of status as overlayed onto the telemetry
format by the preceeding format or data synchronizer. It also adds to this status overlay in
accordance with processing by TLM. In response to a resync following telemetry breaks,
TLM reorganizes incoming buffer storage in an orderly manner to minimize disruption of
application programs. For monitoring, it drives the D-register LED display associated with
each computer to indicate receipt of telemetry formats and related status. To confirm
telemetry transfer by TLM, the program feeds telemetry words back to the dot-dash
telemetry interface panel for comparative display with originating telemetry.

LSCRD records LES-8/9 telemetry formats on mag-tape in a selectable manner according
to operating needs. In the process it adds to the equipment configuration overlay in the
telemetry format to identify both the computer and tape drive involved. If necessary, it can
provide full recording of all telemetry from both satellites on a single tape. To eliminate
unnecessary recording in fast rate (where both satellites could fill a 2400-ft reel in 90
minutes), LSRCD includes a nominal “medium” rate for general recording which records
pairs of successive formats at intervals of 19 skipped formats. Paired formats provide for
A and B sub-multiplexing. To avoid loss of any important data in this mode, LSRCD also
monitors telemetry data for indication of command reception at either satellite and initiates
additional recording of a format pair accordingly. LSRCD can also be switched to full fast-
rate recording in response to data signalling a test in progress. To supplement “medium”
rate recording, an additional program called SQISH has also been written to accumulate
selected telemetry at fast rate for subsequent recording in single blocks. With SQISH,
high-rate samples over extended time periods can be collected and analyzed without
requiring high-rate recording of all data and consequent tape handling.

Application Programs

In support of the many and varying needs for telemetry processing and display, a large
number of application program modules were written for operation in the background
partition of TEP. Among the most widely used were those organized under the HPAGE
program for “half-page” displays fed through the video interface units onto TV-type crt
monitors depicted at the top of Fig. 6.

Under HPAGE, telemetry displays are organized to occupy the upper or lower half of 24-
row 80-column alphanumeric displays in selectable combination with 12 rows of 80
characters thereby allotted to each half page. A maximum of eight different half pages can



be displayed simultaneously. The desired set of half pages is selected by the operator from
an available library of over 40 different half pages. For half-page composition, a special
program was developed for the IBM 370 and used for efficient transformation of
engineers’ layout specifications into tables of display commands for interpretation and
real-time display by HPAGE. An important adjunct to HPAGE is COPY, which provides
printout of half-page displays by reading back the internal shift-register memory content of
selected video interface units and transferring this content to any hard copy output device.
COPY can also be controlled by the operating system to produce periodic printout from
selected displays automatically.

Another general program for video display is REQST for line request from a number of
canned, system-related outputs that are simple and short and use only a single line of text.
A sequential set of such lines can be selected for scrolling display so that the last 24 such
lines can be viewed continuously. Conceived for emergency situations in which satellite
systems might misbehave and affect one another in an unanticipated way, REQST can
provide a readily composed and coordinated display useful in the diagnosis and monitoring
of such events.

A predecessor to both HPAGE and REQST was SHOW, a program like REQST for single
line scrolling display or printout but with considerably more flexibility. SHOW provides
single-line displays individually composed by the operator to include up to nine telemetry
points selectable by TIC number, TIC word number, and conversion rule (output in volts,
temperature, decimal integer, octal integer, binary, etc.). SHOW is useful for composition
and display of telemetry not available from other programs and was used mainly in early
development and in the checkout of other programs.

The generalized approaches of HPAGE, REQST, and SHOW have supported most display
requirements. In addition, displays requiring complicated mathematical operations and data
gathering over extended time periods have been provided by a number of special-purpose
programs such as PWRST, SAZ8 and SAZ9.

PWRST is an important full-page display providing comprehensive power management
information based on the status of satellite systems. It displays the primary power bus
voltage and current plus all separate power converter currents and power loads. For each
major satellite subsystem it displays total bus power in use, power radiated from the
satellite, and transient power which could be automatically demanded. Total spare power
and overboard power are also displayed. The program alternates in updating LES-8 and
LES-9 displays unless requested to handle one satellite only.

SAZ8 and SAZ9 interpret sun-sensor telemetry to provide information about attitude and
pitch rate. Their main importance was in the launch period from separation until earth



acquisition by the automatic attitude control systems during which time the sun-sensors
provided the only on-board attitude information.

Other special display programs included TGGMW for monitoring the satellite gyro and
gimballed momentum wheel systems and TMPMP, which provided comprehensive
temperature maps of each satellite.

A significant but little used display program is TPLOT, a telemetry plotting program for
use specifically with the Computek storage crt. This provides a real-time plot of selected
telemetry over selectable time periods and allows immediate hardcopy from such plots.
Alternate plotting capability more generally used is provided by post-processing of
recorded telemetry.

LIMITS is an important and unique program which monitors telemetry for out-of-limit
conditions such as high or low temperatures, voltages, currents, or illegal switch states.
Boundary or limit conditions have been specified for all telemetry points of interest. Both
alarms and violation messages are generated for points found out of range. Violation
messages are also stored on disk or mag-tape for further analysis. Alarms have been
divided into two classes: yellow for points out of bounds but not in need of urgent remedy,
and red for catastrophic conditions. Limit boundaries have been modified as necessary to
reflect ongoing changes in the operational configuration of satellite subsystems.

Auxiliary Programs

Three auxiliary programs of significance are STATE, VUCMD, and RELIV. To monitor
overall TOP performance, STATE was created as a watch dog program. This program, run
on all of the TOP computers, produces a simple one-line display of telemetry rate, mag-
tape recording rate, and the format count for both satellites. An indication of large numbers
of errors in telemetry or the failure of telemetry recording is also given. Thus operators can
obtain at a glance, information on the general state of telemetry and recording. VUCMD is
a similar program which presents a list of recent satellite commands.

RELIV was designed for “reliving” past telemetry during telemetry breaks encountered in
testing and launch. An A and B format pair is stored for each satellite and continually
updated during reception of valid telemetry. This stored telemetry can be used to drive the
telemetry distribution network through an associated dot-dash simulator unit which
provides the necessary format structure and timing. Both programs and panels can
therefore be kept running smoothly in the face of telemetry loss, such as was experienced
during launch.



Programming

Support for generating the above programs was provided separately from the TEP
operating system by the Hewlett-Package Magnetic Tape Standard Input Output (MTSIO)
system and by a cross assembler installed on the laboratory IBM-370 time-share system.
The MTSIO was used for all of the early programming effort. Because it required
shutdown of the computer for telemetry processing, its use caused increasing conflict
between programmers and telemetry processing needs. This led to purchase and
installation of the cross assembler, which not only alleviated conflicting demands on the
TOP computers but facilitated more efficient and rapid programming.

SYSTEM OPERATIONS

Initial Development and Test

The initial HP2116B computer with its paper-tape operating system included an ASR-35
teletypewriter for operational control and telemetry printout and a single 200 bit-per-inch
mag-tape drive for telemetry recording under programmed control. A Computek storage-
type crt terminal was subsequently acquired for development of line-at-a-time and page
displays of telemetry in real time. Graphic capability of the Computek offered potential for
pictorial and graphic telemetry presentation; an associated Tektronix hardcopy unit
allowed direct reproduction of any display stored on the face of the terminal storage tube.

Telemetry was to be acquired through a data synchronizer which would derive 16-bit
telemetry words from the serial telemetry stream and also provide for direct telemetry
recording on an incremental mag-tape recorder.

Therefore, initial concerns were develoment of software for this computer system and
design and construction of associated data synchronizer units. This required early
establishment of a standard telemetry format mutually consistent with satellite and ground
terminal needs. Early applications included support for attitude-control subsystem
experiments on an air-bearing table facility and support for test runs in conjunction with a
computer-controlled automatic test system used for rf subsystem development.
Comprehensive checkout of an autonomous stationkeeping system under simulated
operating conditions was also provided.

During this initial period, the original single mag-tape drive was replaced with a dual 800
bit-per-inch unit and software adapted to a mag-tape operating system.



Satellite Integration

Shortly before commencement of satellite integration in the Lincoln clean room, the
telemetry ground terminal facility was relocated to a “telemetry” room adjacent to the
satellite integration and test areas. A supporting network of coaxial cables was installed at
this time, providing connections back to a central patch panel in the telemetry room from
all satellite test locations.

For initial assembly and integration, telemetry data was required at the satellite location in
the clean room. Operation began with portions of the setup shown in Fig. 7. All telemetry
was taken directly from the TOC through a test connector on the side of the satellite.
Limited drive from the TOC was buffered at the satellite to provide low impedance drive
to RG-58/U coax cables at TTL levels. These drove a mini-data synchronizer for local
monitoring as well as a remote data synchronizer for coupling into the HP2116B TOP
computer in the telemetry room. Independence from the TOP made the mini-data
synchronizer a particularly valuable tool during this period since the TOP was heavily
dedicated to program development for subsequent needs and there was strong contention
between telemetry users and programmers for TOP availability. Throughout testing, heavy
emphasis was placed upon mag-tape recording of telemetry as an essential procedure.
Both the data synchronizer and TOP were equipped for this function.

Fig. 7.  Integration and Test Configuration

Initial use of the TOP for data display at the satellite was accomplished via the remotely
driven Computek storage-type terminal and an ASR-33 teletype terminal in the clean
room, both being driven through interconnecting coaxial lines. Since the Computek had
been designed for parallel interface operation adjacent to the TOP, special parallel-to-
serial-to-parallel interface circuits had to be developed for remote operation. This general
setup was quite limited, being required to serve both satellites plus programming needs
with a minimal set of peripheral equipment.



As operations proceeded towards thermal vacuum tests, increasing emphasis was placed
upon telemetry monitoring from the telemetry room, an arrangement greatly facilitated by
the introduction of closed-circuit TV as well as intercom and direct telephone lines. To
augment output independent of the heavily used TOP, dot-dash telemetry was also
introduced at this time as an additional data synchronizer output, permitting introduction of
a dot-dash driven power panel to fill an urgent need for continuous satellite power
monitoring. In addition, TOP capability was further enhanced by the addition of video
monitor equipment, a 120-cps printer and a floppy-disc subsystem. All of this led to the
full complement arrangement of Fig. 7 in which power panel and alphanumeric video
displays were used alternately in clean room and telemetry room locations. A second
computer was subsequently added and the number of video displays gradually increased to
four. A bank of 23" TV monitors was also installed in the telemetry room for telemetry
monitoring and closed-circuit TV observation of satellite activity.

Prelaunch Operations

Upon completion of satellite testing at Lincoln, telemetry ground terminal operations were
relocated to LESOC in preparation for launch. The third TOP computer was added at this
time. With the subsequent shipment of LES-8 and LES-9 to Cape Canaveral, one of the
computers was then shipped to support prelaunch checkout of the satellites in the Satellite
Assembling Building (SAB). This computer was returned to LESOC following the
checkout.

For remote fast-rate telemetry support from LESOC, a pair of 9.6-Kbps leased-line data
links were installed between the SAB and LESOC as illustrated in Fig. 8. Telemetry was
transmitted from the SAB to LESOC, and processed output was transmitted back. Telco
Interface units were developed for this specific task.

Fig. 8.  Cape Canaveral/LESOC Configuration



For fast-rate transmission through the 9.6-Kbps data links, telemetry rate was reduced
from 10-Kbps to 9.6-Kbps by stripping a fixed set of 256 check sum bits from each format
and smoothing the resultant bit rate through an elastic shift register. Upon reception at
LESOC, the missing check-sum bits were rederived and inserted to recreate the originating
telemetry. In this operation, the Master Telco Interface established data-link clock to
which the Slave locked.

For return transmission to the Cape, the 9.6-Kbps channel was available as four separate
2.4-Kbps channels through the Bell 209A Data Sets. These channels were used for driving
a TV-monitor display plus a line printer and a 30-cps printer terminal in the SAB slaved to
identical units in LESOC.

Fast rate monitoring of SAB operations continued until the satellites were transported to
the Titan launch pad. For this trip, special telemetry panels were installed aboard the
transportation vehicle and connected to monitor the radio-isotope generator (RTG)
temperatures. These RTGs power both satellites and were mounted aboard them in the
SAB. Temperatures of the RTG units were a prime concern warranting careful monitoring
throughout the slow trip to the pad and the hoist to the top of the Titan launch vehicle.
Fast-rate telemetry was utilized throughout this operation with the TOC set to time out
automatically to slow-rate telemetry shortly after installation at the pad.

Following installation aboard the Titan, telemetry monitoring was continued at slow rate
by hardwire connection through the umbilical and site cabling to the Vertical Integration
Building (VIB), where telemetry equipment had been installed for retransmission through
several miles of landline back to the SAB. From this location the 9.6-Kbps synchronous
links to LESOC were used simply as asynchronous sampling channels for the relatively
slow 100-bps telemetry.

Launch Operations

With the advent of launch, the physical arrangement of equipment in LESOC was modified
significantly to reflect specific requirements for personnel, systems, and operations. This
was greatly facilitated by the standardized single-line coax distribution system.

Shortly before launch, the hardwired telemetry link from the Titan pad was replaced by the
Titan transtage rf link through which all telemetry was subsequently obtained until
separation. The slow-rate 100-bps LES-8/9 telemetry was asynchronously sampled by
300-bps Titan telemetry channels. Transtage telemetry was received at the Titan telemetry
reception center in the VIB, where the 300-bps LES-8/9 dedicated channels were
decommutated and sent to the Lincoln retransmission facility in the VIB. Here the 100-bps 



LES-8/9 data streams were reconstructed from the Titan telemetry data streams and then
transmitted to the SAB via the landlines described previously.

During the period before launch, the TOP computers in LESOC were loaded with a
carefully organized set of programs as follows:

Computer A Computer B Computer C

Running: LSRCD LIMTS LSRCD
PWRST HPAGE STATE
TMPMP PRT8, PRT9

RELIV

Available REQST COPY TMPMP
in core: TGGMW

VUCMD
STATE
COPY

The organization of these programs satisfied launch requirements and defended against
computer failure by redundant program assignments and allowance for possible
reconfiguration.

On the pad, a principal concern was the temperatures aboard the satellite, especially RTG
temperatures. This concern continued during launch, when air conditioning was
discontinued and the satellites were being carried into vacuum. Prior to launch the RTGs
were filled with xenon to equalize external atmospheric pressure and avoid internal
oxidation. The xenon also acted as a thermal shunt, limiting available power from the
RTGs. During lift off, the RTGs were allowed to vent and reach their operating
temperature for maximum power generation. At this time, therefore, key programs were
PWRST (for power monitoring) TMPMP (for temperature mapping) and PRT8 and PRT9
(for RTC temperature monitoring).

At liftoff, telemetry remained available through the transtage rf link for several minutes but
was lost as the Titan proceeded downrange from Cape Canaveral. Reception was stored
thereafter only during prespecified “windows” of roughly five to ten minutes each hour
during the ascent phase. During the breaks in telemetry, RELIV allowed continued
observation and review of valid telemetry last received. Following the last ascent
“window” for telemetry reception, software on the C computer was reconfigured by
removing PRT8 and PRT9 and loading SAZ8 and SAZ9 for interpretation of sun sensor
telemetry in determining satellite attitude upon separation. Backup copies of SHOW and



REQST were also loaded into the C Computer at this time for backup support.

Just before separation, Titan telemetry provided a brief final link which was then lost upon
separation, after which direct links from LES-8 and LES-9 were established through slow-
rate UHF transmission directly to Lincoln Laboratory. Following orientation of the
satellites into proper attitude and corresponding lock to earth direction, the S-band
transmitters were activated. After establishment of 100-bps slow-rate reception through the
S-band channels, telemetry was commanded to the 10-Kbps fast rate which was then
maintained for both satellites during the first weeks with round-the-clock operations in
LESOC. For the first few days, temperature maps were made for each satellite roughly
every half hour. Every half-page was put on a screen at least once an hour and hard-copies
made. Individual systems, such as the K-band systems, the third generation gyro, the
stationkeeping system, etc. were checked out using both half-pages and specific programs
devoted to the system under checkout. For rf systems checkout, telemetry was routed to
the automatic test facility, which had been used extensively for developmental testing of rf
systems and components used later relocated to LESOC prior to launch. This automated
test facility also utilized a Hewlett-Packard computer but was programmed mainly in
BASIC and operable with only one program at a time. Many of the tests used to
characterize systems before satellite integration were modified for use after launch using
this automatic test system.

After about a week, the intense observation of the two satellites was lessened. At this
point, it became feasible to support observation needs with only two of the three
computers. Computer C was taken off-line and used for further software development,
review of recorded telemetry and diagnostic checkout.

Telemetry during launch not available at the Cape but recorded on mag-tape at field sites
was subsequently processed at Lincoln Laboratory.

CONCLUSION

Following the launch of LES-8/9, the telemetry ground system supported a succession of
satellite performance and evaluation tests. It has since served as an ongoing operations
facility. The original HP2116B computer has now been retired and replaced. The floppy
disc drives have been eliminated and replaced by a centralized hard-disc system and
computer. Software has been modified and refined accordingly.

The ground system has served a succession of varying functions during LES-8/9
development and following launch. That it has not only withstood repeated expansion
reorganization, and relocation but undergone these changes with relative ease attests to the 



versatility imparted to this system by standardization, distributed organization, and flexible
interconnection capability.

Contributory to the success of the ground system was its development in close conjunction
with that of the satellite system. To a very large extent, the ground and satellite terminals
were developed as a single system with design tradeoffs readily made between both to the
ultimate benefit of the overall LES-8/9 program.
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TDRSS - USER SATELLITE ACQUISITION AND TRACKING
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ABSTRACT

The Tracking and Data Relay Satellite System (TDRSS) will provide communications and
tracking services to the Space Shuttle and most other NASA missions of the 1980’s. Relay
services are provided between NASA’s near earth satellites and a ground terminal at
White Sands, N.M. via synchronous Tracking and Data Relay Satellites.

Establishing and maintaining the communications links is a complex task which includes
spatial, signal and data acquisition involving crosslinks between the TDRS and NASA’s
user satellites. Concepts and capabilities are presented for antenna acquisition, and for PN
code and carrier acquisition. Total acquisition times, including bit synchronizer and
decoder acquisition are also provided.

INTRODUCTION

The Tracking and Data Relay Satellite System (TDRSS) is being built for Western Union
who will, in turn, provide tracking and data relay service to NASA and commercial
services to Western Union Telegraph Company. (Western Union Telegraph Company will
lease services from TDRSS.) The TDRS will provide a data relay service between future
NASA satellites, including Shuttle, and a common ground terminal located at White Sands,
New Mexico. Four on-orbit satellites will be used. Two will be used by NASA, one by
Western Union and the fourth will serve as a spare for any other satellite. The on-orbit
configuration is illustrated in Figure 1.

The TDRSS will provide a variety of services to NASA’s user community via
communications links at S-Band and K-Band. Each TDR satellite (TDRS), illustrated in
Figure 2, has two 16 foot (4.9 meter) single access (SA) antennas capable of controlled
pointing over a 62E x 45E elliptical field of view, and capable of simultaneously supporting
a right or left circularly polarized S-Band and K-Band service. Additionally, there are 30
helical antennas that are used in a phased array to provide left hand circularly polarized
S-Band Multiple Access service.



Fig. 1.  TDRSS Service Configuration

Fig. 2  TDRS On-Orbit Configuration



Twelve of the elements are provided with dedicated solid state power amplifiers, eight of
which are combined in a phased array to provide a single forward link.

All thirty elements are used for receiving return link signals from all user satellites within a
26E conical field of view. All signals received by each element are frequency multiplexed
together, relayed to the White Sands Ground Terminal (WSGT) via the Space-to-Ground
Link (SGL) where they are translated to a common frequency and formed into as many as
twenty dedicated antenna beams by phased array weighting and combining techniques.

Altogether, five separate services are provided. Two are the S and K-Band services to
Shuttle, using the S and K-Band single access antennas and Shuttle-unique modulation.
Two are the standard TDRSS modulations, using the S and K-Band SA antennas, and
referred to as SSA and KSA services. The remaining service is the Multiple Access (MA)
service at S-Band, using the phased array antenna on the body of the TDRS. Total
quantities of services for each TDRS and for the TDRSS are listed in Table 1.

Table 1.  Total Number of Services Provided by TDRSS

SERVICES MA SSA KSA S-SHUTTLE* K-SHUTTLE*

Forward Link
per TDRS
per TDRSS

  1
  3

2
6

2
6

2
2

2
2

Return Link
per TDRS
per TDRSS

20
20

2
6

2
6

2
2

2
2

Shuttle Services are in lieu of SSA or KSA service when scheduled

A variety of modulation structures are used, one set being unique to Shuttle, the remainder
universally available to all TDRSS user spacecraft. The principal features of each are
described by Walker in reference 1. Additional TDRSS characteristics are described by
Davis in reference 2.

Up to five distinct acquisition processes may be required of the TDRSS. They are:
1. Angular Acquisition

-  Open Loop Pointing at S-Band
- Autotracking for K-Band

2. Range Acquisition
-  PN Code Synchronization



3. Frequency (carrier acquisition)

4. Data Clock (Bit Synchronization)

5. Decoder Acquisition

Since some of the return data links are not PN coded, some are not convolutionally coded,
and some may even be unmodulated, it is clear that not all of the above functions are
necessary to every service, and unique combinations are used as appropriate.

This paper reviews the acquisition sequences and processes necessary to establish and
maintain a forward and return link with a TDRSS user satellite. Antenna and PN code
acquisition are described in extensive detail since these are the most interesting functions
and require a coordinated series of forward and return link events. Carrier acquisition is
only briefly touched upon. Bit and decoder synchronization are largely omitted since they
use standard stand-alone techniques. Total times for the complete acquisition process are
provided.

ANTENNA ACQUISITION

As illustrated in figure 3, the TDRSS SA angular coverage area for the single access
antennas extends over an elliptical region ranging ±31E in a North-South Direction and
±22.5E in the East-West direction. TDRS attitude variations extend the required gimbal
range by one or two degrees. The required coverage area for MA service subtends a 26±
conical field of view.

Fig. 3.  Comparison of User Position Uncertainty with S- and
K-Band Antenna Beamwidth



Within this region, user satellite position is reasonably well defined by state vectors given
to the TDRSS ground station by NASA prior to service. The principal position uncertainty
is in the along-track direction, and may build up to an equivalent time uncertainty of as
much as ±9 seconds before new state vectors are provided. Radial and crosstrack position
uncertainties are trivial in comparison, and are usually ignored. It can be shown that the
resulting angular rate, as viewed from a TDRS is #0.0167E/second, for a total angular
uncertainty of ±0.1503E.

A second major contributor to user position uncertainty is TDRS yaw coupling in the
direction normal to the vector from the TDRS nadir to the user, as illustrated in figure 3.
Because of the nature of the sun and earth sensors on the TDRS, the yaw angle is well
known near 6:00 a.m. and 6:00 p.m. on the TDRS meridian. At other times, the yaw angle
must be estimated. Present procedures permit estimating yaw to a maximum uncertainty of
±0.25E, which yields an angular yaw coupling uncertainty of ±0.25 S in ", where " is the
radial angle between the TDRS nadir and the user satellite.

In addition to the user position uncertainty and the yaw coupling uncertainty, there are a
variety of smaller uncertainties. These include antenna electrical to mechanical
misalignments, gimbal drive effects and earth sensor bias errors. An on-orbit antenna
boresight calibration will be performed after each TDRS is first launched, and periodically
thereafter. With all factors considered, it is estimated that the angular uncertainty to the
user satellite will be less than ±0.22E 99% of the time.

The beamwidth of the SSA antenna is approximately 1.84E at S-Band, 0.28E at K-Band,
for the principal frequencies of interest. The SSA antenna transmit and receive beamwidths
are relatively large in comparison to the angular position uncertainty of ±0.22E and it
suffices to open-loop point the SA antenna towards S-Band user satellites. It is mandatory
to autotrack K-Band users since it is necessary to point to an overall accuracy of 0.06E to
meet the system bit error rate budget allocation. The principal components of the autotrack
error budget are the misalignment of the peak of the main beam and the null in the four
horn difference pattern, and the control system errors. Each is designed to have maximum
values of 0.03E.

Calibration and control of the MA antenna system is a major technical TDRSS design
problem, and is too extensive an issue to cover in this paper. Suffice it to say here, that the
beamwidths are relatively large and open-loop pointing is used for both the transmit and
receive beams.

Before continuing with angular acquisition, it is first appropriate to consider the design of
the K-Band autotrack system. The TDRS system uses a single channel monopulse system
in which the error signal is amplitude modulated and time division multiplexed onto the



main beam signal and transmitted to the White Sands Ground Terminal for demodulation
and gimbal command generation.

A simplified closed-loop block diagram of the system is presented in figure 4. The
received signal, with amplitude modulation, passes through the data receiver in the upper
right corner of the figure, is sent to the WSGT and amplitude detected. From there the
demodulated error signal is A/D converted and sent to an autotrack interface processor
(AIP) which strips the PN sequence from the error signal, separates the time division
multiplexed pitch and roll signals, and performs a preliminary integrate and dump filter
function. The resultant signal is then presented to a dedicated TT&C computer which also
receives normal TDRS telemetry and generates up-link TDRS commands. This TT&C
computer contains all of the necessary TDRS attitude control system algorithms for pitch,
roll and yaw estimation and for open and closed-loop antenna control. The autotrack error
signal is processed within the TT&C computer, compared with the predicted pointing
angle based on TDRS and user ephemerides, TDRS attitude information and previous
commands. Gimbal control commands are then sent to the TDRS to move the SA antenna
gimbals to minimize the angular tracking error.

Fig. 4.  Close Loop Autotrack Configuration

During open-loop pointing, the TT&C computer is given nominal look angles to a user
satellite, corrects for attitude and boresight errors and generates gimbal stepping
commands. At this time, the system operates in a position pointing mode. During the
closed-loop autotrack operation, the system operates in a rate commanded mode which is



primarily based on predicted look angles to the user satellite. The autotrack error signal
principally acts as a vernier to correct for small error buildups. The system is designed for
stable operation and will continue to move at the user satellites’ predicted angular rate
when the return link signal is no longer present.

The autotrack modulator and demodulator are conceptually illustrated in figures 5 and 6.
The K-Band SA antenna uses a five-horn feed, the center horn being circularly polarized;
the pitch and roll error horns being linear polarized and orthogonal. The autotrack
modulator alternately selects the pitch or roll error signals, BPSK modulates them with an
augmented 1024 bit Manchestered PN code and passes the time division multiplexed error
signal to a directional coupler. Phasing between parallel paths is such that the error signal
alternatively adds to or subtracts from the main beam to amplitude modulate the resultant
signal. The PN code is synchronized with the downlink telemetry format which repeats in
512 bit sub-frames at the same rate.

Fig. 5.  TDRS K-Band AutoTrack Functions

In the ground station, the autotrack signal is passed through one of four IF bandpass filters
selected to optimize the pre-detection SNR, and a subsequent AGC amplifier and is
amplitude detected. The resultant error signal is then stripped of its PN code by
multiplication with a locally generated PN code synchronized to the telemetry downlink.
After stripping off the PN code, the error signal is time-division demultiplexed and
integrated before being passed on to the TT&C computer. In practice, the error signal is
A/D converted after the low pass filter of figure 6, and all subsequent functions are
performed digitally in an Autotrack Interface Processor (AIP) preceding the TT&C
computer.



Fig. 6.  WSGT Autotrack Demodulator Functions

Note that a Signal Presence Detector is shown in figure 6. This detector is required to
generate a signal presence indication every 50 milliseconds. The AIP takes a vote of 10 of
these every 1/2 second, with a resulting low probability of falsely indicating signal
presence, during an extended period (15 minutes) and a 0.99 probability of correctly
indicating signal presence for SNRs $ -5dB.

The overall acquisition situation is illustrated in figure 7 for the worst case (in SNR) user.
The TDRSS initially open-loop points the KSA antenna toward a user with a residual
radial uncertainty of # ±0.22E. When the user satellite is in the interior region, the signal
presence detector will indicate signal presence, and the system will convert from open to
closed loop pointing and begin the process of pulling in to the final tracking position.
However, when the user satellite is near the edges of the uncertainty region, the signal
presence indicator will not trigger. For these regions, it is necessary to use the autotrack
error signal itself to indicate the presence of a signal, and to initiate the pull-in process.
This is a bit more complicated, and is discussed below.

Figure 8 illustrates the signal build-up in the digital integrator when a typical autotrack
error signal is present. The solid line represents the noise-free error signal; the dashed lines
represent outer bounds on the integrator output when signal and noise are both present. For
the case in which it is necessary to use the error signal to detect signal presence, the angle 



Fig. 7.  K-Band Signal Acquisition Conditions

Fig. 8.  Typical Autotrack I&D Filter Output

off boresight is large and it is only necessary to determine the sign of the error signal; the
magnitude is not important. For this reason, a pair of simple threshold detectors are used
for each gimbal axis. Conceptually the thresholds are set as illustrated in figure 9 and
adjusted along with the integration time to give a high probability of not indicating signal
presence on noise alone, and a 99% probability of indicating signal presence when it is
indeed present. Equation 1 indicates the relationship between the key parameters.

Fig. 9.  Probability Distribution Associated with the Output of the
Autotrack Error Integrator



(1)

where ) is the noise free autotrack error signal at the output of the digital integrator

BIF is the bandwidth of the IF filter
D is the SNR at the output of the IF filter
T is the total integration time
2 is the angle off boresight
S is the autotrack slope factor.

 For the signals that are to be acquired by the TDRSS, representative initial integration
times, T, are listed in Table 2. Because the pitch and roll error signals alternate in 32
millisecond intervals, based on the TDRS on-board clock, it is convenient to use selectable
integration times of .512, 1.024, 2.048 4.096 and 8.192 seconds, synchronized by the
downlink telemetry.

Table 2.  Autotrack Acquisition Decision Time

SIGNAL TYPE
REQUIRED

BANDWIDTH
(MHz)

MAX
INTEGRATION

TIME (sec)

(1) Shuttle Mode 1, Mode 2   50 1.024

(2) Data Group 1     4 8.192

(3) Data Grou p 2, Bi-N
Uncoded
Coded

  15 8.192

(4) Data Group 2, NRZ
Ro < 4.0 Mbps Uncoded
Ro < 2.0 Mbps Coded

    4 8.192

(5) Data Group 2, NRZ
4.0 # Ro < 20 Uncoded
2.0 # Ro < 10 Coded

  15 8.192

6) Data Group 2, NRZ
20 # Ro # 50 Uncoded
10 # Ro # 20 Uncoded

  50 8.192



SIGNAL TYPE
REQUIRED

BANDWIDTH
(MHz)

MAX
INTEGRATION

TIME (sec)

(7) Data Group 2, NRZ
50 # Ro Uncoded
25 # Ro Coded

150 4.096

(8) IF Services
2 MHz # B < 4 MHz
4 MHz # B < 15 MHz
15 MHz # B # 50 MHz

Ro = Data Rate

    4
  15
  50

8.192
8.192
4.096

The acquisition process is begun on a schedule established by NASA. Prior to the
scheduled starting time, To, the SA antenna is open-loop pointed toward the user satellite
and the AIP is loaded with the necessary integration times and threshold settings. At To, all
AIP registers are set to zero, the AIP begins the determination of signal presence or
absence, and the error signal integrators provide outputs every 0.512 second. A sliding
window is used to accept the newest and delete the oldest 0.512 second of data when
using longer integration times.

Once signal presence is declared by one of the two techniques, a non-zero error signal is
output from the AIP to the TT&C computer which then changes antenna control modes
and switches from the initial open-loop mode to the closed-loop mode. A sequence of rate
bias commands are sent to the TDRS SA antenna gimbals to drive the antenna toward the
user at a constant 0.02E/second closure rate. (The total rate is the sum of the user’s angular
rate plus 0.02E/second.)

Figure 10 illustrates one side of the autotrack error signal as a function of angle off-
boresight, and delineates the key acquisition regions as the antenna progresses from a
typical initial condition at Point 1.

As the antenna moves toward the user satellite, main beam signal strength and SNR
improve to a point such that when main beam signal presence is declared, (point 2) it
becomes safe to reduce integration time from the initial decision value to the final value of
0.512 seconds. The autotrack pull-in algorithm then starts to check the magnitude of the
error signal. When it drops to an equivalent angle of 0.075 degrees (point 3) the constant
closure rate of 0.02E/second is reduced to 0.003E/second. When the equivalent angular
error drops to 0.015E (point 4), the 0.003E/second bias error is reduced to zero, the
autotrack logic switches in an additional control loop integrator and finepointing control is 



Fig. 10.  Antenna Acquisition Pull-In Modes

initiated. At this time the autotrack circuit is in its final stage and maintains high accuracy
SA antenna pointing that accommodates a nominal ±0.015E dead zone dictated by the
gimbal stepper motor drive and a dead-beat technique that minimizes structural dynamics
effects.

An approximate open closed-loop sequence is illustrated in figure 11. Should the signal
disappear for any reason, the autotrack rate logic will keep the antenna moving at the
user’s predicted angular rate, but with offset biases built up during the pull-in process. This
is illustrated in figure 12. If the signal returns, it will be treated as before and the system
will continue based on the logic associated with each region of figure 10. If the signal does
not return within 60 seconds, the system reverts to open-loop pointing, and the acquisition
process is reinitiated. If a large error should build up in the 60 second time-out  region, the
antenna beam will be commanded back to within the ±0.22E uncertainty region at the
beginning of the acquisition process.

PN CODE ACQUISITION

All forward link services and all Data Group 1 return link services are PN coded. For
S- and K-Band Shuttle, the forward link PN code is optional, and neither use return link
PN codes. From an acquisition viewpoint, the issue of principal interest is that of
establishing return link Data Group 1 PN code synchronization for the general TDRSS
user community.



Fig. 11.  Antenna Control Sequence

Fig. 12.  Tracking Bias Concept

Consider first the nature of the PN codes used on the forward and return link. Two codes
are used for the forward link, one of which is modulo-two added to the data on the
command channel with the combination PSK modulated onto the carrier. The second code
is PSK modulated onto the carrier in quadrature to the command channel to form a
dedicated range channel. The command channel PN sequence is one from a family of Gold
codes of length (210-1) chips. The range channel PN code is a truncated 18 stage shift
register sequence of length (210-1)28, or 261,888 chips. The epoch or all-ones condition of
the range code is synchronized with every 256th command channel epoch. Range channel
power is 10dB below command channel power. The nominal chip rate is approximately 



3 Mcps so that a single chip corresponds to approximately 100 meters of range delay. The
actual PN chip rate is

(2)

where F is the TDRS transmit frequency and k=221 at S-Band, 1469 at K-Band. Strict
sense coherence is not provided, but the TDRSS will maintain the required frequency ratio
to within 0.01 Hz at the PN chip rate.

The return link uses one of two PN codes. For coherent turnaround, the return link code is
identical in length to the forward link range code, and is synchronized to both the forward
link clock and epoch in the user satellite. The carrier frequencies are also coherent in this
mode, so the return link frequency received at the WSGT is reasonable well known to
within ± 2.2 kHz at S-Band, ±13.8 kHz at K-Band. For the noncoherent mode, a short
2047 chip Gold code is used; there is no forward link, so the carrier frequency uncertainty
is determined by the stability of the user’s on-board oscillator. Typically it is expected to
be known to within ±700 Hz at S-Band, ±5 kHz at K-Band at the user’s transmitter. At the
TDRSS’ demodulators, the uncertainty is # ±1.9 kHz at S-Band +12.2 kHz at K-Band.
The TDRSS is required to be able to accommodate user frequency uncertainties as large as
±3 kHz at S-Band; ±20 kHz at K-Band.

The return link signal is unbalanced QPSK modulated. For mode 1 Identical PN codes
used on both the I & Q channels. The codes on each carrier channel are offset by more
than 20,000 chips. For mode 2, independent Gold codes are used on the I & Q channel.
Two PN code correlators are used so that the output of each correlator appears as a BPSK
signal which can be further demodulated with standard Costas or squaring loops. For mode
3 only, the I channel is PN coded as for mode 1.

The code/carrier frequency, ratio is well known when it leaves the user n this case, k = 240
at S-Band, 1600 at K-Band and F is the user’s transmit frequency), but the ratio changes as
the signal passes through the various return link frequency translation stages in the TDRS
and in the WSGT. By the time the signal arrives at the demodulator, there is enough built-
up uncertainty to preclude taking advantage of the code/carrier frequency ratio as an
acquisition aid. The problem is brought about by the fact that the TDRS master frequency
generator is phase locked to a pilot tone received from the WSGT, and by TDRS-User
doppler uncertainty which affects the return link differently than the forward link. Forward
link code/carrier frequency ratio has no equivalent uncertainty effect.

For forward link PN code acquisition, the user is able to search a very short code
uncertainty region - i.e., the entire command code which is only 1023 chips long. The
TDRSS pre-corrects the carrier and PN code frequency for doppler so the signal received



by the user satellite is essentially doppler free. The user satellite has only to search for the
PN command code using any of the standard search strategies.

Since the range code epoch is synchronized to every 256th command code epochs, it is
acquired by referencing the range code search strategy to the command channel epoch and
sequencing through the 256 possible positions until the correct position is found. After
range code acquisition is achieved, the return link PN code epoch is synchronized to the
range code epoch and half of the acquisition process is complete.

The other half of the acquisition process, return link acquisition, is relatively
straightforward for the non-coherent mode. The demodulator only has to search through
the 2047 code positions until acquisition occurs. The process is more complicated for the
coherent mode because too much time would be required to search through the complete
261,888 chip PN code. In order to achieve reasonable acquisition times, it is necessary to
restrict the search window to the range uncertainty window associated with each user
satellite. This is done by referencing the center of the search window to the forward link
code, but delayed by the estimated round trip path delay, as discussed in subsequent
paragraphs. First, however, consider the size and nature of the range uncertainty window.

Figure 13 illustrates the path geometry, and a typical user satellite’s orbit. The principal
user’s position uncertainty is # ±9 seconds along track. The fastest user velocity
requirement imposed on the TDRSS is ±12 km/sec. corresponding to the fastest point in a
highly elliptical orbit. This corresponds to a worst case range uncertainty of ±2160 chips at
the nominal 100 meter/chip. TDRS position uncertainty is expected to not exceed
±1.25 km. With miscellaneous estimating errors and true PN chip rates, the greatest PN
chip uncertainty is ±2301 chips. The user satellites state vectors are updated periodically,
so that the position uncertainty does not exceed ±9 seconds of along-track distance. It is
expected that the true position uncertainty follows a truncated Gaussian probability
distribution with the 3F value equal to the maximum window width, as illustrated in
Figure 13.

In order to minimize total acquisition time, TDRSS uses an expanding search technique
which takes advantage of the increased probability that the user is near the center of the
uncertainty region. The process is illustrated in dotted lines. This process typically reduces
median acquisition time by a factor that varies from 1.6 to 2.0 for the selected acquisition
detection probabilities.

The PN acquisition process selected for the TDRSS demodulators uses a sequential
detection technique (as opposed to “fixed dwell time techniques) because of its rapid
“dismissal” characteristic during the search process. For the values of C/No available to the
acquisition circuit, analysis has shown that total PN acquisition time is minimized by 



Fig. 13.  PN Code Acquisition Strategy

allowing the probability of detection for any one trial, Pd, to be low in order to keep the
probability of false alarm, Pfa, high in the presence of interfering codes. The values
currently used for Pd range from 0.2 to 0.3 which permit a rapid dismissal that more than
makes up for the need for multiple passes through the uncertainty region.

A block diagram of the acquisition channel is illustrated in figure 14. The circuit is fairly
conventional, with the reference channel being a noteworthy exception. This channel
provides a bias and comparator threshold which is continually referenced to the signal plus
ambient noise (S+N) level.

Fig. 14. Sequential Detection Acquisition Circuit



Fixed threshold systems suffer in low PN processing gain applications because the signal
can be a significant part of the total S+N that passes through the post correlator band-pass
filter when the local PN code is offset from the incoming PN code by an integral number of
chips. This leads to the possibility that a fixed threshold could either cause a false
declaration of acquisition on the wrong code position for a strong signal, or a missed
opportunity to acquire a weak signal at the correct position. The reference channel permits
a floating bias and threshold which avoids the problem.

The results of a series of computer simulations of the acquisition process for the multiple
access service are presented in figures 15-17 for the coherent and noncoherent modes
(1 and 2A), and for the noncoherent mode with expanded frequency uncertainty (2B).
Wider IF filters are used in mode 2B, rather than instituting parallel frequency searches.
The values presented in figure 15 are normalized to a ±1000 chip search, and to a uniform
search pattern (i.e., search direction reversed at uncertainty window boundaries).

Fig. 15.  0.5 Probability Acquisition Time at Minimum Specification
Power Level Versus Data Rate - Mode 1

Fig. 16.  0.5 Probability Acquisition Time at Minimum Specification
Power Level Versus Data Rate - Mode 2A



Fig. 17.  0.5 Probability Acquisition Time Versus Data
Rate - Mode 2B Bi -N- L Data

A noteworthy phenomenon of the TDRS acquisition process is that when the user satellite
transmits excess Effective Isotropic Radiated Power (EIRP), the detection probability for
an individual acquisition trial is enhanced. Improvement factors for the three modes are
illustrated in figures 18-20. For example, from figure 18, if a user satellite with a 1 kbps
data rate radiated 2 dB excess EIRP, the PN acquisition time would be reduced to 48% of
its nominal value.

Fig. 18.  Relative 0.5 Probability Acquisition Time Specifications
Parameterized by Excess EIRP Versus Data Rate - Mode 1



Fig. 19.  Relative 0.5 Probability Acquisition Time Specifications
Parameterized by Excess EIRP Versus Data Rate - Mode 2A

Fig. 20.  Relative 0.5 Probability Acquisition Time Specifications
Parameterized by Excess EIRP Versus Data Rate - Mode 2B

In order to properly center the demodulator’s PN search window, a countdown process is
used which is based on the epoch from the associated forward link modulator. Each
modulator outputs epoch pulses to a switch matrix which is capable of routing any epoch
from any modulator to any or all appropriate demodulators. This will permit multiple return
links from any one user. It will thus permit return links through more than one TDRS for
portions of the user’s orbit when more than one TDRS is visible. A simplified block
diagram is illustrated in figure 21. The search window centering strategy is illustrated in
figure 22. The White Sands Ground Terminal (WSGT) has a station time standard that
distributes short pulses to many units at one second intervals. During each second, a data
bus distributes or picks up data to or from the principal equipments. For search window
centering, each demodulator is given an estimated value of the nominal round trip path 



Fig. 21.  PN Code Search Reference Approach: Any Return Link
to Any Forward Link without Interruption

Fig. 22.  Demodulator PN Code Search Initialization

delay J, which is applicable at a scheduled one second time tic, but is applied to the first
forward link PN epoch after the time tic, as illustrated. The maximum error in this process
is 21 chips.

CARRIER ACQUISITION

Standard carrier acquisition processes are used for the majority of links. The one notable
exception is Data Group 2 at low data rates. The return link for this mode is not PN coded,
so the I & Q channels are not separated into BPSK channels by the PN code correlation
processes. To facilitate acquisition, and to avoid false carrier lock, initial acquisition is
achieved on an unmodulated signal for users with data rates #20 kilosymbols/second
(ksps) at S-Band or 60 ksps at K-Band. NASA is advised of carrier lock status via a
continuous sequence of Operations Data Messages. When lock occurs, they are able to
command the user satellite to enable its return link modulator.



TOTAL ACQUISITION TIMES

The principal acquisition events for the five TDRSS services in their various modes are
illustrated in figure 23. Times for each of the individual functions are presented for MA
services in figure 24 (A, B, and C) as a function of data rates. For NRZ data modulation, at
the lowest data rates and lowest bit transition densities, bit synchronizer acquisition time
can be relatively long. Bit synchronizer acquisition time is much shorter for Bi-N-L
modulated data, and decreases for both cases with increasing transition density. SSA
acquisition time performance is similar because acquisition C/No values for SSA service
are similar with user satellite EIRP’s that are 10 dB lower than required for MA return link
service. K-Band PN code and carrier acquisition times are specified to be 5 seconds but
are generally faster because there is a minimum user EIRP requirement of 30 dBw for
return link autotracking. Bit synchronizer and decoder acquisition times are comparable to
SSA services. For KSA services, an additional 30 seconds is also required for autotrack
acquisition; 10 for signal presence detection and 20 for antenna pull-in.

Fig. 23.  Signal and Data Acquisition Sequences for Return Link User Services



Fig. 24. Typical Total Acquisition Time Performance for MA Return Service

Fig. 24.  Typical Total Acquisition Time Performance for MA Return Service
(Continued)
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THE NASA STANDARD TELEMETRY AND COMMAND
COMPONENTS (STACC)
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ABSTRACT

The Standard Telemetry and Command Components (STACC) were conceived by NASA
for use on the Multimission Modular Spacecraft. The components have wider application,
however, and already are being considered for many other spacecraft.

A programmable Central Unit controls Remote Interface Units via a full duplex data bus,
providing data acquisition and command distribution capability throughout the spacecraft.
The Central Unit can meet any uplink, time code, and format requirements without
hardware changes. Each remote unit can acquire any type of data (serial digital, bi-level,
analog, or passive analog) on any channel. A third type of unit is an optional interface
providing I/O capability to an on-board computer.

The protocols used on the 1Mbps data bus are compatible with MSFC’s “Standard
Interfaces for Digital Data, Multiplex Serial Data Acquisition and Distribution Systems
(SIDD/MSDADS Standard)”. The bus design saves significant harness weight and
simplifies the single point ground and isolation approaches.

INTRODUCTION

The NASA Standard Multimission Modular Spacecraft (MMS) became a reality this year,
with the first of many MMS spacecraft being integrated now at GSFC. This system,
available to a variety of users throughout the next decade, dramatically reduces the cost-
per-pound of flying most payloads. It also spawned development of a programmable
telemetry and command subsystem that reduces cost-per-channel for many spacecraft.
More significantly, this subsystem is a step toward an integrated on-board communications



network, of which the telemetry and command functions are merely “subscribers”.

The MMS has been described elsewhere in the literature (Ref. 1 & 2), and its
Communications and Data Handling Module has been described at this conference, both in
concept (Ref. 3) and as implemented (Ref. 4). This paper focuses on a stand-alone
subsystem of the C&DH, the programmable NASA Standard Telemetry and Command
Components (STACC). Most users in the scientific and engineering communities will
interface with the STACC remotes. Therefore, this paper only sketches the capabilities of
the Central Unit and the computer interface, but presents the RIU interfaces in detail.

STACC SYSTEM

The STACC system (Fig. 1) provides a flexible, modularly expandable Remote Interface
Unit (RIU) at any spacecraft location that requires command distribution and/or data
acquisition. A microcontroller-based Central Unit (CU) issues command and telemetry
instructions to the RIU’s, receives their data samples, and then inserts them into a PCM
downlink and/or transmits them to an on-board computer. The CU establishes command
and telemetry message opportunities on the Supervisory Line of the Multiplex Data Bus
(MDB) in a time-division multiplex fashion. There are virtually no restrictions on
sequencing of successive messages to a given RIU, as each command and telemetry
function is executed by independent segments of the RIU. Bus control can be tailored to
meet requirements of various applications.

Format Sources - For STACC, a “format memory” is a list of input channel addresses and
corresponding data handling instructions. (A given channel may be sampled in more than
one manner, e.g. bilevel, passive analog, and/or active analog.) The CU may have several
fixed and alterable formats for the TM output. Capability to dwell on any channel is also
provided, as well as capability for fixed and variable internal words (such as subframe ID,
sync code, vehicle time code word, STACC status, command count, command reject flag,
etc.). Three format sources for the telemetry output have been implemented to date:

1. A non-volatile memory which may be changed prior to launch via an access plate in
the CU housing. Depending on the application firmware, this memory may be
assigned to be one large format, or several commendable smaller ones, with or
without subcommutand supercommutation;

2. An optional RAM in the CU which may be loaded via the uplink or by an on-board
computer (OBC), on-board tape recorder, etc.;



Figure 1.  Typical STACC Application. Up to 31 pair of RI U’s may be
interconnected by a 100 ft. bus. The distances given are the design values,

and may be greater under certain conditions.

3. When greater format storage is required, the optional OBC may be used to store
preloaded formats and loadable formats, and even to generate new formats. (This
would allow, for instance, high rate computer service for diagnostics or automatic
orbital maneuvers.) The computer could downlink the new format if required.

A fourth source for the downlink format could be an additional memory module in the CU
and a fifth could be an external memory expander unit, easily adapted from the approach
described in Ref. 5.

Command Sources - Because the CU is applications-programmable, many command
sources are possible, such as TDRSS uplink, SGLS uplink, STDN uplink, tape-recorder,
Shuttle Data Management System, DSN uplink, OBC, external command storage memory
(a small one may be implemented in the CU’s RAM), etc. This flexibility is usually
achieved through use of a generalized interface module in the CU, which may be replaced
by a special purpose interface module where required. Commands coded for “real-time”
are distributed by the CU upon receipt, whereas stored commands, commands to the 



computer, etc. are steered appropriately. In the MMS, stored commands are forwarded to
an OBC.

Multiplex Data Bus - This serial bus consists of redundant Supervisory Lines and
redundant Reply Lines. Both are Bi0/ -L coded and operate at 1.024 Mbps. One of the
redundant Supervisory Lines is always active, transmitting 1MHz clock (string of Bi0/
“ones”) in all unused message opportunities. This continuous activity allows each RIU, via
an internal phase locked loop, to synchronize to the CU timing. The RIU’s distribute to the
users a clock that has accuracy equal to that of the CU’s 4.096 MHz reference oscillator.

Each supervisory message contains an illegal code and a sync bit, followed by an RIU
address, a message type code, the message, and a parity bit. Each RIU monitors the line
for the sync code and for its own address at all times. If the message type is a data request,
the addressed RIU transmits a data sample plus one header/sync bit over both Reply Lines
approximately 62µsec later. Otherwise, the Reply Line is inactive. Thus the CU recovers
clock and data from this line asynchronously. Sufficient margin is provided to account for
differences in the round trip delays caused by different RIU locations on the bus.

Computer Interface - If an OBC is being used, the CU can send it a copy of the telemetry
output. Further, certain command and/or telemetry message opportunities on the MDB
may be dedicated to the OBC’s own use. The CU would transmit the resulting data
samples to the OBC over a separate line. This data could be read by the ground via a
memory dump, as described below in the section on the STINT.

Capability - As indicated, the CU hardware modularity, its applications firmware, and the
RIU flexibility can provide a wide variety of capabilities. Table I shows the capability
which was tailored for the MMS application, and attempts to give an overview of some
other possible applications.

CENTRAL UNIT

The CU embodies Peter Campoli’s approach (Ref. 5) to a telemetry system that uses a
reprogrammable microcontroller to set up data transfers to/from relatively simple I/O
modules. Although this microprocessor operates asynchronously, its tasks are made
synchronous to the MDB activity, and to the downlink, by a continually running hardware
timer/task queuing device. Each task has its own software subroutine. This concept was
first implemented for telemetry functions only, on an NRL spacecraft. Messrs. P.
O’Sullivan and G. Wolrich extended the concept to include command and telemetry in a
modular unit for an Air Force spacecraft.



Table 1.  System Capabilities.

Function
Standard

MMS Application

With Modification

Firmware Mod. Only
Firmware Plus

Minor Hardware Mod.

I.  TELEMETRY

No. of Sources, max. 15,872 (31 fully expanded
RIU’s)

31,744 in a non-redundant
application

Open

Rate Selectable in 8 steps to
128 kbps

256 kbps, max. 512 kbps

Word Size 8 bits - 16 bits

Format • 128 words/minor frame
• 6 subcoms, each 128 words

deep

Arbitrary -

No. of Fixed
Formats, max.

2 (both use common subcoms) Up to 8 Arbitrary

No. of Flexible
Formats, max.

1 (128 words) - Add memory

No. of Sources
Addressed by one
Fixed Format, max.

890, including fixed words 1024 Add memory

No. of Sources
Addressed by OBC,
max.

15,812 31,624 Open

II. COMMAND

No. of SD Channels 248 (31 RIU’s) 496 in a non-redundant
application

1984

No. of Discrete
Channels

1922 available (two per RIU
are used internally)

3906 in a non-redundant
application

-

Uplink Rate 3 kbps, max. 10 kbps, redundant uplink
20 kbps, non-redundant uplink

256 kbps

Uplink Word Size 48 bits Arbitrary -

Uplink Format STDN;STDN/TDRSS SGLS;DSN Open

No. of Special
Commands

16 (4 are dedicated to STACC
functions)

- 512

A bi-polar microcontroller chip was used as the basis for the microprocessor module to
ensure performance in a wide variety of radiation environments. The CU architecture
(Fig. 2) was then optimized to improve task execution speed and to reduce power
consumption. Speed requirements were met by enhancing the architecture of the selected
chip and by using the CU internal bus structure shown. The resulting microprocessor



performs tasks faster than any other microprocessor currently available for spaceflight. The
large power requirements of bi-polar circuits necessitate that the microprocessor be power
strobed. Once a process has been initiated in one of the interface modules, the
microprocessor shuts down. Accordingly, a hardware executive is used to queue tasks for
execution, rather than, a traditional firmware executive.

Figure 2.  Central Unit Architecture. The microprocessor duty cycle is 
less than 60% with a typical 32KBPS downlink, 2KBPS uplink.

All simple high-rate tasks, such as parity generation, are performed by the interface
modules. Further, high rate inter-module communication is handled by direct link rather
than by the microcontroller. On the other hand, the spacecraft clock tasks and all tasks
which require formatting or decision capability are performed by the microcontroller.
Flexibility results because most tasks are accomplished by one or more interface modules
controlled by corresponding firmware modules (and both hardware and firmware are easily
modifiable). The key tasks are described on the next page.



Spacecraft Clock Functions - The CU contains a 4.096 MHz reference oscillator which
can serve as the spacecraft clock. An external oscillator may be selected by ground
command. The selected oscillator establishes the 1MHz MDB bit rate accuracy, which in
turn is preserved by a phase-locked loop in each RIU. Depending on the applications
firmware, the CU can generate a software vehicle time code word that is an arbitrary
number of bits long with resolution as fine as one millisecond. (Even finer resolution can
be achieved by a wiring change). For the MMS application, the spacecraft clock is 24 bits,
with 1 second resolution.

Command Processing - With the microprocessor, one is free to completely re-think the
approach to command processing. Consequently, little use was made of classical
approaches that limit command systems to specific applications. For instance, there is no
hardware shift register at the input. Each bit received over the hardware interface is tested
by a combination of edge detection, level detection, and firmware for validity (e.g.
presence or drop-out of receiver or demodulator reject signals; mutual S-tone, 0,1
exclusivity; etc.), then immediately placed into a software register. This task is initiated by
the bit’s arrival, so any bit rate (up to the maximum) can be supported. As validated bits
are assembled into a word, the software performs additional tests to detect errors as early
as possible (and also to flag them to the ground and re-initiate the command search.) For
MMS, these tests include spacecraft and CU address, 7-bit polynomial check code, and
48-bit word length. Synchronization is also software controlled; an 8-bit Barker code was
implemented for MMS. This code must precede every command string.

Command inputs may be NRZ-L or NRZ-M, pin selectable. The MMS application
firmware will automatically correct data that arrives logically complemented. Thirteen
lines are available on the existing command input module. The firmware defines them as
two redundant 5-line demodulator interfaces plus a 3-line hardline (test) interface. Each
CU of a redundant pair searches both demodulator interfaces for a valid command. If a
valid command is received from both demodulators at the same time, the CU selects one to
execute.

Generally, execution for the CU means steering a subset of the command word to either
the Supervisory Line transmitter or to the OBC, based on control bits in the command
data. The CU may also execute a small number of special commands directly. Generally,
these are configuration management commands used to select the active Supervisory Line,
internal or external spacecraft clock, which Reply Line to monitor, etc. They may be
detected and executed using a minimum of functioning circuitry and do not use the
spacecraft clock.

The MMS uplink bit rate is 2kbps. Higher rates could be supported. If the CU is
commanded to a mode in which it is dedicated to processing a single, non-redundant



command input, then a bit rate of approximately 20 kbps could be supported. If telemetry
or other functions were required at the same time, uplink limits would be 6 to 8 kbps,
much higher than a conventional or TDRSS uplink rate. For an application requiring
greater rates, the CU’s command input module could be replaced by one with a high-rate,
buffered shift register. It is estimated that an 0.25 Mbps uplink could be processed by a
CU optimized for uplink performance.

Telemetry Processing - At each word-time in the telemetry process, the Supervisory Line
controller wakes up the microprocessor. The telemetry subroutine generates the format of
the major and minor frames by accessing one of the format sources listed above. It also
distributes internal words and subcoms. In the MMS application, each Data Request
message requires 16 bits from memory plus 11 bits from the control firmware. The
microcontroller assembles the 27 bits and loads them into a buffer register in the
Supervisory Line transmitter. This transmitter then adds four sync bits and a parity bit.

When an RIU receives the telemetry message, it samples the selected data and transmits
the resulting 8-bit word plus header to the CU over the Reply Line. Receipt of the reply
within a pre-defined time window assures that the CU will insert it into the proper location
in the telemetry bit stream. Otherwise, the CU inserts “all zeroes” into the corresponding
location so that the RIU failure may be flagged. The CU achieves a smooth output rate by
double-buffering the Reply Line and the output. Telemetry output is NRZ-L and
redundant. Additional clocks and a hardline are also available.

Pluggable format storage of 2048 x 8 bits has been implemented (enough for 1024 words
using the MMS/R1U convention). On MMS larger memory requirements will take
advantage of the OBC’s memory. For other applications, CU memory expansion is
possible. Control memory size was optimized because the formats allow simplified
distribution of fixed words and subcoms. With expanded control storage, totally arbitrary
formats could be provided.

The telemetry process may be controlled by the ground or by an OBC. Downlink rate,
format source, dwell mode, etc. are selected via a serial digital command which is output
over the Supervisory Line to a local RIU, which then presents it to a CU port. The local
RIU is an MMS peculiar implementation and is not needed in all applications.

REMOTE INTERFACE UNIT

An RIU responds to three types of Supervisory Messages that may be addressed to it.
These types cause the RIU to output Serial Digital commands, to output Discrete
Commands, or to acquire data. The RIU can also output synchronization pulses and a
continuous clock. The various tasks are handled independently of each other, and can



therefore be executing simultaneously. The identification format for the message types
meets the new NASA Multiplex Serial Data Acquisition and Distribution System
(MSDADS) standard. In fact, other types of remote units could be placed on the MDB
which would decode all eight MSDADS bus message types, and the CU firmware or the
OBC could address them as well as the RIU’s.

The RIU has three major operating modes. In the OFF mode, it can only monitor the
Supervisory Line and respond to a properly addressed discrete command message to
switch itself into Standby I. In Standby I the rest of its discrete command execution
capability is enabled. Receipt of a specific discrete command switches the RIU from
Standby I to Standby II. In Standby II all command and telemetry capabilities are enabled.
In a redundant application, discrete commands could be implemented via one RIU and
telemetry via the mate, allowing a high degree of failure circumvention. The command to
switch into Standby II, while used internally, is also available externally and can be used to
switch a mate OFF.

In all operating modes, the Bus Receiver (Fig. 3) continuously monitors two redundant
Supervisory Lines and automatically selects for further processing the one with the larger
RMS amplitude signal. (Generally, one line will carry CU transmissions while the other is
in standby, carrying only very low-level noise.) The Bus Receiver also produces a 1.024
MHz clock that is phase locked to the Supervisory Line. This clock is used internally by
the RIU so that its operation is synchronized to the CU’s reference oscillator, and it is also
available as an output to the user.

The Control Logic receives messages from the Bus Receiver and performs functions that
are common to all RIU tasks. This includes partially decoding each Supervisory Message
to detect RIU address and the message type. It then forwards the remainder of the message
to the corresponding RIU functional section and checks message parity. If this check
passes, the Control Logic sends an “execute” pulse to the selected section. If the parity
check fails, the Control Logic clears the selected section and the RIU performs no function
in response to the faulty message. In either case, the Control Logic is immediately free to
accept the next incoming message.

In this fashion, any given RID can receive messages at the Supervisory Line repetition
rate, even though execution of a task may take more time than one Supervisory Line
message transmission. Task execution may be considered to occur synchronously with the
Supervisory Line message opportunities (32 times per millisecond). With modification,
tasks could be executed more frequently for special applications, but in general the
maximum execution rates are:



Figure 3 . RIU/EU Architecture. Each function is handled independently,
and all may be executing simultaneously.

1. Control Logic - may be addressed 32 times/millisecond;

2. Serial Digital Command Section - may be addressed 8 times/millisecond (16-bit
command shifted out at 256 kbps);

3. Discrete Command Section - may be addressed approximately once per 8 msec
(Command duration is approximately 7 msec, may be modified to about 16 ms);

4. Data Acquisition Section - may be addressed 16 times/millisecond. Data acquisition
(multiplexer switching, settling, signal conversion, and transmission) requires
1/8 ms, but two samples may be handled in overlapping fashion.



If an instruction is addressed to a “busy” section, the instruction is ignored. Higher system
rates may be achieved by adding duplicate cards to an RIU or by assigning successive
instructions to alternate RIU’s.

Serial Digital Commands - The Serial Digital command card decodes eight SD command
addresses, (modification for additional ones from an RIU is possible). One of eight
selection lines enables the addressed user channel to receive the SD output. The enable is
a 78µsec open-collector switch closure to ground capable of sinking 24 mA.

There are four SD output interfaces, each presenting the command and a shift clock to one
or more users. The command is 16 bits of NRZ-L data, and the clock is a 16-bit, 256 kHz
gated pulse train. Both are differentially driven (32 mA max.). Typical receivers are the
DM7820 and SN55115. Provision is made for driving user loads from redundant RIU
outputs to improve reliability.

Discrete Commands - The discrete command card decodes 64 discrete command
addresses. Adding cards would allow 512 discretes per RIU. Two discretes are dedicated
to internal RIU mode control. One of these may also be used to turn another RIU OFF.

The discrete command interface provides flexibility and failure protection. Any discrete
channel can provide a pulse (28V, 200 mA max) and/or an open collector switch closure to
ground (sinking 200 mA, max), so that both relay and logic loads may be driven. By wiring
to the desired RIU connector pins, the user defines each channel as needed. Duration of
the discrete command is modifiable. For the MMS application it was set at 7 ms. Provision
is made for redundantly connecting pairs of outputs in parallel to increase reliability.

Data Acquisition - A Data Controller retrieves four types of data from up to 512 channels
(fully expanded). Table II indicates the data types and characteristics. Upon receiving a
Data Request message from the RIU’s Control Logic, this controller turns on the
appropriate 64-channel multiplexer card, processes the data sample, and transmits the
resulting 8 bits of data (plus a header/sync bit) to the CU over both redundant Reply Lines
simultaneously. Processing for each of the four data types is described below. Because the
type is selected by control bits in the Data Request message, various types of processing
may be performed independently of channel address.

The processing capabilities include 8-bit analog to digital conversion (0 to 5.1 Vdc).
Accuracy over the range -10EC to +50EC is ± 0.1% F.S., linearity is ±½LSB, and
conversion speed is 2.0 µsec per bit. A sample and hold is not included, but one could be
added for special applications that require a given RIU input to be sampled at a very high
rate. Accuracy is assured by using a truncated 12-bit, successive approximation ADC. The
signal presented to it is the output of a true-instrumentation type differential amplifier, 



Table II.  Telemetry Data Types, Per Multiplexer.

Input Signal
Type

Available
Channels

Input Voltage
Range

Maximum
Source
Impedance

Channel Input
Impedance

Comments

Analog 0-63 0 to + 5.1 Vdc 5K ohms Multiplexer
ON > 1 megohm

Multiplexer
OFF > 10
megohms

Special enable
available on
channels 0-15

Passive
Analog

16-31 0 to + 5.1 Vdc 5K ohms 1 mA ± 0.5%
current source

Bilevel 0-63, in
groups of 8

“1” = +3.5 to + 15 Vdc
“0” =  -1.0 to+ 1.5 Vdc

5K ohms 8 channels sampled
sequentially, 256 kHz

Serial
Digital

0-15 “1” = +2.4 to + 15 Vdc
“0” = -1.0 to + 1.5 Vdc

500 ohms DATA, 8 bits
CLOCK, 256 kHz
ENABLE-one of 16,
available on channels 0-15

which operates on the difference between the sampled signal and its reference return. Each
return line is common to eight signal lines. Other processing capabilities include providing
a 1mA + 0.5% constant current source where needed for measuring resistances less than
5kS; sampling eight bi-level channels as a single data word; and fetching an 8-bit serial
digital word (the RIU provides an enable and a 256kHz shift clock). The SD enables are
47µs switch closures to ground, and may also be used to enable analog inputs and to
control sub-multiplexing or other functions in the user equipment.

Besides data handling, the Data Controller performs timing distribution functions. It
outputs two differentially driven 1 MHz clocks that are phase-locked to the Supervisory
Line, and provides three open-collector synchronization signals, each on four lines. Any
Data Request Message on the Supervisory Line may contain flags causing output of any
one or more of the three sync signals. In the MMS application, these sync outputs are used
to signal major frame sync, minor frame sync, and word rate sync. All three occur in data
requests for the downlink, none are used by the OBC for its own data acquisition. All
RIU’s in the system distribute the sync signals at the same time. This is accomplished by
testing all Data Request Messages for the presence of these flags, regardless of RIU
address.

Data Multiplexer - One of the more significant innovations in the RIU is that all four types
of data are sampled via one type of multiplexer, allowing the user a high degree of
flexibility in assigning channels. Each RIU has one 64-channel multiplexer card. Pairs of
additional cards may be packaged in expander housings which can be stacked on top of the
RIU or located nearby. Up to a total of 512 channels may be provided per RIU. The only
restrictions on channel assignment within a card are shown in the second column of



Table II. Because the type/channel assignments are software defined, they may vary from
one multiplexer card to another at an RIU. Differential sampling is available for active
analogs, in groups of eight.

Each multiplexer card contains ten identical 8-channel hybrid microcircuit multiplexers,
eight for first tier signal multiplexing, one for the second tier, and one for reference returns.
Each multiplexer input is through a J-FET, providing high OFF impedance. The pinch-off
voltage needed to hold these switches open may be supplied by the RIU’s internal power
converter or by another RIU. Protection is provided against shorting an input line to
ground or to voltage (-15Vdc to +35Vdc) for an indefinite length of time. The ON
impedance is 1MS.

The multiplexer has been designed for high frequency response to digital signals, and
approximately 2kHz response for analog signals. Thus either type of data may be input on
any channel. The appendix shows the interface circuits and indicates the special features
available to users on each channel of a given mux card. If a circuit such as an enable or a
constant current source is not needed, the user need not connect to it or even terminate it.

MULTIPLEX DATA BUS (MDB) OPERATION

Physical Characteristics - A fully redundant MDB consists of two Supervisory Lines
(standby redundancy) and two Reply Lines (active redundancy). Line taps are made via
Bus Coupling Units (BCU) which contain transformers and isolation resistors. The BCU
prevents serious mismatch of the MDB at the point of attachment of a long stub, and
protects the MDB from excessive loading due to an RIU or stub short circuit. The BCU
also reduces the effects of common mode noise at the RTU receiver and provides dc
isolation.

Other characteristics are:

Transmission Medium Two or four twisted shielded pair
(redundancy is optional)

Method of Termination Zo at ends of line (72S)
Length of line 100 ft. maximum
Lengthof tap (MDB to BCU) 2 ft. maximum
Length of stub (BCU to RIU) 20 ft. maximum
Number of BCU’s Up to 31
Signal Differential, 1.0 to 15.0 volts
Bit rate/waveform 1.024 MHz/Biphase-L



Format - The Supervisory Line format chosen for the MMS application allows the CU
32,000 opportunities per second to transmit a 32-bit message. Sixteen thousand per second
of these are shared between downlink and computer data requests. Approximately 43
message opportunities per second are assigned for uplinked commands, and 1,000 per
second for computer-generated commands. The remainder of the supervisory line message
opportunities are unused.

The Reply Line is active only for the duration of the 9-bit transmission that occurs in
response to each Supervisory Data Request.

STACC INTERFACE FOR COMPUTER (STINT)

An optional unit, the STINT interfaces a parallel processing on-board computer (OBC)
with several bit-serial processes. The STINT is both a means for the OBC to access the
STACC units for I/O, and a means for the ground to set up, control, and monitor the OBC.
Using the OBC allows, for instance: 1) digital attitude control, 2) on-board data reduction,
3) computer generation of telemetry formats, and 4) ability to execute commands after time
delays or in response to mission events.

In the MMS application, the STINT interfaces with the CU, the local RIU, a power control
unit, the OBC’s two memory buses, a separate RF channel for dumping the memories, and
the OBC’s central processing module (CPM). The memory connections are made on one
face of the unit, while the STACC and CPM connections are on the opposite face. The
STINT is mounted on the CPM to minimize line length and noise problems. The 4k word x
18-bit memory modules on the memory busses are up to several feet away. All the
interfaces are redundant and cross strapped except for the STINT/CPM. A STINT and its
CPM are powered as a single unit, receiving logic power from the same switched source in
the power control unit.

STINT transactions with the memory are generally via a direct memory access channel
(DMA), with the DMA controller being in the CPM. Timing, synchronization, and
handshaking for most transactions are supplied to the STINT by the unit initiating the
transfer. Because the STINT functions are thus independent with no common control,
modification for interfacing other types of computers is simplified. For example,
preliminary studies for interfacing an NSSC-II indicate that the DMA controller could be
placed in the STINT, and the STACC interfaces would remain unchanged.

FUTURE WORK

As seen, the NASA Standard system provides user flexibility. In the future, however, even
more flexibility will be required of spacecraft internal communication systems. Higher data



rates may require that a greater percentage of MDB capability be used. Smart Remote
Units that can store command and telemetry sequences, collect data packets, compress
data, sample multiple sources simultaneously, etc., may be needed. Various types of
remote units on the MDB may need to transmit to each other. High rate attitude control
systems may need to communicate directly to the OBC. Eventually, the equivalent of a
telephone exchange may be implemented, allowing any electronics unit on board to
communicate with any other. Until then, STACC today satisfies its original goal: service a
variety of missions over the next several years without hardware design changes.
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APPENDIX
NASA Standard Telemetry and Command Components

Standard User Interfaces

Notes for the Diagrams - The encircled numbers on the following user interface drawings
refer to the notes given below, which explain the rationale and some of the details related
to the circuits recommended in the drawings. This information is supplied for reference by
potential users of the standard interfaces and is accurate as of this writing.

1. The diode is used to prevent positive voltage from a failed RIU from feeding back to
the user. RIU power and ground distribution provides a switch that allows the entire
string of switch closures to float from user ground. Certain failure possibilities might
cause voltage to appear on the “floated” string of switches. The diode is necessary to
prevent this voltage from feeding back to the user.

2. Suppression diode.

3. These diodes are necessary to prevent the +28V pulse from feeding back on the +28V
bus of the redundant RIU.

4. A relay switch is provided in order to “float” the common switch return when an RIU
is turned OFF. This is done in order that if a transistor switch (open collector gate)
shorts in one RIU (i.e., fails in the closed mode) its return path to ground through the
-0.7V supply will be removed allowing the redundant RIU to switch the given user
circuit and to remove the permanent ground path through the failed RIU.

5. The -0.7V source is provided to compensate for the junction drop of the protective
diode in the switch closure circuit.

6. This diode is recommended to decouple user power supplies. It is not required if the
enabling signal does not branch to another circuit.

7. The DS7820 is the recommended receiver. An alternate choice would be the
SN55115, which draws more power but is available qualified at a higher reliability
level. The user should not connect the termination resistor across the input of the
receiver, since lines will be terminated at the output of the driver and at the end point
of the line to prevent multiple receiver termination from loading down the differential
line.

8. To other user receivers or to redundant user if needed. It is recommended that all
parallel RIU signal drivers be used before doubling up an any one.



9. A logical inverter is recommended here with sufficient drive capability for user
receiver strobe inputs (and or any enable function that may be needed).

10. To additional inverters (tied to Vcc through a resistor) when parallel drive capability is
required (Note: 24 mA max current sinking capability to enable switch closure).

11. User may need to functionally “OR” signals from redundant RIU’s (Ref. 6, p. 50).

12. User must provide pull up resistor to its local voltage source to establish high input
level to logic gate.

13. The diode and resistor pull-up are recommended for the case in which two differential
receivers, which are functionally “OR’d” as shown, receive signals from separate
redundant RIU’s (A&B). This circuit becomes necessary for the failure mode case in
which:

1. the enable gate of RIU “A” provides a permanent enable to the associated
differential receiver due to cable or connector short to ground and

2. RIU “B” is ON and RIU “A” is OFF.

In this case the pull-up resistor provides a higher noise margin on the falsely enabled
receiver inputs, helping to prevent noise from the RIU “A” path from becoming
“OR’d” with the signals coming in from the RIU “B” path.

The diode is recommended to decouple power supplies in order to prevent this resistor
from providing a path through which an unpowered user could get power from its
redundant powered user. This could happen if the differential input lines branch to the
equivalent receiver in a redundant user. (See Ref. 6, p. 50).





Serial Interface.  Command interface shown, The clock and envelope
interfaces are identical to those used for serial data acquisition.

RIU/USER Telemetry Interface.



 



DESIGN OF THE DSCS III SOFTWARE FOR MULTIPLE
BEAM ANTENNA CONTROL AND PATTERN ANALYSIS

Carmen Joseph Laurelli, Jr.
and

Scott F. Miller

General Electric Company
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Philadelphia, PA   19101

ABSTRACT

This report describes the software capabilities developed by the General Electric Company
Space Division for the real-time command, control and analysis of the multiple beam
antennas (MBA) for the Defense Satellite Communication System Phase III (DSCS III). A
broad description is provided which traces the generation of MBA commands by the
Communications Configuration Program (CCP) through the transmission of the command
data to the spacecraft and its subsequent command verification by means of telemetry data
using portions of the real-time Telemetry and Command Program (TCP).  A detailed
description is provided of the related portions of the TCP and the CCP which are utilized
to analyze requirements and generate control information for the two nineteen beam
transmit MBA’s and the sixty-one beam receive MBA.  CCP is the key element which
provides the operator the capability to merge the requirements of the user community and
the MBA characteristics to provide an optimal user gain distribution.  Block diagrams are
employed to depict the data flow through the DSCS system and the interaction of the
operator with the software.  Samples of the graphic display capability of the CCP software
are included to demonstrate the flexibility afforded the operator as an analysis tool for
operations planning.  Comparison of actual range measured antenna patterns with CCP
generated patterns demonstrates the overall accuracy of simulating the receive and transmit
MBA’s.  The CCP software is a multifaceted computer program which forms an integral
part of the planning, analysis and command determination function when interfaced with
the operator and analyst at the operational DSCS III ground stations.

ITC '78
This CD-ROM duplicates the published proceedings in that only an abstract of this paper was published.



A TACTICAL GPS GUIDANCE SYSTEM

D. L. Gieseking, Senior Staff V. Calbi, Director of Systems Engineering GPS
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Missile Systems Group Advanced Products Division
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ABSTRACT

The paper presents results of a design study that defined an optimal (cost vs performance)
guidance system that uses the NAVSTAR system. The paper will describe the trades that
led to the system configuration. A sequencing receiver (receiver that listens to one satellite
at a time) was chosen. This required the navigation system to position the code and
frequency of the receiver tracking loops where the receiver switches satellites. Receiver
measurements are processed in a U-D formulation of a Kalman filter to update the
navigation equations to perform in-flight alignment and parameter estimation of the
strapdown gyro biases. Receiver and guidance system performance are presented.

INTRODUCTION

The NAVSTAR Global Positioning System (GPS) is a highly attractive system for the
guidance of tactical missiles. Being a satellite-based navigation system, it provides world-
wide coverage, is terrain independent, and operates in all weather — day or night. In
addition, the system may be used by any number of missiles and the missiles need not
radiate. A guidance system that is highly resistant to ECM (electronic countermeasures)
can be designed by combining an inertial subsystem with a GPS receiver.

The Air Force Armament Laboratory is sponsoring a competitive development of a
Tactical Global Positioning System Guidance (TGPSG) system with the purpose of
developing a low-cost, jam resistant guidance system. The primary purpose of this
program is to develop a midcourse guidance system with a secondary objective of “GPS
all-the-way”, i.e., midcourse and terminal guidance.

This paper presents the results of the design study conducted by Hughes Aircraft Company
and Magnavox-Advanced Products Division (subcontractor for receiver development)
which defined their TGPSG system.



TGPSG SYSTEM DESCRIPTION

The elements of the TGPSG system are shown in block diagram form in Figure 1. The
Guidance Processor (GP) maintains an inertial reference using data provided by the Low
Cost Inertial Guidance System (LCIGS). Position and velocity computed using this inertial
reference will be in error because of biases and inaccuracies in the strapdown inertial
measurement instruments. To correct this long-term error, the GP incorporates
measurement data from the class M GPS receiver (M-receiver) from which position and
velocity information can be derived. An upper-diagonal (U-D) form of a Kalman filter is
used to derive position, velocity, and tilt corrections for inertial reference, to estimate gyro
biases and to improve the estimates of clock time and frequency. The GP also provides
rate-aiding information to the M-receiver. This aiding information allows the receiver to
track the GPS satellite signals with narrower bandwidths than would normally be
employed if the receiver tracking loops were forced to track throughout the entire range of
vehicle dynamics. As a result, the receiver can track the satellite signals at higher jamming-
to-signal power ratio (J/S) conditions. The accuracy with which aiding can be provided
ultimately determines the minimum tracking bandwidth and, therefore, the maximum J/S
ratio.

Fig. 1.  Tactical GPS guidance system block diagram

M-RECEIVER DESCRIPTION

The essential features of the M-receiver are shown in a functional block diagram in
Figure 2. The receiver utilizes two tracking loops, a delay-lock loop for tracking the
pseudorandom code transmitted by the satellite, and a Costas or automatic frequency
control (AFC) loop for tracking the doppler-shifted carrier. Pseudorange data is obtained
from the code tracking loop, and is used for determination of position. Pseudodelta-range
data, which is proportional to doppler, is used in the filter as an independent velocity
measurement. The code and carrier loops mutually aid each other. The satellite signal is a
phase-shift keyed (PSK) signal. The phase shifting must be removed by the code loop so
that the carrier tracking loop can track the carrier. The carrier loop, in turn, provides the
frequency of the carrier to drive the pseudorandom code generator. By employing a higher-
order, wide-bandwidth carrier loop to track the dynamics of the vehicle, a first order code 



Fig. 2.  M- receiver functional block diagram

is adequate to generate code phase. A sequential receiver design (tracks one satellite at a
time) was a chosen for the M-receiver to minimize cost while still providing high ECM
resistance.

The receiver has three tracking modes and automatically enters the highest accuracy mode
possible given the carrier-to-noise ratio (C/N) existing in the receiver at that time. The
three modes in order to descending accuracy are: 1) Costas and code track, 2) AFC and
code track, and 3) code-only track. In modes 1 and 2, the receiver provides both
pseudorange and pseudodelta-range measurements. In mode 3, only pseudorange
measurements are provided. When the receiver is in mode 3 tracking, the code loop also
uses the correlator from the carrier loop to measure simultaneous early-late (E/L) power in
the code loop, to maximize antijam (AJ) capability. In mode 3, the receiver must receive
rate-aiding information from the GP to replace the frequency information no longer
available from the carrier loop. The accuracy with which this aiding information can be
provided is the dominating factor in determining the maximum AJ capability of the
receiver.

In addition to the three tracking modes, the receiver has an acquisition mode and two
reacquisition modes. In the acquisition or reacquisition mode, the receiver reconfigures
itself to function in the manner indicated in Figure 3. The receiver receives pseudorange
and pseudorange-rate estimates from the GP and uses this information to establish the
search pattern for the receiver. The search pattern discriminates against multipath by
searching from the short side because the shortest pseudorange is the direct signal.

GUIDANCE PROCESSOR (GP) DESCRIPTION

The functions currently planned to be performed in the GP are shown in Figure 4. The
primary functions are inertial navigation, filtering, to provide corrections to the navigation 



Fig. 3.  Acquisition and reacquisition functional block diagram

Fig. 4.  Guidance processor functional block diagram

equations, and rate aiding of the receiver. Inertial navigation is performed using a north-
reference set of navigation equations which computes latitude, longitude, and altitude from
measured accelerations. For the flight test program, these accelerations are referenced to a
set of platform axes and error terms are added to the measurement to simulate LCIGS.
Thus, the performance of the navigation equations is typical of the performance that would
be experienced if the LCIGS were being used for inertial measurements.

A U-D (upper-diagonal) formulation of the Kalman filter is used to process receiver
measurements and to derive corrections for the navigation equations. Since the filter is
recursive, it handles the sequential measurements very naturally; in fact, even though the
pseudorange and pseudodelta-range measurements for a given satellite are available
simultaneously, they are processed sequentially in the filter. A 14-state filter is used to
compute three positions, three velocities, clock phase, clock frequency, three tilts and
three gyro biases.

In a sequential receiver, two forms of receiver aiding are required. When the receiver
sequences from one satellite to the next, the GP must supply an estimate of the



pseudorange accurate enough so the receiver need not search and can immediately start
tracking the new satellite. The GP must also supply an estimate of pseudorange rate to aid
the carrier loop in rapid acquisition on the carrier. These estimates are known as
preposition information. The second form of aiding is required on mode 3, the GP must
continually supply pseudorange rate information to reduce the dynamics that the code loop
must track.

INERTIAL GUIDANCE SYSTEM DESCRIPTION

The TGPSG system is designed to work with the LCIGS currently being developed by the
Air Force. LCIGS is a strapdown inertial measurement unit with three single degree-of-
freedom gyros and three accelerometers. Since the LCIGS system is still in the design
phase, performance was computed for a range of accelerometer biases. This parameter
was chosen for variation because it is not being estimated in the filter. The gyro biases are
being estimated in the filter and as long as these quantities can be estimated to the level
shown, changes in the instrument quality will not affect system performance.

DESIGN TRADE STUDIES

A series of design trade studies were conducted in order to define the M-receiver. The
purpose of these studies was to reduce the system cost while retaining, or enhancing,
system jam resistance. A previous study conducted by Hughes Aircraft Company for the
Air Force identified a number of techniques for reducing system cost.

LAUNCH AIRCRAFT INTERFACE

One such technique was the use of the launch aircraft high dynamic receiver, an inertially
aided receiver, to initialize the M-receiver. The concept is to eliminate functions from the
missile receiver that can be performed in the launch aircraft receiver and provided to the
missile over the aircraft-to-missile interface. Data that can be provided from the high
dynamics receiver includes; the satellite constellation being tracked, the satellite
ephemerides, satellite clock data, time, measured pseudorange, measured pseudodelta-
range, and an ionospheric correction.

These data allow elimination of the following functions from the M-receiver: 1) the C/A
acquisition code, because the data allows direct acquisition of the P-code; 2) data
demodulation and a satellite almanac, because the satellite data is being supplied over the
interface and 3) the L2 frequency, because the ionospheric correction is provided. The last
function is very significant because it greatly simplifies the RF portion of the receiver.



In addition to the data supplied by the launch aircraft discussed above, the aircraft
interface could supply satellite signals to the missile receiver. This would require an RF
cable from the aircraft antenna to the missile pylon, but it would allow the missile to
acquire the satellite signals prior to launch providing a “lock-on-before launch” capability.

Another technique involves simplification of the receiver by using information from the
inertial navigation solution maintained in the guidance processor. Integration of the inertial
guidance system into the TGPSG system provides the system with significantly improved
jam resistance and reliability as an alternate guidance source. The inertial information
allows one to consider sequential receiver designs that rely on aiding from the inertial
system in order to track. A priori, it was felt that a sequential receiver, a receiver that
tracks one satellite at a time for an extended period of time, would provide the optimum
receiver design on a cost /performance basis. The potential cost savings are obvious;
elimination of three carrier tracking loops, factor of three to four reduction in computer
throughput in the guidance processor and the receiver process controller, elimination of 3
codes and elimination of 3 or 4 correlators. Figure 5 shows the potential hardware saving
of the sequential M-receiver compared to a high dynamic receiver.

Fig. 5.  M-receiver hardware simplifications



RECEIVER CONFIGURATION

Two parallel studies were undertaken to define the system configuration; one, to determine
performance of various receiver options given a level of aiding accuracy and two, to
determine the effect of the receiver options on aiding accuracy. Three generic receiver
forms were studied; sequential, continuous four-channel, pseudo four-channel. A pseudo
four-channel receiver is a sequential receiver that rapidly sequences through the four
satellites and maintains four simultaneous code tracking loops. Within each form, there are
addition trades involving the number of coders and correlators used to mechanize the
tracking loops. Only three configurations will be reported on herein as they bound cost and
performance and include the chosen design. These three configurations are:

1. Four coders/five correlators (as in the high dynamics set)

2. One coder/two correlators

3. One coder/one correlator

SEQUENTIAL RECEIVER

The choice of sequencing rate in a one coder sequential receiver is driven by conflicting
requirements. The maximum sequencing rate is limited by the length of time required to
declare that the signal is present and the minimum sequencing rate by the ability of the
guidance processor to preposition the code when sequencing to another satellite. Since a
±1/2 chip early/late sampling code loop is only linear over ±1/2 chip, it is highly desirable
that the code be prepositioned at least that accurately most of the time. This requires that
the aiding accuracy along the line-of-sight be better than 0.025 chips/sec (2.5 ft sec) for a
satellite sequencing rate of 1/6 Hz. Typical RSS inertial aiding errors were computed using
a covariance analysis program for a range of measurement intervals assuming four
simultaneous measurements each interval (Figure 6). It was felt that a sequencing receiver
at 6 seconds per measurement would give velocity errors similar to the 12 sec data rate
curve shown. This is adequate to supply the prepositioning data. Since the receiver is able
to provide a reliable data present indication at this rate and since the processor has
adequate throughput to incorporate the measurements, 1/6 Hz was chosen for the
sequencing rate. As fast a sequencing rate as practical was considered most desirable to
improve navigation accuracy. Concern over approximations in the covariance analysis also
affected this decision.



Fig. 6.  Inertial aiding error

PSEUDO FOUR- CHANNEL RECEIVER

Since the pseudo four-channel receiver continuously maintains four code tracking loops, it
is desirable to sequence through the satellites as rapidly as possible. The maximum
sequencing rate is limited by the IF bandwidth and hardware constraints, e. g., code
generator slew rate. Assuming the ability to instantaneously slew to a new code, a pseudo
four-channel sequencing rate of 12.5 Hz was selected for a receiver with two correlators
for simultaneous early/late power measurements. For a receiver with one correlator that
J-dithers to make early/late power measurements, a sequencing rate of 6.25 Hz was
selected.

FOUR-CHANNEL RECEIVER

The four- channel receiver that was analyzed was functionally identical to the Magnavox
high dynamics receiver and uses four code generators and five correlators. However, the
bandwidths were optimized to maximize the J/S capability of the receiver in the missile
environment. At low J/S (jam/signal) ratio, the receiver mechanizes four carrier tracking
loops and time shares one code loop. At high J/S, the receiver mechanizes four continuous
tracking code loops with the correlators being J-dithered to provide early/late power
measurement.



COMPARISON

A comparative ranking of the performance and cost of the receiver designs relative to a
sequential receiver with one coder and two correlators is shown in Table 1. Each receiver
has been optimized for the minimum loop bandwidth and for the optimum loop order for
that design. Two columns of relative AJ are shown and they differ by the relative aiding
capability assumed. The unequal aiding column is probably most appropriate for design
because the four-channel designs will provide more accurate navigation. However, as will
be seen, navigation accuracy is not the only factor affecting aiding accuracy. The
sequential (1 coder/2 correlator) design was selected for the M-receiver over the four-
channel on the basis that the modest performance improvement was not worth the cost.
When compared to the sequential (1 coder/l correlator) design the performance
improvement was felt to justify the cost. The pseudo four-channel designs were eliminated
on the basis of design risk. Clearly with today’s technology, the assumption of
instantaneous code slewing is unjustified and the design would suffer a cost and/or
performance penalty as a result.

Table 1

Relative AJ
(Equal Aiding)

Relative AJ
(Unequal Aiding)

Relative
Cost

Sequential

Pseudo four-channel

Four-channel

1 coder
1 correlator

1 coder
2 correlators

1 coder
1 correlator

 1 coder
2 correlators

4 coders
 5 correlators

-1.5 dB

0.0 dB

 -3.0 dB

-1.5 dB

0.25 dB

-1.5 dB

0.0 dB

-1.5 dB

 0.0 dB

1.75 dB

0.85

1.0

0.85

1.0

2.0



RATE AIDING LIMITATIONS

The ability to accurately provide aiding information to the code tracking loop is vital to the
ultimate AJ capability of the receiver. Phase velocity and acceleration caused by vehicle
dynamics determine the tracking loop bandwidth. The signal time rate-of-change can be
effectively reduced by supplying phase velocity (pseudorange-rate) information corrected
with phase acceleration to the tracking loop.

The ability to provide accurate rate aiding is limited by a number of factors; namely,
navigation accuracy, computational delays in supplying aiding and clock g-sensitivity.
Only navigation accuracy is a function of receiver measurement rate. The other error
sources were analyzed to determine their approximate effects because they form a bound
that limits the minimum receiver bandwidth. The Air Force specified the set of vehicle
dynamics shown in Table 2. Given the throughput of the guidance processor, it was
estimated that the time required to perform the aiding computations would be 35 msec. At
the specified vehicle acceleration, the velocity error would be

)V = aTc = 1. 75 m/sec (1)

This magnitude of velocity error would limit the receiver to unacceptable large tracking
bandwidths. It was desired to reduce this error by an order of magnitude to the level of the
aiding error determined from the covariance analysis data shown earlier. A flight computer
capable of that throughput was not available. However, since acceleration at the
measurement time is available, the aiding computation can be extrapolated by the
computational delay time. Then the dynamic error can be reduced to the change in
acceleration (jerk) over the extrapolation time. This error is only

)V = 1/2JTc
2 = 0.06 m/sec (2)

which is less than the predicted navigation velocity errors.

Since the antenna and the inertial measurement unit are usually not co-located, angular
accelerations will cause a velocity error. In most missile systems, this error source can be
neglected because the lever arms are short and high angular acceleration exist only for
short periods of time. Thus, the velocity error introduced will appear as a noise source
rather than a long term velocity offset to the tracking loops.



Table 2.  Vehicle dynamics

Parameter Measurement

Velocity
Acceleration
Jerk
Pitch
Pitch rate
Pitch angular acceleration
Yaw
Yaw rate
Yaw angular acceleration
Roll
Roll rate
Roll angular acceleration

0-900 m/sec (max)
50 m/sec2 (max)
100 m/sec3

Any
100 deg/sec
85 deg/sec2

Any
100 deg/sec
100 deg/sec2

Any
270 deg/sec
500 deg/sec2

The crystal clock used as a basic frequency reference for the M-receiver is also a source of
aiding errors. The most troublesome clock error source is acceleration sensitivity While the
clock is under acceleration, the output frequency can be shifted by 1 part in 10+9 or 10+10

per/g. The particular clock chosen and its mounting relative to the g vector will determine
which scale factor is most appropriate. If the scale factor is 10-10/g, a 5 g acceleration will
cause an aiding error of approximately 0.15 m/sec. This is on the order of the aiding error
due to dynamics. However, at the high end of the scale, the error source would become a
dominating, and limiting factor.

SEQUENTIAL RECEIVER ANALYSIS

A sequencing receiver was designed utilizing a single RF channel with one PN code
generator. Analysis was performed to determine the benefit of implementing aided carrier
tracking, determining the best order of the tracking loops and the optimum bandwidths.

CARRIER TRACKING - UNAIDED AND AIDED

At higher signal-to-noise conditions, unaided carrier tracking (not aided with IGS) is of
benefit for providing measurements for IGS alignment. It also provides a backup capability
during the test program that can be used for system fault isolation, in event of integrated
IGS M-receiver difficulties.

The benefit of using IGS aiding in the carrier tracking loop occurs primarily when the IG
aiding accuracies are insufficient or are marginal for direct code loop aiding. In this case



the aided carrier loop output is used to aid the code loop. The benefit decreases as the IGS
accuracies become better because the IGS becomes more accurate than the aided carrier
loop output, since the carrier loop output is corrupted with filtered jamming noise.

TRACKING LOOP ORDER

For any receiver, an increase in the order of a tracking loop increases the receiver’s
capability to track in the presence of higher order aiding errors (velocity, acceleration,
jerk, etc. ) In the case of a sequential receiver, however, that capability must be traded
against its transient error characteristics. Of course, those characteristics are dependent on
the bandwidth of the loop, which is primarily specified by the J/S capability.

To obtain a bound on the bandwidth, we use the relationship

(4)

which describes the variance (Reference 2) of a code loop of bandwidth BL in terms of
signal-to-noise (S/No) (both in Hz) with an IF bandwidth of 50 Hz (data rate). N is the
number of simultaneous measurements and is the number of correlators used for the code
loop tracking.

The relationship of BL TT to S/No for a threshold condition of FN2 = (0.15)2 is presented
in Figure 7 where TT is tracking time per satellite. This figure coupled with the transient
responses presented in Figures 8 through 10 express the relative benefit of first and second
order code loops for a range of operating conditions. These responses are normalized to
the aiding errors that might prevail, namely, the preposition code loop error Fo, the aid
frequency error *f (due to velocity) and the aiding frequency rate error *f (due to
acceleration). Also shown is the benefit of using carrier loop aiding, disregarding the noise
errors discussed earlier.

Note that for a second order loop to be of benefit, normalized times of BL TT of over, sa
1.5 are necessary to reduce the effect of velocity and acceleration errors. However, as
shown in Figure 7, BL TT must be smaller than that to achieve low S/N thresholds. This
requires accurate IGS aiding and eliminates any advantage of a higher order code loop.



Fig. 7. Threshold BL TT versus signal-to- Fig. 8.  Response of code loop due to
noise (Fn

2 =  0.15)2) initial code loop error

Fig. 9. Response of code loop due to Fig. 10. Response to code loops due to
constant frequency errors constant acceleration errors



BANDWIDTH OPTIMIZATION

For the sequential tracking receiver (first order loop), the total measurement error variance
is

(5)

for an IF bandwidth of 50 Hz, a tracking time TT, a velocity aiding error *v (in chips per
second) and a non-tracking time of 3 TT. The value of N is either 1 or 2 equaling the
number of correlators. The initial code loop error variance for the pull-in (second term)
was selected to be the sum of the expected measurement variance FmL

2 (from the last
measurement) plus the integrated effect of the velocity aiding error since the last
measurement. (9TT

2*v2 - 2 6v2). To optimize the bandwidth, equation 3 was minimized
with respect to BL by setting the partial derivative equal to zero.

The measurement errors after optimization are shown in Figure 11 for N = 1 (J-dither) and
N = 2 (simultaneous E/L) for a range of signal-to-noise ratios. These results were used as a
basis for simultaneous whose results will be presented later.

ADAPTIVE BANDWIDTH

The bandwidth optimization presented above is for the selection of the bandwidth at the
receiver’s threshold, defining its ultimate J/S capability. It is desirable, however, to
increase the bandwidth at higher signal-to-noise ratios in order to improve signal pull-in,
and to withstand larget dynamic errors. An approach would be to increase the bandwidth
as a function of estimated S/No. However, the M-receiver does it naturally, without
estimating S/No because of the interaction with the code tracking loop and the Automatic
Gain Control (AGC).

The AGC maintains a constant average total wideband power (Po), in the in-phase,
quadraphase measurement process. Thus, any decrease in the noise (or signal) power
increases the AGC gain, which directly increases the code loop gain, and thus, its
bandwidth. That variation of its bandwidth BL is shown in Figure 12 as a function of the



increase (in dB) of the signal-to-noise (S/No) over the threshold signal-to-noise (S/NOTH),
as a ratio to the threshold bandwidth BLTH.

Fig. 11  Sequential tracking receiver code Fig. 12. Bandwidth adaptation to N/No 
 loop measurement performance and their effect on noise

variance

Although the bandwidth of the code tracking loop increases with signal-to-noise, the noise
variance does not stay at a near threshold level but decreases considerably. The ratio of
one sigma noise to that of the threshold value is also plotted in Figure 12. The reasons for
the decrease are two-fold. At high noise conditions, the decrease is due to the increase in
squaring loss. At higher signal-to-noise conditions, it is due to the leveling off of the
bandwidth because of the dominance of signal power on the AGC.

On the other hand, the IF (pre-detection) bandwidth is not self-adaptive to the noise. But
then, its value is more sensitive to the frequency error rather than to the noise and it has a
lower bound of 50 Hz because of the mostly unknown data stream on the incoming signal.
It’s effect on code loop performance at high J/S conditions, disregarding frequency errors,
is the squaring loss in the power measurements, because the noise variance is (5).

(6)

The second term in the parenthesis represents the squaring loss. Because BIF has a lower
bound, any adaptation in its value is only significant at higher signal-to-noise ratios, when
power loss could be experienced due to relatively large frequency offsets, caused by a
misaligned INS or unestimated clock frequency. In these situations, the receiver would be
required to search and reacquire the signal due to large frequency errors. The M-Receiver/



Guidance Processor combination does adapt the IF bandwidth. However, it adapts on the
basis of the Guidance Processor’s estimate of the frequency error. This procedure is part
of signal reacquisition.

SIGNAL REACQUISITION

Signal reacquisition might be required after launch when the receiver is switched over to
the missile’s antenna, or due to loss of lock because of a short period of extremely high
jamming. In any event, the result would be a preposition or frequency error that would
require the receiver to search out the signal. The receiver’s decision to do so is based on
the pre-position uncertainties provided it by the Guidance Processor — namely
pseudorange (FPR ) and pseudorange rate (F)f ) uncertainties.

THE FAST SEARCH

The primary purpose of the fast search (1000 Hz bandwidth) is for initial signal
acquisition. For an IGS to have errors of the magnitude to require the fast search otherwise
is highly unlikely. This search is used primarily for searching out initial time and frequency
uncertain ties of the clock and local oscillator. It is this search that determines the TGPSG
system’s time-to-first-fix (TTFF).

THE MEDIUM SEARCH

The medium search (250 Hz bandwidth) is “the” primary reacquisition search. The limits
on this medium search are a one sigma frequency uncertainty of 60 Hz and a one sigma
pseudorange uncertainty of 20 P code chips. The 60 Hz one sigma frequency uncertainty is
an estimate of the tolerable frequency error that will maintain a 0.95 Probability of
Detection (PD) with the 250 Hz predetection bandwidth, assuming a Gaussian distribution
of frequency error. The Probability of Detection versus frequency for that bandwidth at
40 dB J/S for the M-Receiver detection algorithm is shown in Figure 13. The 60 Hz
frequency uncertainty is equivalent to about 11 meters/sec line-of-sight velocity error,
which is indeed a large error for an IGS. However, the capability to detect at this one
sigma error at 40 dB J/S enhances the J/S capability of the M-Receiver.

THE SLOW SEARCH

The slow search (50 Hz bandwidth) is an added feature of the M-Receiver. It’s primary
purpose is to reacquire the satellite signals at a fairly high J/S, which is made possible by
the relatively small uncertainties that can be maintained by the IGS over reasonable lengths
of time, once it has been aligned. The frequency uncertainty limitation is 12 Hz based on
the same reasoning presented for the 250 Hz search above. The 1.0 chip pseudorange



uncertainty is based on a time limitation dictated by the 6 second sequencing time, because
a long period on signal is required to cope with the high JIS conditions.

Unlike the fast and medium search algorithms which use AGC controlled square law
power measurements, the slow search algorithm uses a “normalized” hard limited power
measurement (PH). This measurement is of the form

(7)

where the Ik and Qk are the in-phase and quadraphase components integrated over a
4 millisecond interval. The total measurement spans a 20 millisecond interval. The
denominator is closely approximated with

(8)

to simplify computations.

The advantage of the PH measurement of equation 7 over the square law power
measurements is that it is normalized and is independent of AGC, and independent of
signal-to-noise ratio variations. Being independent of signal-to-noise ratio variations makes
it effective against modulating jammers or against signal variations due to changes in
antenna patterns, etc. There is theoretically a loss of about 1.5 dB, with respect to the
square law power uncertainties and quantization in the Automatic Gain Control.

As stated earlier, detection of a signal in noise is usually more difficult than tracking the
signal once it is detected. This is also the case with the slow search detector. Figure 14
presents the performance of the slow search detector relative to the tracking threshold of
the sequencing M-Receiver for two different search times, 4 and 6 seconds. The shaded
area envelopes a variety of simulation results — simulations run with different false alarm
rates and simulations run with and without the modelling of possible I and Q (in phase and
quadraphase components) biases. The circled regions signify the relative J/S detection
capabilities for a 0.9 Probability of Detection.



Fig. 14.  Slow search detector simulation result

LOCK INDICATORS

To this point we have covered M-Receiver, acquisition, tracking and reacquisition of the
satellite signals. However there is an important factor that is overlooked many times when
the capabilities of receivers are stated, either as a requirement or as an advertised
capability. That is, even though the receiver is capable of tracking a signal in a hostile
environment with a high probability of success, how is it known that it is truly tracking that
signal? The fact is that, like the case of acquiring a signal, it is usually more difficult to
sense the presence of a signal than it is to track that signal. This is especially true with a
sequencing receiver, for it has only a finite period of time to sense the presence. A
continuously tracking receiver can absorb much more data before it makes its decision;
however, the longer it takes, the more difficult it is to reacquire if it is lost.

The technique for sensing the presence of a signal is called a “lock indicator” here, and is
much like a detector used while searching in an acquisition or reacquisition mode. The
only difference is that the search takes place only in the position the signal is thought to be.

Lock indicators at higher signal-to-noise ratios, when carrier tracking is being performed,
are relatively reliable and easy to implement. They are “AFC Lock” or “Costas Lock”
indicators. In other words, they sense carrier tracking of one form or another at these
higher signal-to-noise ratios. The more difficult indicator is that which detects and
indicates lock at the very high J/S conditions when there is no carrier tracking — only an
aided code loop when it is tracking at its threshold condition.



CODE LOOP LOCK INDICATOR

The lock indicator measurements during aided code loop operation take on the same form
as those used in the slow search detector as described in equation 6. Because the same
gain variation and C/No variation conditions could exist while tracking as during search.
However, a problem unique to detection during tracking is, if tracking errors are small and
both correlators are being used for the code tracking loop, measurements are being taken
6 dB below peak power (for ±1/2 chip differential power measurements). On the other
hand, if tracking errors are large, e. g., 1/2 chip, half the measurements are being taken at
peak power. Therefore, a compromise was made between an optimum tracking strategy
and an optimum lock detection strategy. After trading various schemes for doing
simultaneous tracking and lock detection, the following strategy was selected.

1.  Perform simultaneous early and late power measurements using both correlators for
code tracking, and integrate both early and late hard limited power (PHE and PHL for
possible use in the lock indicator. Use this procedure for the first three seconds of the six
second tracking interval to obtain the maximum signal pull-in.

2.  After three seconds, use one correlator for tau-dithering (alternating early and late
power measurements) for code tracking, and use the other correlator for “on-time” hard
limited power measurements (PHo) for use in the lock indicator. Initialize the integration of
that “on-time” measurement with the maximum of the integration of the early and late
measurements performed over the first three seconds. Use one-half the original bandwidth
in the code tracking loop to maintain the results of the first three seconds.

3.  At the end of six seconds, compare the output of the lock indicator integrator with a
preselected threshold. An output above the threshold indicates that the signal is present.

This procedure is an attempt to supply the lock indicator with as much power as possible
over the six second tracking interval. Even so, the performance of the indicator is marginal
at the code tracking threshold.

CODE LOOP/LOCK INDICATOR SIMULATION

A code loop/lock indicator nonlinear simulation was developed that includes most of the
effects of the M-Receiver’s environment. These effects include jamming, rate-aiding and
preposition errors and the sequencing operation. The simulation includes simulation of
rate-aiding errors, generation of I’s and Q’s, code loop nonlinearities, effects of the rate-
aiding errors on losses due to carrier frequency offsets, and the effects of AGC and the
lock indicator. It does not simulate reacquisition nor carrier loop operations, as it was
developed to simulate the receiver at its threshold at high J/S conditions.



SIMULATION RESULTS

Simulations were run over 40 to 50 sequencing cycles from initial preposition and rate-
aiding errors to simulate a typical mission. The rate-aiding simulation was updated at each
cycle with a Kalman filter (2 states) processing the simulated psuedorange measurement.
The simulations were run at the threshold J/S condition.

Figure 15 represents a simulation output. The upper part of the figure is a plot of the
simulated rate-aiding error in chips per second. The lower part of the figure is a plot of the
pseudorange measurement errors superimposed on the preposition errors (dashed line) for
that sequence that produced that measurement, both in chips. These errors agreed with the
linearized analysis equations presented earlier.

Figure 16 presents the output of the lock indicator (integrator for each cycle corresponding
to the tracking results of Figure 15). The simulation was repeated with the same set of
random numbers with no signal and signal tracking. Outputs of both runs were plotted
together to show the relationship of the probability of lock detection to the probability of
false lock, and to the threshold of the lock indicator. Various threshold levels are indicated
on the right hand side of the figure.

Fig. 15. Tracking results at threshold Fig. 16.  Lock indicator output So

J/S conditions



By varying the threshold, which can be done “a posteriori” the simulation, the relationship
of false lock and detection probabilities can be determined. This relationship is plotted in
Figure 17. They symbol ()) presents the results for using the results of one indication at a
time. These results are somewhat marginal. However, if memory is built into the indicator
(remembering the results of the last cycle), the overall lock indicator results can be
improved significantly. That feature was built into the lock indicator.

Fig. 17. Lock indicator results at threshold
J/S conditions

The implications of using the lock indicator with memory is as follows:

1.  Waiting for two “no lock” indications before declaring no lock delays a
reacquisition of the signal by 24 seconds. If the IGS accuracy is of a magnitude to allow
operation at this threshold J/S condition, waiting 24 seconds will not exceed the search
capability of the slow search reacquisition mode. Because, if the threshold J/S condition
exists, reacquisition would probably fail anyway.

2.  A false lock could be interpreted to mean a delay in reacquisition given that the
signal was being tracked and then lost, or it had never been acquired. Therefore, a false
lock must always be coupled with the probability of a false acquisition or the probability of
loss of signal (not loss of lock indication). Since the probability of either of these
conditions should be quite low, the resulting probability of false lock during the course of a
mission is very low, since it is that low probability times the probability of false lock given
no signal.



Therefore, using a lock indicator with memory is justified as well as having acceptable
performance.

The results of the simulation presented here verify the design and the performance of the
M-Receiver. The same simulation was run with lower J/S conditions. In those cases, the
performance improved significantly, as would be expected. In fact, the lock indicator
output made the right decision with a high degree of success without memory. The
improvement in tracking results verified that the tracking loop bandwidth adapted to
signal-to-noise ratio.

NAVIGATION, FILTERING AND SIMULATION

The guidance system performance analysis effort had two primary goals; first, determining
the performance of the operational system (TGPSG) and second, analyzing the flight test
configuration of the system. The TGPSG system will consist of a strapped down inertial
measurement unit (LCIGS) to provide vehicle acceleration and attitude, a sequential GPS
receiver (M-receiver) and a digital computer (guidance processor - GP) for navigation,
filtering and receiver aiding. The performance analysis addressed the question of
navigation accuracy, receiver aiding accuracy and inertial instrument calibration. In the
flight test program, a Litton LTN-51 inertial navigation system will be used for inertial
measurements which provides a high quality, high reliability measurement system. The
effects of LCIGS will be introduced by degrading the inertial measurements to LCIGS
quality measurements in the guidance processor. A basic premise of the flight test program
is that the LTN-51 errors are so small compared to those of the simulated LCIGS that they
may be ignored when simulating the LCIGS.

NAVIGATION AND FILTER

In the TGPSG flight test system, the LTN-51 operates in normal fashion but its computer
serves only to maintain the platform level. The LTN-51 operates open-loop with respect to
the test system; that is, the system provides no information to the LTN-51. The outputs of
the LTN-51 used by the guidance processor are the quantized outputs of the three
accelerometers and three synchro outputs of vehicle attitude. The accelerometer outputs
drive the inertial navigation computations. The vehicle attitude is used in simulating the
system errors that would be caused by LCIGS and for antenna lever arm corrections.

The basic inertial navigation computation cycle time is one-tenth second. The quantized
accelerometer outputs accumulated in each one-tenth second are corrected for the platform
wander angle, the estimated misalignment of the platform, Coriolis accelerations and the
local effective gravity to compute velocity and position with respect to the Earth. Inertia 1
navigation computations in the GP maintain North, West and up components for velocity,



and maintain geodetic latitude, longitude and altitude above the spheroid. The Earth
spheroid and the Earth gravity model are those of WGS72, with the gravitational potential
including only terms through J2. The coordinate system chosen for inertial navigation is
suitable only for use at the moderate latitudes at which system testing will be performed.
Future systems with a strapped down inertial system may well require a navigation
algorithm different from any that might have been selected at this time.

A Kalman filter will be used to estimate a 14 element navigation state vector on the basis
of sequential measurements from four satellites. These elements are errors in latitude,
longitude, altitude, velocity North, velocity West, velocity up, platform misalignment about
the North, West and up axes, gyro drift about three orthogonal axes, and the receiver clock
phase and frequency. When LCIGS simulation is not included, the estimated gyro drifts
are about the LTN-51 platform axes; when LCIGS simulation is included, the estimated
gyro drifts are about the aircraft body axes.

The U-D formulation of the Kalman filter is employed to avoid the necessity for double
precision computations in the filter and to assure filter stability.

In the Kalman filter, it is necessary to find transition matrices to update state vector
estimates and covariance matrices with time. These transition matrices are found by
integrating the linearized equation for the state vector errors by means of the Peano-Baker
method, using two iterations where necessary. This requires the summing of twenty-five
simple expressions every tenth of a second, and computation of the transition matrix from
these sums every six seconds.

The LCIGS will be simulated in the GP in the following fashion: The integrals of the
acceleration components in each one-tenth second will be resolved through the wander
angle and through the estimated misalignment angles to, North, West and up. They will
then be resolved through the aircraft attitude angles to aircraft axis components. These
components will then be used to calculate the simulated, acceleration-dependent, strapped
down gyro and accelerometer errors. The included errors are gyro biases, gyro g-sensitive
drifts, gyro g-squared-sensitive drifts, accelerometer biases and accelerometer
misalignment and scale factor errors. The LCIGS simulated gyro drifts are accumulated.
The one-tenth second integrals of acceleration in aircraft coordinates are modified
according to the LCIGS errors and rotated back to North, West and up for use in the
inertial navigation computations.

SIMULATION PROGRAM

A simulation program was written to test the inertial navigation and Kalman filter
programs. This simulation allows the IMU actual position, velocity and attitude to be



specified at a number of instants of time, and smoothly interpolates between these instants,
so that position, velocity and attitude vary smoothly with time. Acceleration and attitude
rate may have discontinuites at the time at which position, velocity and attitude are
specified.

The specified actual position, velocity and attitude are used by the simulation program to
determine what the LTN-51 accelerometer readings would be and to simulate the sensor
performance and the computing algorithm of the LTN-51, including the )V’s that would
be output to the GP.

The simulation program includes the flight test, real-time software as a subprogram, so that
the GP inertial navigation algorithm may now be exercised. In addition, another part of the
GP program is used to generate aiding signals for the M-receiver and the simulation
program models the performance of the M-receiver, including the effects of imperfect
aiding, jammer-to-signal ratio, ionospheric delay, M-receiver clock errors and the
displacement between the IGS and its antenna.

In order to aid the M-receiver and to use the M-receiver measurements, the GP performs
ephemeris computations for the four GPS satellites. It uses the actual vehicle position in
order to determine what the noise-free measured values of the measurables will be, and
adds an error corresponding ot the uncertainty in satellite orbit.

The GP may use either the pseudorange measurement or the pseudorange measurement
and the pseudo-delta range measurement as Kalman filter inputs, depending on the quality
of the data. If both measurements are used, they are processed sequentially as scalars,
rather than as a single vector measurement, and their errors are assumed to be
independent.

SIMULATION CONDITIONS

The basic flight path followed by the vehicle for the simulation results reported here is
shown in Figure 18. During the entire flight, measurements are taken in cyclic order from
four satellites, obtaining measurements and switching satellites at intervals of six seconds.
During the first 180 seconds of flight the measurements from each satellite include both
pseudorange and delta-pseudorange, obtained at the same times. For the remainder of each
flight, only pseudorange measurements are used. The jammer-to-signal ratio starts at a low
value in each flight and gradually increases; this is reflected in the measurements in the
form of increasing noise.

The approximate azimuths and elevations of the four satellites with respect to the vehicle
are shown in Figure 19. The actual azimuth and elevations are time varying, because of the 



Fig. 18.  Flight conditions for system Fig. 19.  Satellite local elevation and
alignment azimuth

motion of the satellites in their orbits, the rotation of the Earth and the motion of the
vehicle with respect to the Earth. The configuration of the four satellites corresponds to a
geometric dilution of precision (GDOP) of about 5. By way of comparison, an optimum
distribution of satellites, with one at the zenith and the other three separated by 120
degrees at the horizon have a GDOP of 1.73.

Simulations were run both with and without LCIGS simulation being included. The runs
without LCIGS simulation provides a standard of reference against which the results of the
runs with LCIGS simulation can be compared. Three sets of runs are shown illustrating
system performance of the system including LCIGS simulation with the system without
LCIGS simulation. The second shows the effects of the loss of satellite measurements. The
final set indicates what happens in a prolonged high-g maneuver. The assumed values of a
priori covariance of the navigation state vector estimate and the process noise when
LCIGS simulation is included are different from their assumed values when LCIGS
simulation is not included, since the distributions of actual navigation state vector errors
are different.

The first set of runs compares the results of four LCIGS simulation runs differing only in
the measurement noise samples, with the results of similar runs with no LCIGS simulation.
These comparisons show the effects of using a lower quality inertial measurements. The
results appear in Figures 20 through 25. The RSS position errors, do not vary greatly
between the LCIGS and non-LCIGS systems, depending primarily upon the GPS
measurements - enough information is obtained from GPS measurements from 24 seconds
to make a good estimate of position even with extremely large inertial measurement unit



(IMU) errors. Velocity errors are more dependent on IMU errors, so that the poorer
performance of the LCIGS starts to become evident in Figure 22 even here the differences
are not large. The differences in misalignment errors and drift rate errors are more evident.

The second set of runs is concerned with the effect of the loss of satellite measurements.
The results of two of these runs are illustrated in Figure 26, corresponding to two different
LCIGS systems having accelerometer biases of 200 and 1000 micro-g, respectively. The
difference in system performance with accelerometer bias are quite evident in the figure,
but there is no apparent effect on performance resulting from the loss of data from two
satellites for a period of a minute. The effect of poorer quality measurements caused by
increasing J/S can also be seen by comparing the velocity error at the earliest time shown
with the velocity error at the latest time shown.

The last set of runs reported illustrate the effect of a prolonged high-g maneuver on the
errors in the estimates of position and velocity. The 5-g turn begins 1040 seconds after the
start of flight and persists for about sixty seconds. A turn of this duration and acceleration
is highly unlikely, but serves to illustrate system performance. High-g turns are likely to be
evasive maneuvers of short duration. Figures 27 and 28 show the position and velocity
errors in three runs differing in the magnitude of the accelerometer bias. Whether the
accelerometer bias is 100, 200 or 1000 micro-g, the turn results in similar errors in position
and velocity , and within a short time after the end of the turn, the effects of the turn on the
errors in position and velocity have disappeared.
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Fig. 20.  Relative RSS position error Fig. 21.  Relative RSS velocity error

Fig. 22.  Relative misalignment about Fig. 23.  Relative misalignment about 
north axis up axis



Fig. 24.  Relative drift error about Fig. 25.  Relative drift error about
forward axis top axis

Fig. 26.  Loss of data from Satellites 3 Fig. 27.  Relative position error in
and 4 (LCIGS) 5-G turn



Fig. 28.  Relative velocity in 5-G turn
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ABSTRACT

The Global Positioning System (GPS) features an all-weather global coverage navigation
sensor with 0.01-nmi positioning accuracy. In the following paper, GPS is described with
emphasis on antijam considerations developed in the USAF AFAL Generalized
Development Model, GDM. Section 1 provides an overview of the GPS ground, space,
and user segments. Section 2 describes antijam issues and techniques applicable to GPS.
Section 3 describes the GDM design with emphasis on antijam. features. The objectives of
the paper are thereby threefold. The first is to give an overview of GPS, how it works, its
participants, and its status. The second is to provide a tutorial discussion of spread
spectrum receiver design related to GPS (some knowledge of signal processing principles
is therein assumed). The third is to provide an example of GPS receiver design which
incorporates antijam features.

1.  GPS OVERVIEW

GPS is a navigation system using satellite beacons. It is composed of three segments: the
space segment (satellites), the satellite control segment (ground-based), and the user
segment (navigation receivers). The program had its origin as the 621B Satellite
Navigation Program, and this USAF concept was combined with USN requirements for
TIMATION as GPS. It is a tri-service program administered by SAMSO. The Army,
Navy, and Coast Guard are represented in its management. Additionally, because of the
wide application to civil aviation, the FAA is expected to participate.

Following a system definition study (Phase Zero), concept validation (Phase I) contracts
were awarded to Rockwell Space Division for the satellites, to General Dynamics for the
ground control segment, and to Magnavox for the user equipments. These were followed
by contracts to Texas Instruments and Rockwell-Collins for additional user equipment
development. Other Phase I participants include Hughes and Teledyne for a tactical missile
application and numerous smaller study and test contracts.



Figure 1 shows the overall program schedule beginning with Phase I. The DSARC’s are
high-level program-approval reviews and represent continue or stop decisions based on
major milestones. At present, two satellite vehicles (SV) are in orbit, one has been
launched, and one remains to be launched prior to concept testing at Yuma. Tests will
continue with SV’s 5 and 6. Some test data using three ground-based beacons and one SV
have already been gathered on the Magnavox user sets.

1.1  Space Segment

When fully operational, the GPS space segment consists of 24 SV’s as shown in Figure 2.
The 24 SV’s are in three orbital planes, each at 63E inclination. The 8 SV’s in each plane
are in a circular orbit and separated by 45E. The orbits are 10,898 nmi in altitude from
earth surface, and the period for one circle is 11.96 hours. This configuration provides
simultaneous visibility of 6 to 11 SV’s by any user anywhere on earth.

The SV’s radiate two modulated L-band signals (Figure 3). Two carrier frequencies are
required to measure the ionospheric delay. The C/A-code is a 1023-chip binary sequence
that repeats every millisecond. The P-code is a very long binary sequence keyed at 10.23
MHz. Each SV has a unique P- and C/A-code to distinguish its signal from that of other
SV’s. The same code generator hardware is uniquely wired to provide this feature. All
SV’s share the same L-band frequencies. The data modulation contains SV position and
clock corrections. The SV’s are infrequently positioned and time-set from the ground.
Instead, the control segment up-links on S-band time and position correction data, which is
modulated in the SV onto the L-band carriers.

The SV’s are launched from Vandenberg AFB using an Atlas F booster. They fly a
sequence of orbits, shown in Figure 4, prior to final positioning. About one month is
required before the final orbit is achieved.

1.2  Control Segment

The control segment, shown in Figure 5, identifies the geographic location of the monitor
and master control stations. All SV’s are seen by the monitors at least once every 12
hours. While in view, the SV position and clock are determined by comparing the signal
arrival times at each monitor. The monitor station positions and clocks thereby provide the
position/time reference for the SV constellation. These data are processed by the master
control station. SV ephemeris and clock correction data are computed. The data is up-
loaded to the SV on S-band for retransmission to the users on the SV L-band navigation
signal. It is possible to alter the SV clock and ephemeris using the up-link telemetry, but
this requirement is infrequent.



1.3  User Segment

The community of users navigates from the SV L-band signals. Applications include all
military air, land, and sea vehicles with an accurate positioning requirement as well as civil
aviation and surveying. Given the existence of the planned space and control segments,
L-band signals will continuously provide 50-ft position accuracy, 1-f/s velocity accuracy,
and time within 10 ns anywhere on Earth in any weather. The ultimate applications of
these performance capabilities are almost unbounded.

User equipments vary in design depending on the dynamics of the user and the signal-to-
noise margin required, especially in a hostile, jammed environment. Present-day set
designs are largely digital, thereby allowing for the use of future cost reductions in digital
computer circuitry. Present equipment cost estimates based on today’s technology range
from $5K to $30K, depending on the set type. Forecasts for the military see about 30,000
sets in the 1990 time frame.

The top-level partitioning of a GPS user set, shown in Figure 6, indicates a receiving
function and a navigation function. The former acquires the signals and measures ranges
along the line-of-sight to the satellites; the latter manages the overall system and projects
the measured range data into the user’s navigation coordinate frame. GPS is a one-way
ranging system wherein the user determines his position by processing range
measurements to each of four separate satellites. The receiver is intended to measure the
path delay between the user and each satellite but, because its clock is not in synchronism
with the mutually synchronized satellite clocks (GPS system time), the time delay which
the receiver actually measures includes the user clock time offset with respect to the
system time contained in each SV. Because the measurements include this clock error,
they are called pseudoranges. By properly processing these four measurements, the user is
able to determine his 3-position coordinates and correct his own clock error.

The receiver measures pseudorange by correlating a locally generated replica of the P- or
C/A-code with the incoming signal, thereby collapsing the 20-MHz spectrum of the
received signal into the 50-Hz bandwidth associated with the 50-b/s down-link data.
Further processing by a carrier tracking loop detects the 50-b/s data and reconstructs the
carrier. Because the received signal level is so low, signal-to-noise ratios adequate to make
the needed range measurements can be achieved only with system bandwidths of a few
hertz.

Thus, since the combined effect of satellite and vehicle dynamics can create doppler shifts
as large as 10 kHz, tracking loops are used in the receiver. The carrier tracking loop
centers the reconstructed carrier frequency, and the code loop tracks the correlation peak
by controlling the locally generated P- or C/A-code based on a comparison of early and



late correlations. Each of these loops can be thought of as a position servo tracking an
input signal which varies with the dynamics of the vehicle and the satellite.

1.3.1 User Receiver Processing – Figure 7 shows a block diagram of a 1-SV channel user
receiver which incorporates the rf processing, signal acquisition, correlation, carrier and
code tracking, and data detection. Depending on the dynamics of the user, four SV
channels may be used, or it may be possible to time-share one SV channel sequentially on
four SV signals. For stationary users, reception of one SV signal at several points in orbit
will yield accurate position data.

Following the antenna, rf gain, and first mixer, each SV signal is detected by multiplying
the signal by a local replica of its C/A- or P-code, filtering the output, and performing
carrier tracking. Early and late code replicas are used to center the “prompt” code replica
through the code-tracking loop. As shown in Figure 7, most of the signal-processing
functions are mechanized in software following a/d conversion of the baseband signal.

The functions required of the receiver are as follows:

a. A time and frequency search for a selected SV is implemented for acquisition. The
processor successively increments both the carrier frequency and the code generator
until the amplitude of the received signal exceeds a threshold. Unless position and
system time are known within a few tens of microseconds, this search is performed on
the C/A-code. The C/A-code repeats each millisecond and has 1,023 possible time
positions. Since the P-code does not repeat and its rate is 10.23 MHz, to search it
over only 1,023 positions would require knowledge of system time and range to
within 100 µs. P-code acquisition is therefore used only when accurate system time is
available. Its advantage is a 10-dB improvement in jamming margin.

b. Following acquisition, the processor enables the code- and carrier-tracking loops and
demodulates the 50-b/s data. The data includes system time which allows the receiver
to switch over from C/A- to P-code operation.

c. In the process of acquisition and tracking, the code generator is offset from the
position that would have been maintained without the code search, reset for P-code
handover, and code-tracking adjustments. This offset is the pseudorange measurement
of satellite to user clock. Four such measurements allow the navigation computer to
determine 3D position and system time (local clock error). To do this, however, also
requires accurate knowledge of the SV positions and clock errors; this information is
in the 50-b/s data.

d. The receiver processor measures the carrier frequency and/or phase to close the
carrier tracking loop. This process is necessary to keep the signal centered in the
receiver filters. The frequency measurements are proportional to the SV to user line-
of-sight velocity, and this data is used in the navigation computer.



The velocity measurements are also used to aid the code loop. Since the same
dynamics apply to both loops and since the code rates and carrier frequencies are
integrally related, the recovered carrier frequency is divided (by 154 for L1 and
P-code operation) and used as the code generator clock. However, the code loop
corrections are still necessary to remove slowly changing delay variations between
signal modulation and signal phase in the media and to remove the effects of
integrating the oscillator phase noise on the carrier frequency measurements into large
position errors. This aiding of the code loop by the carrier loop removes the short-
term dynamics seen by the code loop and allows its tracking bandwidth to be
narrowed.

e. The same tracking processing is applied to the L2 carrier. Typically, simultaneous
pseudorange measurements are made on both L2 and L1 sequentially on each of four
SV’s. The delay difference from L1 to L2 calibrates the ionospheric transmission
delay, known to be inversely proportional to the square of the carrier frequency. This
measurement provides a 10- to 50-ft improvement in positioning over that obtained
using an ionospheric model. The expense is the rf hardware needed to convert L2 to if
and the extra processing capability.

When the equipment contains a stable clock (about 10-9 per day), the local clock
errors determined in the navigation solution are valid for several minutes. It is
therefore possible to track only three SV’s for a position solution for short intervals
and to use the fourth channel for L2 measurements. In GDM, however, a fifth channel
was provided for this purpose.

f. When one of the SV’s being tracked is about to go out of view, the navigation
processor provides the receiver with a replacement SV and with accurate position,
velocity, and time corrections for the new SV. The updated almanac data for all
satellites is continually broadcast by each SV. The receiver then ceases tracking the
old SV and starts the acquisition process on the replacement. in this case, P-code
acquisition can be used since the pseudorange is known within a few tens of
microseconds from the fresh almanac data.

g. For civil users where antijam is not an issue and where moderately degraded position
accuracy is acceptable (about 100 ft instead of 50 ft), the receiver can be operated on
the C/A-code without handover to the P-code. Because of its higher rate (10.23 MHz)
and long code (7 days), the P-code portion of the code generator requires
considerable hardware. An austere user can avoid this expense by navigating with the
C/A-code only.

1.3.2  User Navigation Processing – As shown in Figure 6, the navigation processor
performs the functions of coordinate conversion, position and velocity measurement
filtering, and SV selection based on stored almanac data. The measurement filtering is
generally implemented with a recursive (Kalman) filter to optimize measurement



weighting. For a stand-alone system, a maximum of 11 states are required, clock phase and
frequency, and acceleration, velocity, and position in each of three dimensions. If the
navigation solution is aided by other user sensors, such as an inertial navigation system
(INS), then the acceleration states are dropped and error models of the aiding sensors are
included. Complete data does not exist on the merits of model complexity versus system
accuracy, although many specific simulations have been performed.

The position solution requires good arithmetic capability in the processor and at least
32-bit precision. Presently, for high-dynamic systems, a computer with an average
capability of about 500,000 operations per second (500 KOPS) and a memory of about
50K 16-bit words appears suitable. This sizing varies dramatically, depending on ancillary
functions such as an INS mechanization, antenna attitude control, area navigation with
waypoints, and reference coordinate system conversions. The software structure for the
GDM data processor, which, except for the HPAA (antenna) control, is representative of
an inertially aided GPS set mechanization, is shown in Figure 8.

Utilization of external on-board sensors, such as an INS, can materially enhance the
antijam performance of a GPS receiver. Furthermore, GPS can be used to continuously
calibrate out the sensor measurement errors. The external sensors can aid GPS in several
ways, all of which result from reducing the dynamics which the GPS receiver must track.

a. For steered antennas, an on-board attitude sensor can maintain beam pointing to the
SV’s.

b. Velocity and position sensors can interpolate between GPS position solutions, thereby
reducing the solution rate.

c. Velocity and position sensors can be used to correct the carrier and code frequencies
in the receiver in an open-loop mode, thereby reducing the tracking errors and
allowing reduced tracking loop bandwidths.

Additionally, the navigation processor plays a significant role in initial acquisition prior to
navigation. It selects, from almanac data and a rough estimate of present position, the SV’s
to be acquired, and it estimates the frequency range to be searched, based on the relative
velocity to the SV.

2.   GPS ANTIJAM CONSIDERATIONS

The GPS signal format, pseudonoise (pn) spread spectrum modulation, was chosen
specifically for its antijam capability. This modulation requires precise synchronization in
the receiver to generate the local pn code replica, and this information is exactly
appropriate to time-of-arrival ranging measurements. Tone ranging and pulse ranging,
while potentially applicable, do not inherently have the desired aj features.



The manner in which the signal format and detection process accomplish jammer
suppression is shown in Figure 9. At the SV’s, a narrow-band (50-b/s modulated) carrier is
multiplied by a pn code; for GPS, this is the P-code. The (essentially) line spectrum of the
carrier is thereby spread to the 20-MHz spectrum shown. During transmission, a jamming
signal nearly centered on the carrier frequency is added (with white noise not shown). At
the receiver, the signal plus jammer plus noise is multiplied by the local code replica.
Following this multiplication, the jammer and the signal spectra are interchanged; the
signal spectrum is collapsed back into a narrow band, and the jammer is spread into a
20-MHz broadband. The noise is essentially unaltered. The code multiplier is followed by
narrowband filtering which passes all of the signal but only a small fraction of the spread
spectrum jammer power. The receiver "gain" versus the jammer is the ratio of jammer
power at the multiplier output to that which passes the detection filtering. This is called the
processing gain. Without the pn modulation and demodulation, the jammer could apply all
its power through the detection filtering. The pn processing reduces this by the processing
gain which is the ratio of the spread spectrum bandwidth to the detection filter bandwidth.
The jammer could transmit broadband noise. However, with or without the pn
demodulation process, only that fraction centered on the detection filtering would affect
the system. The spread spectrum technique is considered successful if the jammer is
equated to broadband noise.

Given a predetermined spread spectrum bandwidth, the pn sequence rate of 10.23 MHz for
GPS, the receiver designer can improve performance by reducing the detection bandwidth.
Prior to nonlinear processing (such as frequency doubling or amplitude detection), the
detection bandwidth is 50 Hz, to pass the 50-b/s data modulation. Doppler modulation due
to dynamics is removed by the carrier-tracking loops. Following the removal of data by
nonlinear processing, the bandwidth required is necessary to track out the carrier doppler.
Reduction of either predetection or postdetection bandwidths improves performance.

The independent performance variable for all detection processes is C/No, the total signal
power divided by the noise power in a 1-Hz bandwidth. Actual predetection and
postdetection bandwidths are included with C/No in the performance formulas. For a
spread spectrum system subject to jamming, all significant noise in the detection
bandwidth is due to jamming. The noise spectral density due to jamming is the total
jammer power divided by the pn sequence rate, 10.23 MHz for GPS. For strong jammers,
the C/No seen by the receiver is the jammer power to signal power ratio divided by 10.23
million, or C/No = S/J + 70 dB. This is shown in Figures 10 and 11.

2.1   Tracking Loop Performance

The four noise-dependent performance requirements in a GPS-type receiver are
acquisition, data detection, carrier tracking, and code tracking. Given previous acquisition



in a benign environment and given that SV ephemeris and clock data received at that time
remain walid (about 1 hour), the critical navigation operations are carrier tracking and
code tracking. For a stationary system, formulas and graphs of the performance of these
loops are given in Figures 10 and 11. As discussed above, the required bandwidths show
clearly as significant parameters.

The loss-of-lock thresholds for the code- and carrier-tracking loops are also shown in these
figures. These are the C/No ratios where the loops fail to operate. In terms of peak
tracking errors, they may be defined as follows:
a. Carrier phase tracking - 1/8 wavelength, equal to about one inch.
b. Code tracking - 1/2 chip (pn modulation element), equal to about 50 feet.

The thresholds are so small in terms of position accuracy that there is only a small
improvement in system accuracy with improvement in C/No above threshold. The aj
design issue, therefore, is to extend the tracking thresholds of the carrier and code loops.

In addition to noise, the tracking loops are subject to tracking errors due to failure to
precisely follow the input dynamics. In phase lock loop theory, these are the modulation
tracking errors in contrast to the additive noise errors shown in Figures 10 and 11. More
simply, a servo-loop can follow inputs only at a frequency within its loop bandwidth. The
magnitude of the tracking errors plus the noise errors must be held within the tracking
thresholds listed above. It is convenient to separate the two and to allow a margin for the
combination.

In order to quantify the tracking errors, it is useful to define a spectrum for the input
dynamics. In lieu of a purely stochastic approach, it is assumed the worst-case dynamics
are sinusoidal. Maximum acceleration, A, and jerk, J, are specified by user vehicle. They
are then assumed to result from sinusoidal position variations between the vehicle and the
satellites.

Figure 12 shows the peak input sinusoidal position variations as a function of frequency for
a fighter-type aircraft where A(max) is 5 g, and J(max) is 10 g/s. Also shown are the
tracking errors for a BL = 1 Hz second-order and third-order position-tracking loop as
function of frequency when subjected to the input spectrum. For GPS, the position-
tracking loops are designed to follow dynamics at all frequencies out to the point where
the peak input variations are less than the loop-tracking thresholds. To do this, the required
loop noise bandwidths are about 20 Hz for carrier tracking and 1 Hz for code tracking if
no aiding is available. Code tracking, however, is aided by carrier tracking when above
threshold and BL = 0.1 Hz is then appropriate,



The use of inertially derived range rate to aid both carrier- and code-tracking loops can
substantially reduce loop bandwidths without the penalty of increased dynamic tracking
errors. A generalized block diagram of an inertially aided tracking loop that is applicable
for analysis of either carrier or code loops is shown in Figure 13. Actual signal dynamics
along the selected line-of-sight are described by the acceleration A(s). The velocity-aiding
signal (the dashed lines), although an imperfect measure of the true dynamics, drives the
loop vco in an open-loop sense. The transfer function,

represents the imperfections in the measurement process, where K is scale factor error and
J models sensor or processing lags. Without aiding, the loop transfer function is:

With velocity aiding, it becomes:

Thus, the effect of aiding is to modify the loop transfer function by the attenuation factor,

With perfect aiding ( J = 0, K = 0), the loop tracks all dynamics without error, thereby
implying that bandwidths can become arbitrarily narrow. However, a more interesting and
useful consideration is to ask how tracking bandwidths vary as a function of imperfect
aiding. Specifically, assuming that the delay parameter, J , is negligible, both carrier and
code loop bandwidth variations as a function of scale factor error K have been analyzed.

Figures 14 and 15 show the results for carrier and code loops respectively. A sinusoidal
dynamics model was used employing the peak values given in Figure 12. The curves are
normalized to the unaided case, that is, K = 1. For the carrier loop, K = 0.001 reduces the
bandwidth needed for full dynamic capability from about 20 Hz to on the order of 2 Hz.
For the code loop, K = 0.001 reduces the necessary bandwidth from 1 Hz to about
0.03 Hz. K = 0.001 is roughly the level of performance of today’s 1-nmi/hr inertial systems
without special calibration. Thus, today’s typical inertial systems, by virtue of the loop
bandwidth reductions they permit due to aiding, improve antijamming performance on the
order of 10 to 15 dB. Special calibration methods could reduce the scale factor error
further, but it is unlikely that an order of magnitude improvement can be attained. Even if
such a reduction in scale factor error were possible, other error sources would limit



bandwidth. Although a detailed discussion is beyond the scope of this paper, these include
gyro bias, random gyro drift, inertial axis misalignments, frequency standard phase noise,
and frequency standard g sensitivity. Theoretically, all of these errors can be compensated
via Kalman estimation techniques; however, practical considerations related to modeling
errors and implementation complexity suggest that the lower limit on code and carrier loop
bandwidths is on the order of 0.01 Hz and 1 Hz respectively.

2.2   Antennas

The general antenna requirements for GPS user equipment mainly provide uniform
coverage over the upper hemisphere, since satellites must be tracked anywhere from the
horizon to the zenith. However, if maximum use is made of known user-to-satellite
geometries and known or deducible jammer locations, antennas can be a very effective
form of spatial filtering by providing selective directional responses. Two quite different
antenna approaches that can be used are beam steering and adaptive null steering.

Beam steering involves developing and pointing beams toward each satellite being tracked,
thereby providing gain to the desired signals and discrimination against all out-of-beam
sources. Figure 16 displays the beam characteristics. Direction consine commands, based
on user-to-satellite geometries, control each beam. The antenna array would normally lie in
the horizontal plane with its aperture facing upward. As the figure shows, beams at or near
zenith have a circular cross-section, while those near the horizon are elongated in the
elevation plane. Beam steering has two disadvantages: (1) Large-array apertures are
needed to form narrow beams at L-band. (2) Because beams must be spatially stabilized,
beam-steering computations for a high-performance vehicle can become a substantial
computational task. Figure 17 shows the set of beam patterns for the GDM antenna, an
18-inch x 18-inch array. The 3-dB width of the beams near zenith is approximately 30
degrees, and the first side lobes are down about 15 dB. Thus, a jamming source anywhere
outside the primary beam would be suppressed 15 dB or more with respect to the desired
signal by this antenna. A larger array would be needed to achieve still narrower beams and
lower side lobes. In a manner similar to that described below, it is possible to offset the
beam pointing in such a way that a jammer is moved from a side-lobe peak to a null on the
directive antenna pattern. In GDM, an adaptive algorithm minimizes received jammer
power in this way by dithering the main beam ±8E from center.

The pn-modulated GPS signal is about 30 dB below thermal noise. In the 20-MHz
bandwidth, which precedes correction, the total powers for noise and signal are,
respectively, about -130 dB W and -160 dB W. Therefore, any receiver input that rises
above receiver front-end noise must be interference. Adaptive null-steering antennas use
this fact to place nulls over strong interference sources. As shown in Figure 18, the outputs
of several individual antenna elements are adoptively combined through phase and



amplitude controls to minimize the total input power to the receiver system. This approach
effectively drives a strong jammer down to the thermal noise level. Adaptive antennas
need neither large aperture arrays nor computed pointing commands and consequently are
potentially simpler and lower in cost than beam-steering units. However, they can create
spurious nulls which may suppress the desired signal, and only a small number of jammers
can be nulled simultaneously. Figure 19 shows the characteristic behavior of an adaptive-
array. A jammer is located 21 degrees off boresight. The adaptive algorithm places the
jammer in a deep null while maintaining the boresight gain. Circuit element tolerances and
dynamics limit the suppression to about 40 dB. However, any one of the other deep nulls
which are also present could suppress the desired signal as well. This potential difficulty
occurs because the adaptive system does not know the direction of the desired signal. If
the line-of-sight vector to the satellite is provided, the adaptive algorithm can impose gain
constraints which keep the spurious nulls from falling on the desired signal.

2.3   Special Processing

Certain special processing techniques can be used to enhance GPS user equipment
performance. These methods apply in special situations or to special types of interference
as contrasted to the general applicability of antenna techniques and inertial aiding. Data
aiding applies when the user knows the 50-b/s data being transmitted by the satellites so
that it can be multiplied off, thereby allowing the 50-Hz predetection bandwidth to be
narrowed. Since switching from satellite to satellite occurs frequently, due to continuously
varying geometry, and since data must be detected for each newly acquired satellite before
data aiding can be employed, the technique can be used for only brief periods, for example
to extend system operation another 5 or 6 dB during a weapons delivery run against a
target defended by a jammer.

Other processing techniques improve performance by operating on known waveform and
spectral characteristics of jammers. These work by estimating the jammer based on an a
priori model, correlating this estimate with the signal plus jammer, and adjusting the
estimation parameter to minimize the correlation. One example is an adaptive notch filter
which is effective against a narrow-band jammer. The implementation of this technique
can be visualized by replacing the antenna inputs to Figure 18 with taps on a delay line
spaced by one-chip intervals. A second technique, also effective against narrow-band
jamming, clips narrow-band spectral peaks generated by a frequency domain transform
operation. An essential system requirement, when mechanizing any of these special
processing algorithms, is that no significant performance loss occurs when the jammer
differs from the a priori model.



3.   GENERALIZED DEVELOPMENTAL MODEL OF GPS

GDM is an exploratory model of GPS designed to evaluate antijamming techniques. It is
now installed on the C-141 GPS test aircraft and will be flight-tested at the Yuma test
range with the Texas instrument and Magnavox models. Figure 20 shows the total GDM
test system including operator station, USAF-provided pallet, and instrumentation system.
Figure 21 shows a block diagram of the hardware. The elements are:

a. A 4-beam directive antenna.
b. An 8-channel rf assembly used for L1 and L2 reception from four SV’s, including an

8 x 5 if switch.
c. Five signal channel processors used to provide correlation demodulation of four SV

L1 signals and one L2 signal (sequentially).
d. A Collins CAPS-4 receiver processor used to control the SCP tracking vco’s and

code generators and to provide data demodulation, search and acquisition processing,
code and carrier tracking loop filtering, and pseudorange and range-rate measurement
processing.

e. An IBM AP-101 data processor for navigation and an IBM bus controller for the
1553 data bus.

f. An instrumentation system including TTY, magnetic tape storage, and a PDP-11/05
processor.

g. An inertial measurement assembly, including battery standby, a Singer/Kearfott IMU,
and IMU control circuits. The IMU is remote from the pallet and located as near as
possible to the antenna to minimize moment arm effects between the inertial
measurements and GPS measurements.

h. An interface assembly and CRT control display unit.

The receiver processor is interconnected with the receiver hardware by a parallel data bus;
the data processor interfaces all system elements via the 1553A serial data bus. The data
processor obtains attitude information from the inertial system, converts it to line-of-sight
coordinates, and points the antenna beams. Additionally, inertial velocity data are used to
aid the carrier and code tracking in the manner described in Section 2.

The GDM system incorporates, as shown, the antijam features of multiple-pointed antenna
beams directed by attitude sensing and squinted by adaptive processing. Inertial aiding is
used, which allows the carrier-tracking loop bandwidth to be 1 Hz and the code-loop
bandwidth to be 1/30th Hz. The inertial measurements provide velocity information
sufficiently accurate to allow code tracking after even the extended carrier-tracking
capability is overcome by jamming. Overall, the GDM mechanization extends the
antijamming capability of a GPS receiver by about 40 dB over a set without these features.
A 20-dB result is obtained from the directive, squinted antenna operation, and 20 dB



results from extended narrow-band code tracking without carrier tracking. Narrow-band
operation with aiding extends the carrier-tracking capability 10 dB beyond the
conventional wide-band mechanization but falls 10 dB short of the aided code-tracking
threshold.

The flexible software implementation of the GDM system allows for future inclusion of
special antijam processing. Notch filtering and data aiding are two candidates under
consideration. Also, the tactics of satellite selection and change as a function of
performance monitoring in conjunction with the separately controlled and rf-processed
antenna signals can provide protection against jammers coaligned with an SV. This is in
contrast to a set with a single antenna and rf amplifier where all SV signals see the same
jamming level.

Figure 1.  Navstar Global Positioning System Schedule.



Figure 2.  Global Positioning System Space Vehicle.

Figure 3.  GPS SV Signal Generation.



Figure 4.  Mission Operations.

Figure 5.  GPS Control Segment.



Figure 6.  GPS User Equipment Functional Diagram.

Figure 7.  SV Receiver.



Figure 8.  Data Processor Software.

Figure 9.  Spectrum Transformations in PN Spread Spectrum.



Figure 10.  Carrier Loop Noise Response.

Figure 11.  Code Loop Noise Response.



Figure 12.  Code Loop Dynamic Tracking Error.

Figure 13.  Aided Tracking Loop Model.



Figure 14.  Carrier Bandwidth Vs Quality of Aid.

Figure 15.  Code Bandwidth Vs Quality of Aid.



Figure 16 .  Beam Steering Geometry.

Figure 17.  Steered Array Beam Patterns.



Figure 18.  Adaptive Null Steered Antenna.

Figure 19.  Adaptive Array Response Pattern.



Figure 20.  C-141 Pallet Design-Rack Assembly, User Equipment.



Figure 21.  System Block Diagram.
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ABSTRACT

The NAVSTAR/Global Positioning System Satellite is briefly outlined as is the technique
for navigation using signals from such satellites. A description of the GPS navigation
subsystem with emphasis on its microprocessor and its interfaces and software routines is
given.

INTRODUCTION

The NAVSTAR/Global Positioning System (GPS) satellite segment consists of a number
of satellites in 12 hour orbits at an altitude of 20, 183 Km (10,898 nautical miles). The first
NAVSTAR satellite was launched in February 1978, and the second in May 1978. The full
constellation will consist of 24 satellites and will provide any user on or near Earth
simultaneous visibility of at least 6 satellites.

Navigation signals are transmitted by each satellite on two L-band frequencies (1575 MHz
and 1227 MHz) to permit corrections to be made for ionospheric delays in signal
propagation time. These signals are modulated by two pseudorandom noise codes: P,
which provides for precision measurements of pseudorange, and C/A, which provides for
easy acquisition of desired satellites. Data, consisting of satellite ephemerides, time
correction coefficients and other useful information to the users, is modulo two added to
the pseudorandom codes.

The satellite L-band antenna radiates near uniform power to the users. Using signals
received from four satellites a user can make a position fix; within 10 meters in latitude,
longitude and altitude. The amount of time required for a position fix depends on the
sophistication of the receiving system and can vary from tens of seconds to several
minutes; the receiver can also provide the user vehicles velocity.



NAVIGATION TECHNIQUE

A user can determine his position in three dimensions if he can receive L-band signals
from four satellites. The precision of a user’s determination is a function of the geometry
of the satellites used. Almanac information transmitted from the satellites is available to
the user for automatic or manual selection of the four satellites which present the best
geometry and therefore allow the highest precision in position determination.

Performance of the navigation function requires synchronization of satellite clocks with
GPS system time. An atomic frequency standard in each satellite monitored by the GPS
Control Segment and clock correction data are provided to each satellite by the Control
Segment for transmission to users as digital correction coefficients. A user need not have a
precise frequency standard if he utilizes signals from four satellites, the fourth satellite
permits estimation of the user’s frequency standard bias. The four user position equations
contain four unknowns, three dimensions and the user’s frequency standard bias, and are
subject to simultaneous solution.

PHASE I SATELLITE

The GPS NAVSTAR satellites which are in orbit or being readied for launch are 3 axis
stabilized with the navigation subsystem antenna pointing toward Earth. The satellite
tracks the sun about the yaw axis, allowing the solar array panels to have a single degree
of freedom. This results in a beneficial thermal environment within the satellite. One side
of the satellite is exposed to the sun, and two sides always face deep space. Thermal
control of the satellite is simplified, the major heat producing components are mounted on
the deep space exposed sides, and control is accomplished by means of louvers and
thermostatically controlled heaters. Figure 1 is an exploded view of the Phase I Satellite
and lists the salient features of the major satellite subsystems.

The Telemetry, Tracking and Command (TT&C) subsystem is fully compatible with the
Air Force Space Ground Link System and also provides the uplink capability that is used
by the GPS Upload Station located at Vandenberg Air Force Base. The Upload Station
transmits to the satellite the ephemerides and other data for use by the Navigation
Subsystem’s Processor. The TT&C subsystem antennas provide omnidirectional coverage
since they are used for commanding and telemetry transmission during all phases of the
mission, including those during which the navigation subsystem antenna and forward
TT&C antennas are not pointed at Earth.



SATELLITE MISSION PAYLOAD

The mission payload of the NAVSTAR satellites is the Navigation Subsystem. It consists
of:

• Frequency Standards – 3 Rubidium atomic standards are provided, they are used in a
dormant redundancy configuration and are selected by ground command.

• Processor/Baseband – It generates the pseudorandom codes and modulates them with
digital data; it is internally doubly redundant and sections can be switched by
command.

• The RF Equipment, consisting of carrier frequency synthesizers, modulotor/
intermediate power amplifiers and high power amplifiers. The two L-band carriers are
combined in a diplexer/filter which in turn feeds the shaped beam antenna. The RF
equipment is totally redundant and individually switchable except for the diplexer and
the antenna.

The Navigation Subsystem configuration is shown in Figure 2, and is representative of the
first 3 NAVSTAR satellites. An additional cesium atomic frequency standard will be
added to satellites number 4 and subsequent during Phase I.

RF Section

The navigation subsystem RF section, as shown in Figure 2, derives its signals from the
10.23 MHz output of the frequency standard. Two L-band carriers denoted L1 and L2 are
synthesized from this standard frequency. The L1 carrier, which has a frequency of
1575.42 MHz is simultaneously modulated by the 10.23 MHz precision (P) pseudorandom
noise (PRN) code and the 1.023 MHz acquisition (C/A) PRN code in phase quadrature.
The L2 carrier, at 1227.6 MHz, is modulated by either (selection is by ground command)
the P code or the-C/A code. The P and C/A PRN codes are then exclusive-ored with the
50 bit per second navigation data. The L-band carriers are amplified by the intermediate
power amplifiers (IPA) and high power amplifiers (HPA). The L1 HPA includes an
incremental high power mode, which, when selected by command from the ground, results
in an increased output of the C/A component.

Antenna

The intent of the NAVSTAR antenna is to provide equal power density to all terrestrial
users. This is accomplished with a shaped beam antenna: a quad helix encircled by a ring
of eight helices. Figure 3 shows the antenna layout and the theoretical antenna pattern
components and resultant pattern. The actual measured antenna pattern is shown in
Figure 4.



The combined results of the actual antenna pattern and the predicted RF section outputs
are plotted as a function of user antenna elevation angle and satellite antenna aspect angle,
and are shown in Figure 5. Also shown are the specification requirements, which are the
bases for user receiver design. The significant signal margins of the predicted results have
been verified by measurements of NAVSTAR I AND NAVSTAR 2 using the Camp
Parks, California, Air Force Facility.

Frequency Standard

The frequency standard is the heart of the Navigation Subsystem because it is the source of
the GPS ranging function. The frequency standard-short term and long-term stability
characteristics and predictability determine the basic navigation accuracy that can be
achieved by the Global Positioning System; an uncertainty of one nanosecond in clock (or
code) phase is equivalent to approximately one foot of range uncertainty.

Figure 6 shows the regions of acceptable and unacceptable stability on an Allen Variance
plot, for the GPS Phase I frequency standard. Also shown in Figure 6 are actual laboratory
measurements of Allen Variance for several production rubidium frequency standards used
on NAVSTAR satellites. Note that the actual frequency standard performance is better
than the specification requirement by approximately an order of magnitude. This frequency
standard stability translates into potentially higher accuracy of position determination by
GPS users. The frequency standard frequency is adjustable b ground command. The phase  
difference (integral of frequency difference) is adjusted by either changing the code state
of the baseband and/or modifying the clock correction coefficients transmitted in the
Navigation Data message.

Digital Section

The digital section of the NAVSTAR satellite navigation subsystem consists of the
Processor/Baseband Assembly which includes 3 processors, each assembled on a two
sided circuit board, and three sets of baseband electronics, each assembled on two boards.

The baseband electronics generates the 10.23 MHz precision (P) code and the 1.023 MHz
acquisition (C/A) code and modulo two adds to these codes the 50 bits per second
navigation data formatted by the navigation processor. Also, the baseband electronics
produces the 19 bit time of week count (or Z-count) which repeats in seven days and
increments one binary count every 1.5 seconds. This Z-count is transferred to the
processor every 1.5 seconds. The baseband electronics also has the capability of aligning
the P code and Z-count with respect to a ground based system standard via a command
message transferred from the processor.



The primary function of the navigation processor is storage, formatting and outputting of
the navigation data that are modulo two added to the PRN codes and transmitted via the
L-band signals. Other functions of the navigation processor include:

a. Initializing (bootstrap) the processor.
b. Receipt and storage of navigation data and control data from ground upload stations.
c. Verification of the validity of uploads and in case of errors in the uploads notifying the

Control Segment via telemetry. The telemetry information is formatted for either
L-band or S-band transmission or for both.

d. Performance of diagnostics of processor hardware and dumps of processor memory
contents via the L-band RF links, and the S-band SGLS telemetry link.

Processor Hardware

The navigation processor consists of a PPS-4 microprocessor augmented by an Arithmetic
Logic Unit (ALU) with interrupt capability, as shown in Figure 7. The ALU and its
Random Access Memory (RAM) used as a buffer/scratch pad, provide the upload
interface with the 1000 bit-per-second SGLS S-band command link. The ALU RAM
stores the uploaded data, as received from the ground, and performs a series of simple
checks. Both the GPS Control Segment’s Upload Station and the AF Satellite Control
Facility’s Remote Tracking Stations have the ability to communicate with the processor.
The Central Processing Unit, which performs most of the processing functions and the
ALU interface with the input/output (I/O) devices and with the program and data memory
via the instruction/data bus and the address bus. The program memory consists of three 2
K x 8 bit read only memories (ROM); the data memory consists of 24 4 K x 1 bit dynamic
NMOS RAM’S.

Processor Firmware

The navigation processor program uses a combination of interrupt driven logic and polled
discretes and flags to initiate the tasks which must be performed on a continuous basis.
Figure 8 is a top level flow diagram of the GPS On-Board Computer Program (OBCP).
When power is applied to the processor it goes into its bootstrap routine which initializes
the processor memory to a state of readiness for initialization of all other routines as the
interrupt, discretes, or flags are set. Without further commands or uploads from the ground
the processor outputs a nominal navigation data stream and SGLS Telemetry data.

During data uploading from the Control Segment or the AFSCF, an interrupt occurs once
per millisecond on the average; the nominal upload rate is 1000 baud, consisting of 1,0,
and S (space) pulses. Following the processing of each pulse, after the interrupt, the
processor returns to the interrupted routine and continues processing. The upload message



is blocked as shown in Figure 9. Each word consists of sixteen bits, followed by an odd
parity bit. Three types of data blocks are used: (1) the address block, a one time 32 bit
word, that provides access to the processor, (2) a series of data blocks, of 250 words or
less, with a checksum incorporated and (3) an end-of-message word that closes the access
to the processor. The individual data blocks are inbedded in a stream of S-pulses.

Each data block, as shown in Figure 10, contains information on the type of data that is
being transmitted, the location where the data is to be stored and identifying information.

By using both row parity and columnary checksum computations a very low rate of
undetected bit error rate can be achieved, specifically the estimated equivalent BER for a
block is ~ 3 x 10-19.

Following completion of upload of a block of data, the Primary Data Upload routines
compare the resulting checksum with the uploaded value and if the upload is error free
these routines output a verifacation code for transmission via L-bond and S-band telemetry
and transfer the data to the main processor memory. Should errors be detected during the
upload process, the processor aborts further processing of the upload block, and outputs
the appropriate telemetry code for transmission.

The output of navigation data from the processor to the baseband electronics is
accomplished under control of tables which determine the format and content of the
navigation data frame. The Navigation Data routines offer broad flexibility in the format
and content of the navigation message, which can vary from one subfrome of 300 bits up
to 8 subframes of 2400 bits. Figure 11 is an example of a typical navigation data frame,
presently in use on the Phase I system. The example shows a five subframe frame. Another
aspect of the flexibility available to the Control Segment is the capability to select the
numbers of times each navigation data output block is repeated, that is, how long a given
set of ephemerides and/or clock correction data are made available to users. The
navigation data includes 6 bits of Hamming parity in each 30 bit data word, for validation
of the data by the users. The 6 bits of parity are assigned by the ground (prior to
uploading) for the data portion of the message, the processor computes and assigns parity
for the telemetry word (TLM) and the Handover word (HOW).

The SGLS Telemetry data routine is coiled when the satellite PCM telemetry subsystem
strobes the processor. This routine makes available to the PCM telemetry subsystem the
most recent upload status or diagnostic or memory dump information. The output rate is
eight words per second or one word per second.



The Read Z-Counter routine transfers the Z-count, the 19 bit count of GPS time, from the
baseband electronics to the processor every 1.5 seconds. This count repeats every seven
days and is used by the processor in several ways:

a) The 17 most significant bits are output in the second word of each navigation data
subframe.

b) The 3 least significant bits are used in the maintenance of navigation data output
synchronization.

c) All 19 bits are used to time the performance of events including initiation of new
navigation data frame formats, code and time alignments, diagnostics and memory
dumps and are stored in a designated location upon occurrence of an attitude control
subsystem roll momentum dump.

d) The fourth through eleventh most significant bits are used to time tag the occurrence of
satellite attitude control subsystem roll momentum dumps.

The Address Key Upload routine provides the AFSCF the capability for changing the
content of a protected set of memory locations, in the processor main memory, in which
primary upload address keys are stored. The Alternate Data Upload routine provides the
AFSCF the capability of a low rote upload path via the command decoder.

The Roll Momentum Dump Report routine outputs, via the L-band links, the time of
occurrence of roll momentum dumps.

The Code/Time Alignment Message routine transfers an 88 bit command message to the
baseband electronics which will change the Z-count and/or P-code output by the baseband,
as commanded by the Control Segment. The realignment can be as small as one chip
(~100 nanoseconds) or up to one week in length.

The Diagnostic and RAM Dump routines provide for diagnostics of the CPU logic, the
ALU and CPU RAMS and for dumps of the content of the ALU and CPU RAM. Results
of these diagnostics and dumps may be via the TLM word in the navigation data subframe
or via SGLS telemetry.

The Upload Address Verification routine formulates any of several upload status messages
which inform the GPS Control Segment or AFSCF of errors in or success of uploads.

SUMMARY

The Phase I GPS satellites and ground segments have shown the feasibility of the GPS
concept. The navigation accuracy and operational flexibility of the system are being tested.
Among the contributors to this operational flexibility testing are the satellite subsystems
including the navigation subsystem, switchable redundancy and the processor.



FIGURE 1.  GPS SATELLITE

FIGURE 2.  GPS NAVIGATION SUBSYSTEM



FIGURE 3.  GPS NAVIGATION ANTENNA DESIGN

FIGURE 4.  MEASURED PATTERNS FOR GPS NAV ANTENNA



FIGURE 5.  NAVIGATION SIGNAL MARGINS

FIGURE 6.  FREQUENCY STANDARD STABILITY



FIGURE 7.  NAVIGATION PROCESSOR BLOCK DIAGRAM

FIGURE 8.  GPS ON-BOARD COMPUTER PROGRAM TOP
LEVEL FLOW DIAGRAM



FIGURE 9.  PRIMARY UPLOAD MESSAGE FORMAT

FIGURE 10.  PRIMARY UPLOAD BLOCK FORMAT IN
UPLOAD BLOCK BUFFER



FIGURE 11.  EXAMPLE OF NAVIGATION DATA FORMAT



THE NAVSTAR GLOBAL POSITIONING SYSTEM
CONTROL SEGMENT PERFORMANCE

DURING THE FIRST YEAR

John H. Schaibly
General Dynamics Electronics Division

P.O. Box 85039
San Diego, CA 92138

ABSTRACT

This paper reports the preliminary performance of the Navstar Global Positioning System
Control Segment (CS) during the period July 1977 through July 1978. During this period,
three navigation satellites were launched and were tracked and uploaded by the CS. An
overview of the CS is presented as well as a summary of the present system status. User
performance, total system performance, and CS performance are discussed, and methods
for determining the latter are described. Performance measures including first measurement
residuals and predicted pseudorange error for NTS 2 and first measurement statistics,
predicted User Range Error, ephemeris prediction error, and predicted clock error for the
NDS satellites are presented.

The preliminary performance results presented are very good considering the early stage of
multi-satellite tracking. Projecting the two satellite performance to four satellites, the CS
contribution to user navigation error is 12.8-20.5 meters at 2 hours.  This error consists of
ephemeris and clock prediction errors of approximately 3.5 and 4.5 meters, respectively.
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GPS USER EQUIPMENT,
A CONCEPT IN MODULAR DESIGN

Donald W. Candy
Wayne M. Hoover

Texas Instruments Incorporated

ABSTRACT

A brief introduction to the Global Positioning System is presented. Functional modularity
of GPS User Equipment systems and subsystems is studied. Physical modularity and
commonality of hardware and software functions are discussed with respect to Design To
Cost (DTC) and Life Cycle Cost (LCC) goals. Commonality of hardware and software
support systems is explored with respect to increased development efficiency. Finally, a
composite overview of the Texas Instruments High Dynamics and Manpack Vehicular
User Equipments is presented with emphasis placed on the use of technology and vertical
integration for DTC/LCC.
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ABSTRACT

A new, economical protection system using fiber optics has been developed to protect
existing local metallic cable systems from lightning.

A field trial system was installed at a hilltop microwave relay station which is often struck
by lightning. The characteristics of the system and its fiber optics were investigated using a
specially developed surge detection method employing fiber optics. A direct lightning
strike demonstrated that the whole system functions very successfully and provided
valuable data on surges.

Replacing the whole length of metallic cable with fiber cable would eliminate surge
problems completely, but would be prohibitively expensive. We believe that a hybrid
system presents the most economical solution. Using the system described to protect from
direct surges requires the replacement of only the first few hundred meters of metallic
cable. The rest of the system can be protected from induced surges by conventional means.
Thus by applying this system to existing telecontrol or telecommunication cables, their
reliability can be greatly increased at relatively little cost.

Further, the new method of surge detection developed in relation to this system shows
many advantages over previous methods, and has the potential for wide application.



INTRODUCTION

Conventional telecommunication or telecontrol metallic cable networks suffer seriously
from lightning surges. Usually lightning-induced surges in the cables are the major problem
and a direct strike of lightning is rare. The former can be handled almost perfectly by
conventional arresters and other protection circuits, but equipment on a hill top like
microwave relay stations, are more likely to be hit directly. The large surges of current
these direct strikes produce cause problems which are difficult to prevent. Microwave
relay stations conventionally require metallic cables for remote supervision and telecontrol
and for some telecommunication channels. These are not the main communication
channels, but are important for network reliability and maintenance. Such stations are also
supplied with electricity via metallic cables.

In these circumstances, when lightning strikes the lightning rod of the station, it induces a
large back flashover current to the far end of the metallic cable. The more usual lightning-
induced surges in the cable will also be conducted into the station at the same time.
Although the latter sometimes affect the main microwave systems or power equipment, the
former is the major surge problem. The station’s electric power supply lines will also be
vulnerable to the lightning surges, but they rely on different protection techniques (1), and
as a last resort they can be cut off physically, and a generator switched in, when thunder
approaches. The prediction of thunder plays an important role in this respect, but is not
discussed here.

Fiber optics are well known to offer a protective system from surges because the optical
fiber is not sensitive to electromagnetic disturbances. Replacing the whole metallic
communication or telecontrol cable by a fiber cable would provide a perfect solution, but
there are already so many metallic cable systems to microwave stations, most of them with
small transmission capacity and are so long that this is economically unfeasible. To rescue
all these existing systems economically using optical fiber cable, a new hybrid system was
developed in which only a small portion of the existing metallic cable is replaced by a fiber
cable, and the remaining existing metallic cable span is used effectively as before. Further,
the existing terminal equipment at both ends is not changed.

Mt. Mikuni, height 701m, was selected for the field trial site. It is located north of the city
of Nagoya, Aichi Prefecture, Japan, an area famous for thunderstorms. A microwave relay
station on the mountain perform an important telecommunications role in the Nagoya area
electric power supply network.

The field test system was installed in Sept. ’77, consisting of electric to optical and vice-
versa converter equipment and 300 meters of optical fiber cable. Several lightning surge
detection systems were used.



One of them, a newly developed fiber optic system performed remarkably well and many
other applications for it can be expected, e.g. in protection systems that use lightning
prediction.

TRIAL SYSTEM

Figure 1 shows the system configuration. Formerly two pairs of conventional metallic
wires in a cable ran the 13km between Seto City and Mt. Mikuni’s station. One pair was
for voice band data for supervision and telecontrol of the station, accommodating two,
two-way channels of 200B FSK (Frequency Shift Keying) signals which we call CTC
(Control Tone Channel). The other pair was used for one SSB AM signal cable carrier
telephone channel each way. Only the first 300m of the existing cable route was replaced
by a fiber cable. Optical terminals were installed at both ends of the optical fiber cable,
one was mounted with power equipment on a pole and the other was installed in the
station. The existing terminal equipment at each end and the remaining metallic cable span
were used as before without any change.

Figure 2 shows the block diagram of the system and its surge detection facilities. Metallic
pairs from the city terminal were connected to the optical terminal on the pole and were
equipped with gap arresters and isolating transformers to protect from lightning-induced
surges in the cable. The signals are combined in each direction, frequency modulated and
converted to intensity modulated optical signals. Two fibers are necessary for this system,
and the other two fibers in the cable were used for a trial PCM digital transmission. The
power equipment on the pole also has an arrester and an isolating transformer at the
interface with the commercial AC line input. Batteries in case of AC supply stoppages, a
converter and a regulater were built into a house, the same size as the optical terminal
house. To minimize heat rise in the pole equipment, the houses are of double wall
construction, with natural ventilation between the walls. SV in Figure 2 is a supervisory
function of the system. Failure of the pole equipment must be detected at the station, so
stoppages of the optical power and the AC supply received at the pole cause alarms to be
sent to the station using a pilot signal, where they are recorded on a printer. Base band
channel allocation is shown in Figure 3 and the other major specifications of the system are
listed in Table 1.

Fiber Cable Length

The separation length with fiber cable is one of the important parameters of this system,
and it depends on the magnitude and longitudinal distribution of the earth potential which
arises when lightning strikes. For example, a 100KA lightning surge current at 10S earth
resistance (of transient impedance) generates 1000kV. The earth potential of the
surrounding area also rises by an amount which decays exponentially with distance.



Decade decay per 20m has been reported (2), and 100m is enough to avoid the surge peak.
150m was decided on, which needed 300m of optical cable.

Modulation Method

FM-IM modulation was used. Direct optical intensity modulation was considered for
simplicity, but environmental conditions around the pole equipment are so severe that level
variation and optical linearity compensation are complexs, and power consumption can not
be decreased. PCM encoding was also considered because of its good matching to optical
devices, but its power consumption is much higher than other methods. The power
consumption must be within the capacity of batteries.

Surge Detection System

It was necessary to provide certain surge detection facilities to evaluate the developed
system’s effectiveness, and four separate methods were employed.

The first method used gunpowder units to detect direct strikes of lightning to the lightning
rod on the antenna tower of the microwave station. The large surge current explodes the
gunpowder charge. They had already been installed.

The second was the thunder alarm system, which consisted of an atmospherics detector
which was also already installed outside the station for another group’s studies. The alarm
signals from this detector were transmitted optically with a 30m fiber cord to the main
station where they were recorded.

The third method was a conventional surge counter using a current detection coil
connected across the power line input of the power equipment on the pole.

The last one was a surge detection system for lightning-induced surges on the
communication metallic cable span. This method, using fiber optics, was specially
developed by us, and is described in more detail in a later section.

Fiber and Fiber Cable

The fiber was “SILFA”, made by Fujikura Cable Works. The cable installed has four
fibers in it and its tension member is made from FRP (Fiber-glass Reinforced Plastic).
There are no metallic materials in the cable. Its characteristics are listed in Table 1.

This type of polymer-clad fiber is economical. Its large core diameter is suited to LED
source coupling and its bandwidth is wide enough for short distance transmitting



applications. The single fiber cord used for the surge detection system is the same type as
the fiber of the cable.

This cable was installed in the same way and as easily as conventional metallic cable. The
main fiber was spliced to the tail fibers of the optical source and detector devices with
V-grooved splicers.

Optical Source and Detector Devices

The optical source was a GaAlAs double hetero structure Burrus-type LED, and the
optical detector was a Si-PIN photodiode, both made by OKI Electric Industry. The
driving current of the LED in this system was a few mA because of the short distance
transmission, although it can be driven at over 50mA. Both devices are mounted in BNC
connecters to which the tail fibers are attached, and they can be connected to the electric
circuits of BNC receptacles.

Power Equipment

The power equipment on the pole must be protected from surges. Perfect isolation can be
achieved with a solar battery system, which will be used in future. For reasons of
economy, this system was supplied from a commercial AC line and protected with an
isolating transformer and a conventional arrester circuit. These methods, also used on the
metallic transmission lines, are only effective against lightning-induced surges and not
against direct strikes. It is reasonable to suppose that direct strikes to the pole equipment
are rare. The floating batteries can cope with a continuous AC power stoppages of up to
12 hours.

Additional System (Digital Transmission)

To check the accuracy of digital transmissions over this system in case of a direct strike of
lightning, a 1.5 Mb/s random PCM signal was looped backed on a fiber as shown in
Figure 2. Digital errors were recorded on a printer. Refer to the Results section for details.

NEW SURGE DETECTION METHOD

A new surge detection method using fiber optics was developed. The conventional method
is known as a surge counter, and uses an induction coil to detect surge currents, which are
counted in electrical circuits. It needs a power supply, and if the detected signals are to be
transmitted to the far end, a special transmitter also. All this equipment must be perfectly
protected from surges.



The developed method is the simplest one for detection and transmission to the far end,
and perfectly free from surges. Figure 4 shows the method. One end of a fiber, the same
type of fiber used in optical signal transmission, is attached to the glass wall of an arrester
connected across the metallic line. The radiation from the arrester when activated by
surges is transmitted directly to the far end of the fiber, and detectable at over 1 km.

Figure 5 shows the laboratory data. The light signal was detected with a PIN photo diode
at 100m. The gap between the fiber end and the wall of the arrester was about 0.5mm and
no lenses or optical collectors were used. Optimum fiber attachment angle is about 30E for
a tri-electrode arrester as shown in Figure 5. The optical spectrum of the radiation from the
arrester and the transmission fiber should be known exactly to facilitate exact estimation of
transmission characteristics. The former is rather difficult to observe. In practice however,
the magnitude of the electrical surges activating the arrester can be estimated from the
detected peak current on the basis of experimental curves. The detected electric waveform
is very similar to the surge current activated over the range investigated, but more
experimental work remains to be done.

This method was used to observe the surges induced in the metallic cable lines at the pole,
using a 250m fiber cord with a O/E converter and a comparator in the station, as shown in
Figures 2 and 4.

RESULTS

Although this field trial will continue until March ’79, various data have already been
obtained. Figure 6 shows the received optical power variations over 24 hours, observed at
the pole equipment’s optical power monitor. It shows the direct dependency of the
received optical power on the ambient temperature. Figure 6 and other observations lead to
the conclusion that the variation of the received optical power with temperature is mainly
due to the temperature-dependent change in the refractive index of the silicone fiber
cladding.

Continuous recording of received optical power did not detected any alarm. Maximum and
minimum temperatures at the pole equipment were 41EC and -10EC respectively between
Dec ’77 and July ’78. AC power stoppages to the pole equipment were monitored
continuously. 10 power cuts were detected between Oct ’77 and July ’78, the longest was
about 200 minutes. The frequency and duration of stoppages increased in the thunder
season. These data will be fed back to battery capacity design in the future.

Continuous recording of PCM transmission errors indicated some errors during periods
when other electrical equipment was being installed and tested in the station, but ordinarily 



the estimated error rate was less than 10-13 at a received optical power of -30dBm. Even
during a direct strike of lightning at the station, there were no errors.

The last data concerns lightning surges. Fortunately there was a direct strike of lightning to
the station. The situation before and after the strike is illustrated in Figure 7. At 16:13 on
8th July ’78 the thunder alarm system detected thunder, indicating lightning about 10km
away. Surges in the metallic cable were detected at the pole equipment’s arrester 8 times
from 18:13 to 18:23. The largest surge at 18:20 was estimated to be at least 6000V, the
highest level (level 4) of the comparater. At 20:03, the thunder alarm switched off. It was
observed from the Seto City Station that other equipment in the Mikuni Station had failed
during the storm. Examination of the gunpowder units attached to the antenna tower the
next day indicated a direct lightning strike. The magnitude of the direct surge was
estimated to be at least 7800A. The developed system functioned normally throughout the
storm, and gave perfect protection to the network.

CONCLUSION

Despite many studies into the problems of current surges for direct lightning strikes in
metallic cable communication systems, the described method of employing fiber optic
cable in the vicinity of tall structures seems to offer the most practical and economic
solution.

Further, the described system has the advantage that whereas most fiber optic transmission
systems are developed for specific, new applications, it is ideally suited to the modification
of existing, conventional networks.

The field trial demonstrated the effectiveness of the system in preventing disruptions due
to direct lightning strikes, and points to the great improvement in reliability and
maintenability that is possible for existing local networks.

It has been shown that the properties of optical fibers, fiber cables, and optical sources and
detectors permit their practical application in mountainous areas.

The polymer clad fiber, which is rather economical, has a wide enough bandwidth over
short distances to make the system suitable for application in other areas, such as in power
transformer substation facilities, local telemetry systems and TV satellite systems.

Related to the field trial, a new method of surge detection was developed, also using fiber
optics. This is superior to conventional methods in every way and gave excellent results.
No active elements or power supply are needed for sensing the surge, and faithful
transmission of the sensed signal is possible over 1km with perfect electrical isolation. It is



suitable for use in many studies of lightning surges, and also has applications in higher
systems for rapidly detecting trouble or data error due to any kind of surge, and where
prediction of lightning surges plays a main role in system protection.
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Figure 1  Trial System Configuration



Figure 2  System Block Diagram

Figure 3  Base Band Channel Allocation

Figure 4  A New Surge Detection Method



Figure 5  Photo Current Detected at 100m Fiber End

Figure 6  Received Optical Power Variation

Figure 7  Detected Surge Peaks at Pole Equip.



Table 1  System Specification

Item Specification

Optical Modulation FM - IM

FM Frequency 10MHz ±150kHz

Bass Band 300Hz ~ 30kHz Fig. 3

Pole Equipment Supervision Loop Back SV Signals of Optical Power
and Power Supply

Optical Source GaA/As DH -LED

Wave Length 8500 D

Optical Detector Si -PIN PD

Transmitter Optical Power -20dBm

Receiver Sensitivity -35dBm (S/N 60dB)

Fiber Silica Core (150µm), Silicone Polymer Clad (3501µm)
Nylon Jacket (1 mm), Step Index Profile
NA 0.39, Loss< 6dB/km
Band Width 20MHz/km

Fiber Cable 4 cores, Non Metallic with FRP Tension Member
Weight 100g/m, Outer Diameter 12mm
Tensile Strength < 50kg
Sending Radius < 400mm

Temperature Range -20 ~ +60EC

Dimensions of Pole Equipment 405 x 342 x 780mm x 2



RUGGEDIZED CABLE AND CONNECTOR FOR FIBER
OPTIC SYSTEMS
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ABSTRACT

Achieving a ruggedized optical fiber cable and connector is the key to implementing Army
fiber optic communication systems. The paper describes the results of a series of programs
to develop the required cable and connector. Efforts to incorporate low loss optical fibers
into a practical cable construction as well as optical transmission and mechanical
properties, environmental resistance, and cost are discussed. Resistance of the cable to
moisture and temperature exposure, tensile stress, impact, bend, and twist are summarized.
The paper also includes concurrent development of a fiber optic connector consistent with
the military environment. The alignment factors contributing to coupling loss are presented
along with various concepts being employed to achieve fiber alignment. The details of a
three-sphere connector design pursued under Army contract are included.

INTRODUCTION

The Army has made considerable progress toward replacing metallic cable with optical
fiber cable in its tactical communication systems. This replacement is concentrated on
specific operational elements within the present field systems that utilize the standard twin
coaxial cable, CX-11230, and 26-pair cable, CX-4566. This paper will describe the efforts
to develop the required cables and connectors for these systems. Two major systems are
under development and are outlined in Table I. Ruggedized cables that contain six
multimode optical fibers each used on a single fiber per transmission channel basis are
planned for both of these systems. Reliance is primarily on differences in the optical fiber
characteristics to satisfy the specific requirements of the two systems. A connector
compatible with both fiber optic cables is desired. These components must, when
combined with the desired electrooptic interface, be fully compatible with current metallic
communication links and possess the ruggedness demanded by the military environment.
The tactical situation requires rapid and frequent deployment and recovery in an
unprotected area. The cable and connector (assembly) are subjected to considerable
handling and to direct exposure to the elements.



TABLE I - Major Systems Using Six Fiber Cable

System Application Replaces Range Repeaters
Data
Rate Fiber

Long Haul TDM
Cable System

Down Hill Long Haul,
High Data Rate
Central Office

Twin Coaxial
Cable,
CX-11230

  8 km
64 km

None
8

   20 Mb/s 
2.3 Mb/s

Graded
Index

Local Distri-
bution Cable
system

Intershelter Wiring,
Shelter to User Line

26 Pair Cable,
CX-4566

30 m
  2 km

None
None

30 Mb/s
  5 Mb/s

Step/
Graded
Index

CABLE APPLICATIONS

The introduction of fiber optic cable into communication systems represents a substantial
advantage of size and weight over current cable. Improved system performance associated
with fiber optic cable is immunity from crosstalk, electromagnetic interference (EMI), and
grounding problems. The magnitude of the physical benefits are shown in Table II. A
comparison of a reel containing 0.15 km (500 feet) of 26-pair cable to a reel containing
fiber optic cable is illustrated in Figure 1. The metallic cable reel requires a two man team
for deployment while the fiber optic cable can be held in one hand and unspooled with the
other. The excessive size and weight of the 26-pair cable is a result of the shielding
required to lower crosstalk.

TABLE II - Comparison of Metallic and Fiber Optic Cable

Fiber Optic
Cable

26-Pair
CX-4566

Coaxial
CX-11230

Diameter (mm) 6.35 17.8 9.5

Weight (kg/km 30 419 88

Maximum Length/
Spool (km)

1 .076 0.4

The system needs as shown in Table I divide the ground based communication system into
long distance links addressed in the long haul time division multiplexed (TDM) cable
system and the short to moderate distances addressed in the local distribution cable
system. To satisfy the data rate/transmission range requirements of the TDM system,
graded index multimode fibers are required. These optical fibers have the capability of
handling digital data at rates up to 20 Mb/s in unrepeatered system lengths up to 8 km and
rates to 2.3 Mb/s in repeatered system lengths up to 64 km. The unrepeatered fiber optic
cable system eliminates 19 repeaters presently required in coaxial cable systems. A study1



has shown that as a result of size and weight reductions in the TDM system with fiber
optic cables, logistical support would require two 1¼-ton trucks instead of the four 2½-ton
trucks presently required. In the local distribution system, the shorter range, 30 m to 2 km,
allows for the use of optical fibers with higher attenuation and greater dispersion. Step-
index all glass fibers or plastic clad silica core fibers are being considered.

CABLE DESIGN

Specific optical and mechanical properties of the cable will be discussed in terms of design
features required to achieve the performance desired. The various elements contained in
the cable serve a function related to specific cable characteristics. The optical performance
is greatly influenced by the protective coating or buffer on the optical fiber. The tensile
strength is largely determined by strength members incorporated as bundled yarn. The
impact resistance can be significantly improved by the proper choice of the cable
jacketing. Several cable configurations incorporating these features are explored with the
testing results provided. The concepts of cable construction apply equally to the use of
both glass fibers and plastic clad silica fibers; however, discussion will be confined
primarily to the experience with cabling of plastic clad silica fibers for the local
distribution system.

CONCEPTS OF CABLE CONSTRUCTION

Optical Performance

The optical attenuation of fibers increases after incorporation into the cable as a result of
microbending losses. Cable design should minimize microbending losses by avoiding
contact of the fiber with irregular surfaces and eliminating pressure or tension that can
cause forces to exist within the cable that exaggerate the effect these irregularities exert.
These residual forces are often responsible for attenuation increases when the cable is
subjected to temperature extremes. The fiber itself can be made more resistant to
microbending losses by decreasing core size and increasing the numerical aperture. These
adjustments are limited since core size reduction will lead to higher connector coupling
loss and higher numerical aperture will cause higher attenuation. However, the most
effective means of minimizing microbending losses is the application of the buffer coating
to the fiber. The choice of buffer materials and their homogeneous application, is very
critical. The surface of the various cable elements should also be made as smooth as
possible. A source to be considered is the contact at crossover points that strength
members or other fibers make with the fiber as they are helically laid within the cable
structure.



Tensile Strength

Through the effective use of strength members, excessive strain in the optical fiber can be
avoided. The stress-strain relationship for various candidate strength members and silica is
shown in Figure 2. It can be seen that for a given level of stress the higher modulus
materials show smaller strain (elongations). As a result, the silica fibers’ elongation will be
restricted to the elongation experienced by the strength members. This assumes that the
strength members will carry almost the entire load. KevlarR 49 was chosen because it has
the highest Young’s Modulus of those materials currently available which are not
electrically conducting. A 1 percent strain can conservatively be tolerated by current glass
fibers without breakage. At this level, KevlarR yarns will support stresses of about 175 K
psi. Since the strength member cross-sectional area can be increased independent of the
fiber area, cable can be constructed to withstand 181 kg tensile loading.

Impact

Because of the brittleness of glass fibers, the impact resistance of fiber cables has been
lower than their metallic counterparts. Several factors have been identified to improve
impact resistance. First, a principal point of fiber breakage during impact has been at
crossovers, particularly over other fibers. These crossovers should be minimized. Second,
the fibers should be laid in the cable so as to avoid any deflection of the fibers on impact.
Third, cushioning beyond that achieved with buffer coating should be provided. The jacket
serves this purpose in addition to protecting against abrasion and providing a moisture
barrier. Materials with the necessary resilience, such as polyurethane, are required to
absorb the energy of impact.

PERFORMANCE OF FABRICATED CABLE DESIGNS

Initial Ruggedized Cable

The first Army program to develop ruggedized cable was initiated with Corning Glass
Works in 1973.3 The objective of that effort was to reduce the redundancy required for
optical fiber transmission (e.g., bundles of 61 fibers vere used), to cut the cost of cabling
required for fiber optic transmission, and to establish the feasibility of using the cable
under tactical field conditions. Transmission via single multimode fiber was first
considered plausible as a result of the success of the cable design shown in Figure 3. The
characteristics of the cable are shown in Table III. The salient features of the cable design
are: (1) each glass fiber is coated with KynarR buffered with a loosely extruded
polyurethans coating, (2) a buffered optical fiber is used as a central support member, (3)
two parallel KevlarR strength members provide tensile strength, and (4) extruded
polyurethane serves as a jacket and encapsulant. This cable structure demonstrated that



fiber optic cables can withstand a variety of mechanical and environmental tests similar to
those required of metallic cable, subject to derating only in the area of impact resistance.
The fiber buffering and subsequent cabling process had no adverse effect on fiber
attenuation.

TABLE III - Properties of Initial Ruggedized Cable

Fiber Type Glass-step index
Cable Diameter 5 mm
Cable Attenuation 5-9 db/km

Tensile Load 57 kg
Duration of Load 1 minute

Impact Resistance 1.4 Nm
Number of Impacts 200 impacts

Local Distribution Cable

Improvements in cable performance have resulted from cable designs investigated for the
local distribution system by ITT Electro-Optical Products Division2. The approach was to
maintain or improve the mechanical and environmental qualities of the cable with a design
that had the potential for lower cost. With the shorter distances from 30 m to 2 km
established for the local distribution system, higher attention could be tolerated in the
cable. This provided the possibility of using plastic clad silica fibers. As shown in
Figure 4, the attenuation of this type of fiber is not consistently as low as chemical vapor
deposited (CVD) glass fibers of the type used in the initial cable program mentioned
above. The attenuation of the plastic clad fiber is most dependent on the type of polymeric
cladding. It was determined that silicone RTV coated fibers had the lowest attenuation of
the polymeric materials investigated. Figure 4 also depicts the superiority of the silicone
RTV over a Teflon PFA clad fiber. An abrasive resistant jacket of Teflon PFA was
extruded over the soft silicone cladding. This combination of silicone RTV and a hard
polymer is also a highly effective buffer coating for CVD fibers.

These fibers were incorporated into two cable structures, a central strength member
(CSM) and an external strength member (ESM) design. These two structures are shown in
Figure 5. The CSM design has an internal strength member of helically laid 19-strand
impregnated KevlarR 49 with an outer braid of KevlarR 29. About this central core are
helically laid the six optical fibers along with polyester fillers. A helically wrapped TFE
tape is applied to keep the fibers in place during extrusion of the cable and to reduce
friction betweenthe fiber layer and the outer polyurethane jacket. The ESM design



resembles the initial fiber optic cable of the previous section. A bundle of seven helically
laid fibers are in the center and polyurethane is used for the inner and outer jacket.
Substantial modification includes, however, the use of nineteen KevlarR 49 strength
members helically laid about the inner jacket and covered with TFE tape. The distributed
nature of the strength members and the long lay length result in both reducing the tensile
loading in the fibers and giving the cable flexibility in all directions.

Cables fabricated with these designs were subjected to a complete regime of testing. The
results are summarized for both cable designs in Table IV. Neither cable type proved to be
markedly superior, both exhibiting excellent resistance to mechanical and environmental
conditions. The ESM design showed slightly lower cabling loss and better bend test results
than the CSM design. Yet, the CSM design had greater impact resistance. The impact
resistance at room temperature of 2.6 Nm for the CSM design, although improved over the
earlier cables, is still short of the 6.0 Nm for 200 impacts desired for tactical use. The
tensile strength likewise was significantly improved from levels of 57 kg shown in
Table III for the initial ruggedized cable to levels of 181 kg indicated in the attenuation
versus tension test shown in Table IV. Jacket slippage was observed during tensile testing
and was attributed to the TFE tape present in both cable designs. It was also confirmed in
the latter test that in addition to the absence of fiber failure there was no increase in
attenuation at this load. A loss of transmission was experienced in both cable designs at
low temperature. This difficulty has been attributed to density changes in the silicone RTV
cladding that result in substantial changes in refractive index.

TABLE IV - Performance of Local Distribution Cable

Test Central Strength Member External Strength Member

Cabling Losses No appreciable increase Same

Impact Resistance Survived 200 impacts:
2.6 Nm @ +25EC
3.4 Nm @ +85EC
4.7 Nm @ -45EC

Survived 200 impacts:
2.0 Km @ +25EC
3.4 Nm @ +85EC
4.7 Nm @ -45EC

Bend Test Survived 2000 cycles @ RT, 1000
cycles @ -55EC, +85EC
(Two fibers in one cable
failed @ +85EC)

Same

(No fibers failed)

Twist Survived 2000 cycles @ RT, 1000
cycles @ -55EC

Same

Attenuation vs
Tension

No change - 8 increments to 181 kg
load or fiber failure

Same



Fatigue 2 mo. at 45 kg - no fibers failed;
no significant change atten.

Same (slightly higher
attenuation increases)

High Temperature
Attenuation

No significant increase attenuation
@ +85EC; Modest increase attenuation
(post-test) @ 24EC

Same

Low Temperature
Attenuation

Severe increase in attenuation
@ -55EC; No change attenuation
(post-test) @ 24EC

Same

Moisture Resistance 4 to 5 db/km increase in
attenuation

Same

Optima Local Distribution Cable

As a result of investigations of the CSM and ESM design, a refined cable structure was
developed. The configuration of the optimized cable is presented in Figure 6. Alterations
to the ESM design have been made to increase impact resistance, reduce cost, eliminate
jacket slippage, and improve outer appearance. The buffering on the plastic clad silica
fibers has been increased to further minimize microbend effects and increase impact
resistance. HytrelR was found to be a less expensive and readily applied coating material.
Introduction of non-impregnated Kev1arR 49 and the removal of the TFE tape was carried
out to achieve proper jacket friction. The polyurethane of the outer jacket has been
changed to a flame retardant polyether grade with green, matte appearance. Modifications
in the yarn denier to increase strength and change in dimension have been made to
accommodate the larger fiber bundle.

Initial tests performed on this cable included impact, bond and evaluation of jacket
slippage. Impact resistance of the cable over the temperature range +85EC to -55EC is
given in Table V. Increased impact resistance over those values achieved by the cables of
the CSM and ESM design was observed at an but -55EC. The low survival rate at this
temperature was a result of fracture of the brittle polyurethane outer jacket. Various grades
of polyurethane must be further evaluated. The optimum cable survived the bend test as
indicated in Table IV. The modifications were successful in eliminating jacket slippage.
Further testing of this cable design is anticipated.



TABLE V - Impact Resistance of Optimum Local Distribution Cable

Percent Fibers Surviving at
Temperature (EC) 4.0 Nm 4.4 NM 4.7 Nm

+25   94   79   79
+85   95   88   90
-30 100 100 100
-55   62   31   41

CONNECTOR APPLICATIONS

A major barrier for implementation of Army fiber optic systems is the development of a
reliable connector having low coupling loss. In the communication systems previously
mentioned, the connector must be capable of joining the fibers repeatedly with less than
1.0 db optical coupling loss. The connector must be compatible with the fiber optic cables
developed for the two Army systems. Fiber-to-fiber mating of the six individual fibers is
required as well as termination of the cable strength members to provide cable retention.
Other desired features of the connector are: hermaphroditic design (identical connectors
mate with each other), simplicity of design, low cost, compactness, protection of fiber
mating surfaces, ease of cleaning, and ease of assembly. Many of these features are
directly related to establishing a design that has the desired ruggedness. The durability
required is not unique to the military but exists in any practical situation where repeated
mating and handling by routine procedures is encountered.

FACTORS INFLUENCING COUPLING LOSS

The fundamental consideration in designing a fiber optic connector is the achievement of
fiber alignment. Ideally, it is desired that the two fibers be exactly aligned, in intimate
contact, without any optical discontinuities. Insertion (coupling) loss increases resulting
from fiber misalignment can be treated quantitatively4. Figures 7 to 9, respectively,
examine the effects of lateral displacement, end separation, and angular misalignment. The
lateral displacement in Figure 7 and the end separation in Figure 8 are both expressed as a
ratio relative to the core diameter of the fiber. Since these effects are additive, it can be
seen that the design of a fiber optic connector is a difficult task. The following are typical
contributions to insertion loss experienced in the design of the three-sphere connector (to
be described later): (1) lateral insertion loss 0-3 db, (2) end separation loss 0.2 db, and (3)
angular insertion loss 0.05 db. These results are based on fiber numerical aperture of 0.2,
radial displacement and separation ratios of 0.05, and angular misalignment of about
¼ degree. Assuming common core diameter of 100 µm (0.004 inch), the lateral
displacement is only 5µm (0.2 mils). A small fiber separation is desired to prevent damage
to the fibers. The total loss is 0.85 db when Fresnel losses of 0.3 db at the fiber end



interfaces is included. Other effects not considered are losses derived from mating of non-
identical fibers and irregularities in the fiber end faces from improper fiber end
preparation.

CONNECTOR ALIGNMENT CONCEPTS

Many concepts have been investigated to achieve the necessary fiber alignment. Table VI
identifies the concepts as being variations of three principal categories. Examples of
connector concepts used by several companies are listed in each category. In category I,
fabrication of parts to tight tolerances is employed. Where precision machining and casting
are used, the fiber is precisely located within a ferrule with an alignment fixture. Another
method is to integrate a watch jewel into the ferrule. In category II, inventive designs are
used to reduce the need for precision on connector parts. In category III, inexpensive
hardware of high tolerance that is available from other sources (e.g., rod stock and ball-
bearings) is used in various nesting geometries to locate the fibers. The majority of these
connectors are in a form suitable for mating a single fiber and the construction is not
designed for rugged field conditions.

TABLE VI - Fiber Optic Connector Concepts

THREE SPHERE CONNECTOR

In an effort to develop a militarized connector, an adjustable three-sphere design illustrated
in Figure 10 has been pursued by ITT Cannon5. The adjustable feature serves to
accommodate fiber tolerances (diameter variations of 5%). The diameter of the precision
ball-bearings, which are 0.8 mm (31 mils), is selected to permit oversized diameter fibers
to be held within the nest without full sphere closure. Lateral alignment is achieved by the
internesting of two groups of three spheres brought together by spring action. A gap of
4 µm is precisely set to prevent fiber damage. A larger sphere set atop the nest is used to
position the fiber within each ferrule. Angular alignment is assured by retaining the fiber



within the long guide at the rear of the ferrule. As previously described, typical coupling
loss of 0.85 db has been achieved with losses of 0.5 db possible. Designs have been
complete for advancing the concept to a six fiber, hermaphroditic connector.

CONCLUSION

An effort has been made to establish design concepts for the development of optical fiber
cable and connectors. The use of these concepts has been demonstrated by citing specific
cable and connector designs pursued under Army programs. These efforts are aimed at
military applications but have substantial impact on the commercial sector. It has been
shown that fiber optic cables have been developed that can withstand rugged field
conditions. The fiber optic connector effort has proceeded to concept verification.
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ABSTRACT

An optical fiber thermosensor with bimetal has been newly developed for telemetering
temperature readings at an electrically noisy place and high voltage point. Thermosensor
measuring accuracy was less than 0.5 degree in the 10 to 50EC range. The device has
proved to be practical and reliable.

1.   INTRODUCTION

Recently, many kinds of optical fiber telemetering devices have been fundamentally
considered. However, few of them are practical in the application field.

For telemetering temperature values at an electrically noisy place and at a high voltage
point where complete insulation is necessary with electric cable, the optical fiber
thermosensor with no electrical active elements has been proposed. This paper presents
design outline and experimental results for the proposed optical fiber thermosensor.

2.   PRINCIPLE

The structure of the proposed optical fiber thermosensor is shown in Fig. 1. F1 and F2 are
optical fibers, while L1 and L2 are lenses for collimating and focusing. The bimetal light
shade is positioned so that it shades a part of the collimated beam. The shaded region
depends on the light shade position with regard to the optical axis, which also depends on
the temperature because bimetal bends at changing temperatures. The output power ratio is
defined as P2/P2, where P2 is the light power launched into fiber F2 when the light shade
intercepts a collimated beam, while P1 is the light power when the light shade intercepts
nothing. Temperature measurement is accomplished by the output power ratio.

3.   DESIGN

SELFOC lenses [1] are used to assure a compact optical fiber thermosensor. SELFOC
lenses are 2.7 mm long and 1.8 mm diameter. The distance between the two lenses is



selected to be 30 mm because of low insertion loss [2]. The light shade for bimetal shifts
perpendicularly to the optical axis due to temperature deviation. Deviation in the light
shade position )x is expressed by temperature deviation )T as follows.

where K is a constant of bimetal, L and t are, respectively, bimetal length and thickness.
The ratio determines measurable temperature range and measuring accuracy. These values
are in the relation of a trade off. The optimum )x/)T value to achieve highest accuracy in
the range of 10 to 50EC, is 0.01 mm/EC. Therefore, L and t were selected to be 9 mm and
0.37 mm, respectively, from Eq. (1) because bimetal was used whose K was 1.4 x 10-5/EC.
Assuming that beam intensity distribution is Gaussian, and that 1/e width is 0.8 mm, the
relation between the output power ratio and the temperature is calculated with Eq. (1) and
shown by the dotted line in Fig. 4.

4.   EXPERIMENTAL RESULTS

The photograph of the optical fiber thermosensor is shown in Fig. 2. Dimensions and
Weight were 20 x 20 x 39 mm and 50 g, respectively. The device has two precise optical
connectors. Insertion loss was 1.5 dB.

The experimental system is shown in Fig. 3. The light source was stabilized LED, whose
output power deviation was within 0.1% more than 5 hours. Step-index fiber with 60 µm
core diamter and 0.18 numerical aperture was used. The optical fiber thermosensor was
located inside of the oven and connected with 2 meter long fibers. Output power ratio was
measured under the temperature cycle test from 10 to 50EC, 10 times. The result is shown
by the solid line in Fig. 4. It was approximately linear under the tested temperature range
and showed good identity with the calculated value. Accuracy was within 0.5EC and
reproducibility was within 1%.

5.   CONCLUSION

An optical fiber thermosensor with bimetal has been newly proposed and developed.
Temperature measuring accuracy was less than 0.5 degree in the 10 to 50EC range. The
device has proved to be practical and reliable.
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ABSTRACT

Guidelines for the utilization of fiber optics transmission technology in the design of a
standardized aircraft multiplex system interconnect have been difficult to establish. MIL-
STD-1553 is imprecise in the separation of transmission and operational functions with the
result that the substitution of fiber optics for wire transmission specifications is impractical
without redefinition of the 1553 word formats and data bus architecture.

INTRODUCTION

The A2K Aircraft Multiplexing Committee of the SAE, a joint group of Government and
industry representatives, created a Fiber Optics Transmission Task Group and directed it
to fashion guidelines for utilization of fiber optics interconnect technology in MIL-STD-
1553. MIL-STD-1553, sanctioned by the A2K Committee, is a document which codifies
aircraft multiplexing functions. Fiber optics is a technology of interest to the Committee
because it provides a promising alternative to twisted shielded pair for performance of the
transmission function in the 1553 data bus. This paper describes the approach and presents
some of the problems of the Task Group in developing the requested guidelines.

FIBER OPTICS AND 1553

Fiber optics transmission technology has received a great deal of attention from the
procurers and designers of military electronic systems. This interest stems from the
invulnerability of the fiber optic transmission line to EMI and EMP, and from its
bandwidth/length product which is inherently greater than that of any conventional metallic
transmission technology. These attirbutes can be used to advantage in the design,
installation, and operation of simple transmission interconnects which can operate over
wide bandwidth ranges with no metallic shielding required for the transmission line, no
tuning required for transmission line impedance, and no requirement for dual ended,
balanced transmitters and receivers. In military aircraft, particularly, these features promise
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to result in significant system weight savings with attendant decreases in the life cycle
costs of aircraft electronic systems.

The movement of this promising technology beyond a purely R&D stage into military
systems can be effectively accomplished by engineering development performed in the
context of authentic system requirements. Such requirements are found in system
standards. But some aspects of standardization which work against the application of any
new technology, and the immaturity of fiber optics technology itself resist its utilization.
This paradox was presented to the Fiber Optic Transmission Task Group, a subcommittee
of the SAE A2K Aircraft Multiplexing Committee, when it began, in 1976, to plan
guidelines for the application of fiber optics technology to a standard system.

The system selected for fiber optics application is currently used for integration of aircraft
electronics equipment; its characteristics are contained in MIL-STD-1553B(l). Essentially,
1553 establishes control, operation, protocol, format, and transmission requirements for a
multiterminal multiplex system which is served by a single, common transmission path.
The 1553 data bus presents a good opportunity for the application of fiber optics
technology. The standard has potential wide-ranging use in the kinds of systems which can
benefit from the attributes of fiber optics. Operational analysis cost models indicate the life
cycle costs for a fiber optics data bus will be exceeded by those of a wire data bus system
at some point in the future (2). Hence, the development of guidelines for using fiber optics
technology in design of 1553 data buses is a good way of providing direction for fiber
optic development while also building the potential for a cost-effective alternative to wire
technology data buses.

APPROACHES AND PROBLEMS

The initial strategy for integration of fiber optics transmission requirements into the 1553
methodology was to produce a companion standard which substituted for each wire
transmission-related paragraph in MIL-STD-1553 a suitable corresponding paragraph,
couched in terms of fiber optics transmission, which accomplished the same purpose as the
original paragraph. A one-to-one mapping of wire and fiber optics transmission functions
was envisioned which would leave untouched those sections of the standard which contain
the operation and control features of the 1553 system. This approach assumed that a
clearly defined partition line existed in MIL-STD-1553 which separated transmission
functions from operation functions.

The partition approach failed initially because of the diffusion of transmission functions
into the operational features of MIL-STD-1553. Specifically, 1553 in all its versions
requires data coding to be Manchester II bi-level, a bi-phase code which renders a mark
(one) as a high level followed by a low level and a space (zero) as a low level followed by



*All references to paragraph numbers and to figures which appear in parentheses refer to specific
paragraphs and figures of reference (1).

a high level. A transition through mid-level occurs in each bit period and the midlevel is
sought when no data are present. This code is implemented electronically in 1553 by
assigning a positive voltage to the high level, a negative voltage to the low level, and zero
voltage to the mid-level ( 4.3.3.2)*. This provides an efficient method for coding the serial
digital data stream which is an artifact of the time domain multiplexing utilized in 1553.
Manchester coding is also a highly effective method of transmission upon the dual,
balanced, twisted pair data bus specified in 1553. This requirement is definitive of the
characteristics of the transmission hardware ( 4.5 et.seq.) which is logical since all of the
vital features of the transmission system can be interrelated by a single test method which
employs a Manchester signal. However, the sections on word formats ( 4.3.3.5 et. seq.),
intermessage gap ( 4.3.3.7), and terminal response time ( 4.3.3.8), all control and protocol
features, employ a tri-level Manchester waveform to illustrate their definitions (Figures 2,
4, 5, and 8). Since the only point where these waveforms can be verified is where the
transmission line connects to the transmit/receive unit (Point A, Figure 9), an ambiguity as
to function separation creeps into the standard.

This mixing of operation and transmission functions raises difficulties in guiding the
application of fiber optics to the 1553 data bus design. Two problems result. First, since
the output/input port of the wire transceiver (Point A, Figure 9) is the only point in 1553
where waveshapes are defined, it’s necessary that the transmission specifications
establishing the characteristics at that node be retained in the fiber optics companion
standard in order to preserve a point of functional operation to which the characteristics of
the fiber optic transmission system can be referenced. This violates the one-to-one
mapping of transmission functions since the fiber optics transmission definition requires
the existence of the wire transmit/receive definition while the inverse is not true.
Practically, it means that the fiber optics data bus will be a costly add-on to a 1553 system
because the expense of the wire transceiver cannot be eliminated. Second since optical
power transmitted in a fiber optics system is unipolar, a transform function between the
bipolar electrical Manchester signal and a suitable optical code must be specified, making
the objective of one-for-one substitution of transmission technologies even more remote.
Practically, the two levels of coding add again to the expense of the fiber optic data bus by
necessitating extra circuitry to implement the added level of coding. The upshot is that a
more practical point of partition in the 1553 system must be found .

Ideally, from the standpoint of transmission system substitution, the line of partition in a
1553 terminal lies between the transceiver encoding/decoding functions and the input/
output aperture of the digital logic where the multiplexed data are serial but still unipolar.
Here, all of the operational characteristics are present in the serial data, words are
distinguishable, message structure is established, and no changes are made to the data



except encoding and decoding. This line is difficult to draw on the 1553 map, however,
because the admisture of transmission and operational requirements fuzzes the border
between functions. Surgery is required on the word formats to cut away their bi-level
Manchester coding aspects while preserving their protocol and control aspects. Now the
coding becomes the bridge which spans transmission and operation. This change can be
accomplished by deleting the tri-state characteristics in the definitive figures (4 and 5) and
redefining the words in digital logic oriented unipolar format. Word definition in this form
is problematical, however, since the preambles of the 1553 words distinguish the three
word types defined in the standard. Word identification is accomplished by utilizing the bi-
polar feature of Manchester II coding. The first three bit spaces of each word are divided
into two bit-and-a-half timeslots. In command and status words, the first time slot is
occupied by a constant positive level while the second is occupied by a constant negative
level; data words are distinguished by a preamble which is the complement of the
command/status preamble. If the word formats are redefined in unipolar logic levels, the
data preamble loses the first bit-and-a-half time slot because, taken alone, it isn’t
preceeded by a transition to set it off, and appears to be a dwell at zero, a dead line, or a
section of intermessage gap or terminal response time. The message structure of 1553,
however, ensures that a data word will always follow another word and that there will be
no gap time between words, so in practice the first time slot of the data word preamble is
always preceeded by a transition whose location will vary by only half a bit time. Thus, in
unipolar logic, the data word preamble is distinguisable within the message context of
1553.

Another hybrid feature of MIL-STD-1553 which requires working is the definition of data
bus operation. This section ( 4.2) combines the operational requirements of asynchronous
operation, half duplex communication, and command/response protocol, with the serially
tapped transmission architecture of the data bus. While this architecture can be slightly
modified by stubbing ( 4.5.1.5.1 through 4.5.1.3), the fundamental structure of the data bus
remains the same. The serially tapped fiber optic data bus is not suited for more than eight
or nine terminals, so, to meet the 1553 requirement of data bus service for a maximum of
thirty three terminals, alternative structures must be considered. Fiber optics technology is
too immature in development of connectors, couplers, and sources to fasten upon a
transmission architecture which is suitable for all applications. The best choice at this point
is to provide alternative fiber optic data bus structures which are based upon the most
common approaches and to leave determination of a single architecture to the future, when
experience and development will offer more certain choices.

CONCLUSION

The experience of applying fiber optics transmission design methodology to MIL-STD-
1553 has raised some critical issues of standardization and technology utilization. The



standard is written in terms which blur the distinction between transmission and operation
functions, making the application of fiber optics transmission technology difficult since it
does not possess the same transmission characteristics as the twisted wire technology
specified in 1553. The resolution of the issues will come with a reorganization of the
standard and modification of some of its definitions. A companion 1553 fiber optics
standard will, of necessity, not provide the rigid, specific guidelines in the specification of
transmission characteristics since the state of the technology is dynamic. However, the
application effort is warranted by the potential benefits of fiber optics transmission.
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SUMMARY

This paper presents concepts for fiber optic sensors. Such sensors have many inherent
advantages over conventional sensors—including digital format and noise immunity. Four
examples of specific sensor system designs are discussed—each of which demonstrates a
different optical modulation format. The birefringent temperature transducer illustrates
direct digital signal modulation. The temperature/pressure dependent semiconductor filter
illustrates high-pass optical wavelength signal encoding, while the coupled polarized-mode
transducer shows how a solid-state sensor can produce narrow-bandpass optical-
wavelength signal encoding. Finally, the luminescent temperature sensor illustrates a
manner in which a solid-state sensor can be constructed to produce pulse-width
modulation of an optical signal. The potential for fiber-optics sensors adds one more facet
to the growing fiber optics market.

INTRODUCTION

Present sensor technology has not kept pace with the data accumulation and reduction
capability of modern microelectronics. Available sensors are bulky, costly and not readily
compatible with digital microprocessing electronics. A means of monitoring temperature,
pressure, flow rate, etc.—using sensors which are as reliable, rugged and inexpensive as
semiconductor components will greatly enhance the performance of many systems. Such
sensors must withstand hostile environments, including electromagnetic interference.
Therefore, an all-optical sensor concept is highly desirable and is consistent with the recent
rapid acceleration in the growth of fiber-optic signal transmission systems.

Fiber-optic sensor systems should have a digital transmission format and should be
independent of intensity variation; therefore, a limit exists on the number of light wave
transmission parameters which can be utilized. These constraints, however, do not limit the



number of parameters that can be used for sensing. If single mode fibers were used, five
characteristics of light could be applied to digital transmission; i.e., amplitude, intensity,
wavelength, phase and polarization. However, the use of the more practical multimode
(N > 1000) fiber restricts transmission schemes to digital intensity modulation (binary,
pulse width, frequency, etc.), wavelength (or color) modulation and color multiplexing.
These three basic format concepts are showm in Figure 1.

It is also desirable to develop transducers which produce digital signals directly, as
opposed to combining conventional sensors with conventional A/D converters. Further, it
is desirable to have the transducers require only optical input power. With these criteria, a
“digital-compatible” sensor can be any sensor which is not affected directly by amplitude
variations, such as changes in fiber attenuation. The possibilities for sensor construction
are as extensive as the potential applications. A few examples are presented below.

DISCUSSION

1.   The Birefringent Digital Temperature Sensor

The distinguishing basic feature of the crystalline state, with respect to optical
properties, is the fact that crystals are generally electrically anisotropic; i.e., the
polarization produced in the crystal by a given electric field is not a simple scalar constant
times the field, but varies in a manner that depends on the direction of the applied field
relative to the crystal lattice. One consequence of this phenomenon is that the speed of
propagation of a light wave in a crystal is a function of the direction of propagation and the
polarization of the light.

For most crystals, there are two possible values of the phase velocity for a given
direction of propagation. These two values are associated with mutually orthogonal
polarization of the light wave. Hence, crystals are normally termed double refracting
(birefringent).

Figure 2 indicates an application of birefringence in a digital temperature sensor. A
broad source spectrum is transmitted through a fiber and dispersed by a lens-prism system.
The spectral components pass through the first polarizer. The resulting polarization vector
is then rotated by the birefringent cell through an angle which is proportional to
temperature.

The second polarizing filter (the analyzer), causes the light intensity to vary sinusoidally
with temperature. By using shorter birefringent cells, the other sensors are caused to have
less sensitivity, so that each of the detected outputs represents a binary bit (e.g., “Gray
code”). Then the color signals are mixed, transmitted by fibers back from the remote



sensor and then separated and detected. This color-multiplexed sensor system represents
but one way of transmitting the digital information from the transducer. Although one fiber
per binary bit would be an obvious variation to this binary system, several other methods
are possible, including a multiple-level digital system. An error analysis of various
schemes is expected to identify the approach that best utilizes the digital characteristics of
the transducer.

2.   Temperature and/or Pressure-Dependent Semiconductor Filters

In the color modulation concept, a broad source spectrum is filtered by a high or
lowpass filter, or, most ideally, by a band-pass filter. Then, the detected spectrum is
analyzed for cutoff or band-pass wavelengths. If these particular wavelengths of the filter
elements are functions of environmental parameters, the total system form a fiber-optic
transducer which is independent of intensity variations in the fiber.

A most straightforward manner of filtering involves semiconductor high-pass (relative
to wavelength) filters. The presence of an energy gap in semiconductor materials makes
them inherent optical filters. Photons of a given energy, and higher, can excite electrons
from the valence band across the gap to the conduction band. These photons—of a given
wavelength, 8co, and shorter—are thus absorbed.

Figure 3 shows the filtering characteristics of III-V semiconductors. These III-V
compounds are being considered because they have a direct bandgap (i.e., no momentum
recombination components) and, hence, are light emitters. Thus, the filtering characteristic
is assured to be compatible with the source spectrum.

Crystalline structures, however, are often difficult to deposit on substrates. Further,
some complicated compound semiconductors—although theoretically possible—have yet
to be grown in sufficiently large crystals to allow for experimentation and evaluation. The
fabrication advantages of amorphous semiconductor film over crystalline films include
ease of fabrication and relaxed requirements on lattice constant matching with a variety of
substrates. While difficulties are great in attempting to use the electrical semiconductor
properties of these amorphous films, the optical properties are much more predictable and
suitable for the sensor applications.

An example of an amorphous semiconductor material which can be used as a
temperature sensitive high pass filter for a fiber-optic, color-modulated sensor is shown in
Figure 4. Amorphous selenium will absorb variable wavelength radiation over a range from
-200EC to 400EC.



3.   Narrow Band-Pass Filters Utilizing Coupled Polarized Modes

For optimum discrimination at the spectral detector of a color modulated sensor system,
a band-pass filter sensor element—rather than a low or high-pass filter sensor element has
advantages. Most contemporary optical band-pass filters, however, are high-cost micro-
fabricated elements of very precise dimensions (e.g., multilayer interference filters or
Fabry-Perot cavities). Recently, however, a narrow band filter which consists of a single
crystalline material has been developed. This device has the potential for being more
sensitive to environmental parameters than the previously mentioned types of band-pass
filter sensor elements.

One promising sensor concept involves the coupling of polarized light waves in mixed
crystals. in hexagonal semiconductors, e.g., ZnO and CdS, at energies below band gap,
light polarized perpendicular to the optical axis is strongly absorbed while light polarized
parallel to the axis is readily transmitted, as shown in Figure 5. This absorption cannot be
due to transitions between two discrete electronic energy levels, but results from a
coupling or energy from the transmitted mode (parallel to optical axis) to the absorbing
mode (perpendicular to the axis). This coupling would ordinarily not take place; however,
ZnO and CdS have several crossings of the index of refraction curves—ny and nz. At these
crossings, the anisotropic crystal becomes optically isotropic, and the two types of
polarized modes have the same phase velocities (“k” vectors), and thus are easily coupled.
Since this coupling only takes place at energies (optical wavelengths) where the refractive
index curves cross, it gives rise to discrete spectral absorption lines.

The problem of coupling two electromagnetic waves as discussed here is identical to
the problem in mechanics of the coupling of two pendula by a weak spring.

This phenomenon can be implemented in a band-pass filter, using crossed polarizers, or
in a band-reject filter, using parallel polarizers. The filter wavelength can be varied by
changing the temperature or by applying an external strain. For ZnO or CdS, this variation
occurs over a somewhat limited spectral range. Use of II-VI semiconductor materials can
extend the spectral range to include the entire visible and near IR spectra. Such materials
as Cd1-xZnx and CdSe1-xTex have graded band-gaps and, hence, a coupled light-wave filter
theoretically can be operated in a spectral range of .4 µm to .9 µm. The temperature and
pressure dependence of the band-gap of these materials have been investigated for
applicability in color modulation sensor systems.



* Electro, thermo, auto, cathode, tribo, Roetgeno, iono, chemi, bio, cando, etc.

4.   Pulse-Width-Modulated Luminescent Temperature Detector

Of the many types of known luminescence,* the type which is of use here is photo-
luminescence, that is luminescence which is excited by visible or near visible irradiation.
Photoluminescence is divided into fluorescence and phosphorescence. Phosphorescence is
the luminescence which occurs after the exciting radiation has been removed (in some
definitions a length of time, such as 10 nanoseconds, after the exciting radiation has been
removed is specified as the beginning of phosphorescence). Fluorescence is the radiation
which occurs during excitation, and is normally of a different wavelength than the exciting
radiation, but in the case of resonant fluorescence, may be of the same wavelength.
Because of possible difficulties of separating the exciting radiation from the luminescent
radiation, it is the phosphorescent type of luminescence which is most applicable to fiber-
optic sensing.

Figure 6 shows a basic luminescent temperature transducer. The remote transducer, P,
is simply an expanded fiber end, coated or embedded with a phosphorescent material. The
overall system also includes a pulsed light source, S, and a photodetector, D, at the
processing unit.

There are two basic physical characteristics of phosphorescent materials which are
suitable for use as a temperature sensor—the shift in wavelength or color of the
phosphorescent radiation and the variation in the time constant of the decay of the
phosphorescent radiation. The use of this variation in decay time constant is illustrated in
Figures 7 and 8.

Coupler C can be made so as to couple most of the input light to the transmitting fiber
connecting to the phosphorescent sensor. However, in all cases, some fraction of this light
from the input will couple back to the output, The input light is much more intense than the
signal from the phosphorescent detector; therefore, even a small fraction of the excitation
light coupled back to the output can produce a signal larger than the signal which is to be
sensed. This problem can be overcome by pulsing the light source and measuring the post-
excitation return signal from the transducer by means of an amplitude sample-hold or time-
constant measurement system (e.g., as in Figure 7).

For the transducer waveforms of Figure 8, the system shown in Figure 7 provides a
pulse width which is proportional to the decay time constant and, therefore, proportional to
temperature.



CONCLUSION

The four fiber-optic transducer concepts, discussed above, are representative of the
potential which exists for a broad range of fiber-optic sensors and transducers. Such
devices will rival, and eventually displace, many item in the present industry catalog of
electrical and electromechanical sensors.

Figure 1.  Fiber Transducer Modulation Formats



Figure 2.  Birefringent Temperature Transducer Utilizing Color
Multiplexing Transmission

Figure 3. Transmission of Filters Made From III-V Semiconductors.
Thickness is 1 mm for all compounds except where noted.



Figure 4.  Absorption Edge of a-Se at Various Temperatures

Figure 5.  Propagation of Polarization Through Anisotropic crystal



Figure 6.  Pulse-Width Modulated Luminescent Temperature Transducer

Figure 7.  Example of Pulse-Width Circuitry

Figure 8.  Processor Output Waveforms
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ABSTRACT

The testing of telemetry ground stations by manual methods can be very time consuming.
The test time can be reduced by using an automated test system. A minicomputer
controlled test system is described and is shown to provide accurate, repeatable results and
to reduce the test time to about one-fifth of the manual test time.

INTRODUCTION

This paper describes a minicomputer controlled system for testing telemetry ground
stations. This system is called the Self-Check Automated Telemetry System (SCATS).
SCATS is also a prototype telemetry receiving and recording station. SCATS uses the
standard Inter-Range Instrumentation Group (IRIG) document number 118 tests. The tests
implemented are:

1. Antenna Figure of Merit

2. Intermediate Frequency (i-f) Signal-to-Noise Ratio (SNR)

3. Bit Error Probability (BEP)

4. Noise Power Ratio (NPR)

5. Tape Recorder Frequency Response



SCATS performs the first two tests using the SCATS computer controlled receiver but can
perform the last three tests on any manually controlled receiver and/or recorder/
reproducer.

SCATS can also be patched to test one of the Pacific Missile Test Center’s operational
telemetry ground stations. This operational telemetry ground station has four dual
polarization, 32 foot dish, tracking antennas; 24 dual-channel telemetry receivers with
built-in combiners; and eight analog magnetic tape recorders. RF signals can be inserted
into the pre-amplifier inputs of the antennas. The antenna outputs can be patched to either
the SCATS receiver or the ground station receivers. The receiver outputs can be patched
to either the tape recorders or the SCATS data inputs. The tape recorder outputs can be
patched to the SCATS data inputs. SCATS accepts video or 450-KHz and 900-KHz
frequency modulated pre-detection carrier signals as inputs.

The use of a computer controlled system to test telemetry ground stations has the following
advantages:

1. Test results are more repeatable because the operator is not in the set-up,
adjustment, and meter reading loop and the computer does the same things each time.

2. Tests take much less time to perform which is very important in a “busy” ground
station.

3. A quick, impartial test can be run immediately before a mission which will
increase the probability of receiving and recording good data during the mission.

4. The tests are easy-to-do, this makes it more likely that they will be done.

The disadvantage of a computer controlled test system is the higher initial cost. This
should be more then offset by the overall improved data quality, problem detection
capability, and decreased down-time for testing.

SYSTEM DESCRIPTION

A simplified block diagram of SCATS is presented in Figure 1. SCATS contains the
following equipment: (Asterisks indicate equipment designed and built by Pacific Missile
Test Center (PACMISTESTCEN), all other equipment is commercially available)

1. Minicomputer with 32K of core memory

2. 2.5 Megabyte disk + 2 dual floppy disk drives (250 Kilobytes each drive)



3. Typewriter terminal + CRT terminal

  * 4. Interface between minicomputer and test equipment

5. Radio Frequency (RF) Signal Generator, L- and S-band, 1dB step attenuator,
Frequency and Phase Modulation (FM and PM)

6. Frequency Synthesizer

7. RF Power Meter

8. RF Counter

  * 9. RF Distribution Unit

10. Dual Channel Telemetry Receiver with synthesized tuner

11. Diversity Combiner

  * 12. 450-KHz and 900-KHz pre-detection discriminators

  * 13. Programmable Gain Amplifier

14. Pulse Code Modulation (PCM) test set

15. Noise Generator and Receiver (for NPR test)

16. RMS Meter

17. Function Generator

18. Counter

19. Ten discrete relays and two 10 x 10 matrices

  * 20. Controller for amplifier, relays, and matrices

21. Telemetry Analog Tape Recorder

22. PCM Bit Synchronizer



23. S-band to P-band downconverter

24. Oscilloscope, not under computer control

25. RF spectrum analyzer not under computer control

The RF distribution unit, the discrete relays, and the matrices are used to interconnect the
SCATS equipment and also to connect the SCATS equipment with the operational
telemetry ground station.

TEST PARAMETER ENTRY

The test operator can create a data file which contains the following data:

1. RF center frequency

2. i-f bandwidth

3. Video bandwidth

4. Pre-detection carrier frequency

5. Counter time base exponent (BEP test measurement interval in bits)

6. PCM bit rate

7. Peak RF frequency deviation (for BEP test)

8. rms RF frequency deviation (for NPR test)

This data file can then be called anytime the operator wants to run a test with these
parameter values.

ANTENNA FIGURE OF MERIT TEST

This test determines the antenna Figure of Merit which is ten times the logarithm of the
ratio of the antenna gain to the system noise temperature (G/T). The G/T is measured at
ten frequencies at S-band and three frequencies at both upper and lower L-band and for
both antenna polarizations. The SCATS equipment used in this test are: Telemetry
receiver, rms meter, RF distribution unit, and discrete relays. The antenna outputs are
manually patched into the SCATS receiver and the solar flux, flux measurement frequency,



Julian date, and Greenwich Mean Time are entered into the computer terminal. The sun
position is then calculated and printed out. The antenna is then manually pointed at the sun
and put into autotrack mode.

The program first determines if the largest signal is received at the low or high end of the
passband with the antenna tracking the sun. The gain is set (for each receiver channel
independently) at the frequency with the largest signal. The rms value of the receiver linear
10 MHz is then measured at each frequency for both receiver channels. A check is made to
verify that the receiver gain (or something else) hasn’t changed by remeasuring the signal
at the lowest frequenc and comparing it to the value measured earlier. The antenna is then
pointed at the cold sky (30E in elevation from the sun) and the rms values are again
measured. The Figure of Merit is calculated from the following equation:

(1)

Where L = antenna beamwidth correction factor = 1 + .38                                   

P2 =Sun power

P1 =Cold sky power

Fo =Solar flux (watts/m2 ·Hz)

fo =Solar flux measurement frequency

f =Test frequency

8 =Test frequency wavelength (meters)

K =Boltzmann’s constant = 1.38·10-23 watts/EK·Hz

A typical Figure of Merit test output is presented in Figure 2. The measured G/T values as
well as the prior cumulative averages, maximums, minimums, percentages of time
exceeding specification, and standard deviations are displayed. The test operator has the
option of storing the results of the test and updating the statistical data or not storing the
results if there were interfering frequencies present or equipment malfunctions. The
standard deviation of the first 21 tests was about 0.3dB for the eight highest frequencies
and slightly higher for the two lowest frequencies. The average spread between the
maximum and minimum values of G/T for the first 21 tests was 1.3dB and the largest



spread was 1.8dB at 2200.5 MHz for the left hand circular data. This gives a better than
±1.0dB worst case repeatability for the test.

The main sources of error are:  The latest solar flux value may have been measured several
hours ago and the solar flux may have changed since then, the extrapolation from the flux
measurement frequency to the antenna measurement frequency is not exact, the rms meter
has a specified accuracy of ±0.2dB, the antenna system and receiver introduce errors
because of gain changes during the test and amplitude non-linearities, and there may have
been unnoticed interfering signals present. However, the SCATS system gives G/T results
which are quite repeatable (within ±0.3dB at S-band for tests which are run within a few
minutes of each other) and agree very well with measurements made manually using the
calibrated attenuator method. The overall accuracy is estimated to be better than ±1.0dB at
S-band.

The results at L-band give a standard deviation of about twice the S-band results. This is
probably caused by the fact that the solar flux is usually extrapolated from 2800 MHz
which would tend to give a larger error because of the greater extrapolation and also there
appears to be more interference at L-band.

Since the G/T values are stored on a floppy diskette, various analyses can be performed on
the data by writing the necessary software. One existing program prints out the results of
any specific test along with the cumulative statistical package. Figure 3 presents the results
of a test performed on Julian day 179. A comparison of the data in Figures 2 and 3 shows
that all measured G/T values on Julian day 179 are within 0.1dB of the values measured on
Julian day 177. The usual agreement of tests conducted two days apart is not quite this
good, but this does demonstrate the data repeatability. The results of this test are being
used in the TRIDENT antenna reliability tests at PACMISTESTCEN. SCATS performs
the S-band antenna Figure of Merit test in about seven minutes (this includes the time it
takes to enter data and manually point the antenna). It would take about 30 minutes to
manually measure the sun and cold sky powers and calculate the 20 G/T values. Any
statistical data analysis would be extremely time consuming unless the data was stored on
a computer.

INTERMEDIATE FREQUENCY SNR TEST

This test determines the RF powers which give SNRs in the receiver second i-f of 0dB and
10dB (with minor software modifications these values could be changed to any desired
value). This data is then used to calculate the effective system noise temperature from the
equation:

(2)



where

N = noise power = signal power at 0dB i-f SNR

K = Boltzmann’s constant

T = Effective system noise temperature (EK)

B = i-f bandwidth in hertz

The system noise figure is then calculated from

(3)

and ten times the logarithm of F is displayed in the output. This test uses the RF signal
generator, RF power meter, counter, telemetry receiver, rms meter, RF distribution unit,
and the discrete relays.

The test procedure is to insert a known RF power into the antenna preamplifier, measure
the i-f SNR, and then extrapolate to the 0dB and 10dB i-f SNR power levels. The RF
generator is then set to the expected power levels and the i-f SNR is measured. If it is
within ±1.0dB of the desired i-f SNR, the RF power for the desired SNR is determined by
subtracting the SNR error from the RF power to give the actual RF power for the desired
SNR.

If the measured value is not within ±1.0dB of the desired value a new estimate of RF
power for the desired SNR is made, the RF generator output power is changed, and the
measurement repeated. The measurement procedure is:

1. Point antenna at cold sky (away from sun and other signal sources)

2. Set RF generator to desired power

3. Measure power with RF power meter

4. “Freeze” gain of receiver

5. Measure rms voltage in receiver linear 10 MHz output of both receiver channels
(S + N)



6. Set RF generator output to minimum power

7. Measure rms voltage in receiver linear 10 MHz output of both receiver channels
(N)

8. Calculate i-f SNR from i-f SNR =                                

9. Display 10·log(i-f SNR).

The sources of error are the same as for the antenna Figure of Merit test except that the
errors due to solar flux inaccuracies are replaced by errors due to inaccuracies in cable
loss, connector loss, power meter errors, etc. The test repeatability is about ±0.3dB.
SCATS performs this test in about 3 minutes.

A comparison of the results of the i-f SNR test with the results of the antenna Figure of
Merit is of interest. The antenna gain is approximately 42.5 dBi and the system noise
temperatures calculated from the i-f SNR test results are 302EK and 288EK which yield
G/T’s of 17.7dB and 17.9dB for channels 1 and 2 respectively. The average value of G/T
for antenna 4 is 17.9dB for each polarization. Therefore, the results of these tests agree
very well.

PULSE CODE MODULATION BIT ERROR PROBABILITY TEST

This test determines the bit error probability (BEP) versus RF power performance of the
equipment under test. The BEP test can currently be performed only for non-return-to-
zero-level (NRZ-L) FM formats but will be expanded to include at least Manchester and
PM formats. The BEP test can be performed by inserting an RF signal into either an
antenna pre-amplifier or directly into a telemetry receiver. The antenna system output (if
an antenna is used) is patched to the receivers) to be tested and the antenna is pointed at
the cold sky. The receiver output is either connected to one of the SCATS data inputs or to
a tape recorder (or both). If a tape recorder is used, its output is patched to one of the
SCATS data inputs. SCATS accepts either video or 450KHz or 900KHz FM pre-detection
signals at its data inputs. The pre-detection signals are first demodulated using a pulse-
averaging discriminator and then applied to the PCM bit synchronizer. The video signals
are applied directly to the bit synchronizer. The reconstructed data and clock from the bit
synchronizer are connected to the PCM test set for error detection. The counter displays
the ratio of bit errors to bits received (bit error probability).



The test sequence is:

1. First the RF generator and the telemetry receivers are set to the desired frequency
and the necessary manual patching is done.

2. The RF generator frequency deviation is set to the proper value as follows:

The PCM data stream is connected to the programmable gain amplifier and the
amplifier output is applied to the modulation input of the RF generator. This
amplifier includes an asynchronous set-reset flip-flop through which the PCM data
passes. The amplifier gain is first set to unity (the gain of the amplifier can be set
to any gain between 0.006 and 1.0 by the following formula, gain = 0.995x; 0# x #
1023). The flip-flop is first set and the RF frequency is counted. The flip-flop is
then reset and the RF frequency again counted. The gain of the amplifier is then
set to the ratio of the desired peak-to-peak frequency deviation to the difference
between the above counter readings. The deviation is checked by setting and
resetting the flip-flop and determining the actual frequency deviation. If it is within
a pre-determined tolerance the test con7 tinues, if not a new gain is calculated and
the deviation is again checked, etc.

3. The necessary interconnections to measure the BEP are made and the RF
generator is set to a power level that should produce no errors. The error
probability is measured and the test continues if the BEP is less than 10-5. If there
are too many errors an error message to that effect appears and the test is stopped
until the problem is corrected.

4. If the system passes the initial BEP test, the RF power is set to give about a 13dB
i-f SNR for a specified system noise temperature and the i-f bandwidth being used.
The RF power is varied in integral steps (step size determined by operator). The
BEP is measured for each channel under test and for each RF power level and
displayed along with the theoretical BEP. The theoretical BEP is calculated from1:

Theoretical BEP = 0.5 e-D (4)

where D = i-f SNR (expressed as power ratio)

This equation is only an approximation but is quite accurate for NRZ-L FM formats with
optimum frequency deviation ()f . 0.35 times the bit rate) and an i-f bandwidth of at least
1.5 times the bit rate. A noise figure of 3dB is assumed for the antenna systems. This gives
an i-f SNR of 0dB at -114.0dBm when using a 1.0MHz i-f bandwidth.



A typical BEP test output is shown in Figure 5. Examination shows that the theoretical
BEP (at high BEP) falls between the two experimental BEP values. For low BEP, the
theoretical value is slightly lower than the experimental values (channel 1 is 0.4dB worse
then theoretical at -104dBm). A comparison of the BEP data with the i-f SNR data is also
of interest. The i-f SNR data indicates that channel 1 should give BEP results which are
between 0.2dB and 0.4dB worse than theoretical and channel 2 should give BEP results
that are equal to or 0.1dB better than theoretical. The results from the BEP test show that
channel 1 is 0.1dB to 0.4 dB worse than theoretical and channel 2 varies between 0.1dB
worse and 0.1 dB better than theoretical. The data in Table I are calculated from the
theoretical BEP expression (rewritten to give i-f SNR as a function of BEP) and from the
expression

i-f SNR = measured RF power - RF power for 0dB i-f SNR

with the 0dB i-f SNR values taken from Figure 4. This comparison shows agreement
within ±0.2dB between the results of the BEP test and the i-f SNR test. It should be
mentioned that this data was not selected to give good agreement but was instead selected
at random from tests run during the last week in June. Other test data also agree within
±0.2dB. The test agreement is this good because several of the sources of error are
common to both tests, e.g., cable losses, power meter errors, etc. The absolute accuracy of
both tests is about ±0.5dB but the repeatability is better than this. The PCM test set output
can also be connected directly to the PCM bit synchronizer to test the PCM subsystem
alone.

Channel 1 Channel 2
RF Power(dBm) BEP i-f SNR BEPi-f SNR

-104.1 9.5 9.7 9.8 9.9
-105.1 8.7 8.7 8.9 8.9
-106.1 7.8 7.7 8.0 7.9
-107.2 6.6 6.6 6.8 6.8
-108.2 5.7 5.6 5.9 5.8
-109.2 4.7 4.6 4.9 4.8

Table 1: Comparison of i-f SNR Values Calculated From i-f SNR
Test Data and BEP Test Data (all i-f SNRs are in dB)



NOISE POWER RATIO TEST

This test measures the noise power ratio of the telemetry system under test. Noise power
ratio power is determined by the video SNR and intermodulation distortion at a particular
frequency. The data quality of an FM/FM multiplex can be estimated from the NPR2. The
noise power ratio test is very sensitive to certain types of non-linearities and also to noise.
The telemetry system is tested using a noise generator and a noise receiver. The noise
generator modulates the RF generator and the video data is applied to the noise receiver.
The noise generator has several notch (band-reject) filters and the noise receiver has
narrow band-pass filters at the same center frequencies. A band-pass filter is selected and
the power in the passband is measured. The matching notch filter is then inserted in the
noise generator and the power in the passband is again measured. The ratio of these
powers (expressed in dB) is the NPR. Next, the noise generator is turned off and the
power in the passband is again measured. The ratio of the first power measurement to this
power is called the noise power ratio floor (NPRF). This test displays the NPR and NPRF
at pre-determined frequencies in the video spectrum.

The NPR test uses all of the SCATS equipment except the PCM test set. The rms RF
frequency deviation is set by a procedure which is an extension of the RF deviation routine
of the BEP test. The rms deviation is used because the rms voltage of a gaussian signal is
easy to measure. The RF deviation routine sets the peak-to-peak frequency deviation of the
RF generator equal to twice the desired rms deviation. The fact that the rms and peak of a
two-valued waveform (where each value is equally probable) are equal is then used. The
PCM data rate is set to 100 Kilobits per second and the rms value of the RF generator
modulation input is measured. The noise generator is then applied to the RF generator
modulation input (the PCM is removed from the modulation input) and the rms value of the
noise is set equal to the rms of the PCM data. This sets the rms deviation with the noise
equal to the peak deviation with the PCM as was desired. The RF generator is then set to
maximum output power and the NPR and NPRF of the system under test are measured.
The tests can then be repeated at other RF powers if desired. This test can also be
performed with or without the antenna and with or without a tape recorder. One of the
important features of this test is that it can show how much noise and distortion a tape
recorder is adding to the system. This is illustrated in Figures 6 and 7. Figure 6 shows the
NPR at the input and output of the tape recorder. Figure 7 shows the NPR at the input to
the tape recorder with the i-f SNR varied. Figure 6 shows that the tape recorder degraded
the NPR by 6dB to 13dB. The reason for this is that the SNR of the tape recorder is about
24dB. A comparison with Figure 7 shows that the output of the tape recorder with a high
SNR at the input is about the same as the NPR at the input with a 23dB i-f SNR as
expected based on the tape recorder SNR. The test data shown in Figure 6 took 3 minutes
to generate and the test data shown in Figure 7 took 12 minutes to generate. This is about
one-fifth the time it would take to perform the test manually. The NPR is displayed in



0.5dB increments and the accuracy is about ±1.0dB. Also, the noise generator can be
connected directly to the noise receiver to test the NPR subsystem.

INSTRUMENT TESTS

SCATS also has the capability of writing data to or reading data from each piece of test
equipment. This is used for equipment troubleshooting. The instrument interface cards can
also be written to and read by this routine. The interface has had one integrated circuit
failure in about 2,000 hours of operation. This problem was quickly traced down and the
bad integrated circuit was found and replaced. There have been several failures of the
commercial test equipment. There were two failures between 1 April and 10 July 1978. A
relay in the attenuator driver of the RF generator failed and was replaced and the rms
meter failed and was replaced by a back-up unit. Therefore, the system has been quite
reliable.

SUMMARY

The SCATS system can test a telemetry system in about one-fifth the time it takes to
manually test the system. The test results are printed out and can be stored on the
computer for trend analysis and other statistical analyses. The system accuracy is ±1.0dB
or better for all tests. The antenna Figure of Merit and i-f SNR tests have been shown to
give results that agree very well. The results of the i-f SNR and BEP tests have been
shown to agree within ±0.2dB. Overall, the SCATS system performs a good, fast, accurate
test on a telemetry ground station. It is expected that similar systems will become more
widely used because computer controllable telemetry test equipment is becoming more
available; test operations (missile flights, etc.) are becoming fewer but more expensive,
therefore getting “good” data is becoming ever more important; and personnel ceilings are
being decreased which is forcing more automation.
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FIGURE 1.  SCATS BLOCK DIAGRAM



FIGURE 2.  ANTENNA FIGURE OF MERIT TEST RESULTS
FOR JULIAN DAY 177

FIGURE 3.  ANTENNA FIGURE OF MERIT TEST RESULTS
FOR JULIAN DAY 179



FIGURE 4.  INTERMEDIATE FREQUENCY SIGNAL-TO-NOISE
RATIO TEST RESULTS

FIGURE 5.  BIT ERROR PROBABILITY TEST RESULTS

FIGURE 6.  NOISE POWER RATIO TEST RESULTS AT INPUT
AND OUTPUT OF TAPE RECORDER



FIGURE 7.  NOISE POWER RATIO TEST RESULTS AT INPUT
OF TAPE RECORDER



A SEASAT SYNTHETIC APERTURE RADAR
PREPROCESSOR (SARP)
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ABSTRACT

A Synthetic Aperture Radar Preprocessor (SARP) for the SEASAT radar is described. The
SARP system permits playback of Synthetic Aperture Radar (SAR) data for digital
processing into ocean imagery. The system includes a High Data Rate Recorder, SAR
Digital Preprocessing (SDP), array processor, mass storage disc, and host computer. Data
tapes are played back at reduced rates and the SDP performs the functions of frame
synchronization, decommutation of time and status data, presummation of adjacent
azimuth returns and correction of gain as a function of range. The data are formatted into
presummed range returns and are transferred to the array processor for buffering and
subsequent storage on the mass disc. This preprocessing operation loads a 100 x 100 km
swath of data on the disc for subsequent range and azimuth correlation to convert the SAR
data to imagery.

The SAR Data Preprocessor equipment is described and the implementation of the
35 Mbps frame synchronizer and presum arithmetic logic are detailed. A SAR Test Pattern
Generator for simulation of SAR and other image data formats is also described. The test
generator permits simulation of a wide range of digital data formats (including NASA and
IRIG standards) and includes a programmable data pattern capability.

INTRODUCTION

The SEASAT-A spacecraft, launched on June 26, 1978 includes an L-band Synthetic
Aperture Radar (SAR). The SAR is an imaging radar designed to provide data on ocean
waves, sea ice, and coastal regions. The instrument images a 100 km wide swath and is
designed to achieve a 25 meter resolution by processing the data in both range and azimuth
to convert the radar echo into an image, This two dimensional processing effectively
creates the synthetic aperture by compressing the dispersed return using correlation
techniques.



The major elements of the SAR data path are shown in Figure 1. The radar antenna
illuminates a 100 km swath which is offset to the side of the spacecraft ground track by
approximately 300 km. The radar pulse repetition frequency may be selected to achieve
four returns as the spacecraft nadir moves 25 meters in the along-track (azimuth) direction.
The coherent returns are translated into S-band and transmitted downlink. The data are
recieved at ground stations and digitized into sequences of 13,680 data samples within
each range gate. The sample sequences are formatted into major frames (pulse return
sequence) and minor frames (smaller fixed-size data blocks including time and status
information.) The resulting serial data sequence is recorded on a High Data Rate Recorder
(HDRR). The digitizing operation may be selected to provide 1, 2, 3, 4 or 5 bits per data
sample, and provides 5 bit rates for recording: 23.5, 47.0, 70.5, 94.0 and 117.5 Mbps.

Spacecraft tracking and telemetry data may be used to compute orbital and spacecraft
attitude information, respectively, to support image reconstruction. This data and ground
calibration measurements are used to apply corrections for doppler frequency and range
drifts due to orbit perturbations, spacecraft motion, altitude deviations, earth rotation, and
other sensor-target motion effects.

The high density tape is subsequently processed by the SARP in two steps. The
preprocessing step includes playback at a reduced data rate to unpack the SAR data, apply
amplitude corrections and store a 100 x 100 km strip of raw data (with overlap) on a mass
disc. The second step includes the exhaustive two-dimensional reconstruction of the
returns into an image by performing range and azimuth correlation. The attitude and orbital
data are used to apply geometric corrections in the correlations to reduce spatial
distortions. As an additional capability, the SARP can accept density tapes of other image
sensors and transfer the raw data (without SAR preprocessing) to the mass disc. This
requires a flexible frame synchronizer to accommodate standard IRIG formats, and NASA
Goddard Space Flight Center HDT formats in addition to the SAR format. A SAR/HDT
Test Patter Generator (STPG) is used to simulate the wide range of data formats, with
selectable image data content.

SARP SYSTEM DESCRIPTION

The configuration of the SARP system is shown in Figure 2. The major components of the
system that are used for the preprocessing function are:

1.  High Data Rate Recorder (HDRR) - The Martin-Marietta recorder is capable of
data rates up to 120 Mbps with playback reductions of up to 1/32. The 42-track unit
includes synchronization, multiplexing, deskewing and PRN randomizing logic to
distribute and reassemble the serial data stream on the multiple tracks.



2.  SAR/HDT Test Pattern Generator (STPG) - A Bendix generator simulates SAR data
formats to permit equipment diagnostics, test tape generation and operational testing.

3.  SAR Data Preprocessor (SDP) - The Bendix preprocessor accepts the playback data
and performs the synchronization, decommutation and arithmetic processing functions
under control of the host computer.

4.  Array Processor - A Floating Point Systems AP-120B array processor is used to
perform range and azimuth correlation processing. In the preprocessing mode, it controls
the transfer of data onto the mass disc. The AP-120B includes a 38-bit Input/Output
Processor, a Programmed I/O Processor, and 64K words (38-bit) of main data memory.

5.  Mass Storage Disc - A Systems Industries mass disc storage system with 300 Mbyte
storage capacity is used to store the SAR data during the multiple processing operations.

6.  Host Computer - A Data General Nova digital computer controls all processing
activities and provides support computations. In addition, the host computer system
includes peripherals and image displays to provide computer tapes and quick-look displays
of processed imagery.

The preprocessing function includes the playback of data to extract a selected swath of
data (approximately 100 x 100 km) and transfer the data to the mass disc. The major
functions performed in the preprocessing mode are:

1.  HDDR Playback - The HDDR reproduces the SAR data at rates between 1/4 and
1/32 real-time and provides a serial data stream to the SDP.

2.  Synchronization - The SDP synchronizes to the minor frame format and
automatically acquires word and frame count. Minor frame count is used to achieve major
frame synchronization.

3.  Demultiplex - The SDP demultiples the header, data, and fill information from the
format. Header data (status/time) are transferred to the host computer, and certain time and
status parameters are displayed on the front panel. This demultiplexing is performed over
the entire range of format parameters (e.g. bits/sample, minor frames/major frame, etc.)
The image and fill data samples are demultiplexed and transferred to the SDP arithmetic
processor. The SDP interrupts the host computer each major frame and transfers
synchronization status and header data.

4.  Presummation - Multiple-look returns may be presummed with a weighting function
applied to each unique return. The summation may occur over 1 to 32 returns, and an error 



correction capability is provided to insert best estimate values for lost minor frames. The
weighting function values are provided by the host computer.

5.  Offset and Range Gain Correction - A geometric offset for the beginning pixel
(representing start of track on the Earth’s surface) is provided by the host computer to
indicate the first sample element (in a return) to be transferred to disc. In addition, a gain
correction function may be applied across the range to compensate for the SAR Sensitivity
Time Control (STC) gain function. This gain is provided by the host computer as a
continuous sampled function with a gain value for each range element.

6.  Transfer to Array Processor - The SDP transfers preprocessed (or raw
decommutated data directly from the demultiplexer) to the array processor via an IOP 38
(I/O Processor) interface. Transfers occur as 16 bit, two’s complement samples packed
into 38 bit double words. The IOP directs the data to the main data (MD) memory of the
array processor.

7.  Array Processor Buffering - The array processor buffers the incoming data and
assembles blocks for transfer to the mass disc via the Programmed I/O Processor (PIOP).
The PIOP formats the preprocessed blocks for subsequent retrieval during the
range/azimuth correlation process.

The host computer controls the input operation and selects the desired data swath by
monitoring the time code provided by the SDP. The operator inserts the starting time of
data into the host computer for comparison with the time information transferred from the
SDP. Upon detection of the correct starting and ending times, the computer will command
the loading of data onto the disc.

SAR/HDT DATA FORMATS

The major elements of the data formats accommodated by the SARP are: (1) Major Frame
- this includes a sequence of minor frames and typically represents a single radar return or
scan line. (2) Minor Frame - a fixed-length block of bits which includes frame
synchronization, header data and a subset of the major frame data sequence, (3) Frame
Sync Pattern - a unique code pattern of up to 32 bits which identifies the beginning of each
minor frame, (4) Header - a sequence of bits which include minor frame number, time
code, sensor status and other ancillary data, and (5) Data - a fixed-length sequence of
words representing sequential data samples.

The SDP will accommodate a wide range of image data formats, including IRIG formats,
SEASAT SAR and the NASA GSFC High Density Tape - Production (HDTp) formats.
The SAR format provides for variable number of minor frames per major frame to permit



addition of “fill frames” at the end of each major frame. These frames are inserted in the
digitizing-formatting operation to eliminate timing drifts between the incoming PRF and
outgoing serial data rate. The SAR data format includes a fill flag and minor frame count to
permit unique identification of the minor frames containing data.

SERIAL DATA PREPROCESSOR (SDP)

The SDP is a hardware digital processor which includes both ECL and TTL logic. The
major elements of the unit are shown in Figure 3. Serial digital data are input from the
HDRR or STPG to the frame synchronizer which acquires lock with the minor frame
format. Decommutated header data are displayed on the front panel and transferred to the
computer interface. The data samples are decommutated and parallel transferred to the
digital preprocessor for presuming, double buffering and gain correction. The digital
preprocessor accumulates complete presumed SAR returns (13,680 words) and passes the
blocks to the array processor interface. Non-SAR data decommutated from HDT formats
are packed and directly transferred to the interface. The computer interface communicates
with a host computer direct memory access (DMA) to transfer status and header data to
the computer. In addition, the computer can transfer blocks of presum and gain coefficients
to the SDP via this interface. The following paragraphs provide a functional description of
these SDP elements.

1.  Frame Synchronizer - Serial data at rates up to 35 Mbps are accepted and a three-
state synchronization strategy is employed to acquire lock with the minor frame format.
Figure 4 is the state transition diagram for the synchronizer. The three states have
programmable error tolerances (e1, e2, e3, W, N1, N2 and N3 ) and permit optimization of
the mean time to acquire frame sync and probability of retaining true lock. The definition
of each state is as follows:

Search - A bit-by-bit search is conducted for any pattern within with e1 error
tolerance. When the criterion is met, the synchronizer advances to the check state and an
expected sync window is established.

Check - The bit-by-bit search is continued in the event a better pattern is detected
(within the e2 tolerance and smaller than the earlier pattern) and, if found, the expected
sync window is reset. If the word within the sync window plus slip aperture, W, does not
meet the e2 criterion, the synchronizer reverts to the search mode. If, however, N2

consecutive windows meet the tolerance criteria, the synchronizer advances to the lock
state.

Lock - The lock state is retained until N3 consecutive frame syncs cannot be found
within the e3 and W error criteria, If this occurs, the synchronizer returns to the search
state.



Figure 5 shows the arrangement of the synchronizer logic. The incoming NRZ data is
shifted into a 32-bit shift register and the parallel output enters a comparison network. The
network includes a 32-bit mask and exclusive-or gating. The 32 comparisons enter a
unitary adder to convert the sum-of-errors to a binary value for comparison with the error
tolerance, e. The adder is a 4-stage, pipelined architecture employing programed read only
memories (PROM) to perform the addition. The sum-of-errors value is compared at each
bit interval with the error tolerance for the current state (e1, e2, or e3) and with the previous
best pattern to generate the “sync detect” and “better pattern” signals. The sync state
control function is performed by a sequential state machine which employs a PROM to
generate next state decisions based on five inputs: 1) current sync state, 2) sync detect, 3)
better pattern detect, 4) sync aperture, and 5) consecutive word criteria overflow. The
control PROM implements the state diagram (Figure 4) and controls the state of three
elements: 1) the bit/word and word/frame counters are reset and enabled to synchronize
their counts with the incoming data, 2) a test counter, N, is incremented to count
consecutive frame events for comparison with the N1, N2, and N3 criteria, and 3) the state
flip-flops are controlled to make the necessary state transitions. Once in the LOCK state,
the bit/word and word/ frame counters provide the necessary clocking to decommutate the
minor frame format.

2.  Format Demultiplexer - The header and SAR data are independently stripped from
the data format in the lock mode. The first eight bits following the sync word (minor frame
count) are used to direct the following eight bits (time/status) to appropriate locations in a
scratch pad memory. The time/status words for the first ten minor frames are stored for
subsequent transfer to the host computer, and are decoded for display on the SDP front
panel. Since the SDP accommodates data word formats between 1-5 bits/word for SAR
and 4-16 bits for HDT data, the demultiplexer must accommodate 1-16 bit words. SAR
data are formatted into 8-bit words for transfer to the arithmetic logic. HDT data are
packed into 16-bit words for direct transfer to the array processor.

3.  Digital Preprocessor - The digital preprocessor is a hardwired arithmetic processor
which performs three primary functions: 1) Non-coherent presumming of adjacent
(azimuth) returns to provide a weighted summation of multiple-look data, 2) double
buffering of presummed returns to buffer the asynchronous input/output operations, and 3)
application of a gain function to permit precision correction of SAR range-gain effects.

Figure 6 shows the data flow in the preprocessor logic. Incoming SAR returns are
sequences of 13,680 8-bit data samples. While in the LOCK mode, the sequence is stored
in the D memory (Delay) and input to the presum logic through the input multiplexer. In
the event of a loss-of-sync, the D memory is switched to the read mode and the input
multiplexer enables this (previous azimuth) return to be substituted in the presum until sync
is reacquired. The data sequence from the input multiplexer is multiplied by a coefficient,



Wn, prior to accumulation with previous returns. The presum can be defined as a vector
operation on 13,680 element vectors:

where: þ = Weighted vector sum of L returns (13,680 elements)
L = Number of adjacent returns to be summed
Wn = Scalar weighting coefficient for the Nth return
X̄n = Nth Vector return

The accumulation of the weighted sequences is performed by a recirculating memory
which operates in the read-modify-write mode. The system accommodates up to L = 32
looks and a scaling network is provided after weighting to maintain proper dynamic range
in the accumulated data. The recirculating memory is implemented as two 64-bit wide,
double buffered memories to achieve the required processing speed. The two memories
alternate in the input/output modes each time the mod L counter indicates that a group of L
returns have been summed. Upon readout, the presummed return is vector multiplied by a
gain vector which is stored in the G x memory:

Ȳ = Ḡx þ

where: Ȳ = Gain corrected return vector (13,680 elements)
Ḡx = Gain vector (Gain as a function of ranger
þ = Weighted vector sum of L returns

The 32-bit product is scaled to 16 bits and is output to the array processor interface.

4.  Array Processor Interface - The preprocessed data sequences are transferred to the
array processor under DMA control by the IOP-38. The 16 bit SAR and HDT words are
packed into 38 bit words for the block transfers. The IOP-38 acts as the master during the
transfer and provides the pointer addresses for both the SDP and array processor memories
while maintaining word count.

5.  Host Computer Interface - A direct memory access interface permits the host
computer to perform five transfer functions to control the SDP: 1) read status of SDP
synchronizer, 2) read contents of the header scratch pad memory, 3) issue reset-start
command to SDP, 4) load presum coefficients Wn into the presum memory, 5) load gain 



coefficients into the Gx memory. The SDP provides an interrupt at the beginning of each
major frame and at minor frame number 9 when the header data is ready for transfer.

6.  Operator Panel - The front panel (Figure 7) provides a display of time and status
from the header data and indicates the frame synchronizer state. The frame synchronizer
format and sync strategy parameters are entered via thumbwheel switches. Additional
displays of the interface status and control of the preprocessor scaling are provided on the
panel.

DISC LOADING OPERATIONS

The array processor acts as a buffer-formatter between the SDP and the mass storage disc,
and controls the input (IOP-38) and output (PIOP) devices which block transfer the data to
and from main data memory. The array processor control microprogram causes the
incoming data blocks (preprocessed returns) to be sequentially loaded onto the disc at an
aggregate throughput rate of approximately 400K samples per second. The characteristics
of the transfer strategy which achieves this rate are:

1.  Format - Each 13,680-sample return (16-bit samples after preprocessing) occupies
54 sectors. This requires the use of two tracks with 64 total available sectors. The residual
ten sectors (256 bits each) are not used to provide timing margin between returns and to
start all returns on track boundaries. The cylinder-cylinder head movement is caused to
occur between returns by using an even number of tracks down the cylinder.

2.  Capacity - The total disc capacity that can be achieved is 9 records per cylinder
times 823 cylinders. This capacity of 7407 records (returns) corresponds to a 185 km
downtrack distance (azimuth) if four-look presumming (L = 4) has been performed.

3.  Timing - The 400K sample per second sustained transfer rate is achieved by
performing triple buffering in the array processor and formatting the data to assure that the
loss of a disc revolution occurs only on cylinder changes. The maximum sustained transfer
rate is 388K samples per second while the peak transfer rate is 605K samples per second.

SYSTEM THROUGHPUT

The system throughput rate to load the mass disc is determined by data rate criteria of the
SARP components. Four primary data rate criteria define the upper limits of the disc and
SDP and the lower limit (playback reduction) of the HDRR:

1.  The mass disc can sustain a 388K sample per second input transfer rate to fill to
capacity.



2.  The effective SDP output sample rate to the array processor is a function of
incoming bit rate, bits/sample digitzation, and amount of presumming selected.

3.  The SDP fame synchronizer can accept bit rates up to 35 Mbps and the presum
memory has an effective input word rate of 6 Mwps.

4.  The SAR data is recorded at bit rates between 117.5 and 23.5 Mbps and playback
reductions of 1/2, 1/4, 1/8, 1/16 and 1/32 are permitted within the HDRR bit error rate
criteria.

As a result of these criteria, the HDDR playback rate (for any given value of bits/
sample and presum quantity) must be selected to maintain an SDP output rate which does
not exceed the disc input transfer rate. The playback reductions range from 1/32 for the
L = 1 case (no presum) to 1/4 for L = 32.

SAR/HDT TEST PATTERN GENERATOR (STPG)

The STPG provides a serial digital data stream suitable for recording on the HDRR or for
simulating the playback of data from the HDRR. The test pattern data may be used for
HDRR performance evaluation or to provide a stable, repetitive signal for equipment
diagnostics. The SEASAT SAR data format is a subset of a wide range of selectable
formats that may be generated by the STPG. The range of operator selectable format
parameters are summarized below:

1. Bits/Word - 1 to 8 bits
2. Sync Pattern - 24 or 32 bits
3. Words/Minor Frame - 1 to 2048
4. Minor Frames/Major Frame - 1 to 2048
5. Major Frames Repeat - 1 to 16,384
6. Non-Fill Minor Frames - 0 to 2,048
7. Bit Rate - 8 bps - 40 Mbps

In addition, the data field may be selected to include one of three types,of data:

1. Pseudorandom Code - 511 bit maximal length repeating sequence

2. Fixed Code - Fixed binary code as set in panel switches

3. Stored Program - One of four minor frame programs and one of two subcom
programs may be selected. The test pattern programs are stored in PROM and
generate the data word sequence.



The STPG is constructed with ECL logic and is packaged in an integral chassis with
power supplies. Figure 8 emphasizes the major sections of logic. A frequency synthesizer
provides a basic clock rate between 000.001 and 160.000 mHz which may be divided by
4, 8, 16, 32, 64 or 128 to provide the output data rate. The resulting bit rate clocks the
cascaded timing counters : bits/word, words/minor frame, minor frames/major frame, and
major frame count. The modulus of each of these counters is determined by front panel
switches. The master timing logic utilizes the states of these counters to control the shifting
of sync, header, and data words into the output stream. The contents of the word counter
addresses the selected PROM to step through a data field program which can be up to 256
words in length. The PROM contains 4-bit instructions which control an 8-bit data
generator. The instructions provide nine operations on the output value, x: (x + 1), (x + 2),
(x,- 1), (x - 2), X̄, 0, 1, NOP, or jump to subcom program. The two subcom programs
include similar data operations and may be addressed by the minor frame or major frame
counter. This flexible data generation capability permits the generation of ramps, steps,
impulse functions, grids, and bar patterns which are useful in testing image processing
systems

The output logic includes individual shift registers for data generator words, sync code,
pseudorandom code, and pseudorandom fill code, Each register is gated onto the output
data stream by the master timing and the data multiplexer selects header or pattern data.
The sync pattern register includes the capability to insert sync errors in all minor frames or
in alternating frames to exercise the frame synchronizer.

CONCLUSION

The SARP system provides a flexible means of processing SAR data for development of
reconstruction techniques. The mass disc for temporary data storage, programmable array
processor and hardware preprocessor provide a cost-effective system for handling SAR
data. While the throughput for this system is low, alternate multiple-array processor
configurations with additional memory can achieve significantly increased processing
speeds. The flexible input capability of the SDP permits the system to be used for a wide
range of SAR and imaging sensors with the addition of post processing software.
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FIGURE 1 - SYNTHETIC APERTURE RADAR DATA HANDLING AND
PROCESSING FLOW

FIGURE 2 - SAR PREPROCESSOR SYSTEM CONFIGURATION



FIGURE 3 - SAR DATA PREPROCESSOR (SDP) BLOCK DIAGRAM

FIGURE 4 - SDP FRAME SYNCHRONIZER STATE DIAGRAM



FIGURE 5 - FRAME SYNCHRONIZER BLOCK DIAGRAM

FIGURE 6 - DIGITAL PREPROCESSOR ARCHITECTURE



FIGURE 7 - SDP FRONT PANEL CONFIGURATION

FIGURE 8 - SAR TEST PATTERN GENERATOR (STPG) BLOCK DIAGRAM
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ABSTRACT

The Applied Physics Laboratory has developed special ground station equipment for
NASA that recovers the video radar returns and timing reference signals from the
SEASAT-A spacecraft synthetic aperture radar (SAR), digitizes the video data, and
combines video and engineering data into a format compatible with a high-speed digital
tape recorder. This paper describes the design and implementation of the SAR data
formatter, which performs the video digitizing and data formatting functions for tape
recording, and the formatter control unit, which uses stored commands from the station
control center to direct operation of a special downlink demodulator during satellite
passes.

INTRODUCTION

The SEASAT-A spacecraft contains an experimental synthetic aperture radar developed by
the Jet Propulsion Laboratory of the California Institute of Technology. The SAR is
designed to provide all-weather imaging of land and sea surfaces, day and night, with a
resolution of 25 meters. Because of the high data rate of the SAR instrument and the
bandwidth limitation of a standard NASA S-band telemetry channel, the Applied Physics
Laboratory proposed that a wideband analog data link be used for transmitting, receiving,
and demodulating the radar return and timing signals from the SAR. APL was
subsequently directed to design and build the required spacecraft and ground portions of
the SAR data link. Later, APL was directed to develop additional special ground
equipment to digitize the recovered offset video return and to format this video data with
engineering data for a high-speed digital tape recorder. Other equipment was required to
furnish remote control of certain parameters in the link demodulator by the network control
center. Following a brief description of the SAR system, the remainder of this paper
discusses the design and implementation of the digitizing, formatting, and control portions
of the SAR-unique ground equipment.



SAR SYSTEM DESCRIPTION

The SAR system (1) is shown functionally in Fig. 1. It is comprised of the following
subsystems:

1. The SAR sensor subsystem, consisting of the SAR transmitter, receiver, and antenna.

2. The data link, consisting of a spaceborne modulator/transmitter and a ground-based
receiver and demodulator.

3. The SAR data formatting and recording subsystem, which digitizes and records the
output of the data link, and which includes the control link from the station command
system.

4. The SAR data processing subsystem, which processes the data and produces target
images.

5. The SAR simulator subsystem, which provides simulated test signals at RF, IF, and
video frequencies to the ground-based equipment; this subsystem is also able to
regenerate SAR analog video from the formatter or recorder and reconstruct the RF
signals (2).

The system is completely coherent; all RF, modulation, and sampling signals are derived
from the stable local oscillator (STALO) within the transmitter. The demodulator portion
of the data link (3) demultiplexes the composite RF spectrum, decodes the PRF, and
reconstitutes the coherent echo, PRF, and sample clock signals required by the data
formatter. The actual target echo occupies slightly less than half of the interpulse period
(Fig. 2), but its position within the period is a variable that depends on orbit altitude and
PRF rate. A delayed coherent trigger pulse generated by the demodulator is used to time
the start of digitization at the beginning of the return of interest.

DESIGN CONSIDERATIONS

The SAR data formatter is required to digitize offset video radar returns (with a bandwidth
of 1 to 21 MHz) that are supplied by the link demodulator. Five-bit digital samples are
generated at a 45.53-MHz rate determined by a demodulator sample clock derived from
downlink signals. Sampling of the radar return is to begin unambiguously each PRF at a
time determined by a delayed coherent trigger pulse also supplied by the demodulator. The
formatter is further required to receive and format overhead status and time data from
various sources, and to combine this engineering data with the digitized video samples into
a continuous serial data stream, with a maximum rate of 117.5 MHz, compatible with a



high-data-rate digital tape recorder. A requirement for lower output data rates with reduced
resolution is accomplished by using video sample sizes of less than 5 bits. Since the input
and output data rates are different, the formatter contains a buffer memory capable of
storing all digitized video samples from a single radar PRF. The data formatter is also
capable of receiving simulated video, sample clock, and coherent trigger inputs from the
SAR simulator, and of supplying output data to the simulator for test and evaluation.

The formatter control unit is required to automatically control the PRF rate and coherent
trigger delay time in the link demodulator during satellite passes, so that the ground
receiving equipment will be configured to be compatible with the satellite system. In order
to accomplish this function, the control unit must accept and store a pre-pass list of
commands from the station control center. Each command includes a time tag that is used
to execute that command at the proper time; the control unit compares this time
information in each command to GMT data that it receives from the station clock system.
The control unit also supplies GMT and the coherent trigger-delay code to the formatter to
be included in its engineering data. All DC power for the formatter unit is provided by
power supplies in the control unit.

DATA FORMATTER

Figure 3 is a simplified block diagram of the data formatter. The only analog circuits are
the video-input-select circuits, amplifiers, and analog/digital converter; all remaining
circuitry consists of almost 500 digital integrated circuits, one-third of which are high-
speed ECL (emitter-coupled logic) circuits used at frequencies up to 117.5 MHz. For
purposes of discussion, the formatter will be divided into three basic areas: input signal
conditioning and timing, data memory buffer and memory control, and output timing and
data formatting.

Input Circuits

Offset video signals from either the link demodulator or the SAR simulator are routed
through an RF switch to a linear amplifier section. These circuits provide two different
gain paths (depending on downlink power level) and normalization of video level for the
A/D converter input dynamic range. The sample clock and coherent trigger from the
selected source are also routed to the formatter input timing circuits. Source selection and
gain choice are determined by front panel switch settings. The A/D converter digitizes the
input video signal at the sample clock rate of 45.53 MHz. Since the converter produces an
output 5-bit binary code (corresponding to a resolution of 32 voltage levels), the input data
rate is

45.53 MHz x 5 - 228 megabits per second



The converter generates an end-of-conversion pulse that is aligned with its output data
samples and coherent with the sample clock; this signal is used as the basic clock for input
timing in the formatter. A special coherent trigger reclock circuit is used to insure that
video data is unambiguously sampled and stored in the formatter memory from one PRF to
another. This circuit has digital division ratios that match those in the demodulator clock
circuits, so that once PRF lock is achieved and the first coherent trigger is received, any
variation in subsequent trigger timing will not cause undesired timing jumps in the
formatter.

Memory Buffer Circuits

The PRF memory buffer portion absorbs data from the A/D converter at one rate and
furnishes this data to the high-speed tape recorder at another rate. Since the high-density
memory storage circuits used are not able to handle the 45-MHz data rate, demultiplexing
is used to achieve a 16:1 reduction in speed. The memory-write buffer circuits contain
serial-to-parallel registers and temporary storage latches to accomplish this function,
producing 80 memory input lines from the original 5-bit parallel samples. The formatter
stores 13,680 data samples each PRF at the 45-MHz sample clock rate; this constitutes a
radar return sampling window of approximately 300 µs. A total of 855 memory locations
are required to store the 13,680 demultiplexed samples. The total formatter memory is
actually an 80-line by 1024-bit memory (80-kilobit capacity). The memory-read buffers
perform an opposite function to the write buffers; data extracted from the memory at a low
rate are multiplexed to provide a higher data rate to formatter output circuits. Output
timing signals are derived from internal formatter clock circuits, and are unrelated to the
input sample clock timing.

The design of the memory address and control timing is dictated by several system
constraints: (1) video samples are taken and written into memory for about half of the
interpulse period; (2) data are read out of memory at about half the input rate, requiring
almost the entire interpulse period; (3) write and read timing are asynchronously related. A
priority interrupt system is used to meet these timing requirements. Memory writing has
priority since input samples must be stored as they are taken and demultiplexed. Once
input write cycles start, read interrupts are permitted to function between write interrupts.
After the sampling interval is over, read interrupts alone continue until all data are read
out. Separate write and read memory address counters are alternately multiplexed to the
memory circuits depending on the type of interrupt being serviced.

Output Circuits

Timing signals for memory-read operations and output formatting functions begin with the
generation of stable clock frequencies by crystal oscillators in the formatter. Stable clocks



are required by input circuits in the high-speed tape recorder. Three separate oscillators
provide the five basic clock frequencies needed for readout at the different video sample
size choices (5-, 4-, 3-, 2-, or 1-bit/sample resolution). Since the 13,680 PRF samples may
be read out at slower rates for smaller sample sizes, serial data recording rates vary from
117.5 MHz for 5-bit samples to 23.5 MHz for 1-bit samples.

All formatter output data for a single radar PRF is organized as one “major frame” for
recording purposes. Each major frame consists of an integer number of “minor frames,”
each of which includes a “housekeeping” portion of 40 bits and a video sample data
portion of 1140 bits. Housekeeping data includes a minor frame synchronization word, a
minor frame identifying number, and increments of GMT and status information to be
recorded. Most of these data are first organized in a housekeeping multiplexer each major
frame and then multiplexed with video data as the output data stream is constructed.
Housekeeping data consisting of 4-bit bytes and video sample data consisting of 5-, 4-, 3-,
2-, or 1-bit bytes are loaded into an output register and shifted out serially. Since data
readout from memory takes slightly less than a full major frame, a 31-bit pseudorandom
code pattern is generated by the formatter to “fill” the remaining minor frames. The
number of fill frames depends on the selected sample size and the PRF rate; the presence
of fill data is indicated by a fill flag in housekeeping. When a new coherent trigger initiates
data sampling again, the last minor frame in progress is completed before the new major
frame begins. A pictorial summary of the formatter input/output timing, major/minor frame
relationship, housekeeping/video data composition, and the fill function is provided in
Fig. 4.

CONTROL UNIT

Figure 5 is a functional block diagram of the control unit. The unit is all digital using
CMOS memory integrated circuits while the remaining circuitry is primarily low power
Schottky TTL (transistor-transistor logic). The control unit uses fixed wire control logic to
perform the required functions. It is basically an interrupt driven system that stores a block
of time-sequenced commands provided by the station control center prior to a satellite
pass. The format for each frame of the command block is shown in Fig. 6. During
operation, the time tag for the individual command is compared against the station GMT
and must agree for the command to be executed. For the purpose of discussion, the control
unit can be divided into four basic areas: the station GMT input signal conditioning and
processing, command loading, control logic, and output timing.

GMT Signals

The station time is received as a parallel binary code of 36 bits, 9 representing the binary
day-of-year code and 27 representing the time-of-day in binary milliseconds. An inhibit



pulse is also received and is used to blank out transients during the millisecond time
update. This time is stored in a parallel-to-serial shift register at the end of the inhibit pulse
and is supplied in serial form at a 1 Mb/s rate along with the 1-MHz clock signal to the
formatter, where it is included as part of the housekeeping data. Simultaneously, the serial
binary data is fed to a serial binary-to-BCD converter where it is converted to be
compatible with the time tag included in each command frame. Also, a time gate is
generated during the shifting (output) process that is used to enable the formatter to receive
time and within the control unit to initiate the time comparison.

Command Loading

There are two possible means of loading commands in the control unit: remotely via the
GSFC Spacecraft Command Encoder (SCE) and by the front-panel controls provided on
the unit.

The command list is prepared prior to a satellite pass and is used to automatically control
the SEASAT SAR demodulator located at the STDN (Spaceflight Tracking and Data
Network) stations prior to and during the SAR passes. Prior to a SAR pass all SAR pulse
repetition frequency and sensitivity time control (STC) commands to be executed by
SEASAT are identified by GSFC and the STDN station is directed to configure the STDN
SAR equipment to be compatible with the satellite at AOS (acquisition of signal). During a
pass, if the satellite executes an onboard command to change the PRF or STC delay
settings, the ground STDN equipment is simultaneously reconfigured to be compatible
with the satellite. The data flow for this operation is as follows:

1. The pass sequence is generated using long-range predictions by the Mission Planning
System at JPL for a selected SAR station pass.

2. This sequence is sent to GSFC and is translated into SEASAT command loads.

3. The SEASAT command load is then formatted into NASCOM blocks and sent to the
STDN station prior to the pass. Also, the PRF and STC commands are identified and
translated into the time-ordered format for the control unit. The time for each control
statement is compensated to the nearest second for the computed offset between the
satellite and GMT. The command statements are formatted into a NASCOM block
and sent to the SAR STDN station during the pre-pass countdown.

4. At the SAR STDN station the command loads and SAR demodulator control
statements are passed to the SCE. The command loads are passed to the satellite
immediately upon receipt and the control statements are forwarded to the control unit
prior to the pass.



5. This process for the control statements can be used to prepare a list of commands that
can be transmitted to the SAR STDN station via teletypewriter and manually loaded
in the control unit by the station operator.

The SAR demodulator control statements are supplied to the control unit by the SCE as a
serial NRZ bit stream with an enable signal and clock pulses at a nominal 2 kb/s rate. The
enable pulse acts as an interrupt to the control unit to accept the command data. This data
is shifted into a 64-bit serial-to-parallel shift register. At the end of 64 bits that constitute a
command frame, the data are checked for parity and to see that the address code contained
in the first 12 bits agrees with the preset code in the control unit. If all are correct, the time
and command data are transferred from the shift register and are stored in the memory
address specified in the data frame. Failure to pass the parity and/or address check will
cause an error indicator to be lit and the command frame to be rejected. If this occurs, the
block of commands must be reloaded by the SCE or the erroneous frame located and
manually loaded by the front panel controls on the unit.

The control unit memory has a capacity for 512 32-bit commands, although a maximum of
64 commands is expected for each satellite pass. At the end of the command load the
operator checks for load error indications and selects the starting address. The unit is then
ready to command the SAR demodulator.

Control Logic

During the control operation, the GMT to the control unit is updated every millisecond.
Initially, at the starting address, the GMT day-of-year is compared to the day-of-year
specified in the command code. When these two compare, a flag is set allowing a time-of-
day comparison to be made. When time-of-day compares, the data are rewritten into that
memory address with one spare bit set to a “1” indicating that that command has been
executed or output to the demodulator. The entire memory is then scanned to determine if
other commands are to be executed at that same time. The scan sequence halts at the
address of the next command in the list. Subsequent time updates cause this data to be
displayed on the front-panel indicator until time is again coincident and the operation is
repeated.

Output Timing

When time equality occurs, the command data from that memory address are stored in an
output register selected by the command designator, whether a PRF or delay command.
This also sets a flag for each command, which is used to start the output sequence. If the
PRF flag is set, the output sequence is delayed until a PRF pulse is received from the
demodulator via the formatter to avoid PRF changes during the PRF pulse. The delay flag



causes the output sequence to start immediately. After a 1-µs delay to allow the output
registers and the data lines to stabilize, a 4-µs pulse is generated to strobe the data into the
demodulator and formatter. The internal flags are reset 1 µs following the strobe pulse and
the unit is ready for another command cycle.

SUMMARY

Special-purpose ground-support equipment has been developed at the Applied Physics
Laboratory for the SEASAT-A SAR experiment (Fig. 7). A high-speed data formatter
digitizes video radar returns from the SAR downlink and formats these data with
engineering information for recording on a high-speed digital tape recorder. A formatter
control unit permits network contol of operating parameters in the link demodulator. This
equipment has been installed in NASA STDN stations in California, Alaska, and Florida;
additional units are installed in England for the European Space Agency (ESA) and in
Newfoundland for the Canada Centre for Remote Sensing (CCRS). System testing with
other portions of the SAR-unique ground equipment has demonstrated performance within
specifications, and preliminary results from actual spacecraft data indicate that successful
recovery and recording of. SAR image data is being accomplished.
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Fig. 1  SAR System

Fig. 2  SAR Radar Spectrum



Fig. 3  SAR Data Formatter

Fig. 4  Data Formatter Input/Output Format



Fig. 5  SAR Control Unit

Fig. 6  SDF Control Unit Data Format 



Fig. 7  Data Formatter and Control Unit



A SIMULATOR FOR THE SEASAT-A SYNTHETIC APERTURE
RADAR GROUND SUPPORT NETWORK

S. C. Jones, J. D. Colson and P. J. Grunberger
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Laurel, Maryland 20810

ABSTRACT

The characteristics and capabilities of link measurement and simulation equipment for the
NASA ground stations supporting the SEASAT-A synthetic aperture radar (SAR) are
described. The Spaceflight Tracking and Data Network (STDN) SEASAT-A SAR
Simulator generates SAR radar and data link signals, including chirp, radar return, pilot,
PRN radar timing, and noise components. After injection into and passage through the
STDN SAR equipment, the simulated SAR signals are processed in real time to determine
ground support equipment readiness and performance.

The equipment has been used to verify the performance of SAR unique support equipment
prior to site delivery and during integration testing at NASA, European Space Agency
(ESA), and Canada Centre for Remote Sensing (CCRS) ground support stations. It has
also been used to test SAR flight equipment. It is currently being used for site prepass
readiness testing.

INTRODUCTION

The SEASAT-A spacecraft contains an experimental synthetic aperture radar developed by
the Jet Propulsion Laboratory (1). The SEASAT-A SAR imaging system will provide all-
weather imaging of sea and land surfaces with a processed resolution of 25 by 25 meters.

There will be no on-board data storage or processing of the surface radar reflections
because of the high SAR data rate. This limits imaging to times when SEASAT-A is in
view of one of the five ground stations equipped with special SAR demodulating,
formatting, and recording equipment. These are the three NASA STDN stations, the ESA
station, and the Canadian station. To minimize bandwidth allocation problems, the SAR
data is transmitted to these stations by an analog rather than a digital data link.



There are two features of this system that differ in important ways from other telemetry
systems supported by the STDN. First, the SAR return data passes through most of the
STDN equipment in analog form. Because of this, most of the station equipment must meet
analog specifications that are characteristic of a high-resolution SAR (some of which are
time-consuming and difficult to measure at a remote site). Second, the eventual digitizing
of the SAR return data occurs at the STDN sites and results in very high data rates
(117.5 Mb/s) for the formatting and recording equipment.

These problems have led to the development of special test equipment, described herein,
that is used for integration, checkout, and end-to-end readiness and maintenance testing of
the portion of the SAR imaging system located at the receiving station.

SAR SYSTEM DESCRIPTION

The SEASAT-A SAR system provides images of 100 km swaths to the right of the
spacecraft surface track. The resolution of the images is 25 meters in both the along-track
and cross-track dimensions. The cross-track resolution is obtained by pulse compression.
The along-track resolution is achieved by coherent processing of radar returns received by
the SAR antenna as it occupies successive positions along the flight path. This processing
forms an array with a synthetic aperture several kilometers long.

Figure 1 is a block diagram of the SAR imaging system. The SAR transmitter generates
pulsed, chirped signals from a stable source at an approximate 1500 Hz pulse repetition
rate. The center frequency of the SAR output is 1275 MHz (L band).

The pulses are transmitted to the earth’s surface via the SAR antenna, which has a 1E by
6E fan beam. The 6E beamwidth illuminates a 100 km swath centered about 300 km to the
right of the spacecraft surface track. The radar backscatter from the surface is received by
the SAR antenna and amplified by the SAR receiver.

The output of the SAR antenna is applied to the SAR data link, which linearly translates
the L-band returns to 2265 MHz (S band) and adds coherent pilot and PRN-encoded PRF
signals for maintenance of phase and timing references needed in the ground-processing
function. This composite signal is radiated to the selected ground station by the data link
antenna.

Figure 2 shows the time waveform of the data link signal radiated to the ground station.
The actual target echo occupies less than half of the interpulse interval, and its position
within this interval is a variable that depends on orbit altitude and pulse repetition
frequency (PRF). The narrow RF pulses occur at the PRF and result from leakage of the
radar transmission through the radar receiver isolation circuitry. White noise from the SAR



receiver is present during the entire interpulse interval at a level determined by the gain
setting of the SAR receiver. Also present during the entire interpulse interval is the pilot
and PRN added by the data link.

The data link signal is received by an antenna at the NASA STDN station and is amplified
by a low-noise parametric amplifier. The signal is down-converted and applied to a phase-
locked receiver that tracks and performs an AGC function using the pilot component of the
composite data link signal. The output of this receiver is applied to a special SAR data link
demodulator (2) that decodes the PRN signal and reconstitutes coherent echo, PRF, and
sample clock signals required by the recorder formatting equipment. The echo output is an
offset video signal with a bandwidth of 19 MHz centered at 11.4 MHz.

The demodulator offset video output is applied to the SAR data formatting and recording
system, also located at the STDN station. The data formatter (3) digitizes the offset video
signal during the intervals containing the radar echos at the sample clock rate of 45.5 x 106

samples per second, buffers the digital samples to extend the echo data flow over the entire
radar interpulse period, merges timing and status information into this data, and then
outputs all this data as a continuous serial data stream at 117.5 Mb/s. Finally, this data
stream is recorded on a high-data-rate recorder.

The digital tapes are transported to a JPL data-processing facility where the digital data is
played back and reconverted to analog form. The analog playback is applied to an optical
processor adjusted for orbital parameters, which converts the playback to images.

STDN SAR GROUND SUPPORT SUBSYSTEMS

Three stations of the NASA STDN are equipped to support the SEASAT-A SAR imaging
system within the United States. These sites are located in Alaska, California, and Florida.

Figure 3 is a block diagram of the SAR ground-support equipment located at each STDN
site. The equipment shown in Fig. 3 up to and including the MFR is standard NASA
STDN equipment. The demodulator, formatter, control unit, recorder, and the SAR
Simulator are the STDN SAR-unique equipment. The requirement for the SAR Simulator
was established early enough in the STDN SAR-unique equipment development program
to include it as a integral part of the equipment complement. Figure 4 shows the MFR rack
and the three racks containing the SAR unique equipment. Figure 5 is a photograph of the
SAR Simulator portion of this equipment.



SAR SIMULATOR EQUIPMENT DESCRIPTION

Figure 6 shows a block diagram of the STDN SEASAT SAR Simulator and the site SAR
ground support equipment.

The simulator transmitter generates chirped signals, a pilot signal, a PRN-encoded signal,
and simulated return noise, all at a 91 MHz center frequency and at the nominal SAR data
link relative levels. These modulation components are selectable in five combinations. The
91 MHz compositely modulated signal is mixed to the four NASA site interface
frequencies (2265, 465, 110, and 11.4 MHz) for injection into the site equipment.

The transmitter chirp generator generates signals that simulate radar. leakage and a point-
target return. It uses a surface acoustic wave dispersive delay line (SAW DDL) from the
same mask as that used to make the satellite SAR DDL. Because the center frequency of
this device is 91 MHz, all transmitter modulation components are initially generated at this
frequency and then mixed to one of the four required output frequencies.

Within the chirp generator, a high-speed switch gates 1.5 cycles of 91 MHz from the
transmitter frequency synthesizer into the SAW DDL. This results in a DDL RF Impulse
input with a broad spectrum centered at 91 MHz. The SAW DDL has a negative
frequency-versus-time-dispersion characteristic of 0.56 Mz/µs. Thus, the higher
frequencies (.100 MHz) of the input RF impulse spectrum emerge first and the lower
frequencies (.80 MHz) appear after about 34 µs. The 16 ns RF impulse is spread in time
to more than 34 µs and the output is swept (chirped) in frequency.

After amplification and limiting, the time-spread signal is fed to a second gate circuit
where it is sliced at ±17 µs, corresponding to a frequency span of ±9.5 MHz about 91
MHz.

The transmitter uses coding circuitry similar to the spacecraft data link design to provide a
PRN-encoded PRF signal.

The modulation/summing circuitry within the transmitter biphase modulates the PRN code
onto the pilot with a 45E peak modulation index, resulting in equal pilot and PRN levels. It
then sums the modulation components into a composite modulated signal.

An output converter translates the 91 MHz compositely modulated output to the four
NASA ground station interface frequencies, using a coherently referenced synthesized
signal generator.



Figure 7 shows the spectrum of the transmitter output signal after translation to one of the
output frequencies. Figure 8 shows the time waveform of the transmitter output.

Within an interpulse interval, the transmitter output is described by

(1)

where

As shown in Fig. 6, the transmitter output may be injected at several points along the SAR
ground equipment chain. There are also several points along this equipment chain where
the signals may be switched into the SAR Simulator receiving and processing circuitry for
measurement and evaluation.

The SAR Simulator may receive signals in analog or digital form. When receiving signals
in digital form, a video regenerator is used to perform the inverse function of the SAR data
formatter described previously.

The video regenerator may receive the 117.5 Mb/s bit stream directly from the data
formatter or from the recorder playback. It uses high-speed emitter-coupled logic to
achieve synchronization with the data in the bit stream. It then demultiplexes and displays
time and status data, debuffers the digital samples of offset video, and converts these



samples to analog offset video at the full 45.5 x 106 sample per second rate. A special D/A
converter design is used to achieve glitch-free conversion with intersample settling times
of about 4 ns.

The simulator receiver may take its analog offset video input from the video regenerator
D/A converter or from the last linear point prior to A/D conversion within the formatter.
Within the simulator receiver, the incoming offset video is upconverted to a 91 MHz
bandpass signal that is applied to a second SAW DDL for compression of the chirped
signal. The simulator provides for time inversion of the input to this DDL. For the ideal
case, the DDL output is the autocorrelation function of the input signal. The equation for
this output is given by (4):

(2)

where

T = chirp pulse duration, and
B = chirp frequency excursion.

The approximation to (sin x)/x for the envelope of Eq. 2 improves as TB increases.
Amplitude and phase distortion within the simulator and the equipment under test causes
deviation from the ideal shape.

The simulator uses two transversal filters for Taylor and uniform weighting of the
compressed pulse. These filters are also used to equalize simulator amplitude and phase
distortion that occurs within their constraint range.

The Taylor equalizer reduces the (sin x)/x sidelobes on its compressed pulse input to levels
approximating 30 dB Taylor weighting with four coefficients. For an input envelope
function given by

W0(t) = (sin BBt)/BBt, (3)

the Taylor weighting amounts to adding seven (sin x)/x terms with amplitudes given by the
Taylor coefficients (5). Thus, the equalizer output waveform envelope is given by

(4)

where Fm are the Taylor coefficients.



For the simulator transversal filter, this addition of terms is accomplished by appropriate
adjustment of amplitude and phase of six tapping signals that are summed with the center
tap signal.

The uniform transversal filter uses only three taps to adjust the compressed pulse 3 dB
width for resolution measurements.

PERFORMANCE AND TESTING

When processed within the receiver, the simulator transmitter output signal approximates
the SAR range channel impulse response, which is convolved with surface reflectivity in
the radar map generation process. Because the SEASAT-A SAR system is linear to first
order, the degradations to this impulse response introduced by the STDN support
equipment are important descriptors of site performance.

Figures 9 through 13 show photographs of this impulse response function for the simulator
calibration mode at various processing stages within the receiver. Figures 9 and 10 are
time waveform and spectrum photographs of offset video waveforms at the receiver input.
Figures 11 and 12 are photographs of the compressed pulses in the Taylor and uniform
weighting modes, respectively. Figure 13 shows an expansion of the compressed pulse to
2 ns per division. This display is useful in determining system jitter at low signal levels.

Table 1 summarizes the significant performance characteristics of the simulator.

Table 1
SAR Simulator Performance Characteristics

Chirp FM slope  0.562 MHz/µs ±0.2%
Chirp frequency excursion  19.05 ±0.05 MHz
Chirp pulse width  33.92 ±0.35 µs
Compressed pulse sidelobe structure

Uniform: first sidelobe 13.2 ± 0.5 dB
Taylor: all sidelobes # 28 dB

Uniform compressed pulse 3 dB mainlobe width # 47 ns
Noise bandwidth 26.5 ±2 MHz
Chirp signal-to-noise ratio # 35 dB in 26.5 MHz bandwidth
PRF/compressed pulse relative jitter (cal mode) #1 ns
PRF 1464, 1540, 1581, and 1647 pps
PN code chip rate 5.9 to 6.8 MHz
SVR maximum data rate 120 Mb/s
SVR buffer memory capacity (1 SAR return) 68.4 kb



SVR buffer load time 582 µs
SVR buffer playout time 300.46 µs
SVR output sample rate 45.53 x 106 words/s
SVR D/A settling time ±1/2 LSB in 4 ns

SUMMARY

The implementation of complex analog and digital equipment with a primary radar function
creates serious testing problems at a remote site primarily designed for digital telemetry
support. The STDN SAR Simulator provides the special test capability needed for ground
support of SEASAT-A.
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Fig. 1  SEASAT-A SAR Imaging System Block Diagram

Fig. 2  SAR Datalink Time Waveform and Spectrum Characteristics



Fig. 3  STDN Site-Located SAR Ground Support Equipment

Fig. 4  STDN SEASAT-A SAR Support Equipment



Fig. 5  STDN SEASAT-A SAR Simulator

Fig. 6  Block Diagram of STDN SEASAT SAR Simulator and Associated SEASAT
SAR Ground Support Equipment



Fig. 7  Composite SAR Simulator Spectrum

Fig. 8  SAR Simulator Time Waveform



Fig. 9 Regenerated Offset Video Oscilloscope Display

Frequency 11.4 MHz pilot
Scanwidth 3 MHz/siv.
Scantime 10 ms/div.
Bandwidth 100 kHz

Fig. 10 Linear Offset Video Spectrum Analyzer Display



Fig. 11 Taylor Weighted Compressed Pulse Oscilloscope Display

Fig. 12  Uniformly Weighted Compressed Pulse Oscilloscope Display

Fig. 13  Compressed Pulse Jitter Oscilloscope Display (2-second exposure)
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A Microprocessor Controlled Antenna Pointing Unit*
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ABSTRACT

Two prototype antenna pointing units (APUs) for controlling different antennas
tracking geostationary satellites have been built using an 8080 microprocessor. The use of
the microprocessor has allowed the same basic hardware to control two separate and
different parabolic dish antennas with minimal circuitry changes and has provided
significant flexibility in the performance of the units. This paper describes the APU design,
which optimizes hardware and software to provide the flexibility necessary during initial
testing and subsequent operation of the prototypes.

INTRODUCTION

An APU positions and maintains the antenna in the desired direction by comparing the
actual and desired antenna pointing positions and generating an error signal which causes
the antenna to move closer to the desired position. This classic closed loop servo situation
is shown in Figure 1. Several degrees of flexibility may be obtained by using a
microprocessor to perform the control function. The APU can perform stow, manual,
automatic, or pattern pointing functions (used for satellite search and antenna pattern
measurements, etc.) with or without position limit checking and with minimal changes to
the hardware and the software.

The APUs discussed herein are microprocessor based units for steering paraboloidal
reflector (parabolic dish) antennas. There are three modes of operation: program-track,
manual, and pattern. In each mode, the microprocessor compares the actual position of the
antenna, as indicated by the shaft angle encoders on the antenna pedestal, with the desired
or computed position and issues the necessary antenna drive signals. Each of the antennas
use elevation over azimuth axis pedestals.

The antenna may be moved at varying speeds. Slower speeds are used when the actual
position is close to the desired position, and faster speeds are used for greater distances.



The azimuth and elevation axis drive control signals are independent; thus at a particular
time the antenna may be moving rapidly in azimuth and slowly in elevation. Two slightly
different APU prototypes are described in this paper.

Each of the units is a small part of a complex experimental data collection system,
which is prone to a significant number of problems. Therefore, although not necessary to
the antenna pointing function, a number of human factors were considered during the
design of the APU. The two most important were that incorrect operation should be
detectable at a glance and that the APU would prompt the operator when entering data or
instructions.

PERFORMANCE REQUIREMENTS

Both units have similar performance requirements, which have been separated into the
automatic tracking, manual, stow, pattern, and offset modes.

AUTOMATIC TRACKING MODE

A program track algorithm is used in the automatic mode as opposed to a step track
method because each antenna is part of a data collection system for research into
propagation effects at radio frequencies in the 10- to 30-GHz region. In step track systems,
optimum pointing is obtained by compensating for decreased signal strength due to
pointing errors by correcting the pointing error, i.e., changing the pointing. The
microcomputer must know the effects of and compensate for fades and other temporary
reductions in the received signals that occur even though the antenna is still aligned on the
satellite so that it will not attempt to correct the position of the antenna for such reductions
in signal. The prototype systems are measuring signal reductions to investigate and
determine the mechanisms causing fades and reductions in signal strengths. As reliable
satellite position data are available, the program track algorithm was the obvious choice.

MANUAL MODE

In the manual mode, the operator enters azimuth and elevation coordinates via the front
panel keyboard; the APU moves the antenna until it is pointing at those coordinates and
then maintains the position. These coordinates may be changed at any time.

STOW MODE

The stow mode is almost identical to the manual mode. Brakes are applied when the
antenna reaches the stow position. The stow coordinates are altered only when the antenna
position readouts are adjusted.



PATTERN MODE

Pattern scans are useful for calibrating antenna response patterns and searching for a
satellite whose coordinates are not accurately known. With the algorithm described herein,
almost any type of scan can be obtained.

For these particular antennas, the search area is established as a matrix of 9 x 9 discrete
positions about a nominal center. As shown in Figure 2, each point has individual
coordinates; e.g., the center position has the coordinates (0,0). and the top right-hand
position has the coordinates (4,4). If the pattern scan is set up to sequence through all 81
positions before restarting, the exact type of scan or search pattern will depend on the
actual coordinates associated with each position. If a lookup table of coordinates as a
function of position number is stored in memory, the search pattern will be a function of
that table. The position iterations for an azimuth, elevation, and circular scan patterns are
shown in Figure 3.

The actual pointing position is in the center of the box, and the distance between
centers may be programmed at any value. In APU No. 1 the distance was set at 0.625E,
and in APU No. 2 it was 0.1E. Azimuth and elevation scan patterns are used for calibrating
the antenna. The circular scan is used to search for a satellite whose coordinates are
known only to a first approximation. The basis for the pattern is the assumption that the
probability of finding the satellite decreases as the search distance from the approximate
coordinates increases. This pattern may also be used to calibrate the antenna response
pattern. Although a pseudorandom scan would make the search more efficient, antenna
pattern calibration would be complicated.

OFFSET MODE

In many cases, especially when a transportable antenna is used, it is difficult or time
consuming to accurately align the shaft encoder positional readouts on the antenna. With a
microprocessor, the alignment requirement is eliminated because errors or offsets can be
compensated for if they can be measured. Thus, for example, if the azimuth and elevation
angle coordinates of the slant path to the satellite are known at right ascension, peaking the
signal carefully by pointing the antenna as the satellite goes through right ascension will
provide the data requited to calculate the offsets. The error values are entered into memory
using the front panel key pad. The microprocessor then adds the error value to the position
readout data before comparing it to the desired position.



THE INDIVIDUAL UNITS

APU No. 1

This APU is part of the control system of a 3-m parabolic dish antenna in a
transportable receive-only terminal used by INTELSAT in propagation research. It has
three modes of operation: manual, program track, and pattern modes.

In the pattern mode, the antenna is pointed to a mean azimuth and elevation position
and is then rotated about that position in increasing circles in the form of a box scan. This
mode of operation is used to locate the position of a satellite whose coordinates are known
approximately with respect to the terminal.

In all modes, the actual position of the antenna is compared to a desired position
computed or set manually. If the two differ by more than 0.1E, the antenna is directed to
move. (The 0.1E position error increment is dictated by the accuracy of the readouts.) If
the difference exceeds 5E, the antenna is also given a “fast” signal. When the antenna is
pointing in the desired position, a “P” is illuminated in the front panel display in the
manual and the pattern modes, and a decimal point blinks in the automatic mode. If the
antenna is positioned to exceed the elevation limits (<0E and >100E), an “L” illuminates
on the front panel display and the antenna freezes. The APU will not subsequently move
the antenna until the antenna is repositioned within the limits by other means, and the APU
is subsequently reset.

APU No. 2

The second APU is part of the control system for a 4.6-m parabolic dish antenna
located at the COMSAT Laboratories in Clarksburg, Maryland. It has four modes of
operation: manual, stow, program track, and antenna measurement.

The patterns are box raster scans about a mean position. One pattern scans in azimuth;
the second in elevation. The antenna radiation pattern measurement mode, which is used to
calibrate the antenna, moves the antenna both in elevation and in azimuth on command to
obtain the needed radiation pattern data. The advance from one (box) position to the next
occurs when either the remote push button or the pattern mode switch is manually
depressed.

In all modes, the difference between the actual position of the antenna and the desired
position is compared. If the difference is greater than 0.01E, the antenna is provided with a
“move” signal. (Again, the 0.01E accuracy is dictated by the accuracy of the readouts.) In
this APU, the move signal is an analog voltage at the rate of 1 V/deg up to a maximum of



±5 V. Light emitting diodes (LEDs) are provided to indicate the status of the unit. The
following LED signals are provided for each axis; L, limit exceeded (flashing red); P,
antenna stationed correctly (green); D, drive active (green); and S, sensor (antenna
position feedback) data bad (red).

An allowable excursion limit of between 0E-100E is set in the elevation axis in all
modes. Additional software limits may be established in the program track mode, in which
the normal excursion of the antenna about a mean position is small, to monitor for drive
failures. An audio alarm is incorporated to indicate alarm or error (L or S) conditions.

Both units are built with COMSAT Laboratories microprocessor developed printed
circuit cards using an 8080 microprocessor. All data are input using memory mapped
input/output (I/O) ports [antenna position, clock time (hours and minutes), and key pad
inputs]. All outputs use memory mapped I/O ports (display digits, lights, and antenna
control signals). The mode and function switches activate interrupts to the microprocessor.

The implementation of the APU control function is an example of an optimized
hardware/software design. The requirements for each mode of operation for each unit were
designated before the design was begun. Then each APU physical configuration was
optimized using the COMSAT Laboratories microprocessor cards as a basis for the
common microprocessor hardware.

For example, in APU No. 1 each front panel digital display is fed by an I/O port; in APU
No. 2 the digital drivers are multiplexed by a software subroutine. Each unit contains a
number of separate tasks or modes of operation, each independent of the other and each
organized as a separate program. The software is modular so that each program utilizes
common subroutines. This approach eases the design and testing of the software but may
not provide the minimum memory solution. However, this is inconsequential, since
memory hardware is configured in large blocks.

The amount of custom hardware in each unit has been minimized by maximizing the
use of software. Custom hardware is used to perform the digital to analog (D/A) function,
to blink the limit alarm in APU No. 2, to interface the key pad in APU No. 1, and to
provide the required drive currents to the panel displays.

The hardware was chosen for maximum utility. APU No. 1 uses Fairchild 7-segment
LED digital encoder drivers to display H, L, E, P, -, and blank characters for input codes
between 10 and 15. Therefore, the word “HELP” can be displayed if the data from the
antenna shaft angle decoders are nonnumeric (fault condition), and flashing “-” signs can
be displayed when the antenna is moving in the manual and pattern modes. APU No. 2
uses regular LED hexadecimal displays for the data and display status. The limit alarm



LEDs contain flashing circuitry so that although the microprocessor must instruct the LED
to illuminate, it blinks independently.

The two units differ slightly in hardware, but significantly in capabilities because of the
software. Table 1 summarizes the differences.

Table 1.  APU No. 1 and APU No. 2 Software Differences

Resolution

APU No. 1 APU No. 2

0.1E 0.01E

Output Drive
Signal

Digital (TTL)
(0 = off, +5 = on)

Analog
1 v/E (± v max)

MODE
Manual
Stow
Pattern-Circular
Pattern-AZ
Pattern-EL
Prog-Track

Capabilities
Az-Limit Check
EL-Limit Check

Yes
No
Yes
No
No
Yes

No
Yes

Yes
Yes
No
Yes
Yes

Yes
Yes
Yes

HARDWARE

The APU hardware comprises four sections: the central processing unit
(microprocessor), memory (program and data), I/O circuits, and the unique interface
circuitry as shown in Figure 4. Different microprocessors may vary in the physical position
of these elements, but the general concept remains the same. Thus, any unit using
microprocessors is composed of a mixture of standard circuitry applicable to any unit
incorporating a particular microprocessor and circuitry unique to that device. The interface
circuitry is different for each unit; however, the type of circuits may not be different and
the use of similar designs for both units reduces design time.

SOFTWARE

The APU memory assignment is shown in Figure 5. The memory mapped I/O
assignments are located between FCOO and FFFF (Hex), and the remainder of the
software lies below address location 3000H. The interrupt service vector routines are



located between address locations 00 and 40H because of the internal characteristics of the
8080 regarding its response to hardware interrupts.

The main part of the program begins at location 38H. A reset prog-track will also
vector to location 38H to enable the units to recover automatically if a transient causes the
program to “bomb” and to attempt to read instructions from unused memory locations. The
resulting RESET 7 instruction (equivalent to no data in memory) will cause the processor
to execute a jump to location 38H, and the unit will recover. Some data may be lost, but
unattended operation will continue with a minimum amount of down time.

Figure 6 shows the basic transfer function of the APU. Each mode of operation is
initiated by a front panel interrupt. The initialization routine for all modes sets up data
pointers for the data associated with that mode; i.e., in the manual mode they point to
those memory locations holding the desired manual position coordinates.

In the pattern modes, the iteration is checked. If it is zero (the first time), then operation
is the same as in the manual and stow modes. Coordinates are entered into memory from
the front panel keypad and the pointing function performed. In the pattern modes,
successive interrupts cause the box coordinates to be updated before advancing to the
pointing function.

The pointing function, which is shown in Figure 7, basically compares the actual
position of the antenna to the coordinates desired and generates error signals. A limit
check is performed; if the elevation exceeds 100E, the alarm subroutine is activated and
the antenna freezes. Manual intervention is then necessary to position the antenna within
the allowable range. Programmed azimuth limits may differ in each mode.

All calculations are performed in floating point format using floating point math and
scientific functions packages available from the Intel Program Library (1). Buffer memory
locations are used to pass data from one subroutine to another. The software is separated
into modules, known as subroutines. Small modules are combined to build large modules;
several large modules form a program for a particular mode. If an instruction is analogous
to a gate or flip-flop, a subroutine can be considered as a printed circuit board containing
many integrated circuits. As in the hardware, the interface between circuit boards is
specified to indicate which signal goes to which pin on the connector; therefore, in the
software, the interface between subroutines is specified to indicate which parameter is
passed in which memory location or microprocessor register.



SUMMARY

This paper has described two similar experimental APUs built using essentially the
same 8080 based microprocessor hardware. By modularizing both the hardware and the
software, the two units containing significant differences were assembled with a minimum
amount of individual design time and cost.
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HIGH SPEED A/D CONVERTER TECHNOLOGY SURVEY
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ABSTRACT

Surveyed are current and future high speed A/D technologies with potential for a
significant impact on future systems. Current bipolar silicon monolithic quantizers and
hybrid sample-and-hold circuits are described. The gallium arsenide integrated circuit
technology, including FETs and TEDs, provides speed increases from 10 to 100.
Josephson Junction devices are discussed as a technology potentially offering radical
increases in sample rates and reductions in power.

1.   INTRODUCTION

In the past ten years, as systems have changed from analog to digital implementations,
operational requirements have outpaced development high speed analog-to-digital A/D
converters so that the A/D is often the limiting factor in system performance.

Development of high speed, small, reasonably priced avionics digital processors has
permitted designers to greatly increase system performance. However, the limitations of
high speed A/D converters has frequently required these new systems to be overly
complex and expensive.

Modern electronic systems are required to process signals with bandwidths of up to
500 MHz and a dynamic range as high as 60 dB. This implies that the A/D converter-
samples at a 1 Gsps rate with 8 to 10 bit resolution. In addition, for optimum signal
detection and processing, it is necessary to keep the intermodulation products introduced
by large signals or jammers as much as 60 dB below the signal of interest. The
combination of high sampling rates, wide dynamic range, and excellent linearity presents a
very difficult problem for the A/D designer.

Historically, A/D converters were designed utilizing conventional digital logic and
linear devices such as the Motorola MC1650 voltage comparators and were packaged on
one or more printed circuit boards. Although many current A/D converters still use this
type of design it is evident that the desired sample rates and resolutions have extended



beyond those capable with these devices. Only through micro-miniaturization and
hybridization can the input bandwidth and sample rate be increased.

The desire to simultaneously achieve high sample rates, high resolution, and good
linearity leads to the development of monolithic LSI circuits for A/D converters. In the
past five years a number of circuits have been introduced and are now beginning to be
used in new systems. These circuits are most accurately described as quantizers, since
most applications require a sample and hold and ancillary circuits to form a complete A/D
converter. A quantizer consists of the circuitry (comparators, D/A converters, etc.) to
convert an analog voltage to a digital word representing the analog signal value. As LSI
circuit development has progressed, more circuitry has been incorporated into the chip.
The ultimate goal is to develop a true single chip monolithic A/D converter that includes
the sample and hold, reference circuits, and all timing and control logic.

This paper describes the current state of the art in monolithic quantizers and sample-
and-hold circuits. It also projects future developments in these areas.

2.   MONOLITHIC QUANTIZERS

BIPOLAR LSI PROCESS

All of the high speed quantizer circuits that have been developed or are in development
use a silicon bipolar process similar to the ones used for emitter-coupled logic. Some
commerical quantizers are available using a CMOS process; however, they are limited to a
maximum sample rate of 1 Msps.

The bipolar processes produce microwave transistors with an fT of up to 5 GHz with a
yield compatible with LSI requirements. The transistors are well suited for the
requirements of A/D converter circuitry and are useful for converters with accuracies of up
to 12 bits and speeds of up to 500 Msps. Typical parameters for a high speed bipolar
process are given in Table 1.

VOLTAGE COMPARATOR ARRAYS

The first monolithic quantizer was a voltage comparator array developed by TRW
DSSG in 1972.1 The circuit developed was a 2 bit quantizer (2BQ) containing four
comparators and encoding logic. This circuit was designed for use in parallel and
subranging A/D converters. Four voltage comparators have their positive inputs parallel
and their negative inputs connected to taps on an external reference voltage divider.
Comparator outputs go to encoding logic to translate the four line code into a two line 



binary code. A packaged device is shown in Figure 1. This circuit was used in a 20 Msps
10 bit subranging A/D converter.2

By 1974 two 3 bit quantizers (8 comparators) had been developed: One by MIT,
Lincoln Laboratory3 and one developed by TRW DSSG. Both circuits included a thin film
resistor-divider network to distribute the reference voltage to the comparator negative
inputs.

The TRW circuit was used in a 400 Msps 5 bit parallel A/D converter developed in
1976. The A/D converter uses four 3BQs connected in parallel and a monolithic second
level encoding circuit to combine the four 3 bit binary outputs into a 5 bit binary output
and a monolithic timing logic circuit to generate all timing and control signals. The
converter, in a 3 x 3 inch thin film hybrid (Figure 2), also contains the reference circuits
and a hybrid sample and hold.

In 1976 Tektronic Inc. developed a 4BQ (16 comparators).4 This circuit has sufficient
accuracy for use in a 20 Msps 8 bit subranging A/D converter (Figure 3). The 4 MSBs are
decided by the first 4BQ. The 4BQ output is stored in the 4 bit register that drives a 4 bit
A/D with a 8 bit resolution. The D/A sets the reference voltage for the comparators in the
second 4BQ, which then decides the four LSBs. The 8 bit result is then transferred to an
8 bit output register.

SUCCESSIVE APPROXIMATION QUANTIZERS

Although the 3 and 4 bit quantizers represent a significant advancement over previously
available circuits, they still require multiple circuits for higher resolution and a significant
amount of ancillary circuitry. The use of multiple monolithic circuits and hybrid fabrication
techniques lead to higher power and cost. To eliminate these objections, single chip
monolithic quantizers using a successive approximation algorithm were developed. This
algorithm combines excellent linearity and high dynamic range.

A block diagram of a 10 bit quantizer is shown in Figure 4. The quantizer consists of a
single comparator driven by a 10 bit D/A converter. The D/A is initially set to mid-scale
(MSB ON) and the D/A output compared to the analog input. The comparator decision is
stored in the D/A latch and, depending on the decision made by the comparator, the MSB
either remains on or is turned off. The next most significant D/A bit is then set and a new
decision made. This process continues until the least significant bit decision is made. At
this time the D/A latches contain the binary representation of the analog input. The binary
word is then transferred to the output latch and a new conversion started. Timing and
control signals are provided by the shift register. This quantizer requires a conversion
clock and a bit clock.



The first circuit introduced was a 10 bit 5 Msps device.5 This quantizer requires only a
sample and hold, reference circuit, and MSI timing logic to form a complete A/D
converter. A photograph of a packaged device is shown in Figure 5. This circuit is being
used in a 5 Msps 10 bit A/D converter for the APS 125 radar. The development of this
circuit was followed by two other devices.

These devices represented the limit of the LSI process since it produced devices with
an fT of only 1.5 GHz. A higher performance process with a self-alignment technique that
uses oxide wells for the alignment of several mask steps was used for subsequent
developments. This process features transistors with an fT of 5 GHz and achieves higher
speeds with less power.

In 1976 two higher speed circuits were developed using the oxide aligned process.
Both circuits incorporated an internal analog voltage reference that uses the bandgap
voltage of silicon to generate a precise temperature independent voltage.6 One circuit also
includes logic to generate a sample-and-hold strobe. Inclusion of the internal reference and
sample-and-hold strobe allows a complete A/D to be implemented with less additional
circuitry. An avionics A/D converter using the 8 bit 12 Msps device is shown in Figure 6.
This is a complete A/D including a hybrid sample and hold and all timing logic. This
converter provides a high sample rate with high reliability and excellent linearity
(0.1 percent of full scale).

The performance of some typical TRW successive approximation quantizers is
summarized in Table 2. A 10 bit 10 Msps circuit represents a practical limit for quantizers
using the successive approximation algorithm, because at this rate the D/A must settle to
10 bit accuracy and the comparator must make its decision in only 8 nsec. Even though
subranging quantizers are more complex, they have a distinct speed advantage.

3.   HIGH SPEED SAMPLE-AND-HOLD CIRCUITS

CURRENT TECHNOLOGY

The advancement of sample-and-hold technology has not been as rapid as that
experienced in quantizer developments. While monolithic quantizers were being
developed, the emphasis in high speed sample-and-hold technology has been with thin film
hybrid circuits. This is primarily because the excellent linearity bandwidths of up to
1 GHz, and small aperture times are much easier to achieve with the inherent flexibility of
a thin film hybrid. Although the use of hybrid technology represents a significant advance
from the discrete components formerly used, they still result in circuits that are complex
and costly.



HYBRID SAMPLE-AND-HOLD CIRCUITS

A typical high speed sample-and-hold hybrid circuit is shown in Figure 7. The hybrid
package size is 1.75 x 1.3 inches. The deposited conductors, thin film resistors, chip
transistors, and capacitors are constructed on a 25 mil alumina substrate. The power
dissipation is approximately 0.8 watt. This circuit was designed for applications requiring
10 bit accuracy at a 25 Msps rate and is usable with parallel quantizers up to 50 MHz
sample rates with no loss in performance (Table 3).

Figure 8 is a block diagram of the sample-and-hold circuit. When the SAMPLE signal
input commands the sample and hold to track the analog input, the bridge drive output
voltage turns on the hot-carrier diode bridge and connects the preamplifier output to the
hold capacitor. The sudden charging of the hold capacitor distrubs the preamp output, but
because of the low output impedance, this voltage transient does not disturb the analog
signal source driving the sample-and-hold input.

After this transient period is over, the bridge drive output voltage reverses, the bridge
switch opens, and the preamplifier is disconnected from the hold capacitor.

The postamplifier presents a high impedance to the hold capacitor and a low impedance
output. A field effect transistor with a very low input current prevents excessive droop of
the voltage at the hold capacitor. Excessive droop will cause quantizing errors during the
conversion time.

A sample and hold designed for use in the 400 Msps 5 bit parallel quantizer discussed
previously is shown in Figure 9. Because this circuit requires a wider bandwidth than the
50 Msps 10 bit application, the circuitry has been modified to achieve more bandwidth by
giving up linearity. Instead of the complementary emitter-followers in the previous circuit,
FET source followers and emitter-followers are used to obtain broadband performance at
the expense of linearity.

MONOLITHIC SAMPLE-AND-HOLD CIRCUITS

Development of a monolithic sample and hold is crucial to the development of a single
chip monolithic A/D converter. The key to this development is a monolithic circuit that
combines high frequency response with excellent linearity. The currently available
commercial monolithic sample-and-hold circuits achieve very good linearity by using
feedback amplifiers. However, these circuits have poor frequency response and MOS FET
switches which result in very poor sampling aperture times. These circuits are limited to
sample rates of 1 Msps.



For the past year TRW has been engaged in the development of a monolithic sample-
and-hold circuit. Several solutions for combining high speed and good linearity have been
investigated. At this time a high speed monolithic sample and hold is practical, and
development is continuing; the expected performance is shown in Table 4.

4.   FUTURE DEVELOPMENTS

4.1   LSI Technologies

Several technologies offer potential for future LSI high speed A/D converters. The four
most promising are silicon bipolar, gallium arsenide FETs, gallium arsenide TEDs, and
Josephson Junctions. Silicon bipolar has the most near term use because of its maturity;
however, gallium arsenide is being rapidly developed. Josephson Junctions are the least
mature but may ultimately have greater performance.

SILICON BIPOLAR TECHNOLOGY

Although advances in bipolar technology will not be as dramatic as in the past it has not
yet reached its full capability. Improvements in photolithography and the use of electron
beam lithography will result in transistors with a fT of 6 to 7 GHz and two to three times
lower intrinsic capacitances. With this performance an LSI A/D converter with a 500 Msps
8 bit capability should be achievable in five years.

Development of a monolithic sample-and-hold circuit will occur within the next two
years, leading to the development of single chip LSI A/D converters. It is probable that the
first single chip converter will be introduced by 1980.

GALLIUM ARSENIDE FETs TECHNOLOGY

Monolithic gallium arsenide field effect transistors are high speed medium accuracy
devices being used to fabricate experimental SSI and MSI logic circuits with speeds up to
1 GHz. The use of a semi-insulating substrate offers the advantage of circuit capacitances
of 10 to 100 times less than those achievable with silicon bipolar-technology. Since, in an
LSI circuit the speed is primarily limited by RC time constants, a gallium arsenide circuit
can achieve higher speeds with less power. Additional process development will be
required before LSI circuit developments move from the experimental to the production
stage. The areas requiring further development are planar transistors and electron beam
lighography.



The accuracy potential of gallium arsenide FETs does not appear to be as great as that
of bipolar transistors. The threshold variations currently experienced need to be improved
before converters with greater than 10 bits are practical.

Studies have shown that the application of gallium arsenide FET technology to A/D
converter developments will be highly advantageous. Converters with sample rates of up
to 2 GHz with 8 to 10 bit accuracy can be developed in the next three years. Projections of
the achievable A/D converter performance are shown in Table 5. Since the gallium
arsenide process has FETs and Schottky diodes available, the design of a monolithic
sample and hold is relatively simple. Therefore, it is logical to assume that the monolithic
A/D converters developed will include the sample and hold.

GALLIUM ARSENIDE TED TECHNOLOGY

Transferred electron devices (TEDs), also known as Gunn effect devices, are
microwave devices which exhibit negative resistance with a dc bias is applied between
cathode and anode such that their internal fields exceed a threshold level of about 3.15
kV/cm. If a Schottky barrier gate electrode is added near the cathode, the cathode-anode
bias can be set near but below the threshold level, and a negative dc voltage, pulse, or RF
signal can be applied to the gate to trigger the device into its negative resistance region.
When the TED is biased into the negative resistance region it oscillates at a frequency
determined by the gate to anode separation. If the input pulse is short (say less than one-
half the period of the output frequency) the TED will produce a single (amplified) output
pulse. If the input gate is split, the device can be made to function as an AND or OR gate,
producing an output signal when either gate input is a negative pulse (for the OR gate) or
when both gate inputs are negative pulses, depending on the cathode-anode bias.

The TED is basically a threshold device and with the proper selection of bias can be
used as a comparator in an A/D converter. A monolithic single bit cell is a useful building
block for higher accuracy converters. The expected performance of such a cell is given in
Table 6. Several of these cells can be connected in series to form a higher speed A/D
converter than GaAs FET A/Ds, but at lower accuracy and higher power.

JOSEPHSON JUNCTION TECHNOLOGY

Josephson Junction technology is furthest from maturity, has some very substantial
problems yet to be solved, but offers the lowest power delay products of any known
technology. Josephson Junction devices are expected to achieve switching times of 1.0
psec at a power of 10-8 watts for a power-delay product of 10-8 pj. Josephson Junction
devices are formed by weakly linked superconductors and exhibit extremely broadband 



(0 to 1000 GHz) negative resistance when cooled between 40K with the necessary
supporting electronics will prove very difficult.

A Josephson Junction has two modes of operation: 1) in the current mode, the junction
is a superconductor with zero junction voltage; 2) at higher junction currents, the device
becomes resistive, with a voltage discontinuity of about 2 mV at the threshold point. The
magnetic field near the junction affects the threshold current at which the device switches
from the current state to the voltage state. Electronic circuitry using Josephson Junctions
often uses this magnetic sensitivity to control the threshold of a junction with the magnetic
field generated by current flowing in another part of the circuit.

Josephson Junctions currently exhibit switching speeds of less than 50 psec and power
consumption of less than 10 µW per junction, resulting in a speed power product of less
than a femtojoule. State-of-the-art threshold current matching monolithic Josephson
Junction is about 10 percent, which implies that extensive development is required to
achieve A/D accuracies greater than 4 bits. IBM has developed a 62.5 Msps, 4 bit A/D
converter using Josephson Junctions, but the ultimate potential of the technology is
believed to be as high as 50 Gsps at 8 bits.

5.   TECHNOLOGY COMPARISON

A comparison of the ultimate performance of the technologies previously discussed is
given in Table 7. Gallium arsenide FETs offer the greatest potential for near term high
speed A/D converter developments, with TEDs and Josephson Junctions offering higher
sampling rates and lower power in later developments. The table also presents the current
state of the art in each A/D technology.

The 10 to 100 speed increases offered by gallium arsenide A/D converters are a
revolutionary step which will have a dramatic effect on the configurations of future EW,
radar, and communications systems. Sample rates of 10 GHz should result in very
important new performance capabilities for these systems, including greatly enhanced
radar resolution or increased communications capacity. Finally, the Josephson Junction
technology, while perhaps 10 years from application to real systems, offers a radical
advance in speed and reduced power. Successful future systems designs will almost
certainly incorporate one of these advanced technologies.
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Table 1.  Bipolar LSI Process Parameters

• TRANSISTORS:
fT = 3-5GHZ AT Ic = 2 MA
CCB = 0.14 pf AT 0 VOLT
CCB = 0.02 pf
$ = 100-200
$MATCH = 1 TO 2%

• RESISTORS:
CERMET THIN FILM 100 OHMS/SQ
PARASITIC CAPACITANCE<0.02-2Pf/MIL2

TEMPERATURE COEFFICIENT <100 PPM/EC
MATCHING = 0.1 TO 0.5%

• INTERCONNECT:
TWO-LEVEL METAL INTERCONNECT



Table 2.  Successive Approximation LSI Quantizers

SPEED
(MSPS)

ACCURACY
(BITS)

POWER
(WATTS)

  7
  5
  2
10
10
25

  8
10
12
  8
10
  8

2.3
2.8
1.7
0.9
2.8
0.4

Table 3.  50 Msps 10 Bit Sample-and-Hold Performance

SAMPLING RATE
ACQUISITION TIME
SETTLING TIME
POWER
SIZE
INPUT RANGE
APERTURE TIME
LINEARITY

50 MSPS AT 10 BITS
10 NSEC
8 NSEC
1.2 WATTS
1.75 X 1.3 INCHES
±1.24 VOLTS
>10 PSEC
0.02%

Table 4.  Monolithic Sample-and-Hold Performance

SAMPLING RATE
LINEARITY
ACQUISITION TIME
SETTLING TIME
APERTURE TIME
BANDWIDTH
POWER

100 MSPS AT 10 BITS
0.01%
4 NSEC
6 NSEC
5 PSEC
4 MHZ
0.7 WATT

Table 5.  Projected Performance of Gallium Arsenide FET A/D Converters

A/D CONVERTER TYPE SAMPLE RESOLUTION POWER CHIP SIZE

SUCCESSIVE APPROXIMATION
SUBRANGING (TWO STAGE)
PARALLEL

70 MSPS
200 MSPS
2 GSPS

10 BITS
10 BITS
8 BITS

70W
300 MW
1W

60 X 60 MIL
110 X 110 MIL
 200 X 200
MIL



Table 6.  TED Bit Cell Performance

SAMPLE RATE 
APERTURE TIME
POWER
CHIP SIZE

5 GSPS
<5 PSEC
300 MW
56 X 90 MILS

Table 7.  Comparison of Four A/D Solid-State Technologies



Figure 1.  Packaged 2BQ Circuit Figure 2.  400 Msps A/D Converter

Figure 3.  8 Bit Subranging A/D Converter

Figure 4 . Successive Approximation Quantizer Block Diagram



Figure 5.  10 Bit Monolithic Quantizer Figure 6 . 8 Bit Avionics A/D Converter

Figure 7.  50 Msps 10 Bit Hybrid Figu re 9.  400 Msps. 5 Bit Hybrid
Sample-and-Hold Sample-and-Hold

Figure 8.  Hybrid Sample-and-Hold Block Diagram
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ABSTRACT

This paper reviews the present status of a new type of acoustic wave device which has
many potential applications. These devices are called Shallow Bulk Acoustic Wave
(SBAW) devices because the signal propagates just below the surface of the piezoelectric
substrate. These waves can be efficiently generated and detected by interdigital transducer
and fabricated by techniques similar to those of surface acoustic wave (SAW) devices.
These planar devices have been configured into bandpass filters, delay lines, oscillators
and resonators. Because they utilize bulk waves rather than surface waves, SBAW devices
possess many advantages over SAW devices. They have a higher frequency of operation,
lower loss, better temperature stability, and, most likely, better aging characteristics. With
these advantages, SBAW devices promise to replace both bulk crystals and SAW devices
in many future communication systems.

INTRODUCTION

Acoustic wave devices such as bulk crystal devices and surface acoustic wave (SAW)
devices have been used extensively in modern communications systems. Recently, a new
type of acoustic wave device has been constructed. It utilizes bulk waves that are
generated and detected by interdigital transducers.(1-8) These bulk acoustic waves travel
close to the piezoelectric substrate and are called “Shallow Bulk Acoustic Waves”
(SBAW) or “Surface Skimming Bulk Waves” (SSBW).

This paper describes the operation of the Shallow Bulk Acoustic Wave (SBAW) devices
and discusses the many advantages of such devices. The present status of SBAW
development is reviewed, and the areas in which SBAW devices promise to have the most
impact are discussed.



OPERATION OF THE SBAW DEVICES

The basic operation of a SBAW device is quite similar to its SAW counterpart. A typical
SBAW delay line, for example, consists of input and output transducers fabricated on a
piezoelectric substrate. The configuration of a SBAW delay line is similar to that of a
SAW delay line and is schematically illustrated in Figure 1. A shallow bulk acoustic wave
is launched when an RF signal corresponding to the transducer periodicity is applied to the
input transducer. Unlike a surface wave, this bulk wave mode travels into the bulk of the
crystal. As the wave propagates from the transducer, the acoustic energy tends to spread
out. This is depicted in Figure 2. The acoustic radiation distribution inside the substrate is
strongest along the substrate surface. The output transducer thus converts the bulk acoustic
energy back to an electrical signal.

The successful operation of these planar devices is due to the efficient generation and
detection of the shallow bulk acoustic waves by interdigital transducers. A substrate which
is useful for SBAW device application must therefore satisfy the following two conditions.
First, the substrate must be able to support bulk acoustic waves which propagate along the
piezoelectric substrate surface without excessive attenuation. Second, such bulk acoustic
waves must be coupled to the transducer through the piezoelectric effect. The bulk wave
mode which satisfies the first condition is generally the horizontally polarized shear wave
with particle motion polarized parallel to the substrate surface.(4) Quartz, lithium niobate,
lithium tantalate, and berlinite are some of the piezoelectric substrate materials which have
been investigated for SBAW applications.

ADVANTAGES OF THE SBAW DEVICES

SBAW devices are small, lightweight devices which require no adjustment after their
fabrication. They retain the advantages that SAW devices have over the conventional bulk
wave devices. These include higher frequency of operation, lower spurious response,
better mechanical strength and easier fabrication using semiconductor thin film techniques.
Since the SBAW travels close to the substrate surface, it can be manipulated by electrodes
or gratings on the surface. Just as with SAW devices, the SBAW transducer can be
weighted to produce desired responses. These features greatly enhance the flexibility and
capability of these devices over conventional bulk devices.

SBAW devices possess several advantages over SAW devices. First, SBAW devices
generally operate at higher frequencies as compared to SAW devices given the same
transducer finger widths. This is because a horizontally polarized shear bulk wave
generally propagates with higher velocity than the surface wave and the frequency of
operation is directly proportional to the wave velocity. The SBAW velocity in various cuts 



of rotated Y-cut quartz crystals is shown in Figure 3. The SBAW velocity in AT-cut
quartz, for example, is about 1.6 times that of the SAW velocity in ST-cut quartz.

Second, the SBAW device has better temperature stability. The most temperature stable
substrate for a SAW device is ST-cut quartz. It has a temperature stability similar to that of
the BT-cut bulk crystal. A SBAW device on a certain rotated Y-cut quartz near the BT cut
has demonstrated temperature stability similar to that of the AT-bulk crystal.(4) The SBAW
exhibits both zero first and second order temperature coefficients of delay near room
temperature.

Third, the SBAW device has lower spurious response. In rotated Y-cut quartz, for
example, only the horizontally polarized shear bulk wave is coupled to the interdigital
transducer. The symmetry of the piezoelectric, dielectric and elastic constant of the
substrate is such that no surface wave nor the other two bulk modes is excited by the
interdigital transducer. As a result, the device response is free from spurious signals.
Figure 4 shows a SBAW device on ST-cut quartz. The spurious response in this device is
at least 55 dB below the main response.

Fourth, since shallow bulk acoustic waves travel deeper into the substrate when compared
to SAW’s, they should be less susceptible to surface imperfections and contaminations.
SBAW devices should possess superior long-term aging characteristics as compared to the
SAW devices.

A major consideration in implementing a design for a SRAW device is the separation
between transducers. Since the insertion loss of the SBAW device is proportional to the
transducer separation, transducers have to be placed relatively close to each other to insure
efficient energy transfer. This slight restriction can be completely eliminated by a suitable
energy trapping scheme.

PROGRESS IN SBAW DEVICES

Considerable theoretical and experimental work has been done since the first publication
of SBAW devices in early 1977.(1-9) Most of the work has been directed toward devices
fabricated on rotated Y-cut quartz, although some other substrates such as LiTa03 and
LiNb03 have also been considered. The generation, propagation and detection of SRAW
have been studied by using rigorous mathematical solutions of the boundary value
problem, as well as the antenna theory.(6) The antenna theory treats the interdigital
transducers as an endfire phased array antenna and provides insight into the operation of
the devices. Experimentally, various SBAW bandpass filters, oscillators and resonators
have been fabricated and tested. The substrates used for the SBAW devices include AT,
BT, ST, and other rotated Y-cut quartz SHAW devices on LiTa03.

(8)



The experimental investigations of the SBAW delay lines have confirmed the good
temperature stability of the SBAW devices and demonstrated that the various methods are
available to obtain the desired response. Apodization, finger withdrawal weighting, thinned
electrode, and split finger transducers for harmonic response have all yielded excellent
results. Some of the available techniques are illustrated in Figures 5-9. Figure 5 shows the
untuned response of a SBAW delay line with a 1.3% fractional bandwidth on AT-cut
quartz. Both of the two transducers are weighted with a sin x/x function in order to obtain
a square top response. One of the transducers is apodized (finger overlap weighting) with a
tilted sin x/x function. The other transducer is weighted by a sin x/x function through the
use of source withdrawal. Figure 6 shows the frequency response of a SBAW delay line on
ST-cut quartz which consisted of one apodized and one unapodized transducer. Both
transducers are of the thinned electrode design. Figures 7 and 8 show the fundamental and
second harmonic responses of a SBAW delay line using the split 3-finger configuration.
The second harmonic shows the same bandwidth as the fundamental, although some
change in shape is also noticeable.

In addition to interdigital transducers, metalized gratings, multistrip couplers and grooves
have been used to manipulate SBAW’s. A bandpass filter with multistrip coupler has been
fabricated on rotated Y-cut LiTa03. Its response is shown in Figure 9. One-port, two-port
resonators with either metalized gratings or grooves as acoustic wave reflectors have also
been constructed. A two-port resonator is shown in Figure 10, which indicates a 14 dB
loss and a Q of 1555.

Table 1 summarizes the various characteristics that have been achieved by various SBAW
delay lines. In the area of SBAW resonators, the reported Q of the device shows a modest
value of 2100.(9) This low value is attributed to the non-optimization of the device
configuration.

SYSTEMS APPLICATIONS

Modern communication systems always require devices to perform a large variety of signal
processing functions. SBAW devices will probably fill many of these requirements.
However, bandpass filtering and frequency control appear to be the most fundamental.

The bandpass filter characteristics of a SBAW device, like a SAW, device, can be tailored
to the systems requirement. Presently the SBAW bandpass filters have insertion losses
which are almost comparable to those of SAW devices. Their improved temperature
stability gives an advantage over SAW for narrowband application. If improved
temperature stability is not required, the present SAW bandpass filters have a slight
advantage over SBAW bandpass filters at low frequencies. On the other hand, at higher
frequencies (~ 1 GHz), SBAW devices have a definite advantage over SAW because of



their higher wave velocity. This higher wave velocity allows wider transducer finger width
to be used for a given frequency and is therefore advantageous from a manufacturing point
of view.

It should also be noted that SBAW devices are free of spurious response. Properly
developed SBAW devices can be used to produce bandpass filters with high ultimate out-
of-band rejection.

The greatest impact that SBAW technology will have on communication systems is on
frequency control. SBAW oscillators will provide improved performance because of their
improved temperature stability, higher operating frequency and excellent aging
characteristic.

CONCLUSION

SBAW technology is presently in the early stage of development. More research is
required before it can be utilized at its full potential. Even at this stage of development, it
is apparent that it will have a significant impact on communication systems for applications
which require better temperature stability or higher frequencies. SBAW oscillators are thus
ideally suited for systems applications.
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TABLE I.  DEMONSTRATED SAW CAPABILITIES.

Center Frequency 10 MHz to 2.3 GHz
Fractional Bandwidth 0.3% to 2%, 6.5% using LiTa03

Insertion Loss 13 dB
Sidelobe Suppression > 55 dB
Shape Factor 3 dB/40 dB 1.4
Temperature Coefficient of Delay 0 for 1st and 2nd order coefficient

Figure 1.  The SBAW Delay Line.



Figure 2.  Power Distribution of Shallow Bulk Acoustic Wave.

Figure 3.  Horizontally Polarized Shear Wave Velocity on Rotated Y-Cut Q



Figure 4.  Frequency Response of SBAW Delay Line Over a Wide Frequency Range
(8 = 0, µ = 35E42', 2 = 90E).

Figure 5.  Frequency Respunse of a SBAW Delay Line on AT-Cut Quartz



Figure 6.  Frequency Response of the SBAW Delay Line on ST-Cut Quartz.

Figure 7.  Fundamental Frequency Response of the SBAW Delay Line on AT-Cut
Quartz with Split 3-Finger Transducers.



Figure 8.  Second Harmonic Response of the SBAW Delay Line
with Split 3-Finger Transducers.

Figure 9.  Frequency Response of SBAW Filter with Multistrip
Coupler on 35E Rotated Y-Cut LiTa03.

Figure 10.  Two-Port SBAW Resonator Using Metalized Grating
Reflectors on ST-Quartz (Q = 1555). 
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INTRODUCTION

Any system which measures, transmits over a distance, receives, and processes signals can
be defined as a telemetry system. Video transmission systems, satellite communications
systems wideband data links, and TDM/FDM transmultiplexers all have one thing in
common: an increasing need for high-speed digital signal processing. This paper is
intended to serve as an introduction to the application of LSI to telemetric signal
processors.

Five items to be considered in the design of an efficient signal processing system are:

• Size
• Speed
• Power
• Reliability
• Cost.

Present LSI technology in microprocessors, memories, A/D and D/A converters have
helped telemetry systems attain higher speed with good reliability while maintaining lower
power and cost per function than conventional MSI designs.

A relatively new addition to the LSI group is a family of monolithic multipliers and
multiplier/accumulators for digital signal processing. The first units introduced can handle
two 8 bit operands to provide a 16 bit product. Now, units which perform 16 x 16
multiply-accumulation functions and 24 x 24 bit multiplications are available.

The introduction of LSI multipliers has changed the outlook on digital signal processing
dramatically. As there are frequently a large number of multiplications required in signal
processing and previous schemes generally took a lot of computer time, considerable effort
was spent on reducing the number of multiplications required for certain tasks. This
generally increases programming costs and system complexity. The designer is no longer



forced to spend a large portion of his time dealing with the limitations and complexities of
the hardware. The design task can now be dominated by its original intent:  namely, to
solve or describe the mathematical problem at hand.

A functional block diagram of a 16 x 16 bit multiplier is shown in Figure 1. This single
chip is capable of performing a complete 16 x 16 multiply in 100 ns, while consuming only
3 watts of power.

Figure 1.  Multiplier Block Diagram

The addition of a double precision adder to the multiplier enhances its performance. In
digital filter and spectrum analysis systems most multiplication cycles are followed by an
addition to the previous product. Figure 2 illustrates a 16 x 16 multiplier accumulator
which has this capability. It has a 35 bit accumulation register so that seven additions can
be performed without danger of overflow. A 16 x 16 multiply followed by an addition or
subtraction can be performed in 115 ns.

IMPLEMENTING DIGITAL FILTERS WITH LSI FUNCTIONS

The utilization of LSI functions can greatly simplify implementation of various types of
digital filters. A particularly useful filter for telemetry is the finite impulse response filter.
A standard finite impulse response filter can be used for general data filtering or predictive
coding. Predictive coding is especially important in applications where enormous amounts
of data are transmitted over a channel and channel capacity is limited. Picture and multi-
channel voice information are prime examples. In both examples the data received from
the source is generally full of redundancy; that is, the amount of information required to
reproduce the signal at the receiver with good integrity is significantly less than the source
produces. Digital filters are used to decorrelate or remove this redundancy from the source, 



Figure 2.  Multiplier/Accumulator Block Diagram

thereby enabling the transmission of a stripped down or low entropy version of the signal.
Thus, a lower information rate (i.e., bits per second) is required to the channel.
Equivalently less channel and system bandwidth is necessary. A typical digitized image
may be quantized to 6 bits per picture element (pixel), but the proper predictive algorithms
may successfully reduce this number to between 1 and 2 bits per pixel prior to
transmission.

A one-dimensional Nth order predictive mechanization is illustrated in Figure 3.

The predicted value of xn is based on past values of x (i.e., xn-1, xn-2 ...). If the prediction is
good the difference xn - Dn will be smaller in magnitude than xn in general, and less
information is transmitted. The statistics of the source determine the coefficients of
prediction, ao through an-1. For an Nth order predictor N multiplications and N + 1
additions are necessary.



Figure 3.  Nth Order Predictive Mechanization

The architecture in Figure 4 gives a clear indication of the ease in which even the most
complicated finite impulse response filters can be implemented using LSI. The main data
memory may contain a complete image worth of data before batch computation starts, or it
may be dynamic in that filtering could be a real time rather than a batch operation. All
computations are done right in the multiplier/accumulator. Controlling the process may be
accomplished with presently available bit slice microprocessor elements.

Figure 4.  FIR Filter Architecture



When the filtering requirement stems from frequency spectra criteria and flexibility
provided by finite impulse response configurations is still preferable, the signal architecture
shown in Figure 5 is indicated.

Figure 5.  FIR Signal Architecture

F1(z) through Fn(z) are second-order filters whose natural frequencies correspond directly
to the individual spectra of the required frequency response. These filters can be adjusted
independently making frequency response modifications relatively easy.

A DSP arithmetic unit architecture which provides speedy computation for all digital filter
configurations including the FIR mechanization of Figure 5 is given in Figure 6. A small
scratch memory with an adder has been included in the architecture so that a number of
filter outputs can be combined without tying up the multiplier. Various pipelined data
transfers may be set up in the computations via the second data bus. These additions
usually result in a significant savings in program execution time and provide great filter
structure flexibility.

Future LSI developments in the areas of arithmetic and control will have great impact on
filter architecture design. Devices may include complete micro-program controllers for
digital filters, and scratch pad memories with accumulation capability. The design of the
machine itself will most likely become a trivial task so the designer can efficiently expend
his time and energy on the complexities of the filter itself.

LSI FFTs FOR SPECTRUM ANALYSIS

The constant need for spectrum analysis and data reduction in the communications field
has spawned the development of a number of fast transform algorithms. Probably the most
popular of these is the FFT. Present LSI technology has allowed the implementation of a
complete dedicated FFT processor which is small, inexpensive, and easy for use. Previous 



Figure 6.  DSP Arithmetic Unit Architecture

implementations required complex programming of large, fast and expensive general
computers.

A block diagram for one commercially available FFT processor is shown in Figure 7. The
basic decimation algorithm performed requires a sequence of two-point Discrete Fourier
Transform (DFT) computations. The arithmetic involves many complex multiplications and
additions. The basic two-point butterfly shown in Figure 8 is implemented with two 16 x
16 multipliers, three 16 x 16 adders, and seven local storage registers performing a 128
point FFT in 250 µs.



Figure 7. FFT Processor Block Diagram

Figure 8.  FFT Butterfly Arithmetic Unit



AVAILABLE FUNCTIONS

A sample of the LSI marketplace is presented. These examples will serve to indicate
typical applications and performance characteristics of LSI circuits.

MULTIPLIERS: These devices are high-speed elements useful in FFT, digital filter,
and general purpose multiplier applications.

INPUT WORD SIZE 8 12 16 24

OUTPUT
PRODUCT SIZE

16 24 32 48

MPY TIME (NS) 70 80 100 200

POWER (WATTS) 1.0 2.0 3.0 3.5

MULTIPLIER-ACCUMULATORS: These devices can be directly utilized as central
building blocks for digital filters, FFTs, complex
multipliers, and transmultiplexing elements.

INPUT WORD SIZE 8 12 16

OUTPUT
PRODUCT SIZE

19 27 35

SPEED (NS) 70 90 115

POWER (WATTS) 1.2 2.5 3.5

A/D and D/A CONVERTERS: These units fulfill the requirements of video data
conversion and high-speed data acquisition systems.

A/D D/A

WORD SIZE 6 8 8 8 10 8 10

CONV TIME (NS) 35 35 400 1000 1000 35 50

POWER (WATTS) 0.75 2.0 0.4 0.4 0.6 0.8 0.8



SHIFT REGISTERS: LSI shift registers are useful in high-speed data acquisition
systems as first in first out data buffers and digital delay lines.
They are of particular interest because of their high speed.

WORD SIZE 2 X 64 1 X 256

CLK SPEED (MHz) 40 40

POWER (WATTS) 0.35 0.45

CORRELATORS: Digital correlators are used in many telemetry systems for key word
recognition, transmission error correction coding, and pulse
compression.

WORD SIZE 64

CORR. SPEED (MHz) 15

POWER (WATTS) 0.20

FUTURE TRENDS

Thus far, we have discussed the general characteristics of LSI and their increasing
importance to the field of telemetry. We have shown examples of LST implementation in a
basic digital filter and a dedicated FFT, and a sample of existing LSI functions in today’s
marketplace. What about the future? Since many telemetry systems are long-range design
tasks, an aware designer of such a system should have a knowledge of what to expect from
the LSI marketplace in the next few years.

The missing link in FFT implementation is the controller. It is a complex network of
adders, counters, comparators and registers, and is a prime candidate for monolithic LSI.
Complete FFT configurations will consist of memory, one or two multiplier/accumulators,
and a single chip FFT controller. Preliminary estimates indicate that the controller would
enable implementation of a 3 msec 1024 point FFT on a 3 x 5 card. Other candidates for
LSI implementation may include an exponent handler which in combination with a
multiplier would result in two chip floating point multiplier, a high speed sine/cosine
lookup table, higher speed and density memory chips, and complete digital filter
controllers.



CONCLUSION

The information presented herein was intended to give the reader an overview of the role
of LSI in telemetric digital signal processors. The advantages, some basic implementation
schemes, the functions presently available, and future trends have been presented. As the
demand for increased data rates, smaller components, less power, and lower costs
continues to grow in the telemetering systems, monolithic large-scale integrated circuits
will be there to help meet those demands.
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INTRODUCTION

The title of this paper was selected to indicate that large scale integration (LSI) of analog
(linear), digital and combined monolithic analog and digital (A & D) circuits for
telecommunication systems is progressing at an exponential rate. As is the case with
exponential functions, near term (i.e., when t is small) increases are rather modest, but,
once started, the function grows rapidly. This is the case of A & D LSI:  it is just starting
to take hold, and impressive gains are expected in the future. The purpose of this paper is
to explore, from the system point of view, some of the recent technology developments
that have taken place and that are expected to impact the design of future telemetry,
communication and sensor equipment.

SECTION I:   THE ROAD TO LSI

Digital LSI has been well established and improvements are announced almost monthly.
Analog LSI, on the other hand, has not achieved the same degree of development, but is
receiving considerable industry and government attention. Digital LSI has achieved
densities of about 30,000 transistors, on a 200 by 200 mil silicon die. Analog LSI has not
even been defined. For this presentation it is assumed it is a complex function on a die of
about 9,000 square mils or larger.

The development of digital LSI started some 15 years ago, with commercial and military
applications taking place mostly during the last five years. Many of the activities, decisions
and conditions that took place during the development of digital LSI will no doubt
influence the development of A & D LSI; some of these are described in this section.

The greatest impetus for the development of digital LSI was the existing well-established
capability for producing medium scale integrated (MSI) circuits, and the expectation of a
large volume market. A less appreciated condition also existed:  the technical and
functional requirements were well understood and as a result fewer people were involved
in information gathering, coordination and decision making. The ultimate measure of
success for circuit manufacturers was the delivery of a product that satisfied existing



needs. LSI memories, microprocessors, and interface circuits benefited from the
convergence of an established production capability, a large market place and well defined
functional needs. As a result, their development has been impressive and rapid. To some
degree, similar conditions exist for the development of A & D LSI.

During the past few years, a respectable number of analog LSI and MSI devices have been
produced (1). These include phase lock loops, modulators, operational amplifiers, phase
shifters, phase detectors, analog to digital converters, voltage controlled oscillators,
comparators, multipliers, voltage regulators, correlators and function generators. The
development of such general purpose devices was facilitated because the functions were
well defined and had a large application base. In many systems, these basic building
blocks have been combined in hybrid packages to effectively form major subsystem
functions. They, in effect, provide guidance in partitioning for LSI implementation. In
some special purpose space systems, the hybrids have been the basic building blocks out
of which special purpose LSI circuits evolved.

General purpose monolithic A & D LSI technology has been inhibited by power-speed
constraints, lack of functional definition, limited market base, and the need to combine
linear/digital and bipolar/unipolar technologies. The impact of each of these constraints is
being minimized. Processing changes and combined bipolar and MOS (BIFET) technology
is reducing power. Existing hybridized systems and well defined subsystems for the large
radio, TV, and telephone markets are providing functional definition requirements and the
incentive to pursue development. The commercial and military space markets, where
speed, power, reliability, and weight are of major importance, exert major forces in the
development of A & D LSI. Enough linear and digital circuits, such as analog to digital
converters and microprocessors with linear circuits, are already on the market to indicate
that the problems of combined analog-digital processing are being solved.

The development of digital LSI required trade-offs and evaluations in terms of power, pin-
count, producibility, speed, and reliability. For specialized applications, these activities
continue to be of importance.

Figure 1 shows a block diagram of a typical communication system (2). The overall system
consists of both analog and digital circuits over a frequency range of GHz down to Hz.
The emphasis up to now has been to develop the circuits required to implement individual
functions. The approach to LSI development has been to examine the functions that need
to be improved, and then to define the specific circuits to be fabricated. The complexity
specified is, of course, influenced by industry’s capability to produce the devices with an
acceptable yield. Major requirements in the development of LSI, especially for space
applications, have been higher speed, lower power and weight, and increased reliability.



Silicon bipolar and CMOS technologies have been the mainstay of A & D LSL For higher
speed application (MHz and GHz frequency range), GaAs is achieving considerable
application, Bubble memories, surface acoustic waves and charge transfer devices are
other technologies finding increased application.

SECTION II:   RECENT DEVELOPMENTS

This section discusses some recently developed circuits that fall under the category of A &
D MSI/LSI circuits. The purpose is to point out some of the more significant LSI available
to designers, and also to indicate industry’s capability to produce complex and unique
circuitry.

Intel recently announced an 8 bit NMOS microcomputer (the 8022) incorporating an 8 bit
A/D converter (Figure 2). In addition to a digital interface that can digitize up to two
analog signals, this device operates on an internal clock and has basic instruction execution
time of 10 microseconds. Eight and 16 bit microprocessors are also available. The Intel
8086, 16 bit n-Acroprocessor is shown in Figure 3.

Another A & D MSI device is the Motorola MC 3418 Continuously Variable Slope Delta
Modulator/Demodulator. This device receives analog voice signals and generates a pulse
width modulated digital train for transmission. It receives a similar digital serial pulse train
and generates the analog equivalent.

The telephone industry has identified a need for converting voice analog signals for digital
transmission. Non-linear analog to digital to analog converters, such as the Signetics ST-
100, referred to as “Codecs” (for coders/decoders) have been developed. These devices
receive a voltage in the ± 3 volt range and generate 8 bit digital words according to
standards established by the telephone industry. They also receive 8 bit digital words and
provide the corresponding analog voltage.

Sprague recently announced an “integrated motion detector” the ULN-2232A. This device
detects light, and when the light level changes ± 5% it generates four second alarm signals
to drive flashing lights or generate musical sounds. It contains linear and I2L digital circuits
in the form of voltage regulator, amplifiers, photodiode, counter, timer, oscillator, D to A
converter, and output drivers. The die size is 116 by 75 mils, and it was developed
primarily for the toy market! What technology breakthroughs were needed to produce this
device ? The answer is that only refinements of existing processing capability were used,
and the business decision was made that a large market existed for the circuit.

Sprague has also developed monolithic linear circuits (ULN 2204A and ULN 2242A) that
provide complete AM/FM receiver functions. These circuits are significant because many



different analog functions are incorporated in a single chip; these include an analog
multiplier for the mixer function, IF amplifiers, AM detector, FM detector, and power
amplifier.

Multiplication of two signals is one of the basic signal processing functions. When two
sinusoidal signals are multiplied, the result consists of sum and difference frequency
signals. One means of combining (modulating) or separating (detecting) complex signals is
to provide the appropriate multiplication and filtering. Analog multipliers have been on the
market for several years. A typical multiplier is the XR-2208, a four quadrant multiplier
with an output buffer amplifier and an operational amplifier.

Analog multipliers depend on transconductance parameters which are subject to
temperature variation and the use of matched transistors. Further, high power is required
since the active devices must operate in the active region. Digital multipliers eliminate
most of these problems. Eight and 16 bit multipliers are available that operate at about 107

multiplications per second.

Other basic telecommunication signal processing functions include signal delay and
filtering. Charge coupled devices (CCDs), such as the Reticon 512 stage “quad chirped
transversal filter/R5601” (4) and surface acoustic wave (SAW) devices have been
developed that provide improved functional performance with appreciable reduction in
power and weight over discrete implementations. SAW’s devices are delay lines, used for
IF filtering. They consist of a piezoelectric quartz or lithium niobate crystal substrate over
which interdigitated electrodes are deposited to generate a surface acoustic wave and to
sense the piezoelectrically induced voltage (5).

Power supply systems have been a major component of telemetry and other electronic
equipment. Within the last two years complex integrated circuits have been produced that
simplify considerably the design of switching power supplies and have resulted in reduced
power, volume, complexity, cost and design/test time and have improved reliability.
Typical of these devices is the Silicon General SG 1524. This is a 16 pin device that on a
single chip generates a chopping pulse, pulse width modulates the chopped pulse by
sensing the level of the output regulated voltage and provides current limiting and
shutdown control capability.

Correlation of analog and digital signals is another common operation in signal processing.
TRW produces a 64 bit digital correlator (TDC 1004J) with a 15 MHz correlator speed.
This device correlates two 64 bit signals and generates a current that is proportional to the
correlation function.



Analog to digital and digital to analog conversion are other functions widely used in the
communication industry. This has resulted in several devices, typical of which is the
National 8 bit CMOS A/D converter. This converter has an internal 16 channel multiplier
which selects one out of 16 analog signals for conversion into an 8 bit digital output. The
converter utilizes a successive approximation algorithm. Fast converters (up to 100 x 106

samples per second) using voltage comparators have also been available. To minimize
circuitry, these converters are usually resolution limited to 6 bits or less.

Other LSI circuits that are well-known are the 4K to 64K bit (Figure 4) MOS RAM
memories, the 105 to 106 bit bubble memories, and the interface circuits in the form of
universal synchronous and asynchronous receivers/transmitters (USARTs) and the MIL-
Standard 1553 and IEEE interface controllers.

CONCLUSION

Analog and digital LSI have made appreciable inroads in the design and implementation of
communication systems. LSI/MSI circuits that have found considerable application have
been microprocessors, memories, A/D converters, delay lines, filters, interface circuits,
multipliers, op-amps, phase shifters-detectors, and correlators. The use of these devices
has resulted in considerable reduction in power, weight and volume, increased reliability
and provided improved functional performance.

The full benefits of LSI can be realized when a larger portion of the system can be reduced
to LSI circuitry. This will require that systems designers generate a clear definition of the
requirements. The requirements will provide the direction that industry needs to proceed to
develop and produce the required circuits. Since the newer LSI circuits will be for
specialized and customized applications, the combined efforts of system and circuit
designers will be of greater importance. The specialized circuits will not have the
advantage of a large volume market, but the semiconductor industry has demonstrated the
capability of producing cost effective specialized LSI.
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Fig. 2: The INTEL 8022 Microcomputer consists of an A to D converter 2K bytes
of ROM, 64 bytes of RAM, 8 bit CPU, clock and oscillator and 26 digital
I/O lines. Die size is 200 x 225 mils. (Photo courtesy Intel Corporation)



Fig.3: The INTEL 8086, 16 bit NMOS microprocessor on a 225 x 225 mil silicon
die contains 29,000 transistors. It executes over 200 instructions, including
multiply and divide. (Photo courtesy Intel Corporation)



Fig. 4: The MK4116 (P)-2 is a 16,384 x 1 bit dynamic RAM on a 105 x 205 mil die.
It has a cycle time of 320 nanoseconds and consumes 462 mw. (Photo
courtesy MOSTEK Corporation)
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ABSTRACT

The performance of two coded communication systems is compared. The first one is
obtained when the system modulation is coherent PSK. The second system results when
the modulation is noncoherent FSK. The coding parameter adopted to evaluate the system
performance is the cut-off rate. A second parameter called coded throughput is derived
from the cut-off rate and utilized to effectively compare the performance of the two coded
systems under consideration.

INTRODUCTION

In the recent past, the analysis of coded communication systems has been shifting from the
traditional approach which assumed a Discrete Memoryless Channel (DMC) was available
for coding and did not consider how the DMC was created towards that of finding the best
DMC suitable for coding. Wozencraft and Jacobs [1], Wozencraft and Kennedy [2] and
more recently Massey [3] have taken the broader view that when using coding the
modulation/demodulation system design should be based on a “cut-off rate” RO criterion,
instead of the usual “symbol error probability” criterion. The RO criterion recognizes that
the real goal of the modulation system is to create the best DMC as seen by the coding
system. This RO parameter depends only on the DMC and is independent of specific
codes. It gives a region of rates where it is possible to operate with arbitrarily small
probability of error. Moreover, this rate also is the “Rcomp” of sequential decoding [1], i.e.,
the rate above which the average number of decoding steps per decoded digit becomes
infinite. In practice sequential decoders can comfortably operate at rates R near RO.

On the other hand modern digital communication systems suffer from a minimum spectrum
availability. This is also aggravated by the fact that present communication needs require
that these systems operate at the highest possible data rate. Various modulation schemes



* Phase Shift Keying and Frequency Shift Keying.

** In what follows we interchange the words decoder and receiver.

*** This is equivalent to combing the effects of the transmit and receive filters.

have been recently proposed [4] to achieve high spectral and power efficiency. Classical
modulation techniques such as *PSK and FSK have been also studied when utilized to
transmit information over bandwidth and power limited channels [6,7,8,10]. The advantage
of these latter modulation techniques is that the receiver technology is well developed and
understood.

In this paper, we have chosen to compare PSK and FSK modulated systems from a coding
point of view. The parameter we have adopted to make these comparisons is the cut-off
rate which results when the decoder** has been designed to use channel measurement
information (soft decision). By channel measurement information we mean that the
decoder associates a two dimensional or M dimensional real number vector with each code
symbol of the transmitted code word depending on whether the modulation is MPSK or
MFSK respectively. We compare here the capability of these systems to operate under a
more stringent bandwidth environment than that traditionally required by each one of them.
The effect of these reduced bandwidth availability is to create intersymbol interference
(ISI) [5] when the modulation is PSK or ISI plus unwanted signal correlation when the
modulation is FSK. However for this latter system, we assume the channel bandwidth is
such that the effect of any ISI can be ignored in the analysis of the system performance.

In Section II, we present a brief derivation of the corresponding expressions for the cut-off
rate RO for each one of the proposed modulation schemes. In Section III we define “coded
throughput” based on the cut-off rate parameter and effectively compare the performance
of these two systems. Some conclusions and examples are also presented in this section.

THE CUT-OFF RATE

An expression for the cut-off rate will be derived in this section for each one of the
modulation schemes under consideration. In both cases we assume that the signal, while in
the transmission medium is adulterated by additive white Gaussian noise (AWGN) of
double sided noise spectral density F2 = NO/2.

PSK

The system model we have adopted for our analysis is as shown in Figure 1. The filter is
assumed to be part of the transmitter*** and responsible for the creation of intersymbol
interference. We also assume that the 3 dB (double-sided) bandwidth of this filter
determines the available channel bandwidth. When there is ISI present, we assume that the



* Not shown in the model of Figure 1.

channel is converted into a memoryless one by* interleaving the encoder output and
deinterleaving the decoder input. This allows us to utilize in our model a standard decoder
designed for an ideal memoryless AWGN channel.

For simplicity of notation, we let the code alphabet be M of size M where M is also the
modulation alphabet size. The decoder input is assumed to be unquantized and taken to be
the pair of quadrature samples                        . This is equivalent to letting the decoder
input alphabet be      = [0,2B) for           be given by

(1)

Since the decoder has been designed for a memoryless channel, it assumes that the channel
statistics are given by

(2)

where

(3)
is a transmitted codeword of dimension N,

(4)

(5)

is the received 2N dimensional vector

(6)

is the decoder input each T seconds where T is the symbol duration time and

(7)
for                                                 , where

(8a)

(8b)



* E denotes the expectation operator.

are the baseband inphase and quadrature components of the transmitted signal when there
is no channel ISI. We let the actual channel statistics be                    where due to
interleaving and deinterleaving we have

(9)

It is possible then to write

(10)

where

(11)

is a sequence of code output symbols

(12)
is the constraint length of the ISI and                                            is the actual baseband
equivalent transmitted signal which includes the effect of the ISI. It is possible to show that
[7] the soft decision cutoff rate is given by*

(13)

After some algebraic manipulation we arrive at the following expression for the cut-off rate

(14)

where D2 is the channel signal to noise ratio.

When L, the constraint length of the ISI is moderately high, even for small values of M, it
becomes computationally prohibitive to evaluate the expectation in (14) via a straight
averaging. Various methods have been studied to efficiently compute this expectation. The
most powerful of all these methods is based on the theory of moments and a two
dimensional Krein moment approximation technique [8]. Finally, it is easy show that it is
always possible to find a 8=8*>0 which will maximize the epxression within the curly
brackets in (14).



* When ) is equal to 1 we have the special case of orthogonal signaling.

If we now define

(15)

then we can write [7]

(16)

This last relationship is of a universal character and the cut-off rate RO can be interpreted
to be that of a sum channel [9] where each channel in the sum is equally probable and with
a corresponding channel transition p.d.f. given by                          .

FSK

The system model we have adopted for the second portion of our analysis is shown in
Figure 2. In this model we have ignored any filtering suffered by the signal at the
transmitter for, as we have mentioned in the previous section, we are assuming the channel
bandwidth is such that any filtering effect on the transmitted signal can be ignored in the
following analysis. When we compare the two systems under consideration in the next
section we shall assume, however, that in both systems the channel bandwidth is
determined by the transmit filter.

The decoder input each symbol time is assumed to be unquantized and taken to be the
vector r = (rO,r1, . ..,rM-1). We let the code alphabet be                                        when the
modulation is M-ary FSK and such that

(17)

where ) is a constant*. We represent now a codeword as

(18)

and being the channel memoryless, it is possible to show [10] that the soft decision cut-off
rate can be bounded as

(19)



* When there is ISI present in the channel, P is the transmit filter average output power.

It is also shown in [10] that

(20)

where

(21)

Replacing now (20) in (19) we have

(22)

The bound on (21) reduces to a strict equality whenever M=2 and/or Dik =0, the latter
corresponding to the case of orthogonal signaling.

EXAMPLES AND CONCLUSIONS

The expressions for the cut-off rate in (13) and (22) have been programmed and examples
of these computations follow below. In Figure 3 we have plotted the cut-off rate versus the
channel signal to noise ratio defined in both systems as

SNR = PT/NO

where P is the transmitter output power*. In order to obtain the curves in this figure, we
have assumed there is no degradation due to ISI in the case of PSK transmission and
utilized orthogonal signaling when the modulation is FSK. We notice from this figure that
under this condition, FSK compares well to PSK. However, in order to effectively
compare the performance of the two systems under consideration it becomes necessary to
introduce into the comparison channel the bandwidth or better still the channel bandwidth
time product (BT). We can do this if instead of comparing these systems based on the cut-
off rate parameter, we compare them on a coded throughput [6] basis, where coded
throughput is defined as

Coded Throughput   ) RO/BT (23)

This leads us to Figure 4 and Figure 5. In these figures, we have plotted for two different
SNR levels the normalized cut-off rate (coded throughput) versus the channel BT product



as determined by the transmit filter 3 dB bandwidth. In both systems, we have assumed
that this filter is a three pole Butterworth filter. Furthermore, when the modulation is FSK
we have set the channel bandwidth be

BFSK = (M-1))/T + 1/T (24)

This channel bandwidth is wide enough so that we can neglect any ISI degradation. This
choice of channel bandwidth is the reason for the FSK modulated system to look so
inferior to the PSK modulated one when compared on a coded throughput basis. Notice
also that would we have allowed for the presence of ISI in the FSK modulated channel, the
corresponding cut-off rate could have gone to zero for a value of BT lower than one,
which according to our model, (17) and (24), corresponds to the case where all code
symbols are identical. We have not analyzed however this latter case.
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FIGURE 1.  SYSTEM MODEL - PSK MODULATION.

FIGURE 2.  SYSTEM MODEL- BFSK MODULATION.



FIGURE 3.  COMPARISON BETWEEN PSK AND FSK FOR A
BANDWIDTH UNLIMITED CHANNEL.

FIGURE 4.  CODED THROUGHPUT VS BT PRODUCT - COMPARISON
BETWEEN PSK AND FSK SYSTEMS.



FIGURE 5.  CODED THROUGHPUT VS BT PRODUCT - COMPARISON
BETWEEN PSK AND FSK SYSTEMS
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SUMMARY

An overview of recent applications of source coding theory and techniques to Linear
Predictive Coded Coded speech compression systems is presented. Several distortion
measures proposed for use in speech compression systems are described and compared.
These distortion measures are then combined with an algorithm for computing “optimum”
(minimum distortion) vector quantizers to obtain optimum quantizers for reflection
coefficient vectors in Linear Predictive Coded speech systems. The quality of the system is
evaluated via the speech distortion measures and listening to demonstration tapes. Some
implications for speech compression theory and practice are discussed.

I.   INTRODUCTION

This paper is a brief tutorial survey of preliminary results of a cooperative effort between
the Information Systems Laboratory at Stanford University and Signal Technology Inc. of
Santa Barbara to use techniques from source coding to evaluate and improve existing
speech compression techniques and to suggest new systems. This research has involved all
of the listed authors, but editorial responsibility for this survey lies with the first author.
This paper simply describes the basic approach and some of the experimental results.
More detailed discussions of the various topics may be found in (1-5).

II.   SPEECH COMPRESSION

A general speech compression system can be visualized as in Fig. 1 as an input speaker, an
encoder that maps the continuous speech into R binary digits per second, a noiseless
binary channel, and a decoder that converts the binary digits back into continuous sounds
that hopefully sound like the original.



Figure 1

Speech compression is required for digital communication and storage of speech, renders
speech more amenable to secure communication (encryption), and has been suggested as
one part of various aids for the handicapped (e.g., a talking OPTICON).

Speech compression systems have a wide range of complexity and bit rates required for
tolerable fidelity. Perhaps the most important and powerful technique for low rate (1 Kbps-
4 Kbps) speech compression is the Linear Predictive Coded (LPC) approach (see, e.g., (6)
and the references therein). Lower rate systems such as formant vocoders exist, but these
are neither fully automatic nor real-time systems.

To describe an LPC compression system from an information theory point of view we
need the concept of a composite source and a two-step data compression system. A
composite or switched source (7) consists of a (possibly continuous) family of subsources
µ", " , 7 where 7 is some index set and each µ" stands for the complete probabilistic
description of a stationary ergodic source, and a “switch” random process {St} where St

takes values in 7. The composite source depicted in Fig. 2 outputs the current values of µ"

when St = ", that is, it “switches” in a random manner among the various subsources and
outputs the currently observed sample function. Thus the output process is given by

                      , where            Is the output of µ" at the time t.

Figure 2



To model speech as a composite source, simply consider the µ", as corresponding to
various sounds, that is, to the “locally stationary” speech modes such as “Ç” and “shh.” An
LPC system has the implicit philosophy that it is not the actual waveform Yt that must be
reproduced, but rather the subsource being observed--or, equivalently, the switch position.
In other words, many waveforms sound like “shh,” but they are all “typical” of a single
random process (white noise in the case of “shh”). It is the waveform, however, that is
actually observed by the encoder. An LPC compression system therefore operates in two
steps: First it views a “frame” of the speech waveform, typically 10-20 ms, and guesses
what the underlying source is. This is a “system identification” step and will be described
in more detail later. The output of this step is a finite dimensional vector that describes the
estimated µ" (or "). In most systems this consists of a set of 10-12 reflection coefficients a
gain, and a pitch. We here focus on the reflection coefficients. In the second step this
vector is converted into binary digits via “source coding” or “quantization.”

Note that in the first step no genuine compression occurs since even one real number is
mathematically as complicated as the original waveform (and takes an infinite number of
binary digits to specify exactly). On the other hand, the vast majority of research on LPC
systems has focused on the first step, relying on the simplest possible techniques for the
actual compression such as separate uniform quantization for each scalar parameter. There
were several reasons for this: (1) Uniform quantization is simple and does not require a
precise probability density; (2) There were no techniques to design “optimum” vector
quantizers, (even if there had been, such techniques require accurate joint probability
densities, which are still not well-known for speech); and (3) It was felt that a good job in
the first step would produce nearly “independent” parameters within the vector, and hence
such simple-symbol quantization techniques should be nearly “optimal.” Reasons (1) and
(2) are clearly valid. We shall argue, however, that (3) is erroneous from both a theoretical
and experimental point of view. We here point out that even if the parameters could be
made independent (say using a Karhunen-Loeve transform -- which requires a known
Gaussian density) or were already independent, block quantization can always provide an
improvement over uniform quantization (7). At issue is only the degree of achieveable
improvement and whether or not it is worth the effort.

In order to compare the quality of various compression systems and to categorize possible
improvement, a fidelity criterion or distortion measure is required. That is, we need to
assign “distortion” or “cost” to reproducing a particular sound (or subsource) by a
particular reproduction. Such a distortion measure should ideally be computable (so that it
can be tested on real systems), tractable (so that meaningful analysis and theory can be
performed), and subjectively meaningful, that is, small (large) distortion should mean good
(bad) subjective quality. This last aspect presents a significant problem since the results of
subjective tests comparing, say, a sound with a corrupted version obtained by adding
noise, may not be meaningful when using the distortion measure to evaluate data



compression systems (where the corruption occurs in a different and deterministic way).
One of the side benefits of the research described here is a relevant subjective test. For
each distortion measure we design a rate R compression systems that is “optimum” in the
sense of minimizing the average distortion. We then listen to the reproduced speech of
each system and choose the best one. The distortion measure used by the system is then
“subjectively best” for the particular application desired.

Several candidate distortion measures have been proposed for speech. In the next section
we describe those that have proved most useful for our work.

III.   SPECTRAL DISTORTION MEASURES

Because of the composite model for speech sources, a distortion measure on speech can be
viewed as a distortion measure on random processes. Such distortion measures are quite
unlike the waveform distortion measures (such as mean-squared error) considered in most
of the communications and information theory literature. Several such measures have been
proposed (8-12) and all depend on the processes only through their power spectral density
and hence are called spectral distortion measures. We next introduce some required
preliminaries.

For a stationary process µ with outputs                         (we consider discrete-time for

simplicity, this corresponds to sampled speech and should result in no distortion if the
sampling rate exceeds the Nyquist rate of about 8kHz) define the autocorrelation r(n) = E
XkXk-n (E denotes expectation) and the power spectral density f(2) = Gnr(n)e-n2, 2 , [-B,B]. 
We assume that E Xn = 0 for all processes considered. A source is said to be white if r(n)
= r(0)*n, all n, or f(2) = r(0), all 2. Define the gain         of a source µ with spectrum f by

The gain (or one-step prediction error) is a common and useful normalization. One
interpretation of the gain is the following: Subject to certain conditions, a source µ with
spectrum f has a second-order autoregressive model of the form of Fig. 3:

Figure 3



The autoregressive (or all-pole) filter 1/A(2) has the normalized leading term a0 = 1 by
“factoring out” the gain. We refer to f+(2) = Ff/A(2) as a spectral factor of f.

Say we have two processes with spectra f and g. Let **h**p denote the Lp norm

Consider the following distortion measures:

1) Itakura-Saito Distortion (13): dIS(f,g) = **f/g-1-Rn(f/g)**1

2) Itakura Distortion (14):                                                   , where rf/g is the
autocorrelation of the process obtained by passing f through a filter with transfer
function 1/g+, i.e.,

3) Casal Model Distortion (5): dCM(f,g) = **1-f+/g+**

4) Gain-normalized causal model distortion (14,15):

5) Log Spectral Deviation (8-12): dlog(f,g) = **Rn f-Rn g**P

6) Symmetric Itakura-Saito or COSH distortion (8):

7) General symmetrized distortion (5): Given any distortion measure d(f,g), we can
define for any q $ 1 a symmetrized version



Symmetric distortion measures are sometimes more useful. There are other ways
to symmetrize, but most yield equivalent distortions (see (5)).

8) Gain-optimized distortion (14,15): It is often useful to replace a distortion
measure d(f,g) by its value for the optimum (minimum distortion) reproduction
gain to reflect the fact that d(f,g) can be easily reduced by renormalizing g.
Define then

where the infinum is required since the minimum may not exist. As an example,

In (5) numerous properties, inequalities, applications, and implications of these distortion
measures are developed. We here only summarize certain results.

We say that a distortion measure d1 is stronger than a distortion measure d2 and write
d1 Y d2 if small d1 implies small d2. If d1 Y d2 and d1 Y d2, we say that d1 and d2 are
equivalent and write d1 ] d2.  If two distortion measures are equivalent than large (small)
distortion under one means large (small) distortion for the other, that is, one is subjectively
meaningful if and only if the other is (though the actual numbers may differ). Such
implications are useful since if several measures are shown to be equivalent, one can
choose the simplest (for a particular application). Reference (5) provides a cookbook of
such relations among which are

The various distortion measures also have time-domain forms that are often useful for
computation (5).

IV.   IWO-STEP COMPRESSION

The most successful two-step speech compression systems have used finite-order
autoregressive models in the first step. For some fixed m let (m denote the loss of all mth

order stationary autoregressive process (e.g., stable mth order filters driven by white noise
so that                                       for                                                  . Thus the system



identification step consists of viewing a waveform and choosing a “good” estimate in the
continum 0m for the observed model. It is known (see, e.g., (6)) that the linear predictive
coded speech technique is equivalent to letting the source f be the sample spectra and the
identified model f̃(f) is the g , 0m minimizing dIS(f,g), that is, if we define the model (or

spectrum) out of Step 1 by f̃(f), then

and hence an LPC system is “optimum” in its first step in the sense of minimizing Itakura-
Saito distortion. If one instead minimizes dlog in this step, then the design technique is
called “Analysis-by-Synthesis.”

In the second step we wish to “quantize” the estimate f̃(f). This can be modelled as having

a finite subset − of 0m and a rule for choosing an f̃,0 that is a “good” approximation to

f̃(f). If the cardinality *−* of − is, say, 2r, then a binary r-tuple serving as an index to the
codeword in *−* is transmitted, yielding an r bit per frame compression system. The
decoder then reconstructs the source from the received parameter vector.

Early techniques simply separately quantized each coordinate of a parameter vector
specifying f̃(f) (the reflection coefficients, gain, and pitch). In fact, our work originated
with the demonstration in (12) that using dlog as a second step distortion measure, even by
optimally allocating bits among each coordinate and optimally quantizing each separate
coordinate, little improvement was possible and such simple-coefficient quantized LPC
systems had effectively reached their performance limits.

To obtain any-real improvement, then, one had to optimally quantize the entire vector
corresponding to f̃(f). Note that even if the coefficients were independent, they are coupled
by the complicated distortion measures used and hence one cannot do a nearly optimal job
by separately quantizing each coefficient since the distortion in each coordinate is effected
by the values in all other coordinates.

Two problems with this approach were immediate: (1) There were no general techniques
for determining optimum vector quantizers, especially in the face of such complicated
distortion measures and the lack of good probabilistic models for the vectors; and (2) since
these measures are not metrics (with the exception of dlog), there is no guarantee that small
distortion d(f,f̃) in Step 1 followed by small distortion d(f̃,f̃) in Step 2 will yield small

overall distortion d(f,f̂)!



The second problem above was solved by some interesting properties of the distortion
measures. For example, it can be shown (5) that for the Itakura-Saito distance that if the
identification step is accomplished by LPC techniques and any quantization rule is used,
then

that is, the overall distortion is exactly the sum of the distortion incurred in each step! This
means, for example, that if we quantize f̃(f) 6 f̂ in an optimum fashion, then the two-step

encoder is optimum in an overall sense, that is, is as good as if we found directly the f̂ , − 

minimizing dIS(f,f̂). Similar properties hold (with an inequality and scaling) for some of the
other distortion measures (5). For convenience and because of its connection with LPC,
we here focus on the Itakuro-Saito distortion.

The problem remaining for optimizing an LPC compression system is how to select the
speech codebook − used by the quantizer in an optimum fashion. The actual quantizer will
then find the best (minimum dIS) member of − for a particular identified model. This
problem is described in the next section.

V.   VECTOR QUANTIZATION

Say we are given a sequence of real-valued m-dimensional vectors                     and a
distortion measure d on the vi. We wish to design an N-level quantizer q for the vi, that is,
we need a partition. {vi;i:=1,...,N} of m-dimensional space Um and a collection of
reproduction values {Øj , Um,j=1,...,N} and the resulting quantizer is

We would like the quantizer to be optimum in the sense of minimizing the average
distortion E d(v,q(v)), but we have no probabilistic model with which to compute the
expectation. A solution to this problem is the following (4): Say we have an initial guess q0

for a quantizer and a long “training sequence” of data {vi,i=1,...,L} for us to use in
building our quantizer. If the sequence vi is stationary and ergodic and the sequence is
long, then a quantizer designed to be good on the training sequence should work well for
future data (a fact that obviously must be verified in practice). We design the quantizer for
the training sequence in an iterative manner as follows:

(1) Initial guess q0 (n = 0).

(2) Given the quantizer qn ={vk
(n),vk

(n), k=1,...,N} from the nth iteration, keep the
reproduction levels, but replace the partition by the optimal (minimum distortion) partition



for those levels, that is, define

with some tie-breaking rule.

(3)  Find now those levels which are optimal for the new partition found above in the sense
of minimizing the conditional sample average distortion, that is, choose vk

(n+l) to minimize

(4)  Compute the sample average distortion

and compare it with )n. If )n- )n+1 # , quit, otherwise increment n and go to (2).

This algorithm can be shown to converge to the Lloyd-Max quantizer in the usual cases
(e.g., stationary ergodic scalar sources and squared-error distortion measures). Perhaps
surprisingly, it is also tractable in our case of vectors of reflection coefficients and the
various spectral distortion measures. The difficult part for speech was the intelligent
selection of the initial guess. This was accomplished by a form of sloppy “predictive
quantization” across a frame using some observed data and a scalar version of the
optimum quantization algorithm (2,5).

VI.   RESULTS

We here summarize only some of the preliminary results available at this writing. It is
hoped that by the time this paper is actually presented more extensive results,
documentation, and tapes will be available. We also confine interest here to the Itakura-
Saito distortion. Tests were run also using log spectral deviation and model distortions, but
they (not surprisingly) yielded similar results.

Our system was trained on a long ( –10 minute) sequence of LPC coded standard speech
file data sampled at 8 kHz and using 44 frames per second and 12 reflection coefficients.
A typical traditional LPC compression system using single-symbol quantization might
allocate 44 bits per frame to the reflection coefficients and 11 bits per frame to the gain
and pitch yielding a total rate of 2.4 kbps. We focused on quantizing the reflection



coefficients to a much lower rate and used the standard 11 bit per frame gain and pitch
(although we optimized the gain for our quantized coefficients). The algorithm was tried
for 1, 2, 3, 4, 5, 6, 7, and 8 bits per frame and the results are depicted in Fig. 4. The “x’s”
mark the ItakuraSaito distortion resulting from each rate. It has been conjectured that
“good” quality speech corresponds to about .2-.3 distortion on the scale. The horizontal
lines numbered 1-11 show the distortion resulting if the first n = 1,...,11 reflection
coefficients are sent almost perfectly (e.g., 8 bits per coefficient). Thus our system
operating at 7+11 = 18 bits per frame (a total of 7 bits for all 12 reflection coefficients)
yields approximately the same distortion as a system sending 6 coefficients essentially
perfectly for a total of 6·8+11 = 59 bits per frame. The total bit rate for our seven bit
system is 18 x 44 = 792 bps. A tape of the reconstructed speech proved to be intelligible
and the 792 bps reconstructed speech had no perceptable degradation from the “original”
2.4 kbps LPC compression speech, a compression of approximately 3 to 1 (without any
attempt to reduce gain and pitch bit rate). Unfortunately, however, these preliminary
results are not conclusive since the original LPC speech on which we trained proved to
itself be of poor quality. We were not aware of this as we purposefully did our work
“blindly” on the data given us. We are currently attempting to obtain a higher quality high
rate LPC training sequence so as to be able to obtain a better demonstration tape.

Figure 4



VII.   SOME COMMENTS

Although not yet conclusive, we feel our results hold considerable promise for obtaining
500-700 bps speech automatically and in real time with quality comparable to traditional
LPC compression systems of 2-4 kHz.

We have found that once the codebook is produced, there are techniques similar to
Chaffe’s (15) “Rate-distortion Codes” that can be used to select a codeword directly from
the observed waveform without any on line LPC computation and we are beginning to
investigate such systems. Such techniques would also avoid “table lookups” of 27 words to
find the best codeword. Another prospect for the future is to attempt to reduce the bit rate
further by using more involved techniques than quantization such as sliding-block and tree
codes on the successive frames.

As final observations: when our algorithm was trained on 1/2 a standard speech file and
then used to quantize the remaining half, the results were essentially identical. This means
that on a frame basis speech is far more “globally stationary and ergodic” than it is usually
assumed. In addition, the fact that optimum vector quantization yields a much smaller
distortion that optimal single-symbol quantization for a fixed rate in bits per frame amply
demonstrates that a great deal is to be gained by processing the reflection coefficients of a
f frame together instead of separately.
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Summary:

Using a general decoding technique of Solomon we evaluate the performance of certain
block codes on a gaussian channel. Quadratic residue codes of lengths 48 and 80 as well
as BCH codes of length 128 and rates 1/2 and 1/3 are considered. All four of these codes
perform quite favorably with respect to the constraint-length 7 rate 1/2 convolutional code
presently used on NASA’s Mariner-class spacecraft.

Introduction:

If a binar quantizer is added to a gaussian channel its capacity is diminished by a factor of
B/2 (~2 dB). Thus, optimal code performance on the gaussian channel cannot be achieved
by a hard limiting decoder.

By soft decision decoding we mean any decoding which makes use of the relative
magnitudes of the received code symbols. In this paper we report on the use of a particular
soft decision decoding process (due to Solomon) to evaluate the performance of certain
block codes over the gaussian channel. Solomon’s process, called “decoding with
multipliers” and discussed in [1], applies to all linear codes and has the advantage that it
does not require the use of a binary decoding algorithm. Thus, it is perfectly general and
can be used, for example, to decode the quadratic residue codes.

The number Q = (k/n)·d, where d is the minimum distance of a linear code, is a measure of
its asympotic decoding behavior, since

lim log Pe = -Q
(64



[Here ( is the bit signal-to-noise ratio and Pe is the bit error probability]. Thus the bigger Q
is the better the code should perform at least for large (.

As a point of reference our performance graphs show curves for “no coding” and for the 7,
1/2 convolutional code as presently implemented on NASA’s Mariner-class spacecraft.

Earlier block code simulations for the gaussian channel are described in [2], [3], [4]; the
reader may wish to compare our results with those.

The Decoding Process:

Suppose a codeword w = w1, ..., wn from a binary (n,k) linear code is transmitted over a
zero mean gaussian channel. The code symbols are assumed to be ±1. Thus a received
codeword is a sequence of n real numbers, each number representing the integrated value
of wi + 0i over one symbol time - 0i being the noise. Since the noise is zero mean the
absolute value of these real numbers is a measure of their reliability. (The larger the
absolute value, the higher the probability that the hard limited version of the real number
actually is wi). In the decoding technique used the j least probably correct symbols are
determined and excluded from consideration. Then k of the remaining n-j symbols are
assumed to have proper sign and all codewords (if any) of the code whose signs agree in
these k places are constructed. The codewords so constructed are correlated with the
sequence of real numbers from the receiver. Several choices of k of the remaining n-j
symbols are made. Among all the codewords thus generated that one having the maximum
correlation value is assumed to have been sent.

The (48,24) Quadratic Residue Code:

This code is a 5 error correcting block code with Q = 6.0. Two different decodings of this
code were simulated. The first of these had j = 8 and 130 k-tuples of positions were
selected from the remaining n-j = 40 positions in such a way that all           of the 4-tuples
were omitted from at least one of these k-tuples. Thus, if there were no more than 4 errors
among the 40 positions most probably correct, the decoding process would necessarily
construct the correct codeword. So, in that instance, the only possible decoding errors
would also be made by a maximum likelihood decoder.

The second decoding was done for j = 16 with 124 k-tuples such that all 3 - tuples from
the n-j = 32 remaining positions were excluded from at least one of the 124. This
performed better as is shown in Figure 1. In fact since about 90% of the errors in this
simulation were identifiably maximum likelihood errors it is reasonable to conclude that
this decoding is essentially a maximum likelihood decoding of the (48,24) quadratic
residue code.



The (80,40) Quadratic Residue Code:

This code is a 7 error correcting code with Q = 8.0. Five decodings were simulated for this
code. The best performance occurred for two different decodings. The first of these had
j = 28 and 130 k-tuples from the remaining 52 positions such that all          triples of
positions were omitted from k-tuple. The other used j = 36 and 165 k-tuples from the 
remaining 44 positions such that all pairs of positions were omitted from some k-tuple.
Figure 2 shows the performance curve for these two decodings as well as our estimate of
the maximum likelihood behavior of the code. [This estimate is based on the identifiably
maximum likelihood errors which occurred during the simulation].

The (128,64) BCH Code:

This is a 10 error correcting block code with Q = 11.0. Several different decodings were
tried here. We tried k-tuples for j = 40, 55 and 56 such that 3, 2 and 2 errors would be
allowed among the 88, 73 and 72 remaining most reliable positions.The results were not
very good. Note that this kind of selection of the k-tuples really divides the received
symbols into 2 classes: n-j symbols among which k are sought with the correct sign and
the other j. Within these classes all symbols are treated the same - just as if they were
equally likely to be in error. This is, of course, not a valid assumption. We tried a further
breakdown of the n-j symbols in one decoding as follows: j = 40, n-j = 88 and these 88
symbols were ordered by magnitude to establish their relative error probability. The 16
most likely correct were assumed to be correct, 2 errors were allowed among the next 40
most likely correct positions and 4 errors were allowed among the remaining 32. This
performed better than the simpler collections of k-tuples mentioned above.

The improved performance in this last decoding suggested that we might try to match the
finer gradations of error probability among the symbols a little more closely. We did this
by gathering (at 1.5 dB’s) the error frequencies of the least likely correct, ..., most likely
correct symbols. Then we constructed k-tuples by a random placing of 1’s in accordance
with the entropy of these error frequencies. This collection of k-tuples performed much
better than the previous collections and when 1500 of them were used the identifiably
maximum likelihood errors predominated. So much so that it is reasonable to assume that
the performance achieved (see Figure 3) is within 0.1 dB of maximum likelihood behavior.

As bi-product of this simulation we also determined that the number of minimum weight
(=22) codewords of this code is almost certainly 243,840; see [5] for details of this
determination.



The (128,43) BCH Code:

This is a 15 error correcting code with Q = 10.75. It was decoded using 1500 k-tuples
selected to fit the observed error statistics at 1.5 dB, as described in more detail above for
the (128,64) code. Within the accuracy of this simulation the performance of this code (see
Figure 4) is the same as the (128,64) code and seems also to be within 0.1 dB of its
maximum likelihood behavior.

Much of the analysis of [5] applies to this code also and using it we can conclude that the
number of minimum weight (=32) codewords of this code is almost certainly 124,460.
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ABSTRACT

Linear (translation), hard-limited, and demod/remod types of satellite repeaters are
considered in this paper. Both uncoded and coded multiple phase shift keyed (MPSK)
signals are assumed to be transmitted through these repeaters. Relative performances of
these repeaters in the presence of uplink and downlink noises are then compared
quantitively. Probabilities of bit errors and the computational cutoff rates are computed for
2, 4, and 8 phases PSK signals, with uplink and downlink SNR’s as parameters.

I.   Introduction

The communication system to be considered in this paper is shown in Figure 1. Either
coded or uncoded binary bits are first grouped into k-bit groups and then transmitted to the
satellite repeater by a MPSK (M = 2k, k = 1, 2, 3, ...) transmitter which transmits one of
the M phase-shift keyed symbols per k-bits. Three types of satellite repeaters are
considered in this paper: the linear repeater, the hard-limited repeater, and the
demod/remod repeater. The linear repeater is a simple repeater that retransmits the
received uplink signal plus noise, with a translation in carrier frequency, to the ground
receiver. This assumes that the TWT amplifier in the satellite is operating in the linear
region. The hardlimited repeater is not much different than the linear repeater in
construction. However, the uplink signal is first passed through a bandpass limiter before it
is translated in carrier frequency and amplified by the TWT amplifier. In this paper we
assume the bandpass limiter is actually a hard limiter. The demod/remod repeater, which is
the most complex of the three, requires a MPSK demodulator on the satellite. The



demodulated MPSK signal is then remodulated on a downlink carrier, amplified by the
TWT amplifier and transmits to the ground receiver.

Additive Gaussian noise is introduced on both the uplink (repeater noise) and the downlink
(receiver noise). The demodulator is assumed to be a coherent MPSK detector which
heterodynes the received MPSK signal with a coherent reference and decides one of M
phases was sent by computing, in principle, the inverse tangent of the ratio of the sampled
baseband outputs of the in-phase and quadrature channels in the demodulator. The
sampling is performed once per symbol. Figure 2 illustrates the operations of the MPSK
coherent receiver.

Our major concern in this paper is the effect of uplink and downlink noises on the
performance of the MPSK communication system of Figure 1. Thus we have omitted the
effects of intersymbol interferences created by the transmit filter, the receive filter, and the
bandpass filters in the satellite repeater. In other words, all the filters in Figure 1 will be
assumed zonal filters that pass the desired bands of signals without introducing
intersymbol interferences, while limiting noise powers to finite values. Both coded and
uncoded systems will be considered.

II.   Uncoded System Performances

Linear Repeaters:

A natural performance criteria for uncoded systems is the probability of bit error. Consider
first the linear repeater. Let Nk be the transmitted phase of the kth symbol, which can
assume any one of the M values:                                                                         , M for
MPSK signalling. The received signal at the repeater, after passing through a bandpass
filter of bandwidth B1, can be written as

(1)

where P1 is the uplink carrier power, a(t) is the rectangular pulse function with duration T,
which is the symbol duration, T1 is the uplink angular carrier frequency, and n1(t) is
a narrow band Gaussian process:

(2)
The processes Nc1 Ns1 are independent, slowly varying zero mean Gaussian processes with
variance N1B1, where N1 is the one-sided noise power spectral density in the front end of
the repeater. Since the spectral occupancy of the MPSK signals are inversely proportional
to T, the BPF bandwidth B1 is selected such that B1T is equal to a constant typically of



value greater than 1. As mentioned in Section 1, the filtering distortions will be assumed
negligible.

The downlink signal of the linear repeater is an amplified version of X1(t) with a
translation in carrier frequency:

(3)

where g is the repeater gain and T2 is the angular downlink frequency. The downlink
power is seen from (3) to be

(4)

Let B2 be the bandwidth of the BPF of the receiver of Figure 2, and let N2 be the one-sided
power spectral density of the receiver front end noise n2(t), which can be represented in the
same way as n1(t) of (2), then the received downlink signal after the BPF can be written as,
during the kth symbol:

(5)
where the envelope and phase <2 and 02 will have the following joint distribution:

(6)

and where F2 is the variance:

F2 = g2 N1B1 + N2B2 (7)

Integrating (6) over <2 from 0 to 4 we obtain the distribution of 02 (see [3]):

(8)

where 1F1(x) is the confluent hypergeometric function; ,n equals to 1 if n is zero, 2
otherwise; and

(9)



which is evaluated from (4) and (7) to be

(10)

where                  are uplink and downlink SNR’s defined by

(11)

Without loss of generality we can assume Nk = 0 to be the transmitted phase. The
transition probabilities of deciding                                                                                   ,
while Nk = 0 is sent is then computed from (8) to be

(12)

When j = 0 the above expression is the probability of correct symbol detection of MPSK
signals with equivalent SNR D2.

Further simplification of (12) is possible. This can be done by a procedure similar to that
suggested in [5]. By the Kummer’s transformation [6]:

(13)

and the relationship [6]:

(14)

the function                                       can be written as

(15)

Because of the known identity [7]:



(15) can be directly evaluated to be:

(16)

Substituting (16) into (12) the transition probabilities can be evaluated to be:

(17)

It should be noted here that when M = 2, Eq. (17) reduces to

(18)

which is already discussed in the earlier work of Jain and Blachman [1].

(ii)   Hard-limited Repeater:

Next we consider the performance of the hard-limited repeater. This case has been
considered by several authors (see [1], [2], [4], among others). The case of BPSK
signalling transmitted through a hard-limited repeater is first reported in [1], and this work
was later generalized to MPSK signalling transmitted through a hard-limited repeater [2]
and to a general memoryless nonlinearity exhibiting both AM to AM and AM to PM
characteristics [4]. We shall consider the hard-limited repeater case here. The expression
for PM(j) for this case was given in [2], [4] as

(19)

where       and         are the uplink and downlink SNR’s:

(20)

Using the procedure discussed earlier, (19) can also be written in terms of modified Bessel
functions. The was done for the BPSK case in [1]. However, to the best knowledge of the
author, the probability of symbol errors for general MPSK signals passing through the hard
limited repeater has not been expressed in terms of modified Bessel functions in literature.



Using (16) we now can write the transition probabilities PM(j) of (19) in the terms of
modified Bessel functions as follows:

(21)

When M is 2 only terms with odd n’s remain; (21) then reduces to the BPSK result
reported earlier in [1].

(iii)   Demod/Remod Repeater:

Without loss of generality we can assume, again, the transmitted phase Nk is zero. The
probability of demodulating this phase to be j2BM instead of 0 at the demodulator on
board of the satellite is readily seen to be the one link MPSK transition probability PM(j)
with       as the parameter. This phase information is re-modulated onto the downlink
carrier. The ground receiver will then decide which one of the M-phases was originally
sent. The composite transition probability that the receiver decides that phase J2B/M was
sent while indeed the zero phase was transmitted is given by

(22)

where PM
(1) (j) and PM

(2)(R) are the one link MPSK transition probabilities of Eq. (17), with
uplink SNR       and downlink SNR        as parameters respectively.

From these transition probabilities we can easily arrive at the probabilities of bit errors.
Assume Gray code is used in the mapping from each group of k bits to one of the M
phases. Then the probabilities of bit errors for 2, 4 and 8 phase PSK signals are given,
respectively, in terms of these transition probabilities by

(23)



III.   Numerical Computations of Bit Error Rates

To compute the bit error probabilities in (24), we need to evaluate the symbol transition
probabilities (17), (21), and (22). Because of the recurrence formula [6] of Bessel
functions

(24)

for all odd integers n in (17) or (21) it is required only to evaluate I0(x) and I1(x), while all
other Bessel functions of integer orders can be evaluated in terms of these two through the
recurrence formulae (24). When n is an even integer, Bessel functions with fractional order
appear. These Bessel functions can be expressed in finite sums [6] as follows:

(25)

Nevertheless the recurrence relationship (24) still holds. Thus to compute these Bessel
functions it is required only to evaluate I1/2(x) and I3/2(x).

Figure 3 shows the bit error rates of 2, 4, 8 phase PSK signals transmitted through the
three kinds of repeaters mentioned, with       fixed at 10 dB and        varies from 6 to 12dB.
Also shown in figure 3 are the performances of 2, 4, 8 phases PSK signals with downlink
noise alone (i.e., one link systems). Since in figure 3 the bit error rates are plotted v.s. the
same       and        for various MPSK signals with identical symbol durations T, we are
indeed comparing them under the assumptions of equal P/No’s and equal bandwidths
(which is proportional to 1/T), while letting the throughputs to vary. In other words, the
throughputs of QPSK signals with the bit error rates shown in Figure 3 is twice that of the
BPSK signals shown in the same figure. Similarily, the throughputs of the 8-PSK signals
will be three times that of the BPSK signals. Thus even though at identical transmitted
powers and bandwidth occupancies QPSK or 8-PSK have worse bit error rates than
BPSX, coding can be used to improve their performances. This is discussed in the next
section.

IV.   Coded System Performance

For coded communication systems the probability of bit (or symbol) error is no longer a
valid performance criterion [8], since decoding is not performed on a symbol by symbol
basis. Since the works of [8], [9] it has became an accepted fact that the cut-off rate Ro is a
valid performance measure of coded communication systems. As pointed out by Massey in
[8], Ro criterion will lead to the design of modulation systems which are compatible with
effective coding systems.



Consider Figure 1. Suppose block codes are used. Every K bits of the data source will be
mapped into N M-ary symbols to be transmitted through the satellite channel. Let x’s stand
for the M-ary symbols to be transmitted and let y’s be the demodulated information.
Assume hard decision is used, then the demodulator output y’s will also be M-ary
symbols. It is known from random coding bound techniques that the average probability of
bit error of a coded communication system will be bounded by (see, e.g., References [8],
[9]), assuming the channel is memoryless:

(26)

In (26) P̄e is the average probability of bit error, in the sense of averaging over all block
codes with code rate

(27)

and Ro(M) is the cut-off rate, in units of bits/symbol, given by:

(28)

where Q(x) is the probability distribution on the input symbols x. When Q(x) is uniformly
distributed, i.e., when Q(x) = 1/M for all x, assuming a M-ary PSK signal set is used, then
(28) is simplified to be

(29)

where PM(k) is the transition probabilities defined in the last section, for M-ary PSK
modulation, over the three types of satellite channels involved. Define r / R/T to be the
information bit rate where T is the M-ary symbol duration, and ro(M) / Ro(M)/T, both in
units of bits/second, then (26) can be written as

(30)

Suppose convolutional code is used. It is shown in [10] that a similar bound on P̄e can be
obtained. Suppose K is the constraint length of the code, and suppose for each b
information bits the encoder will output N M-ary channel symbols, so that the information
bit rate r is b/NT. From [10] we have:



(31)

where A is a constant defined by [11]

(32)

It is thus apparent from (30) and (31) that the attainable throughput r, at which the coded
communication system is able to maintain a specified bit error probability, for various
satellite channels with various MPSK signalling at equal bandwidth occupancies and equal
up/down link SNR’s, and for equal coding complexity measures such as either the number
of information bits in each block of the block codes, or the constraint lengths of a
convolutinal code, is completely determined by the respective cut-off rates ro(M).

Moreover, Ro is also the computational cut-off rate “RCOMP” of sequential decoding [9],
i.e., the rate above which the average number of decoding steps per decoded bit becomes
infinite. Since sequential decoding is a powerful decoding technique that can handle long
constraint length codes and therefore have arbitrarily small decoding bit error probabilities,
ro(M) also represents a practical maximum data rate below which we can have arbitrary
small data bit error probabilities.

Figure 4 plots the various values of Ro(M), as functions of        , with         = 10 dB, for
M = 2, 4, 8, and for the three kinds of repeaters discussed previously.

V.   Conclusions

We have presented an analytical procedure to evaluate the bit error rate performances of
coded or uncoded communication systems using MPSK signalling over three kinds of
satellite repeater channels: linear, hard limited and demod/remod, in the presence of uplink
and downlink noises.

The ordering of these channels in terms of either coded or uncoded link performances is
quite clear from Figures 3 and 4. The demod/remod channel offers the best performance.
The hard limited channel is second in performance. The linear channel is the worse of the
three. The main reason of this is due to the fact that in the case of the linear channel both
uplink noise as well as uplink signal are amplified by the TWT and transmitted to the
downlink, thus the total power of the downlink is “robbed”. Within the range of interest of
up/down link SNR’s (       = 10 dB,         from 6 to 14 dB), the hard limited channel



performs very closely to the demod/remod channel when BPSK signalling is used.
However, for the same range of SNR’s, the hard limited channel’s performance as far as
bit error rates are concerned is further degraded from that of the demod/remod channel
when multiple phase PSK (M = 4, 8, ...) signalling is applied.

Assuming equal symbol times, thus also equal bandwidth occupancies, the cut-off rates Ro

of these channels using 2, 4, and 8 phase PSK signalling are computed, for the same range
of SNR’s of interest. Ro is directly proportional to the attainable throughputs given a
specified bit error probability. It is thus concluded from Figure 4 that within the range of
SNR’s discussed it is apparent that QPSK offers better attainable throughputs than BPSK.
However, 8 phase PSK, while at higher SNR’s is able to afford higher throughputs than
that of QPSK, does not offer a much higher attainable throughput than that of the QPSK
case in the range of SNR’s mentioned.
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Figure 1  THE SATELLITE COMMUNICATION CHANNEL MODEL

Figure 2  MPSK COHERENT DEMODULATOR



Figure 3:

Probabilities of Bit Errors for 2, 4, 8 phase
PSK signals transmitted through the satellite
repeater channels (Notations = 2, 4, 8 stand
for BPSK, QPSK and 8 PSK, A = Linear
Channel, B = Hardlimited Channel, C =
Demod/Remod Channel, D = No Uplink
Noise Case).

Figure 4:

Cutoff rates for 2, 4, 8 phase PSK signals
transmitted through the Satellite Repeater
Channels (same notations as those used in
Figure 3).
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ABSTRACT

For proper operation of the phase lock loop which tracks a carrier it is important to
minimize the spectral energy at frequencies near the carrier. A traditional method is to
modulate the data onto a subcarrier in such a way that there is little energy near D.C. The
resulting signal then is used to modulate the carrier. The problem with such a scheme is
that the total bandwidth is much larger than necessary to transmit the data.

This paper proposes and analyzes a simpler scheme which increases the data bandwidth by
a very small fraction, yet reduces the energy near D.C. to nearly zero.

INTRODUCTION

We will do our analysis at baseband and begin with a statistic which will allow us to
estimate the energy of a process between the frequencies -B and +B.

For a stationary process X(t) with spectral density SX(f), define a new process by

where T = l/2B. Then the spectral density of Y is

(1)

and the power in Y is

(2)



Now

and $     0               otherwise

So equation (2) implies

or

(4)

Thus the second moment of Y(t) gives an estimate of the amount of energy in X between
frequencies -B and +B.

For an application of this statistic, consider the process X(t) which is +1 or -1 on each
interval [nTo,(n+1)To). Assume the values on different intervals are independent and have
probability ½. Then

(5)

and the bound is

(6)



Of course,

and for small B the energy between -B and +B is 2BTo. The factor              indicates the
looseness of the bound.

The signal design problem is to encode the data into a signal X(t) such that E{Y2(t)} is
small.

PROPOSED SOLUTION

The proposed solution is to expand the data stream by inserting a redundant bit every L-th
bit, the value of the bit being chosen to bring the total number of +1’s and -1’s into
balance.

More precisely:

Let Xn be a sequence of ±1’s, defined below.

Define X(t) = Xn for t ,[(n-1)To, nTo].

Define                              (7)

Let L be an even integer.

Then Xn is defined as follows:  When n is not a multiple of L, Xn is a data bit (±1). When n
is a multiple of L then

Xn = -sgn [Cn-1]

(since L is even n-1 is odd. Then from its definition Cn-1 must be odd and cannot be zero).

The derivation of a bound on the power between -B and +B is given below, resulting in
equation (15). For non-redundant data (flat random data) the amount of power is 2ToB, so
the factor                           indicates what the gain has been when a redundancy of 1/L has

been inserted. In particular, when To = 1/30 MHz and B = 1 KHz, if the value of L is 30
then the factor is 1/8 or a gain of 9 dB. If L = 10 then the gain is 18. 5 dB.



ANALYSIS

It is clear from the definitions that, for large n

Therefore the second moments of {Cn} must be studied. We will assume n so large that the
stationary distributions have been obtained so that

In the case that the data bits are independent it can be shown that

From this we have

(8)

To analyze Cn, let

That is Zk is the sum of L-1 consecutive data bits. For most of the analysis we will assume
only that the odd moments of Zk are 0 but for the best result we must also assume that the
Xn contributing to Zk are mutually independent.

From the definition of Xn we have

X(k+1)L = -sgn [CkL + Zk]
and (9)

C(k+1)L = CkL + Zk- sgn [CkL + Zk]

Multiplying through by sgn [CkL + Zk] gives

C(k+1)L · sgn [CkL + Zk] = *CkL + Zk*-1 (10)

Since subtracting 1 from a positive odd integer cannot change the sign, the left side of
Equation (10) must be non-negative and we have



*C(k+1)L* + 1 = *CkL + ZK *

Next define
µk = E{Zk}

and
mk = E{*CkL*

k}

Then from equation (10) and the assumption that µk= 0 for odd k gives

m2 + 2m1 + 1= m2 + µ2

(12)
m4 + 4m3 + 6m2 +4m1 + 1 = m4 + 6m2µ2 + µ4

From these equations and the Swartz inequality m1 m3 $ m2
2 the following inequality can

be derived

or

(13)

When the data bits are independent µ2 = L-2 and equation (13) implies

(14)

This combined with equations (4) and (8) give

or (15)
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ABSTRACT

This paper presents the results of a most recent high technology development program that
has led to significant state-of-the-art advances in the design and development of
circulators, isolators and electronic waveguide switches at microwave and millimeter wave
frequencies. These components are constructed by the use of an analytical design
procedure. They are characterized by excellent electrical and environmental performance
and feature a simple mechanical configuration, which results in significantly reduced
prices. These units are presentl y commercially available from Aertech Industries,
Sunnyvale, California, a TRW subsidiary.

INTRODUCTION

This paper describes the development of a series of high performance waveguide
circulators, isolators and latching waveguide switches for use in a variety of
communication systems, including ground-based, airborne and spaceborne applications.
These components were designed to meet the electrical requirements of high efficiency
solid state microwave sources and the structural and environmental specifications for
spaceborne applications. They meet these requirements by providing an outstanding
electrical performance with low insertion loss of 0.1 dB,which is crucial for efficient
operation of one-port solid state oscillators, amplifiers and power combiners. For the
devices with wide-band negative resistance characteristics, they also provide an excellent
match of up to 35 percent of instantaneous bandwidth. Among other characteristics of
TRW ferrite components is their thermal stability and structural simplicity, which insures
repeatability of performance, minimizes the fabrication, assembly and quality control
problems, and structural integrity, which makes the components impervious to shock and
vibration. These units surpass by wide margins the quality of other ferrite components
available on the market.



The electrical performance of typical TRW circulators is depicted in Figures 1 and 2. Both
the XL- and Ka-band units show excellent VSWR, isolation and insertion loss over large
bandwidths. Figure 3 is swept frequency responses of an XL-band circulator over the
temperature range from -5 to +125EF, which indicate excellent thermal stability.

Figure 1.  XL-band circulator. VSWR, isolation and insertion loss over the whole
range of WR-112 waveguide (7.05-10.00 GHz).

CIRCULATOR JUNCTION DEVELOPMENT

The development of high performance ferrite components was initiated in 1974 at TRW
Defense and Space Systems Group as a part of a major R&D effort aimed at development
of solid state RF sources. When the market search disclosed that even on special order,
state-of-the-art circulators were totally inadequate for our purposes, the current highly
successful program was initiated as a task to develop a low loss circulator at Ka-band.
What appeared at that time as a technically ambitious task, resulted in a device with the
performance characteristics by far exceeding our orignnal goals. It was obvious that we
had achieved a significant advancement in the state-of-the-art of electrical and
environmental performance, combined with the structural simplicity and low
manufacturing cost.



Figure 2.  Swept VSWR, Isolation and insertion loss of Ka-band circulator
(WR-28 waveguide).

From the perspective of time, the most instrumental to our success was the adoption of the
cylindrical geometry. It was a radical departure from common practices, opinions, and
theoretical dissertations at that time and persisting to this day, about the merits of the
widely used triangular geometry for waveguide circulator junctions. The results achieved
with the cylindrical junction geometry, during the past four years, by far exceed those
obtained with the triangular junction during more than two decades of effort by countless
developers. The reasons, comparing these two approaches today, are simple and obvious:

• The triangular geometry proponents consider one potential aspect of the design,
which is never practically realized because several others are either ignored or
severely compromized by a basically unsound structural design.

• The adoption of the cylindrical geometry was based on consideration of all
important aspects of the problem. A well thought-out approach, although seemingly
risky and contrary to prevailing practice at that time, provided a sound basis for
several highly successful developments.

The development of ferrite components was firmly entrenched for more than two decades
as an art, requiring high degrees of intuition, sophistication and patience during lengthy
and expensive experimental cut-and-try programs. The voluminous technical writings, no
matter how elegant and mathematically advanced, never even provided a reasonable
explanation how a circulator works. Numerous studies and proposed computer aided
designs never led to acceptable performance. Then, during the early seventies, several
workers made significant contributions:



Figure 3.  VSWR, isolation, and insertion loss performance of XL-band circulator
over -5 to +125EF temperature range.



• B. Owen1 from Bell Labs identified circulator modes and explained the turnstile
circulator action.

• J. Helszajn2 from Scotland published several useful papers.

• E. J. Denlinger3 from RCA developed and published an analytical procedure for the
design of circulators in reduced height waveguide.

The review of the market, the historical data and the cited contributions, made one fact
abundantly clear: if there was any chance for taking the development of the circulators out
of the realm of art by the use of an analytical engineering procedure, it was the cylindrical
geometry that offered the best potential. Our experimental data, combined with bits and
pieces of analytical work pertaining to cylindrically shaped ferrites, scattered in many
technical writings, were correlated, verified, assembled, and honed into an analytical
engineering design procedure for a standard height waveguide circulator. In the degree of
difficulty this design procedure is comparable to a design of a transistor amplifier given the
characteristics of the transistor. The significance of the circulator design procedure can be
appreciated by considering that it drastically reduces the engineering cost of junction
circulators for all waveguides in the microwave range up to 50 GHz; the upper frequency
limit is determined by the characteristics of available ferrite materials. The design
procedure permits low cost of special custom designs to fit specific system requirements
because of the low costs of nonrecurring engineering.

In order to allow comparison and evaluation of both the triangular and cylindrical
junctions, they are depicted side-by-side in Figure 4. The triangular circulator junction is
an assembly of triangular prisms. The indexing of all parts of the junction in respect to
each other and to the housing employs accurate tooling and the epoxy bonding along six
interfaces requires cure at elevated temperature and strict quality control to insure
reliability of the assembly. In spite of all these efforts, the circulator emerging from the
curing oven is far from completed. The tolerances of difficult to produce and to inspect
triangular prisms, imperfections at sharp points and shifts of parts during assembly and
cure, produce distortion of performance that is customarily corrected by addition of small
tuning dielectric chips, which are glued at the several circulator ports as required to meet
the specifications. The circulators produced in this manner are neither repeatable nor
reproducible. Each one is a singular custom design and dependent upon the skill and
judgement of a technician making the adjustments. The electrical performance is degraded
by excess ferrite and dielectric material on the one hand, and the presence of epoxy in the
waveguide increases the insertion loss on the other. Now, the electrical performance must
be maintained under specified environmental conditions. Of these, the shock, vibration and
temperature are most difficult for the rigid, brittle, triangular junction. Produced under
most meticulous and stringent quality control conditions, the junction must still be judged 



Figure 4.  Comparison of triangular and TRW’s cylindrical circulator junction.

as unreliable. Also, during the experimental design phase, this construction does not allow
for quick and easy changes and modifications making the development costly.

In contrast, the TRW circulator junction is an assembly of easy to produce and to inspect,
cylindrically shaped parts, as seen in Figures 4 and 5. The junction ferrites, dielectric
spacers and the septum are contained in a teflon tube, fitting into the recesses of two
metallic transformers installed into the waveguide walls. The assembly procedure is
trivially simple. The junction is self-locking and self-indexing. The electrical performance
is repeatable and reproducible. During the past four years, not one circulator required any
corrective tuning after assembly. Multi-junction units, used for isolation of cascaded
amplifiers, did not require any inter-stage tuning. The thermal performance, where 100EF
produces negligible changes of electrical performance, is controlled by proper selection of
the ferrite materials, dimensions of the junction components and magnetization of the
junction. Under shock and vibration to manned spacecraft specification requirements, not
one failure was registered during extensive qualification testing; the ferrites of the junction
are protected from resonances under dynamic conditions by two design features: the pull
of the biasing magnets, combined with the friction damping provided by the tube enclosing
the ferrites. The analytical design procedure has been verified over a series of waveguide
bands from 7 to 40 Gliz.



Figure 5.  Complete set ferrite junction piece parts for one X-band circulator.

SWITCHING JUNCTION DEVELOPMENT

The development of the waveguide switching/latching circulator, initiated at TRW during
1977, is a logical expansion of a well established program to provide design methods for
producible high performance ferrite components. The main thrust of this effort was
directed toward the development of a design that would be applicable to as wide a
frequency range as is covered by the standard waveguides up to at least 100 GHz. This
requirement eliminated from serious consideration all design approaches which are based
on an internal (to the waveguide) actuator coil. The size of the switching coil wire is a
function of the switching current, which is essentially constant and independent of
frequency. In larger waveguides, it causes a relatively minor problem, it is a significant
factor at Ku-and K-band, and becomes prohibitively large in waveguides used at millimeter
wave frequencies. There was no question during initial considerations about the choice of
the geometry: the cylindrical geometry, successfully used in our non-switching circulators,
was an overwhelming winner in comparison with complicated and cumbersome prismatic
configurations used by all other manufacturers.

Both configurations, the internally actuated and the TRW design with separate external
switching driver ferrites, are depicted side-by-side in Figure 6. The internally actuated
switching junction employs complex ferrite and dielectric transformer configurations,
difficult to manufacture and to inspect. The component parts of the junction are bonded
with epoxy into one rigid assembly, inherently unreliable under shock, vibration and
thermal shock. Besides the wire in the waveguide disqualifying it at higher frequencies, the
approach imposes severe limitations on the designer as to the bandwidth and the choice of
ferrite matterials. To simultaneously achieve circulation and switching/latching with
acceptable isolation and VSWR, a compromise is necessary - neither function may be
separately optimized.



Figure 6.  Comparison of conventional and cylindrical junction

No such restrictions are present in the TRW design. The RF junction ferrites may be
selected for any required characteristics: low, medium or high power, thermal stability, low
or high temperature performance. The junction is relatively easy to match to the standard
waveguide using a metallic transformer. Cylindrically shaped, simple parts are easily
produced with a high degree of accuracy and are just as easily inspected to confirm the
required dimensions at much lower cost than corresponding parts of the other design. The
assembly is self-indexing and mechanically interlocked without the use of any bonding
epoxies.

To maintain the switch latched in its last switched condition, an intimate contact between
the RF ferrites and their driver ferrites is insured by properly designed wavy-washer type
springs, which compress the whole junction assembly. In this manner, the thermal
expansion, shock and vibration problems are effectively eliminated.

As a circulator, the magnetic circuit consists of two separate circulator turnstiles, mounted
symetrically in respect to the center of waveguide height. The size of the RF junction
ferrite is determined by establishing first the size that would be required in a standard fixed
magnetic bias circulator with axial magnetization. The dimensions are then increased to
provide proper cross-sectional area to provide the return path for the magnetic flux. The
final dimensions are established experimentally. A thin gold foil with a thickness of about



five times the skin current depth separates the RF ferrite from its driver ferrite and forms
the waveguide wall in the area of the junction. A current pulse through the coil, embedded
in the groove of the ferrite driver, produces an internal, toroidal magnetic field in the RF
ferrite-driver ferrite assembly. Once this field is established at its remanent magnetization
level, the switch is latched until a reverse polarity current pulse is applied. The RF junction
ferrites are selected to satisfy given circulator requirements, normally RF power level,
insertion loss characteristics or thermal performance. It should be noted that this degree of
freedom is not readily available with an internal actuator design. The switch-driver ferrites
are outside of the RF path and the material is selected on the basis of its magnetic
characteristics only. The size is established to insure proper magnetization of the RF
junction in a latched state.

The designs of switching circulators with external drivers were attempted in the past. Most
were discarded as impractical for several reasons:

• The attempts to maintain axial magnetization of the RF junction required a magnetic
switching circuit, which in its loop contained the waveguide; the one-turn
transformer effect caused by the waveguide decreased the switching speed and
increased the switching energy requirements to impractical levels.

• In order to maintain a closed magnetic loop, a full waveguide height ferrite was
used. This method never resulted in acceptable circulator performance.

• The attempt to reduce the one-turn transformer effect by splitting the waveguide and
placing insulating material between the two halves was ineffective and would not be
compatible with usual electromagnetic interference (EMI) specifications.

The TRW design employs an optimized circulator design with toroidally shaped magnetic
field, as is used in internally switched circulators or latching phase shifters. The magnetic
circuit is much shorter than that which surrounds the waveguide housing, and the one-turn
transformer effect, although still present in the thin gold foil separating RF ferrites from the
driver ferrites is significantly reduced from that caused by the waveguide housing.

With the gold foil thickness of about five skin current depths, the switching speed at
XL-band is less than 100 microseconds, at 18 GHz will be about 70-80 microseconds,
about 50 microseconds at 30 GHz and 4-6 microseconds at 90 GHz. It should be pointed
out that the switching speeds of 1.7 microseconds are possible with internal switching coil
design. These switching speeds can be approached with a radially slotted gold foil, which
would interrupt and significantly reduce the eddy current flow during switching, thereby
improving the switching speed. Where moderate switching speeds are acceptable, the
present design offers an excellent RF performance, has much improved high power



capability, is shock and vibration proof, has an outstanding repeatability and producibility
at significantly lower cost. An assortment of circulators and switches is depicted in
Figure 7.

Figure7.  Waveguide circulators and latching seitches covering
several waveguide frequency ranges.
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SUMMARY

Steady progress has been made this past year in nearly all microwave semiconductor
technologies. Improvements in power, frequencies of operation, noise characteristics and
perhaps most important at this time, reliability, have been made with GaAs FETs, GaAs
Impatts, Silicon Impatts, and InP Gunn diodes. The latest state of the art as well as
commercially available performance levels of each of these devices will be discussed.
Both areas of microwaves and millimeter wave semiconductor devices will be covered as
new millimeter wave systems requirements are pushing this technology to the forefront of
development.

The area of high peak powers with high average power have given an impetus to the
renewed development of GaAs Impatts. Power combining techniques with these Impatts
have led to replacement of medium power tubes. Present performance characteristics in
single and combined technologies will be given.

The expected trend for these “standard” devices over the next several years will be
forecast along with a discussion of some new potential device technologies.

INTRODUCTION

This paper is intended to provide an overall view of the general capability, present and
future, of the newer microwave and millimeter wave semiconductor devices with a more
detailed view of specific high power and low noise devices. The newer microwave devices
tend to be made with III-V semiconductor materials such as gallium arsenide and indium
phosphide, although, as will be seen shortly, silicon devices still dominate at millimeter
wavelengths. For purposes of this paper, the lower end of the spectrum coverage will be
around 4 GHz where most of the newer devices start performing well and silicon bipolar
transistors are on a decreasing performance curve. Silicon bipolar transistors are not 



discussed only because the emphasis of this paper is on the newer types of semiconductor
devices and their operation at higher frequencies.

The progress of semiconductor devices is dependent upon developments in a number of
related areas. Basic to all devices is the semiconductor material. Major improvements
continue to be made in the growth techniques for the high purity III-V semiconductor
crystals and for the more complex and exacting doping density profiles. Wafer fabrication
technology is changing as new lithographic techniques are developed and as better
understanding of metal semiconductor interfaces is obtained. Lastly, device physics
concepts and model designs are being refined to feedback improved design criteria to the
crystal growers and fabrication scientists. Tremendous effort is being placed in all of these
areas at numerous companies around the world with continuously improving performance
values. The performance results summarized in this paper represent a few of the more
important technical areas for telemetering application.

OVERVIEW OF SEMICONDUCTOR DEVICES

To provide a broad picture of microwave semiconductor devices, the first part of this
paper will present a look at the “forest” of useful operating devices and then the second
section will provide a much more detailed look at several of the more significant “trees” in
this forest.

There are three general electrical criteria by which devices (and components) normally
are described and evaluated. These are: frequency of operation; output power capability;
and noisiness (or lack of). Many other characteristics make up a device profile but these 
three are considered basic to any complete specification. The following discussion will
cover the available semiconductor devices in terms of these three basic characteristics.

Figure 1 shows the optimum operating spectrum of the most widely used devices. Note
that all the given devices operate in essentially a transit time mode and therefore their
highest operating frequency is proportional to their saturated drift velocity and inversely
proportional to the shortest device length structure which can practically be made. Other
significant factors which limit the upper operating frequency are effective resistive loss
which is determined by carrier mobility and response times for the specific mode of
operation. For example, Impatts are partially limited by the response time of the avalanche
mechanism and Gunn devices (transferred electron) are limited by the effective transfer
time to and from the central and satellite valleys. Progress at higher frequencies has been
made during recent years by improvements in growth and fabrication techniques for
smaller dimensions, better device and circuit interface relationships for optimum
impedance matching, and development of new materials with characteristics beneficial for
higher operating frequency such as InP and InGaAs.



Figure 2 shows the “useful” power capability of single devices as a function of
frequency which will be available within three years. Useful is a subjective term to define
devices which can be made at reasonable yields, low costs, and with practical lifetimes.
Note that power capability definition means the ability to generate rf power from dc power
whether in an amplifier mode or an oscillator mode. The interest here is to indicate basic
power generating capability. Devices can normally be used in either operating mode with
small changes in operating power performance. Many oscillators are now being built with
a low power, low noise source driving a high power post amplifier stage using GaAs FETs
or as the injection locking signal driving a high power GaAs Impatt source. Several
conclusions can quickly be drawn from these power vs frequency curves. First, the GaAs
FET will be the primary medium power CW device at frequencies up through 20 GHz. The
FET is a preferred device at these frequencies over the Impatt, primarily because it is a
three terminal device, is broadband, and has high power added efficiencies - typically
greater than 20% and as high as 51% [1]. Limitations of power at higher frequencies are
related to practical gate width for minimum phase cancelling effects and transit time effects
proportional to the gate length. This latter fact also limits the operating voltage which
directly affects obtainable power. The other major device shown is the Impatt diode which
is made of GaAs or Silicon. Basically, the Impatt has higher power capability because it is
operating at avalanche breakdown fields. Power limitation for any transit time device is
proportional to the product of the breakdown field times the saturated drift velocity. Since
Impatts work at this level of field and FETs do not, they have inherently higher power
capability. The major limitation to the peak pulse power is mainly circuit impedance
matching and associated circuit I2R losses. That is, as device area increases to increase
current and thus power output, the rf impedance decreases and impedance levels are
reached where device to load matching becomes difficult. Since Impatts are two terminal
devices, they are relatively easily matched to waveguide and coaxial circuits. Waveguide
circuits are normally best for higher frequency operation.

A significant point to make here is that these curves represent single device capability.
Thus, the numerous possibilities of power combining schemes increases the component
(oscillator or amplifier) power capability from 3 dB to upwards of 20 dB. Power
combining values are naturally directly related to operating bandwidth, to reliability
requirements, and probably the most important, to cost. Significant progress is being made
in practical power combining methods at all frequencies [2,3].

The third important general electrical characteristic is device noise, or in almost all
applications, the lack of noise. Since system performance is directly affected by noise,
either from the transmitter, front end amplifier or mixer, the noise characteristics of
amplifiers and oscillators are key to improved device performance. Recent progress in
GaAs FETs and InP Gunn amplifiers as shown in Figure 3 is pushing noise values in
amplifiers to new lows from low microwave frequencies through millimeter waves. GaAs



FET low noise amplifiers are replacing parametric amplifiers except for the extreme
requirements where low temperature cooling is used. At higher frequencies, essentially
above 20 GHz, device noise figure should also be shown with device noise measure as
associated gains are low enough (and noise figures high enough) to require several stages
of amplification to establish the overall amplifier noise figure. The curves of Figure 3 show
typical device and amplifier noise figures.

For the low noise amplifiers shown in Figure 3, there is an apparent “competitive”
region around 30 GHz to 50 GHz between FET amplifiers and InP Gunn amplifiers.
Numerous factors will determine the choice of amplifier to be used and cost will most
likely be the major one. Another very important amplifier characteristic is its rf input
power handling capability. In an active rf environment, high incident rf signals are
possible. Because the high frequency FET will require very short gates, 0.5 µm or less,
high field burn-out potential is high. On the other hand, an InP Gunn amplifier will be able
to handle several watts of rf input power. The basic encouraging conclusion to be drawn
from Figure 3 is that good low noise amplifiers are potentially available up to 100 GHz.

Oscillator noise is one area which has not improved to the extent that amplifier noise
has. Device working in the oscillator mode (essentially large signal mode) can have very
different noise properties than when working in the small signal mode. A good example is
the GaAs FET which has excellent amplifier noise properties, but mediocre oscillator noise
properties. FM noise is critical in MTI doppler radar systems and improvements are
needed in both transmitter devices and local oscillator devices. Low noise transmitters can
normally be obtained by driving (or locking) the high power stage with a very low noise
source.

CW AND PULSE POWER DEVICES

Now that a general look at the forest of newer semiconductor devices has been made, I
would like to look in more detail at a few of the more exciting devices which are making
significant technical progress at the present time. The area I would like to emphasize in
this section is that of power, both CW and pulsed power. Microwave power has been the
unchallenged domain of tubes up to this time. Now it appears that solid state devices are
starting to erode the medium power area - up to 100 W - with real potential to challenge
the domain of power levels up to 1 KW.

In the area of CW power, both the GaAs FET and Impatt devices can supply reliable
powers in the 1 W to 10 W range up through X-band frequencies. Table I lists the best
reported results obtained at publishing time for both devices. As can be seen from this
table, higher powers are obtainable at present from GaAs Impatts. However, because of
the advantages of three terminal devices plus their excellent efficiencies, it is expected that



below 15 GHz (or 20 GHz, depending upon the application) that FETs will be the
preferred device. Once a device is chosen and is used in many applications, volume
production will bring costs down to essentially eliminate the CW Impatt at these lower
frequencies. Progress is being made in two major areas with GaAs power FETs. First, as
mentioned above, is the power capability. By understanding power limitations, such as
Gunn domains at drain contacts and breakdown fields at contacts and buffer layer
interfaces, designs are being improved to allow operation at higher voltages. As shown by
several companies, the higher operating voltage increases power levels proportionally
[4,5]. A second and related area of progress is reliability of power FETs. Failure
mechanisms are being studied with corresponding design changes being made to improve
life performance [6]. Commercial FETs now have a predicted lifetime of 106 hours at a
150EC maximum channel temperature [7]. It has definitely been shown that power FET
life is affected by the presence of strong rf fields and all meaningful life tests are being
conducted in the full active mode. No fundamental reason at the present time appears to
limit the lifetime improvement of power FETs to reach 107 or 108 hours at normal
operating temperatures - heat sink operating temperatures at 50EC or below. Life testing of
CW and pulse GaAs Impatts has shown that a MTTF of 107 hours at a junction
temperature of 225EC can be obtained for p-n junction diodes [8]. The use of improved
heat sinking techniques, such as diamond heat sinks, has kept thermal impedances to
sufficiently low values (4E C/W for a 10 W, 10 GHz diode) to obtain excellent lifetimes
[8].

Pulsed powers at 4 GHz and above are most effectively obtained with GaAs and Si
Impatts. Best results for pulsed powers at X and Ku-band frequencies are shown in
Table II. GaAs Impatts are replacing Si Impatts at 15 GHz and below because of the
higher efficiencies obtainable in GaAs devices as shown in Table II. Si Impatts dominate
above 20 GHz due to the higher impedance of the double drift structure and to inherent
faster avalanche response times in Si than in GaAs. (Si has about a 10 to 1 faster
avalanche response time than GaAs.)

Commercial GaAs pulsed Impatts are primarily single drift devices and Si pulsed Impatts
are all double drift devices. This situation is due to the significant efficiency and power
improvement obtainable by adding a “p” side to a silicon Impatt and to the difficulty of
growing a “Read” p side to a GaAs Impatt. The high efficiencies obtainable with GaAs
Impatts (effectively twice those of Si at X-band) are achieved only with the quasi “Read”
profile. Future progress will be made in double drift GaAs designs as well as with new
profile designs and III-V semiconductor materials which will increase peak power levels
over those indicated.

The technique by which power devices are and will make major inroads on the medium
power tube business is through power combining techniques. As briefly mentioned at the



beginning of this paper, power limitation in solid state is determined by breakdown fields
and saturated drift velocities which are natural properties of the semiconductor material.
While research is being made on new materials for improvements in these fundamental
material properties, present materials provide single device power levels as given in
Figure 2. Higher power levels can thus only be obtained by power combining techniques.
Most power combining techniques also provides an additional advantage of reducing
thermal impedances by spreading the concentration of power dissipation to larger areas.

Initial work in FET power combining has been done with radial combiners [2]. These
results indicate that combining factors of at least 12 can be applied to single device FET
powers over large bandwidths.

More effort and therefore more progress to date has been made with various power
combining methods with Impatt diodes. Combining at both the chip level and at the diode
level are impressive as shown in Table III. Chip level combining shows promise of
achieving 50 W to 100 W per diode package at X-band frequencies with good efficiencies
and moderate duty cycles. With these diode power levels, power combining circuits will
bring total power levels above the 1 KW level. Power combining circuits using 16 diodes
have given a peak power output of 220 W at 9.9 GHz and a 64 diode combiner is being
developed to provide a total peak power output of 1024 W. Also, considerable effort is
now being applied to novel power combining methods at millimeter wave frequencies.
While techniques for combining large numbers of diodes will be demonstrated in the
laboratory, the crucial test will be the feasibility of low cost manufacturing of the various
power combining1techniques. At the present time, power combining of at least 16 diodes
at X-band appears to be a feasible product. Power combining circuits using 4 to 16 diodes
are commonly being used in various transmitters.

Practical power combining techniques depend largely on reasonable device and circuit
interface relationships such that practical tolerances can be put on both the device and
circuit parameters to allow high yields and low manufacturing costs. These technical areas
are now being developed in several potential high volume applications. Considerable
development is being done to find new device designs which will provide higher peak and
average powers and operation at higher frequencies. Thus, any progress made in providing
higher power per device chip can usually be applied almost directly to these developing
power combining methods to obtain a corresponding increase in total power output.
Consequently, the optimism for achieving power levels in the KW range is high at the
present time.



LOW NOISE DEVICES

The other technical area where considerable device development is being made is the
low noise amplifier devices. From the values given in Figure 3, it is shown that GaAs FETs
will be used up to at least 30 GHz and possibly to 50 GHz, depending primarily upon the
practicality of a three terminal device and its circuit design at these low millimeter wave
frequencies. The inherent capability of GaAs and other III-V semiconductors provide an
adequate basis for FET operation at higher frequencies. Fabrication techniques mainly
related to gate length geometries will be the determining factor for device operation at
millimeter waves. A more serious problem may be the circuit techniques with their
tolerances and rf losses in limiting the application of FETs to higher frequencies. Complete
integrated circuits and device modules are the obvious technical solution and the only
foreseeable drawback will be yield and cost of the monolithic integrated circuit.

Lower noise figures at frequencies below 20 GHz will be mainly a question of using
shorter gate lengths evaluated against the potential lower reliability and higher cost. A 1.0
dB amplifier noise figure at 20 GHz is theoretically possible with a 0.2 µm length gate [9].
At frequencies of 20 GHz and above, the associated gain becomes small enough to be very
important in establishing overall amplifier noise. In this case, the amplifier noise figure
becomes meaningful and it is also plotted in Figure 3. A number of companies have
evaluated lifetimes of low noise FETs will all latest results indicating lifetimes in excess of
107 hours for normal operating conditions(heat sink temperature # 75EC) [10].

The InP Gunn amplifiers are being developed primarily to meet millimeter wave
requirements. As GaAs FETs increase in operating frequency, the InP Gunn devices work
is pushed up to higher frequencies. Original InP work was at 18 to 26 GHz and the
emphasis now is at 40 GHz to 60 GHz. Figure 4 shows InP Gunn amplifier noise figures
@ 44 GHz. Since InP diodes as oscillators have been shown to work well at 100 GHz, one
can expect the amplifier diode to also work well there. The main problems at frequencies
at 80 to 100 GHz are the ability to obtain low loss circulators which are necessary for
practical reflection amplifiers. The increasing slope of the InP Gunn amplifier noise figure
with frequency is mainly due to the effective circuit losses which are important at
millimeter wave frequencies. InP Gunn diodes for amplifiers have proven to be reliable
and rugged, especially when compared with short length GaAs FETs and will be useful in
applications where the rf environment is cluttered with high power signals.

FUTURE TREND

In all of the device areas discussed above, the possibility for new semiconductor
materials being developed for improved performance is high. Thus, considerable effort is
now being placed in investigating various III-V semiconductors for higher power, higher



frequency, and lower noise operation. In addition, considerable effort is being put into
power combining methods. Thus, a continuing wave of improved performances for
microwave and millimeter wave devices and components can be expected for the near
future.

TABLE I
CW POWER CAPABILITY

GaAs FET POWER PERFORMANCE - AMPLIFIER MODE

f (GHz) CW POWER (W) GAIN (dB) EFFICIENCY (PA) COMPANY

4.0
6.0

10.0
16.0

15.0
6.5
4.17
1.1

5.0
4.0
4.0
4.0

28.3
13
24.9
30.4

Fujitsu
NEC
TI
TI

Si AND GaAs IMPATT POWER PERFORMANCE - OSCILLATOR MODE

GaAs FET POWER PERFORMANCE - AMPLIFIER MODE

f (GHz) CW POWER (W) EFFICIENCY MH COMPANY

6.1
8.45

14.1
15.0
21.0

15.0
10.0

2.0
2.75
1.2

25.0
26.5
19.0
11.0
15.6

GaAs
GaAs
GaAs
Si
GaAs

Fujitsu
Varian
Varian
NEC
Hitachi

TABLE II

PULSE POWER CAPABILITY

 f (GHz) POWER (W) EFF. (%) TYPE D.C. COMPANY

8.6
10.0
13.0
15.4
35.0
96.0

30.0
33.0
20.5
15.0
10.0

5.4

23.0
11.0
21.0
18.0
12
6.5

GaAs
Si
GaAs
GaAs
Si
Si

10
10
10
10
  1
  1

Varian
NEC
Varian
Varian
HAC
HAC



TABLE III

GaAs IMPATT CHIP COMBINING RESULTS

#
CHIPS VOP IOP Po(W) µ (%) f (GHz) DC (%) LABORATORY

1
(Typical)

2

1
(Typical)

3
3
4

52

111

40-50

140
150
170

1.12

0.95

1.3-
1.6
1.35
1.43
1.43

14.8

25.0

 10-14

32.2
35.1
60.4

25.4

23.7

 15-18

17.0
16.4
24.9

9.4

9.1

  10-12

11
11
11.5

20

20

20

20
20
20

Varian

Georgia Tech

FIGURE 1.  OPTIMUM FREQUENCIES OF OPERATION FOR MICROWAVE
SEMICONDUCTOR DEVICES AND THEIR PRIMARY APPLICATIONS



FIGURE 2.  SINGLE DEVICE USEFUL POWER CAPABILITY

FIGURE 3.  LOW NOISE AMPLIFIER DEVICES NOISE FIGURE
AND NOISE MEASURE VS FREQUENCY



Figure 4.  InP CATHODE NOTCH DEVICE
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ABSTRACT

This paper summarizes results that have been achieved with various types of microwave
solid state power amplifying devices and presents some projections of advances that can
be expected within approximately a five year period. The frequency band surveyed extends
from 1 to 100 GHz. The emphasis is on CW or high duty cycle pulse applications, where
long life is of great importance, such as in a satellite communication system. The types of
devices considered include the gallium arsenide field-effect transistor (GaAs FET),
IMPATT diodes, bipolar transistors, Gunn diodes, TRAPATT diodes and electron
bombarded semiconductor (EBS) devices. An overview of the technology of microwave
power combiners is also included.

INTRODUCTION

The purpose of this paper is to highlight some of the recent noteworthy results that have
been obtained with solid state microwave power amplifiers, and to present some
projections for the near term future. By “near term future” we mean performance that may
be expected from devices and amplifiers that can be in the marketplace within the next five
years. Earlier this year The Aerospace Corporation was tasked by the NASA Goddard
Space Flight Center to assess the present state of the art of transmitters for advanced
communications systems in space, and to project where the state of the art is heading. This
paper draws, in part, on the findings of that study.

This year marks the 30th anniversary of the invention of the solid state amplifier. In 1948,
Bardeen, Brattain and Schockley of Bell Telephone Laboratories announced the point
contact transistor. Early transistors were fragile and temperamental. It was not until
junction transistors became commercially available several years later that transistors
began to be widely applied. With succeeding years, understanding of the basic solid state
physics and process technologies continued to advance, and these advances were reflected



in the increasing variety and capability of solid state devices. From today’s vantage point it
is clear that 1948 marks the beginning of a complete revolution in the scope and practice
of electronic engineering. Vacuum tubes have been relegated to a few highly specialized
applications. As amplifiers, solid state devices are now in use for all purposes except high
power applications at high frequencies. Specifically, in spacecraft and communications
satellites traveling wave tube amplifiers are still almost universally used in the output
stages of microwave transmitters. Now, however, this last frontier is yielding to solid state
technology.

There are a variety of solid state devices capable of power amplification at microwave and
millimeter wave frequencies. As shown in Figure 1, these may be broadly divided into two
terminal and three terminal groupings, and further subdivided into various specific kinds of
devices. There is usually a choice of materials from which the active portion of the device
can be fabricated.

Some of the devices shown in Figure 1 remain little more than laboratory curiosities. The
device which appears to offer greatest future potential for many applications is the gallium
arsenide field effect transistor (GaAs FET). IMPATT diodes are an older device which
still have an undeveloped potential. These and several other devices which will be
reviewed in this paper are listed in Table I. In addition, the status of power combining
techniques will also be reviewed.

Throughout this paper the emphasis will be placed on space communications applications:
CW or high duty cycle pulse operation.

TABLE I

Solid State Devices Capable of Microwave Power Amplification

Type of Device Upper Useful Frequency
as CW Power Amplifier

Bipolar Silicon Transistors 4-10 GHz
GaAs FETs 20 -25 GHz
IMPATT Diodes 200 - 300 GHz
Gunn Diodes ~ 100 GHz
TRAPATT Diodes ~ 10 GHz.
EBS Devices ~ 4 GHz



GaAs FET POWER AMPLIFIERS

The field-effect transistor (FET) is a three terminal device (see Figure 2) in which a
voltage imposed on a “gate” electrode enhances or impedes the flow of current in an
underlying conductive channel terminated by a “source” and “drain” electrode. The
variation of channel current is accomplished by the effect of the electric field beneath the
gate electrode, which accounts for the term “field-effect transistor”.

Gallium arsenide microwave field-effect transistors (GaAs FETs) became a practical
reality during the early 1970s. Within a few years development had progressed to the point
where GaAs FETs were replacing uncooled paramps in earth stations at 4 and 7 GHz as
low noise devices. Space applications came shortly thereafter, initially as low noise
devices in the Communications Technology Satellite (CTS) and the Japanese CS Satellite.
Now the list of applications for GaAs FETs in space is expanding to include its role as a
power amplifier. Interest in extending the application of GaAs FETs in this manner is
particularly keen in view of its potential for replacing the traveling wave tube amplifier.
Historically, it has been observed that solid state devices offer orders of magnitude
advantages over tubes in terms of reliability, size and weight requirements. The interest in
GaAs FETs as a replacement of TWTAs is largely based on the premise that similar
benefits will thereby accrue.

The state of the art of power GaAs FETs is depicted in Figure 3. Three curves of power
output versus frequency are shown. One curve corresponds to actual performance achieved
in the laboratory today. The other two curves represent the bounds of predictions for 1983.
It must be borne in mind that today’s most spectacular laboratory results are embodied in
products that are not suitable for a space mission. They are obtained from devices that are
overstressed and therefore have limited life.

Curves similar to Figure 3 were constructed to correspond with the status of GaAs FET
development at earlier instants in time. In conjunction with today’s status and the 1983
range of predictions, a family of curves showing GaAs FET power output versus time was
constructed. This family of curves is shown in Figure 4.

In reviewing the efficiency obtainable from power GaAs FETs, no consistent trend was
found in present day devices. The efficiency decreases with increasing frequency, although
the extent to which this degradation occurs is a function of the gate dimensions and the
device packaging. At any one frequency the efficiency of commercial GaAs FETs varies
widely. This is shown in Table II for a variety of devices at 8 GHz. Note that power added
efficiencies (at saturation) range from 15% to 30%. It should be emphasized that the
overall amplifier efficiency is considerably less than the power added efficiency of the
output stage. This is due principally to the low gain of the power GaAs FET, necessitating



a substantial driver chain, and to a lesser extent, to the losses in the power conversion
equipment. Typically, the overall efficiency of a GaAs FET amplifier chain having gain
equivalent to a TWTA would be less than half the efficiency of the output stage.

TABLE II

Efficiency and Power Output of Commercial
GaAs FETs at 8 Ghz

Manufacturer Type
No.

Output Power Power Added
Efficiency

@ saturation
mW

@ 1 dB comp.
mW

&

Texas I nst.
Texas Inst.
Texas Inst.

MSX801
MSX802
MSX803

  250
  500
1000

30
30
30

NEC
NEC
NEC

V868A
V868B
V868C

  250
  500
1000

24
20
10

MSC
MSC
MSC
MSC

88001
88002
88004
88010

  310
  600
1100
2800

  260
  515
  940
2500

25
21
19
19

Dexcel
Dexcel

3630A-CR
3615A-P200

  700
  300

  500
  250

15
16

Plessey GAT4/020   100 10

Present development trends in GaAs FETs are oriented toward producing devices having
higher power output and improved reliability. Efficiency, gain and bandwidth are receiving
less attention, although it is clear that all parameters are interdependent. There is no
present basis for projecting major improvements beyond the efficiencies realizable in the
better GaAs FET devices available today. There may not be much incentive to design
GaAs FET power amplifiers with high efficiency as the major design goal. The need for
highest efficiency results in considerable measure from limitations in present spacecraft
payloads, and from an application where the solid state amplifier is to function as a plug-in
replacement to an existing TWTA. For future spacecraft designs, these considerations are
secondary.



Bandwidth is related to power output. Higher output power would tend to imply higher
device operating temperatures, which would tend to reduce reliability. To relieve thermal
stresses, the power generating surfaces can be dispersed by paralleling several elementary
devices within one device package, or by using a wider gate within one GaAs FET device.
Either way, the parasitic elements (chiefly shunt capacitance) that limit device bandwidth
become more significant. To some extent the effect of shunt capacitance can be relieved by
using internal matching sections between discrete elementary devices. This is an approach
that would generally be applied insofar as manufacturing technology permits. A more
advanced approach, which has been suggested but not yet acted upon, is to design a
distributed amplifier using many elementary devices within one package. The latter goal
would appear to be beyond near-term attainment, in view of the lack of work in this area.

Figure 5 shows percentage bandwidth as a function of power output for X-band GaAs
FETs. The solid region of the curve represents a region that has already been achieved or
can be achieved by 1983 without major difficulty. The dotted region represents
extrapolations that would require considerably more effort. To achieve 10 watts output
would result in an amplifier with about 250 MHz bandwidth at X-band. This would be
entirely adequate for any present communications satellite system requirements, but wider
bandwidth would be desirable for future systems. To some extent bandwidth limitations
will be relieved without any special effort when these devices are scaled to higher
frequencies.

In discussing GaAs FET development with leading device designers, a fairly uniform
consensus was noted concerning what must be done to achieve future goals. The principal
area of uncertainty is the reliability of power GaAs FETs for long life missions. Extensive
testing of significant numbers of devices under actual RF conditions is needed. Such tests
are expensive. Simpler d-c tests tend to be substituted with less conclusive results.

There is broad recognition of the need for full scale reliability demonstrations. Equally
important is the development of accelerated life test methods that would stimulate failure
modes that may be encountered during normal operation without provoking irrelevant
failure modes. It is not practical to conduct real time life tests on devices having mean
times to failure measured in many years.

There is some belief that device designs may not yet be sufficiently mature to warrant the
required investment in full scale testing programs. More work should be done in
developing improved methods for obtaining high quality substrate material. Alternative
metallization schemes must be further developed and evaluated. Device packages offering
reduced thermal resistance should be designed. Improvements are needed in device
processing to obtain increased uniformity and yield.



The relationship between needed technology programs and development goals is depicted
schematically in Figure 6.

IMPATT DIODE AMPLIFIERS

An IMPATT diode exhibits negative resistance at microwave frequencies. It can therefore
be used as an oscillator or as an RF amplifier. The frequency at which the device is useful
can be as low as 1-2 GHz or as high as several hundred gigahertz (although any given
IMPATT diode will be usable over only a small portion of that range).

The IMPATT diode derives its negative resistance properties from a combination of carrier
generation by impact ionization and transit time effects. It employs a p-n junction or
Schottky barrier, biased in the avalanche region of its volt-ampere characteristic. The
doping profile provides the desired combination of carrier generation and transit time
delay.

IMPATT diodes most commonly are made using silicon or gallium arsenide. Single drift
and double drift devices are available. The latter are generally more efficient and capable
of higher power output. A double drift IMPATT diode is roughly equivalent to a series
connected pair of single drift devices. It has a drift region on both sides of the junction,
one for holes and the other for electrons. The resultant increase in impedance levels
relative to single drift devices facilitates matching into microwave circuits. The tendency
toward parametric instability is also reduced by the double drift structure.

IMPATT diodes were first introduced about 10 years ago. Within a relatively short time
they were hailed as the obvious replacement for the TWT. For a combination of reasons
they never assumed that role. Although their potential reliability was thought to be
comparable to most solid state devices, it is only recently that their reliability has begun to
approach values that would be required for long life in space. One reason for the difficulty
in achieving reliability is the nature of the avalanche phenomenon upon which IMPATT
diodes depend. Efficient charge carrier multiplication requires a relatively high current
density across the junction, which in turn raises the junction temperature. As a result the
current densities required for reasonable efficiencies produced junction temperatures that
were too high for reliable long life operation. It was characteristic of IMPATT diodes that
they seemed to operate best at the point where they were just below burnout. Now, with
designs employing efficient diamond heat sinks, good reliability may be obtainable.
However, it is still true that these devices tend to be used by amplifier designers in a
manner that results in excessive junction temperatures.

A second difficulty with IMPATT diodes is common to most negative resistance devices.
There is no inherent isolation between input and output, so that a complete amplifier must



include low loss, low VSWR circulators between stages. Careful design is required to
achieve broadband characteristics. It is extremely important to control the load presented
to the diodes. Certain kinds of mismatches may result in near instantaneous burnout.

IMPATT diode amplifiers can operate in a negative resistance mode or in an injection
locked mode. Because the injection locked mode has significantly higher efficiency,
IMPATT diode power amplifier developments have concentrated in this area. The
injection locked amplifier is highly nonlinear, with characteristics approaching that of a
hard limiter. It is therefore usable with angle modulated systems (such as FM or QPSK)
where only one carrier at a time is present. With multiple carriers intermodulation would
generally be considered excessive. Hence, frequency division multiple access (FDMA)
systems cannot usually share a single IMPATT diode power amplifier.

A lock-in bandwidth of about 3% is the approximate limit for the injection locked mode
when the amplifier is driven by an unmodulated carrier. For a fixed carrier frequency near
band center, modulated by a digital bit stream, the limited data suggest that the bit error
rate becomes significant as the width of the RF spectrum approaches the steady-state CW
lock-in range.

Because of these special peculiarities of IMPATT diode amplifiers, they never assumed
the role of a TWTA replacement. Nor is it likely that they will assume such a role in the
future, except for special cases. Although IMPATT diodes and associated amplifier
circuitry are now relatively well understood, other solid state devices, principally GaAs
FETs, have more desirable characteristics as a TWT replacement at frequencies up to
about 20 GHz. The IMPATT diode is capable of significantly higher power output than the
GaAs FET. (At 10 GHz, by a factor of six to one in laboratory devices). However, the
development of power combining technology, together with the more rapid growth in
GaAs FET capability largely nullify the advantage of IMPATT diodes. The outstanding
example of IMPATT diode application in a space mission was their use in the COMSTAR
beacons. However, they were used as oscillators rather than amplifiers in this application.

The IMPATT diode amplifier appears to have a significant future role in space at
frequencies above 15-20 GHz -- not as a TWTA replacement, but in systems that can be
designed to accommodate their more restrictive characteristics. Digital systems employing
TDMA clearly represent a future trend. For these applications the IMPATT diode
amplifier is well suited. Power combining techniques suitable for use with IMPATT diodes
have been developed at frequencies up to 40 GHz. These techniques appear to be
extendable to 60 GHz in the relatively near term. With more intensive development effort,
extrapolations to 90 GHz appear reasonable.



In some applications the cost advantage of IMPATT diodes over GaAs FETs may be
significant. In the frequency region below 15-20 GHz, as much as a tenfold advantage in
watts per dollar has been estimated for IMPATT diodes in pulsed oscillator service. The
main applications in this mode would be in areas other than for communications. For CW
service the IMPATT diode cost advantage does not appear great enough to compensate for
their otherwise less desirable characteristics relative to GaAs FETs.

The present state of the art of IMPATT diodes, in terms of CW power output versus
frequency, is shown in Figure 7. A projection of what can be accomplished by 1983 is also
included. By means of similar curves constructed at particular instants in past time, a trend
of power output versus time was established. A family of curves for different frequencies
was derived in this way, as shown in Figure 8. Note that these curves level off and show
little growth compared to the corresponding GaAs FET curves. This is in part the result of
IMPATT diodes being a more mature technology. Additionally, the GaAs FET is of more
interest to a wide range of users, and hence its growth is being expedited by substantial
commercial funding of development programs. It appears that in this country advances in
IMPATT diode technology will require support by the defense agencies and by NASA.
Japan has a vigorous program of development work in IMPATT diodes, principally
because of their strong commitment to Ku-band space systems.

BIPOLAR TRANSISTORS

Historically, the first solid state device usable as a practical amplifier at microwave
frequencies was the silicon bipolar transistor. Its useful upper frequency limit for power
amplification is approximately 10 GHz, but other devices, particularly the GaAs FET, offer
superior performance at frequencies above about 4 GHz. Devices providing power outputs
of the order of 40 watts at 1.0 GHz and 5 watts at 4.2 GHz are typical of the performance
of commercially available “off the shelf” units now. Microwave bipolar power transistor
development has been active at frequencies up to about 3 GHz. In this region power output
has doubled in the past four years and it appears that this growth rate will be sustained for
the near term.

Typically, a microwave bipolar power transistor combines several chips in one package.
The power gain may run from 4 to 6 dB and the device power added efficiency is generally
less than 50%. The efficiency of a complete amplifier chain is usually no more than half
the device efficiency.

The success of microwave bipolar transistors is largely due to the mature silicon
technology developed for lower frequency units. Likewise, their future growth seems
limited by this material. The microwave bipolar transistor offers demonstrated reliability. It
appears to have carved out a durable place for itself. However, interest in developing it



further for frequencies above 4 CHz is lacking because of the more promising future of the
GaAs FET in this region.

MISCELLANEOUS DEVICES

Gunn Diodes

Gunn diodes have been used as oscillators for more than 10 years. Commercial microwave
radios now utilize Gunn diodes both as receiver local oscillators and as power amplifiers.
The rapid development of IMPATT diodes has, however, displaced Gunn devices for most
applications. IMPATT diodes can now provide higher power output at lower cost in
dollars per watt than Gunn devices. The area in which the Gunn diode remains clearly
unsurpassed is as a generator of low noise microwave power above about 6 GHz. Because
of this characteristic and its relatively low cost, the Gunn diode appears likely to dominate
the receiver local oscillator market in this frequency range. As a power amplifier in a
transmitter, its low noise characteristic is generally of no importance.

Gunn diodes for use at frequencies below 30 GHz are generally made of gallium arsenide.
At higher frequencies indium phosphide Gunn devices have been shown to offer superior
performance.

TRAPATT Diodes

The TRAPATT (Trapped Plasma Avalanche Triggered Transit) diode has a structure
similar to an IMPATT diode except that in the TRAPATT diode the avalanche region is
not in a fixed position. CW operation has been obtained at frequencies up to about
10 GHz. In the pulsed mode the TRAPATT diode has produced higher peak power than
any other solid state device at frequencies up to 100 GHz. Nevertheless, the TRAPATT
has had few if any practical uses to date, because it has acquired the reputation of being a
difficult, unstable device. The development of IMPATT diodes with comparable power
and efficiency will probably further reduce future interest in TRAPATTs.

EBS Devices

Electron bombarded semiconductor (EBS) devices represent an interesting hybrid
combining a semiconductor in a vacuum tube. A focused electron beam bombards a target
diode or group of diodes. Hole-electron pairs are generated, and charge multiplication
takes place in the semiconductor material. The resultant current is delivered to the output
circuit by means of a biasing potential applied to the diode. As an RF amplifier EBS
devices are useful from VHF to about 4 GHz. They are uniquely useful when a very linear
amplifier is needed. As a microwave amplifier its other performance characteristics can



generally be achieved more effectively with bipolar transistors. At 2 GHz, 50 to 100 watts
CW should be an attainable goal.

POWER COMBINERS

Interest in developing efficient power combiners stems from the power limitations of solid
state amplifiers. Power combining can take place within the device package or it can be
accomplished by external circuitry. In-package combining was previously mentioned as a
means of increasing the power output of GaAs FETs. Although in-package combining can
also be accomplished with IMPATT diodes, there is usually little incentive to do so, as it is
difficult to obtain proper load sharing between multiple negative resistance devices in one
package. Moreover, the additional parasitic reactances introduced by in-package
combining would degrade the outstanding high frequency performance of IMPATT diodes.

There are several ways to implement circuit combiners. Major types are identified in
Figure 9. Concatenations of multiple combiners are evidently also possible, although at this
point in time none such appear to have been developed.

Resonant combiners sum the power of several devices in a single cavity. Coupling
between the devices is obtained directly through the electromagnetic field. Cavity
combiners are used with two terminal devices. Thus, they can be applied to combine the
power produced by several IMPATT diodes, but they cannot be used with GaAs FETs.
Resonant combiners have been built at frequencies ranging from 5.0 GHz to 40 GHz.

Among the nonresonant combiners the binary tree approach is the simplest. A cascade of
3 dB hybrids is used as a power splitter at the input port. After amplification in individual
two terminal or three terminal active devices, the output power is summed in a second
cascade of 3 dB hybrids. A three level, eight device power combiner of this sort is
illustrated in Figure 10. Since the losses in the cascaded hybrids are cumulative, there is a
practical limit to the number of combining levels that can be advantageously employed in
the binary tree approach. Up to 4 levels (16 devices) appears to be reasonable.

The N-way power combiner avoids the cumulative losses that accompany the binary tree
approach. The input power is split in an N-way hybrid or radial line and applied to the
individual active devices. The output power is summed in a second N-way hybrid or radial
line structure. Raytheon has designed N-way power combiners for use with IMPATT
diodes. Westinghouse has designed such combiners for use with GaAs FETs. Simulation
studies are said to show that up to 40 -way combining may be feasible.

The limit on performance of the N-way power combiner may be a thermal one rather than
an electrical limit. As more devices of higher power are added, it becomes increasingly



difficult to dispose of the heat generated in the active devices. The geometry of the N-way
combiner does not favor good heat sinking.

An important requirement for any combiner is so-called “graceful degradation”. Failure of
one (or more) devices whose power is being combined should not cause complete failure
of the combiner. Circuit combiners of the hybrid tree or radial line type inherently possess
a graceful degradation characteristic. Cavity combiners, which are often used with
IMPATT diodes, will degrade gracefully if the diode fails in some specified manner. For
example, if it is known that an IMPATT diode forms a short circuit upon failure, a
coupling circuit to the cavity can be designed so that if a short is substituted for the diode,
little degradation occurs. However, if the diode fails in an atypical manner, the complete
amplifier may be disabled.

Table III shows the performance achieved by representative types of power combiners. In
comparing these results it must be emphasized that the development goals and conditions
of operation of the active devices were often not the same. For example, the 120 watts
achieved by Ratheon was said to represent an optimized tuning condition with the junction
temperatures of the individual diodes ranging from 220E to 240E C. While this may be a
satisfactory operating condition for some applications, the power levels would have to be
scaled down for a long life application in space.

TABLE III

Representative Power Combiner Results

Developer Freq

(GHz)

Max CW
Output
Power
(watts)

Combiner
Type

No. of Active
Devices,

Type

Combining
Circuit

Efficiency
(Percent)

Raytheon 5 120 Cavity, TM010 6 GaAs IMPATT
(single drift)

87

TRW 37 5 Cavity, TM010 8 Si IMPATT
(double drift)

63

Ford Aerospace 8 6.5 Binary Tree 8 GaAs FET
(RCA, T. I.)

65

Westinghouse 9 4.4 Radial Line 12 GaAs FET
(Fujitsu)

95



Looking toward the future, the power output obtainable from solid state transmitters will
increase because of the twofold effect of more effective power combiners and the
availability of higher power devices. In order to utilize higher power devices, improved
thermal designs will be needed. The radial line combiner built by Westinghouse employs
water cooling. For some purposes this would not be an acceptable method. The use of
miniature heat pipes may be a feasible alternative. Changes in the radial line structure to
increase isolation and bandwidth would then permit power combining of a larger number
of GaAs FET devices.

Good thermal design is equally important with cavity combiners employing IMPATT
diodes. The IMPATT diodes themselves may employ diamond heat sinks to reduce the
thermal spreading resistance to the mounting surface. This approach is effective to the
extent that a good heat sink is available close to the point of mounting.

At the higher frequencies, the small dimensions of the cavity limits the number of devices
that can be combined. One approach toward relieving this problem is to develop combiners
using higher order modes. Other developments would be needed to scale techniques that
have been successfully employed at the lower frequencies upward to the higher frequency
regions. Better manufacturing tolerances would be required, which are not easily achieved.

Figure 11 is a projection of what can be achieved, given sufficient interest, in increasing
the power output obtainable at various frequencies. These curves factor in the twofold
improvements that may be expected from improved devices and improvements in circuit
combiners. It must be emphasized that while attainment of these results appears technically
feasible, a level of funding support is presumed which is in some cases lacking.

CONCLUSIONS

The bipolar transistor using the now mature silicon technology appears to have established
a durable role for itself as a power amplifier at frequencies up to 4 GHz. At the upper end
of this range, competitive inroads from GaAs FETs may erode the dominance of bipolar
devices. Within the frequency band from 4 to approximately 20 GHz, GaAs FETs are
likely to become the preferred device for use as solid state CW power amplifiers.
However, for those applications where linearity is of no importance, the IMPATT diode
may offer a more economical alternative, particularly in pulse service.

At frequencies higher than approximately 20 GHz, the IMPATT diode amplifier is the
most promising solid state device for use as a power amplifier. Gunn diodes will continue
to retain their present role as low noise, low power signal devices.



To replace traveling wave tube amplifiers, power combining circuitry appears necessary,
and several promising alternatives for their design are available. However, the increased
power handling capability of solid state devices, coupled with new directions in system
architecture, may limit the future role of power combining circuitry.
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ABSTRACT

The Field Effect Transistor (FET) is revolutionizing microwave communications with both
its low noise performance and high dynamic range. This paper emphasizes developed
amplifier hardware available today for both ground and satellite applications. The focus is
on the noise figures and output powers available from 4 to 15 GHz.

INTRODUCTION

Communication amplifiers divide relatively easy into either low noise amplifiers for
receiver applications or power amplifiers for transmitter applications. At the present time,
the Field Effect Transistors do not have sufficient output power to be the final amplifier
within most transmitters. For this reason, FET’s are still largely utilized to drive a TWT in
the transmitting chain.

The Field Effect Transistor is unique where semiconductor devices are concerned in their
ability to achieve low noise performance at a bias level that has a minimum of sacrifice in
output power performance. This difference is particularly startling to design engineers who
are familiar with silicon bipolar transistors. Many of the amplifiers designed using bipolar
transistors have extremely low output powers when biased for minimum noise figure.

LOW NOISE APPLICATIONS

Data for this application is shown in Figure 1 where the noise figure as a function of
frequency is presented for several frequency bands. This data differs from that given within
the paper by Fank1 which is also part of this conference. The reason being that the data
within this paper is on finished amplifiers that are commercially available and not on the
transistor itself as was the case in the referenced paper.



Probably the most popular amplifier during the early applications of Field Effect
Transistors to the communications field was the 1.5 dB noise figure amplifier in the 3.7 to
4.2 GHz band. When FET amplifiers first became available at a competitive price, the
amplifier noise figures for this band were in the 2.0 to 2.3 dB range using an FET with a
1.0 micron gate length. But further improvements in the geometry of the FET produced
smaller (0.5 micron) gate length devices, and along with higher production rates to permit
sorting transistors for minimum noise figure, the 1.5 dB noise figure was reached. These
1.5 dB noise figure amplifiers were instrumental in reducing the antenna size and hence the
cost of small ground station terminals. This particular type of amplifier has matured during
the last two years so that it can be purchased with 50 dB gain in large quantities for about
$1,200. However, this has been but the first of the applications for Field Effect Transistor
amplifiers within the communications field, and many other fully developed units are now
available.

The higher frequency units shown in Figure 1 include both the ground station and satellite
receiver applications as well as the troposcatter communications band. At the high
frequency end of Figure 1, this data on developed amplifiers is again sufficiently above the
2.5 dB noise figure reported by Estabrook et al2 on a single module at 14.5 GHz. The
noise figure of a total amplifier using such an input stage would be 3.2 dB due to the input
isolator loss and second stage contribution. The data within Figure 1 is representative of
what can be purchased in large quantities at reasonable prices rather than state-of-the-art
performance data.

One of the major emphases in the fabrication of Field Effect Transistors is the effort to
reduce the gate width on these devices. As already mentioned, the reduction in gate length
from 1.0 to 0.5 microns substantially lowers the available noise figure at 4.0 GHz. The
devices utilized to set the noise figures of all the amplifiers in Figure 1 are of the 0.5
micron variety. This author predicts that within three years a 0.25 micron device will be
available that will lower the amplifier noise figure obtainable at 14 GHz to 3.0 dB.

The dashed line drawn in Figure 1 is, at first glance, not compatible with the 1.5 dB noise
figure for 3.7 to 4.2 GHz. This apparent inconsistency is due to the use of packaged
devices at the lower frequencies. The package parasitics can be matched out at the lower
frequencies without sacrificing gain flatness, phase linearity, VSWR and temperature
stability. As the amplifier operating frequency rises to the 8 GHz range, these package
parasitics become more difficult to compensate for. If only minimum noise figure was
desired, better performance could be obtained. When other performance criterion are
considered, most designs switch to unpackaged devices and higher noise figures result.

Many amplifier designers might disagree with Figure 1 and maintain that the change to
unpackaged devices does not necessarily result in higher noise figures. This is true. What



really produces the higher noise figures is the higher cost of sorting an assembled amplifier
stage as compared to a packaged transistor. The yield factor also enters into this equation.
The author has placed a judgment factor upon the cost todays systems designer will pay
for low noise performance. With higher usage in these bands, the ground station amplifiers
will have reduced noise figures. The noise figures for satellite receiver amplifiers will not
be reduced solely by higher usage however. This is because the screening requirements
upon the semiconductor wafer to establish its pedigree again preclude a cost effective
sorting of devices for minimum noise figure.

LOW NOISE AMPLIFIER ALTERNATIVES

A Field Effect Transistor has several competitors in the low noise area with the parametric
amplifier being far superior to the FET amplifier in terms of noise figure. For the ultimate
in noise figure, the paramp is definitely the choice. However, the paramp cost may be as
much as a factor of 10 above the FET amplifier. Size and weight considerations also
heavily favor the FET amplifier with the uncooled paramp also being 10 times larger in
each of these categories. One of the areas in which the Field Effect Transistor amplifier
has been quite successful is in replacing paramps within the second stage of a two stage
parametric amplifier. Because of the high dynamic range performance of the FET
amplifier, typically 20 dB of improvement can be obtained in this area. Thus, this paramp-
FET combination is a particularly good choice for increasing the dynamic range over a two
stage paramp configuration while experiencing only a minimum degradation in noise figure
because of the dominating effect of the paramp in the first stage.

The other competitor to Field Effect Transistors is the tunnel diode amplifier. These two
amplifiers are comparable in terms of noise figure. The Field Effect Transistor is lower in
cost, smaller and weighs far less. However, the tunnel diode amplifier is far from dead. In
the important areas of limiting and AM to PM conversion, tunnel diode amplifiers are
superior to the current Field Effect Transistor amplifiers. There are techniques being
developed at the present time to produce Field Effect Transistor amplifiers with limiting
characteristics that more closely match those obtainable with the tunnel diode. If these
techniques can be refined over the next two years, the tunnel diode will then be in jeopardy
of elimination from many satellite applications. The Field Effect Transistor does have the
definite advantage of dynamic range with low noise devices having 20 dB greater output
power than that obtainable from tunnel diode amplifiers.

DRIVER APPLICATIONS

As mentioned in the introduction, a Field Effect Transistor is not yet available with 10 to
40 Watts of output power to be used as a transmitter. It is an excellent driver, however, 



and because of its greater dynamic range than tunnel diodes, it does provide much lower
intermodular distortion.

The output power capability of Field Effect Transistor amplifiers is shown in Figure 2 as a
function of frequency. This figure shows the difference between ground applications and
satellite bands because of the desire to derate performance in recognition of a conservative
input power or chip operating temperature in satellite applications. Progress in terms of
output power capabilities on Field Effect Transistors has been spectacular and perhaps
even more rapid than the noise figure revolution. As an example, three years ago the
Watkins-Johnson Company was selling bipolar transistor amplifiers for satellite drivers
operating from 3.7 to 4.2GHz. This amplifier today should definitely utilize Field Effect
Transistors and would increase the intermodulation performance by a minimum of 10 dB.

Again, as in the case of Figure 1, several amplifier designers might object that the output
power levels shown in Figure 2 are too conservative. Ho, for example, has reported on an
amplifier with +37dBm of output power for 3.7 to 4.2 GHz3. This amplifier would be very
expensive for today’s flight requirements, but in three years it could be feasible.

An unique advantage for the transistor amplifier designer that the power Field Effect
Transistors have is that the impedance is easier to match to than bipolar devices with
equivalent output power. This translates into less gain and phase variation as a function of
frequency for the systems designer. Gain flatness ±0.1 dB peak to peak per channel is
typical for many satellite applications. Each of the curves in Figure 3 demonstrates this
gain flatness. These amplifiers can be compensated for very stable gain as a function of
temperature. For example, Figure 3 shows gain change as a function of temperature for an
amplifier covering 7.9 to 8.4 GHz. The systems designer should be particularly aware of
the need to compensate transistor amplifiers and should specify the amplifier compensation
carefully. It is also necessary to realize this specification has a tremendous impact on the
cost.

The FET amplifier is also an excellent performer in terms of phase linearity as shown in
Figure 4. The FET amplifiers also have very low AM to PM conversions within their linear
operating region. Once saturation begins, however, the AM to PM conversion becomes
much larger than that normally experienced with tunnel diode amplifiers. To some extent
this problem is circumvented by the FET driver amplifier’s 30 to 40 higher dynamic range,
but the tunnel diode is still supreme for limiting applications.

PACKAGING ADVANTAGE

The FET amplifier does have a special advantage over the tunnel diode amplifier,
especially when noise figure is not the driving requirement. That advantage is the ability to



design low VSWR amplifiers in very small stripline integrable packages such as shown in
Figure 5. The input and output stages are balanced for low VSWR at a small sacrifice in
noise figure. This type of amplifier can be dropped into higher level integration boxes
without SMA connectors and used as distributed gain in 10 to 20 dB blocks. This author
feels that the availability of such stripline compatible, low gain, high dynamic range
building blocks will revolutionize RF designs for satellite applications.

RELIABILITY

Field Effect Transistors have been tested extensively for their reliability performance. At
the present time, amplifiers containing eight Field Effect Transistors have calculated
MTBF’s in excess of 5 x 106 hours for satellite applications. Testing has occurred both at
many manufacturers facilities as well as at independent laboratories.

FUTURE TRENDS

There are two major trends to FET development. The, first is the development of new
fabrication techniques to lower the noise figures of the devices. This low noise work has
concentrated in the area of smaller geometries and better contacting procedures. The
second area in which device performance is being advanced is in improving the output
power. While much of the multi-cell work already done on silicon bipolar devices can be
extended to the Field Effect Transistor, some special techniques must also be developed.
However, the major problem in increasing the output power of individual devices will be in
solving the problems associated with conducting the heat away from the active layer of the
Gallium Arsenide semiconductor chip. Flip chip bonding techniques are required for the
next generation of power devices. A flip chip configuration is especially important as all
three of the FET terminals are positioned on the upper surface of the chip. This compares
to the bipolar transistor where one of the device’s terminals is the substrate material. The
substrate of a Field Effect Transistor is only a physical support for the active layer of the
device and should not be placed between the thermal activity of the active region and the
heat sink. Until one or more chip bonding techniques are fully evolved, commercially
available chips will be limited to the few watt output power levels and the 10 to 20 Watt
chips will remain a laboratory phenomena.

ACKNOWLEDGMENTS

The author wishes to acknowledge several discussions with both P. Estabrook and S.
Livingston on the general area of FET communication amplifiers and especially their
comments on the specific subjects discussed herein.



FOOTNOTES

1. Fank, B., “Microwave and Millimeter Wave Semiconductor Devices”, International
Telemetering Conference, Los Angeles, November 1978.

2. P. Estabrook, C. M. Krowne, E. J. Crescenzi, Jr. and R. E. Stegens, “A Low Noise
Single Ended GaAs Schottky FET Amplifier for a 14 GHz Satellite Communications
Application”, 1978 IEEE MTT-S, Ottawa, Canada, June 28, 1978.

3. P. T. Ho, “A 7 Watt C-Band FET Amplifier Using Serial Power Combining
Techniques”, 1678 IEEE MTT-S, Ottawa, Canada, June 28, 1978.

Figure 1 - Commercially Available Noise Figure as a Function of Frequency for
Communication Applications



Figure 2 - Readily Available Output Power as a Function of Frequency for FET
Communication Applications

Figure 3 - Gain as a Function of Frequency and Temperature for a Low Noise
Satellite Amplifier



Figure 4 - Phase Deviation From a Linear Response for a Satellite
Driver Amplifier

Figure 5 - Stripline Compatible FEI Amplifier
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ABSTRACT

MNOS memory components are well suited for use in spacecraft recorders. Recorder
design considerations and MNOS chip requirements are reviewed, and projections for 108

and 109 bit recorders are presented.

INTRODUCTION

Metal-nitride-oxide semiconductor (MNOS) technology can be used to fabricate large
scale integrated devices which provide nonvolatile read and write data storage. Present day
integrated circuits can meet some recorder needs. With the development of higher bit
densities per chip, the possibility of general purpose 108 and 109 bit capacity recorders is
very real.

The purpose of this paper is to examine the potential of MNOS for realization of
spacecraft recorders. The requirements of the recorder application are restated as reported
in the literature. The nature of MNOS memory is briefly reviewed. Some of the
considerations important to recorder unit design are discussed. Finally, the characteristics
of 108 and 109 bit recorders as implemented with MNOS chips of different storage
capacity are summarized.

INTRODUCTION

The shortcomings of magnetic tape recorders have motivated serious attempts to find a
viable alternative memory. Tape recorders have a poor reliability history on U.S.
spacecraft. These units tend to fail catastrophically rather than degrade gracefully.

Tape systems are difficult to apply properly. The designer must contend with long start and
stop times. Only serial operation is possible. The bit rate is uneven because of wow, flutter
and jitter. The presence of rotating parts must be considered to avoid affecting the angular
momentum of the spacecraft. The motor employed must be examined for electromagnetic
interference. Recorder packaging and testing can be rather complex.



A solid-state unit would of course avoid all of these problems. Consideration has been
given to construction of recorders using CCD components or magnetic bubbles. The
storage density, nonvolatility, low power dissipation, and relative radiation hardness of
bubbles has generally caused a preference for bubbles over CCD. MNOS devices have all
the advantages of bubbles, but are easier to package, simpler to interface, and allow much
more design flexibility.

RECORDER REQUIREMENT

Reference [1] reported on a survey of recorder requirements for future U.S. spacecraft
missions. Capacity needs tended to cluster at about 108 bits. A few missions were
projected as needing 109 bits. The authors concluded that a “standard” recorder design of
108 bits would meet roughly half of future program requirements. From the characteristics
of existing tape recorders, they proposed a set of target specifications which are
competitive with tape units and meet a large percentage of potential user needs.

bit capacity 108 bits
record rate 105 bits/second
playback rate 108 bits/second
power 20 watts (worst mode)
weight 10 pounds
volume 800 cubic inches

Data rates and recorder usage will of course vary with the mission. In earth orbit a
recorder would typically accumulate data slowly during the orbit. When the spacecraft
passes a ground station the data would be read out rapidly for transmission to earth.
Therefore, the recorder might be written only once per orbit. For a 1.5-hour orbit period,
the memory would be written 16 times a day. Over a six-year period the accumulated write
cycles would be about 35,000.

MNOS TECHNOLOGY

Present day MNOS technology has achieved the level of maturity necessary to allow the
construction of reliable memory systems. The state of the art can best be communicated by
reviewing the elements of a suitable memory device. These include the MNOS memory
transistor, the storage cell, and the integrated memory chip. The MNOS technology, like
all integrated circuit technologies, is advancing rapidly, and it is important to consider
near-term growth possibilities.

MNOS nonmemory transistors are similar in form and function to the well known MOS
transistor, except that the insulator region is composed of two dielectric layers. As shown



in figure 1, a nonmemory transistor gate structure typically consists of 800 angstroms of
oxide (SiO2) under 450 angstroms of nitride (Si3 N4).

The dual dielectric transistor can be used for nonvolatile storage of information. When the
oxide layer is made very thin (.21 A), it becomes possible to electrically insert or remove
charge from traps in the nitride close to the nitride-oxide interface. When power is
removed, the charge will remain within the insulator for very long time periods.

A change in the quantity of charge in the insulator will cause a corresponding change in
threshold voltage of the transistor. For binary information storage the threshold voltage is
shifted or switched into two distinguishable levels. The most positive threshold level
places the transistor in the high conduction (HC) state, and the symbol VHC is often used to
describe that state. Similarly, the most negative threshold is a low conduction (LC) state,
and it is usually symbolized as VLC .

Figure 2 shows a cross section of a drain source protected (DSP) memory transistor [2],
and presents a schematic symbol equivalent circuit diagram. The middle symbol represents
the memory transistor associated with the thin oxide region. The arrow on the gate
identifies the variable nature of the threshold voltage. The symbolized gaps between the
source, substrate and drain imply enhancement mode operation (for the illustrated
structure, this is not completely true because the HC state can be depletion mode). The
transistor symbols on each side represent nonmemory transistors associated with the thick
oxide regions.

The thick oxide serves to protect the thin oxide from stress associated with material
imperfections and/or electric fields. The p-channel enhancement mode nonmemory
transistors determine the high conductance state of the overall DSP structure, and
therefore, the DSP device is confined to enhancement mode operation. This is an important
issue in that it allows the device to be readily interconnected into large arrays without
having to contend with difficult parasitic current problems.

Many models of memory device operation have been presented in the literature, and the
general phenomena involved are reasonably well understood. The models in general are
not adequate to account for all facets of device behavior. Usually the transistor structures
are designed for charge transfer between the silicon and traps in the nitride by direct
tunneling. It is possible that both electron and hole conduction occurs. The nitride traps are
believed to be distributed in both energy and space. The tunneling oxide is a complex layer
with ill-defined transitions from silicon to oxide and from oxide to nitride.

In an integrated memory device, a memory transistor will be subjected to pulses of
prescribed amplitude and duration in order to shift between VHC and VLC . The threshold



voltage magnitude after a given pulse depends on the pulse response characteristic of the
transistor and the initial threshold voltage. A small time after the threshold voltage has
been switched it begins to decay. For times on the order of a year the voltage decay is
linear with the logarithm of time.

After a transistor has been subjected to about 108 switching cycles, changes begin to occur
in the pulse response characteristic and in the decay rate. In the literature, the ability of a
transistor to withstand cycling is referred to as “endurance.” The endurance rating of a
device is stated as the number of accumulated erase-write cycles which can be tolerated
before it is probable that memory cell operation would be affected. Reference [2] gives a
discussion of the factors involved in endurance, and presents data which indicates that 1010

cycles can be tolerated with ±20-volt, 100-microsecond pulses and still achieve 2,000
hours retention.

The endurance of a transistor depends on proper control of electric field strengths and the
properties of the dual dielectric structure. Control of the nitride thickness is an important
factor, and the advent of low pressure chemical vapor deposition (LPCVD) of the nitride
has significantly improved production uniformity. Endurance ratings will vary from
manufacturer to manufacturer because of processing and geometry differences. Ratings
will vary from application to application even for a given manufacturer because the device
stress levels may be different.

Commercial manufacturers making devices intended to be alterable read-only memories
have set endurance ratings as low as 105 cycles. Manufacturers for the military making
BORAM type devices have set ratings of 107 or 108 cycles. Military RAM type devices
using nonsaturated pulse conditions can achieve 1012 cycles. Since a typical spacecraft
recorder might accumulate 35,000 cycles in six years, the endurance of MNOS is more
than adequate for the application.

The thin oxide memory transistor has been found to be a very hard structure. Memory in
MNOS devices can survive an accumulated dose of 108 rads (Si) independent of dose rate
[4] [5] [6].

The MNOS technology has long been recognized as having the potential for very high bit
density, and recent circuit designs are beginning to achieve this goal. Figure 3 shows a
conventional MNOS two-transistor cell used in an 8,192-bit BORAM device. Two-
transistor cells with differential detection circuitry are used as a means of ensuring high
yield and adequate retention in the presence of normal process variation. Four masks are
used to form the cell and alignment is not critical. No contact windows exist in the cell. All
of the features are stripes. The two transistors are entirely independent in that each has a
separate source and drain diffusion.



A more advanced cell design appears in figure 4. Here a polycrystalline silicon layer has
been added to allow column switching. In this design, adjacent transistors can share p+
diffusions, and the spacing between columns is eliminated. Using these dimensions, one
can build 0.5-mil2 two-transistor cells or 0.25-mil2 one-transistor cells.

As changes in circuit geometry and process sequence are introduced and proven, MNOS
cell sizes will shrink dramatically. The MNOS cell is simpler than that required for CCD
or MOS structures [7]. Present day cells will allow fabrication of economically viable
16K- or 32K-bit chips. In the future, the bit density will exceed 131K bits.

A variety of MNOS memory circuits are currently available from several suppliers. Most
of these devices were intended for use as electrically alterable ROM. For the recorder
application, it is more efficient to use a BORAM (block-oriented random-access memory)
organized chip. BORAM devices allow simplification of control circuitry, simplification of
addressing, and an increase in recording rate without a power penalty.

The Westinghouse BORAM 6008, shown in figure 5, is an example of this type of circuit.
As shown in figure 6, the chip contains a 256-word by 32-bit RAM and a 32-bit shift
register. All I/O takes place serially through the shift register. Parallel bidirectional data
transfer between the RAM and the shift register takes place via an internal 32bit latch.

The RAM and the shift register operate independently. High bit rates may be maintained at
the I/O terminals while the RAM need operate at only 1/32 of the external rate. If a record
rate of 105 bits/second is desired, the time available for processing 32 bits would be 320
microseconds. Because the write time per 32-bit row is on the order of 200 microseconds,
the speed of the chip is adequate for the recorder application. In practical recorder circuits
it is likely that more than one chip would be enabled to receive data, and thus even higher
recording rates are easily achieved.

To achieve the desired packaging densities and radiation hardness, some further chip
development work is necessary. The BORAM chip mentioned above will operate after 3 x
104 rad (Si). With circuit changes, the tolerance can be increased to about 105 rads (Si) and
1010 rads/second transient. Achievement of these goals has recently been demonstrated on
a part made using processing similar to the BORAM device [8].

RECORDER DESIGN CONSIDERATIONS

Recorder design is to a large extent dictated by the nature of the memory component. The
choice of MNOS BORAM gives considerable freedom in both electrical and mechanical
design. Because of the basic nature of an MNOS part, some very advantageous design
strategies are possible.



The nonvolatility of MNOS allows the recorder design to achieve low power and high
reliability without giving up performance. A given MNOS device need not be powered up
except for the small time interval when it is to be used in a data transaction. In a recorder
this might mean that only one or two chips are ever active. For the entire storage section of
a recorder, the power requirement while writing or reading may be made to be less than a
watt.

Because of the use of power switching, the normal environment for a memory chip in the
recorder would be the powered down mode. This condition greatly enhances chip
reliability [7] because of the great difference between active chip failure rate and dormant
chip failure rate. An active chip has voltages applied and electric field stresses exist within
the chip. A dormant chip has all voltages removed and electric field stresses within the die
are greatly reduced. The failure rate of a dormant MNOS chip may be conservatively
estimated as one-tenth that of an active chip.

This natural reliability advantage can be further enhanced by the use of some form of
redundancy. Because of the serial flow of data and the desire for low power, probably the
most appropriate scheme is to divide the storage into a number of modules. For the
memory to be considered fully functional, in modules out the n modules are required to be
operational. Designs of this type can achieve 0.999 reliability at three years with
approximately 20 percent device redundancy.

The MNOS memory component eliminates some of the design limitations that are
associated with magnetic bubble devices. An MNOS chip can operate over the full military
temperature range of - 55EC to + 125EC. The data signals to and from an MNOS part are
at normal integrated circuit logic levels. Special sense circuits are not required. Data is
stored in addressable arrays. There is no rotating shift register to keep track of or to
control. Of course such items as bias magnets, rotating field coils, and field driver circuits
do not exist. Data access and timing is not constrained by rotational latency. Power
switching circuitry must deal with only small amounts of current working into noninductive
loads.

Packaging an MNOS memory system is much easier than packaging a magnetic bubble
system [7]. At every modular level within the systems there is much less to package in an
MNOS unit. Figure 7 shows the hybrid circuit package currently being used for MNOS
BORAM chips. Note that this 1- by 2-inch hybrid contains 16 chips. At the comparable
modular level a bubble system would have to include memory chips, preamplifiers, X and
Y field coils, and bias magnets. At the card level and system level, this trend continues
because circuitry and components are required to control the magnetic fields which do not
exist in the hybrid.



From a packaging point of view, a solid-state recorder can be divided into a storage
section, a control section, a power supply, and a cable entry section. The storage section
consists of some arrangement of memory components and essential interface circuitry
which is replicated to achieve the required storage capacity. The volume required for the
control, power supply, and cable connectors does not vary significantly with storage
capacity. Therefore, the volume of a recorder can be computed as some fixed volume plus
the volume associated with a single memory card times the number of memory cards.

In comparing MNOS and bubble packaging, the volume required per memory chip in the
storage section and the bit density per chip are the important factors. The 108 bit bubble
recorder projected in [1] required 7.78 cm3/chip in the storage section. An MNOS recorder
needs only 1.77 cm3/chip in the storage section. In this case the bubble chip must contain
five times more bits than the MNOS chip to maintain volumetric parity.

The number of bits per chip is the parameter which determines the viability of a solid-state
recorder. Table 1 compiles the number of chips required to 108 and 109 bit recorders for
various chip capacities. Obviously, the larger the number of bits per chip the better the
packaging situation. For a 108 bit recorder, a 16,384-bit chip allows achievement of a
recorder volume less than 800 cubic inches which [1] claimed to be competitive with tape
recorders. The use of 32,768 bits/chip and larger will provide a significant packaging
advantage over tape. To compete with bubble packaging the MNOS die must be at least
one-fifth the size of the bubble die. A 65,536-bit MNOS chip can provide denser
packaging than a 262,144-bit bubble chip.

RECORDER DESIGN EXAMPLES

MNOS recorder design involves a number of tradeoffs which can significantly alter the
characteristics of the memory system. In the examples which follow, performance in terms
of record and playback rate was held to the target goals in order to minimize power. The
MNOS component is capable of much higher performance, but this feature was deemed to
be of no value for this application.

Power dissipation is determined by the efficiency of the supply, the power required for
control logic, and the power in the storage section. As a worst assumption, it is assumed
that the supply is only 50 percent efficient. Control logic power depends on the choice of
the integrated circuit technology. The low operating speed will allow the use of CMOS. In
some cases, bipolar circuits will have to be used to accomplish level shifting. Maximum
dissipation associated with control circuitry is less than 1 watt.

The storage section consists of MNOS memory chips, driver and buffer circuits, and
power switching circuits. Sixteen MNOS chips are packaged in hybrid circuits similar to



that shown in figure 7. Sixteen hybrids are placed on a memory card that measures 6 by
8.5 inches. Therefore, a memory card contains 256 chips. During recorder operation, only
one card is addressed at a time, and two chips on that card are powered up. Dissipation
from those two chips during the worst operating mode is approximately 0.7 watt. The
dissipation in the associated drivers, buffers, and power switches is less than 1 watt. Total
storage section dissipation is less than 1.7 watts, and does not vary with the addition of
more memory cards.

The total recorder dissipation is seen to be less than (1 + 1.7) x 0.5 or 5.4 watts. The
power dissipation remains within this limit whether the recorder contains 108 or 109 bits.

Table 2 summarizes the parameters for 108 bit recorders implemented using four different
MNOS chip sizes. The designs are compared against the target parameters suggested in
[1]. All of the recorders are identical in capacity, bit rates, and power. They differ in
weight and volume. It appears that even a 32K-bit chip can provide volumetric efficiency
greater than the 125,000 bits per cubic inch target. The designs range from 219,298 bits
per cubic inch for a 32K-bit chip up to 606,060 bits per cubic inch for a 262K-bit chip.

Weight predictions fall short of the design target until a 131K-bit chip is used. In each
case, the packing density was assumed to be 1.15 grams per cubic centimeter.

Table 3 presents similar data for 109 bit recorders implemented using three different chip
sizes (in this case, the storage capacity was taken as 230 bits which is 7.4 percent greater
than 109 bits). The smallest chip considered feasible for construction of this size of
memory was 65K bits. Redundancy would definitely be employed to ensure reliability in
the presence of a large component count. Bit rates and power are identical with the 108 bit
recorders. Weight and volume are small enough to allow serious consideration of the
systems on a spacecraft.

The use of MNOS BORAM devices allows the recorder to be used as an addressable
device rather than just a serial unit. For the recorder design examples, it was assumed that
the host system would specify a starting block address. Reading or writing would then
continue in a serial fashion from that point in the recorder.

When larger MNOS chips are employed, the cost per bit becomes quite low. System
prices in the range of 0.01 cent per bit to 0.03 cent per bit can be achieved as the product
matures.



CONCLUSIONS

The MNOS technology has the potential of providing superior cost effective recorders for
use in spacecraft. The achievement of that potential depends on the availability of larger
bit capacity chips. The prognosis for achievement of larger chips is good, and MNOS
recorders can be expected to emerge in the early 1980 time frame.
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Figure 1.  MNOS Nonmemory Transistor

Figure 2.  MNOS Drain Source Protected Memory Transistor

Figure 3.  An MNOS Two-Transistor Cell of Conventional Design



Figure 4.  MNOS Single Poly Layer Cell

Figure 5.  BORAM 6008 Die



Figure 6.  BORAM 6008 Functional Block Diagram

Figure 7.  BORAM Memory Microcircuit - Westinghouse Part 647R527G01



TABLE 1
CHIP REQUIREMENT FOR 108 AND 109 BIT RECORDER

Bits/Chip

Number of Chips Required with
No Redundancy

108 Bit Recorder  109 Recorder

8,192
16,384
32,768
65,536

131,072
262,144

12,288
6,144
3,072
1,536

768
384

131,072
65,536
32,768

 16,384
 8,192
 4,096

Chip requirement projection uses 3 x 225 = 100,663,296
as . 10-8 and 230 = 1,073,741,824 as .109

TABLE 2
108 BIT MNOS RECORDER DESIGN PROJECTIONS

Characteristic Design
Target

MNOS 32K
Bit Chip

MNOS 65K
Bit Chip

MNOS 131 K
Bit Chip

MNOS 262K
Bit Chip

Units

Bit Capacity
Record Rate
Playback Rate
Power
Weight
Volume

108

105

106

20
10
800

108

105

106

5.4
19
456

108

105

106

5.4
12
290

108

105

106

5.4
9
206

108

105

106

5.4
7
165

Bits
Bits/Sec
Bits/Sec
Watts
Pounds
Inches3

TABLE 3
109 BIT MNOS RECORDER DESIGN PROJECTIONS

Characteristic MNOS 65K
Bit Chip

MNOS 131K
Bit Chip

MNOS 262K
Bit Chip

Units

Bit Capacity
Record Rate
Playback Rate
Power
Weight
Volume

109

105

106

5.4
79
1897

109

105

106

5.4
42
1010

109

105

106

5.4
24
567

bits
bits/sec
bits/sec
watts
pounds
inches3



BUBBLE MEMORIES FOR SPACECRAFT MASS STORAGE
STATUS AND POTENTIAL
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ABSTRACT

A combination of solid state technology, high storage density and nonvolatility makes
Bubble Memory Technology an attractive option for spacecraft system designers. It has
the potential for not only replacing conventional spaceborne mass store media such as tape
but also the flexibility to be configured into mass store system resembling disks providing
the designer with memory organizations for space applications not previously available.
The current state of this technology is assessed in terms of memory element, memory
element packaging and system design with special attention to those aspects particularly
relevant to space applications. Future developments in the technology and their impact on
the capability and application are also considered.

INTRODUCTION

Bubble Domain Memory is a new mass storage memory medium which is rapidly maturing
to a state that will see general commercial application during the coming year. These
applications will principally be as “gap filler” memories between fast RAM’s and large
mass memories and as replacements for cassettes and floppy disks. Beyond commercial
applications, there are a number of characteristics of this technology which make it
particularly attractive to the spacecraft system designer. The nonvolatile solid state nature
of bubble memory combined with a high data storage density make it an obvious candidate
for a tape recorder replacement with reliability being a primary consideration. In addition
to such replacement applications, the characteristics of bubble memory elements and
bubble memory systems allow a flexibility leading to memory organizations which are not
readily available for spacecraft use from current memory technologies.

The intent of this paper is to provide an overview of bubble domain technology with
special emphasis on aspects of its application to spacecraft systems. This discussion will
be divided into three major sections; Bubble Memory Element, Bubble Memory Element
Packaging and Bubble Memory Systems. Each of these sections will review the associated 



technology, asses the current state of the technology and consider the impact of future
improvements in the technology.

BUBBLE MEMORY ELEMENT TECHNOLOGY

Bubble Memory Element Operation

Bubble Memory Devices make use of the manipulation of stable cylindrical domains
(called bubbles) in a thin planar magnetic garnet film to store digital data. The memory
elements are formed by epitaxial growth of the magnetic garnet on a nonmagnetic garnet
substrate. When a magnetic bias field of the proper amplitude is applied normal to the film
surface, it is possible to form small stable cylindrical magnetic domains which are
magnetized in a direct antiparallel to the remainder of the film and the bias field. These
cylindrical domains or bubbles may then be used to represent digital data stored in the
film. (A digital “1” represented by a bubble and a “0” by the absence of a bubble.) By
applying an appropriate permalloy thin film pattern over the surface of the bubble material,
the interaction of the bubbles with the permalloy patterns may be made to define stable
rest positions for the bubbles over the surface of the device. These rest positions must be
spaced about four bubble diameters apart to minimize interaction with this fact establishing
the maximum storage density for a given bubble size.

A conductor layer is also deposited on the surface of the bubble device to allow formation
of current loops which can be used to locally modify the applied magnetic field in
conjunction with specially designed permalloy pattern elements to perform operations on
bubbles at specific locations. Operations performed in this manner include the generation
or writing of a bubble, the annihilation or erasure of a bubble, transfer of a bubble from
one location to another and replication of a bubble from one location to another. The
current loops which perform these functions are termed generators, annihilators, transfer
gates and replicate gates respectively.

If a rotating magnetic field is applied in the plane of the bubble memory element, the
magnetic polarization of the permalloy pattern elements will shift in response to the field
orientation in such a way that a bubble located at one permalloy pattern element will be
shifted to the adjacent pattern for each cycle in the rotating field. By configuring the
permalloy elements into closed loops, shift registers may be formed for the bubbles with
propagation controlled by the rotating field. Using the functions formed by the conductor
layer, bubbles may be generated into, erased from or transferred between these shift
registers to form the basis for a memory storage element.

Detection or reading bubbles from these shift registers is accomplished using magneto
resistive sensing. This is achieved by locally distorting the bubble to be read into a long



strip up to 1000 bubble diameters wide. This strip is then moved past a permalloy
detection element which experiences a magnetically induced change in resistance due to
the magnetic field of the bubble. By electronically sensing this change in resistance, the
presence of a bubble may be detected.

The photograph of Figure 1 illustrates the implementation of a number of the design
features of a 250 Kb bubble memory element.

Bubble Memory Element Organization

The two basic organizations used in configuring bubble memory elements are illustrated in
Figure 2. Figure 2(a) is the simplest possible organization consisting of a single long serial
storage loop. Data may be written into the loop by applying a current pulse to the
generator or erased from the loop by a current pulse in the annihilator. Data is replicated
out of the storage loop into an auxilliary track containing the detector to provide a
nondestructive read operation. The primary advantage of this organization is its simplicity
of operation. It operates in a straightforward manner as a first in-first out serial memory
and requires a minimal amount of user control. Data may be written or read from the
element in any size blocks. Disadvantages of a serial organization are a relatively long
access time due to the length of the storage loop and a practical limitation on element
capacity due to the defect intolerance of a single long storage loop. 120K bits is probably a
practical maximum for a serial memory element.

The second primary memory element configuration is generally known as a major-minor
organization and is illustrated in Figure 2(b). In this design the data storage area is divided
into a number of closed serial shift registers called minor loops. Two major loops or tracks
are used to input and output data from the minor loops. To input or write data, information
is generated into the input track and then, by applying a current pulse to the transfer in gate
conductor loop, the data is transferred in parallel into the minor loops. For a read
operation, data from the minor loops is replicated in parallel into the read track by applying
a current pulse to the replicate/transfer out gate conductor loop. The data is shifted serially
into the detector and sensed. Since the data is replicated from the minor loop, a
nondestructive read is performed and the data in the detector track is discarded after
sensing. It will be noted this organization implies data must be read and written in blocks
equal in size to the number of minor loops, which leads to a block organized memory
configuration.

Advantages of the major/minor or block organized memory element include reduced
access time (a function of minor loop length as opposed to total chip capacity as is the case
with a serial organization) and the capability to tolerate defects for improved yield through
the inclusion of redundant or spare minor loops in the element design. Major disadvantages



of this design are a relatively complex control function because of the transfer/shift
alignment requirement and the requirement that data must be in multiples of the chip block
size. Further control complication is introduced if spare loops are used and must be
accounted for in the data flow.

Status of Bubble Memory Element Technology

Two parameters may be used in characterizing the state of bubble memory technology.
The most fundamental of the two is the bubble diameter which establishes storage density.
A second parameter is the memory element physical size which in combination with the
bubble diameter determines memory element capacity. Bubble Memory technology which
is proven and currently available has a bubble diameter of about 4 µm providing a storage
area density of 2.5 x 106 bits/in2. Using this technology, serial memory elements with a
capa city of 100 K bits on a 0.25" x 0.25" chip and block organized memory elements with
capacities up to 256K bits on a 0.4" x 0.4" chip have been fabricated. 256K bits probably
represent a practical maximum chip capacity for this level of the technology with
physically larger elements representing serious packaging and rotating field related drive
problems. A conservative estimate of the operating temperature and frequency range for
this current bubble technology would be a temperature range of -10EC to 70EC and a
maximum operating frequency of 150 KHz.

The next step in the technology will see a reduction in bubble diameter from 4 µm to 2 µm
which will yield a storage area density of 107 bits/in2. Devices with this density have been
fabricated and operated in development laboratories1,2,3 and should be generally available
in two or three years. With this technology, memory elements with capacities up to 1 M
bits on a 0.4" x 0.4" chip will be feasible. It is also anticipated that this time frame will see
developments resulting in extended limits for operating temperature and frequency.
Operating temperature ranges of -25EC to +85EC and operating frequencies up to 500
KHz may be possible. One potential disadvantage to the 2 µm bubble chip is the tendency
for required rotating drive field amplitude to increase compared with less dense bubble
devices. To the extent this problem continues to exist, it may present the memory user with
a volume/weight versus power tradeoff for high data rate applications where rotating field
drive power is a major component of system power.

Beyond 2 µm bubble devices, the next foreseeable progression will be to a 1 µm bubble
device. Materials with bubbles of this size have been fabricated and limited memory
element functions demonstrated4. It presently appears the practical use of 1 µm bubble
memory elements will be a more fundamental step than that involved with 2 µm devices.
To a large extent, 2 µm bubble technology is a relatively direct extention of 4 µm bubble
concepts while 1 µm bubble devices may involve the application of new techniques. The
work in this technology should lead to the general availability of a 4 M bit chip of 0.4" x



0.4" size in the time frame of 1985. As was the case for 2 µm bubble devices, rotating field
drive amplitude may present a problem.

Table 1 presents a summary of current and projected future bubble memory element
technology characteristics.

MEMORY ELEMENT PACKAGING

As described in the above Section, the Memory Element requires a bias and a rotating
magnetic field for operation. The bubble memory package or cell generates the needed
magnetic environment while also providing for mechanical protection and mounting of the
memory elements. Basic components of the cell include coils for generation of the rotating
magnetic field and a magnetic circuit using permanent magnets to provide the bias field.
Figure 3 is an exploded view of a typical bubble memory cell. The rotating field is
generated by two mutually orthogonal coils which enclose the bubble device. When these
coils are driven by A.C. sources which are phased 90E apart, the vector sum of the two
magnetic fields rotates in the plane of the memory element. A bias field is formed by the
two permanent magnets in a magnetic circuit consisting of the magnets, a permalloy shell
which encloses the cell and two ferrite plates. The memory element is in a gap in this
magnetic circuit with the flux flowing through the circuit producing the bias field.

Two basic approaches are possible for configuring the memory cell. The first involves
using only a single memory element in each package. This approach is used on currently
available commercial memory packages as illustrated by the 256 K bit bubble memory cell
of Figure 4. This package utilizes an encapsulated assembly with DIP interconnect.
Although this type of packaging is not suitable for space applications, it is anticipated that
military versions of single chip packages will be available in the near future. An alternative
cell approach is to package a number of memory elements in a single cell. Such an
approach is illustrated by the cell of Figure 5. This cell has a capacity of 1.6 M bits in the
form of sixteen 100 K bit bubble memory elements and was designed for a prototype
spacecraft data recorder5.

The choice of a single or multichip package is basically one of packaging efficiency. The
multichip package of Figure 5 weighs 1 x 107 lb/bit and has a volume of 1.3 x 10-6 in3/bit.
This compares with 3 x 10-7 lb/bit and 2.4 x 10-6 in3/bit for a single chip package. For small
memory systems, support electronics and power supply weight and volume will generally
be much greater than the memory cell weight and volume which will allow utilization of
single chip cells without significant impact on system weight and volume. However for
very large memory systems the x 3 difference in weight efficiency and x 2 difference in
volume efficiency will have significant impact on the overall system. This is particularity
important for spacecraft applications where weight and volume are generally critical



parameters. For the memory elements currently available, a memory capacity of 106 bits is
the crossover point for utilizing a multichip package if weight and volume are of concern.
This is illustrated in Figure 6 which plots the percentage increase in system weight and
volume versus memory system capacity that results from use of a single chip package as
opposed to a 16 chip package. Clearly, as the storage density of memory elements
increase, the maximum memory capacity that may be implemented using a single chip
package without weight and volume penalty will also increase. For example, a 4 M bit chip
would allow a weight and volume efficient memory of a capacity in excess of 107 bits
using a single chip package.

Status of Bubble Memory Element Packaging

A single chip DIP bubble memory element package is currently the standard for
commercial bubble memory technology and would appear likely to remain so in the future.
Present packages of this type are encapsulated and are probably not satisfactory for space
applications. However, hermetically sealed military versions of a single chip package will
probably be available in 1981 and should provide a good basis for spaceborne memory
systems with capacities up to 106 bits using present generation bubble devices. As denser
bubble memory devices become available, it will be possible to practically extend this
approach for memories up to 107 bits in size.

Multichip packages will probably not be generally used in the commercial area but will be
reserved for large memory applications which are weight and volume sensitive such as
avionics and spacecraft. Because of the custom nature of many such applications, a
relatively universal approach to packaging such as is developing in the commercial area
does not seem likely. Multichip capacities ranging from 2 to 64 memory elements have
been reported with each manufacturer who addresses this particular market developing
their own combined memory cell-system solution to configuring a weight and volume
efficient bubble memory system. Most multichip cells will fall within the two to sixteen
chip range.

BUBBLE MEMORY SYSTEM DESIGN

General Organization

The basic building block of any bubble memory system is a functional grouping of
components that is generally called a memory module. A memory module contains a
number of memory cells, circuitry required for driving the rotating field coils of the cells,
circuitry for sensing bubble memory element signals, circuitry required for controlling the
memory elements such as generate and transfer drivers and timing circuits to control these
direct memory functions. Figure 7 illustrates the basic block organization of a memory



module. A system may contain a single memory module with one cell or many memory
modules with each module containing a number of cells.

For operation, the memory module is enabled and the address of the cell to be operated is
provided along with the operating mode (i.e., read, write, transfer, etc.). When the run
command line is brought true, the rotating field is applied to the addressed cell and the
specified operation performed. If the run command is held true, additional field cycles will
be run with each cycle providing the operation specified by the mode control at that time.
From this description, it is obvious that a memory module is not a stand alone memory
system but requires the services of a controller to meaningfully store and retrieve
information from a memory module. If the memory module is used as part of a computer
system, it is feasible to implement the controller in computer software for a system using
the relatively simple serial memory element. However, for systems where data input and
output is required to be asynchronous or a major-minor memory element is used that
requires complex control functions and redundant loop masking, a controller that is an
intrinsic part of the bubble memory is required.

A block diagram for a typical controller is illustrated in Figure 8. Such controllers may
often be efficiently implemented utilizing microprocessors to interpret user commands and
addresses to appropriate memory module commands and to control the transfer of data
between the controller buffer memory and the memory modules.

Basically, the function of the controller is to serve as a data buffer between the user and
the memory module and to monitor status of the data record within the memory module.
Since the memory module can only read or write at multiples of the rotating field rate, a
small buffer memory such as a FIFO is generally used in the controller. For a write, data is
accumulated at a user clock rate in the buffer. When a specified block is accumulated, the
controller will initiate transfer into the memory module at an internal field synchronous
rate. For a read, the controller will instigate a transfer from memory module to buffer. The
user may then remove data from the buffer at any clock with the controller transferring
additional blocks to make data continuously available at the output. In addition to directing
data transfer, the controller also keeps track of the current record location in the memory
module comutating between cells as required during a read or write or aligning to the start
of record to initiate a read. For block organized chips, the controller also masks unused
redundant minor loops to make the bad loops transparent to the user.

System Design for Spacecraft Application

For commercial system application, a standard approach appears to be evolving toward the
use of a memory module containing the number of memory cells required running in
parallel to generate the required data rate and the necessary support electronics.



Memory capacity is expanded by stacking up modules in this type. For mass memory
space applications such as approach will generally be too weight and volume inefficient to
be acceptable. First, as discussed previously, such application will require the use of
multichip packages containing sufficient elements to provide the required data rate when
run in parallel. Additionally it will be found for multicell systems a single cell per module
with its own support electronics is not efficient. To reach acceptable weight and volume
values, a number of cells must be packaged on a memory module sharing common support
circuitry through matrix configurations. The number of cells placed on a single module is a
trade off between packaging efficiency and circuit limitations associated with maximum
matrix size. Reliability is also a factor in this trade off in terms of graceful degradation
which is a desirable attribute for many space applications. If all cells are placed on one
module, which is packaging efficient, a single matrix failure can totally disable the
memory. A memory with cells distributed over a number of memory modules is a less
efficient package, but will only lose part of its capacity from a single module failure.

Bubble Memory System Status

Both the Air Force and NASA are currently active in developing bubble memory system
technology for applications where weight, volume and severe environments are important
considerations. The present Air Force program is directed primarily at avionics
applications6. This program managed by the Air Force Avionics Laboratory and performed
by Texas Instruments will result in a number of “brassboard” systems to demonstrate
bubble memory system concepts. Using present technology of 5 µm bubbles with a 128 K
bit major minor device, a 16 M bit breassboard of a drum/disk replacement with data rates
up to 2 MHz will be fabricated. Estimated weight and volume are 56 pounds and 1555 in3.

The NASA program managed by NASA’s Langley Research Center and contracted to
Rockwell International resulted in the design, fabrication and test of a partially populated
108 bit prototype spacecraft data recorder7. This system weighs 47 pounds and has a
volume of 850 in3. It is capable of multiple configurations and data rates up to 1.2 M
bits/sec. This system uses 4 µm bubble technology and a 100 K bit serial memory element.
NASA is currently undertaking work which will lead to the design, fabrication and
qualification of a 107 bit bubble memory based on the experience of the prototype
recorder.

Based on present activity, it seems likely that in three to four years space qualified bubble
memories using present bubble technology will be available. As more dense bubble
memory elements become available, improved weight and volume efficiency will be
possible. Figure 9, using the capability of current 4 µm bubble memory elements, projects
achieveable bit weight and volume densities as a function of memory capacity for 2 µm
and 1 µm memory elements. In terms of characteristics of the Air Force and NASA



systems described previously, one of the less attractive features of bubble memories is the
high power at high data rates; on the order of 100 watts at 2 MHz. This power is primarily
coil drive power and is a function of required rotating field amplitude. As discussed in the
section on memory element technology, work is being done to reduce this value although it
is difficult to estimate how much reduction may be achieved. However since coil driver
power is a function of the square of the drive amplitude, an eventual reduction in power on
the order of 1/2 does not seem unreasonable.

CONCLUSIONS

Bubble memory offers a nonvolatile, solid state and flexible mass storage medium for
spacecraft applications. Current technology offers devices with 100 K bit capacities and
storage densities on the order of 2.5 x 106 bits/in2 with 1 Mb devices with storage densities
of 107 bits/in2 available by 1985. Weight and volume constraints will require the use of
multicell memory modules for space applications. Current programs directed toward space
applications have proven the system concepts required for space mass memory systems
and should see the qualification of a spacecraft mass memory system bit weight and
volume densities of 2.2 x 106 bits/lb and 1.2 x 105 bits/in3 . Advances in bubble device
density will lead to an increase in these densities to 6 x 107 bits/lb and 2.8 x 106 bits/in3 by
the late 1980s.
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FIGURE 1.  256 Kb CHIP

FIGURE 2(a).  SERIAL CHIP



FIGURE 2(b).  MAJOR/MINOR CHIP

FIGURE 3.  CELL STRUCTURE

FIGURE 4.  SINGLE CHIP CELL



FIGURE 5.  MULTICHIP CELL

FIGURE 6.   SINGLE VERSUS MULTIPLE CHIP PACKAGING

FIGURE 7.  MEMORY MODULE BLOCK ORGANIZATION



FIGURE 8.  CONTROLLER BLOCK DIAGRAM

FIGURE 9.  SYSTEM STORAGE DENSITY

TABLE 1.  MEMORY ELEMENT SUMMARY

TIME FRAME TECHNOLOGY ELEMENT SIZE ORGANIZATION DRIVE

Present
1980 - 1985
1985 - 1990

4 µm Bubbles
2 µm Bubbles
1 µm Bubbles

250 Kb
1 Mb
4 Mb

Serial, Major/Minor
Major/Minor

45 oe
60 oe
50 - 90 oe
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ABSTRACT

This paper describes a light-weight, small-volume, low-power semiconductor mass
memory which will provide high reliability operation in a variety of environments. The
memory employs two new technologies:  adaptive wafer scale integration where large
numbers of memory arrays are interconnected on the wafer substrate using nonvolatile
latching circuits; and a nonvolatile charge-coupled device memory element. The
nonvolatile charge-coupled devices and peripheral circuitry are fabricated on a single
silicon substrate using metal-nitride-oxide-semiconductor (MNOS) transistor structures.
The adaptive latching circuits enable malfunctioning arrays to be replaced in situ by spare
arrays which are available on the wafer substrate through the use of error detection/
correction circuitry. The paper also describes a specification for a spaceborne mass
memory system including peripheral circuits. A memory system with a gigabit data storage
capacity (total active storage elements = 1.2 gigabits can be fabricated within 0.6 cubic
feet at an estimated weight of 26 pounds.

INTRODUCTION

The next generation spacecraft mass memory system must and can possess all of the
following characteristics:

a. Low power consumption
b. High data rate (equivalent to computer main memory)
c. High reliability
d. Nonvolatility
e. Ability to reconfigure and/or gracefully degrade
f. Fault tolerance
g. Functional modularity and expendability
h. Low weight
i. Small volume
j Low cost



This paper describes a mass memory system that will meet all of these demands. Initial
efforts have defined the technology that will support the development of a light-weight,
small volume, low power, 109-bit, semiconductor memory. This will be a highly-reliable
replacement for presently employed spaceborne magnetic tape recorders.

Two highly innovative semiconductor technologies are proposed to achieve this goal,
adaptive wafer scale integration and a nonvolatile charge-coupled memory device. These
will satisfy the immediate objective to develop a form, fit, and function cost-effective
substitute for the spaceborne magnetic tape recorder. They are seen as the next generation
solution to the ever-increasing need to process and manipulate greater amounts of data cost
effectively. One or both of these technologies are the basis for not only memory systems,
but also for computers, encryption equipment, etc. They are generally applicable to any
complex information processing and storage requirement where cost, reliability, size,
and/or weight are important.

FEATURES

Adaptive Wafer Scale Integration (AWSI) is a concept which originated in late 1971 at the
Actron Division of McDonnell Douglas Corporation. It employs metal-nitride-oxide-
semiconductor (MNOS) or other electrically alterable, nonvolatile latching circuits
(switches) processed into a semiconductor wafer to connect “arrays” of interconnected,
operable circuits (also processed into the wafer) to a bus structure deposited on the wafer
between the arrays. With this approach, AWSI can have important advantages relative to
other high density electronic circuit approaches. Such advantages potentially include:
repeated electronic reconfigurability of interconnected circuits, compatibility with a wide
variety of semiconductor processes, ability to select for yield, improved reliability, self-
healing and fault tolerance; all plus reduction in size, weight, and cost.

Figure 1 illustrates schematically the AWSI concept in contrast with conventional
integrated circuit (IC) technology. In both technologies the “chips” or “dice” (called arrays
in AWSI) are probed immediately after the completion of wafer processing to test for
operability. In conventional IC technology, those dice which do not pass the probe tests
are marked and discarded when the wafer is diced into individual chips.

In AWSI the addresses of those arrays which pass the probe test are stored in a memory.
Operable arrays which are initially desired to be used are then connected to the bus
structure by electrically activating the proper nonvolatile array switches. The remainder of
the operable arrays are reserved as spares to be connected into the bus structure as
replacements for operating arrays which subsequently may be shown by built-in tests to
have become defective.



Figure 1 also shows the great reduction in lead bonds by the use of AWSI latching
switches compared to conventional IC chip packages. Furthermore, it should be
emphasized that AWSI can permit several different types of arrays to be interconnected on
a single wafer.

The use of repeatedly alterable, electrically actuated latching switches, processed into the
wafer, provides the principal advantages of AWSI compared to other whole-wafer
technologies. With these switches:

a. Any array may be connected to, or disconnected from, the bus structure at any time;
connections include both signals and power.

b. Neither nonoperable nor nonoperating arrays draw power.

c. No special interconnect oxidation and/or metallization masks nor fusible links are
required to connect arrays to bus lines.

d. Spare operable arrays may be stored on the wafer and connected to the bus structure
whenever built-in tests reveal that one of the active arrays has failed and must be replaced.

e Reconfiguration may be achieved within limits established via the system
architecture by reconnecting arrays to the bus in different combinations.

f. Compound array structures may be configured. A macro switch and bus system
interconnects blocks of several arrays which are related via an intrablock switch and bus
structure.

g. Bus and array geometry need not be limited to rectangular configurations, but may
involve, say, a polar grid structure if such can be shown to be advantageous.

For the basic memory cell, the spacecraft mass memory uses a newly-invented nonvolatile
charge-coupled device (NVCCD). Arrays of these cells (analogous to chips) are
interconnected on a wafer via the adaptive wafer scale integration technique to form the
wafer memory module which is the basic building block of the mass memory. (These
wafer memory modules may be likened to printed circuit boards in conventional electronic
systems.) The mass memory in its preliminary design configuration will use 256 four-inch
wafers to achieve 109 bits of storage capacity. Each wafer averages a minimum usable
storage capacity of 5.0 Mbits.

The salient features of the nonvolatile CCD mass memory include small size, low power
requirements (zero standby power), and high reliability resulting from a very large



* Block 5D - Compilation, Defense Meteorological Satellite Program (DMSP), July 1975.

reduction in bonded electrical connections (compared to hybrids or PC boards) and
automatic reconfigurability which permits “self-healing” (figure 2). Typical recorder
requirements are identified in figure 3.* In addition, this memory offers an unusually low
cost-per-bit of storage capacity because of the elimination of large amounts of
manufacturing labor and material required by other approaches.

DESCRIPTION

The total mass memory system is composed of five major operational subsystems
(figure 4):

1. Memory
2. MNOS Buffer
3. RAM Buffer
4. Error detection/correction (EDAC)
5. System Controller

Memory Subsystem.   The basic component of the memory subsystem is the wafer, which
is organized into four quadrants. Each quadrant contains a full complement of memory
array blocks (MAB’s), channel controllers (CC’s), and array controllers (AC’s), (figure 5).

The memory array block consists of eight memory arrays (MA’s) and supporting circuits.
Because every memory array has an address decoder, each is randomly addressable.

The array controllers route timing and control signals to rows of MAB’s.

The channel controller routes timing and control signals for a set of AC’s.

Macrobuses are the many lines between these basic blocks and the bonding pads at the
periphery of the wafer.

Although it is feasible to provide individual bus lines for each MA, the required structure
would be space-inefficient. Figure 6 shows a layout incorporating eight MA’s in a block
structure. By arranging the arrays to form the various mirror images indicated by “F”, a
compact and manageable bus structure results. Up to eight MAB’s can be fabricated in a
single row of each quadrant and each MAB in a row can be addressed by an AC via
individual macrobus lines. An MAB measures 200 mils by 173 mils and as many as 57
MAB’s can be fabricated on each quadrant of the wafer while leaving room for the active
and spare AC’s and CC’s and the interconnect wiring. An important feature of this design
is that an MAB is functional as long as one of its MA’s functions.



Four array controllers are supplied for each row of MAB’s (three as potential spares) and
are laid out as a block. Each AC within an AC block (ACB) is wired to recognize its own
2-bit address code. This address code comes from stored memory in the channel controller
with address select timing initiated off-wafer. In operation, the CC outputs a 6-bit word;
four bits select one of the eight ACB’s in the quadrant and two bits select a particular AC
within the ACB.

Additionally, a 5-bit word provides the array pair number for that row. A 32-word by
12-bit array map within the selected AC transforms the array pair number into two 6-bit
memory array addresses. Three bits specify the MAB and three bits specify the particular
MA. In addition to the address and control circuits, each AC possesses CCD clock
generators for the MAB’s in its row. An ACB, (four AC’s), consumes 180 mils by 140
mils of wafer space.

Each wafer quadrant requires one active channel controller. Eight CC’s are provided per
quadrant to ensure a minimum of two good CC’s, one active, and one spare. Address and
control functions are similar to those provided by the AC for an MA. A 128 by 16-bit
nonvolatile NMOS-MNOS memory is used to map the AC’s. The 16-bit word provides
two 8-bit data block numbers, which are composed of a 3-bit AC address and a 5-bit array
pair number. The CC also contains a 14-bit associative decoder to identify the particular
quadrant for addressing.

The memory subsystem (wafer) architecture can be summarized as follows:

1. The basic data rate is 1 MHz for memory array operation.

2. Each NVCCD memory array is individually addressable.

3. Power is supplied only when an array is addressed.

4. Bus lines are space-efficiently designed by employing 8 MA’s in an MAL

5. Wafer quadrant channel controllers and row array controllers are used for failure
mode management and power switching.

6 Clocks are regenerated for each row of MAB’s.

 7. There are 690 kmils2 of surplus area per quadrant (3.12 x 106 mils2 available minus
2.43 x 106 mils2 used). This is more than sufficient for the peripheral interconnect pads and
0.1-inch edge margin.



8. There are 7,471,104 memory bit candidates on each 4-inch wafer. There are 57
MAB’s per quadrant, each containing eight 4k arrays providing 1,867,776 bits per
quadrant.

9. The total number of wafers provided depends upon total memory requirement and
wafer yield. Based on typical industry yield data it is estimated that the entire 109 bits the
entire 10 bits plus the required code and spare bits will be readily provided by 256 wafers.
Wafers may be readily added to the system if needed or desired.

MNOS Buffer Subsystem.  The MNOS buffer performs two functions. The buffer is
provided with dual 4k words of 72-bit capacity to match the different input/output data
rates with the fixed rate of the memory subsystem. The dual units are flip-flopped so that
one is beng unloaded at one speed, while the other is loaded at another speed. This enables
the mass memory system to accept and output data asynchronously over a large range in
rates. The second function is to reorder the outgoing data since the memory subsystem
transposes the data order between writing and reading. This function then requires no extra
time or hardware.

RAM Buffer Subsystem.  The RAM buffer interfaces between the MNOS buffer and the
error detection/correction (EDAC) subsystem. This dual 64-word by 72-bit buffer
functions as a data bit transposition unit. As data enter, they are stored 72 bits to a word
(64 data bits plus 8 code bits) one word at a time until the 64-word buffer is filled. Then
the alternate buffer is begun to be filled. Meanwhile, the first buffer is unloaded one bit
position at a time, transpositioning the bits to ensure that each bit of the 72-bit word will
be stored in a different memory array. Therefore, if any single 4k memory array should
fail, the lost data will be reconstructed by the EDAC.

Error Detection/Correction Subsystem.  The EDAC circuitry appends an eight-bit code
onto every 64 bits of incoming data to produce a 72-bit word. This EDAC code has
sufficient capability to correct any single error as well as detecting all double and many
multiple errors. Since each bit of this word is stored in a different memory array, it is most
likely that any memory failure error will be corrected as data are transferred out of the
system. The user will be unaware of the internal failure since corrected data will be
received at normal speed. The faulty memory array will be replaced by the reconfiguration
routine .

System Controller Subsystem.  The system controller coordinates the timing between the
various units in the data path. It provides built-in-test (BIT) capability as well as
reconfiguration control for the following:



1. Memory - replaces faulty MA’s, AC’s, and CC’s, with their spares on the wafer
and, if necessary, replaces entire faulty quadrants or wafers with spares.

2. MNOS Buffer - same as memory.

3. RAM Buffer - switches in spare memory chip.

4. EDAC - switches in spare logic chip.

The switching in of spare units is facilitated by extensive use of tri-state buses, power
control, and BIT between data file transfers. The system controller itself has spare modules
that are switched in when a malfunction is detected during BIT.

The entire system assembly consists of a peripheral circuits assembly and two wafer stack
assemblies. The peripheral electronics are contained on three multilayer circuit boards
approximately 5.5 x 11 inches each. The boards are assembled into the aluminum box
structure in accordion fashion. The two wafer stack assemblies are identical in
construction. Each stack consists of 65 dual wafer packages (a total of 129 individual
memory wafers). The individual parts and entire assembly are designed to withstand the
environmental demands of space vehicles. The resulting package measures 12.8 inches
long, 6.8 inches wide, and 11.5 inches high, for a total volume of 0.6 cubic foot, and it
weighs 26 pounds.

STATUS/SCHEDULE

A significant amount of progress has been made since the inception, and the pace has
accelerated as each program milestone has been successfully achieved. Following are
some of the technical accomplishments to date:

• Designed and fabricated a 4k MNOS/NMOS transistor array.

• Developed a theoretical model of the NVCCD. It verifies that the CCD approach
will work and that the CCD will accurately differentiate between a 0 and 1 state.
This structure incorporates a buried channel and a thin oxide/nitride dielectric
beneath one of three clock lines.

• Established a compatible metal gate MNOS/NMOS process.

• Successfully demonstrated suitability of the process and interconnect technique for
memory applications at the full wafer level through fabrication of the reconfigurable
memory wafer circuit.



• Demonstrated feasibility of the associative decoder.

• Successfully validated the interconnect concept.

• Successfully fabricated a functioning memory interconnected with MNOS switches
on common substrate.

• Completed initial studies of fault-tolerant architecture for microcomputers and
memory systems, with emphasis on error detection/correction, partitioning
strategies, and reconfiguration techniques.

SUMMARY

The combination of Adaptive Wafer Scale Integration (AWSI) and Nonvolatile Charge-
Coupled Device (NVCCD) provides a quantum increase in the capability to support
stringent military needs.

Reliability is dramatically increased through the AWSI technique and the ability to spare
automatically. Spares provide greater reliability than does redundancy, and require less
hardware and power. Electrical contact bonding, connectors, and soldering, which are
perennial problems, are drastically reduced.

Manufacturing Costs will be reduced significantly by the reduction of labor and material
compared to that required by other approaches, and because whole wafers are used, the
cost predictability will be enhanced.

Weight, Space, and Power requirements have been dramatically reduced. The AWSI
approach provides a large reduction in size and weight. In addition, AWSI with NVCCD
requires no standby power or selective operating power and therefore dramatically reduces
total system power needs.

Survivability has been improved throughout the total spectrum of the space environment,
including radiation.

Performance is available over a wide range of possible needs. Simplified multiplexing
provides the ability to handle extremely high data rates. The modular design approach
enables the total storage capacity to be customized for each user, with the maximum
capacity nearly unlimited.

Versatility is provided uniquely through electronic reconfiguration, either automatically or
upon command. There is high-speed selection of one functional array from many in a bus-



connected system architecture. To support this, easy identification of the status or content
of each functional array is provided. An individual array can be tested at any time after
wafer fabrication. The identity, status, or content of each array can be changed. This
provides for a very unique and extremely cost-effective capability to spare automatically
and even to adapt the system to a different architecture, and potentially, a different
mission.

Figure 1.  Adaptive Wafer Scale Integration (AWSI) Compared with
Large Scale Integration (LSI)



Figure 2.  Preliminary Specification for a 109- Bit
AWSI WVCCD Memory

Figure 3.  DMSP Recorder Requirements



Figure 4.  Memory System Organization

Figure 5.  Wafer Quadrant Layout



Figure 6.  Memory Array Block
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ABSTRACT

A Solid State Data Recorder (SSDR) has been developed which offers a high reliability
alternative to tape recorders in many spacecraft telemetry applications. The storage
medium used in this recorder was ferrimagnetic garnet films supporting nonvolatile
magnetic “bubble” domains. This technology is very flexible and permits a recorder design
which can simplify much of the interface with the telemetry system. The recorder was
designed using modular construction consisting of a Digital Control Unit (DCU), Power
Supply, and two Memory Modules.

The Digital Control Unit (DCU) is made up of four independent microprocessor controlled
data channels, configuration control, and a telemetry and test interface. The configuration
can be programed so that the SSDR can operate as a 1, 2, or 4 serial channel recorder, or a
single 8-bit parallel channel configuration. Each channel has a complete command set and
can operate independently of the other channels. Details of the system organization and
operational characteristics are presented.

The Memory Module was designed with 32 magnetic assemblies, or cells, each containing
16 serial 102.4K bit magnetic “bubble” memory chips. Sense and operator electronics, and
field coil drive electronics are also located in the memory module.

A prototype SSDR has been fabricated. This prototype is designed for 108 bits of storage
but was populated with 128 chips for a 1.3 x 107 bit capacity. Preliminary tests indicate
satisfactory operation. Results of these tests are presented and variations with designed
characteristics discussed.



INTRODUCTION

Data storage is one of the most important functions in a spacecraft telemetry system
whether it be mass data storage, because data transfer links are inadequate, buffer storage
to regulate the flow of data, or transient storage to permit processing of data prior to
transmission. The most cost effective method currently available to perform these
functions is magnetic tape recording.

It has been recognized for some time that tape recorders are failure prone and significantly
reduce the system reliability of the spacecrafts Additionally, the operational characteristics
of tape recorders placed constraints on the design of the telemetry system. For these
reasons, NASA Langley Research Center has investigated magnetic “bubble” domain
technology as a potential alternate to tape recording in spacecraft telemetry systems. This
investigation has lead to the development of a 108 bit Solid State Data Recorder (SSDR)
and the fabrication of a prototype for system evaluation.

In a previous paper, Howle2 presented a general description of the system. In this paper,
the general system is reviewed briefly, detailed design considerations discussed, and
preliminary test data presented.

GENERAL SYSTEM DESCRIPTION

The Solid State Data Recorder is an approximately square box which is 12.7 by 12.8
inches on a side and 4.7 inches thick. This box weighs 43 pounds and is conductively
cooled through the base plate and into the spacecraft structure. It is modularly constructed
and consists of a Digital Control Unit, Power Supply, and two Memory Modules.

The characteristics of the SSDR were summarized by Howle2 and are presented in
Table 1.

TABLE I
SSDR CHARACTERISTICS SUMMARY

Storage Capacity 1.04 x 108 bits
Size 760 in3

Weight 43 pounds
Configuration

Serial-Programmable 1, 2, or 4 channels
Parallel-8 bit 1 channel

Max Data Rate
Each Channel 1.2 M bits/sec



Total 2.4 M bits/sec
Power (1 channel, 10K bits/sec) 13.7 watts
Operating Temperature -10E C to +60E C
Nonoperating Temperature

No loss of data -40E C to +85E C
With loss of data -50E C to +125E C

Predicted MTBF 41,000 hours

This recorder was designed to meet typical spacecraft mechanical environments of
vibration (sine 10 to 15G, Random .4 G2/Hz), shock (20 G), acceleration (50G) and
thermal vacuum (10-5 torr, -10E C to +125E C).

When describing a system design, it is often difficult to follow how each component fits
into the system. Figure 1 is a component matrix which identifies the various SSDR
subassemblies. This paper follows Figure 1 in that it starts with the Memory Device and
works up through each level and finally describes the total system.

MEMORY DEVICE

The bubble memory device is fabricated using a (Y, Sm)3 (Ga, Fe)5 012 garnet film. A
diagram of the memory device is shown in Figure 2. The chip dimensions are
approximately 6 mm on a side. The bias field (nominally 100 oe) is directed out of the
plane and the rotating field (nominally 52 oe) rotates clockwise. The rotating field starts
and stops along the 0E or S/S direction. The rotating field must be brought to operating
value or zero within a angular tolerance of ±15E and undershoot must be held to less than
1 oe. An inplane holding field of 4.3 oe is required to stabilize the bubble rest position.

The propagate structure is a 16 micron T-bar pattern with approximately 2 micron line
widths and 0.9 micron spacings. The bubble diameter is approximately 4 microns. The
inside corners are T - x and the outside corner are bent H. The detector is a 100 element
stretch with a sensitivity of about 1 mv/ma.

The memory device is organized into a single closed serial loop. An annihilator is directly
inserted in the loop. The generator is located outside the loop but a propagate path allows
the generated data to propagate and merge into the storage loop. Data are transferred out
of the loop by a passive replicator. Since the transfer is by replicate, the data also remains
in the storage loop and is nonvolatile. The detector and generator propagate paths lengths
are chosen so that read, write, and erase occurs in the same period. The phasing of the
operator currents are as shown in Figure 2.



The choice of a serial organization over a major/minor loop is difficult and becomes less
clean as devices with 8 microns periods or less become available. The primary arguments
against the choice of a serial organization are yield and access time.

In a major/minor loop organization, one can allow for faulty loops by a software work
around using a simple controller. By including a number of redundant loops, the total.
capacity of the device can be maintained. Strong evidence has been presented by Singh3

demonstrating the yield improvements by allowing 1, 2, or more faulty minor loops. Our
experience has indicated that the yield of serial devices is actually much greater than
expected. Although yield improvement is always needed, the system advantages of the
serial loop outweigh the increased yield in a recorder type application.

The primary disadvantage is loss of access time which is not an important consideration in
a data recorder application. Advantages of the serial device are the simplicity of the
interface with a buffer used in a synchronous operation and the abi1ity to operate in the
incremental mode. Other advantages include fewer leads and a simpler controller.

MEMORY CELL

The key unit in the recorder is the memory cell. The mechanical design of the memory cell
was described by Becker4. Eight (8) of the magnetic memory devices are mounted on a
ceramic carrier along with the sense matrixing diodes. Two of these carriers, a drive coil
set (X coil and Y coil), and the bias structure make up the cell. A photograph of the cell is
shown in Figure 3.

The bias magnets are used to establish the static field to center the operating point in bias
margin. The chip carriers are tilted with respect to the bias field to generate the inplane
holding field. Within the bias structure, there is a small perturbing field coil which is used
to determine the operating point and perform margin testing. Once determined the strength
of the bias magnets are adjusted to center the operating point.

The memory device is fabricated with a requirement that the operating margin be greater
than 10 oe at room temperature. The chips are matched so that the combined 16 devices
have approximately 6 oe margin at room temperature to insure adequate margins from -
10EC to +60EC.

The drive coils are a pair of orthogonally wound coils as shown in Figure 4. The X coil is
opened at the ends to permit insertion of the carriers. A set of ferrite keeper plates are used
to increase sensitivity (oe/amp) and confine the rotating field to the cell area. Copper
plates are placed in the coils to reduce the vertical component of the rotating field.
Currents are induced in the plates by the vertical component of the rotating field which



tend to keep the field horizontal. Measurements of coil properties were made at 150 KHz
and in a resonant circuit. Typical values of key parameters are shown in Table 2.

TABLE  2
TYPICAL DRIVE COIL PROPERTIES

AT 150 KHz X AXIS Y AXIS

Rac (ohms) 1.5 1.0
Q 11.0 19.0
L (µH) 19.0 21.0
Sensitivity (oe/amp) 18.0 19.0

DATA STORAGE SUBSYSTEM

The Data Storage Subsystem (DSS) consists of two Memory Modules interconnected by a
dual bus system through which the Digital Control Unit (DCU) can obtain access to an
appropriate Memory Module. Any one of the four channel controllers in the DCU can
obtain access to either or both Memory Modules through either the A bus or B bus. Access
to a particular module is determined by the configuration control.

Each bus has a set of enable, timing, address and data lines. These buses are shown as
inputs to the memory module in Figure 5. The address lines are 5 bits parallel and selects
one of 32 memory cells in the memory module. The data lines are 4 bit parallel
bidirectional. The enable line controls the power distribution and the timing and control
provides synchronization for the data transfer and coil drive and operator electronics.

Matrixing of circuits to minimize parts count and power strobing were used where
feasible. All parts used were either space qualified or qualifiable. All parts were derated
using MIL-STD-975 (NASA), Appendix A. Figure 6 is a diagram of the Memory Module
mechanical layout. The 32 memory cells are arranged in 4 rows of 8 along either side. In
the center there are the Sense Operator Board and the Coil Drive Board. Sixteen (16)
coildrive matrix Electronics Boards are mounted on top of the memory cells. The total
volume of this module is 227 in3 and weighs 13.8 pounds.

The Coil Drive is a nonresonant circuit generating a trapezoidal current waveform. The
primary factor leading to the nonresonant circuit is to reduce parts count and the need for a
low impedance switch to stop the rotating field within the memory chip overshoot and
angle tolerances. Additionally, operating a serial chip in the stop/start mode in conjunction
with an input buffer requires first bit detection. With the rotating field off, the stripe about 



to enter the detector will collapse into a bubble. The drive circuit must provide a charging
time to allow time for the bubble to strip out before entering the detector.

The sense channel configuration is shown in Figure 7. The resistors shown in Figure 7 are
the active and dummy detectors on the memory chip. The differential potential on the
sense bus is a function of the component mismatch, detector resistance change due to the
presence of a bubble, and the charging time. For this reason, component match is critical
and the bus capacitance must be kept to a minimum.

Initially, the bridge current is turned on to allow charging of the sense bus. Approximately
1.25 microseconds later the sense amp input is undamped allowing it to charge. The
differential input is sampled for about 50 nanoseconds to determine the state of the
detector.

Sixteen (16) such circuits are paralleled to detect the output of the 16 memory chips in
each cell. The particular cell is determined by the state-of the cell sense select switches.

Similarly, the generator circuits are matrixed over 32 cells and determined by the cell
generate select. The generator control circuits are also 16 wide to permit writing a 16 bit
wide word into the memory chips located in the memory cell. The data on generator and
sense lines are transferred to or from a 4 bit wide bidirectional bus at the interface. The
annilators of the memory cell are in series to permit simultaneous erase.

DIGITAL CONTROL UNIT

A detailed command list was described by Howle2 and will not be repeated here.
Basically, all commands appropriate for a tape recorder are available. In addition, a set of
interrupt commands (go to read(X), go to write (X)) permits quick access to a given cell.
There is also provided a set of skip commands which restricts access to a particular cell.
The interrupt commands will override the skip command such that a given cell can be
either eliminated if faulty or protected if critical data are stored. If critical data are stored
in a particular cell (X) then the skip cell (X) command will take cell (X) out of the
available memory for all routine data storage. Access to that cell can be obtained only by a
go to read (X), go to write (X) which overrides the skip (X) command.

A block diagram of the Digital Control Unit is shown in Figure 8. The heart of the system
is four independent smart controllers. Each controller contains a Rockwell PPS-8
microprocessor, two 2K by 8 bit read only memories (ROMS) for control firmware, and
256 by 8 bit PMOS random access memory (RAM) for status and variable storage. The
PPS-8 was chosen because it is PMOS and has a superior radiation tolerance. A 512 bit
core memory is available to provide nonvolatile status storage. In the core memory, data



such as previous mode, read pointers, and write pointers are stored to permit total power
shut down or recovery from a power failure.

Each channel is totally independent such that multiple operations can be performed. This
permits each implementation of operations such as data rate buffering.

EXPERIMENTAL PROCEDURE

One of the memory cells was subjected to mechanical sine vibration per MIL-STD-810B,
Method 514. Data were stored in the memory cell prior to vibration and read out
afterwards. One of the memory devices showed a degradation of the upper bias margin.
Inspection of the cell showed no mechanical damage, however, small particles were
observed on the chip. Removal of these particles returned the bias margin to its original
level. It was postulated that the particles were debris from the scribe and bread operation
and were causing distortion in the local fields. This postulate was verified by inducing
similar failures with garnet particles placed on the chip surface. To correct this failure
mode the chip surface was perfected with 1/2 mil mylar preforms which remove surface
contamination away from the magnetic surface. Vibration tests were then repeated and
demonstrated that memory devices were adequately protected. This change was made in
the chip design used in fabricating the prototype.

A complete prototype of the Solid State Data Recorder has been developed. All electronic
multilayer boards were fabricated and evaluated. All mechanical assemblies were
fabricated. This prototype was then populated with 8 memory cells or 128 memory chips.
Figure 9 is a photograph of the completed prototype.

The Solid State Data Recorder was tested over the various configurations and modes.
Operational parameters such as power were found to be within design tolerance. In testing,
two problems were demonstrated. First, the high temperature operation was limited to less
than 40E C. Second, typical error rates were of the order of 10-6 errors per bit, which was
higher than the program objective of 10-3 errors per bit.

DISCUSSION

A review of the system design indicated that the problem was in the memory chip design.
A test chip was fabricated with the following modifications. The material used to support
bubbles was changed from gallium substituted to calcium germanium substituted garnets.
The passive replicator was changed to an active replicator and the detector was changed to
a side by side dual detector with alternate bit detection. Preliminary tests on this chip
indicate sense margin was adequate for a 10-9 error per bit at the detector level.



In addition to the above detector changes, the asymmetric cheveron propagate structure
was incorporated to increase yield. Based on these changes and the related data, we have
concluded that the temperature and error rate problems are solved.

In a redesign of the memory cell two changes would be made first, the drive coils would
be made symmetrical with the carrier and both the carrier and drive coils would be tilted
with respect to the bias field. This would reduce the system power. Second, a cell
containing 8 chips would be used. This is also a power consideration since it would make
the peak power and average power closer and make a higher efficiency power supply
design possible. Additionally, the matching of memory chips in groups of eight would be
easier and provide overall improvement in cell level bias margins.

In a redesign of the memory module, a reduction in the size of the sense matrix would be
recommended. Basically the capacitance of a 32 memory chips long sense bus is too great
to permit proper charging within the sense window.

With the design improvements discussed, a solid state data recorder has been developed
which is suitable for spacecraft applications.
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ABSTRACT

Many of the problems that military magnetic and mechanical memories experience can be
overcome by using Very-Large-Scale-Integrated (VLSI) circuits. These VLSI memories
can present problems of their own, however. This paper outlines an assessment of the
state-of-the-art in military memories that was performed to identify VLSI memory
technology gaps that need additional development effort.

INTRODUCTION

Very Large Scale Integrated (VLSI) circuit memories are becoming quite cost and
performance competitive with mature mechanical and/or magnetic memories. New
application areas are confidently being projected for VLSI technologies, for example, full
baseband on-board processing and information storage. Power, weight and volume savings
along with increased reliability and system life have attracted military systems planners to
VLSI memories. There are a number of unique military requirements, however, that must
be satisfied by VLSI memories before they can achieve widespread use in military
systems. Extreme environmental stresses such as temperature cycling, shock and vibration,
radiation, and corrosive environments must be tolerated. Long unattended operation
periods without maintenance must be handled. The need for proven reliability and the
attendant needs for stringent specifications, testing, and documentation must be satisfied.
Data security often provides design constraints. Finally, a dependence on domestic sources
can limit options. A lack of continuity in programs, the breadth of requirements, and the
relatively small numbers of components used by the military all work against satisfying the
needs. The military is impacted by increased costs, long procurement lead times, and
degraded mission capability or even worse - actual mission performance degradation,
procurement of obsolescent technologies, second sourcing difficulties, replacement parts
problems, and the logistics problems of training, maintenance, and documentation.



It will thus take an extended period of technical development before VLSI memories
achieve their potential. Present microelectronic memories are simply inadequate for
economical replacement of military electromechanical memories at the present time, in
most applications.

COMPARISON OF MEMORY TECHNOLOGIES

It is probably unfair to compare immature microelectronic memory characteristics with
highly developed technologies such as core, plated wire, disc, drum, and tape.
Microelectronics is only just now starting to compete in commercial computer memories.
Military technology, being more difficult to build for the reasons enumerated above, lags
commercial technology often by several years. A comparison of technologies is useful,
however, when it is directed (as it is here) toward identifying technology gaps that still
remain before microelectronics can replace conventional memory technologies. The reader
is therefore requested to keep in mind that the tremendous rate of improvement of
microelectronics will insure the rapid closure of these gaps and the eventual domination of
VLSI memories both in the commercial and the military markets. With these cautions,
Tables 1-4 are offered to show what could be presently specified by the military memory
subsystem designer and delivered after a reasonable period (12-18 months in most cases)
of circuit design, optimization, and initial production setup. The manufacturing risk and the
degree of design difficulty that would be experienced are, of course, variable. These
factors have been included in the tables along with several other highly subjective
categories.

The technical information on the state-of-the-art in memories listed in Tables 1-4 is
organized into four main categories of memory: Fast Write (registers and scratchpad),
Main Memory (program, buffer, data store), Fixed Program Memory (program, tables,
macroprogram), and Mass Memory (shifting, data store, data compression,
macroprograms, data bases, backup store). Within each category, circuits are described
that represent the leading edge of each of a number of maturing technologies. Operational
parameters are listed for both commercial technology and nuclear/space radiation hardened
military technology. Microelectronic technologies have been listed to the left and mature
electromechanical memories to the right in each table. Hypothetical memory modules have
been postulated to allow more meaningful comparisons of such memory qualities as power
consumption and reliability. An effort has been made to keep module capacity the same
within each table, but occasionally reasonable constraints on power, size, weight, or cost
require a more modest module capacity to be listed. The specified parameters for the
hardened technologies are conservative because they are meant to be post-irradiation
survival limits. In both the hardened and commercial technologies the radiation
performance values represent specifications above which one or more of the listed
performance parameters (usually access time or power) exceeds spec over the specified



temperature range. In most cases the degradation with increasing radiation level is quite
sharp. Thus, complete loss of functionallity often occurs at radiation levels not too much
higher than those listed.

TECHNOLOGY GAPS

The tables allow some conclusions to be drawn concerning the relative strengths and
weaknesses of present memory technologies:  Conventional military memories are
nonvolatile, that is, they retain their stored information without power. This feature is
useful in military systems because they are usually not powered during periods of
inactivity and are also subject to transient power losses such as those that might occur in a
nuclear weapons environment. Most microelectronic memories do not have the ability to
withstand even a momentary power failure without complete loss of data. Exceptions are
MNOS, amorphous, and magnetic bubble technologies. If standby power is low enough, in
volatile technologies a battery or capacitor backup may be used for transients. For nuclear
weapon transients, however, only CMOS/SOS has the tolerance to transients under bias
that is required for survival of data. There are difficulties with battery stability under
temperature cycling and speed penalties involved in retaining the CMOS memory states
during transients, however. The non-volatility of magnetic bubbles is also difficult to
achieve in a nuclear weapons environment because of the circumvention time constants
that are used to protect the power supply and associated electronics. Magnetic bubble
memories are usually designed for transients obtained in power outages with more
favorable time constants. Care in design must be taken to insure a graceful shutdown and
turn on of control lines during transients, or accidental writing into the memory can take
place even in non-volatile memories.

Unfortunately, the inherently non-volatile technologies are the least mature and have the
worst performance parameters of the technologies listed. They are not even as good in
some areas as present day electromechanical memories. Because of their non-volatility
they are prime candidates for application to high capacity VLSI memories, at least in
hybrid form. The low power dissipation of a nonvolatile memory aids its reliability and
leads to denser configurations. Before their potential can be achieved, however, the
following breakthroughs will be required for each technology:

MNOS:  a lower write voltage would lead to higher read speed, higher radiation hardness,
and increased density. A faster write speed for RAM applications would complete the
family of MNOS memories for all applications and allow an entire computer memory to be
made up of a single technology. Improvements in retention and write endurance would also
help, but these parameters are good enough at present for most applications.



Amorphous:  lower power, faster speed, and demonstrated reliability are needed.
Increased write endurance would broaden applications. More integration with silicon
technology would also help. User acceptance of this technology will depend on having
samples for user evaluation available on a large scale, even before there exists a profitable
market. This is because premature claims for the technology were made in the past that
could not be met by production units.

Magnetic Bubbles:  The present methods of transferring bubbles on a chip consume a lot
of power and reduce module density. The temperature range is limited. This limitation
coupled with the power dissipation problems leads to slow transfer rates. A higher chip
density would help reduce these problems, but not enough to make bubbles compete for
military mass memory applications. The lack of on-chip logic limits applications and
reduces radiation hardness. It would be extremely difficult to use this technology in a
nuclear weapons environment. Natural space radiation could be tolerated by harder off-
chip electronics. High density bubbles might experience difficulties with cosmic rays and/
or solar protons in space environments, however. The rapidly decreasing costs of this
technology make it very desirable that these technology bugs be ironed out for military
applications.

Volatile technologies such as I2L, ECL, TTL, CCDs, NMOS, CMOS, and CMOS/SOS all
have applications in military memory systems. Usually these are in fixed program
applications or non-hardened applications where speed, power, density, weight, or
reliability are being emphasized. The commercial trend is toward lower cost at the expense
of design margin and speed. While it is true that the trend is also toward higher chip
capacity and greater reliability through the reduction of interconnects, the overall
resistance to environmental stress (such as radiation) is heading down toward the point that
tomorrow’s commercial nonvolatile VLSI memories may be unusable in military systems,
even when system level protection (such as shielding) is employed. Cosmic rays in
spaceborne systems may be a problem if VLSI circuit densities continue to increase. Alpha
particles from packaging materials have already been found to cause memory loss of a few
bits per day in some NMOS dynamic RAMs. On-chip power dissipation will limit N-
channel, TTL, and ECL densities. CMOS/SOS and I2L will catch up to NMOS in chip
capacity because of this. These latter technologies, however need improvements in speed
to make N-channel, TTL, and ECL memories obsolete. CCD memories have mass memory
advantages, but their volatility and low radiation upset threshold make MNOS and
Magnetic Bubbles more attractive for military applications.

THE PROMISE OF VLSI MEMORIES

It is reasonable to expect the technology gaps identified above to be filled within the next
three years or so. Thus it may be confidently predicted that a choice will exist for military



designers between conventional electromagnetic memories and VLSI memories for all
memory applications presently served by electromagnetic memories. The inherent
ruggedness, reliability, superior temperature performance, and performance advantages of
VLSI memories will make them attractive, even without the inevitable cost advantages that
are now projected for VLSI.

More important than simple replacement of present technologies are the enhanced mission
opportunities that are presented by VLSI memories. Distributed computing is important in
this regard, and VLSI memories make this possible. Smart subsystems will be possible that
will make maintenance, testing, and self repair easier. Flexibility of mission for
standardized modules will also be made easier. New technologies of the future like
Josephson Junction memories promise even further mission capability improvements.

CONCLUSIONS

A bright future is predicted for VLSI memories. For military applications, non-volatile
technologies like MNOS and Magnetic Bubbles will be important. Before the potential of
these technologies can be achieved, however, breakthroughs in technology must be
achieved to bring nonvolatile VLSI memories up to the level of electromagnetic memories.
Volatile memories already have surpassed conventional memories in performance, but
their present cost is high and their power consumption limits mass memory applications.
The N-MOS and CCD technologies suffer least from these problems, but leave little
margin for degradation under environmental stress and systems noise. When power
consumption and noise immunity are dominant considerations, CMOS offers the greatest
potential, while bipolar technologies such as ECL, TTL, and I2L offer the fastest speeds.
For the near term the military should direct its R&D effort toward the development of
replacements for electromechanical memories. The long term strategy should be on
distributed computing and integration of memory with logic.
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ABSTRACT

Recognizing a pressing need of the 1980’s to optimize the two-way flow of information
between a ground-based user and a remote space-based sensor, an end-to-end approach to
the design of information systems has been adopted at the Jet Propulsion Laboratory. The
objectives of this effort are to ensure that all flight projects adequately cope with
information flow problems at an early stage of system design, and that cost-effective,
multimission capabilities are developed when capital investments are made in supporting
elements.

This paper reviews the End-to-End Information System (EEIS) activity at the Laboratory,
and notes the ties to the NASA End-to-End Data System program.

INTRODUCTION

The Jet Propulsion Laboratory is heavily involved with the exploration of deep space (e.g.,
the Mariner series of spacecraft to Mars, Venus, and Mercury; the Viking series to Mars;
the Voyager series to Jupiter and Saturn; and the Galileo series to Jupiter), and has
recently become involved again with earth-orbiting missions such as the SEASAT-A
global ocean dynamics monitoring spacecraft and the Infra-Red Astronomical Satellite
(IRAS).

As the nation’s involvement in space has matured, the demands of the investigator (user)
community for greater data return, faster telemetry delivery, and more responsive
sequencing have increased. Whereas the early exploration missions were content to blaze
the trail with a limited number of TV pictures and a few nonimaging measurements,
today’s spacecraft are sophisticated and highly-complicated remote laboratories, equipped
with powerful on-board computational resources, and are able to return hundreds of
thousands of bits per second of data from our neighboring planets. In order to use this



resource efficiently, the user requires the capability to process telemetered measurements
rapidly, and to interact with his sensor — for instance, to retarget an upcoming picture
sequence — via the sequencing and command processes.

The transfer function between the sensor and the user (Figure 1) is a bidirectional
information system. Measurements of a remote phenomenon are telemetered to the user on
the ground for his analysis and interpretation, and he responds by adjusting the parameters
of upcoming sensing activities by commanding mode or by pointing changes to the
instrument. When the sensor and the user are both colocated in a laboratory during
prelaunch checkout, the transfer function is hardwired and straightforward. As the sensor
is progressively separated from the user — during integration with a spacecraft system,
launch, and transfer to a remote measuring station in space — the transfer function
becomes correspondingly more complex, involving both digital processing elements and
analog (radio) transmission paths. A measure of the effectiveness of the information
system is the degree to which the transfer function remains transparent to the user (other
than the inevitable propagation delay) as this separation increases from zero to many
millions of kilometers.

In reality, the transfer function involves several resource-constrained elements —
spacecraft systems, bandwidth-limited RF links, ground-tracking stations, control centers,
etc. — each of which contributes some local degradation to the efficiency of information
flow. Since most of the elements represent large capital investments for NASA, their
designs tend to evolve in directions which provide multimission capabilities of general
utility to all projects. Clear challenges therefore exist to steer these multimission
developments along directions which are the most useful to all projects and also to
“system-engineer” the information flow for a particular project in order to satisfy the
requirements of the end user in the most cost-effective manner.

Therein lies the key to the system approach:  The user is the most important element in the
system. It is he who judges the success of the mission, who interprets the results for public
consumption, and who provides prime movement in the fiscal approval of new projects.
The intermediate elements of the information system have no self-sustaining functions
other than to expedite the exchange of information between the user and his remote sensor.

Recognizing this need, a formal discipline of EEIS engineering has been created at JPL.
System designs, which cross both technical and organizational boundaries, are being
developed with a primary view towards optimizing the end-to-end efficiency and cost-
effectiveness of information flow for our space missions.



SYSTEM ELEMENTS

The transfer function identified in Figure 1 has been subdivided into seven major discipline
elements for the purpose of system comprehension. These elements are either associated
with direct pipeline or “along-path” flow of a single information type between the sensor
and the user or are involved with “cross-path” functions, which tap into more than one
pipeline. This is illustrated in Figure 2. Although tailored to the configuration of JPL space
missions, the figure could probably be easily adapted to any complex information system.

During typical JPL missions, the ends of the EEIS are the remotely-sensed space
phenomenon and the user of the sensed information on the ground respectively. For
scientific missions, the user is normally a single Principal Investigator or a small team of
investigators who are concerned with a single sensor. Applications missions (generally in
earth orbit) tend to have a multifaceted user community, consisting of many discipline-
oriented consumers of information, who require access to several sensors.

The information system which services the “ends” has three basic along-path elements:

• A Telemetry Delivery element, which is dedicated to the transport of data from the
sensor down to a data base on the ground. This element does not normally interface
with a user without some intermediate extractive processing or formalization into a
data record.

• A Sequence and Command Delivery element, which is dedicated to the assembly and
validation of a desired sequence of spacecraft activities and the resultant delivery of
command stimuli to the remote sensor.

• A Tracking and Radio Science element, devoted to utilization of the RF
telecommunications links between the earth and a remote spacecraft, to determine the
spacecraft ephemeris and scientific phenomena of the transmission paths.

The system also has four cross-paths which, in addition to performing major internal
functions, have significant interfaces with the along-paths:

• A Data Records element, devoted to the assembly and delivery of archival-quality
data products in response to the Laboratory’s commitments to users. While telemetry
is the most common deliverable, tracking and radio science records are also
produced. The system also accesses all of the along-path data to produce
supplementary information, which defines such things as the spatial location of each
measurement, sensor mode, and the configuration of each major EEIS element.



• An Information Processing element, which operates primarily on delivered telemetry
data for a variety of reasons including:

- Real-time data processing in support of spacecraft and sensor performance
monitoring.

- Non-real-time processing to produce summaries as an aid to spacecraft
troubleshooting or long-term subsystem evaluation.

- Near or non-real-time processing which reduces raw sensor data to a primary
extracted information type (e.g., converts to engineering units, derives a physical
quantity, etc.) in support of the user.

The Information Processing element may interface directly with the user or may output to
Data Records when formal deliverables are involved.

While “downlink” processing may predominate, the Information Processing element also
has an important “uplink”-related role by providing:

- A medium for the user to access the sequencing system in order to input requests for
upcoming sensor activity.

- A medium for the user to access the information processing element itself and to
request changes in processing parameters.

• A Mission Operations element, which controls all aspects of the EEIS during conduct
of the mission. This element establishes basic requirements for the way in which
missions will be conducted and also injects operability and testability into the EEIS
design.

• A Spacecraft Checkout element, which defines the unique requirements on the EEIS
imposed by the prelaunch integration and test of the space vehicle.

It should be noted that this functional zoning of the information system does not include
one important ingredient, namely, the identification of specific facilities, equipment, or
organizations that define physical configuration. If Figure 2 is redrawn in terms of support
complexes rather than information flow disciplines, then the picture shown in Figure 3
emerges. One striking conclusion which emerges from examination of Figures 2 and 3 is
that virtually all project support organizations are “cross-path” in nature. Examples of this
are spacecraft designers, the tracking stations of the Deep Space Network (DSN), and the
operations complex and computational resources of the Mission Control and Computing
Center (MCCC). This is typical of most NASA arrangements. Each organization provides
path-oriented support internally; by virtue of prudent engineering from all parties, major
problems seldom occur at the interfaces. Such an arrangement is, however, extremely



vulnerable to local data damage as information is moved through one of the “along-path”
pipelines, where this damage may have unforeseen consequences downstream. An
example of this might be a telecommunications link that introduces errors with a
distribution that is catastrophic to a sensor whose data set is not properly protected. To
eliminate such disasters at the user level, it is vital that the end-to-end transport of data be
engineered from an overall systems viewpoint.

SYSTEMS APPROACH

As previously noted, there are two complementary facets to the EEIS activity. The first is
the need to engineer the information flow for a particular project in the most effective and
user-responsive manner possible. The approach taken at JPL has been to create project
dedicated EEIS Design Teams for each new mission whose sole task is to perform a
systems design to satisfy the information transfer requirements of that mission. Each team
is led by “along-path” systems engineers and is supported by “cross-path” representatives
of each supporting organization. The output of the team is a set of functional requirements
for overall information transfer, which are then apportioned among the spacecraft systems
and support organizations for implementation. This approach has already been successfully
applied to the SEASAT, IRAS, and Galileo projects.

The second (and perhaps more difficult) task is to perform a multimission EEIS design
which can be used to support a variety of projects. Cost-effectiveness is the primary driver
for this approach:  The more a project can adapt to a multimission capability that exists on
the spacecraft and/or the ground, the smaller the cost that the project will incur to obtain
support. Lowering the project cost could theoretically enable more projects to be started,
and economies of scale could be achieved.

At the time of writing this paper, a serious attempt is being launched to perform a
multimission systems design of the entire JPL EEIS for flight projects. The approach
envisaged is to perform a coordinated top-down design of each key discipline element,
following the general structure shown in Figure 2. Each element will define a total systems
architecture having high multimission potential, which will subsequently be evaluated by
the support organizations and traded off for overall implementation cost versus benefits
achieved. Our goal is to influence significantly the next generation of multimission support
capabilities, which, in practice, translates into all post-Voyager developments.

RELATIONSHIP TO THE NEEDS PROGRAM

The NASA End-to End Data System (NEEDS) Program is an intercenter NASA thrust to
develop the technologies which enable dramatic improvements in the overall efficiency and
productivity of information transfer within the Agency. Clearly the NEEDS activities and



the JPL-EEIS efforts are closely aligned.

In one particular area — the delivery of telemetry from a remote sensor to a user-oriented
data base on the ground — clear multimission potential exists. Both JPL and the Goddard
Space Flight Center (the lead center for NEEDS) are actively pursuing the standardization
of telemetry formats into a common packet protocol (1)(2)(3). This activity is summarized
by another paper (4) presented at this session of the Instrument Society of America
Conference. Under the NEEDS technology umbrella, we are also sponsoring the
development of new telemetryhandling techniques (such as advanced channel-coding
applications), which we hope will soon manifest themselves in upcoming JPL missions.

CONCLUSION

For NASA, the 1980’s promise to be a decade dominated by a data rate explosion and by
our ability to cost-effectively transfer information to science or applications users. The
users are our customers, and we can only satisfy their requirements by prudent and
thorough design of the information systems which we provide to serve them. At the Jet
Propulsion Laboratory we are tackling the problems of end-to-end system design not only
at the individual project level, but also from a multimission viewpoint. As a formal
discipline, EEIS engineering is young (less than two years), but already significant strides
have been made in understanding and solving the problems of information flow between
the sensor and the user.
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A CONCEPT FOR A TRANSPARENT DATA ACQUISITION AND
DISTRIBUTION SYSTEM FOR SPACEFLIGHT APPLICATIONS
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ABSTRACT

The emergence of “smart” sensors onboard space missions is forcing a reexamination
of the procedures by which NASA acquires, multiplexes, transmits, annotates, and
distributes sensor data to the user community. Increasingly we find that “smart” sensors
are being planned for future space missions which will search for specific unusual
phenomena and, when present, record these phenomena in great detail. This gives rise to
the need for a widely varying bandwidth requirement from each instrument in response to
the occurrence of phenomena that cannot be anticipated in advance.

An asynchronously multiplexed packet telemetry concept is described which, within
broad limits, permits instruments to acquire and transmit information at the rate
appropriate for the experimental phenomena being observed. Data from a single
instrument, along with the necessary ancillary data (typically time, position, and attitude),
will be assembled into self-contained packets and will be subsequently transmitted over
various communications links (i.e., space telemetry channel, ground communications
circuits, etc.) to the experimenter’s facility in near real time. Reliable error control coding
will be included in each link transmission to protect the integrity of the data packets.

A major objective is to make the entire data acquisition and distribution process
completely transparent to the experimenter in the sense that the output terminal of the
distribution system will be physically, logically, and electrically identical to that of the
experiment output channel. To provide greater inter-mission portability of instruments and
to reduce the instrument interfacing costs, the emerging national and international
telecommunications standards (ADCCP/HDLC/SDLC, X.25, etc.) will be utilized as the
instrument interface standards wherever practical. Except for the time delay imposed by
propagation and nominal queueing considerations, the experimenters will observe an
interface identical to that which would occur if the instrument were physically located at
their facilities.



INTRODUCTION

The Modular Data System (MDS) of the NASA End-to-End Data System (NEEDS)
Program is intended to develop and demonstrate the technology that will provide greater
instrument autonomy; faster data dissemination; and less costly instrument development,
testing, integration, and analysis. The key feature of MDS is that data representing a set of
experimental observations from a single instrument will be encapsulated into a data packet
at the source and this packet then becomes the basic transmission unit in the distribution of
instrument data to the users. Provisions will be made for the encoding and dissemination of
ancillary data (typically time, position, and attitude) needed for the interpretation of the
observational data from the instruments.

RATIONALE

To understand the rationale for the MDS concept, it is necessary to consider how
spaceborne instrumentation has evolved—and is still evolving—since the early days of
space exploration. The early space instruments were typically sensors which surveyed
some phenomenon (i.e., magnetic field, particle flux, etc.) and generated a fixed rate of
observational data points. The telemetry multiplexing requirements from such sensors were
easily accommodated by the word-multiplexed telemetry frame approach adopted for these
early missions. Although some flexibility has since been added by implementing a number
of commendable transmission rates and data formats, our present mode of telemetry
multiplexing and information distribution has changed little from the early space missions.

The nature of the space instrumentation has drastically changed from our fledgling start
in the late 1950’s. While instruments of a general survey variety will continue to be flown,
there is a clearly discernible trend towards more specialized instruments which will search
for phenomena of an unusual or transient nature whose occurrences cannot be predicted in
advance. To be responsive to the data requirements of these newer instruments, greater
instrument autonomy is needed along with an adaptive method of allocating onboard
storage and telemetry bandwidth resources among the various instruments on the basis of
current need.

Most imaging instruments being planned for space applications still rely on a
synchronous scanning mechanism which generates observational data at a fixed but very
high rate. However, considerable activity is underway to develop processors which will
perform onboard data extraction. Thus the need for adaptive resource allocation for
imagery sensors will shortly parallel the present need for such capability from science
payloads.



In the upcoming Spacelab mode of operation we can expect a greater number of
missions, each with a shorter mission operational period (5-7 days), with a shorter pre-
launch planning and implementation period. To meet these data processing and distribution
requirements using our present mode of operation would require far more personnel and
monetary resources than will be available. The MDS concept seeks to provide more
efficient and cost-effective data processing and distribution by eliminating the mission- and
instrument-unique functions in the intermediary stages of the overall data management
process. By performing source encoding of the data from each instrument into an
autonomous data packet format and providing user-transparent telecommunications within
each intermediary transmission link, an end-to-end “Bent-Pipe” mode of operation will be
achieved which is simultaneously more cost-effective and responsive to the user
requirements.

DATA STRUCTURES FOR MDS CONCEPT

It is important to distinguish among several different levels of telecommunications
protocols and standards. Each of these levels operate on a different hierarchical plane and
are decoupled from each other.

The lowest level (Level I) is concerned with the physical and electrical interchange
signals and conventions for data transfer. This level defines such parameters as voltage
levels, impedances, modulation characteristics, signalling rates, connector types and pin
specifications, and similar details. Examples of Level I standards are EIA RS-232, IEEE-
488, and the physical/electrical signal specifications of the IRIG and NASA Telemetry
Standards.

The Level II protocols or standards are concerned with the logical data structure
needed for the reliable and efficient telecommunications over a single link. Included in this
level are mission unique telemetry frame multiplexing formats, the Nascom digital data
block formats, the link-unique error control procedures, the logical data structure
specifications of the NASA/GSFC PCM Telemetry Standard as well as the non-NASA
standards such as the BiSync, SDLC. HDLC, and ADCCP protocols.

Level III protocols apply to the end-to-end data structure extending from the source to
the users. The Consultative Committee on International Telephony and Telegraphy
(CCITT) has proposed a so-called Level III standard known as X.25 which is gaining
acceptance but is not universally recognized at this time. However, X.25 is not truly an
end-to-end standard but rather is a means for interfacing a data terminal to a data
communications network. There is no currently accepted standard end-to-end protocol for
data communications, although the American National Standards Institute (ANSI) and the
International Standards Organization (ISO) are working on this problem.



There is no present data structure used by typical NASA missions which extend from
end-to-end. Typically we have spacecraft encoded telemetry frames which are later
decommutated by a ground data processing system in order to generate experiment data
files which are then distributed to the user. The MDS concept would extend the umbrella
of telecommunication control to Level III.

MDS DATA FLOW

In the following description the MDS concept will be explained on the basis of a fully
implemented system. It must be recognized that it will undoubtedly be necessary to phase
various features into the overall system in an evolutionary rather than revolutionary
manner. During this phaseover period, it would be necessary to provide for support for
conventional missions as well as missions with varying degrees of MDS implementation.

Figure 1. represents the data flow from the sensor to the primary ground station. Level
III encoders or packet generators associated with each of the individual instruments and
spacecraft subsystems will encode a set of experimental observations into a data packet
along with the necessary ancillary data (typically time, position, and attitude) needed to
permit the subsequent analysis and interpretation of the observational data on a stand-alone
basis. The Level III format for each data packet will be instrument-unique subject to some
very general overall constraints such as packet header specification and maximum packet
length. Via either a polling or interrupt procedure, the Level III Multiplexer will recognize
when a packet has been assembled in a packet encoder and will direct a transfer of this
packet into the Level III Multiplexer over the Packet Bus. It should be noted that the rate
at which packets are generated and forwarded to the multiplexer is variable; thus, queueing
buffer(s) must be provided to accommodate surges of packets which temporarily exceed
the telemetry transmission rate.

Under the control of the Level II encoder, packets will be transferred from the Level III
Multiplexer into the Level II encoder where each packet will be assembled into one or
more telemetry frames complete with error control coding. These encoded telemetry
frames from a single source packet will be sequentially transmitted over the telemetry link
and will also be temporarily held in a retransmission control buffer.

When the telemetry signal is received at the primary ground station, it is processed by a
Level I decoder which performs demodulation, bit synchronization and detection, and
passes the detected bit stream over to a Level II decoder. There frame synchronization and
error control decoding is performed. Retransmission request messages are uplinked to the
spacecraft for any frames that cannot be reliably decoded. When a complete packet has
been reliably detected, it is then stripped of its Level II control fields (coded telemetry
frame format) and reassembled as a data packet (Level III). It is then forwarded to the 



Figure 1.  MDS Data Flow from Sensor to Ground Station



Level III Demultiplexer which distributes the packet to the user(s) via the data flow shown
in Figure 2.

Before describing the subsequent data flow it is appropriate to consider two questions
that the preceding discussion may have raised:

1.) Why not use forward error correction rather than the previously implied error
detection/retransmission mode of error control?

and, 2.) Why aren’t the data packets transmitted directly, thus eliminating the
telemetry frame structure alltogether?

The answer to the first question is that forward error correction is not excluded by this
concept; however, neither is it the only form of error control which we can consider. It is
well known that error detection/retransmission control techniques are more robust in that
they will perform reliably over a much wider range of channel error conditions than can
forward error correction methods. It is interesting to note that ground-based
telecommunication systems utilize error detection/retransmission control techniques
virtually exclusively whereas space communications has utilized forward error correction
only. Why? The use of retransmission control for ground telecommunications is based on
the previously mentioned insensitivity to channel error statistics. Historically the use of
forward error correction for the space link was based on the lack of an adaptive telemetry
multiplexing technique (to retransmit the occasional frame originally received in error) and
the requirement for temporary onboard storage of transmitted telemetry frames pending
verification from the ground. The MDS concept provides adaptive multiplexing and the
rapid advances in digital logic technology makes onboard storage feasible. As space
technology matures, it is both natural and desirable that the proven techniques for ground
based systems be at least considered for comparable space applications.

The encoding of packets into telemetry frames is recommended since the very wide
dynamic range of the packet length formats needed by different instruments will, in
general, be incompatible with reliable error control on the space-to-ground link. Thus the
instrument design of a synchronously scanning imaging instrument may require a logical
packet length of a million or more bits. Under the expected RFI and random noise
environment, there is no way that forward error correction coding could provide the
necessary data integrity assurance for such long packets. Furthermore, retransmission
control procedures would be very inefficient due to the excessive number of
retransmissions that might be needed. Thus an intermediary data structure such as a fixed-
length telemetry frame bridges the gap between the logical packet size requirements of
instrument designers and the need for reliable error control. As a Level II structure, the
telemetry frame encoding/decoding process will be completely transparent to the user and
will serve only to protect the space-to-ground data integrity.



Figure 2.  MDS Data Flow from Ground Station to User



A major goal of the MDS concept is to reduce errors in all transmission links to a
negligible level. Why the sudden emphasis on nearly error-free transmission since we have
had to learn to cope with non-negligible error rates in past space missions? There are two
answers to this question. First, with the adaptive multiplexing capability afforded by MDS,
transmitted telemetry data can be expected to become far less redundant than in past
missions. Therefore the information value per transmitted bit will increase, thus placing
greater importance on insuring the data integrity of the non-redundant data which is
transmitted. The second answer is that there is a very heavy cost involved in the extensive
data consistency, validation checking, and correction process that is currently needed to
mitigate the effect of these transmission errors. The effort is spread over the entire data
management cycle so that it is very difficult to estimate the total magnitude of this
expense. However, it is clear that considerable cost reduction would be achieved if
transmission errors were reduced to a negligible level.

It should be noted that in addition to transmission noise errors there are also sensor
noise errors and MDS does nothing to correct the latter. However, sensor noise is an
anomaly with which the Principal Investigator or Facility Instrument Team must inevitably
wrestle. There are no blanket answers to sensor noise problems; however, it is certain that
the cognizant personnel can deal more effectively with sensor noise if it is the only noise
source in the received data set.

Figure 2. illustrates the expected data flow from the Level III Demultiplexer to the
individual users. This is anticipated to involve two modes of operation: 1.) direct on-line
transmission, and, 2.) delayed transmission via a central store-and-forward facility. In this
figure packets from Instrument A and B follow the direct mode and Instrument X packets
follow the delayed mode.

As in the space link, it is anticipated that some form of Level II coding will be needed
for all transmission links. The nature of this coding will be dependent upon the
characteristics of the individual links. Depending on geography, sophisication of user
facilities, and bandwidth requirements, some of the telecommunication network
possibilities are FTS, Nascom, ARPANET, TELENET, and SBS-leased channels through
domestic communications satellites. Most of these networks will impose some control over
the Level II transmission protocols.

It will be necessary to develop Level I and II encoding/decoding interfaces and
processors for the link conversions that are needed on the space-to-ground link and the
various telecommunications networks to be utilized. However, these are one-time
development expenses and no recurring mission-unique development cost will be incurred.
In addition to the cost savings that can be anticipated, the elimination of mission-unique 



hardware/software development will improve the reliability of the overall information
transfer process.

EXPECTED BENEFITS DUE TO THE MDS CONCEPT

The preceding discussion has concentrated on the benefits of the MDS concept during
the mission operations phase. A summary of these benefits are:

- Permits instruments to acquire data at a rate appropriate for the process being
observed rather than at some arbitrary assigned sampling rate

- Permits onboard memory and bandwidth resources to be dynamically allocatable on
the basis of the current resource demands among all instruments

- By providing ancillary data annotation at the source, the need for intermediary
processing steps to generate and merge the observational and ancillary data is
eliminated

- Permits on-line distribution of instrument packets to users over a variety of cost-
effective communications networks

- Reduces noise errors due to the transmission and distribution process to a negligible
level

- Eliminate mission-unique hardware/software development in the information
transfer process thereby reducing cost and improving system reliability.

There are a number of other benefits of the MDS concept which extend beyond the
mission operations phase. Carefully designed Level I (IEEE-488) and Level II
(SDLC/HDLC/ADCCP) standards have been developed and low cost LSI chips to
implement these standards are commercially available. Level III standards and LST
implementations are expected shortly. If these standards are adopted for the data interface
between instrument packages and the spacecraft telemetry subsystem, then these LSI
components will both simplify and reduce the cost of the instrument design. These
standards will also facilitate the establishment of a single data interface during all phases
of the instrument’s life as well as promoting portability of spaceflight instrumentation
among different missions.

An Instrument Test and Analysis Subsystem (ITAS) is customarily designed concurrent
with the development of each spacecraft instrument to stimulate, exercise, (calibrate, and
analyze the data from the instrument during the fabrication and bench testing periods,



During these pre-launch phases, this interface between the instrument package and the
ITAS is thoroughly exercised to the point where the investigator develops considerable
confidence in the total system. Typically the ITAS will include access to a digital computer
and specialized software will be developed to exercise the instrument and to analyze the
resulting data. Because of the lack of adequate data autonomy in the current mode of
operation, this trusted interface is broken during the spacecraft integration phase and new
interfaces and formats are established. Typically this requires a considerable redesign of
both hardware and software on the investigator’s part. Furthermore, since there is only a
very limited amount of pre-launch checkoutime with the new interface, misunderstandings
concerning formats and conventions can easily arise which causes both confusion and a
need for re-engineering during the mission operations phase.

In the “Build-to-Operate” mode shown in Figure 3, the data interface between the
instrument package and the ITAS remains identical during all mission phases. During the
mission operations phase, a number of additional modules within the spacecraft and the
ground distribution system will be added in series to this interface; however, each link
within the chain will be designed to be transparent to the user. Data in the same logical
format will be supplied over the same type of electrical connector with the same electrical
conventions during the mission operations period as during the pre-launch bench testing
period.

SUMMARY

The MDS concept is designed to provide efficient and cost-effective data acquisition and
distribution from space instrumentation to the user community. Emphasis is placed on
defining a compatible hierarchy of standard interfaces and protocols that will both provide
a convenient user-interface and insure reliable end-to-end data transfer.



Figure 3.  Build-to-Operate Mode
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ABSTRACT

Packetized telemetry-handling offers an opportunity to standardize major portions of the
spacecraft-to-ground interface for future NASA missions. An end-to-end packet transport
protocol is proposed which enables delivery of telemetry data from a remote space sensor
to a ground-based user with virtually no project-unique intermediate processing.

This paper reviews the possibility of creating a single telemetry format standard for both
deep-space and near-earth missions. The proposed standard addresses the greatest NASA
problem of the coming decade—cost—by allowing telemetry streams from many inflight
spacecraft to be handled on the ground by common, simple, multimission processing
elements.

INTRODUCTION

The first twenty years of the nation’s involvement in space have been characterized as a
period of rapid capability development. The initial decade was a high-risk period, with
relatively abundant funding which supported great voyages of discovery involving both
men and machines. Since the Apollo program, the space agency has, in light of fiscal
constraints, become increasingly more preoccupied with the cost-effectiveness of its
missions. We stand today poised at the beginning of a decade in which microelectronics
technology offers us spacecraft sophistication undreamt of ten years ago. Our primary
challenge is to lower operational costs so that more missions can be flown.

Early missions into earth orbit and subsequently into deep space were driven by
requirements to create reliable systems out of basically unreliable components. Any
function which was not absolutely essential to perform onboard the spacecraft was
properly shifted to the ground, where failures could be corrected. As a result, spacecraft 



systems became finely tuned to the minute details of each mission’s unique requirements,
and a customized ground system was developed to unravel the consequences.

The earliest space vehicles carried mechanically-switched commutators, which sampled
onboard sensors in a fixed, closely-timed sequence, and then directly telemetered the
word-by-word multiplexed measurement streams to earth. Later missions flew electrical
analogs of the commutation process which preserved the strict time sequence of the
sampling cycle and which because of the reliability problems that would have been
introduced by intermediate buffering still transmitted the measurements on a word-by-word
multiplexed basis. One consequence of this rigid structuring was that it encouraged local
optimization. The result was that each spacecraft reinvented its own frame format for
telemetry, having virtually free rein to specify parameters such as frame length, frame,
structure, time codes, mix of data samples, format identification, etc. Within recent years,
Pulse Code Modulation (PCM) standards have evolved that limit the options in terms of
details such as word length, synchronization codes, etc., but the basic ad hoc nature of
telemetry has persisted. It is still not uncommon for one spacecraft to have up to a dozen
different telemetry modes, each tailored to some unique use and having totally different
minor and major frame structures. Faced with this situation, ground systems still preserve
their historical complexity and are consequently a cost factor in the enablement of new
missions.

As we survey the 1980’s, two observations develop:

• Deep-space missions are emerging from the early “exploratory” phase and are
becoming more oriented towards in-depth scientific investigations involving
sophisticated sensors, ambitious mission profiles, and large quantities of telemetered
information. A trend towards adaptiveness is noted, with measurement profiles
becoming event-oriented (an example of this would be a semiautonomous, surface-
roving vehicle). Sensors on such missions will tend to require access to wide
transmission bandwidths for short periods of time surrounding an event of interest,
and will then revert to idle modes in which little information is generated. Dynamic
allocation of bandwidth is very difficult if telemetry formats contain multisource data
multiplexed in strict time sequence. It becomes simple if the telemetry transport
medium is insensitive to data content, as with a packetized system.

As deep-space missions become more complex, they become more costly. Ways must
be found to lower funding profiles by combining functions on a multimission basis:
Telemetry standardization enables common data-handling techniques.

• Near-earth missions are expected to produce an explosion in data rates, data volumes,
and associated information-handling problems. The Space Transportation System,



with its promise of reduced launch costs and short mission gestation times, will
enable a multitude of missions to be flown and many new users will develop. In the
field of earth applications, sophisticated thematic sensors can be projected which
output event-oriented data at rates of hundreds of megabits per second. The appetite
of the user community for rapid access to huge quantities of perishable information
will become insatiable. If NASA is to cope with the demand without drowning in
data, ground telemetry handling must be reduced to a trivial function. Spacecraft must
therefore format data into user-oriented protocols which require minimal intermediate
processing before delivery to the user. The possible cost benefits of a standardized
telemetry approach, relative to ad hoc arrangements, are obvious.

END-TO-END SYSTEM CONSIDERATIONS

During the Mariner-Mars 1971 mission, the authors became involved with an investigation
of the error characteristics of received spacecraft telemetry. We observed that as data were
transported through the deep-space radio link to a ground station and then through
terrestrial communications circuits to a control center, the end-to-end error characteristics
were uncontrolled. Burst errors from deep-space were causing synchronization losses
which rippled into damage to the data sets from every sensor. The ground circuits
(NASCOM lines) were packet-oriented:  Occasionally a transmission block would go
astray and its spacecraft data content was lost. The resulting discontinuity caused massive
gaps in every data set, since sensor measurements were multiplexed on a word-by-word
basis and were distributed throughout the missing data. From these observations we
arrived at some interesting conclusions:

• The downstream effects of local data degradations could be minimized if data sets
from independent sources onboard the spacecraft were transmitted autonomously
rather than multiplexed together. In effect, a data outage would be constrained to one
sensor, rather than rippling into damage to all sources.

• End-to-end performance could be improved if the spacecraft format were designed to
be compatible with the characteristics of some of the components involved with its
transport. In particular, we were intrigued by the possibility of making the spacecraft
format synchronous with the blocked protocol on the NASCOM circuits. We noted
that NASCOM provided a pure transport service:  The system operated on fixed-
length blocks, which had standard header and tail information. The spacecraft
telemetry frames were simply chopped up into segments, inserted into the data field of
a NASCOM block, transported to the destination, and reassembled for presentation to
the next downstream element. Why not, we reasoned, extend this concept all the way
from the sensor on the spacecraft to the user on the ground? An early paper (1)
outlined this proposal.



Meanwhile Ferris, Greene and Sos at Goddard Space Flight Center (GSFC) had
independently concluded that significant benefits could accrue from telemetry format
standardization and in particular that data should be transmitted as autonomous packets of
instrument measurements (2)(3)(4). We are currently working closely with Goddard
personnel, under the sponsorship of the NASA End-to-End Data System (NEEDS)
program, to explore packet standardization on an agency-wide basis. As part of our
institutional End-to-End Information Systems (EEIS) design responsibilities at the Jet
Propulsion Laboratory (JPL), we are investigating standard packetized telemetry
formatting as a feature of the next generation of flight projects (5).

STANDARD RAMIFICATIONS

When considering the implications of standardization of telemetry formatting, we rapidly
came to realize that the basic function to be performed is that of data transport, i.e., to
move a set of data from “Point-A” to “Point-B” through a communications channel. True,
the channel involves some exotic elements such as multigigameter transmission path
lengths and state-of-the-art ground stations, but the principal task of the telemetry frame
itself is simply to “carry” a set of data from a sensor on the spacecraft down to a user on
the ground. During discussions within the NEEDS program, Richard DesJardins of GSFC
pointed out that considerable effort had already been expended in the definition of
communications protocols by the American National Standards Institute (ANSI) and other
agencies. In particular, four “levels” of interface standardization have been defined for
transmission across a channel:

Level Identification

1 Physical interface
2 Link control
3 Communications network control
4 Transport end-to-end control

Existing standards for planetary program and near-earth telemetry transmission within
NASA have focussed on Levels 1, 2, and 3. We are, in effect, proposing, by adopting a
format standard, to develop a transport protocol which therefore extends to Level 4.

PROTOCOL BOUNDARIES

The telemetry transport protocol must be capable of moving a data set from a remote
sensor to a ground-based user. As such, the protocol must be preserved by all subelements
of the delivery system, which include spacecraft data handling, space-to-ground
telecommunications, ground stations, point-to-point communications, data capture, data



accounting, and data base functions. This is illustrated in Figure 1, from which it will be
seen that there may be other protocols embedded in the end-to-end protocol. These
typically will include:

• A telecommunications protocol, which provides for the detection and/or correction of
errors induced by the space-to-ground link. This may consist of standardized outer
and inner coding schemes. The objective of this protocol is to eliminate the
telecommunications link as a source of data degradation so that downstream elements
at all times observe “clean” data.

• A point-to-point communications protocol, which preserves the end-to-end protocol
during delivery from a remote ground facility to the Laboratory. This will normally
consist of the standard NASCOM block structure, which is engineered to account for
the error characteristics of the ground circuits and which includes both passive (error
detection codes) and active (retransmission request) fidelity control.

The embedded protocols should only be inserted to the extent necessary to protect the end-
to-end protocol against the particular local degradation for which they are introduced, and
their properties should be exploited. In particular, the NASCOM and end-to-end transport
protocols could be synchronous.

TELECOMMUNICATIONS ERROR CONTROL

The obvious difference between deep-space and near-earth missions is the distance over
which data must be telemetered by the spacecraft. Past deep-space missions have operated
over a wide range of signal-to-noise ratios, often approaching the performance threshold of
the link. Received telemetry quality, therefore, varies from “clean” (10-5 or better bit error
rate) to extremely noisy (a BER of 10-2 or worse). In contrast, near-earth missions nearly
always , return data of excellent quality. One ramification of the deep-space situation is
that ground processors have to be able to lock on to telemetry frames containing many
errors; sophisticated flywheeling algorithms are required to hold lock, and the inherent
structure of the frame is exploited in order to “salvage” measurements.

Recent studies (6) have indicated that advanced channel coding technology is now
available which permits significant performance gains for the RF link. In particular, these
codes have the property of preserving “clean” data all the way to threshold and then
rapidly (within fractions of a decibel) of degrading to random noise. The significance of
this effect is that, rather than exhibiting a slow degradation in bit error rate, deep-space
missions could share the near-earth mission properties of either returning clean data or
unrecoverable nonsense. This leads us to suspect that a single format standard for all kinds
of missions may be achievable. In particular, the processing tasks of data capture and



packet accounting appear identical, in which case common equipment may be used. Since
both deep-space and near-earth missions often share the same facilities, significant
economies might be realized by the standardization.

TRANSPORT PROTOCOL CHARACTERISTICS

In order to implement an end-to-end transport protocol, all spacecraft should produce
telemetry in the form of fixed-length standard packets or “carrier frames,” which
correspond to the minor frames of classical (multiplexed) telemetry systems. The structure
of the packet is suggested in Figure 2. The packet should begin with a standard “carrier
header” containing a synchronization code and accounting information and should end
with a “tail” containing a standard error check byte which monitors the integrity of the
entire packet. The carrier header should be immediately followed by a standardized
subheader, which provides identification and accountability for the source data set
transported within the packet. The source data set should represent a variable
measurement record generated by a single sensing instrument or by the engineering
subsystems of the spacecraft, and is, therefore, the only mission-peculiar element of the
packet.

At the time of writing this paper, we are pursuing a detailed investigation of the exact field
definitions for a proposed packet standard. One early version of the format is shown in
Figure 3. The header information is purely concerned with providing accountability of the
individual packet, which is autonomous and self-interpreting. Unlike most conventional
telemetry formats, no a priori knowledge of past frames is required to process the
embedded data set:  The headers fully define where and when the measurements were
made. At any point between the sensor and the user, a single packet could be extracted for
examination and would be found to be completely self-specified:  This has ramifications
which improve the testability of the system.

FORMAT EFFICIENCY

Any telemetry system requires overhead in the form of synchronization codes, identifiers,
etc. Conventional telemetry format efficiencies have historically ranged between 80-99%,
with the best performance achieved by imaging sensors which have long frames
(corresponding to digitized scan lines).

In most applications, the bandwidth of at least one communications element is constrained.
It is, therefore, important to ensure that bandwidth is utilized cost-effectively and that
format overhead is not excessive.



Figure 4 illustrates the overhead effects of the protocols identified in Figure 1. The end-to-
end transport protocol overhead is always present. Additional overheads are introduced to
perform specialized local functions such as error control of the space-to-ground link, point-
to-point transmission across NASCOM circuits, and access-oriented insertion into the
terminal data base. In the interests of efficiency, and other things being equal, the local
overheads should normally be preserved only as long as they add information or provide
protection. An argument could, therefore, be made to remove the telecommunications
protocol at the ground station, since the ground communications channel has different error
statistics which are better handled by the NASCOM protocol. Since the NASCOM
protocol adds information in the form of ground station configuration data, elements of
NASCOM overhead may be carried through into the protocol established for the data base.

The impact of the end-to-end transport overhead is surprisingly small. For typical standard
formats under consideration, such as that shown in Figure 3, the efficiency is about 95%.
This translates into a performance penalty of approximately 0.2db. Even for bandwidth-
constrained deep-space missions, this is not significant.

BENEFITS OF PACKET TELEMETRY

Having outlined this proposal for telemetry format standardization, it is appropriate to
summarize and suggest some of the benefits which could be realized.

• Ground data-handling for space missions could be greatly simplified. Present systems,
which involve complex project-unique decommutation and data-set reconstruction
tasks, could be replaced by simple sorters and routers which are insensitive to project
data content. The accounting process, necessary to ensure that user quality, quantity,
and continuity criteria are being met, could become a standard operation based purely
on packet header information.

• Multimission ground data-handling equipment could become a reality, since none of
the delivery operations would require manipulation of the project-unique data set.

• Standardized sensor interfaces could be defined. An instrument interfaced to a
spacecraft using the packet format would have an identical data interface if it became
part of the payload for another mission. The user interface with both missions would
also be the same. The same logic could be extended to entire space vehicles:
Packetized data from a passenger spacecraft could be interleaved on a packet-by-
packet basis with identical telemetry from the host stage.

• Adaptive sensor operations could become possible. By removing rigid timing
requirements for telemetry sampling, sensors could become free to transmit



“information” rather than “data.” This information gain, in terms of end-to-end
performance, becomes of major importance as data volumes increase.

• Operational economies could be achieved, since telemetry systems would exhibit a
high degree of conceptual simplicity and structure. Simple systems are inherently easy
to integrate, test, troubleshoot, and operationally monitor.

CONCLUSION

We propose that it is time to progress beyond traditional concepts of time-multiplexed
telemetry transmission from space, and to begin utilizing available technology to enable
onboard assembly of data formats which are inherently cost-effective to handle on the
ground. We believe that a single standard protocol can be derived which is applicable to
telemetry transmitted from both deep-space and near-earth missions. The possibilities of
extending the protocol to a national or even international standard for space data
transmission are intriguing.
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Figure 1 - Telemetry Delivery System Protocols

Figure 2 - End-to-End Transport Protocol Structure



Figure 3 - Standard Telemetry Data Format (Preliminary)

Figure 4 - Overhead Imposed by End-to-End Transport
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ABSTRACT

Concepts for a highly automated spacecraft, which is much more independent of
ground operations than current spacecraft, have been investigated. Applicable systems and
technology requirements are identified for maximum onboard automation of mission
functions. A spacecraft concept which requires infrequent ground contact while increasing
mission effectiveness is described. The potential impact of such a system on end-to-end
system design is discussed.
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“SEASAT-A:  AN EXPERIMENT IN END-TO-END
INFORMATION SYSTEM DESIGN”
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ABSTRACT

The SEASAT-A ocean dynamics monitoring satellite was designed with a keen
awareness of the problems of handling huge volumes of data from an Earth-orbiting
applications mission. An “End-to-End” approach to the entire information system was
adopted very early in the life of the Project. Some innovations introduced include the
provision of a “Packet Telemetry” system which is very similar to the NEEDS program
objectives, and the incorporation of an adjustable satellite clock which directly time-tags
the sensor data in GMT.

This paper will review the mission and information system performance, and will
summarize lessons learned from the experiment in system design.
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ABSTRACT

SEASAT-1 is now an established fact. It is providing continuous sensing of the world’s
oceans and related meteorological phenomena from its satellite platform in space. What is
the next step? This paper considers the information delivery challenges of the follow-on
programs to SEASAT as they progress through the next decade. These include coping with
the vast quantities of data to be transferred, fulfilling the temporal requirements on data
delivery, and the trade-offs and developments needed to accomplish the various levels of
processing required to convert sensor output into useful information. A need for critical
development is clearly identifiable in the areas of low cost ground terminals capable of
image extraction and image correlation; dynamic data assimilation to accomodate
forecasters; low resolution onboard correlators; and low cost user advisory (display)
terminals. The system planners for the Ocean Satellite advanced programs are utilizing an
end-to-end data systems approach in meeting these challenges. The economic and
scientific impact of delivering decision making information to the marine community in
real time and in useful form is recognized and is potentially achievable.

INTRODUCTION

Marine environmental information is vital to the ocean community in making key
decisions. Earth-orbiting satellites, carrying sensitive microwave and visible and infrared
sensors, provide the best available method for observing and collecting the wide variety of
parameters required by marine users, in a synoptic manner. They are capable of observing
large areas in a relatively short time span. Several appropriately spaced satellites can
provide for frequent, accurately located, and complete global ocean coverage more cost
effectively than any existing alternative. However, delivery of the collected information in
a timely manner and in a form most useful to users is another matter. Users have found it
difficult to acquire data in the form, time and content they desire at a cost they can afford.
This has been due in part to the lack of communication between those responsible for
implementing the remote sensing platforms in space and those implementing the ground



system. There is also a lack of understanding and appreciation for the needs of the users,
particularly in terms of product level, repeatability, delay in delivery, and means of
delivery and display. The end-to-end data system of the recently launched SEASAT-1
satellite is not capable of meeting the true needs of the users, nor was it meant to.
SEASAT-1, as a proof of concept mission (not an operational system), is meant to
determine if newly developed microwave sensors can accurately measure the state of the
ocean surface and to then determine whether collected data will be of significant use to
meteorologists, oceanographers, and commercial users of the marine information.

The first of a series of demonstration satellite missions, which will provide remotely
sensed ocean observations in a limited operational mode, is planned for launch in early
1984. This satellite is a part of a National Oceanic Satellite System (NOSS) and will be
undertaken as a joint NASA, NOAA, DOD activity. All three of these agencies will
participate at all levels of activity. The characterizing personality of this demonstration
program is to achieve improved data utility at the user interface. This will be accomplished
in part by utilizing a total systems approach extending from the satellites and their sensors
through all facets of end-to-end data flow, analysis and interpretation, with the output
merging with other data and interpretation sources in various marine services and
operations. The NOSS end-to-end data system design will recognize and meet common
data needs. It will not, however, succeed in fully meeting these needs due to a requirement
which precludes a satellite from transmitting information directly (from the satellite) to
ships and rigs at sea. The Advanced Marine Information Delivery System discussion that
follows ignores this constraint, and refers to post-NOSS planning.

USER INTERACTIONS

In developing Marine missions, it was recognized that broad user groups with common
data needs could be identified. These needs appear to be driven primarily by the problem
of data perishability. Secondly, it was noted that all users would accept data processed to a
certain level. Beyond this level there is a divergence of opinion as to (a) which
algorithm(s) should be used to derive certain information (e.g., wind fields), (b) the extent
of areal interest (e.g., local, regional or global), (c) the format in which the information is
to be displayed, and (d) the time frame for delivery (e.g., real time, a few hours, days, or
archival). Based upon these and related commonality and difference factors, well chosen
institution preprocessing functions (potentially onboard the satellite) can be followed by
fulfilling four user processing information delivery system modes in a mission oriented
information flow. These four modes, then, have been identified with differing
characteristics in terms of information content, time scale and possible location of the
various processing functions. The four system modes are referred to as the direct-to-user
mode, the regional/local user mode, the global modelling user mode, and the research user 



mode. Such a system could provide for multiple user control, provide good synergism,
provide real-time delivery, and grow in response to changing needs.

The institutional preprocessing function is that portion of processing with high user
commonality of need and low user concern with the method of implementation.
Institutional preprocessing is located for delivery efficiency either onboard the spacecraft
or on the ground. Examples of these functions include location processing, sensor bias
correction, image correlation, image formulation and image rectification. The forthcoming
Global Positioning Satellite (GPS) will be utilized to provide a basis for onboard
processing of the earth locations of sensor boresight views (i.e., footprint computations).
With GPS providing an accurate up-to-date ephemeris, and with the satellite attitude
information and related sensor data all coming together at one point in time aboard the
satellite and with current and anticipated capabilities for utilizing microprocessors aboard a
satellite, this appears to be the ideal place for the location processing function. Sensor
calibration and bias correction represent two additional processing functions over which
there is little controversy; they are, therefore, amenable to onboard spacecraft processing
(i.e., before any split in data stream is made for dissemination). The Synthetic Aperture
Radar, with a bit rate of 120 Mb/s, would consider quick-look (low resolution, real-time)
correlation, or direct information extraction from the raw signal (if possible) as candidates
for onboard processing in order to aid in the selection of regions for full on the ground,
image correlation, as a means of greatly reducing the overall downlink data quantity,
through sampling, and also to reduce the burden on the ground processing facility. In the
conversion of data to geophysical meaning, a simplified conversion scheme might be
implemented onboard for real-time delivery of information direct to local users (from the
spacecraft). The four delivery/processing modes are then user peculiar.

PROCESSING FLOW

A brief overview of the information delivery system processing flow is described below
and illustrated in Figure 1 prior to characterizing each of the user modes. Location and
calibration is recommended for onboard processing since there is no controversy and it is
easily accomplished. Conversion to geophysical meaning, merging (with other sensors
aboard), and blending (introducing data from other sources) may be accomplished onboard
the satellite or at the ship and rig for real-time (direct) users. These same processes could
be accomplished in near real time by user agents. The long-term archiving and accessing
function would normally be handled by a project or the potential user agency. Spreading,
hindcasting, forecasting and other analysis would be undertaken in near real time by user
agents like the weather services and commercial routers. Research users would carry out
their analysis in non-real time using the archive as a complete data base for data/
information at all levels. Decisions and displays can be made or provided at several 



processing levels. It is important to note that the hindcast-forecast processing provides a
feedback loop to provide improvements to the entire system.

The “direct to local users” mode is generally for ships, rigs and coastal management
organizations that are interested primarily in wind, wave and temperature data. They will
receive and display just sufficient information on APT (Automatic Picture Transmission)
type terminals to make decisions. They may store information around their local area
(several hundred to a thousand kilometers) for several delivery periods (e.g., 3 hours apart)
and display the progressing features in order to make simple forecasts/decisions as to
probable weather conditions, waves and fish location/movement. Their bit rate receipt on
any one transmission would be about 2.4 kb/s, received as the spacecraft travels by
overhead (i.e., during their view period from horizon to horizon for several minutes of
receipt). The number of direct local users may run into the thousands.

Regional centers and user service organizations, of which there may be a dozen or more,
would receive their data directly in real time or indirectly via relay satellite for targets of 
opportunity. Although their range of interest is limited to their region, the information
interest is much broader, including surface and topographical feature extraction and
multispectral comparisons. These centers and user service organizations would process
and respond quickly (in near real time) to provide advisories and maps to decision making
end users such as ships and offshore rigs. They may also provide regionally extracted
information to an archiving facility.

Global users have all the data collected by the spacecraft relayed to them in real time.
They also receive data from other satellites and assimilate the data, providing current
information (“nowcasts”) and forecasts for users in near real time; there may be several
global users.

The research and archiving mode receives and processes all data at one or more
centralized centers from all ocean satellites and prepares this data for archiving and
accessing, for measurement validation experiments, and for economic verification
experiments. This mode also utilizes a dynamic assimilator (see Figure 2) for generating
geophysical information and climate data records for the archiving facility. The archiving
facility may also contain images and sensor data records. The archived information and
records will be used by governmental, university and private research organizations. The
central processing center (technology transfer processing facility) may be operated by the
appropriate operational Federal agency.

The characteristics of the four data delivery system modes are summarized in Table I.
Note that all but the research or archival mode are real time and that each mode has its 



own personality. The preliminary characteristics of a needed dynamic-data-assimilator
storage and hindcast system are shown in Figure 2.

The individual user oriented processing and delivery modes of Figure 3 can thus be
coalesced into the overall system shown in Figure 4.

NEEDED DEVELOPMENTS

Critical development is needed in several areas in order to insure that the total marine
information system works together. Twenty-one specific issues are listed below, requiring
development in both software and hardware.

Table I.  Data Delivery Processing System Modes

Direct to Local User Mode 
Real-Time Line of Sight Only 
Direct to Ships, Rigs, etc.
Advisories or Annotated Maps 
Immediate Decisions
2.5 to 250 kb/s or Analog Equivalent
Low Cost Terminals

Global Forecasting Data
Real Time
All Relayed to Central Site
Dynamic Data Assimilation
Coarse/Medium Resolution
10 kb/s to 10 Mb/s
Global Forecasts
Relay to Users

Regional Center Mode
Real-Time Line of Sight or Relay
Target of Opportunity
Direct from Spacecraft
Full or Partial Data Set
Coarse-to-Fine Resolution
10 kb/s to 10 Gb/s
Regional Forecasts
Relay to Local Users

Research Archival Mode
Non-Real Time
All Data as Available
Dynamic Archiving/Accessing
10 Mb/s to 10 Gb/s

1. Techniques for limiting access to telemetry links (mechanisms for limiting receivers
to those who paid for privilege).

2. Simulation of onboard location/bias correction/coding for low rate data (buffering
requirements, engineering information availability, implementation feasibility).

3. Valid bias correction and geophysical conversion algorithms (may be otherwise
funded under discipline or sensor subprogram elements).

4. Dynamics data assimilation (strips data assimilation-dynamic merging/blending).
5. Dynamic nowcasts (spreading to fill temporal and areal gaps to produce best guess

of total world, provide climate archival averages).
6. Real-time SAR (Synthetic Aperture Radar) image correlation (quick look to full

swath/full resolution; ground to full onboard).



7. Real-time color/thermal image retification/calibration (quick look to full swath/full
resolution; ground to full onboard).

8. Multispectral color/thermal image comparisons and information extraction
(chlorophyll, turbidity, currents, sediment transport, etc.).

9. SAR point source information extraction (ships, icebergs, rigs).
10. SAR linear pattern information extraction (waves, pressure ridges, ice edge).
11. SAR areal pattern information extraction (currents, upwellings, shoals, pollutants,

etc.).
12. Altimeter real-time information extractor (current bulge, tide, wave heights).
13. Standarized formats and displays.
14. Low cost user receiver/processor/display terminals for advisories (MARISAT link

compatible and beyond).
15. Low cost user receiver/processor/display terminals for low data rate mapping with

advisories (APT compatible and beyond).
16. Low cost user receiver/processor/display terminals for full color thermal analysis

with overlays (HRPT compatible and beyond).
17. Low cost user receiver/processor/display terminals for SAR imagery.
18. Dedicated TDRS (Tracking and Data Relay Satellite System) relay link (TDRS

follow-on with lower cost interfaces and multiple downlinks).
19. Low cost dissemination techniques.
20. Low cost archiving and accessing techniques.
21. Now forecasting-processing capabilities.

CONCLUSION

The need for an ocean monitoring system exists. Many of the capabilities are available,
and programs like SEASAT-1 are establishing feasibility. What is required is a national
purpose with multiagency interest (currently evident in the NOSS program), as well as the
cooperation and continued interest of marine industrial users. Multiagency funding and
industry involvement will be essential to achieving the level of development needed to
meet the Advanced Marine Information Delivery System requirements. In addition to the
information to be provided from multiple satellites, which will be monitoring both the
ocean and atmosphere, the delivery system should include data of conditions observed
from aircraft and surface systems as well as forecasts derived from the best available
ocean and atmospheric modelling sources. The real benefits of providing globally dense
marine information to end users can only be achieved by providing those users the means
to receive the information rapidly and the means to rapidly assimilate it.
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Figure 1 - Information Delivery System Processing Flow

Figure 2 - Dynamic Data Assimilator



Figure 3a - Individual User Oriented Processing/Dissemination Modes;
Direct to User Mode

Figure 3b - Individual User Oriented Processing/Dissemination Modes;
Regional/Local User Mode

Figure 3c - Individual User Oriented Processing/Dissemination Modes;
Global User Mode



Figure 3d - Individual User Oriented Processing/Dissemination Modes;
Research User Mode

Figure 4 - Marine Information Delivery System
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ABSTRACT

A new unified formulation of the fast Fourier transform based on the unwrapping of a
multi-dimensional array is presented. The decimation in time FFT algorithms is treated in
detail. The decimation in frequency algorithms is then discussed.

INTRODUCTION

The fast Fourier transform (FFT) is an efficient algorithm for computing the discrete
Fourier coefficients of a time series.

The decimation in time FFT algorithm was discovered by Cooley and Tukey [ 1] .
Subsequently five other algorithms [2-6] were derived by rearranging the positions of the
nodes of the FFT flowgraph.

Gentleman and Sande [ 3] have proposed a different type of FFT - the decimation in
frequency algorithms. Five similar algorithms [3-6] were subsequently derived.

A systematic method for deriving all FFT algorithms was proposed by Sloate [6] Using
matrix Kronecker products, Sloate showed how, with the proper factorization of the
permutation matrix, any of the known algorithms can be derived. These matrix
manipulations are however not intuitively obvious.

In this paper we will present a new unified derivation of the FFT algorithms using a
simpler algebraic formulation.

DECIMATION IN TIME ALGORITHMS

The discrete Fourier coefficients of a finite complex sequence                      are defined to
be



(1)

for k = 0, 1,...,N-1 , where exp is the exponential function and j = (-1)1/2.

In this paper we treat only the radix 2 case when N is given by

(2)
The arbitrary radix cases can be similarly derived.

The integers k and n in Eq. (1) can be expressed as

(3)

(4)

where ni, ki ,{0, 1}.

Equation (1) can be rewritten as

(5)

where

(6)
It can be shown [7] that if we compute the M -dimensional arrays X1, X2,...,Xm as follows

(7)



for all values of the ni’s and ki’s, then

(8)

Up until now we have assumed that the arrays Xm’s are M dimensional arrays of N
elements. While this is convenient in the derivation of Eq. (7), in the actual computation it
is more practical to represent them as one dimensional arrays. The various decimation in
time algorithms are obtained by using different unwrapping schemes to convert these M-
dimensional arrays into one-dimensional arrays.

1.  Algorithm T1 [4]

Performing a row -wise expansion, i.e.,

we map the multidimensional array Xm into the one-dimensional array Ym as follows:

where

(9)

For convenience we define the following one-dimensional array

where the subscript r indicates a row-wise expansion.

Equations (7) and (9) define algorithm T1 (T for time). An example of T1 is illustrated
in Figure 1.

From Eq. (9) we obtain for Ro

indicating that the one -dimensional input array X1
o is stored in reserve bit order.



The one -dimensional output array X1
M can be similarly shown to be identical to the

array A.

It is also clear that the computation is in place since to the input pair

is associated the output pair,

which occupies the same position

in the one-dimensional array.

2.  Algorithm T2 [1]

Performing a columnwise expansion i.e.

we can store the M-dimensional array Xm as a one-dimensional array X2
m (...)c .

This algorithm is characterized by a sequential input and a reverse bit ordered output. It
can also be shown that the computation is in place.

An example of algirithm T2 is illustrated in Figure 2.

Most computer programs to perform the FFT in core are based on either algorithm T1
or T2 or their decimation in frequency equivalent. The in-place property makes these
algorithms attractive in core-bound computers.

3.  Algorithms T3 - T8

Removing the restriction that the computation be in place, it is no longer necessary to
place the index km in Eq. (7) in the same position as that of the index nM-m+1.

Permutations of the indices ni and kj had the following six algorithms:



 Algorithms T3 and T5 are characterized by reverse bit input and output streams and
hence are of little interest to users. T4 and T6 are sequential input and output algorithms.
T7 and T8 are isogeometric algorithms. Algorithms T3-T8 are illustrated in Figures 3-8.
Table I summarizes the properties of algorithms T1-T8.

4.  Other Algorithms

The eight algorithms described in Table I are by no means the only ones. There are
(M!)M possible algorithms.

Relaxing the condition that all memory accesses and all computations for Eq. (7) be
performed in a single step, we can derive another set of algorithms.

Two of these algorithms were described by Corinthios [8] . They are characterized by
sequential input, sequential output and identical computational geometry. They are two
step versions of algorithms T4 and T6.

We first consider the modified T4 algorithm. Starting with

the data is resampled to become (skip this step for m = 1)

This array is then processed according to Eq. (7) to yield



With the modified T6 algorithm, we start with

and compute the following quantity according to Eq. (7)

It is then reshuffled to become

A hardware implementation of these algorithms is discussed in [8].

DECIMATION IN FREQUENCY

It can be shown [7] that the discrete Fourier transform coefficients can be computed by
the following M-step process

(10)

where

(11)

(12)

As with the decimation in time algorithms, Eq. (10) is best evaluated using one
dimensional arrays. Hence all the unwrapping algorithms discussed in the previous section
applies. Illustrations of algorithms F1-F8 (F for frequency) are shown in Figures 9-18.



CONCLUSIONS

In this paper we have presented a new simple method for deriving all FFT algorithms.
Our purpose here is not to present an exhaustive list of all possible algorithms ( > (M ! )M)
but to point out that all FFT algorithms can be decomposed into two parts.

1.  Computation : Eqs. (7) and (10)

2.  Data shuffling

The various algorithms differ only in the way data are shuffled.

With this paper, we hope that hardware signal processors now have a tool to develop
FFT algorithms which are tailored to their hardware requirements instead of the opposite
situation which has existed from the early days of digital signal processing.
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TABLE 1.  FFT ALGORITHMS

Figure 1.  T1 Flowgraph for N = 8 Figure 2.  T2 Flowgraph for N = 8



Figure 3.  T3 Flowgraph for N = 8 Figure 4.  T4 Flowgraph for N = 8

Figure 5.  T5 Flowgraph for N = 8 Figure 6.  T6 Flowgraph for N = 8

Figure 7. T7 Flowgraph for N = 8 Figure 8. T8 Flowgraph for N = 8



Figure 9.  F1 Flowgraph for N = 8 Figure 10.  F2 Flowgraph for N = 8

Figure 11.  F3 Flowgraph for N = 8 Figure 12.  F4 Flowgraph for N = 8



Figure 13.  F5 Flowgraph for N = 8 Figure 14 . F6 Flowgraph for N = 8

Figure 15.  F7 Flowgraph for N = 8 Figure 16.  F8 Flowgraph for N = 8
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ABSTRACT

For digital representation of analog data the minimum mean-squared-error criterion is
commonly used as a criterion for the basis of optimum quantizer design. In this paper we
show that in some situations measures other than the minimum mean-squared-error may be
more appropriate. For the signal representation problem, it is shown that the mean-
absolute-error criterion has theoretical justification, as again for some signal detection
problems it is shown that the mean-squared-error criterion is not the most appropriate
criterion.

INTRODUCTION

Because of the widespread use of digital signal processing methods, the conversion of
analog data into digital form is a necessary step in many signal processing systems. A
commonly encountered need is to obtain a good representation of analog data with a finite
number of bits. We will call this the problem of quantizing data for representation. In other
applications it is not the goodness of the representation or “fit” obtained which is of prime
importance but rather the extent to which some particular feature of the analog data is
preserved in its quantized version. For example, if analog data is to be used to detect the
presence or absence of a signal in noise, then the quantization should be performed to
maintain as much of the separation of the characteristics of the data under the two
hypotheses (signal present or noise only present).

Most previous considerations of quantization have been based on the criterion of
minimizing the mean-squared-error (MSE) between the analog and quantized data. The use
of this criterion cannot be theoretically justified in many instances. In this paper we will
show that for both signal representation and signal detection applications, other criteria
may be more appropriate and justifiable as a basis for optimum quantizer design. It should
be noted that this idea is analogous to one developed in a recent paper[1] where the effects



of sampling a continuous waveform for a signal detection application is analyzed directly
using detection criteria, rather than the criterion of mean-squared reconstruction error.

Some of the results discussed in this paper are based on recent published work by the
author [2,3].

SIGNAL REPRESENTATION - THE MEAN-ABSOLUTE-ERROR CRITERION

We will assume that the analog source input S to the quantizer has an even density
function f and distribution function F. Thus we will consider symmetric quantizers q,
which are described by the positive input transition values 0 < x1 < x2 < ... < xM-1 and
levels y1 y2,...yM for 2M-level quantization. We have q(s) = yi for s,(xi-1, xi), where we also
define                                        

Let R be an absolutely continuous even function which is increasing on [0,4), with R(0) $ 0.
A distortion measure DR may be defined by

(1)

(where the integral is assumed to exist), and the quantizer minimizing DR may be derived
easily [4]. The result is an optimum quantizer parameter set defined by the equations

(2)

(3)

where the prime denotes the first derivative of R.

Now consider the distribution function Fq of the output q(S) of the quantizer; with g a
weight function with the same properties as R, we may define a distance )g between F and
Fq by

(4)

It is reasonable to look for a quantizer minimizing )g for a given g; this is because q(S) is
completely dependent on S. We proceed to do this by first expressing ) as



(5)

where                 and                       Thus )g is a weighted integral of distance between F
and Fq. To minimize )g, we set partial derivatives equal to zero and find the following
necessary conditions:

(6)

(7)

(we assume f(s) > 0 when 0 <F(s) < 1).

Two interesting observations can be made: one is that Eq. (7), like Eq. (2), is independent
of the weight function defining the error, and secondly, the two pairs of equations (2),(3)
and (6),(7) may be considered as being duals of each other. A necessary condition for
minimum )g is given by the set of equations (7), and a necessary condition for minimum DR

is given by the set of equations (2). These two sets of equations are independent of g and R,
respectively, and thus it would seem reasonable to use Eqs. (2) and (7), which give a total
of 2M-1 equations, for the parameters of a quantizer for S.

The signifcant property of the resulting quantizer is that it is the minimum MAE quantizer,
that is, Eq. (3) reduces to Eq. (7) when R is the absolute value function. This is easily seen
by substituting sgn (s-y.) for R'(s-yi) in Eq. (3). Furthermore, we find that with g the
absolute value functions Eq. (6) reduces to Eq. (2). Thus the quantizer with parameters
satisfying Eqs. (2) and (7) is the minimum MAE quantizer and also the minimum
integratedabsolute-distance (IAD) quantizer, i.e., minimizing )g where g is the absolute
value function.

There does exist a strong connection between the distortion measure DR and the distance
measure )g. To see this, we rewrite DR by changing variables in Eq. (1) to get

(8)



assuming that F-1 is well-defined. We see that Eq. .(8) also defines a weighted integral over
area between F and Fq, the weights being applied to the horizontal distances between F
and Fq. It is now clear why we get the same quantizer under the minimum MAE and
minimum IAD criteria. This also explains why for a uniform density f, the uniform
quantizer minimizes both DR and Rg for any R and g.

It is thus clear that the distortion and distance criteria are quite closely related, both being
interpreted as expressing the deviation of the distribution function of the quantizer output
from the input distribution function. We have also demonstrated that the absolute-value
weight function is the only one for which the same quantizer is obtained under either
criterion, for arbitrary input signal probability distribution function.

The quantizer equations (2) and (7) also imply that simple adaptive schemes based on
estimating the distribution functions F can be implemented [2].

QUANTIZATION FOR SIGNAL DETECTION

(a)  One-Input, Known Signal

Let                   be a sequence of n independent samples, the samples being described by

(9)
Here the sequence                    is a known signal sequence, and the sequence                 
is composed of independent random variables, representing noise, with common density
and distribution functions f and F respectively. We assume that f is symmetric about the
origin and is absolutely continuous. Given a positive integer k, our problem is to specify
the k-level quantizer such that with Yi defined as

(10)
the statistic

(11)

is the optimum statistic based on k-level quantized data for deciding between the null
hypothesis Ho:2 = 0 versus the Alternative H1: 2>o. We also confine attention to the case
of quantization with an even number of levels k, that is to the case where k = 2m for some
positive integer m. The optimum quantizer with odd number of levels k can be derived in
an exactly similar manner.



The efficacy F of a threshold test for Ho versus H1 based on a test statistic Q is defined as
[5]

(12)

It is an asymptotic measure of the effectiveness of the test in detecting small signals, and
may be described as an incremental-signal-to-noise ratio for the test statistic. Using
efficacy as a measure of performance, we then look for the optimum (2m)- level quantizer
maximizing efficacy.

Based on this criterion of quantizer performance, after some algebraic manipulations, we
can derive the optimum quantizer parameter equations [3]:

(13)

(14)

This same set of quantizer equations can also be obtained by considering the optimum
weighting of data which has been partitioned by the set of break points {xi}. There is yet
another interesting interpretation of the optimum quantizer equations (13) and (14) .

According to the theory of locally optimum tests, the locally optimum test statistic for our
detection problem is given by

(15)

where

(16)

f being the density function of the noise. A comparison of Eqs.(11) and (15) leads one to
expect a direct relationship between the optimum quantizer q and the locally optimum
nonlinearity h. Indeed, consider the mean-squared-error , between q (Xi) and h(Xi):



(17)

where f'(x) = [df(x)/dx]. This can be written as

(18)

so that , is finite if the quantity

(19)

is finite. If defined by Eq. (19) is known as the Fisher Information function of the density
f(·) when it is finite, as we henceforth assume it to be. Writing the mean-squared-error ,
more explicitly as a function of the quantizer parameters, and setting the partial derivatives
of , with respect to the xi and yi equal to zero we get again the sets of equations (13) and
(14) .

Thus we find that the minimum distortion quantizer which minimizes the mean-squared
error between X1 and its quantized version coincides with the optimum quantizer based on
our detection criteria only for Gaussian noise. For other noise densities better detection
results can be obtained it the quantization is a good approximation to h(x) rather than to x
itself.

For example, when noise has the double-exponential density function, -f'(x)/f(x) = sgn (x),
the sign function. In this case only a two-level quantizer (hard-limiter) need be used, and
any higher level quantizer of data is unnecessary.



(b)  Multi-Input, Random Signals

The detection of a weak signal common to two or more input channels against a
background of additive noise is a requirement in many applications, such as in underwater
sound systems and geophysical signal processing. For two-input systems such problems
with sampled observations may be formulated as statistical hypotheses testing problems.
We can define a null hypothesis Ho and an alternative H0 such that

(20)

where                                       and                                       are the observation vectors
and s = (s1,...,sn) represents the vector of common random signal components. We assume
that the components of the additive noise vectors                                       and                     
                                      are independent and identically distributed and their common
density function f is symmetric about the origin. The components of the vector s are
assumed to be independent and to have zero mean and unit variance. The parameter 22 is
then the signal strength parameter.

The locally optimum correlator detector maximizing detector efficacy, based on analog
data, uses the test statistic

(21)

For quantization of the two-demensional data, the analog function                              =   
                       is replaced by a partitioning function defined by

(22)

where

(23)



the Pj's , Nj's being 2m symmetric regions partitioning the two-dimensional observation
space. The problem then is to find the optimum weights wj and optimum partitions.

Using the criterion of detector efficacy or requiring the detector to be a locally-optimum
detector, and after some algebraic manipulations, one ends up with the result that the
optimum partitioning of the two-dimensional space should follow level curves of the
function                              Once again, this partitioning turns out to correspond directly to
the locally-optimum function h(x) = -f'(x)/f(x). The optimum weight wj can then easily be
shown to satisfy the equations

 (24)

where the optimum region Pj is defined by

(25)

It can also be demonstrated that equations (24) and (25) define the partitioning and
weighting which gives the minimum mean-squared-error fit to h(x1)h(x2) of the general
partitioning function h(x1,x2)of equation(22). Thus we see that in this case too it is a
modified MSE criterion which is more appropriate for optimum quantizer design. Only in
the Gaussian case is this the same as the minimum MSE quantizer for the product of
twodimensional data.

CONCLUSION

The minimum MSE criterion is not alwaysthe most appropriate criterion for the design of
optimum quantizers. The MAE criterion has been shown to have interesting properties
which may justify its use as a basis for optimum quantization. The minimum MAE
quantizer parameters can be obtained as the solutions of fairly simple equations, which
also imply the possibility of simple adaptive structures for optimum quantization in
unknown environments.

It has also been shown that for detection based on quantized data the minimum MSE
quantizer does not give the locally optimum detection scheme, or maximum detection
efficacy, except in the case of Gaussian noise. For these detection criteria the optimum
quantizer is the “best” approximation to the locally optimum detection nonlinearity.
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ABSTRACT

It is known that, for a specified second-order digital filter transfer function, various
realizations with finite precision arithmetic can yield significantly different round-off
noises. For high performance communication and radar signal processing applications, the
need for low round-off noise is clear. The minimum round-off noise n-th order digital filter
of Mullis-Roberts generally requires (n+1)2 multipliers. Most practical systems, however,
desire to use a low number of multipliers. In this paper, we consider the minimum round-
off noise second-order digital filter realization under the practical complexity constraints of
using only four multipliers, two delays, and four two-input adders, The optimum constraint
filter has the same complexity as the know canonic direct-form realization, yet its round-
off noise can be significantly smaller for low-frequency rejection filtering applications.
Some numerical results are presented.

INTRODUCTION

In many communication and radar signal processing problems, a desired overall digital
filter transfer function is specified. If this filter is of even order n , then often, for practical
reasons, it is implemented as cascades of n/2 second-order filters. Thus, with this cascade
assumption, the optimum overall filter design problem reduces to that of the optimum
second-order filter design problem. It is well known that, for a specified second-order
digital filter transfer function, various realizations with finite precision arithmetic can yield
significantly different round-off noises [1, p.153].

Consider a second-order digital filter with transfer function

(1)



If all the filter coefficients {b1,b2,a1,a2} are real-valued, then the zeros {","̄} and poles
{$,$̄} form complex conjugate pairs. A commonly encountered topological realization of
(1) is the canonic direct form II given in Fig.1. In the next section, a multiplicative round-
off quantization noise model for this realization is discussed. Then, minimum round-off
noise realizations with and without complexity constraints are considered.

ROW-OFF NOISE MODEL

In a digital filter that uses fixed-point arithmetic, additions introduce no error when no
overflow occurs. However, the multiplication of two words of B1 and B2 bits generally
yields a new word of B3 = (B1+B2) bits. If B3 is greater than the allowed processor
wordlength B , then some word-reducing operation such as rounding or truncation must be
used. In this paper, we will use only rounding operations.

While the multiplication-rounding of two given finite-length words is a deterministic non-
linear operation, complete deterministic analysis of all rounding operations in a processor
is essentially too complicated for practical consideration. Thus, a simpler random linear
model is used to replace the finite-word multiplication and rounding operation by an
infinite-precision multiplication followed by an additive random round-off noise. Thus, the
linear random round-off noise model, as applied to Fig.1, is shown in Fig. 1'.

Clearly, there are many possible ways to model the round-off noise e of the multiplier-
rounding operations. The simplest models that have been used include the assumptions
[1, p.415; p.310] :

1. The round-off noise ei of the i-th multiplier-rounding operation is a zero-mean
uniformly distributed random variable on [-q/2,q/2] of variance           = q2/12 ,
where q =                   , and Bi is the i-th processor wordlength including the sign bit.

2. The noise ei , modeled as a function of time, is a zero-mean wide-sense stationary
white random sequence with uniform spectral density of           on [-B,B).

3. Any two different noise sources ei and ej are uncorrelated for all times.

4. Each noise source ei is uncorrelated with the input data sequence.

Let H(z) be the transfer function of the filter given by Fig. 1'. Then, the total round-off
noise variance at the output is given by

(2)



In (2), if any ai or bi is an integer, then the corresponding          or           is zero.
Furthermore, if all rounding operations are done to B bits, and all multipliers are non-
integers, then (2) reduces to

(3)

where

(4)

From (2) or (3), it can be seen that the effect of the output round-off noise depends not
only on the processor wordlengths Bi or B through          and          , but also on the
transfer function H(z) . Specifically, the effect of             can be reduced considerably if
the transfer function attenuates over large parts of the frequency bandwidth. This basic
property is important in the consideration of forthcoming minimum round-off noise digital
filters.

OPTIMUM DIGITAL FILTER

In this section, some relevant results on the optimum digital filters without complexity
constraints are summarized. As in this entire paper, the criterion of optimality is in the
sense of minimum total round-off noise. This problem was originally formulated by Kaiser.
[3] and studied in greater detail by Jackson [4],[5]. In recent years, much work has been
done on this problem. Mullis and Roberts [6] have formulated a quite complete theory on
the analysis and design of a minimum round-off noise n-th order digital filter. In their
theory, fixed-point arithmetic is used and all input signals are assumed to be white random
sequences. By using Jackson’s R2 scaling rule, the probability of overflow is restricted to
be sufficiently small, so that the digital filter can be assumed to be a linear system. Then
the output round-off noise is evaluated in terms of internal multiplication-rounding noises
via linear state-variable methods.

Upon coordinate transformations of the internal states of the filter by similarity
transformations, maximum utilization of the dynamic range of the internal states and
minimum output round-off noise is realized. For both equal and unequal state wordlength
filters, remarkably compact minimum output round-off noise variance expressions were
obtained. Explicit evaluation of these expressions is of the order of complexity of
simultaneous diagonalization of two nxn positive-definite matrices which are, in turn,
solutions of Liapunov matrix equations expressed in terms of the state-variable matrices of
the transfer function.



For certain applications, such as narrow bandwidth low-pass filtering, the new Mullis-
Roberts filters can yield output round-off noise variances many orders of magnitude better
than known standard forms. Unfortunately, the complexity of these new optimum filters
grows with the order of the filters. Specifically, an n-th order optimum filter generally
needs (n+1)2 multipliers. Thus, an optimum second-order filter (n=2) requires 9
multiplications.

In the practical realization of such digital filters, either by dedicated hardware or by
software in some programmable signal processors, a large number of multiplications is
generally objectionable. This can be due to large multiplicative CPU time requirements
and/or to the large number of multiplier coefficient memory storage requirements. In the
next section, optimum second-order filters subject to practical complexity constraints are
presented.

OPTIMUM CONSTRAINED COMPLEXITY SECOND-ORDER FILTER

In order to motivate the general discussions on optimum constrained complexity second-
order filters, let us reconsider the canonic direct form II realization in Fig. 1 and its
roundoff noise model in Fig. 1'. The total output round-off noise variance FT

2 is given in
general by Eq.(2) and for equal processor wordlength by Eq.(3). Suppose  H(z) is a
narrowband low-frequency rejection filter on [-2o,2o] with sharp transition regions. This
means

(5)

Thus, Eq.(2) becomes

(6)

and Eq.(3) becomes

(7)
Now, suppose we per-form a “long-hand” division of the numerator by the denominator in
Eq.(l). Then,

(8)



The modified canonic form given by Eq.(8) can be realized in Fig. 2. The corresponding
round-off noise model is given in Fig. 2'. Then, the total output round-off noise variance in
general is given by

(9)

and for equal processor wordlength, is given by

(10)

For the case of the narrow-band low-frequency rejection filter given in Eq.(5), sharp
transition regions imply that the poles are near the zeros, and c1 •c • 0. Thus, H1(e

i2) • 0
for *2*$ 20. Then,

Thus, Eq.(9) becomes

(11)

 and Eq.(10) becomes

(12)
By comparing (6) to (11), we see that the round-off noise introduced by          has been
filtered by H1(z) in the modified canonic form and has not been filtered out by H(z) in the
canonic direct form II. For the equal processor wordlength case, by comparing (7) to (12),
we see that the modified form has a 50% reduction in round-off noise compared to the
canonic direct form II.

In this narrow-band low-frequency rejection filter example, if originally H(z) in Eq. (1)
was restricted to an elliptic digital filter, then b2 = 1 and                . Thus FT

2 for the
canonic direct form II corresponding to (6) and (7) becomes, respectively,

(13)



and

(14)

while FT
2 for the modified form remains that of (11) and (12). By comparing (12) to (14),

we see that, for the elliptic filter, the modified form has a 33% reduction in round-off noise
compared to the canonic direct form II.

At the more fundamental level, the important point to note is that the canonic direct form II
realization given in Fig.1 has the same complexity as that of the modified canonic form in
Fig.2 . In each case, we use four multipliers, two unit delays, and four two-input adders.
The significance of needing four multipliers instead of nine multipliers, as in the Mullis-
Roberts case, is clear for practical implementation.

In the light of the above observations and examples, it is meaningful to find the minimum
round-off noise filter subject to a practical constraint of four multipliers. Szczupak and
Mitra [7] have shown that, under the restriction of four multipliers, two unit delays, four
two-input adders, no products of multipliers appear in the transfer function expression,
there are only 15 possible different topological realizations. These realizations are given in
Figs.3 4, and 5 of this paper and correspond to those given in the same Figs. 3, 4, and 5 in
[ 7]. The basis for the classification of all these realizations into three different figures
depends on the way in which the multipliers are extracted. This rather technical detail need
not concern us here.

Once the topological connections of these filters are given, then the transfer functions H(z)
can be obtained readily in terms of the coefficients all "1 "2, "3 and "4. A summary of H(z)
is given in Table I below and has also appeared as Table I in [7].

For any specified filter transfer function H(z), the round-off noise model discussed above
can be applied to the 15 realizations. In general, for arbitrary transfer function, it is not
possible to conclude the optimality of any one realization from theoretical considerations.
In practice, for a specified H(z) , we need to perform the evaluation of the total output
roundoff noise variances FT

2 for all 15 realizations and then choose the one with the
minimum noise.

For the specific cases of low-frequency rejection filters, with equal processor wordlengths
when the rejection bandwidth [0,20] becomes arbitrarily small, simple explicit results can
be obtained.



THEOREM 1.  Consider a narrow-band low-frequency rejection second-order digital filter
H(z) denoted by Eq.(1), where the normalized total round-off noise variance ratio FT

2/F2 ,
for equal processor wordlengths, is obtained based on the model given in the second
section of this paper. Column 1 of Table II below shows the general case of the FT

2/F2

ratio as the rejection bandwidth parameter 2o which approaches zero with -2 … b1 6 -2,
1 … b2 6 1 , 2 … a1 6 2 , and -1 … a2 6 -1. Column 2 shows the general elliptic filter results
with the assumptions of  -2 … b1 6 -2, b2 = 1 , 2 … a1 6 2 , and -1 … a2 6 -1. Column 3
represents the special elliptic filter results with assumptions of b1 = -2, b2 = 1, 2 … a1 6 2 ,
and -1 … a2 6 -1/



TABLE II.  Normalized total output round-off noise variance ratios FFT
2/FF2

of equal processor wordlengths for various cases of narrowband
low-frequency rejection fitters.

Several comments can be made on the results presented in Table II. The FT
2/F2 ratios in

Columns 1, 2 and 3 can take values of 2, 3 and 4 . In Column 4, results are given for a
specific second-order elliptic digital filter when H(2) has 1 dB ripple in the pass-band of
[0.028B,B] , and has a rejection of greater than -39 dB on [0,0.004B] . The filter
coefficients for this specific filter are b1 = -1.99999 , b2 = 1 , a1 = 1.91016 , and
a2 = -.91699. For this example, a minimum FT

2/F2 ratio of 2.18 is obtained. From all the
results in Table II, it seems that the realizations given by 3a and 3c are optimum in the
sense of minimum round-off noise generation for low-frequency rejection purposes. It is
interesting to note that realization 3a is indeed the modified canonic form presented in
Fig. 2. The canonic direct form II, which is realization 3b, is not optimum for low-
frequency rejection filtering purposes.

CONCLUSION

In this paper, we studied the minimum round-off noise second-order digital filtering
problem under the practical complexity constraints of four multipliers, two delays, and four
two-input adders. For purposes of narrow low-frequency rejection filtering, explicit
optimum realizations are obtained. Of course, all the results obtained here are based on the



simple linear random model where all round-off errors are uncorrelated with the data. In
principle, these assumptions lead to optimistic round-off noise variances. Considerable
simulations have been done on these 15 realizations. While the simulated round-off noise
variances are indeed larger than that evaluated from the simple analytical model, the
relative ordering of the advantages of the realizations appears to be still preserved. That is,
for low-frequency rejection filtering applications, simulation results still indicate
realizations 3a and 3c to be optimum. More detailed results on minimum round-off noise
digital filter under practical constraints will be presented in later publications.
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FIG. 1.  Canonic Direct Form II FIG.1'.  Round-off Noise Model
Realization. for Figure 1.

FIG.2.  Modified Canonic Form FIG.2'.  Round-Off Noise Model
Realization. for Figure 2.
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SIGNAL PROCESSING WITH SAW DEVICES*
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ABSTRACT

The use of surface acoustic wave devices to perform real time Fourier transformation for
time-limited signals is well known. In this paper a detailed analysis justifying the
implementation most typically employed will be presented, as well as the description of a
scheme which extends the above technique by allowing the transformation of a long
sequence of contiguous random data. This latter situation, of course, is that normally
encountered in a digital communication system.

INTRODUCTION

The idea of filtering a signal by Fourier transforming it, multiplying it by the transfer
function of the desired filter (in real-time), and inverse transforming the result has been
described in various articles (see e.g. [1],[2]). The key component of such a system is the
Fourier transformer (or inverse transformer), which is typically implemented with a surface
acoustic wave (SAW) tapped delay line. This paper will provide an analytical justification
for this type of processing plus describe a technique by which this scheme, nominally
applicable to time-limited signals (of the order of tens of microseconds), can be extended
to allow filtering and detection of the very long contiguous data streams typical of most
digital communication systems.

FOURIER TRANSFORM GENERATION USING SAW DELAY LINES

The use of a linear FM (or chirp) waveform to generate a real-time Fourier transform has
been documented in the literature (see [1]-[5]). The following derivation validates this
procedure by explicitly showing how one specific implementation, namely a tapped delay
line with appropriate tap coefficients, can perform the Fourier transformation to within any
desired degree of accurary.



Assume for simplicity that the delay line has a total delay of T1 seconds. Since a chirp
waveform with a large time-bandwidth product has a Fourier transform that is essentially
constant over the range of frequencies being chirped and is close to zero elsewhere [6], it
is reasonable to consider a chirp pulse as a bandlimited signal. Assuming the chirp
waveform is swept from wa to wa+wc, wa being the carrier frequency, the uniform sampling
theorem for bandpass signals [7] states that samples of the waveform taken at the rate         
                                        
                      where m is the largest integer less than              are sufficient to describe the

waveform. Assuming, for simplicity, that                Is an integer, it follows that if the tap
coefficients are chosen such that

(1)

where h(t) is the chirp waveform, then feeding the output of the delay line into an ideal
bandpass filter with impulse response

(2)

where

will completely recover h(t). Note that for a chirp signal T1 seconds long, wc • 2)T1,
where 2) is the sweep rate (see below).

For ease of notation, the chirp waveforms will be expressed in complex form. Letting f(t)
be a time-limited, approximately bandlimited signal whose Fourier transform is desired,
Figure 1 shows a block diagram of how the transform is generated. In Figure 1, hp(t) is the
impulse response of the tapped delay line and is given by

(3)

To perform the Fourier transformation, the slope of the chirp of the filter must be opposite
that of the slope of the chirp multiplying f(t), so that h(t) must equal                          and
therefore

(4)



With the impulse of the filter as given in (4), the output of the filter is given by

(5)

where
where * denotes convolution. Since the length of the delay line is T1 seconds, it is clear
that (5) is only valid for t,[T,T1], since only in that interval of time will the input waveform
be fully contained in the delay line. To show that, from (5), one can indeed recover the
Fourier transform of f(t), assume f(t) is time-limited to t,[0,T]. Furthermore, assume f(t) is
approximately a bandlimited bandpass signal with upper and lower cutoff frequencies
given by ()T1/B) and ()T/B) respectively. The reason for choosing these two frequencies
will be obvious shortly. Also, if the signal whose transform is desired is actually a
baseband signal, it can easily be shifted into the above frequency range by allowing it to
modulate an appropriate carrier.

Since the chirp multiplying f(t) will also be time-limited to [0,T], it will be swept from wa

to wa-2)T, so that the frequency range of the product will extend from wa to wa + 2)T1,
precisely the same range that the chirp filter is being swept over. It follows then that f(t)
can be expanded as

(6)

since (6) merely represents oversampling f(t). Also,

(7)

where F(w) is the Fourier transform of f(t). Inserting (6) in (5) yields

(8)
From (7), the summation over k yields F(u), and the summation over n can be shown to



yield (see [8])

(9)

so that

(10)

where the remaining terms in the above sum are zero because f(t) is assumed bandlimited
to                      and the only region in time where (10) represents the output of Figure 1 is

t,[T,T1].

Finally, (10) can be rewritten as

(11)

where                       , so that a coherent demodulation to remove the chirp carrier yields
(to within a constant) the desired transform F(w).

In deriving (11), two approximations were made, one that the signal f(t) is bandlimited and
the other that the number of taps in the delay line was infinite. Clearly, both assumptions
will be violated in practice, but to the extent that one has a reasonably bandlimited signal
(with respect to the range of frequencies over which one is sweeping with the chirp) and
one can implement a delay line long enough to encompass most of the energy of the signal,
one will be able to come very close to generating F(w) for some appropriate range of
values of w. Specifically, the range over which F(2)t) yields a true estimate of the Fourier
transform of f(t) is w,[2)T,2)T,] so that, as pointed out in [1], values of F(w) about and
including w=0 cannot be obtained (assuming the carrier frequencies of both chirps are the
same). Consequently, if one wants the transform of a lowpass function f(t), one should
input f(t) cos w1t into the system of Figure 1, where w1 = )(T1-T), rather than f(t) itself.

PROCESSING CONTIGUOUS DATA

It can be seen from the previous section that the technique for Fourier transformation
works satisfactorily as long as the input waveform is time-limited to a small enough value
(i.e. tens of microseconds). Since the input to most digital communication systems can be
viewed for all practical purposes as an infinitely long sequence of a contiguous time



pulses, some means of altering the procedure described above must be available.

One such scheme is to create two parallel processing branches and periodically switch
segments of the input waveform into each branch. This is illustrated in Figure 2. This
system is essentially the same system described and analyzed in [1] and [2], except for the
addition of the extra parallel branch of processing. Given that this switching is necessary,
it is of interest to do it in such a manner that will minimize any distortion. Towards that
end, assume each pulse is of length T and assume the length of the delay line T1 is set to
2T. Referring to Figure 2, and denoting by Pi,i=l,2,..., the ith pulse of the input signal and
by F(j) and F-1(j), j=1,2, the jth forward and inverse transformers respectively, then P1 is
fully contained in F(1) for the first time at t=T, and is fully contained in F(1) for the last
time at t=T1=2T. At this point the input to F-1(1) due to P1 is fully contained in F-1(1) for
the first time and this full containment lasts until t=T1+T=3T. Therefore, considering P1

only, the output of F-1(1) due to P1 is a signal which is valid for T seconds only. In order
that there be no distortion in inverse transforming the input to F-1(1) , it is necessary that no
other pulse cause an input to F-1(1) in the interval t,[T1,T1 T]. For T1=2T, this reduces to
t,[2T,3T].

Since the next input to F(l) is P3 (P2,P4,P6,... all go to F(2)), the next pulse into F(1) does
not enter F(1) until 2T and thus does not enter F-1(1) until T1+T = 3T. In other words, for
the system shown in Figure 2 with T1,=2T, adjacent pulses do not interfere with one
another in either the forward or inverse transformers. Furthermore, since the valid output
of the inverse transformer for any pulse is precisely T seconds (i.e. the length of the input
pulse), there is no intersymbol interference due to H(w). That is, while H(w) certainly
distorts the input pulses and in general disperses them in time over a duration greater than
T seconds, the timing of the system can be adjusted through appropriate switching to only
allow into the final filter the appropriate T-second output of F-1(1) or F-1(2).

CONCLUSION

An analysis has been presented illustrating how a SAW delay line can be used to perform
a realtime Fourier transformation of a time-limited input signal, and a procedure was
described showing how that technique could be extended to allow the system to handle the
long contiguous random data stream typical of the inputs to most digital communication
systems.
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ABSTRACT

In this paper it is shown that the cyclic convolution of complex values can be
performed by a hybrid transform. This transform is a combination of a Winograd
transform, and a fast complex integer transform developed previously by the authors. This
new hybrid algorithm requires fewer multiplications than any previously known algorithm.

INTRODUCTION

Several authors [1-9] have shown that transforms over finite fields or rings can be used
to compute circular convolutions without round-off error. Recently, Agarwal and Cooley
in [10] used the techniques of Winograd [11, 12] to compute cyclic convolutions. These
new algorithms for convolutions of a few thousand points require substantially fewer
multiplications than the conventional FFT algorithm [13].

Previously the authors [5] defined a class of Fourier-like transforms over the complex
integers modulo q. This was a transform over the Galois field GF(q2), where q = 2p- 1 is a
Mersenne prime for p = 2, 3, 5, 7, 13, 17, 19, 31, 61...... Recently these complex integer
transforms were specialized to a transform length of points, where d*8p [8]. The advantage
of the latter transform over others is that it can be accomplished completely by circular
shifts, i.e., no multiplications are needed [8].

In this paper, it is shown that Winograd’s algorithm [11] can be combined with the
above-mentioned complex integer transform over GF(q2) to yield a new algorithm for
computing the discrete cyclic convolution of complex number points. By this means a fast
method for accurately computing the cyclic convolution of a sequence of complex numbers



for long convolution lengths can be obtained. This hybrid algorithm is comparable in speed
to that given by Agarwal and Cooley [10] and is implemented readily on a digital
computer. The dynamic range requirements for this hybrid algorithm are presented here in
detail.

CYCLIC CONVOLUTION

The following algorithm for the cyclic convolution of two sequences is based on ideas
given by Winograd [11]. Let the field of rationals be R. Also let X(u) = x0+x1u +x2u

2 +... +
xnu

n-1, Y(u) = y0+y1u + y2u
2 + ... + Ynu

n-1 be two polynomials over R. The product T(u) =
X(u) · Y(u) can be computed by

(1)

where "i , R. It is shown in [11] that a minimum of 2n-1 multiplications are needed to
compute (1).

It is readily shown that the cyclic convolution of X(u) and Y(u) is the set of coefficients
of the polynomial,

Let the polynomial un -1 be factored into irreducible relatively prime factors, i.e.,

where (gi(u) , gj(u)) = 1 for i … j . Then T'(u) rnod gi(u) for i = 1,2, . . . , k can be
computed, using Eq. (1). Finally, the Chinese remainder theorem is used to evaluate T'(u)
from these residues. The above summarizes Winograd’s method for performing a cyclic
convolution.

The following theorem is due to Winograd [11]:

Theorem 1:  Let a and b be relatively prime positive integers and A be the cyclic ab x ab
matrix, given by

If B is a permutation of the set of integers {0, 1, . . . , ab-1}, let



Then there exists a permutation B such that, if B is partitioned into b x b submatrices, each
submatrix is cyclic and the submatrices form an a x a cyclic matrix.

It was shown previously [10, 12] that the number of multiplications needed to perform
a circular convolution of 3, 5, 7, and 9 points of complex numbers is 4, 10, 19, and 22
multiplications, respectively. In order to compute the cyclic convolution of two longer
sequences of complex integers, a d-point transform over GF(q2) where q = 2p -1 and d*8p
will be utilized here. Since the latter transform can be evaluated without multiplications
[8], it can be used with considerable advantage to compute a cyclic convolution of two
d-point complex number sequences. The number of complex integer multiplications
required to perform this circular convolution over GF(q2) is precisely d, the number of
multiplications needed to multiply together the transforms of the two sequences.

For the moment let d, the transform length, be an arbitrary integer. Next let d =
p1·p2...pr be the factorization of d into prime integers. If one lets a1 = p1·p2 ...pr-1 and b1 = pr, 
then by Theorem I a d x d cyclic matrix can be partitioned into b2

1 = p2
r matrices of size

a1xa1. Next let a1=a 2xb2, where a2= p1...pr-1 and b2=pr-1. If a2 is not a prime, then each a1xa1 
cyclic matrix can be partitioned into b2

2 matrices of size a2xa2. In general, ai=ai+1b i+1, where
bi+1 is a prime. If ai+1…1, then each aixai cyclic matrix can be partitioned into b2

i+1 matrices
of size ai+1xai+1 . Otherwise, the procedure terminates. If the number of multiplications used
to compute the cyclic convolution of pi points is mi for i = 1, 2,...,r, then Winograd has
shown [10] that the number of multiplications needed to compute a d-point cyclic
convolution is equal to N = m1·m2 ... mr.

It is necessary to choose only certain values of d as the transform length in order to
combine the Winograd transform with the fast complex integer transform over GF(q2)
where q=2p-1 is a Mersenne prime. For this purpose let the number d have the form

(2)

where m = 0, 1, 2, 3 and a = 3, 5, 7, or 9. For most practical applications it suffices in (2)
to let p = 31 or 61.

If d the transform length of the cyclic convolution is given by (2), then by Theorem I
there exists a permutation of rows and columns so that the cyclic d x d matrix can be
partitioned into blocks of (2m · p) x (2m @ p) cyclic matrices in such a manner that the
blocks form an a x a cyclic matrix. Now the cyclic convolutions of a = 3, 5, 7 or 9
complex number points can be accomplished by Winograd’s algorithm. Since 2m @ p*q2 -l
for m = 0, 1, 2, 3 a transform of length 2m · p over GF(q2) can be found and used to
compute the cyclic convolution of the 2m · p complex number points. The number of
multiplications needed to perform this convolution is 2m · p. Using this and the number of



multiplications needed for Winograd’s algorithm, the total number of multiplications
needed to perform a convolution of d complex number points can be computed. The results
of this computation are shown in Table 1. The present algorithm, and Agarwal and
Cooley’s algorithm are compared in this table by giving the total number of complex
number multiplications required to perform the different algorithms.

It was shown above that Winograd’s algorithm can be combined with a transform over
GF(q2) to yield a new rather fast hybrid algorithm for computing the cyclic convolution of
complex values. In this algorithm it was necessary to compute the cyclic convolution of
2m · p complex number points for m = 0, 1, 2 or 3. This cyclic convolution of two d-point
sequences of complex number points is

(3)

where d*8p and (k-n) denotes the residue of k-n mod d. To compute this convolution the
components of the truncated complex numbers en and fn must be converted first to integers
an and bn with dynamic ranges say, A and B, respectively. Previously [5] a sufficient
dynamic range constraint for A and B was shown to be

(4)

If A = B, (4) reduces to

(5)

where [x] denotes the greatest integer less than x.

If the circular convolution of an and bn is denoted by         for k = 0, 1, 2,...,d-1, then
using the procedure described in the example of [5],         can be obtained by using fast
transforms over GF(q2). ck in (3) can be obtained by scaling back          into the scale of the
original complex numbers for k = 0, 1, 2,...,d-1. Evidently, the only error made in this
computation of the         is the truncation error.

The dynamic range constraint, A, of the input sequence given in (5) is generally very
pessimistic. By an argument similar to that used for integer convolutions [14] one can
lessen the severity for this dynamic range constraint and still maintain ck in the interval
±(q-1)/2 with a small probability of overflowing. This assertion is justified in Appendix A.

To illustrate this new hybrid algorithm consider the following example.



Example:  Let d = 6. Next suppose that the input function defined by

be convolved with itself. This convolution is

where (x) denotes the residue k-n of modulo 6. This convolution can be written in matrix
form as

By Theorem 1, there exists a permutation B of rows and columns so that the above cyclic
matrix can be partitioned into 2 x 2 block matrix of 3 x 3 cyclic blocks as follows:

This matrix equation has the form



where

Thus

(6)

where D = (A+B)(X1+X2), E = (A-B)(X1-X2). Now

(7)

Let x0 = 1, x1 = 0, x2 = 1, and y0 = 0, y1 = 1, y2 = 1. Then the matrix equation defined in
(7) can be obtained by computing the convolution of the two sequences an and bn. To do
this use a transform over GF(q2). In order to avoid overflow, one needs to choose q = 7 so
that the integer components of an ,bn lie in the interval ± 1.



Since 2 is a 3rd root of unity the transform over GF(72) of xn is

Thus, X0 = 2, X1 = 5, X2 =3.

Similarly the transform of sequence Yn is

That is, Y0 = 2, Y1 = 6, Y2 = 6. But Dk = Xk · Yk , i.e., D0 = 4, D1 = 2, D2 = 4. These are
the only complex integer multiplications needed to perform this transform. The inverse
transform of Dk is

since 3-1 = 5 mod 7. Thus finally d0 = 1, d1 = 2, d3 = 1.

In a similar fashion matrix E, given in (6), can also obtained as e0 = 1, e1 = -2, e2 = 1.
Thus, by (6), one obtains finally c0 = 1, c1 = 2, c2 = 1, c3 = 0, c4 = 0, and c5 = 0.

APPENDIX A

A Probabilistic Dynamic Range Constraint for the Transform Over GF(q2)

Let an = "n + î$n and bn = xn +   îyn .Then the cyclic convolution of an and bn is given
by

(1A)



where µn = "nxn - $nyn , <n = "nyn + $nxn . In many applications, the sequences "n, $n, xn,
and yn can be regarded as mutually independent. With this assumption consider the sum      
                                      
                            in (1A). The expected value of µn is given by

where E denotes the expected value operator. With no loss of generality, the means of "n,
$n, xn, and yn can be assumed to be zero. With these assumptions, E(µn) = 0, and the
variance F2

µ of µn is given by

Finally, assume that "n and $n are uniformly distributed over the dynamic range A, and that
xn and yn are uniformly distributed over the dynamic range B.

and

Substituting these values in (2A),

(3A)

Now by the central limit theorem [15], the probability of exceeding a threshold 8 is

where n(8) is the standard normal distribution. This equation can be written as

(4A)

To keep Sµ from overflowing, one needs the inequality



Hence if one sets

(5A)

then (4A) is the probability of overflow.

For example, if 8=3, then the probability of overflowing is

which is very small. Substituting (3A) into (5A) yields

(6A)

Equation (6A) is the required relation among the parameters A, B, q, d and 8.

Similarly, one obtains the same result defined in (6A) for the sum                        .

Let         and           be binary scale factors for an and bn, respectively. Then since

the dynamic ranges A and B are                and                 respectively. For most
applications the two Mersenne prime 231 - 1 and 261 - 1 will provide enough bit accuracy
and dynamic range for computing two 2m · - point sequences of complex numbers. To
illustrate this if d is chosen to be d = 28 , 8 = 3, q = 231 - 1, and k1 = k2, then by (6A)

Thus one is permitted approximately k1 = k2 = 13 bits to satisfy (4A) with an overflow
probability equal to 0. 0026. This is a considerably better bound than one obtains using
formula (5) for A. In fact, the dynamic range constraint (5) yields                             .
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TABLE 1
Complexity of New Algorithm for the Convolution

of Complex Number Points

d Factors
No. Complex Number

Multiplications
No. Complex Number Multiplications

of Agarwal and Cooley’s Agorithm

120 560

124 4 x 31 0

210 1520

244 4 x 61 0

248 8 x 31 0

420 3800

488 8 x 61 0

744 3 x 248 992

840 10640

1260 20900

1464 3 x 488 1952

2520 58520

3720 3 x 5 x 248 9920

7320 3 x 5 x 488 19520
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TIPS—AN INTEGRATED SOLUTION FOR
MULTI-MISSION TELEMETRY*

L. L. Van Dolsen
System Development Corporation

Vandenberg AFB, California

SUMMARY

The Air Force Space and Missile Test Center (SAMTEC) must provide concurrent
support for a variety of missions requiring real time telemetry data acquisition and
processing. An integrated system is presently going operational to replace seven individual
complexes presently supporting these missions. The Telemetry Integrated Processing
System (TIPS) includes six real-time input streams, a large-scale near-real-time processor,
and six interactive display areas. The TIPS facilitates rapid reconfiguration to meet
changing operational needs or to continue operation in the face of equipment failures. The
cost and lead time required for support of new requirements and also operation and
maintenance costs will be substantially reduced. TIPS is the first Air Force data system
processed under the Design-to-Cost/Life Cycle Cost (DTC/LCC) philosophy; all design
and specification changes are evaluated in terms of operational as well as initial costs.
Notable achievements in the TIPS implementation are the Telemetry Compiler and the
real-time acquisition and processing subsystems which are described in accompanying
papers.

STATEMENT OF THE PROBLEM

The telemetry data acquisition and processing facilities at Vandenberg AFB have had a
growth pattern typical of a number of range systems. The Air Force has had a missile and
space launch support requirement at Vandenberg since 1959. As each new program has
come into being it has required significant increases in data acquisition and processing
capabilities which could only be met by the design, development, and implementation of
totally new support systems. The predictable result is that there are now four discrete data
centers representing several generations of data processing technology and interfaced to as
many generations of data acquisition, display, and storage technology. Most of the
equipment is obsolete or obsolescent. Each system requires its own software, its own



maintenance and operations staff, its own spares, and cannot be used to back up other
systems. For missions requiring redundant support, independent investments in new
software, hardware modifications, support procedures, etc. are required. This results in
excessive cost each time a new support requirement is levied on the range.

In June 1976, SAMTEC signed a contract with System Development Corporation to
implement a system to replace all existing telemetry processing equipment and software.
The Telemetry Integrated Processing System (TIPS) represents a new era in military range
support systems. The system goals are:

1) To provide a single hardware/software base for support of all current and planned
telemetry processing missions.

2) To provide plug-in expansion to support unforeseen requirements approximating
twice the planned workload growth.

3) To provide a capability to assign any subset of the system resources to a given
mission and to support other mission(s) with the remaining resources with no
contention, data overlap, or failure impact, between the various concurrently
operating missions.

4) To provide for maximum use of general purpose support hardware and software
with mission-specific support requirements accommodated by use of table-driven
software and easily integrated but separate special purpose software.

5) To provide a large-scale data analysis capability to reduce the need for reliance on
data processing facilities remote from the range.

6) To maximize central, automated, system control to reduce operations overhead.

7) To maximize commonality of hardware components to minimize maintenance
overhead and permit “instant” reconfiguration in the event of failure of any system
component.

8) To provide a system which is so modular in concept and implementation that its
components can be used as building blocks to meet other test range support
requirements without having to “reinvent the wheel”.



SYSTEM APPROACH

The TIPS large-scale computation capability is provided by a CDC CYBER 173.
Realtime processing is accomplished on a network of seventeen SEL 32/55 midi-
computers. Telemetry data ingest is via decommutators and data compressors provided by
Aydin Monitor Systems. Real-time data display is provided on plasma/keyboards provided
by Interstate Electronics and high-speed electrostatic recorders/printers developed by
Gould Inc. System Development Corporation is the prime contractor with system
acquisition/integration responsiblity and is providing all software development for the
system.

A unique feature of this procurement is that it is the first application of the “Design-to-
Cost” procurement philosophy to a data-system development contract. The effect of this
approach is to formalize the process of system design changes throughout the development
cycle and ensure that each change is evaluated on its merits relative to life-cycle costs to
the government rather than concentrating only on implementation cost/ schedule impact.
This approach has provided great flexibility to the Air Force and the contractor to optimize
the design during the development to meet the system goals enumerated above.

SYSTEM IMPLEMENTATION - HARDWARE

The TIPS hardware configuration is depicted in figure 1. With the exception of the
Near-Real-Time Batch Processor (CYBER 173), which is depicted by a diamond at the
top center of the figure, all processors in the system are SEL 32/55 midi-computers. The
processors with asterisks within their symbol are not part of the deliverable configuration
but represent planned “plug-in” growth capacity.

The circles in figure 1 represent Telemetry Preprocessing (TPP) computers. These
receive telemetry data from the Aydin Monitor Systems Telemetry Front Ends (TFE) on
four interface parts. The interfaces are “smart” and can be programmed prior to, or during,
a mission to select any desired subset of the available data for ingest to TPP memory. Two
of these are used to deposit raw data and compressed data in memory for immediate
routing to the history files in the Mass Storage Control (MSC) subsystem. The other two
telemetry ingest interfaces are used to read selected (programmable) subsets of the
compressed data stream into TPP memory for event detection, limit analysis, report
preparation, and message formatting. The resulting processed data is forwarded, via the
MSC, to assigned Quick-Look Display Area (QLDA) computers) for display.

Each TPP also has programmable control over its associated TFE so that it down-loads
the TFE elements prior to a mission and can modify TFE parameters during the mission.
There is an alternate path for raw data (decommutated but not compressed) to be routed 



Figure 1. TIPS Distributed Processing Network

via a switch matrix from each TFE set to any or all of the QLDA computers. This data is
mapped by, “smart” interfaces in each QLDA onto electrostatic strip chart recorders. The
entire data path from telemetry data ingest to strip chart is hardware/firmware controlled
with no processor support required once initialized. The interface devices handle masking,
shifting, and scaling of data samples enroute to the strip chart recorders. The need for
manual set-up is eliminated and the total number of display channels needed when using
pen/ink recorders with digital-to-analog converters is reduced by the ability to
instantaneously reprogram the devices to add, delete, or substitute measurement/channel
assignments.

Central control of the system is exercised from consoles attached to two Configuration
Inteface Control (CIC) computers. These computers are connected to each of the MSC
computers and to each QLDA computer and route messages between processors assigned
to the various missions. The CIC computers also host the central pool of peripherals:



tapes, printers, and card devices. This “peripheral pool” is dynamically “assigned” to
various missions (JOBS) in the system to provide magnetic tape or hard copy data
products or to input data for batch processing support.

Each CIC and MSC computer is also connected to the CYBER computer. The MSC/
CYBER interface supports CYBER access, within five seconds of acquisition, to the
telemetry history files so that near-real-time data reduction can commence while a mission
is in progress. The CYBER can also allocate space on the MSC discs and use it for
CYBER “Native” file storage using all the facilities of the CYBER file management
system. The CIC/CYBER interfaces are used to spool jobs initiated on the CYBER to the
real-time job queue. These jobs may be real-time missions or batch jobs, compilations,
etc., to be executed on the TPP computers. At termination of such a job the output is then
spooled back to the CYBER or to one of the peripheral pool devices.

As will be seen by close inspection of figure 1, there are a minimum of two paths
available for data transfer between any two topologically adjacent processors (in some
cases the alternate path must pass through an intermediate processor). This redundancy of
data paths, combined with the redundant MSC and CIC computers, contributes to the
failsafe nature of the design. If any interface device fails, the alternate data path can be
automatically selected. If any processor fails, its functions can be automatically assumed
by the remaining processor (MSC or CIC) or can be recovered to an idle processor at
system operator discretion (TPP or QLDA).

The telemetry front end equipment and real-time subsystems are described in greater
detail in an accompanying paper(1).

SYSTEM IMPLEMENTATION - SOFTWARE

In addition to the standard vendor-supplied software for the CDC CYBER and SEL
32/55 computers, there are eight categories of software associated with TIPS.

• Distributed Operating System
• NOS Extensions
• Real-Time Applications
• Telemetry Compiler
• Utilities
• Scheduler
• Special Processes
• Non-Real-TiMe Applications



The Distributed Operating System (DOS) provides executive control over the jobs
operating in the SEL computers in TIPS. Elements of DOS reside in every processor and
provide for multiple independent jobs operating in multiple processors. DOS controls the
allocation of system resources, provides the system console interface, handles routing of
data/messages/files between tasks in the various processors, manages the history files,
performs failure detection, logging and recovery processing, and provides the isolation
between concurrently executing jobs (missions) required to ensure mission integrity. DOS
is based on the standard SEL-provided Real Time monitor operating system (RTM). All of
the features of RTM necessary to support batch operations on the SEL computers have
been retained. The additions/modifications to RTM to produce DOS provide for
centralized system control, multi-batch, and multi-processing. Also added are the I/O
handlers necessary to support the various inter-processor links and special interfaces in the
realtime data processing network.

The CYBER operating system used in TIPS is the CDC-provided Network Operating
System (NOS). Extensions to NOS have been provided to support the MSC/CYBER and
CIC/CYBER interfaces. These permit the spooling of data and jobs back and forth
between the CYBER and the SEL systems.

The Real-Time Applications (RTA) software is that body of software directly involved
in telemetry data processing and display on the real-time side of TIPS. This software is
general purpose in design and is table driven to accomplish the specific processing
required for each mission. Thus RTA has the basic structure necessary to process
measurements but the measurement-to-algorithm linkage and all algorithm parameters are
contained in a Run-Time-File (RTF). RTA includes the logic to generate plasma displays
of calibrated data but the RTF defines the specific format of each display and dictates the
engineering unit conversion to be applied to each measurement therein. RTA includes the
logic necessary to simultaneously process two event sequences of up to 32 events each
with up to 16 event conditions per event, but the RTF contains the actual event sequences,
measurement names, logical operators, conditions, and result conditions (text display,
activation of a task, invocation of a process control directive, change of telemetry
decommutation list, etc.) to be invoked upon the detection of the event.

For a given mission, elements of RTA residing in from one to twenty-seven processors
may participate. Each processor may support several tasks. The RTF identifies, by logical
name, the task(s) with which each task is to communicate. During initialization, DOS
determines the physical processors) to be allocated to a mission. Tasks then communicate
over logical links, defined in the RTF, and DOS transmits to data to the appropriate
physical destinations. Thus, if a processor fails, DOS can recover those tasks to a standby
processor and continue the mission without change to the operations in other processors. 



Surviving processors “see” only a temporary break in communications and neither know or
care that they are now communicating with a different physical processor.

The Run Time Files control the mission processing. They are generated by the TIPS
Telemetry Compiler (TTC). The TTC operates on the CYBER and can be used either in
batch or interactive mode via timesharing terminals. A special Telemetry Source Language
(TSL) has been developed which permits the user to describe the telemetry data, the
processing to be performed, the displays and history files to be generated, and the
resources to be applied to his mission in terminology which is natural to the telemetry
analyst. The compiler then converts the TSL into tables, front end program loads, and SEL
program modules and spools the result across the CIC/CYBER interface to be assembled
into a Run Time File by one of the utilities on the real-time side. The TTC is described in
an accompanying paper(2).

The TIPS Utilities include the Run Time File generator, which converts the TTC output
to a DOS/RTA usable form and various RTF modification/update utilities. It also includes
accounting routines and other system tools which were not available in the vendor
software.

The Scheduler operates on the CYBER and uses batch or interactive schedule
information in conjunction with resource requirements spun off by the compiler to
construct a support schedule and identify resource conflicts to assist scheduling personnel
in the management of the data center.

The Special Processes are mission specific modules which are linked into RTA to
perform processing which is outside the scope of the general purpose software. RTA
provides a well-defined interface so that special processes can be developed by various
agencies and easily integrated into the system to support specific operations. An example
is the Range Safety Special Process which receives inertial guidance data from the

acquisition module in RTA and generates X, Y, Z and X0 , Y0 , Z0, data for transmission to the
range safety data center at Vandenberg. Other special processes generate statistical
summary data or other special report formats in real-time.



* This paper is based upon work performed under contract to the Space and Missile Test Center
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TIPS TELEMETRY COMPILER*

G. Billerbeck and R. Idsardi
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SUMMARY

The TIPS Telemetry Compiler is a keyworded-free format language processor used to
generate run-time tables for controlling the real-time software and front-end hardware of
the Telemetry Integrated Processing System (TIPS) at Vandenberg Air Force Base. The
use of a compiler shortens response time to new requirements and improves analyst
productivity.

The Telemetry Source Language (TSL) is the interface between the telemetry analyst
and the compiler. For example, TSL statements are used to specify parameters for the
telemetry stream, compression algorithms, data acquisition, display, and history recording.
Considerable flexibility has been built into the internal structure of the compiler by the use
of an Input Control Definition Language (ICDL) to define the construction of the TSL. The
flexibility provided by the use of an ICDL to map the source language into the compiler
data base is essential for adapting the compiler to requirements beyond the scope of the
original construction.

The compiler data base is sufficiently large and complex to require the implementation
of data base management and memory management techniques. The nature of these
facilities is important for a modular architecture and for reasonable computational
efficiency. These key features of the internal structure of the Telemetry Compiler are
transparent to the Compiler user. The output of the compiler is a Run-Time File for use by
the Real-Time Software in loading the programmable front-end hardware and in software
process control.

The TIPS Telemetry Compiler is written in structured FORTRAN on a CDC CYBER
173. The real-time software executes on a network of SEL 32/55 processors. At the time
of publication, the framework of the compiler was completed as well as major portions of 



the run-time file generation phase, and the compiler had been used to build run-time files
for major development milestones.

OVERVIEW

The purpose of the TTC is to provide the configuration and control data needed by the
Real-Time software and hardware of TIPS. For a description of the TIPS hardware and
software elements reference papers presented at this conference. To provide the setup data
to the TTC the Telemetry Source Language was created to allow the user to input the data
in a natural language.

Figure 1 depicts a functional overview of the TTC. The Input Control Definition
Language is input to the TTC Data Base Dictionary Generator to produce the TSL
language defintion in the form of a dictionary file. The dictionary is used to define TSL
input and to define the storage structure of the TSL in the data base.

The TIPS Telemetry Compiler (TTC) user creates a data base through TSL input that
describes all telemetry input formats processing requirements, and display descriptions for
a vehicle in a batch or interactive mode. From this data base reports and a Run Time File
(RTF) are created. The RTF contains tables and program loads which control the
processing of the real-time telemetry subsystems of TIPS.

The TTC provides the user the capability to enter, save and recall TSL data, copy
saved data from one CDB file to another, and edit or change individual TSL parameters in
the CDB without a requirement for re-entering unaffected values.

TELEMETRY SOURCE LANGUAGE

Compiler source statements are written in the Telemetry Source Language (TSL). The
TSL is a keyword oriented, free format input language which allows the user to specify his
vehicle, processing requirements in a concise, unambiguous meaningful language. The
hierarchical data structure implicit in the language forms relates data in a meaningful way
for easy access by the user and the TTC. In order to reduce data base preparation and user
learning time, the interactive mode of input provides a prompting display which only
requires the user to fill in the blanks. The interactive processor allows the user to request
additional information from the data base to help him fill in the blanks. Any errors of
commission or omission are promptly noted with messages designed to assist the user to
correct the error.





The data base and TSL are hierarchically structured as shown in figure 2. When read
from top to bottom and from left to right the figure shows the sequence in which the user
describes the vehicle. The sequence of input is important because, if the sequence is
known, then each source statement input can be used as a basis for validity checking of
subsequent dependent data.

Figure 2.  TSL Hierarchy

For example, a measurement is to be displayed on a plasma format. The measurement
name to be displayed is checked against the measurements defined in the measurand
section to verify that the display name has been defined.

The hierarchical structure of the language is used as a means for prompting the
interactive user.

The entries in figure 2 are described below.

OD (OPERATION DIRECTIVE) assigns all descriptions below as belonging to
named OD. Each project on the range is assigned an OD, therefore the keyword
separates the data base into projects.

VEHICLE assigns a unique name to the data base description of a unique vehicle.
Each project usually has more than one launch vehicle.



VEHICLE GLOBALS define identification data unique to the vehicle.

PROCESSING LINK defines all processing links for the vehicle.

LINK GLOBALS define link unique global parameters to the processing link.

FRONT END defines synchronization setup parameters such as time code
translation setup.

MEASURANDS define measurement attributes such as limits, engineering units,
descriptions type, decommutation source, and data compressor algorithms.

EVENT PROCESSING defines event sequences and command actions to be
initiated as a result of event conditions.

SEQUENCE COMMAND BLOCK defines the commands for controlling and
effecting processing.

SPECIAL PROCESSING defines special processes to be executed by the RTA
system.

RECORDING defines history file processing.

DISPLAY defines a keyword group specifying the format and content of printer,
plotter, and plasma display.

RESOURCE ALLOCATION assigns processing and display requirements per
scheduling functions.

INPUT CONTROL DEFINITIONS

The Input Control Definitions are an innovative approach to the solution of the problem
of changing user requirements. Using the Input Control Definitions, the user can modify
the existing TSL input forms and add new ones.

The Input Control Definitions contain information about the syntax of the input, the
type of value, the range, limits, constraints such as it must be previously defined, whether 
it’s optional or required, etc. New keywords can be defined and they will automatically be
displayed as prompts in the interactive mode of input.



The ICDL provides the capability to add new features to a language or system without
modifying the TTC. This feature of TTC is designed partly as a requirement and partly to
maximize the life cycle of the TTC at least cost. The user can modify existing input forms
and add new ones through the Input Control Definitions. By adding special processes, he
has added new real-time processing algorithms, all without modifying the TTC or the real-
time software. New definitions or modifications can be accomplished through changes in
Telemetry Compiler language statements.

TTC INTERACTIVE OPERATION

In the interactive mode of TTC operation, source statement input is from the interactive
terminal in response to prompts generated by the TTC. Through the use of control
statements and prompts the TTC provides the capability for the telemetry analyst to
control the TTC and manipulate the compiler data base with a minimum of input.

The interactive SCREEN formats are generated from the dictionary in the CDB.
Therefore a change in the TSL does not require changes in the TTC interactive form
generation software.

In the interactive mode the user is provided three input capabilities. These modes of
input are:

• TSL input, where the user is supplied keyword names and values if they exist. The
user may enter new values or modify old values as he chooses. The TTC guides the
user per the hierarchy described in figure 2. At the termination of the hierarchy are
groups of keywords defined as data groups. These groups of keywords are
displayed on the screen and value input is solicited by the TTC. After user input the
TTC solicites the next value input.

• TTC data base, in this mode the user may copy, delete, query or simply browse
through the data base if values exist.

• Interactive aids. The TTC provides tutorial help by displaying information about a
keyword which is stored in the dictionary. Screen management controls are
provided which allow the user to change modes or skip lines while inputting data.

COMPILER DATA BASE

The Compiler Data Base (CDB) provides the user with all the capabilities associated
with a sophisticated data management system:



a. Interactive dialogue,

b. Query language to access any single item or group of items in the data base,

c. Hierarchical data structure for expressing complex data relationships and grouping
data items according to usage,

d. Report generation tailored by user requests.

The CDB is the internal interface within the TTC for all processing functions. All
functions within the TTC either input or output data to/from the CDB. The dictionary
generator creates the TSL definition and storage dictionary and this dictionary is one
logical part of the CDB. The batch or interactive TSL input functions of the TTC input
source statements and store the resultant values in a linked list with the second logical part
of the CDB. The CDB is the source of data for the run time file generation. The RTF code
generator requests data from the CDB by logical name, therefore isolating the code
generation from physical storage representation and the TSL input. By having the RTF
created from the CDB, the user can build the CDB over a period of days before requesting
the RTF be generated.

CONCLUSION

The TTC reduces range support lead time and vehicle preparation time by providing a
self documenting language which easily configures the TIPS for new vehicle support. The
TTC allows the user to configure the general purpose TIPS software to meet the specific
needs of each user. This is possible because the real-time software is table driven and the
TTC generates the tables from analyst TSL input.

Finally, the TTC is extensible because of the dictionary generation capability which
allows the language to be expanded without changing the TTC software.
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ABSTRACT

The requirement to acquire, process, and display telemetry data from increasingly
sophisticated test vehicles in real time is one of the, principal parameters that shaped the
SAMTEC Telemetry Integrated Processing System (TIPS) design. An integrated
subsystem incorporating advances in hardware design, linked by a multi-processor
software element implementing three distinct processing functions to fill this requirement,
is described in this paper.

Most of the hardware elements, except the processor, were designed to meet the
specific requirements of this system. This includes telemetry front-end acquisition
equipment, electrostatic high speed printer plotters, plasma keyboard displays, and wide
band links to transfer data from element to element. The processors are 32-bit word third
generation midi-computers. Each element was selected or specified primarily for its ability
to perform at the expected incoming data rates.

The Real Time Acquisition (RTA) Software is partitioned into an executive function, an
acquisition and event processing function, and a display processing function. Each function
resides in its own specific computer configuration. The acquisition configuration (TPP) and
display configuration (QLDA) are each replicated to provide multi-input stream and
multiple independent display capabilities.

Real time requirements, similar to those at SAMTEC, are evolving elsewhere. The
hardware and software components described herein are easily adaptable to satisfy these
requirements at a variety of other advanced telemetry data processing facilities.



INTRODUCTION

The design of the real time portion of TIPS was driven by a combination of functional
and operational requirements which evolved during a study commissioned by SAMTEC in
preparation for the system procurement. The results of this study were presented at a
previous ITC.1

The functional requirements determined by the study are displayed in Table I,
reproduced from the previous paper and updated. In the original table the requirements are
allocated either to the “front end”, to the “main frame”, or left as an option for future
resolution. Only the final resolution of these latter cases is indicated here. This paper
discusses those functions allocated to the “front end”. These functions have the
characteristic that they must be performed at a rate which is determined by and
synchronized with the incoming data stream, with a tolerable processing delay of typically
a fraction of a second. A further division of usage between acquisition (A), processing (P),
and display (D) is shown for the real time functions.

These mission oriented functional requirements are overlaid by system operational
requirements. Three of these received primary consideration in the design of the real time
subsystems. They are rapid and convenient adaptation to new requirements, simultaneous
performance of multiple operations without interference, and flexible allocation of
resources.

The first is dictated by the extensive planning horizon. Six years will have elapsed from
initial studies until the system is fully operational, with at least a 10-year operational life
thereafter. SAMTEC is essentially a service bureau often required to provide rapid
turnaround for newly defined tasks. Each program has its own unique input telemetry
format, processing algorithms, and display and post-flight data reduction requirements.
TIPS is expected to meet these needs with minimum programing expense and without
hardware modification or addition.

Multiple simultaneous operations are a fact of life at SAMTEC and must be supported.
Pre-flight and post-flight data may be processed from several test vehicles simultaneously.
Further, it is common for larger vehicles to carry multiple telemetry links,2 and for each
function within a program to require specialized display formats. TIPS is expected to be
dedicated to a single operation during the critical period immediately preceding and
subsequent to lift off, but multi-vehicle salvoes, redundancy in the range safety link, and
multiple link and display requirements at one time all dictate a multiple stream capability,
even during that period.



** An overview description of this system appears in another paper presented at this conference.3

Table I. Function Requirement Allocation

The existence of multiple simultaneous operations demands flexible resource
allocations. Each operation requires its unique mix of acquisition and display capability.
Further, scheduled requirements should be serviced as long as some equipment is
available. Presently, unmet support requirements and idle resources may exist
simultaneously due to the unique nature of each of the four SAMTEC data centers. This
flexibility eliminates the expense incurred when a single element in the present
heterogenous pool fails and causes an operational hold.

A flexible multi-stream real time subsystem shown in figure 1 has been implemented in
response to these requirements.** It incorporates six front-end subsystems for acquisition
and processing and six display subsystems. The intermediate message switching function
permits extremely flexible configuration of front-end and display  resources. Although each
front-end stream has input hardware for PCM telemetry, there are only three sets of analog
input hardware; each of these may be connected to either of two streams, replacing the
PCM input. In the display area, three User Terminal Rooms (UTRs), with reduced



capabilities, are supplied in addition to the six Quick Look Display Areas (QLDAs). The
system is designed to accommodate a total complement of 12 Front Ends (with four analog
inputs), eight QLDAs and four UTRs to support projected multi-link operations.
Noteworthy features of the software and hardware elements, shown in figure 1, are
described below.

Figure 1.  TIPS Real Time Subsystem

HARDWARE ELEMENTS

The system hardware elements comprise numerous advances over similar equipment
existing in the marketplace at the inception of the development cycle. While no
breakthrough was necessary at the component level to implement the equipment, each
element represents the present state-of-the-art of that class of equipment. These elements
are the Telemetry Front End Equipment, the Processors, the Electrostatic Printer/Plotters,
the Plasma/ Keyboard displays, and the high speed data links interconnecting them.

Telemetry Front End

The Telemetry Front End (TFE) Equipment, pictured in figure 2, includes a PCM
decommutator (PSD), analog input equipment for both PAM and continuous analog inputs
(APD), and a Data Compressor (DC). These elements are configured so that data from
either the PSD or the APD may go to the Data Compressor enroute to downstream
elements. Control tables, generated by the TIPS Telemetry Compiler4 and loaded by the
Telemetry Preprocessor (TPP), configure each device.



Figure 2.  TIPS Telemetry Front End

The PSD uses stored program techniques to decommutate PCM at rates up to 5 Mbps.
This capability exceeds the requirements projected for the system operational time frame
by a factor of two or greater. Either conventional or adaptive synchronization techniques6

may be selected to optimize data recovery. A unique feature is the microprogrammed
computation facility. This module permits scaling of data, change of representation (ones
or twos complement to straight binary), handling of discrete and incremental data, and
automatic format switching. All functions of the PSD are initialized by a down load from
the TPP and may be changed during operation when required.

The APD can process more than one analog operation at the same time. It can accept
five PAM links and digitize 22 (expandable to 32) continuous analog inputs simultaneously
with a total throughput capability exceeding 250,000 samples/second. Stored program
decommutation at the frame and subframe level is provided for each PAM link, while each
analog channel may be sampled at one of ten independently selectable rates. Again all
parameters are loaded from the associated TPP and may be modified during operation.

The Data Compressor attaches time annotation to the data as well as removing
redundant samples. Its processor is microprogrammed from ROM, permitting processing
algorithms to be changed should future requirements dictate. Nine algorithms are presently
installed with a maximum of 16 limited by the instruction word format. The Data
Compressor splits the data into two paths, one direct (Raw Data), and the other through
the compression processor (Compressed Data). Each path has a maximum output data rate
in excess of 300,000 samples per second; a 512 word FIFO buffer in each enables input
burst rates up to 800,000 sps to be accommodated. These two outputs match the protocol
and electrical interface characteristics of the Fast Device Controller Modules in the TPP
and QLDA processors.



Fast Multiplex System

A key ingredient in the configuration of a system meeting the real time requirements is
the Fast Multiplex System (FMS) for the SEL 32/55 system computers. Use of the FMS
enables extremely large quantities of input/output data to be transferred and repetitive
functions performed upon it with little or no CPU involvement. The FMS accommodates
up to 16 intelligent interface modules, generically referred to as Fast Device Controllers
(FDCs). Each FDC contains a microprogrammed controller, permitting it to perform
repetitive operations on the data independent of the CPU. The FMS contains a separate
bus permitting the FDCs to transfer data into or out of memory without reducing CPU
throughput.

One of the two TIPS FMS configurations is shown in figure 3. The FDCs are controlled
by CPU loaded parameters and pass status to the CPU when some further attention is
required. These transactions flow through the link containing the FMC (Fast Multiplex
Controller) and the CSI (Control and Status Interface) to each FDC through a control bus
in the FMS. Data, placed on a separate bus in the FMS, is passed on the link consisting of
the MPI (Memory Port Interface) and the MBC (Memory Bus Controller). When data is
transferred in this manner, the only contention with the CPU occurs when both the CPU
and the FMS address the same memory module.

Figure 3.  TPP Fast Multiplex System



The FMS configuration shown is the one used to ingest data to the TPP. It contains two
of the three types of FDCs developed for use in TIPS, the Compressed Data Interface
(CDI) and the Raw Data interface (RDI). The compressed data output of one Data
Compressor drives the three CDIs, while the associated raw data output drives the RDI.
Each FDC is programmed to accept a particular set of the data available to it and store it in
a buffer.

The four buffers built by the TPP FMS enable four different system functions to be
performed at a high rate by a single computer. One CDI builds the History File buffer in a
shared memory, accepting essentially every sample appearing at its input. This buffer is
transferred directly out of shared memory to disc by one of the Mass Storage Controller
(MSC) processors. A second buffer contains those measurements selected because they
are required for TPP Special Processing functions. The TPP CPU can access them without
having to sort through irrelevant data. The third buffer built by a CDI contains data
required for range safety calculations. This data is periodically extracted and transmitted
by a serial communications link to the SAMTEC range safety computer. The RDI builds
one-frame buffers which contain all transmitted samples. The most recent of these buffers
is captured and spooled to a high speed printer upon the occurrence of a specific event or a
command from a quick look area. In the absence of the FMS, either more processors or
special hardware would have had to be employed to perform these functions.

The other TIPS FMS configuration is a part of each QLDA or UTR processor. It
contains two RDIs and five Printer Plotter Controllers (PPCs). The two RDIs interface
with the Raw Data Switch; this enables raw data from any two TFE Data Compressors to
be routed directly for strip chart display. Data is selected from each stream and stored in
preassigned memory locations, addressed by a 4096x8 look-up table. Each PPC builds 250
display lines for each inch of paper travel. The entire process of recording real time data
on strip charts is transacted by FDCs communicating through a common buffer in memory,
with no CPU mediation.

System Communication

Three different data transfer methods are used to move data between processors in the
real time subsystem. These are shared memory, a parallel high speed data inter-bus link
(HSD-IBL), and a general purpose inter-bus link (GPDC-IBL), transmitting data serially at
a medium rate.

The shared memory allows data to be “transferred” between processors, without
actually moving it; the data is loaded into the shared memory by one processor (or the
FMS), and is then available for retrieval by another processor. The six TPPs each share
memory with both of the two MSCs, realizing both load sharing and redundancy in case of



failure. This method transfers large volumes of data from the front-end TPP to the MSC,
primarily fullframe and history files. Each link is sized to accommodate the expected data
flow through it.

The HSD-IBL is a parallel link which connects the MSC and Configuration and
Interface Controller (CIC) processors. It transfers up to 834,000 words/second. During
operation, processed data from all TPPs destined for display is transmitted from the MSCs
to the CICs; run-time files go in the other direction during initialization, with modifications
during operation. Since operation and initialization for different streams may occur
simultaneously, there is a continuous two-way traffic on this link.

The GPDC-IBL communicates with the display area at rates up to 100,000
bytes/second, totaled over all seven links. Relatively short messages, such as out of limits
values and engineering units displays, are routed primarily to the plasma displays.
Keyboard inputs, initiating real-time processing changes, flow back to the CIC. Although
this link is more than adequate, based upon the specified sizing, higher speed serial
interfaces, based on FMS technology, are presently available, and would be used were the
system to be designed today.

Display Devices

The TIPS display requirements led to the design of two devices which, like other
hardware described here, will find application in other similar systems. These are the
Electrostatic Printer Plotter (EPP) and the Plasma/Keyboard Terminal (Plasma/KBD). The
EPP was developed from the ground up for TIPS, while the Plasma/KBD is a modification
of a standard device.

The EPP was introduced to fill several operational deficiencies, commonly associated
with strip chart recorders used at SAMTEC. Primary among these is the need to spend
considerable time and labor calibrating the analog components, such as DACs and
amplifiers, in an otherwise all digital telemetry link. A second factor is the inconveniences
of interpreting serial time code and manually adding event annotation. Finally, there is the
cost associated with keeping clogged pens clear. The EPP corrects these deficiencies and
incorporates some extended quick look capabilities.

The EPP enables quick look strip chart plots to be drawn with a fully digital system. It
provides a resolution of 200 points to the inch (79 pts/cm) in the y (or data) axis and 250
points to the inch (98 pts/cm) in the x (or time) axis. Eight 8-bit measurands can be fully
resolved along the 10.5 inch (27.6 cm) chart width, while five samples/Hz for frequencies
up to 500 Hz can be displayed at the maximum chart speed of 10 inches/second (25.4
cm/sec). A full alphanumeric character matrix is used for time and trace annotation, as well



as viewer comments entered during the recording process. The electrostatic process
incorporates charged writing points, coated paper, and toner; extremely consistent trace
characteristics from minimum (0.25 inches/second (0.64 cm/sec)) to maximum chart
speeds have appeared in all tests to date. The EPP is also used as a 132 character 5000
line/ minute printer to record full frame printouts.

The Plasma/KBD provides an interactive soft copy display device, which minimizes
compromising radiation of classified information. Two factors differentiate it in this
respect from the more commonly used CRT/KBD terminal. First, there is not a continual
electromagnetic data-related signal, such as the CRT electron beam; data once displayed is
stored on the display surface resulting in electromagnetic radiation with essentially random
characteristics. Second, correct engineering units can be supplied by back-projected
microfilm overlays. This reduces or eliminates classified information which must be
transmitted from the host processor to the dipslay. The Plasma/KBD is connected to the
QLDA or UTR processor through a 25 kilobaud full duplex link which is used to transmit
both display data and keyboard inputs.

REAL TIME SOFTWARE

All the Real Time acquisition, processing, and display functions described above are
controlled by a software computer program configuration item (CPCI) called Real Time
Applications (RTA). This CPCI is divided into a number of component modules, some of
which operate in each of the four types of real time processors. Communication between
these functional modules, whether residing in the same or different processors, is
accomplished through the Distributed Operating System (DOS) intertask communications
capability. The deliverable TIPS configuration consists of 17 processors: six TPPs, six
QLDAs, one UTR, two MSC, and two CICs; however, the RTA software is designed to
accommodate the “full growth” configuration of 27 processors, presently envisaged.
Although detailed description of the RTA is beyond the scope of this paper, a brief
overview of the RTA interfaces and functions will suffice to integrate the preceding
descriptions of individual components.

Interfaces

The RTA CPCI interfaces with the following programs and CPCIs to provide the listed
capabilities:

a. Interfaces with the SEL Real Time Monitor (RTM) program and the CPCI provide the
following capabilities:
1. Access to the Run-Time File (RTF), Check Point File (CPF), and Process Update

File (PUF) on MSC master disk pack



2. Routing to initiate batch jobs in the Near-Real Time Batch Processing subsystem
(NBP)

3. History file recording
4. Controller console interface
5. Plasma/keyboard interface
6. Printer/plotter interface
7. Range safety modem interface
8. Communication controller interface
9. Telemetry front-end interface
10. Compressed data interface
11. Raw data interface
12. Job log recording in history file
13. Recovery interface

b. Interfaces with the DOS CPCI provide the capability of batch job initiation.

c. Interfaces with the RTF, generated by the TIPS Telemetry Compiler CPCI, support
operational requirements, as defined by the user.

The functional interface of the RTA CPCI with the user and other TIPS subsystems is
illustrated in figure 4.

Figure 4.  Real Time Applications Interface Block Diagram



Functional Requirements

RTA processing is divided into 14 functions. These functions are addressed in groups
based on processing relationships. The groups are as follows:

a. The phase initialization group includes the following functions:

1. Resource allocation
2. Intertask communications establishment
3. RTF completion and distribution
4. Local processor initialization
5. System exerciser

The processing needed to initialize the phases of a TIPS operation are performed prior
to the running of each operation phase. A phase is an interval during an operation in
which the link/equipment configurations remains constant. A planned change to a
link/equipment configuration constitutes the start of a new phase. An operation may
have one or several phases, depending on the objectives of the operation.

The initialization process is accomplished by executing a series of set-up and channel
test messages in each of the processors participating in a TIPS operation phase.
Coordination of initialization tasks is the responsibility of a TIPS Operation Executive
(TOE), one of which Is dedicated to each operation.

b. The recovery group includes the following functions:

1. Real time operation checkpointing
2. Failure detection and recovery

During the conduct of an operation, ongoing tasks prepare for the recovery of real time
processing conditions in the event of failure. Failure detection functions monitor
hardware and software performance to determine the need for reporting failures to the
TIPS controllers. Recovery preparation, and failure detection functions are performed
by participating processors and the TOE in real time. Recovery procedures are
accomplished with minimum interruption of the real time operation processing.

c. The real time telemetry data processing group includes the following functions:

1. History recording
2. Telemetry acquisition
3. Full frame processing



4. Display processing
5. Special processing
6. Command processing and control

The real time processing, display, and recording of telemetry data is performed as
specified by the Run-Time File (RTF) for an operation.

d. The final processing of an operation or a phase is performed by the operation (phase)
termination function. Termination processing is performed at the end of a phase or
operation in order to achieve an orderly close down of a link or an entire operation.
This termination processing is invoked by a TIPS controller.

These functions are logical processes or combinations of processes performed by one
or more software tasks residing in the physical processors of a TIPS operation
configuration.

The relationship between the major RTA functions as described in this specification is
illustrated in figure 5.

Figure 5.  RTA Functional Block Diagram



CONCLUSION

The requirements to acquire, process, and display data in real time at SAMTEC have
resulted in the development of hardware and software components which have been
configured to form a versatile system meeting these requirements. State-of-the-art
technology at the component level has been used to implement a true advance in the state-
of-the-system-art. The use of hardware, firmware, and software has been balanced to use
each technology with a maximum of effectiveness and efficiency. The devices and
system..Concepts described herein have a wider applicability; they can be easily adapted
to solve similar telemetry and data acquisition problems elsewhere.
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ABSTRACT

Grumman Data Systems Corporation (GDSC) is presently developing another in a series
of computerized realtime systems which accepts, preprocesses, analyzes and displays
telemetry and range data. This new Aerospace Test System (ATS) will first be utilized by
the Navy at the Pacific Missile Test Center (PMTC). The computerized test system will
analyze data, in realtime, being telemetered from missiles, aircrafts and satellities. The
system will accept, decommutate/demodulate, preprocess, analyze and display data being
transmitted in the forms of PCM, PDM, PAM, and FM.

The system will allow test personnel to continually monitor, in realtime, critical raw and
calculated parameters. The answers provided to test personnel, in one phase of the
mission, will give them the ability to proceed into the next with a high degree of
confidence. The vast amounts of data acceptable by the system, together with its analytical
and display capabilities will allow test personnel to accomplish several tests during a
single time frame. The system will also allow test personnel to be in complete control of
their mission via the data uplink capability. It is a system that support Batch, Time Share,
and Remote job entry processing concurrently. Utilized properly, it can greatly reduce the
quantity and increase the quality of batch processing.

DESCRIPTION

The ATS is comprised of four major subsystems. One subsystem accepts and processes
telemetry data, one subsystem receives and transmits range data, one analyzes data and the
fourth displays the answers. The four subsystems are:

- Telemetry Handling Subsystem (THS)
- Range interface Subsystem (RIS)
- TeleSCOPE 350™ Operating System (TS350)
- Display Analysis subsystem (DAS)

The above four subsystems are interconnected by a Communication Subsystem.



Telemetry Handling Subsystem (THS)

The THS is a fully computerized subsystem that will accept and process multiple streams
of telemetry data. Each stream of telemetry data can consist of up to nine independent,
asynchronous telemetry sources of data. Telemetry data can be either PCM, FM, PDM
and/or PAM. The THS can accomodate an aggregate rate of 50,000 samples per second
(s/s) and a burst rate of 250,000 s/s for each stream.

The next generation of the ATS will support four streams of telemetry data. The THS is
subdivided into three subsystems; the Telemetry Reformatting Subsystem (TRS), the
Telemetry Processor Subsystem (TPS), and the Telemetry Setup & Control Subsystem
(TSCS). The entire THS will be under computer control with some manual overrides
provided. (refer to figure 1)

Telemetry Reformatting Subsystem (TRS)

The TRS accepts data from a realtime telemetry signal, tape playback or a telemetry
simulator and reformats the data into a form directly usable by the Telemetry Processing
Subsystem (TPS). Inputs consists of FM, PCM, PAM/PDM data and time code
information.

The “brain” of the TRS is a large analog input/output switch matrix. Each piece of
telemetry hardware in the TRS is attached to this switch matrix. The switch matrix is
controlled by a micro computer. The switch matrix is programmed such that only the
mission required telemetry hardware is “wired-up” to form a logical data path from the
telemetry receivers to the TPS. Because of the various types of telemetry formats that are
acceptable to the ATS, all telemetry hardware is programmable for specific mission
requirements.

The TRS consists of the standard telemetry hardware (bit synchronizers, frame
synchronizers, discrimators, analog to digital converter multiplexor, etc.) and a special
piece of telemetry hardware known as the Front End Controller (FEC). The FEC is
programmable hardware that will edit any data words in the telemetry wave train. The FEC
will edit the unnecessary data words, identify the required data words and transmit them to
the TPS. The FEC allows us to pass only the required information through the ATS, not
the entire telemetry signal. During a mission this hardware box can be re-configured such
that various aspects of the mission can be supported at different time intervals.

Each TSP processes FM, PCM and PAM/PDM data. This subsystem consists of the
GDSC TeleSTREAM telemetry processor, capable of processing up to nine independent
telemetry data sources and transmitting the processed data to the TeleSCOPE 350™



Operating System for analysis and/or other computer peripheral (ie DAC & Strip Chart
Recorders). The incoming telemetry data is converted to the appropriate proper number
system, calibrated, Engineering Units (E.U.) converted, limit checked and reformatted.
The initial TPS System will incorporate the processing features listed in Table 1.
Additional processing features such as data compression, and event processing can be
easily programmed into the subsystem.

Table 1 TMP Features

Feature Details
Number System Conversion From Binary, 1's comp. Sign Mag. Offset

Binary
To 2's compliment

E.U. Conversion Up to 5th order polynominal
Calibration Corrects for Drift in analog system
Limit Checked High/Low or Delta with Tolerance
Output Devices CDC Cyber 170 Series computer

DAC Recorders
Strip Chart Recorders

The TeleSTREAM design is unique in that telemetry data is processed by many parallel
independent asychronous mini-computers, rather than in the classical pipeline design. This
concept of distributed parallel processing gives Grumman the flexibility of tailoring the
TPS to a specific user by adding or deleting mini-computers. The initial TeleSTREAM
processor will consist of five parallel minis and accept 50,000 s/s. As the input rate and/or
preprocessing requirements vary, so does the number of mini-computers. (Additional
computer peripherals, such as a tape recorder, graphic CRT, can be added on as
requirements arise) Details of the TPS are given in another paper at this symposium and
we shall only give a brief overview of its architecture.

Telemetry data is transmitted from the FEC and/or ADC Multiplexor into a storage area
known as the FIFO (first in/first out). Data entering the FIFO is 48 bits wide. The
telemetry data is 16 bits, its associated ID tag 16 bits, and it has 16 bits of time. The data
remains in the FIFO until one of the mini computers called a Task Oriented Processor
(TOP) accesses it. The TOP “cracks” the ID and vectors to a table defining the processing
tasks. This table then vectors to other tables that have the required information (ie
coefficients, limit checks values etc.) for processing. This procedure is diagrammed below.



Once the telemetry data is processed by the TOP’s, it is written into memory shared by
another mini-computer. This mini computer, known as the Output Processor (OP) routes
the data to the appropriate output devices. The TeleSTREAM processor is programmable
based on the mission requirements. As the mission requirements change through various
phases, the telemetry processor can be reconfigured with new telemetry processing and
routing requirements.

The TSCS is a mini-computer controlled subsystem that sets up, configures, calibrates, and
validates the TRS and up to four TPS. After the TRS and TPS have been configured, to the
mission’s processing and routing requirements by the TSCS, the TSCS will monitor the
health of the entire THS. If a unit fails, an operator is notified and a duplicate unit will be
“repatched” via the computer control switch matrix. The TSCS allows the telemetry
engineer to continually configure the switch matrix, ADC Multiplexor, FEC and telemetry
processor to the mission’s requirements. The TSCS is in direct communications with all
equipment in the TRS and TPS. The TSCS will control up to four telemetry processors.
The TSCS utilizes the output files from our Telemetry Compiler to configure the TRS and
TPS.

The Telemetry Compiler, known as TELIN, accepts inputs from telemetry users and
defines the following:

- test vehicle’s telemetry configuration
- transducer’s configuration
- telemetry stream definition
- processing and routing requirements

The above four files are input to TELIN and a file, known as the Mission Configuration
File (MCF), is generated. The file contains all the information required to configure and
load the TRS and TPS for various phases of the ission.

When telemetry data is not being processed in the ATS, the TSCS can go into the
Diagnostic mode. Utilizing operational software, operational and special files of data, and
the telemetry operators console, the TSCS will diagnose all hardware in the THS. This
special diagnostic software executive, executed prior to a mission, will ensure the ATS
users of quality data through the THS.



Range Interface Subsystem

The ATS also accepts, besides telemetry data, data being accumulated by various range
devices. This subsystem, known as the Range Interface Subsystem (RIS) will initially
accept data from eleven NTDS (Naval Tactical Data System) compatible range systems.

The total maximum rate for these eleven range systems is 350,000 bidirectional
words/second. Data is accumulated by the RIS and transmitted to the TeleSCOPE 350™
Operating System for analysis. Upon completion of analysis, data is returned via the RIS
to command and control range devices (radar, plot boards etc.) The initial RIS has the
ability to expand to allow attachment of future devices and to allow inclusion of processors
which will allow processing prior to transmission to the Cyber. TeleSCOPE 350™ allows
range data to be distributed within the Cyber 175 by a program that is known as the Range
Interface Program (RIP).

TeleSCOPE 350™ Operating System

The Grumman developed realtime operating system, known as TeleSCOPE 350™ is a
“super set” of the Control Data Corporation’s (CDC) NOS/BE Operating system.
TeleSCOPE 350™ is not a system to be loaded only at mission support time, but a system
that can support concurrently batch, time share, remote job entry (RJE) and realtime
processing of data. (refer to figure 2)

TeleSCOPE 350™, when executing, has four types of processing occurring. They are:

1. Realtime Executive (REX)
2. Range Interface Program (RIP)
3. Peripheral Interface Drivers
4. Real Time Analysis Software

The Real Time Executive (REX) is the software program that controls the TeleSCOPE
350™ Operating System. The REX software maintains constant communications with the
THS and RIS in order to configure each subsystem for the mission requirements. REX will
access the required MCFs and transmit them to the THS for configuration. REX will also
access and transmit the Range Configuration File (RCF) so that the RIS can properly
configure itself. REX is a batch job, executing at a high priority.

As previously stated, the RIP interfaces with the range data. Data from a range device is
received by the RIP and decoded. Information is “cracked’ out of the data stream,
processed (ie Kalman filtered) and made available to the real time analysis software.



There are two peripheral interface drivers executing under TeleSCOPE 350™ They are:
the Telemetry Interface Driver and the Graphics Interface Driver. The Telemetry Interface
Driver (TID) maintains all I/O between the THS and the TeleSCOPE 350™ Operating
System. TELIN files, required to configure and re-configure the TRS and TPS, are
transmitted using the driver Data being transmitted from the telemetry processor to
TeleSCOPE 350™ also utilizes this driver. Commands initiated by REX (start/stop data,
reconfigure, termi nate mission etc.) and transmitted to the THS also utilize this driver.

The Graphics Interface Driver (GID) is analogous to the TID. It maintains communications
between the DAS and TeleSCOPE 350™.

Once data is transferred into the computer by the TID and RIP it can easily be accessed by
the analysis software. Initially, up to ten (10) realtime programs can be executing
simultaneously under TeleSCOPE 350™.

The real time programs are written in FORTRAN and perform whatever analyses are
required for the mission. These analyses are performed on telemetry data, range data or
both types of data. The execution rate and computer resources required are controlled by
the user of the system. A scheduling algorithm, will determine if a program entering the
input queue, can enter the real time execution mode. The real time analysis software is in
constant communications with REX and the test engineer at the graphics console(s). The
program can divert data to the computer disk, and later transfer this data to tape or
printout.

The number of real time analysis programs executing is a function of memory
configuration and processing utilization of each program. With sufficient memory, and well
developed analysis software the number of programs executing could easily exceed 10.

Display Analysis Subsystem (DAS)

After telemetry and range data have been analyzed under TeleSCOPE 350™, the answers
are transmitted to the Display Analysis Subsystem (DAS). Utilizing GDSC’s experience in
supporting flight testing of various aircrafts such as the F-14, B-1, F-16, F5E, EF111, etc.,
we have developed the DAS with the test engineer clearly in mind. Here is the tool
required for him to control his test. Via the DAS he has control over the configuration of
the THS and RIS. He requests different real time analysis software and controls their
execution. He controls the displays and communicates with the other consoles throughout
the ATS. From the DAS, the test engineers have control of the mission.

Control of the mission from the DAS is from two levels, mission and test. A test is defined
as a phase of the mission. An engineer, operating from an alphanumeric CRT terminal



controls the mission. He is in constant communications with REX and is configuring and
reconfiguring the THS and RIS for different phases of the mission. Meanwhile, an operator
at a graphics CRT console is reviewing answers from the analysis software. Utilizing the
latch keys, function keys and keyboard, the test engineer can display various images of
data. He can also directly interface with the analysis software executing under TeleSCOPE
350™.

The DAS consists of two CRT’s for graphics representation of telemetry and range data,
two alphanumeric consoles for mission control, one printer/plotter, two command log
printers and one disk for data storage. The ATS will initially support four DASs.

The display is divided into six areas. (see figure 3) One area is designed for subsystem
messages. Any errors or problems occurring in the subsystem are displayed here. In
addition time of day is displayed. Time of day is synchronized with the TeleSCOPE 350™
system. The next area is reserved for special outputs from the analysis software. These
three lines are constants across all displays for a mission. The next area is for displaying
data. The DAS has the ability to generate crossplots, time histories, metered plots, as well
as tabular displays. Range displays are also displayed. The test engineer can have multiple
traces per plot and multiple plots per display. The test engineer can store up to 15 displays
per CRT. Table 2 below details the output formats.

Type/Format Quarter Screen Half Screen Full Screen

Time histories
linear x x x
log x x x

Cross plots
linear x x x
log log x x x
log linear x x x

Meters x x x
Tabular x x
Range display x x
Polar Plots x x x

Table 2 Output Display Formats

The fourth area is reserved for out-of-limits parameters. When a parameter exceeds a limit
(telemetry processor function) it is flaged and transmitted to the DAS. The parameter
name, E.U. value, reason code (high/low or delta) and time are displayed.



Up to twelve limit-checked parameters can be displayed without interfering with the
display area. The DAS can display up to 128 limits, but they will be written over the plot
area. If the display becomes too cluttered, the test engineer can remove the displays or
limit checked parameters. The fifth area is reserved for keyboard input commands. The
sixth and final area is the light pen targets for the display page. As previously stated, up to
fifteen displays are stored and the test engineer can light pen select any of the fifteen
pages. (See figure 3.)

Communications Subsystem

The four subsystems of the ATS are connected via an communication subsystem that gives
proper command and control to various operators. Command and control over the ATS is
at the test, mission and system level. This hierarchy was based on our direct experience
supporting Grumman Aerospace testing of the F-14, EA6B, A6A, EF-111 etc. As stated
above the Test Engineer at the graphics console commands and controls the test. The
engineer at the alphanumeric console commands and controls the mission. Additionally, at
the mission level, a telemetry operator (console off the TSCS) commands and controls
telemetry transmission, processing and routing requirements for the mission.

At the systems level, three operators are involved. Two operators, one in the THS and one
in the RIS are constantly monitoring telemetry and range data respectively for quality of
data inputs. Another operator, known as the System Supervisor, is responsible for
allocation/de-allocation of all the ATS resources. He is totally aware of the system’s
capabilities and in constant communications with all console operators. The supervisor
directly interfaces with REX executing under TeleSCOPE 350™.

SCENARIO

Now that we have a better understanding of the hardware and software supporting the
various subsystems of the ATS; we shall attempt to tie it all together via a mission
scenario. This scenario is a sample of how the ATS can be utilized and must not be
construed as demonstrating its maximum capabilities. The mission scenario will be divided
into three logical periods as follows:

- Pre Mission Period
- Mission Period
- Post Mission Period



Pre Mission Period

Prior to supporting a mission, personnel in various organizations must generate the
required files of information required to configure the ATS. The Instrumentation Engineer
would normally develop the instrumentation file. This file defines the telemetry signal’s
format (i.e., PCM, 16 bits, 128 words/ frame, odd parity etc.) and where in this format
each parameter is located (ie AIRSPEED Mainframe word 6, subframe word 4). While the
test vehicle is being “wired-up” by the Instrumentation Engineer, a technician in the
calibration lab is developing the calibration file with the latest information regarding the
transducers. Calibration information can be in the form of coefficients or a table.
Concurrently, Test Engineers defines the processing and routing requirements for each
analysis program required to support the mission. When all these processing and routing
requirements are gathered, the Test Director should define the telemetry stream definition
requirements. Test Engineer will also define his display requirements via a Plot Setup File
(PSF). When the above four files are completed, they are input to TELIN and the MCF is
generated. While the MCF is being generated by test personnel, another individual,
cognizant of the configuration of the range would be defining the Range Configuration File
(RCF). The RCF defines the exact configuration of each device and its input channel
allocation into the RIS. When these three files (MCF, RCF and PSF) are generated, the
mission can be supported.

Mission Period

The System Supervisor will “sign on” to the system via his console. REX will begin
execution. The supervisor can then modify the RCF for any last minute updates. REX will,
upon command, start execution of RIP. RIP will transmit the RCF to the RIS. The RIS will
utilize the RCF to configure itself. The RIS will perform some basic diagnostics and now
data can be transmitted to TeleSCOPE 350™.

Concurrently with the RIS configuration the supervisor will inform REX to access the
MCF. The MCF will then be transmitted to the TSCS in order to configure, load, calibrate,
validate and simulate the telemetry requirements. Upon command from the TSCS, REX
will initiate transmission of telemetry data and RIP will initiate range data.

The System Supervisor will direct the real time analytical software outputs to a DAS. Data
will flow into the analysis software and out to the graphic CRT. The DAS, previously
configured with the PSF, is in constant communication with the analysis software.

Data is now flowing through the THS and RIS into TeleSCOPE 350™ and out to the
DAS. During the mission the different operators have control over the mission.



Post Mission Period

After the mission has been successfully supported by the ATS, batch processing can
proceed. The batch software routines can now operate off the data disk files generated in
realtime. Additional post mission processing can be in the form of tape playback or strip
chart recorders.

BENEFITS

The present ATS is the third that GDSC has developed. It is an outgrowth of engineering
concepts and systems developed over ten years experience of real time testing. These
systems are operational and supporting today’s sophisticated telemetry based weapon
system tests. One system is at the Grumman Flight Test Center in Calverton, New York
supporting F-14 and EF-111 testing. The A6A, EA6B and GII aircrafts were also tested
using it. Boeing Vertol fully flight tested its UTTAS helicopter on it. Our software was
also utilized to support flight testing of the MRCA for NATO.

Another operational real time system is at Edwards Air Force Base in California. It is
currently supporting F-16 testing and was utilized for B-1 testing.

Many benefits will be found by utilizing the ATS. These include:

- Safety of Mission.  The ATS will allow test personnel to continually monitor critical
parameters, in real time. Critical parameters can be raw telemetry data being checked
for high/low or delta failure. In addition, calculated data can be monitored and
compared to engineering data.

- Ability to Proceed.  The answers provided to the test engineer in one phase of the
mission gives him the ability to proceed into the next phase with a high degree of
confidence.

- Multi-discipline testing. The vast amounts of data acceptable to the system, together
with its analytical and display capabilities, allow test personnel to accomplish several
tests during a single time frame. (for example, at mission separation, the test engineer
could be monitoring and analyzing separation performance as well as engine
performance while still keeping track of the missile.

- Close loop system. The system allows the test engineer to be in complete control of
his mission via the data uplink capability of the RIS



- Optimizing Batch. The ATS will never eliminate batch processing but, if utilized
properly, it can greatly reduce the quantity and significantly increase the quality of
batch data processing.

- Computer Resource Management. The ATS is not a special real time system to
“load” prior to a mission. It is a system that supports Batch, Time Share, Remote Job
Entry and real time processing concurrently. Management does not have to be
concerned with multiple operating systems and could manage their computer
resources more efficiently.

CONCLUSION

The systems developed by GDSC have proven themselves beyond their original
expectations. They have proved their versatility by supporting the F-14, F-16, B-1 and
UTTAS helicopter. They have:

- Shortened test programs
- Extended test periods to 6-7 hours without interruptions
- Accumulated more useful answers/flight
- Saved test vehicles

By accomplishing the above four items, they have made testing of weapon systems less
costly and more productive.



Figure 1 - Telemetry Handling Subsystem



Figure 2 - TeleSCOPE 350™ Operating System



Figure 3 - Real Time Graphics Subsystem
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ABSTRACT

TeleSTREAM™, the GrummanData Systems Corporation telemetry processor, is a
hierarchically arranged combination of hardware, firmware and software which can meet
the current and future needs for real time processing of telemetry data. The basic design of
the system is highly flexible, allowing application to a wide range of user requirements
with a minimum of software changes. The logical flow of input, process, output is
accomplished by a distributed processing method utilizing three subsystems:  Front End
Controllers (FEC’s); Task Oriented Processors (TOP’s); and Output Processors (OP’s).
Multiple sources can be processed concurrently, with the FEC’s selecting specified data
words for processing. Typical telemetry processing tasks are handled by a parallel
arrangement of table driven processors (TOP’s) utilizing a combination of assembly
language and microcoded routines. Output processing routes completed buffers of data to a
variety of output devices. Additionally, setup, control, diagnostics and status servicing of
telemetry formatting equipment is performed by the OP’s. A telemetry compiler allows the
user to describe to the system the processing requirements of a particular data source and
produces the tables utilized by TeleSTREAM™ to handle the parameters.

Introduction

Grumman Data Systems has developed a general purpose processor with the aim of
meeting the present and future needs of the telemetry community. Flexibility is the key to
the design of the system, providing the capabilities of handling real-time data processing
requirements from the simplest to the most complex, for both military and commercial
applications. TeleSTREAM™ accepts multiple real-time data inputs from various sources,
processes the data as specified by the user, and outputs it to a variety of devices. In
addition, it provides a means of loading, initializing and controlling the associated systems,
and with the TELIN 2.0 Compiler, supplies a user interface to specify the system
processing requirements for each individual test.



As illustrated in Figure 1 the TeleSTREAM™ Processor can logically be thought of as
consisting of three sections:  an Input Section, a Processing Section and an Output Section.
Each section has a hardware component and a software component, both of which will be
explained in this paper. The system has been designed so that each section can be
expanded by the addition of hardware components with a minimum impact on software.
The hardware elements of each section and their capabilities will be explained first,
followed by the software components.

Input Section

The Input Section consists of the Front End Controllers (FEC), Analog-to-Digital
Converters/ Multiplexers (ADC/MUX) and the First In First Out (FIFO) Buffer System.
The FEC’s accept data from PCM or PAM decommutators, edit unneeded parameters,
append an identification word to selected parameters and pass them to the FIFO. The
ADC/MUX accepts data from FM discriminators, ID tags the data and passes it to the
FIFO. In addition both the FEC and the ADC/MUX generate a time ID at the end of each
frame of data which also is passed to the FIFO. The FIFO accepts data from both the FECs
and the ADC/MUX, appends a minor time word to each sample, merges data from all
sources into a single stream and transfers the data to the Processing Section upon request.
When the time ID denoting end-of-frame is received, the FIFO reads time from the Time
Code Translator/Generator (TCT/G) and inserts it into the data stream. Status is collected
from the decommutators and the FIFO and inserted along with the time words. The FIFO
provides for the intermediate buffering of up to 1024 data samples.

The Input Section provides the following capabilities:

• Multiple Source Handling - The FIFO is capable of accepting up to sixteen inputs. The
FECs are structured such that two sources share one FIFO input, thus allowing a total
of 32 source inputs to the system.

• Parameter Selection - Each FEC is capable of selecting up to 4096 parameters from its
input decommutator. The ADC/MUX is capable of selecting up to 128 parameters from
its input sources.

• Rate Handling and Buffering - The FEC is capable of handling an input rate of up to
250K words per second and output at the same rate. The ADC/MUX can handle up to
50K samples per second. The FIFO is capable of handling burst rates of up to 2
megawords per seond from all sources. This rate can be sustained until the FIFO buffer
is filled.



• System ID Assignment - The FEC and ADC assign a unique ID to each parameter
selected for further processing. The FEC has the capability of uniquely identifying up to
4096 parameters. In addition, both will output a unique ID for time words during the
frame sync period.

• Data Rate Buffering - The FIFO acts as a data buffer between the input section and the
processing section with the capability of storing up to 1024 words. This capability can
be expanded in increments of 1024 words up to 4096 words.

• Time Word Insertion - The FIFO interfaces to the Time Code Translator in order to
insert time words. When the ID recognition logic of the FIFO detects a time ID from
either a FEC or ADC, it inputs the time from the TCT along with the time ID tag.

• Status Gathering - The FEC will pass to the FIFO, during frame sync time, a status
word which indicates the condition of the decommutation equipment to which it is
connected. At the same time, the FIFO will insert its own status into the data stream
along with the status of the time code translator.

Processing Section

The Processing Section consists of multiple Sperry-Univac MiniComputer Operations V76
microprogrammable processors. These Task Oriented Processors (TOPs), arranged in a
parallel configuration, are each equipped with private memory and have access to a Shared
Memory. A TOP accepts data, ID and time from the FIFO for each sample and performs
all the processing; e.g., E.U. Conversion, HI-LO, and Delta Limit checks data compression
on that parameter. When all processing tasks have been completed, the data is stored in
pre-defined buffer formats in the Shared Memory.

Each TOP is configured identically and consists of the following equipment:

• V76 Processor - A general-purpose, 16-bit microprogrammable digital computer.

• Option Board - Contains I/O Bus, Power Fail/Restart Logic and Real Time Clock.

• Floating Point Processor - Performs single-precision and double-precision floating point
arithmetic operations. Direct parallel connection to CPU and memory.

• Writable Control Store - 1,024 words 190 nsec cycle time, allows user
microprogramming.



• Buffered I/O Controller - Provides an interface to the FIFO Buffer System for data
input.

• Remote Restart Option - Enables the Output Processor (OP) to stop and start the TOPs
for initialization and loading.

• Memory - Private memory with a 660 nsec cycle time.
- Access to 330 nsec shared memory.

The Shared Memory System provides memory accessible to each of the TOPs and the OP.
It provides the common ground in which the multiple TOPs can store data in common
buffers and the interface between the Processing Section and the Output Section. Memory
is divided into separate modules, each with a Memory Access Multiplexer (MAM). Each
module has two ports and is normally configured with the MAM on the A port. The
memory is of the semiconductor type with a cycle time of 330 nanoseconds. The number
of modules is application dependent, each module containing up to 64K words.

The MAM provides a means of multiplexing memory accesses from the multiple TOPs to
a single memory port. The MAM input ports provide connection for the memory data bus,
memory address bus, and memory control signals (read/write, request, hog, done).
Multiple MAM units may be configured on any processor up to the limit of its memory
addressing capabiity.

Each TOP has the capability of hogging the memory module through the MAM. Requests
to that MAM from other TOPs are locked out until the TOP whose port is active ceases to
hog the MAM. Simultaneous requests to the MAM are honored on a prioritized basis.

The Task Oriented Processors provide the following capabilities:

• Rate Handling - The processing section may be tailored to handle data at rates from
10K to 250K samples per second depending upon the processing mix required. This is
done by simply configuring with the number of Task Oriented Processors required. A
single TeleSTREAM™ can be configured with up to 15 TOPs.

• Data Processing - The TOPs are capable of performing many processing algorithms in
both assembly language and microcode. The amount of memory available can be
expanded to increase the assembly language capabilities as the Writable Control Store
can be to increase the microcode capabilities. The actual amount of memory and WCS
required is application dependent.



• Output Device Data Preparation - the data can be scaled or changed to match the
characteristics of the output devices being used.

The Output Section of the TeleSTREAM™ Processor consists of a Sperry Univac Mini
Computer Operations V76 microprogrammable processor with private memory and access
to the shared memory in which the TOPs build the data buffers. This Output Processor
(OP) directs and controls the flow of data from the shared memory to the required
peripheral devices.

The OP is configured with the following equipment:

• V76 Processor - A general-purpose, 16-bit microprogrammable digital computer.

• Option Board - Contains I/O Bus, Real-time Clock, Teletype Interface, Direct Memory
Access and Priority Memory Access.

• Writable Control Store (WCS) - 1024 words, 190 nsec cycle time allows user
microprogramming.

• Mag Tape Unit and Controller - Nine track, 800 bpi, 25 ips, single density - enables
loading of the OP from mag tape.

• Buffered Interface Controller (BIC) - Block transfer supervisor for automatic data
transfer for the mag tape.

• Priority Interrupt Module (PIM ) - for automatic storing and vectoring of eight levels of
externally generated interrupts.

• Block Transfer Controller (BTC) - For automatic data transfers between peripheral
devices and memory via the Priority Memory Access channel.

• Buffered I/O Controller - Provides control line outputs to enable the OP to control the
starting and stopping of the TOPs for initialization and reloading.

• Memory Map (MAP) - Provides automatic allocation and control for up to 256K words
of memory, giving the OP access to the private memory of the TOPs to enable the OP
to load the TOP’s memory and WCS.

• Memory - core memory with a 660 nsec cycle time.
- access to 330 msec shared memory.



The Output Processor can be configured with any number of peripheral devices depending
upon the requirements of the particular application. Typical are DAC’s Strip Charts, an
interface to a host machine, a CRT, printer plotters, etc.

The interface to the DACs and Strip Charts is accomplished through the use of a
Programmable Word Selector (PWS). The PWS makes use of the Priority Memory Access
of the V76 to fetch the data from the shared memory system. This method requires very
little processor intervention thus freeing it to handle other tasks while the transfer is taking
place.

The interface between the TeleSTREAM™ Processor and the host machine is
accomplished by the Channel to Channel Interface (CCI) which provides the capabilities
required to permit data transfer between the output processor channel and either of two
host machines.

The following operations are performed by CCI:

• Transfer of data from a host channel to the Output Processor (OP), or vice versa.

• Parity checking on transfers from the host.

• Interrupt request to the OP.

• Parity generation on transfer to the host.

• CCI status to both host and OP channels at all times.

• Data blocking and deblocking of 16-bit words from the OP into 12-bit words
compatible with the host channel, or vice versa.

• Buffering of the data transfers from the OP to the host through the use of a FIFO buffer.

The CCI has a triple interface to the Output Processor. It receives commands and status
requests over the OP I/O Bus, performs data transfers and acquires setup information over
the Priority Memory Access (PMA) Channel of the OP, and delivers interrupts over the
four PIM lines. The setup information required by the CCI is contained in a
communications area of the OP’s memory. The CCI accesses this setup information over
the PMA channel upon receipt of a command over the I/O Bus. The information acquired
includes the starting address of the buffer, the final address of the buffer and information
defining the type of buffer being transferred. The CCI uses this information to perform a 



block transfer of the buffer over the PMA interface. Various interrupts are generated by
the CCI to inform the OP of significant events.

The CCI has a dual interface to the host. It receives functions from the host over the output
cable and transfers data to the host over the input cable. Data buffering takes place in the
CCI through the use of a memory acting as a first-in-first-out buffer which allows a
temporary storage of data while the host is not available for a transfer. Up to 1024 words
can be stored in the CCI. In addition the CCI performs a blocking/deblocking function.
The V76 has a 16-bit word size while the host may be 12 bits. In this case, the CCI will
pack and unpack words such that the data can be transferred without losing significance.

The Output Processor provides the following capabilities:

• Accepting and retransmitting TELIN 2.0 loadable output files from the host machine to
applicable devices within TeleSTREAM™.

• Recognizing instructions to change modes of operation, changing timeframes and
turning on or off data flow to various peripheral devices.

• Stand-alone operations. TeleSTREAM™ can, with the appropriate peripheral devices,
operate in a totally stand-alone mode without reliance on a host machine.

• Diagnostic capability. The Output Processor can run diagnostics on all components of
the TeleSTREAM™ system.

• Set-up, loading and initialization of the telemetry front-end equipment. Through the use
of a Data Communication Multiplexer, the OP can communicate with other subsystems
for control and status purposes.

• Data transfer to a wide variety of devices.

Before going into the TeleSTREAM™ software in detail an overview of the operational
sequence and a brief description of an auxiliary system, the telemetry compile TELIN 2.0,
will be useful. TELIN 2.0 is the user interface to TeleSTREAM™. It allows a user to
describe:

• Parameters to be processed and to be edited out.

• Allocation of the telemetry front end equipment.

• Coefficients for E.U. conversion routines.



• Limit and tolerance values.

• Routing directives for the output section.

• Calibration coefficients for FM samples.

• Processing routines on a parameter by parameter basis.

TELIN 2.0 can run many variations of a mission, so that during intermaneuver time a new
set of processing and routing files (PNRs) can be loaded into TeleSTREAM™ and a new
series of parameters examined. The TELIN files are divided, therefore, into two logical
units. The first set of records contains informattion for the overall series of tests to be run
during a sample mission. These include tables defining the necessary front-end equipments
and connection lists, calibration information for the FM sources, and a load for the
programmable simulator. The PNRs contain mission-specific tables, FEC loads, and
processing and routing information for each parameter to be handled.

A test mission begins when the OP loads its core-resident operating system. This
establishes communications with the host computer over the CCI. The OP then activates
its MAP and begins loading the TOPS. This is done in pieces with each TOP receiving one
segment of its operating system before the next segment is sprayed across all of them.
Once the TOPS are loaded the CCI is opened and TELIN 2.0 files are passed to the OP.
The first part of the TELIN load, as previously mentioned, configures the front-end
equipment for calibration and is passed to the specific boxes. At this time the FM
equipment is calibrated with a canned calibrator load and the FM offsets are saved for
merging into the FM portion of PNRs. The calibrator is then disconnected and the front-
end equipment is configured for a mission.

The first PNR is now passed to the OP. The FECs are loaded with the IDS, word lengths
and sync marks. Shared memory is loaded with the tables of constants needed by the
TOPS and buffers are allotted for the processed data. TOPS tables are again individually
loaded into each TOP and after stream checkout, a method of verifying all box and TOPS
loads, the mission can begin. Now we can follow a piece of data through the system.

The FECs are designed to append an ID to a string of bits which are defined to be a
parameter. These can vary in length from 4 to 64 bits and any parameter over 16 bits,
which is the word length of the V76, is broken down into multisyllable words. All the
FECs output parallel data into the FIFO where a time word is added to form total sample
word 48-bits wide that is read by the TOPs. From the ID the TOP determines the
processing of the sample and its destination or destinations. When the sample is processed
the resultant values are placed into the appropriate data buffer in shared memory.



Next the OP ships the buffers to the specified peripheral equipment:  DACs, host,
stripcharts, etc. With this very sketchy overview in mind we can now get into the detail of
the subsystem components.

TOPS Software:  Processing Section

The TOP’s software MicroSCOPE is divided among three separate memories of the V76
processors. Each TOP has 16K of 660 ns core memory and 1K of Writable Control Store
memory (WCS) dedicated to it. The contents of these memories are identical for all TOPS.
In addition, all TOPS can access the two 8K blocks of Shared Memory (SM) through the
2 MAMs. WCS is used to process and route data samples by means of the Identification
Vector Table (IVET) which points to two other tables: the Parameter Address Table
(PAT) and the Task Assignment Table (TAT). The former contains coefficients unique to
the parameter associated with that particular ID number necessary for the processing
routines, while the latter has a list of the various tasks which must be performed on that
sample e.g., hi-lo limit check, limit check, number system conversion, and E.U.
conversion.

The ID tag which is associated with a data sample also identifies the routing of that
parameter once the processing of it is completed. This routing can include placement of the
data into any, or all, of the destination data buffers:

• The Central Site Computer Data Buffer (CSCDB)

• The Out-Of-Limits Data Buffer (OOLDB)

• The Strip Chart Data Buffer (SCDB)

• The Digital to Analog Converter Data Buffer (DACDB)

TOPS Operations

The TOPs operate in an “IDLE LOOP” configuration. That is, each TOP cycles in a wait
loop, after raising its data request to the FIFO, until there is data to be processed in the
FIFO. Whenever a data parameter is available in the FIFO, it transfers the parameter to the
highest priority TOP available which has raised its data request. Each data parameter
consists of a sample of three 16 bit words: a time word, a parameter ID, and a data value.
Each ID, associated with a specific parameter, defines the processing to be done on that
parameter.



After all of the associated tasks have been performed (including the “spraying” of the
output values to the appropriate buffers) the TOPs re-enter the IDLE LOOP.

Output Processor Software:  Output Section

The Output Processor (OP) Subsystem of TeleSTREAM™ has the responsibility for the
transfer of data buffers built by the TOPS routing messages and data to the host computer
and loading the TeleSTREAM™ software compiled by TELIN. The operating system for
the OP, the Message and Data Handling operations Universal Systems Executive
(MADHOUSE), is core resident in the 16K private memory of the V76 minicomputer
comprising the OP. MADHOUSE is stored on disc and is loaded during Set-up and
Initialization time (S/I).

Data Structures

The four types of data buffers and their shipping procedures can now be delineated.

CSCDB

The CSCDBs are arranged on a telemetry frame basis. As frame lengths vary according to
sub, and sub-sub comms, buffer size is dynamic and therefore a criterion other than length
must be utilized to determine when to ship. We have developed the following method to
handle this.

Four Central Site Computer Data Buffers are assigned to each source. This is done to
allow shipping of them on an event basis, which is not dependent on an actual
determination of completeness, but rather on the maximum certainty that they are
complete. This is best illustrated by example:

Buffer #1 is being filled by data in frame 1. As the TOPs run asynchronously, the
possibility exists that, due to the processing necessary on any given data sample, buffer #2,
from Frame #2, will begin to be filled before buffer #1 is complete.

Extending this logic, a very slight possibility of buffer #1 not being completed before
buffer #3 is begun can occur. The method used to insure completeness of buffer #1, or any
buffer awaiting shipment, is to use the n+2 Buffer Sync interrupt to initiate shipping of
buffer n.



OOLDB

The OOLDBs are shipped 1/sec, by the Real Time Clock interrupt (RTC) , to the CSC.
They are filled by the TOPs after a parameter has been out-of-limits (OOL) for a
predetermined consecutive number of occurrences. This number, the tolerance, is
individually set for each parameter for which OOL processing is specified. There are four
words per parameter:  2 descriptors and 2 words for floating point data.

Each OOL parameter is positionally placed in the OOLDB according to its ID. The first 2
words contain ID, reason codes, and time. Reason codes denote the type of out-of-limit
failure.

The time word is the minor time of the first occurrence of the condition that caused the
OOL parameter’s value to be placed into the buffer.

When a second consecutive occurrence of the OOL condition happens, the time word does
NOT change, but the new value replaces the old one. If this continues for N consecutive
samples of the parameter (N being the tolerance), this value is put into the data word and
the reason code is set. The time, reason code and data values are kept in the TOP’S tables
until tolerance is exceeded for the parameter and then are placed into one of two toggled
OOLDBs. The OP ships and zeros one OOLDB while the other is being filled.

SCDB

The Strip Chart Data Buffer is positionally arranged and toggling is not necessary as the
data in it is always the latest value. The SCDB is shipped by RTC at up to a 3 msec rate.
The buffer format is 2 words per parameter with the strip chart recorder and channel
number in Word 1, while Word 2 contains the value (0-99 in BCD) of the data.

DACB

The Digital-to-Analog Converter Data Buffer is similar to the SCDB in form and function,
with the data word being 12 bits.

ESTDB

The Equipment Status Table Data Buffer will contain the latest status of the front-end
equipment in the format of the CSCDB; word header. In addition, loss of frame sync will
also be included by source number. These buffers will be shipped 1 every 3 seconds, by
RTC interrupt, and toggled in the same manner as the OOLDB.



MADHOUSE:  The OP’s Operating System

MADHOUSE is composed of several special purpose modules, or tasks, operating under a
highly modified version of SUMCO’s VORTEX II Operating System.

MADHOUSE Executive

The executive is based on the Nucleus of VORTEX II, and is organized into the following
components:

V$FUNC - As used, contains the dispatcher (V$DISP), common interrupt handler
(V$IHD), direct-connect interrupt handler (V$DHD) and real-time-clock interrupt handler
(V$CLOK).

The dispatcher does a search of the queued task identification blocks (TIDB), locates the
highest priority task awaiting execution, loads the registers with the values stored in the
TIDB, and gives the task control of the CPU. TIDBs are acted upon by routines in
V$SERV, for the purpose of scheduling tasks, etc.

V$IHD handles Priority Interrupt Modules (PIM). This routine activates the appropriate
interrupt handling and gives control to either the dispatcher or back to the interrupted task
depending on priority level.

V$DHD - Provides for the execution of a user written interrupt handling routine. This
provides more flexibility by providing the task with the ability to set flags of its own in the
TIDB.

V$CLOK - Updates the time word in all TIDBs and removes the suspend bit when the
delay is up. The dispatcher can then resume that task if the priority is high enough.

V$IOC - Handles all I/O operations when called by a Read/ Write command. If the driver
is not busy, V$FNRM is called to set up the output and the driver is called to do the I/O
operation. If the driver is busy, the request is queued. Upon transfer complete, V$FNR is
called to update the request status and exits or initiates another queued I/O request.
V$ERR posts I/O error messages to the appropriate driver. V$BIC handles buffered
interlace controller (BIC) set-up.

V$SYTASK - Posts systems error messages. Error messages will be sent along with TMP
status messages (ESTDB) to the host computer or a CRT.



V$SERV - Handles all schedule requests. Actions include initiating a task, deactivating a
task, suspending and resuming tasks, and PIM handling routines, i.e., enable and disabling
PIM lines.

MADHOUSE Modules

• CCI Driver - Called to transfer/receive a buffer to/from the host. Uses the BTC to
transfer blocks at a time.

• Equipment Status Buffer Handler - Called to initiate the transfer of an Equipment status
buffer from the OP. There will be two buffers contained in the OP’s shared memory,
only one of which will be accessed by any TOP at any given time. This routine will
interchange the pointer to the two buffers so that the TOPs will start filling the empty
buffer when the full buffer is ready to be transferred.

• Checksum - Used to verify TOP’s loads received from the host.

• Initialization - Sets up DACs and S/Cs and new communications area for entering into
a new mode (e.g., run, setup, calibration).

• Buffer Header Interpreter - Interprets buffer header of all received buffers and initiates
passing buffer to appropriate device or initiates execution of request after verifying that
the request is valid.

• Idle Loop - This routine scans shared memory for data buffers to be shipped to the host
in run mode. IDLE also checks for imminent data overruns and disables all interrupts
and the real-time clock until the OP catches up.

• OOL Buffer Handler - This routine will be called by RTC to handle OOL data buffers.
There will be two OOL buffers in the OP’s shared memory, only one of which will be
accessed by any TOP at any given time. This handler will interchange the pointers to
the two buffers so that the TOPs will start filling the empty buffer, and the full buffer is
ready to be transferred to the CSC. The handler then sets up to pass buffer, using the
CCI, and then schedules the CCI driver.

• PWS Driver - This routine will be called by PWS Handler to initate the transfer of
control commands and/or data buffers to the PWS via use of the BTC.

• PWS Handler - This routine, scheduled by the RTC, is used to initiate the shipping of
DAC and/or S/C data buffers.



Expandability

TeleSTREAM™ has been designed to be inherently flexible and expandable. Each of the
three sections is arranged such that the addition of equipment is easily accomplished with
little impact on software. This feature makes it possible to tailor the configuration directly
to the present needs and yet have the capability to increase system capacity to meet
expanding future requirements.

The input section can accept a single input or as many as thirty-two inputs. The FIFO can
buffer as few as 1024 words or as many as 4096. The FIFO can output to a single TOP or
to as many as 15. The system is not limited to the types of inputs outlined in this paper.
With the addition of the appropriate front-end equipment to format the data, almost any
type of data can be accommodated.

The processing section can consist of a single TOP or as many as 15 to accommodate a
wide range of data processing requirements. Private memory, shared memory and
Writeable Control Store can each be varied in size from a basic single block (8K for
memories, 512 words for WCS) to multiple blocks (up to 64K for memories and 4096
words for WCS). By adding a memory mapping feature to the TOPs, even greater memory
sizes can be handled. New processing algorithms can be produced to add to the system
capabilities.

The output section offers the widest range of flexibility in the system. The first area is that
of peripheral devices for data display purposes. DACS, Strip Charts, printer plotters,
CRTs, and graphics units can all be accommodated. Tapes and discs can be supplied for
data storage purposes. Using the Channel to Channel Interface and variations thereof, a
wide range of host machines may be interfaced to TeleSTREAM™. In systems where the
number of output devices required is high, or the data rates to be transferred are great, an
additional Output Processor can be added, thus splitting the work load. The setup, loading,
initialization and statusing functions can be moved to still another processor to further
offload the Output Processor.

Summary

The TeleSTREAM™ processor, then, gives users the hardware and software flexibility to
meet their current and future needs. Its basic design allows a wide range of applications
with a minimum of software changes. Parallel processing enables TeleSTREAM™ to
handle high rates of data input with ease, and the structure of the input, output, and
processing sections gives flexibility and modularity to the entire system.



Figure 1   TeleSTREAM™ Processor Base Configuration 
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ABSTRACT

The TDRSS performance is based, to a large extent, on the ability to maintain phase
coherency between user, satellite, and ground segment. This is especially true for the MA
return subsystem, which uses coherent referencing for multiplexing and demultiplexing
between the TDRS and ground processor. Phase noise appearing on these referencing
waveforms destroy the phase coherency, and will degrade the overall MA return operation.
In this paper the manner in which this phase referencing is achieved is described. In
addition, the results of a preliminary study to distinguish the key MA return phase noise
sources, and the manner in which each will ultimately influence performance, is presented.
The results show that the return phase noise effects can be separated into “coherent” and
“noncoherent” contributions, and each must be separately evaluated. The effect of the
various tracking loop bandwidths throughout the link is shown, and the manner in which
the specific phase noise spectra are eventually filtered is developed.

INTRODUCTION

The communication subsystem of the TDRS is a complex system of interconnected
tracking loops in which mutual phase coherence between remote oscillators is to be
maintained. This means that phase noise and jitter on any oscillator or carrier waveform is
propagated throughout the entire system, and the effect of any phase noise source appears
in many system locations. This is especially true of the MA return subsystem, where phase
coherency between the TDRS and ground segment is required in order to decode and track
the MA user carrier waveforms. This is due to the fact that the MA return from the TDRS
multiplexes the user carrier into parallel links, which are phase controlled for beam
forming at the ground segment prior to demultiplexing and subsequent data processing.
The phase coherency is achieved by returning a reference pilot tone used to multiplex to
the ground segment for demultiplexing. This reference is obtained by coherently turning
around the TDRS pilot as a carrier for the return telemetry, in addition to providing the



necessary demultiplexing referencing. Phase noise on these referencing waveforms
degrade the multiplexing-demultiplexing operation.

In this paper phase noise sources are identified, and the manner in which they generate
telemetry return carrier phase noise and eventually effect the MA demultiplexing is
described. It is shown that the coherent and noncoherent phase noise sources associated
with the forward links differ from the coherent and noncoherent sources of the MA return.
In addition it is found that measurements of the phase noise on the telemetry return carrier
at the TDRS do not directly reflect the eventual MA link phase noise at the ground
receiver.

The MA return subsystem requires multiplexing at the TDRS of an S-band MA user
carrier into 30 separate return links. At the ground segment there links are demultiplexed
into a single reconstructed user carrier at 160 MHZ, from which data decoding and
doppler tracking ensues. The multiplexing at the TDRS is performed from a mixing
generator using frequencies from a spacecraft master frequency generator (MFG) driven
by a pilot tone reference. The demultiplexing on the ground is performed by a ground
MFG that must be phase referenced to the TDRS. (This is due to the fact that the 30 links
must be accurately phase adjusted prior to recombination.) This phase referencing is
achieved by driving the demultiplexer with a telemetry return carrier from the TDRS that is
theoretically phase coherent with the TDRS pilot tone. This telemetry carrier is generated
at the TDRS by coherently truning around the forward pilot, after mixing with the
command and TT&C forward carrier. Any phase noise or extraneous phase shifts that
destroy the phase coherency between the forward pilot tone and the return telemetry
carrier will deteriorate the reconstruction of the 160 MHZ MA carrier.

To analyze the phase noise problem we consider the simplified system diagram in
Figure 1. The ground station DTFS is driven by the 5 MHZ Cesium reference and provides
the forward pilot (15150 MHZ) and command carrier (14786 MHZ), along with all the
user forward carriers (not shown). The pilot sent to the TDRS is separated in the forward
processor, phase tracked and recovered, and used to drive the onboard master frequency
generator (MFG). The MFG generates the local oscillator frequencies for all TDRS
frequency mixing. In addition the MFG generates a 30 MHZ reference that drives the
multiple access frequency generator (MAFG) used for the multiplexing of the MA return
carrier. The latter is multiplexed into the 30 beam forming channels for the TDRS MA
return link. An MFG frequency is also used to mix the forward command carrier to S-band
to derive the TT&C input carrier. In the TT&C subsystem this carrier is coherently
extracted and used for the telemetry return frequency (13731 MHZ). This telemetry carrier
is returned to the ground segment for demodulation, and in addition is used to provide a
phase coherent frequency reference for the MA demultiplexing. This is accomplished at
the ground segment by phase tracking the return telemetry carrier, and using the recovered



reference to drive a ground segment MA element separator. The latter provides the mixing
frequencies for demultiplexing the 30 MA links, which are eventually recombined into the
MA carrier at 160 MHZ. Since the 30 links must be accurately phase controlled prior to
recombining, phase noise introduced during multiplexing and demultiplexing degrades the
reconstructed MA carrier. In the analysis here we are primarily concerned with the phase
noise introduced by the DTFS and TDRS payload. In Figure 1, Q1i,Q2i , i = 1, 2,...,30,
represent the frequency and phase multipliers providing the proper mixing frequencies for
separating and recombining the 30 MA links.

The equivalent phase noise diagram of the system in Figure 1 is shown in Figure 2.
Significant phase noise sources are depicted as noise inputs, and the manner in which an
input phase variation affects a carrier waveform at a particular point in the system is
obtained from the transfer function along the path from source input to that point. Phase
noise sources along a common line have been lumped into a single source. The primary
phase noise sources shown in Figure 2 are:

(1) o/ r, the cesium standard phase noise. This is often referred to as the coherent forward
phase noise component, since it appears simultaneously on all carriers generated from
the DTFS.

(2) o/ p, the pilot reference frequency (20 MHZ) phase noise, excluding the contribution
from the coherent cesium standard. This is referred to as the pilot noncoherent phase
noise, since it is independent of all other carriers. This includes any DTFS
noncoherent noise, any thermal phase noise of the pilot link, and any phase noise
inserted by the pilot tracking loop itself.

(3) o/ c, the command forward phase noise at the TDRS, excluding that due to the cesium
standard. This represents the noncoherent component of the command carrier, and is
primarily due to the noncoherent contribution from the DTFS and any TDRS thermal
noise.

(4) o/ m , the phase noise inserted by the MFG on the telemetry carrier at the TDRS. This
represents the additional phase noise inserted during the frequency multiplications (K1

and K2) of the 20 MHZ pilot reference within the MFG.

(5) o/ T, the TT&C phase noise. This accounts for the phase noise added to the telemetry
carrier by the TT&C subsystem at its output to that which would exist due to its input
(2036 MHZ) carrier alone.

(6) o/ Q, the MAFG phase noise added to the 30 MA links during multiplexing (Q1i). A
similar ground segment contribution should be inserted at the demultiplexer (Q2i) but
is excluded in the present model.



Each of the above phase noise sources is describeable by its one sided phase noise
spectrum S(f), where f is the frequency measured from the carrier frequency. The
particular phase effects of interests here are (1) the total phase noise that will be inserted
on the downlink telemetry by the TDRS, (2) the resulting phase noise that the ground
referencing system will superimpose on any of the MA return links due to this telemetry
noise, (3) the resulting difference in phase between any two MA links. This differential
phase noise determines the ability to reconstruct the MA carrier at 160 MH Z.

In analyzing the effect of each of these sources it is evident from Figure 2 that:

(a) The cesium reference (forward coherent) and the pilot link forward noncoherent
phase noise produce return MA phase noise that is common to both the TDRS
multiplexing operation and the ground station demultiplexing operation. This common
phase noise propagates along two separate paths (return MA links and return
telemetry carrier) and combines on the resultant reconstructed MA carrier. Hence the
cesium reference and the pilot forward noncoherent phase noise produce phase noise
that is “coherent” in the return link. Since coherent phase noise is common to two
separate paths, it has the theoretical capability of possibly being reduced or cancelled
after MA reconstruction. Note however that each of these return coherent sources
follow distinctly different paths during their propagation, and must therefore be
examined separately.

(b) The forward noncoherent phase noise of the command link the TDRS MFG phase
noise, and the TT&C phase are uncommon to the multiplexing and demultiplexing
operation, appearing only on the telemetry carrier. Hence these sources produces the
return “noncoherent noise” of the telemetry carrier.

(c) The forward pilot-command phase noncoherency does not automatically generate the
return noncoherency. The pilot link noncoherent noise is part of the return coherent
component, while the forward command noncoherent phase noise contributes directly
to the return noncoherency. Hence the degree of noncoherency of the forward pilot
and command carriers is secondary, as far as return phase noise is concerned. Of
more importance, is the relative amounts of noncoherency produced individually by
the pilot and command links.

Other sources of return noncoherent phase noise are generated within the MFG
multiplexer telemetry carrier recovery subsystem in the ground. Margin must be
provided for their contribution.

 



Figure 1.   MA Phase Referencing System



Figure 2.   Equivalent Phase Noise Diagram
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SUMMARY

The subcarrier phase recovery is analyzed for the bent-pipe mode of Space Shuttle
detached-payload data transmission on the Tracking and Data Relay Satellite System
(TDRSS) Ku-band return link. The high-power component of the subcarrier modulation is
unrestored payload data, either at baseband or modulating another subcarrier. At the
receiver a Costas loop recovers the subcarrier phase. To analyze its performance in the
baseband case, we obtain the loop S-curve, the power spectral density of the equivalent
noise process, and the loop phase error variance.

INTRODUCTION

In the bent-pipe mode of Shuttle detached payload data transmission, the data are not
detected at the Shuttle receiver. They go through the Shuttle repeater, where they are low-
pass filtered and hard-limited. Then they are modulated onto the high-power component of
the 8.5 MHz subcarrier (Reference 1). This is shown in Figure 1.

For the analysis of the 8.5 MHz subcarrier recovery, we may assume that the carrier
has been recovered perfectly. This leads to the link model of Figure 2.

We wish to characterize the phase recovery performance of the Costas loop. The theory
is developed in the case of baseband data for an arbitrary signal format at the Shuttle
repeater output. The results are then applied to two different implementations for the
Shuttle repeater:  a hard-limiter preceded by a wide low-pass filter which does not affect
the data signal and an arbitrary low-pass filter without hard-limiter.



COSTAS LOOP MODEL (Following Reference 2)

The input signal to the Costas loop can be written

(1)
for some random processes a(t) and b(t) , where M(t) /T2t+2 and 2 is the input phase to
be estimated. Let M(t) be the loop estimate of  M(t). In the upper arm of the loop, w(t) is

multiplied by %2&K& 1& cos M̂(t), in the lower arm by  %2&K& 1& sin M̂(t). The multiplier units
have gain %K&m& and are insensitive to the double-frequency terms. Each output passes
through a filter corresponding to G(p), where p is the Heaviside operator, thus yielding the
upper-arm signal zc(t) and the lower-arm signal zs(t).

(2)

(3)

where n(t) / M(t)-M̂(t) is the loop phase error. The two signals are multiplied together,
with unit gain, to produce the dynamic error signal

z(t) = z c(t)zs (4)
The instantaneous frequency of the VCO output is related to z(t) by

(5)

where KY is a gain constant. Hence, the stochastic integro-differential equation of
operation of the loop is

(6)

Conditioned on n, z(t) can be partitioned into a nonrandom part and a zero-mean random
process:

(7)

where
(8)

This allows us to rewrite Equation (6) as

(9)

This equation describes a non-Markovian diffusion process. However, under suitable
conditions (in particular, if the process nz(t,n) is considerably faster than the process n(t))



it can be approximated by a Markov process and Fokker-Planck techniques can be applied
to characterize the stationary distribution of the modulo-B reduced phase noise process as
well as the cycle-slipping rate. For this analysis the S-curve S(n) and the statistics of the
equivalent-noise process nz(t,n) are needed.

COSTAS LOOP S-CURVE

We first obtain the input signal to the H(p) filter. We will denote a narrowband signal
a(t) with center frequency T2 by

(10)

where a'(t) is the baseband equivalent to a(t). Defining the payload signal as

(11)
where y(t) is normalized such that E{y2(t)} = 1, we find

(12)
For the low-power signal we have

(13)

Now we consider the noise u(t), a narrowband Gaussian process with center frequency T2.

(14)

The spectral density of u(t) is

(15)
for some real function Su(f), where f2 = T2 /(2B). We define

(16)

(17)
ik

We assume that Su,(f) is symmetric. Then letting Ru be the inverse Fourier transform of Su,
we have

(18)



We assume that the H'(p) filter is conjugate-symmetric, so that H'(p)u1(t) and H'(p)u2(t)
are real-valued processes.

Now we go into the Costas loop. In the upper arm the input signal is multiplied by
%2&K&&1 K&m&cos(T2t-n) and the double-frequency terms are dropped. The same result is
obtained if the baseband equivalent of the signal is multiplied by %K&&1 K&m&ejn and the real
part is taken. In the lower arm of the loop, the input signal is multiplied by
%2&K&&1 K&m&cos(T2t-n) and the double-frequency terms are dropped. This is the same as
multiplying the basehand equivalent -%K&&1 K&m&ejn and taking the imaginary part.

Since zc and zs are each linear functions of the input, we may write

(19)

(20)

where, for example, zc(t;si) is zc(t) when the loop input is just H(p)si(t). We introduce the
notation

(21)
for any signal a(t). Let C=K1Km. Then we have

(22)

(23)

(24)

(25)

(26)

(27)



Now we can calculate S(n).

(28)

where we have used the assumptions that si and sq and u are independent and zero-mean
and that u1 and u2 are independent and identically distributed.

SPECTRAL DENSITY OF THE EQUIVALENT NOISE

Now we will obtain the spectral density of z for fixed n. We have

(29)

so

(30)

where we have used the fact that

(31)

The power spectral density evaluated at 0, written Sz(0*n), is then the integral over all J of
Rz(J*n). We use the estimate that Sz (f*n) = Sz(0*n) for f near 0.



NONLINEAR COSTAS LOOP THEORY

We are now in a position to investigate the Costas loop performance. To keep the
notation manageable we will develop the theory for a first-order loop only.

The equation of loop operation (9) can be rewritten for a first-order loop as

(32)
where nz(t) is a unit-variance zero-mean random process. Approximating nz(t) by a delta-
correlated Gaussian process the above equation can be rewritten as a diffusion equation

(33)

where W(t) is a Brownian motion process. Introducing the notation

(34)

(35)

the diffusion equation takes the form

(36)
and we may use the standard techniques to characterize the stationary behavior of n. In
particular, the p.d.f. of N, the modulo-B reduced phase error, is given by

(37)

where

(38)

C is a normalization constant and J describes the average rate of cycle slips N+-N-. In the
absence of loop stress the density function is therefore

(39)
K 2 (07



VARIANCE OF LOOP PHASE ERROR

From Reference 3 we have for loop phase error n,

(40)

where N0'/2 = Sz(f=0*n=0) and BL is the loop bandwidth, when the bandwidth of the
equivalent noise is much wider than BL. It can be shown that R2Sz(0*0) does not depend on
R2 but only on R1/R2 if the bandwidth of the G(f)H'(f) filter is taken as a multiple of R2,
where Ri is the data rate for channel i, i=1,2. We find that

(41)

HARD-LIMITING SHUTTLE REPEATER

The hard-limiting repeater implementation is illustrated in Figure 3a.

Assume that signal + noise before and after the hard-limiter are, respectively,

(42)
From Reference 4 we obtain the correlation function of y(t),

(43)

where F2
n = Rn(0), Hek is the kth Hermite polynomial,

(44)



(45)

with T2 = 1/R2.              has the same form as the biphase case of         (J). The data rates
are R1 = 192 Kbps and R2 in the range 16 Kbps to 2 Mbps (Reference 1). We can now
obtain S(n). The power spectral density at 0 is difficult to calculate in general, but when
G(p)H'(p) is identity it has the simple form below.

(46)

LINEAR SHUTTLE REPEATER

Now consider the case where the hard-limiter is not used and M(p) is general,
illustrated in Figure 3b. Then before and after the LPF we have, respectively,

(47)

where
(48)

and we have scaled y(t) so that E[y2(t)] = 1. Then

(49)

(50)

             and         (J) are as specified in the previous section. We can now obtain S(n). To
calculate Sz (0*n) we need statistics of       .

(51)



To obtain                                            , we note that

(52)

where ci =  %&P or -%&P each with probability 1/2 and q(t) is the response of the
G(p)H'(p)M(p) filter to a pulse (NRZ or biphase) of duration T2 and absolute height 1.

(53)

(54) 

where <·> denotes the average over any time interval of length T. A similar expression
holds for              , with q(t) replaced by the response of the G(p)H'(p) filter to a biphase

pulse of duration T1.

(55)

NUMERICAL RESULTS

Figures 4 through 9 are plots of the S-curve amplitude and of loop phase-error variance
for both Shuttle repeaters studied, in the case where channel-2 data has NRZ format. Three
different R2 values are used. Specifically, Figures 4, 5 and 6 are plots of



and Figures 7, 8 and 9 are plots of

The values of R2 are 2000, 192 and 16 Kbps, and R1 = 192 Kbps. The quantities are
plotted as functions of repeater-input Eb/N0. Individual curves correspond to different
values of the bandwidth, in units of R2, of the combined LPF G(f)H'(f). Following are the
assumptions made in obtaining the curves. The G(f)H'(f) filter is a one-pole Butterworth
filter. In the case of HL repeater, the spectrum of the repeater input noise is rectangular
with a bandwidth of 1.5 R2. In the case of LPF repeater, the input white noise and signal
are both filtered by a four-pole Butterworth filter of bandwidth 1.5 R2. In both cases,
P1/P2 = .25. Additionally for the variance curves, Eb/N0 = 10 dB for the si and u processes
and the spectrum of u is flat over its bandwidth.

CONCLUSIONS

The LPF Shuttle repeater is better than the HL repeater in that the S-curves of the
former are flatter and at a higher level and the phase-error variance curves are flatter and at
a lower level than the curves for the latter repeater. The curves for the case where
channel-2 data is biphase format (not shown) make the HL repeater look even somewhat
worse compared to the LPF repeater than Figures 4-9 show it to be for the NRZ case.
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Figure 1.  Three-Channel Transmitter in Bent-Pipe Mode.

Figure 2.  Simplified Link Diagram.



Figure 3.  Two Shuttle Repeater Implementations Studied.

Figure 4.  Sa for R2 = 2000 Kbps, Channel 2 NRZ.

Figure 5.  Sa for R2 = 192 Kbps, Channel 2 NRZ.



Figure 6.  Sa for R2 = 16 Kbps, Channel 2 NRZ.

Figure 7.  Fn
2/(BL/R2) for R2= 2000Kbps, Channel 2

NRZ, Eb/N0=10 dB for si and u.



Figure 8.  Fn
2/(BL/R2) for R2=192 Kbps, Channel 2

NRZ, Eb/N0= 10dB for si and u.

Figure 9.   Fn
2/(BL/R2) for R 2= 16 Kbps, Channel 2

NRZ, Eb/N0=10 dB for si and u.
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SUMMARY

The Tracking and Data Relay Satellite System (TDRSS) relays signals to and from ground
terminal and user satellites. No signal processing is done on the satellite and as many
functions as possible have been removed from the satellite and implemented in the ground
terminal. The multiple access (MA) users serviced by the S-Band thirty element phased
array on the satellite require the capability to form up to twenty simultaneous tracking
antenna beams by phase and amplitude weighting the individual antenna elements in the
ground terminal. Frequency division multiplexing is used to transmit the 30 antenna
elements to the ground for beamforming. Phase and amplitude uncertainties build up over
time between the antenna elements and the beam processing on the ground. To optimize
and maintain required performance, a calibration technique is required to estimate the
channel weight correction table for the MA return link.

TDRSS TELECOMMUNICATIONS MA RETURN OVERVIEW

The TDRS communication subsystem operates in the bentpipe or repeater mode for all
forward and return link signals. The ground terminal processes all user satellite
communications and tracking data. It also performs all TDRS control functions not



adversely affected by transmission time delay, including mode control of satellite repeater
channels, gain controls, power levels, redundancy switching, antenna pointing,
autotracking, and acquisition search.

The telecommunications system provides three types of user satellite support services:
Multiple access (MA), S-band single access (SSA), and K-band single access (KSA) as
shown in Figure 1. The SSA services may be used to support Shuttle spacecraft using
Shuttle-unique modulation parameters. MA service provides almost full-time tracking and
telemetry coverage of up to 20 simultaneous users with telemetry rates between 1000 bps
and 50 kbps. SSA service provides simultaneous coverage of two users per TDRS with
telemetry rates between 1 kbps and 12 Mbps. As many as six simultaneous SSA users can
be handled with the two operational TDRSS plus the in-orbit spare. The TDRSS is fully
operational with two TDRSS. KSA service also provides simultaneous coverage of two
users per TDRS with telemetry rates between 1 kbps and 300 Mbps. The in-orbit spare
also supports a fourth Advanced WESTAR spacecraft.

The TDRSS will provide the capability for 20 MA return link services, with each TDRS
(including the in-orbit spare) capable of supporting all 20 MA return links. MA return link
service will be dedicated to a user and can provide support for the entire portion of the
user’s orbit which is visible to at least one of the two operational satellites. All MA users
will operate at the same frequency and polarization, and will be discriminated by unique
PN codes and antenna beam pointing. MA service is provided by a ground implemented
phase-array antenna consisting of 30 elements. All 30 elements are used to form the
receive array. Signals from the user satellites are received by the 30 receive elements of
thp TDRS MA antenna. Each element feeds a low-noise transistor preamplifier through a
coaxial line. The preamplified output of each element is downconverted and bandpass
filtered at one of six IF frequencies. There are five groups of six different IF intermediate
frequencies. Each channel is filtered at the first IF and each group of six signals is
frequency division multiplex combined. The groups are translated to five different second
intermediate frequencies by five different local oscillators. The five groups are then
combined to produce the 30-channel FDM composite signal. This signal is routed into the
return processor, and combined with other return signals and TDRS telemetry into a FDM
composite return signal.

After the composite return signal is received by the ground terminal, the FDM MA signal
is separated. The signals from each antenna element are demultiplexed by frequency
translating each signal to a common IF frequency and bandpass filtering.

The demultiplexed MA signals from the 30 elements are next distributed to 20 sets of
beamforming equipment, one for each user satellite. Since there are three TDRSs in orbit. 



there are three groups of 30 signals each. Each set of beam forming equipment can select
one of the TDRSs by selecting one of these groups.

The output of the beam-forming equipment consists of the MA user spread spectrum signal
plus whatever noise and interference the beam-forming equipment was unable to reject.
This signal is made narrowband by PN correlation, and most of the remaining interference
and noise are filtered out prior to data detection. The PN code tracking receiver modulates
input signal, noise, and interference with a synchronized version of the MA user code. The
code is removed from the user signal, and any narrowband interference is modulated and
spectrum spread. Interference from receiver or thermal noise is already broadband. The
resulting narrowband MA user signal is then demodulated by a Costas-loop phase tracking
receiver. The MA return link requires an Eb/No of 4.6 dB for rate one-half, radix seven,
convolutionally encoded data at 10-5 bit error probability. The demodulated user signal
from the PN code tracking receiver is time and level quantized by a soft-decision bit
synchronizer. Data is extracted by a Viterbi algorithm error correction decoder and output
to the proper NASCOM interface.

An MA user must use convolutional coding for all return link data. An MA user supported
by MA return link service may utilize data group DG 1, Modes 1 and 2, signal designs.
The maximum return link data rate for Mode 1 and 2 service is 50 kb/sec. Staggered
Quadriphase PN (SQPN) modulation is used for DG1 Modes 1 and 2. With this feature,
the spectral characteristics out of a saturated power amplifier will to a great degree retain
the spectral characteristics of the band-limited input signal.

The DG1 signal parameters are subdivided into two modes of operation which are
distinguished as follows for the MA return link:

(1)  Mode 1 is used when two-way range and Doppler measurements are required. The PN
code length is identical to and time-synchronized with the forward link PN code received
from TDRS. Return link acquisition for Mode 1 is possible only when the forward link
from TDRS is present and the PN code and carrier transmitted by the user is coherently
related to the forward link from TDRS. However, once the return link is established in
Mode 1, synchronization to the forward link is required for two-way range and Doppler
tracking only.

(2)  Mode 2 is used when return link acquisition is desired without the requirement for
prior forward link acquisition. This mode of operation assumes that the user spacecraft can
radiate sufficient EIRP in the direction of TDRS to support its return link data rate.

The MA return link margin is 0.0 dB after all degradations, including noise and
interference, are considered. Two types of interference have been evaluated. Interference



degradation has been calculated for a 50 dBw interferer located on a 25 dB null with
respect to the user. Also self-interference produced by the other MA users has been
calculated assuming the specified interference environment. The larger of the two
interference degradation values, which is that due to the 50 dBw interferer, has been used
to compute the MA system margin. The antenna noise used to derive the TDRS G/T is the
noise which will be seen by the formed beam when it is pointed into space at edge of
coverage. This results in the worst case G/T, for when the formed beam is pointed at earth,
the increased antenna noise temperature is more than offset by the increase in antenna
gain. The combiner gain used corresponds to a minimum of 20 and maximum of 30
elements.

THEORY OF BEAMFORMING

Pointing of each of the 20 formed user beams is accomplished by computing compex
weight values for each of the 30 element channel signals from the selected TDRS. Weight
values are based on (1) predicted line-of-sight direction from the TDRSto the user satellite
as known from ephemerides and (2) the antenna element coordinates as known from the
phased array element geometry on the TDRS. Open-loop beamforming calculations are
computed every 20 seconds for each user channel to compensate for user satellite motion
relative to the TDRS.

Given the line-of-sight direction from the TDRS to the user satellite in terms of a pointing
vector of unity magnitude

the RF phase of the received user signal at the i th antenna element is

(2)

where Xi, Yi, and Zi are the cartesian coordinates of the i th element in the same coordinate
system as the pointing vector, 8 is the wavelength of the received signal in the same units
as the antenna coordinates, and 1i is the RF phase in radians of the i th element channel
signal relative to a hypothetical antenna located at the origin of the coordinate system (See
Figure 2) [1]. The received user signal at the array of 30 elements can be denoted as a
complex column vector > whose i th entry, >i is the phase and amplitude of the received
user satellite signal at the i th antenna element. > is called the signal correlation vector.

Consider the i th antenna element channel with a bandlimited zero mean stationary thermal
noise process, Ni(t), and user signal >i. The thermal noise at the array of 30 elements can
be expressed in terms of a thermal noise convariance matrix, NT whose entry in the i th



row and j th column is E[Ni(t)Nj*(t)]. Using this notation, the theoretical complex weight
vector for open-loop beamforming o a single user satellite is

(3)

where W is the vector of complex weights and $ is an arbitrary complex constant [2]. In
practice, the thermal noise in different element channels is generated from noncoherent
noise sources and internal channel mechanisms. Adjacent channel thermal noise processes
are therefore uncorrelated and the noise convariance matrix reduces to a diagonal matrix
whose i th entry along the diagonal is the thermal noise power in the i th element channel.

The MA service also has the requirement to form a single null upon request for any of the
20 user channels. Based on a designated earth-fixed location, the theoretical complex
weights are

(4)

where

(5)

The complex vector D describes the location of the single null and is analogous to > for the
user satellite [3]. The real parameter, a, determines the degree of null depth required.

In practice, there is no capability within the MA return link to directly compute the thermal
noise convariance matrix of the 30 antenna element channels. As will be described later,
this is handled by the weight correction tables.

RETURN CHANNEL CALIBRATION REQUIREMENT

Open-loop beamforming of the MA return channel requires knowing the phase and
amplitude of the user satellite signal at the antennas on the TDRS. Equally important is
knowledge of the phase and amplitude of the user satellite signal at the input to the
beamforming equipment in the ground terminal. Since the MA return link introduces phase
shifts and amplitude changes in each of the 30 element channels between the antennas on
the spacecraft and the beamforming equipment on the ground, open-loop beamforming
requires a method for determining phase and amplitude offsets in the MA return link.

The principal cause of degradation in array performance is differential phase and amplitude
errors which accumulate in the 30 element channels of the return link over time and a
changing environment. Phase and amplitude coherence of the 30 element channels is



therefore essential to optimal open-loop performance. All reference frequencies for up and
down-conversion are coherently related and derived from a pilot tone generated by a
cesium frequency standard in the ground terminal, and transmitted to the spacecraft. In the
spacecraft, the pilot tone is extracted from the forward processor and applied to a phase-
locked demodulator in the master frequency generator. A 30-MHz frequency derived from
the phase-locked demodulator provides the reference for synthesis of all TDRS oscillator
frequencies. In addition to providing most of the local oscillators directly, the master
frequency generator provides a reference frequency to a separate MA frequency generator,
which generates the frequencies used to multiplex the 30 multiple access return channels.
Nevertheless, slowly varying phase and amplitude drifts are inherent in the 30 element
channels of the MA return link due to temperature cycling and aging on the TDRS and in
the ground station processing equipment, spacecraft and ground frequency multiplexer
phase drifts, and ionosperic phase dispersion in the K-band downlink. Consequently, a
method of calibration is required to compensate for phase and amplitude offsets which
occur between the antennas on the spacecraft and the beamforming equipment on the
ground and to maintain open-loop pointing capability of the MA return link. Maintaining
open-loop pointing of the return link is satisfied when the allocated degradations are met.

The concept of MA return calibration is depicted in Figure 3. Phase and amplitude of the
30 element - channel signals at the input to the beamforming equipment, ( are measured
during reception of a known MA return signal; phase and amplitude of the 30 element -
channel signals at the antennas, > , are known by geometry. Based on these two complex
vectors, an estimate of the system’s effect on phase and amplitude in each of the 30
element channels from the antennas on the TDRS to the beamforming equipment on the
ground can be determined. That is, mathematically, the MA return link is modeled as a
spatially independent diagonal matrix, D, that transforms > at the antennas on the TDRS to
( at the input to the beamforming on the ground according to the rule

(6)
Thus, during open-loop pointing of the MA return link, one can predict the phase and
amplitude of a user satellite signal in each of the 30 element channels at the input to the
beamforming equipment and the corresponding weights necessary to point the beam from
knowledge of the system matrix and the signal correlation vector at the TDRS.

The MA return link is required to support a single user beam; the array gain in the
direction of the user satellite has a maximum link budget degradation of 0.5 dB. In
addition, the antenna may be required to support a single user beam and a single out-of-
beam earth fixed null at a null depth of 25 dB; the signal-to-interference ratio of the array
has a link budget degradation of 0.8 dB. An analysis of the statistical properties of the
signal-to-noise ratio of the 30 element MA array antenna [4] led to an overall system 



requirement of 10 equivalent degrees rms error for both phase and amplitude drifts in each
of the 30 element channels.

The effective system rms error, Fx , represents the maximum allowable rms phase and
amplitude error per element channel in equivalent degrees that can be tolerated by the
open-loop MA system. This requirement has been broken down into differential phase and
amplitude error allocations between any two element channels for the ground station,
weight quantization, weight errors, instrumentation error, ionospheric phase dispersion and
the TDRS payload as outlined in Figure 4. The resulting allocations for element channel-
to-channel phase and amplitude errors for the ground station, weight quantization, and
weight errors require the ground station to maintain these stability requirements for a
period of at least 4 hours. Allocations for the TDRS payload must be maintained for a
period of at least 18 minutes - with a design goal of 30 minutes.

Based on the degradation expected and their allocations, calibration of the MA return link
to update an estimate of the system matrix, D, will be required every 18 to 30 minutes in
order to maintain open-loop MA system performance requirements. In addition to the
requirement for differential amplitude stability between any two element signals as
discussed above, there is an upper bound on the maximum amplitude difference between
any two element signals that the MA return system can tolerate. The difference in gain
between any two MA return element channels should not exceed 8 dB within the payload
over all operating environments. This specification is a consequence of dynamic range
limitations in the weighters of the beamforminc equipment on the ground as illustrated in
Figure 5.

IV.  CALIBRATION TECHNIQUE

Periodic calibration of the MA return link is accomplished on the ground by a closed-loop
adaptive control algorithm that adjusts weight values to maximize signal-to-noise ratio of
the combined user channel signal at the output of the beamforming equipment. Estimates
of the phase and amplitude of the 30 element-channel signals are then sent to the automatic
data processing equipment where they are compared with the line-of-sight prediction to
estimate the system matrix, D.

The MA calibrator employs a gradient algorithm that assumes control of the weighters and
searches for the optimum SNR by means of small steps, or weight changes, in the direction
of the estimated gradient (see Figure 6). Solving for and implementation of the weights
which optimize SNR allows the calibrator to then extract the desired signal’s relative
phase and amplitude in each of the 30 element channels. Calibration of the MA return link
requires the use of any one of the 20 user channels and the reception of a calibration signal
for a period of 1 minute with another minute for signal processing. The calibration signal is



identified by its unique PN spread spectrum code. The calibrator provides the estimate of
the signal’s correlation vector at the input to the beamforming equipment to within a link
budget degradation of 0.1 dB. [5,6]

The MA calibrator must provide the ground processing equipment with an estimate of the
signals correlation vector at the input to the beamforming equipment that will enable the
estimation of a spatially independent system matrix, D, i.e., a system matrix that describes
the MA return link from the antennas on the TDRS to the beamforming equipment on the
ground - independent of the user satellite ephemeris. This requires that the signal
correlation vector estimate from the calibrator be referenced to a thermal noise
environment. An estimate of the signals relative amplitude in each element channel will
therefore depend on the signal-to-thermal noise ratio in that element channel as well as the
element channel gain through the MA return link. The signal-to-thermal noise ratios in all
30 element channels will be approximately equal [7]. On the other hand, the channel gain
in one element channel relative to the channel gain in another element channel due to
hardware implementation will differ as much as 8 dB. The ground data processing
equipment assumes that amplitude differences in the signal correlation vector estimate are
due to element-channel gain differentials over the 30 element channels of the return link.
This technique allows the software to predict the diagonal thermal noise covariance matrix
of the 30 element channels as well as the phase and amplitude of the user satellite signal at
the input to the beamforming equipment.

In the case of open-loop beamforming, it follows from (3) that for an arbitrary user satellite
with a line-of-sight predicted correlation vector at the antennas on the TDRS, > , and a
system matrix, D, the optimum weights for the beamforming equipment on the ground will
be

(7)

where ( is the signal correlation vector at the input to the beamforming equipment. Using
equation (6), (7) reduces to

(8)

where $, a normalization factor, is used to minimize the effects of quantization. In the case
of open-loop beamforming with a single null, it follows from (4) and (5) that



(9)

where Wt are the theoretical weights computed as if the beamforming equipment were
located just after the antennas on the TDRS.

Regardless of the type of open-loop calculation required, phase shifts and amplitude
changes in the 30 element channels from the antennas on the TDRS to the input of the
beamforming equipment on the ground can be accounted for by the matrix

(10)

The diagonal entries in (10) are stored in a weight correction table and are implemented as
described in (8) and (9). All subsequent open-loop pointing calculations of the MA return
link utilize this weight correction table to optimize MA system performance [3].

CONCLUSION

Open-loop beam forming of up to twenty simultaneous MA return channels can be kept
nearly optimum by using the MA calibrator to estimate the best set of weights for the MA
return link from a designated TDRS. The ground terminal uses the weights estimated from
one of the twenty MA return channels to correct all twenty weight correction tables
associated with the designated satellite. Since an operating system contains three TDRS,
including the in-orbit spare, at least three calibrations are necessary to correct the 60
correction tables. Twenty correction tables, one for each MA return channel weighter unit
1 through 20, are associated with each of three TDRS,the east, west and central
spacecraft. Since the return channels from a common TDRS are processed by a relatively
slowly changing set of ground processing equipment, the changes in weight corrections for
one of the twenty channels can be used to update the other nineteen channels from the
same TDRS. This method of calibration requires that each of the three TDRS have one
selected MA return channel calibrated every 18 minutes as a design minimum. Since
calibration requires 2 minutes, the calibrator duty cycle for 18 minute calibration times is
33 percent.

The MA return calibrator is controlled by the ground terminal automatic data processing
equipment. The data processing equipment selects the TDRS on a rotation basis over the
calibration time. The calibration time is preset by manual input and establishes the time



available between calibration for the TDRS. The number of TDRS to calibrate is also
preset by manual input. The data processing equipment notes the total calibration time, or
period, and evenly divides this time by the number of spacecraft to be calibrated. If two
TDRS were designated and a calibration time of 18 minutes designated, the data processor
would schedule the spacecraft in sequence at a frequency of 18 minutes (i.e. east, west,
east, west . . . to complete one cycle through the designated TDRS.

The MA channel to be used with the TDRS for return link calibration is selected by the
data processor based upon the availability of the channel and the time since the channel
was last calibrated. Channels that are in service, scheduled for service within a short time
period or down for maintenance are kept on a high priority for rescheduling. The priority is
highest for MA return channels with the longest time between calibration. By this
technique, all the MA return link channels will be calibrated directly with each designated
TDRS over a period of time. Control is also provided for manual selection of the TDRS
and return channel for special situations. In this manner, the MA return channels are kept
nearly optimum in beam forming using a single calibrator under control of the ground data
processing equipment.
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Figure 1.  TDRSS Frequency Usage

Figure 2.  MA Array System Coordinates



Figure 3.  Concept of Calibration

Figure 4.  MA Return Phase and Amplitude Error Budget



Figure 5.  Degradation in Performance of MA Return Link

Figure 6.  MA Calibration Algorithm Functional Concept
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INTRODUCTION

The TDRSS simulator forward link acqusition process requires that the epoch and
frequency of the spreading code be acquired, and that the incoming carrier be phase
locked. The time required for these two acquisitions must meet a specification of 20
seconds for S band and 4 seconds for K band operation. Calculations for the time required
to acquire the carrier show that with the allowable sweep rates and frequency uncertainties
the acquisition time specifications cannot be met with conventional sweep lock circuitry.
Parallel processing is possible, but the requirements on local frequency control become
difficult, and the additional circuits required make this approach unattractive.

Because of these considerations, a frequency control strategy was developed which
reduces the carrier acquisition time to fractions of a second. The specified acquisition time
can then be allotted almost entirely to the spreading code acquisition process. This strategy
is described in detail, including an experimental verification of the technique. The
technique has an additional advantage of eliminating false lock to data sidebands in the
carrier loop.

ACQUISITION OVERVIEW

The acquisition strategy is based on the fact that the spreading code clock and the
incoming carrier frequencies are related by a fixed ratio. Because of this, once the
spreading code has been acquired its frequency can be multiplied by the fixed ratio and
used to steer the carrier VCXO to the correct frequency for extremely rapid carrier
acquisition.

Frequency acquisition is performed in a series of steps. In the initial step, the
despreading code VCXO is phase locked to a signal which is derived from the carrier
VCXO by an exact frequency ratio, and the carrier VCXO is phase locked to a stable
reference at the nominal VCXO frequency. During this step, the spreading code is
advanced in phase until correct epoch is detected. When epoch is detected the phase



control of the carrier VCXO (from which the despreading code clock is derived) is
transferred from the stable reference to a tau-dither code tracking phase detector.

At this step in the acquisition process, the code VCXO is tracking the incoming clock
frequency, and the carrier VCXO is tracking at the fixed ratio times the clock frequency.
Hence, the carrier VCXO has been steered to the precise received carrier frequency.

The final step in the process is to transfer control of the carrier VCXO from the Tau-
dither phase detector to the carrier loop phase detector, and to transfer control of the code
VCXO directly to the Tau-dither phase detector. This complete the acquisition process.

ACQUISITION DESCRIPTION

The spreading code clock frequency and the incoming carrier frequency are related,
very nearly, by fixed ratios given as follows:

(1a)

(1b)

The acquisition procedure involves acquiring the code clock frequency first, as its
doppler uncertainty range is much smaller (by the above ratios) than that of the carrier.
Having acquired the clock, the carrier frequency is known within the accuracy that the
above ratios are known. This latter is specified to be one part in 3(109), i.e., 0.01 Hz
uncertainty in the code frequency (3 MHz) given a precisely known carrier. In the
acquisition procedure, the uncertainty reflects in the opposite direction, i.e., from a
precisely known code to a carrier frequency uncertainty. At S band, for example, the
uncertainty is

2070 MHz x 3(10-9) . 7 Hz.

The following describes the frequency acquisition procedure and shows how frequency
control loop bandwidths are determined by system stability and SNR specifications. The
steps in the acquisition procedure are summarized in Table 1.

The frequency control circuitry for S band is illustrated in Figure 1. K band is
functionally the same, differing only in carrier frequency and the ratio (1b) between code
and carrier frequencies.



There are two separate VCXOs. The carrier VCXO governs IF phase while the code
VCXO clocks the code generator. During frequency acquisition, the control signals for
these VCXOs switch from one source to another. Each switch over marks the transition
from one step in the acquisition sequence to the next.

At the start of a frequency acquisition sequence, the carrier VCXO is slaved to a stable
370 MHz source, receiving its control voltage from point A. The local code during this
time is stepped in small increments searching for a time match with the incoming code.
When such a match occurs, a signal appears on the line marked “despread IF,” producing
a beat note of frequency di - dR at point C. Here, di and dR represent incoming and locally-
estimated doppler shifts.

If the beat frequency were low enough, control of the carrier VCXO could be switched
over to point C immediately and the loop would lock. Specification values are such,
however, that pull-in would not be possible in a reasonable time: the worst-case beat
frequency is too large relative to permissible loop bandwidth. Therefore, an intermediate
step is employed wherein control is first switched to point B. This intermediate step makes
use of the fact that absolute doppler is much less on the code than on the carrier. Because
of the much lower doppler, the “beat note” or rate of slip between local and incoming
codes is well within the ability of the control loop to pull in.

Figure 2 illustrates the operation of the frequency control system. It shows the
propagation of phase through the circuitry under locked conditions, that is, when phase
errors are small. Figure 2b is a simplified version of Figure 2a concentrating only an steps
B and C.

In Figure 2b the system reduces to two loops, only one or the other of which is closed
at a given time. The lower loop corresponding to acquisition step B is a tau-dither loop.
Prior to lockup, the loop input is a phase ramp, i.e., a (quasi) constant frequency offset or
chip slip rate due to uncompensated doppler. This slip rate equals the difference di - dR

divided by the ratio between carrier and code clock rate. This latter ratio is denoted Nc in
Figure 2 and is the inverse of the ratios (1a) and (1b). That is, for S band:

(2)

The tau-dither loop is known to be able, in a noise-free environment, to lock to a
slipping input sequence if the slip rate in chips/sec does not exceed the loop noise
bandwidth in Hz. In symbols, lock will occur if

(3)



Per specification, di - dR is 1100 Hz, maximum. Thus, from Equations 2 and 3, a
requirement on the tau-dither loop noise bandwidth is

(4)

Near noise-free performance may be expected if loop SNR exceeds 15 dB, or 32. Loop
SNR in turn is given by C/2NoBL. Thus,

(5)

Minimum specified C/No is 33 dB Hz or 2000 Hz. Used in Equation 5:

BL < 31 Hz (6)

To recapitulate, acquisition considerations determine a lower bound, Equation 4, for
BL, while noise dictates an upper bound, Equation 6. Any value in between 1.6 and 31 Hz
will give satisfactory performance.

Locking the lower loop in Figure 2b would reduce frequency error to zero in both upper
and lower loops. Actually, however, specifications allow for a slight discrepancy between
incoming and local values of Nc, which as mentioned earlier are enough to allow the S
band signal (upper loop) to be up to 7 Hz off. The final acquisition step is to throw the
switch to position C in Figure 2b. The PLL bandwidth must be great enough to
accommodate the 7 Hz frequency error that could exist, implying a loop noise bandwidth
BL of the order of 7 Hz or more.

An upper bound again is set by noise. The input C/No of 33.4 dB Hz will be degraded
somewhat by losses in the despreader and carrier recovery loop. These losses are
estimated at up to 4 dB, for an effective C/No of 29.4 dB Hz. To achieve 15 dB SNR, for
basically noise-free acquisition behavior, single sided loop noise bandwidth should be
limited to 14 Hz. Thus, a BL between 7 and 14 Hz is indicated.

During the first two acquisition steps (A and B), it can be seen (Figure 2a) that the code
VCXO is slaved to the carrier VCXO. The circuitry operates essentially as a one-oscillator
system. Because of the small discrepancy which might exist in the countdown ratio (1a and
b), it is necessary finally to uncouple these two VCXOs and allow the code VCXO to be
tied to the actual incoming code rate. This switching is performed simultaneously with the
transfer of the carrier VCXO control from B to C.



There is little if any phase error at the moment of switching as the carrier VCXO loop
has just reduced this error to zero. The code VCXO loop bandwidth selection thus is not
contingent on pull-in considerations but is set by residual PN jitter requirements:

(7)

For example, with C/No = 33 dB Hz, a 10 Hz BL would result ideally in phase jitter
NRMS of 0.07 radian or just over 1 percent of a chip.

BREADBOARD VERIFICATION

A breadboard test was run to verify certain aspects of the proposed acquisition
sequence. In particular, the test demonstrated that a loop can be aided in acquisition by a
second loop operating at a lower frequency obtained by coherent division, and that such
aiding can be used to prevent the loop from locking to data sidebands.

In the proposed acquisition sequence, the tau-dither tracking loop is first locked using
as its clock a signal which is derived by direct multiplication from the carrier VCXO. This
output is also coherently related to the frequency to which the simulator receiver is tuned.
Hence, with the tau-dither loop tracking, the carrier VCXO (also the tau-dither VCXO
during this phase of the sequence) is tuned to the precise frequency for locking to the
received carrier (to the extent that the incoming clock and carrier are coherently related).
At this time, loop control can be shifted to the carrier tracking loop phase detector and the
carrier loop will track, without the need for sweeping and without the danger of locking to
a data sideband. In order for this sequence to be acceptable, transfer of loop control from
the low frequency code to the carrier loop must take place reliably, even in the presence of
noise. The breadboard test was designed to verify that reliable transfer does take place.

A block diagram illustrating the sequence just described is shown in Figure 3 and the
test simulation in Figure 4. In the simulation, a direct frequency synthesizer provides
500 MHz and 1 MHz outputs, which play the roles of the incoming carrier and the
coherently related code clock. Noise is added to both of these outputs. A 1 MHz VCXO
simulates the system VCXO, and is multiplied in a direct frequency synthesizer to
500 MHz for phase detection with the incoming 500 MHz “received carrier.” The two
1 MHz signals are compared in a second phase detector which plays the role of the tau-
dither loop. Loop parameters have been selected so that both loops are second order, with
BL = 100 Hz, and damping of 0.7.

A schematic of the loop filter is shown in Figure 5. The difference in gain between the
loops is made up by the difference in input resistor values. Note that control is transferred



at the input to the loop filter and that the filter capacitor is not disturbed. The 1 MHz
VCXO rest frequencies are set to be 20 Hz apart, so that the initial frequency difference at
500 MHz is 10 KHz. The noise levels were set to provide a C/KT of 35 dB Hz, for a
signal to noise ratio of 15 dB in the loop bandwidth. Spectrum analyzer photographs of the
input 1 and 500 MHz signals are shown in Figure 6. The problem, then, is to lock the
500 MHz loop.

When the loop was closed around the 500 MHz phase detector at this time, there was
no acquisition, which is to be expected because of the 10 KHz initial offset. However,
when the 1 MHz loop was also closed, it snapped in immediately. The very rapid
acquisition of this loop is to be expected, since the initial frequency offset was less than
the loop bandwidth. We are now simulating tracking through the tau-dither loop. At this
time, the frequency offset of the 500 MHz loop is reduced to zero because of the coherent
relationship between the 1 MHz and 500 MHz signals. When the 1 MHz loop was now
opened, returning control to the 500 MHz loop, the 500 MHz loop continued to track. The
experiment was repeated with the frequency synthesizer mistuned by 10 Hz to provide a
500 MHz input with an imperfect coherency ratio, and simulate imperfect coherence
between received carrier and code clock frequencies. The results were the same. The
1 MHz loop acquired immediately and reduced the initial offset in the 500 MHz loop, not
to zero, but to 10 Hz. Again, the 500 MHz loop acquired immediately and tracked when
control was retuned to it.

Transfer of control from the 1 MHz to the 500 MHz loop was found to be noncritical,
with a precision switch not required. In fact, with both loops closed, the 1 MHz loop
provided almost all of the steering and it was not even necessary to open the 500 MHz
loop. This is because of the nonlinear phase detector characteristic. Consider a small phase
offset, 2e, between the two 1 MHz oscillators. This will result in an offset of 500 2e as
detected by the 500 MHz phase detector. So long as 500 2e is small compared to a radian,
both phase detectors will be operating in their linear range and will have equal effect if
both are controlling a loop. However, as 2e becomes larger, the 500 MHz phase detector
will saturate and its loop gain will be reduced. This is not true, however, for the 1 MHz
phase detector, which is still operating linearly and which is coupled into the high gain
input of the loop filter. This is illustrated in Figure 7 which shows equivalent phase
detector characteristics for a 500 MHz phase detector with a low gain loop filter and for a
1 MHz phase detector with a high gain loop filter. Note that in the linear region, both are
identical.

A breadboard test was also run to demonstrate that with the proposed acquisition
sequence there is no danger of acquiring to a data sideband on the incoming carrier. The
simulated incoming carrier signal at 500 MHz was phase modulated at a 5 KHz rate to
produce sidebands 10 dB larger than the carrier and at a 5 KHz separation. A spectrum



analyzer photograph of this input is shown in Figure 6. When this input was swept for
acquisition the 500 MHz loop would acquire and track on a sideband. However, when the
1 MHz loop was used to aid acquisition, the loop was steered to and would acquire and
track the reduced amplitude carrier immediately.

CONCLUSION

The difficult acquisition time requirements on the TDRSS simulator have resulted in a
design which makes use of the coherency relationship between spreading code and carrier
frequencies to aid in carrier acquisition. This acquisition aid technique has been verified by
a breadboard test which demonstrated that there is no difficulty in transferring VCXO
control from the code to the carrier loop, and that with such aiding, false lock to data
sidebands will not occur.

TABLE 1.  ACQUISITION STEPS

Step Description
Carrier VCXO

Control
Acquisition

Circuit
Code, Tau Dither

Loop
Carrier
Loop

A1 Just prior to
begin of
acquisition

Phase locked
to stable
reference

Searching: clocked
by carrier VCXO
via phase locked
frequency
multiplier

Waiting: clocked
by carrier VCXO
via phase locked
frequency
multiplier

Waiting

A2 Forward
code search

Phase locked
to stable
reference

Search for forward
code apoch

Waiting: clocked
by carrier VCXO
via phase locked
frequency
multiplier

Waiting

B1 Forward code
epoch detect

Switch to (B):
now locked to
forward code
tau dither
loop

Forward code
epoch detect

Error signal out-
put to (B): locked
with carrier
VCXO

Frequency error
reduced to 7 Hz
(S band), not
locked

B2 Verify Switch to (B):
now locked to
forward code
tau dither
loop

Verify true
detection and
tracking

Error signal out-
put to (B): locked
with carrier
VCXO

Frequency error
reduced to 7 Hz
(S band), not
locked



C1 Acquire
carrier

Switch to (C):
now locked
to carrier

Finished Clocked by in-
coming carrier
via frequency
multiplier
0.01 Hz error

Locked to in-
coming carrier

C2 Switch code
loop to code
clock

Switch to (C):
now locked
to carrier

Finished Switch 2 to (C)
phase locked to
acquired code
frequency

Locked to in-
coming carrier

Figure 1 - Frequency Control Circuits



Figure 2 - Frequency Control Circuitry Phase Propagation

Figure 3 - Acquisition Sequence Diagram



Figure 4 - Acquisition Test Block Diagram

Figure 5 - Acquisition Test Loop Filter



Figure 6 - Analyzer Photographs of Incoming Signals

Figure 7 - Phase Detector Responses
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ABSTRACT

The NASA Satellite Tracking and Data Network (STDN) will be replaced by the Tracking
and Data Relay Satellite System (TDRSS) during the 19801’s. The coverage available to
user satellites will be increased dramatically and very high data rates will be provided.
Real-time data analysis and adaptive satellite control will be possible with the availability
of continuous two-way communications. TDRSS will provide these benifits while lowering
the cost of tracking and communicating with NASA satellites.

Communication requirements will be different for satellite designers in the 1980 period.
TDRSS user satellites will require higher transmitter power and more sensitive recievers,
and will communicate using special TDRSS modulation formats. There will be less on-
board data storage.

This paper provides an overview of the TDRSS as it is being built. The major system
features are described, and some of the system characteristics that will affect user satellite
mission planning are considered.

INTRODUCTION

In 1980 the Tracking and Data Relay Satellite System (TDRSS) will begin operation.
Every year NASA launches scientific and experimental satellites. These satellites generate
large volumes of valuable data. Today this data is stored in the satellite, usually in a tape
recorder, and “dumped” at high speed when the satellite is in view of one of NASA’s
Satellite Tracking and Data Network (STDN) stations. Collection of satellite data by
STDN is expensive since a large number of stations are required, and many of these must
be located in foreign countries where staffing and operating expenses are high.



When TDRSS starts operation NASA’s scientific and experimental satellites will send
their data “up” to a Tracking and Data Relay Satellite (TDRS) instead of “down” to an
earth station. TDRSS will increase the percentage of time that satellites can transmit data
to the ground. This will reduce the requirements for data storage on-board satellites and
will allow missions that generate so much data that it cannot be stored by existing tape
recorders.

TDRS will be operated at a “synchronous altitude” of about 35,800 km, where they will
circle the earth once every 24 hours. Because their orbit period is synchronous with the
earth’s rotation, the TDRS remain located over fixed locations on the earth’s surface.

Most of NASA’s satellites operate at much lower orbital altitudes than TDRS. Satellites
looking at the earth operate at altitudes from 200 km to about 1,000 km since they can
“see” more detailed by being close. Satellites that look away from the earth, such as space
telescope, also operate at low altitudes since a launch vehicle (rocket or Shuttle) can carry
a much larger payload to low orbit.

Because the TDRS are so high, they look down at the earth and the satellites that use
TDRSS (user satellites). One TDRS can “see” more than half of all the user satellite
orbits. Two TDRS could see all of NASA’s low and medium orbit satellites, all the time, if
their locations weren’t constrained by the need for both TDRS to see a common ground
station. Because of this constraint, we use the orbit configuration shown in Figure A.

With 130 degree spacing between two TDRS, there is a small “shadow zone” where
neither TDRS can see a user satellite. The area that isn’t covered gets smaller with greater
user satellite altitude, and for user satellites above about 1200 km, TDRSS provides 100
percent coverage. The areas not covered are plotted in Figure B for several user satellite
altitudes.

TDRSS and STDN coverage of user satellites at various altitudes is compared in Figure C.
The comparison shows that TDRSS is far superior for coverage of low and medium
altitude user satellites, while earth terminals provide better coverage for very high altitude
user satellites, while earth terminals provide better coverage for very high altitude satellites
and deep-space missions. The important difference is that TDRSS provides 85 percent
coverage for low altitude user satellites while STDN can provide only 15 percent. This is
especially vital since most of NASA’s scientific and experimental satellites are in low and
medium altitude orbits.

Since only two or three TDRS and one ground station can handle all of NASA’s low and
medium altitude satellites, TDRSS can provide superior coverage at much lower cost than
just maintaining the current STDN. TDRSS will more than pay for itself by allowing



NASA to close the STDN stations that are not required for high altitude satellite and deep-
space mission coverage.

System

Percentage Coverage at
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Figure C.  Coverage of User Satellites for Different User

SYSTEM DESCRIPTION

TDRSS is being built now, and the first satellite will be launched in late 1980 by the Space
Transportation System STS or Shuttle). There are two interesting features of TDRSS that
affect the way the system is designed. First, TDRSS will be owned and operated by
Western Union, and the services to NASA user satellites will be leased to NASA for a ten-
year period after the system becomes operational. Second, the system is shared between
TDRSS and commercial Advanced WESTAR use. Both of these features are incorporated
to provide the lowest possible cost to NASA for the TDRSS services.

TDRSS will consist of four satellites in orbit (Figure D). Two of these are designated
active TDRS. TDRS East and TDRS West are in synchronous orbit at locations separated
by 130E of longitude as described. Their locations are 65E to the east and west of White
Sands, New Mexico, where the TDRSS ground station is located.

A third satellite is designated Advanced WESTAR. This satellite provides domestic United
States commercial communications for Western Union as part of their nationwide
communications system. The fourth satellite is designated the on-orbit spare and provides
rapid replacement of services if one of the other three satellites fails. There will be a fifth
satellite in storage which can be launched in a relatively short time to replace the spare,
should this be necessary.



All of the satellites are identical. Although the TDRSS and Advanced WESTAR missions
are quite different, the satellite communications payload can be reconfigured by commands
from the ground to support either mission. Furthermore, the requirements for numbers and
types of transmitters and recievers, and the satellite power requirements, are similar
enough to allow efficient utilization of the satellite hardware in both missions.

Designing a shared system with identical satellites has several advantages:

• Design costs are reduced, since only one satellite must be designed rather than two

• Only one in-orbit spare is required to support both missions. Two spares would be
required without sharing

• Hardware failures in the satellite may affect only one mission. Satellites may be
interchanged between TDRSS and Advanced WESTAR missions to avoid the need
for additional replacement launches.

White Sands was chosen as the optimum location for the TDRSS ground segment,
Figure E, after a detailed study of potential sites. Some of the advantages of the White
Sands site includes:

• Low geographic latitude. Low latitude increases the angle between the two TDRS in
orbit while maintaining line-of-sight communications with the ground station.

• Provides down-range coverage of Cape Kennedy launches. Locating the station any
further west would move the TDRSS “blind spot” into a critical region where second-
stage launch vehicle operations occur on many missions.

• Very little rain. The radio frequencies used by TDRSS for communication between
TDRS and ground are disrupted by heavy rainfall. This disruption will occur very
seldom at White Sands.

TDRSS is leased communication service, and as such, does not need to know the content
of the data being transmitted. The interface point between TDRSS and NASA ground
communication system, NASCOM, is at the White Sands station. Figure G is a simplified
ground station block diagram which shows the TDRSS/NASCOM interfaces. Four types
of operational information flow across this interface. These are:

(1) Date from NASCOM to be transmitted to user satellites

(2) Data from user satellites to be transmitted By NASCOM to user control centers



(3) Schedules and control orders from the MASA TDRSS control center telling TDRSS
where to point antennas and when to provide certain types of service, and

(4) TDRSS reports and status data to notify NASA of the current condition of TDRSS

Two other types of data across the NASCOM/TDRSS interface provide for data flow to
and from simulated seer satellites. TDRSS has the capability to generate signals simulating
almost any user satellite that the system is specified to operate with. TDRSS will accept
simulated user data, transmit it to TDRS with a simulated user signa., and return it to
NASA through the regular TDRSS channels. TDRSS will also recieve signals from the
TDRS using simulated user recievers and return this data to NASA for comparison with
the transmitted data. The simulation capability will aid NASA in the development of user
satellite communication hardware and provides diagnostic information on TDRS
performance.

TDRSS generates modulated radio signals at the White Sands station for transmission
through a TDRS to user satellites, and demodulates radio signals which have passed
through TDRS from user satellites. The TDRS does no processing of user satellite traffic,
in either direction, other than reception, frequency translation, amplification, and radiation
through the appropriate antennas. The TDRS operates as a “bent pipe” repeater, and all of
the signal processing equipment is in the ground station.

In addition to modulating and demodulating user satellite signals, the ground station uses
the signal modulation to measure the range to the user satellite, and the range-rate or first
derivative of range. This data allows NASA to determine the position of user satellites to
the same accuracy currently provided by the STDN network.

THE SPACE SEGMENT

The Tracking and Data Relay Satellite, Figure I, is large by any standard. In comparison to
previous synchronous orbit satellites, it is huge. A TDRS will weigh 5000 pounds in
synchronous orbit at the beginning of life. When TDRS unfolds its antennas and solar
panels, it will measure over 57 feet along the solar panel axis, and over 42 feet across the
large antennas.

TDRS is carried into low orbit by shutt.e. An Interim Upper Stage (IUS) rocket takes
TDRS to synchronous orbit and places it “on-station.” Each satellite is tested for proper
operation at a longitude close to the middle of the United States before moving to its
operational location as TDRS East, TDRS West, Advanced Westar, or spare.



Three different types of communication are provided by a TDRS. TDRS. Two of these use
the sixteen-foot diameter deployable dish antennas. These antennas must be mechanically
pointed at user satellites. Because of this, they can normally provide communication with
only one user satellite. Hence, they are called “Single-access” antennas. The
communications systems are called SSA, for S-Band singleaccess, and KSA, for K-Band
single-access. The terms S-Band and K-Band refer to frequency ranges of 2 to 2.3 GHz
and 13.7 to 15.2 GHz, respectively.

The SSA system transmits data at rates from 100 bits per second (bps) to 300 kbps to user
satellites, and recieves data at rates from 100 bps to 12 Mbps from user satellites. The
KSA system transmits data from 1000 bps to 25 Mbps to user satellites and recieves data
from 1000 bps to 300 Mbps from user satellites. The KSA system provides higher data
rates because the higher frequency allows higher antenna gains and wider allocations of
frequency spectrum. The SSA system is less expensive for user satellites with low gain
antennas.

There are two SA antennas per TDRS, and three TDRS in the system, so six user satellites
can normally be serviced at one time by the SSA and KSA systems combined. If a SSA
user satellite is located close to a KSA user, both can be serviced by a single SA antenna.
This type of operation will occur after Shuttle releases an independent payload, for
example. Under this special condition, as many as twelve SA users could be
simultaneously serviced.

The Multiple Access System uses thirty helix antennas, mounted on the TDRS front
platform, as a phased away antenna to form up to twenty independent antenna beams
directed towards user satellites. The beams are actually formed in the White Sands station.
The number of beams is limited by the amount of ground hardware. Twenty users may be
tracked through one TDRS or through any combination of the three TDRS in orbit.

The MA system can transmit from 100 bps to 10 kbps to user satellites and recieve from
100 bps to 50 kbps from user satellites. The lower data rate capability is the price paid for
the large number of channels. The availability of twenty channels allows almost full-time
coverage of many users.

The round solid dish antanna deployed on one side of the satellite is the Space Ground
Link (SGL) antenna. All signals to and from user satellites go through this antenna to or
from the White Sands ground station.



Figure A  TDRSS System Configuration and Coverage Limits



Figure B-1.  Coverage for 200 km User Satellite Altitude 7 Degrees
TDRS Inclined Orbits with 180 Degrees Phasing

Figure B-2.  Coverage for 400 km User Satellite Altitude 7 Degrees
Inclined Orbits with 180 Degrees Phasing



Figure D  TDRSS SYSTEM CONFIGURATION

Figure E.  Ground Segment Artists Conception



Figure G.  Ground Segment Processing of User Traffic and TDRS TT&C

Figure I .  Spacecraft Configuration
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Introduction. The Telemetering Standards Coordination Committee
(TSCC) is chartered to serve as a focal point to represent the
Telemetering Community. It serves to: a) receive, coordinate and
disseminate information and b) recommend and endorse standards,
methods and procedures to users, manufacturers and supporting
agencies.

The TSCC is organized to: a) determine what standards are in
existence and published, b) determine the technical adequacy of planned
and existing standards, c) determine the need for additional standards and
d) direct the derivation of new standards.

To perform these tasks the committee is composed of 14 members
with approximately equal representation from industry and from
government and/or not for profit organizations.

The TSCC was organized in 1960 under the sponsorship of the
National Telemetering Conference (NTC). Since 1967 the TSCC has
been under the sponsorship of the International Telemetering Conference
(ITC) and the Instrument Society of America (ISA). Annual reports of
the TSCC, since 1962, can be found in the conference proceedings of the
NTC and the ITC for the years indicated except 1977. In recent years the
TSCC has scheduled one regular meeting per year just prior to the ITC.

Committee Activities. At the meeting held in Los Angeles on
September 27, 1976, ten members or alternates were present. Officers
were elected for the following two year period. Harold Jeske was elected
chairman, Mike Pizzuti was elected vice-chairman and Verne Jennings
was elected secretary-treasurer. Messrs. Andelin, Chin and Threlkeld
were all unanimously elected for new five year membership terms. The
committee accepted the resignation of Ron Muller and his
recommendation of Chuck Trevathan as his replacement.



At the meeting it was decided by the new chairman to try operation without subcommittees per se.
Instead of a given subcommittee chairman having responsibility for an action, it was decided to select a
member - normally one most involved in the area of concern - to act as task chairman and to formulate
the final response to the problem. All members, however, were requested to supply pertinent comments
or information to the task chairman. The TSCC was previously organized with two standing committees,
a Data Multiplex Subcommittee and a RF Subcommittee, even though expertise exists in all facets of
instrumentation involving RF telemetry.

The committee reviewed and discussed two proposed additions for the IRIG Document 106-77
revision. They were the “Proposed Extension of PBW Subcarrier Channels” and “Suggested PCM
Synchronization Patterns.” Mike Pizzuti and Ray Piereson volunteered to act as task chairmen for the
PBW Extension and Synchronization Pattern responses respectively. The recommendations regarding the
PBW extension were included in IRIG Document 106-77. In addition, the extension of CBW channels
was also recommended. Due to a misunderstanding by the committee chairman the recommendations on
Synchronization Patterns were not forwarded to the RCC Telemetry Group for consideration.

At the meeting held on October 17, 1977, ten members or alternates were present. Mike Pizzuti was
unanimously elected for a new five year term. Cal Curry, whose membership term also expired, was
absent. The membership indicated a desire for Cal’s re-election pending his consent which was later
obtained. Cecil Kortman announced his resignation because of his forthcoming job and location change.
Cecil recommended Mr. Claude McAnally of the Martin Marietta Corporation as his replacement. Mr.
McAnally was accepted as Cecil’s replacement.

A discussion was held concerning the differences of Bi 0/ -L and Bi 0/ -M as defined in IRIG Document
106 and as used by others. With the encouragement of the TSCC, Chuck Trevathan and David Hepler, of
NASA/Goddard Space Flight Center, has recommended to the RCC-TG changes to the IRIG definitions.
This effort is to reduce the possibility of confusing these definitions with those of NASA, the
International Standards Organization and other users.

The TSCC greatly appreciates the work of Ron Muller and Cecil Kortman as both members and
officers of the TSCC in the past.

Respectively submitted

Harold Jeske, Chairman
Telemetering Standards Coordination Committee
September 18, 1978
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