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ABSTRACT 

 

 

This dissertation presents circuit techniques for designing high performance amplifiers 

— from low power to high voltage.   

In low power design, the range of common mode input signal shrinks due to reduced 

power supply voltage. In addition, due to reduced bias current, noise density rises. The 

reduced input signal range and raised noise floor severely degrade system dynamic range. 

Conventional circuit techniques to extend common mode input range are reviewed. A 

novel rail to rail input circuit is presented. The proposed input circuit has advantages over 

conventional circuits in term of noise and power consumption, therefore is ideal for low 

noise low power design. Moreover, due to reduced bias current, low power amplifiers 

typically have lower bandwidth and slew rate, which limits their dynamic performance. 

This problem becomes more severe when amplifiers are set with high closed loop gain. In 

this case, their bandwidth is further reduced because voltage feedback amplifiers have 

constant gain bandwidth product. Conventional circuit techniques to extend small signal 

bandwidth are reviewed. Then, a novel self-adaptive compensation technique to extend 

small signal bandwidth and improve slew behavior is presented. If an amplifier needs to 

drive various capacitive and/or resistive loads, parallel Miller compensation is the most 

power efficient frequency compensation scheme. However, the frequency response of 

parallel Miller compensation is complicated because multiple poles and zeros may be 

near the cut off frequency and vary with load conditions.  No thorough analysis on 

frequency response has been given in literatures. To illustrate the connection between 
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poles/zeros and each individual circuit component, we use a design oriented approach to 

derive transfer functions for various load conditions. With these transfer functions, circuit 

designers can optimize their design accordingly.  

A high precision low power instrumentation amplifier is designed using the above 

proposed techniques. Compared to the low power instrumentation amplifiers on the 

market or reported in literature, it can save at least 40% power, meanwhile offer higher 

bandwidth and faster slew rate at typical gain settings.  

Many challenges also exist in designing high voltage amplifiers. Common issues 

encountered in high voltage design and conventional solutions are reviewed. To achieve 

low cost and high performance, a novel topology of a high voltage current sensing 

amplifier is proposed. With this topology, major portion of amplifiers can be designed 

with low voltage, for instance, 5 V, devices, and only a limited amount of LDMOS are 

required to stand off high voltage. This topology does not have high noise gain as 

conventional solutions have. The same principle can be used to design other high voltage 

amplifiers. A prototype chip is fabricated. The amplifier functions as expected. Test 

results are presented.  

Like any manufacturing process, variability also exists in semiconductor processes. 

Techniques to reduce sensitivity on process variation are discussed. Then, yield 

prediction through a more efficient Monte Carlo simulation and its statistical background 

are presented.  
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CHAPTER 1 

 

 

INTRODUCTION 

 

An amplifier is a device which receives an input signal (e.g., current or voltage) and 

generates an output signal based on it; an amplifier may amplify the power, voltage, 

and/or current of the input signal. Digital signal processing technology has advanced 

tremendously in the past decade. Nowadays, sophisticated signal processing algorithms 

are typically implemented in the digital domain. However, real-world signals such as 

light, sound, temperature, motion, and pressure are analog by nature. Because the raw 

input signals are usually very weak and contain many unwanted components, before 

being processed by digital signal processors, signals must be first processed by analog 

signal conditioning circuits.  For example, in an electrocardiogram (ECG) application, the 

input signal contains a differential signal produced by the electrical activity of the heart 

and a common mode signal produced by motion or other disturbance. The differential 

signal may be as low as several μV, while the common mode signal may be several volts. 

An ECG system typically comprises of an analog front end for signal conditioning, a 

digital signal processor, microcontroller, and digital I/O ports. Fig. 1.1 shows a simplified 

diagram of the analog front end. It includes an instrumentation amplifier (IA), high-pass 

filter (HF), gain amplifier (GA), low-pass filter (LF), and analog to digital converter.  The 

instrumentation amplifier rejects the common mode input signal and amplifies the 

differential signal. The amplified differential signal is then filtered by an analog active 
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high-pass filter to remove any components below 0.05 Hz. The gain amplifier provides 

addition amplification on the differential signal. The low pass filter removes any signal 

components beyond 150 Hz. An analog to digital converter then converts the signal into 

digital format for a digital signal processor to further process.  

 

 

Fig. 1.1  Analog front end of an ECG system 

 

In many electronic systems, the overall system performance is often limited by their 

analog front end circuits; more specifically, by amplifiers. Therefore, the demand for 

high performance amplifiers is ever-increasing. This research work focuses on design of 

general purpose high performance amplifiers, primarily for precision signal conditioning 

such as instrumentations, industrial process control, automotive electronic systems, and 

medical devices. This dissertation covers two important topics: design of low power 

amplifiers and design of high voltage amplifiers.  

 

1.1   Design of Low Power Amplifiers 

Low power consumption is a key requirement for battery-powered electronic devices 

such as pressure sensors, smoke detectors, glucose meters, and other portable devices. 

We may reduce power consumption by reducing power supply voltage, DC bias current, 
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or both. These approaches, however, could also degrade the performance of amplifiers 

for several reasons. First, the input common mode range and output signal swing is 

limited by power supply voltage. If power supply voltage is reduced, the input common 

mode range and output signal swing will also be reduced. For amplifiers which do not 

have rail to rail input capability, their input common mode range may be further reduced 

due to the headroom required by the input circuit. A typical input circuit may need 

several hundred millivolts of headroom to function properly. In an electronic system 

powered with a ±15 V power supply, a loss of several hundred millivolts on the input 

signal range may not be a concern. In a battery powered application, however, it can 

severely degrade the dynamic range of the system. For example, assuming two batteries 

are used, the supply voltage starts at 3 V when batteries are fully charged, and continues 

to drop to 1.8 V during the battery’s lifetime. Thus, the input common mode range of 

such amplifiers may be only about 1 V in the end.  Second, if the DC bias current is 

reduced, the noise floor may rise. Both will reduce the signal to noise ratio. Furthermore, 

when DC bias current is reduced, the bandwidth and slew rate of amplifiers may also be 

reduced, which means amplifiers need longer time to settle after input changes. 

Therefore, many challenges exist in designing low power high performance amplifiers.  

 

1.2   Design of High Voltage Amplifiers  

There is also growing demand for high voltage amplifiers. For example, modern 

automotive electronic systems have become more complex and sophisticated. A 

passenger car may have over 100 electronic control units (ECUs). Because of the 
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emergence of hybrid electric vehicles, the scale of automotive electronic systems 

continues to expand.  In those systems, input signals of amplifiers can be a few tens or 

even over hundred volts. As another example, AC motors are used in the manufacturing 

industry extensively. A motor driving system typically has a difference amplifier to sense 

current in the motor core. The input signal of the amplifier can be several hundred volts, 

either positive or negative respect to system ground. To stand off high voltage, amplifiers 

may be designed with high voltage transistor, which also increases cost and limits 

performance. A common practice is attenuating the input signal, and then feeding it to 

amplifiers. This approach brings high noise gain, thus degrades the circuit performance. 

Therefore, when operating voltage continues to increase, better circuit techniques and 

topologies are needed to design high voltage amplifiers.  

 

1.3    Dissertation Outlines  

In chapter 2, the fundamentals of amplifier design are reviewed. As supply voltage is 

reduced, in order to maintain large dynamic range, it is required that low power 

amplifiers have rail to rail input/output capability. In chapter 3, several conventional rail 

to rail input circuits are reviewed, and then a novel low power low noise rail to rail input 

circuit is presented [1]. Two classic rail to rail output circuits are also reviewed. In 

chapter 4, conventional compensation techniques to improve amplifiers’ bandwidth are 

reviewed. Then, a novel self-adaptive compensation technique to extend small signal 

bandwidth and improve slew behavior is presented [2]. Chapter 5 presents design-

oriented analysis of frequency compensation, including conventional Miller 
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compensation, active Miller compensation, and parallel Miller compensation schemes. 

The parallel Miller compensation scheme is ideal for low power general purpose 

amplifiers because of its low power consumption and excellent driving capability. As a 

case study, chapter 6 presents a design of a low power precision instrumentation 

amplifier. In chapter 7, design of high voltage amplifiers is reviewed in detail. Then, a 

novel high voltage current sensing amplifier is presented [3]. In chapter 8, design for 

manufacturability is discussed. A brief summary of the research and future works are 

given in chapter 9.   
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CHAPTER 2 

 

 

FUNDAMENTALS OF AMPLIFIER DESIGN 

 

2.1   Semiconductor Processes for Analog Design  

Depending on applications and cost constraints, amplifiers may be designed using a 

bipolar, CMOS, BiCMOS, or a Bipolar-CMOS-DMOS (BCD) process. In general, the 

flicker noise corner frequency of bipolar transistors is much lower than that of CMOS; 

thus they are widely used in designing audio amplifiers, video amplifiers, and general 

purpose low noise high speed amplifiers. To achieve high precision, autozeroing and/or 

chopping is required. CMOS switches have low on-resistance and can turn on/off 

quickly, which is necessary for implementing autozeroing and/or chopping functions. 

CMOS transistors are more compact than bipolar transistors, thus CMOS amplifiers are 

typically less expensive than their bipolar counterparts. Therefore, CMOS processes are 

ideal for designing low cost precision amplifiers. A BiCMOS process offers both bipolar 

and CMOS transistors at higher cost. To design high voltage amplifiers, a BCD process 

may be used. More specifically, 5 V CMOS or bipolar transistors can be used in critical 

paths to achieve better performance and LDMOS are used where high voltage stress 

exists. More details will be discussed in chapter 8.  

Among a variety of CMOS processes, unlike digital design, sub-micrometer CMOS 

processes are seldom used to design high performance general purpose amplifiers for 

several reasons. First, general purpose amplifiers must be able to operate under a wide 
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range of power supply voltage, for instance from 1.8 V to 5.5 V. Sub-micrometer 

processes are optimized for low voltage low power digital design. For example, TSMC 

Nexsys
®
 65-nm process has a core supply voltage of 1.2 V and I/O up to 3.3 V. Second, 

the output impedance of sub-micrometer transistors is much lower. To increase output 

impedance, device channel length has to be increased. Thus, smaller feature size of the 

process does not have any advantage in this case. Third, under the same device size and 

bias condition, flicker noise is increased when process feature size is scaled down [4]. 

Furthermore, those advanced processes are more expensive than conventional 0.35 μm or 

0.6 μm processes. Therefore, 0.35 μum and 0.6 μm processes are still considered to be 

ideal processes for designing high performance low cost general purpose CMOS 

amplifiers. 

 

2.2   Operation of CMOS Devices 

In a typical single n-well CMOS process, a MOSFET has 4 terminals: gate (G), 

source (S), drain (D), and bulk (B). Fig. 2.1 shows a cross-sectional view of an n-type 

MOSFET (NMOS) and a p-type MOSFET (PMOS). The bulk of NMOS is the substrate 

and the bulk of PMOS is an n-well. Note that the drain and source of a MOSFET is 

interchangeable, depending on its bias condition. A MOSFET may have three types of 

operations: cut-off, triode, and saturation.  If it is used as a switch, it operates under cut-

off or triode mode. In analog design, to achieve high output impedance, MOSFETs are 

biased under saturation mode, either operating in strong inversion (VGS > VTH) or weak 

inversion (VGS < VTH). If a MOSFET operates under strong inversion, its drain current is 
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approximately given by Equation (2.1) 

                         
  

 
    

 

 
         

                                                    (2.1) 

where μ is mobility of carriers,     is thickness of silicon oxide underneath its gate, W 

and L are channel width and length,     is gate to source voltage, and     is threshold 

voltage. In weak inversion mode, a MOSFET works similar as a bipolar transistor and its 

drain current is given by 

                                       
                                                        (2.2) 

where VT is thermal voltage, and I0 and γ are related to process and current density. 

 

 

Fig. 2.1  Cross-sectional view of MOSFET 

     

In a small signal analysis, a MOSFET can be modeled as a voltage controlled current 

source in parallel with an output resistor    as shown in Fig. 2.2.  Its small signal 

transconductance    in strong inversion and weak inversion modes are given by 

Equations (2.3) and (2.4) respectively.  

                                            
   

    
      

 

 
                

 

 
                       (2.3) 

                                                   
   

    
   

  

  
                                                              (2.4) 

 

 
D

/S 
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Fig. 2.2  Small signal model of a MOSFET 

 

                             

Fig. 2.3  MOSFET output resistance versus VDS 

 

Its output resistance has a strong dependence on VDS.  Fig. 2.3 shows the output 

resistance of a MOSFET versus VDS under constant DC bias current ID. The output 

resistance is dramatically reduced if VDS < VDSat, where VDSat is the saturation voltage. 

Assuming VDS > VDSat, its output resistance is approximately  
 

   
 , where λ is a constant 

related to the device size and process. In weak inversion mode, VDsat is typically below 

100mV. In strong inversion mode, VDSat is given by 
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                                                     (2.5) 

Note all the formulas given above are intended to illustrate the approximate 

connection between the parameters. In modern CMOS processes, it is not uncommon that 

the value of gm, ro, and VDSat calculated from the above equations is more than 100% off 

from its actual value. To accurately calculate gm, ro, VDSat, etc, tens or even hundreds of 

parameters are needed. The computation is done with simulation software.  

 

2.3   Performance of CMOS Amplifiers  

Some important specifications for operational amplifiers include power 

consumption, offset, offset drift over temperature, CMRR, PSRR, linearity, noise, input 

common mode range, output swing, bandwidth, and slew rate.  

A model of an ideal operational amplifier is shown in Fig. 2.4. It has a non-inverting 

input terminal V+ and inverting input terminal V−. The differential input signal Vd and 

common mode voltage signal of Vcm is defined by Equations (2.6)–(2.7). 

                                          (2.6) 

      
       

 
                                                               (2.7) 

An ideal operational amplifier amplifies differential input voltage Vd with an infinite 

gain and rejects common mode input signal Vcm completely; it has infinite input 

impedance, unlimited input common mode range, infinite bandwidth and slew rate; it has 

zero offset, noise and output impedance. In reality, however, the performance of 

amplifiers may have many imperfections.  
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Fig. 2.4  Model of an ideal operational amplifier 

 

 

Fig. 2.5  Simplified schematic of an operational amplifier 

 

A simplified schematic of a two-stage OpAmp is shown in Fig. 2.5. The first stage of 

the amplifier has a folded cascode structure.  The input differential pair is made with 

MN1 and MN2. The folded cascode circuit includes a current source made with MP1 and 

MP2, a current mirror made with MN5 and MN6, and 4 cascode devices MN3, MN4, 

MP3, MP4.  Current source MN8 provides bias current I1 for the input differential pair.  



26 

 

The second stage has a transistor MN33 in common source configuration and a bias 

current source MP22. Vp and Vn are non-inverting and inverting input nodes. Vcc is the 

power supply. 

 

2.3.1   Offset Voltage  

If an OpAmp is configured in a gain of 1 as shown in Fig. 2.6, the output voltage Vo 

should be equal to the input voltage Vin. Due to a variety of non-idealities, there is error 

voltage, given by  

                                                                                          (2.8) 

where Vos is the offset voltage and A is the DC gain of the amplifier, respectively. If DC 

gain is sufficiently high, then the error voltage is dominated by offset voltage. The offset 

voltage comprises two parts: systematic offset and random offset. If an amplifier is 

designed properly, no systematic offset should exist.  

 

Fig. 2.6  An OpAmp in unit gain configuration 

 

The random offset voltage is due to transistor mismatching, which includes threshold 

mismatching and transconductance mismatching.  
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For simplicity, mismatching between MN1 and MN2, MP1 and MP2, MN5 and 

MN6 is modeled as voltage sources Vos1, Vos2, and Vos3. The mismatching between 

cascode devices has little contribution to the total offset voltage. Total offset voltage will 

be referred to the input nodes of the amplifier. Therefore, offset voltage from the second 

stage is also negligible, as it will be divided by the gain of the first stage.  The input 

referred offset is given by  

            
  

   
 

   
     

  
   

 

   
     

           (2.9) 

where gm1, gm2, and gm3  are transconductance of MN1, MP1, and MN5 respectively. The 

random offset is normally distributed with a mean of 0 and a certain standard deviation. 

Offset not only causes error in output, but also reduces output signal swing. For example, 

if an amplifier has an offset voltage of 3mV, and is configured at a gain of 1000, then its 

output swing is reduced by 3 V.  

 

2.3.2   Offset drift over temperature 

Offset voltage also drifts with temperature. Offset drift is defined as        . For 

CMOS amplifiers, offset drift is also a random variable; it does not correlate with offset 

voltage. For precision applications, offset drift is a more serious problem. Users can 

calibrate out offset voltage at room temperature, but seldom calibrate it over temperature 

because it is too costly and also increases system complexity. To reduce offset drift as 

well as offset voltage, real time offset cancellation techniques, such as auto-zeroing 

and/or chopper stabilization, may be employed.  
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2.3.3   Common Mode Rejection Ratio and Power Supply Rejection Ratio 

Offset voltage also varies with circuit DC operating point. When the common mode 

input level changes, there may be some slight changes in DC bias current, device output 

impedance, and transconductance. Hence the error voltage also changes. The common 

mode rejection ratio (CMRR) is defined as  

                                                                                   (2.10) 

Similarly, power supply rejection ratio (PSRR) is defined as  

                                                                                 (2.11) 

where     is the variation on power supply.  

 

2.3.4   Noise density 

MOSFETs have thermal and flicker noise. The noise spectral density is given by  

        
 

 

 

  
 

  

      
            (2.12) 

where the first term is the thermal noise density, the second term is the flicker noise 

density, and Kf is a constant related to a specific semiconductor process. Like offset, the 

total noise spectral density may also be referred to the input as  

           
   

   
 

   
    

   
   

 

   
    

            (2.13) 

where Vn1, Vn2, and Vn3 are the noise densities of MN1, MN2, MP1, MP2, MN5, and 

MN6.  

 

2.3.5   Common Mode Input Range 

The amplifier shown in Fig. 2.5 has a limited input common mode range. Under 
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normal operation, VGS_MN1 = VGS_MN2, VDSat_MN1 = VDSat_MN2, and VDSat_MP1 = VDSat_MP2. To 

keep MN1, MN2, and MP2 out of the triode region, input common mode voltage needs to 

meet the constraint 

                                  (2.14) 

Thus, the upper bound of the common mode input is given by 

                                      (2.15) 

To keep MN8 out of triode region, the lower bound of common mode input range 

Vcm_min is given by 

                                                    (2.16) 

As a numerical example, assuming Vcc is 1.8 V, VTH_MN1 = 0.7 V, VDSat_MN1 = 

VDSat_MN8  =  VDSat_MP1 =  0.1 V, then Vcm_max is 2.4 V and Vcm_min is 0.9 V.  

 

2.3.6   Output Signal Swing  

For simplicity, the amplifier shown in Fig. 2.5 has a class-A output stage. General 

purpose CMOS amplifiers typically have a class-AB output stage, which is more power 

efficient and has better driving capability.  The output signal swing is given by  

                                                (2.17) 

How close the output can reach power supply rail or ground depends on load 

conditions. Conventionally, the output of a rail to rail output amplifier is expected to 

reach within 50 mV near rail and ground when driving resistive load. The load condition 

can be found in product datasheet [5].  
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2.3.7   Non-linearity  

An ideal amplifier is a linear device. Its output should linearly track its input signal 

with a certain gain. Non-linearity is due to various mechanisms. For example, to achieve 

rail to rail input common mode range, some amplifiers may use complementary 

differential input pairs. Because the two differential input pairs have different offset 

voltages, large cross-over distortion can occur during the transition. Offset cancellation 

techniques may be employed to reduce non-linearity. Non-linearity is specified as 

percentage of the full scale input signal, for instance, 0.001%. 

 

2.3.8   Bandwidth and Slew Rate 

The dynamic performance of an amplifier is determined by its small signal 

bandwidth and slew rate. Fig. 2.7 illustrates typical settling behavior of an amplifier after 

a step input, Vin, is applied to its input nodes at t = 0.  The settling time is the time when 

the output of an amplifier settles to its final value within a certain error depending on the 

system resolution, for instance, 0.1%.  From time 0 to t0, the output of the amplifier rises 

linearly. During this period of time, the amplifier operates in large signal slewing mode. 

This is due to a limited amount of current available to charge/discharge compensation 

capacitance Cc. The slew rate is determined by I1/Cc, where I1 is the bias current of the 

first stage and Cc is the compensation capacitance. Between time t0 and t1, if it is a first 

order system (i.e. one pole system), the output would follow the equation Vo = (1- 

     )Vf, where τ is the time constant and Vf is the final value. The bandwidth, f0, of the 

amplifier is equal to gm/2πCc, where gm is the transconductance of the input devices. 
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Thus, time constant τ equals 1/(2πf0), or Cc/gm. Because an amplifier usually has multiple 

poles, ringing may appear at the output, depending on the phase margin. In summary, the 

bandwidth and slew rate of any amplifier are limited by its DC bias current, or power 

consumption. Due to limited bandwidth, slew rate, and phase margin, an amplifier may 

need longer time to settle. 

 

 

 

Fig. 2.7  Settling behavior  
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CHAPTER 3 

 

 

RAIL TO RAIL INPUT AND OUTPUT STAGE  

 

3.1   Introduction 

Due to reduced power supply voltage, both input common mode range and output 

signal swing are reduced; so is the dynamic range of the amplifier. To increase dynamic 

range, rail to rail input and output capability is necessary. A rail to rail input amplifier is 

an amplifier capable of processing an input signal with common mode voltage anywhere 

between its positive and negative power supply voltage. A rail to rail output amplifier is 

an amplifier whose output can be very close (typically within the 50 mV range) to 

positive and negative power supply rail under a certain resistive load specified on its data 

sheet. In a single supply operated electronic system, the negative power supply is the 

system ground. On the contrary, the input common mode range of the amplifier shown in 

Fig. 2.5 is between 0.9 V and (Vcc + 0.6 V). We may use PMOS as input devices and bias 

them with a PMOS current source, so that the lower bound of the common mode input 

voltage can be below ground. However, the upper bound of the input common mode 

voltage becomes Vcc − VDSat − VGS, where VDSat and VGS are saturation voltages of the 

current source and gate to source voltage of the input devices, respectively. In the 

following paragraphs, a review of conventional rail to rail input circuits is given. Then, a 

novel low noise power efficient rail to rail input circuit will be presented. 
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3.2 A Rail to Rail Input Stage with Complementary Differential Pairs  

To realize a rail to rail input common mode range, a combination of PMOS and 

NMOS differential pairs may be used. A straightforward solution is shown Fig. 3.1. If 

input common mode voltage is less than VCM_N =Vth_MN1 + Vdsat_MN1 + Vdsat_MN3, current in 

MN3 is reduced to nearly 0, thus MN1 and MN2 turn off; MP1 and MP2 operate solely 

as an input differential pair. If input common mode voltage is higher than VCM_P = Vcc – 

(Vth_MP1 + Vdsat_MP1 + Vdsat_MP3), current in MP3 is reduced to nearly 0, thus MP1 and MP2 

turn off; MN1 and MN2 operate solely as an input differential pair. If input common 

mode voltage is between VCM_N and VCM_P, both differential pairs function as input 

devices. Despite the simplicity, the main issue of this input circuit is that the total 

transconductance of the input circuit varies with the input common mode voltage. As 

discussed in Chapter 2, bandwidth, noise, and input referred offset voltage are all related 

to transconductance of the input stage. Hence, it is necessary to keep the total 

transconductance constant in the entire common mode input range.   

 

Fig. 3.1  A simple rail to rail input circuit 
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In the past, various constant transconductance control techniques have been reported. 

For input differential pairs made with bipolar transistors or CMOS operating in weak 

inversion mode, the total transconductance is proportional to their bias current. Hence, if 

we can make the total bias current of input differential pairs constant, then we can keep 

the total transconductance constant. For example, a rail to rail input circuit made with 

bipolar transistors was presented in [6]. The circuit is modified for a CMOS process and 

shown in Fig. 3.2. It has complementary input differential pairs made with MN1, MN2, 

MP1, and MP2. MP0 is a current steering device. The sources of MP0, MP1, and MP2 

are tied together. If input common mode voltage is less than (Vcc − 1.3 V), bias current 

flows through MP1 and MP2, and MP0 remains off. Therefore, MP1 and MP2 work as 

input devices; MN1 and MN2 turn off. When common mode voltage approaches (Vcc − 

1.3V), MP0 gradually turns on and steers some bias current to current mirror made with 

MN3 and MN4. MN1 and MN2 receive bias current, thus also gradually turn on. 

Therefore, both PMOS and NMOS input differential pairs work as input devices. The 

input circuit is in transition region. When common mode voltage is further increased, 

MP0 steers all current. Thus, MP1 and MP2 turn off. MN1 and MN2 function as input 

devices. If we size MN1, MN2, MP1, and MP2 properly, we can keep them operating in 

weak inversion mode. Transconductance of MOFSET in weak inversion is given by 

Equation (2.4), which is proportional to its bias current. Because the complementary 

differential pairs have constant total bias current, the total transconductance of the input 

differential pairs is also constant.  
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Fig. 3.2  A rail to rail input circuit with complementary differential pairs  

 

   The total bias current consumed by the input stage, however, varies with common 

mode input level. It equals (I1  + 2I2) if input common mode level is less than (Vcc − 1.3 

V) and is increased to (2I1  + 2I2) when input common mode level is greater than (Vcc − 

1.3 V). That is because current mirror M3-M4 turns on, so that it consumes additional 

bias current I1. In addition, the variation of total bias current with input common mode 

level also changes the input referred noise. Input referred noise contributed by MN5 and 

MN6 is given by                               

                                
   

 

   
        

        
                              (3.1) 

where Vn_MN5 and Vn_MN6 are the noise density of MN5 and MN6; gm1 is the total 

transconductance of the input differential pairs; gm2 is the transconductance of MN5 and 

MN6. The bias current of MN5 and MN6 is equal to (I2 − 0.5I1) at high common mode 
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input level; it is increased to (I2 + 0.5I1) at low common mode input level. Thus, as the 

transconductance of MN5 and MN6 is also increased, so is their input referred noise.  

In low power design, because of the very low bias current, all devices may operate in 

weak inversion mode, so that their transconductance is proportional with their bias 

current. Because, at low common mode input level, the bias current of MN5 and MN6 is 

more than that of input devices, noise from MN5 and MN6 may dominate the input 

referred noise, or at least be comparable to the noise from input devices. Rail to rail input 

circuits with the same principle but different implementations are reported in [7], [8].   

In precision analog design, to maximize input transconductance, reduce input 

referred noise and offset, the input differential pair of CMOS amplifiers is usually sized 

to work under weak inversion mode [9]. When designing high speed amplifiers, however, 

we need to minimize parasitic capacitance of input devices by keeping their size small. In 

this case, bias current and transconductance have a square root relationship according to 

Equation (2.3), because input devices operate in strong inversion.  If total bias current is 

constant, total transconductance is increased by a factor of    when both pairs conduct.  

For complementary differential pairs operating in strong inversion, to keep the 

transconductance constant, we need to reduce the total bias current by a factor of 2 when 

both differential pairs conduct. Detailed implementations are reported in [10], [11]. Their 

architecture has the same disadvantages as discussed above in terms of power efficiency, 

however.  

Several other rail to rail input circuits with constant transconductance are reported. 

For example, a DC level shifter is used in [12]. Capacitive Level shifters, either with or 
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without feedback, were reported in [13]−[15]. A more complicated constant 

transconductance control scheme with feedback is reported in [16]. Rail to rail input 

circuits with level shifters are typically not suitable for low power low noise design. For 

example, level shifters cause extra noise and offset; feedback circuits consume extra 

power; level shift capacitors block DC input, and thus amplifiers cannot process DC input 

signal.  A capacitive level shifting scheme capable of processing both DC and AC signals 

was reported in [17]. It has a switched-capacitor front-end employing both sampling and 

chopping operation.  This architecture is more practical for general purpose precision 

amplifiers. It has a wide common mode input range, although it has some disadvantages 

such as relatively lower input impedance and extra power dissipation due to level 

shifting.  

 

 

3.3   A Rail to Rail Input Amplifier with a Charge Pump 

Rail to rail input amplifiers with integrated on-chip charge pump were reported in [18], [19]. 

To better describe the advantages and disadvantages of this topology, the amplifier and charge 

pump reported in [18] are re-drawn in Fig. 3.3 and Fig. 3.4 respectively. The charge pump 

generates a local supply voltage        
  
                   . The amplifier has a 

single differential pair, which is powered with the charge pump.  
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Fig. 3.3  Rail to rail OpAmp with charge pump 

 

 

Fig. 3.4  On-chip charge pump 
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The charge pump has two identical cells operating alternatively. When one cell is 

being charged, another cell provides supply current for the amplifier. The waveform of Va 

and Va1 is also shown in Fig. 8. Vin is a square wave with a 50% duty cycle. From t1 to t2, 

Vin and V2 equals Vcc and V1 equals 0 V. Assuming node Vb was charged to 2Vcc in the 

previous clock cycle, NMOS M1 and M2 turn on so that node Va and Va1 are charged to 

Vcc and the charge stored in capacitor Ca and Ca1 equals       and        respectively. At 

t2, Vin is changed to logic low (0 V); V1 equals Vcc and V2 equals 0.  Therefore, voltage at 

node Va and Va1 are increased to 2Vcc; Meanwhile, M3 and M4 turn on, so that Cb and Cb1 

are charged up.  Voltage at node Vccx equals Va−Vth, or 2Vcc−Vth. From t2 to t3, the 

capacitor Ca1 is continuously discharged by load current Iout (not shown), Va1 linearly 

decrease at the rate of Iout/Ca1.  As long as (Va1−Vccx) is great than VDSat of M5, M5 

operates in saturation region and functions as a single transistor regulator. Therefore, the 

ripple at Vccx is attenuated by a factor of gmro compared to that at Va1, where gm and ro is 

the transconductance and output impedance of M5. Between t3 and t4, capacitor Ca and 

Ca1 are charged again; the capacitor Cb1 provides load current; M6 functions as a 

regulator to suppress voltage ripple.  

For an amplifier employing complementary differential pairs, offset voltage of two 

differential pairs usually does not match one another. Thus, offset voltage of the amplifier 

could vary non-monotonically when the input devices are changed from one differential 

pair to another differential pair. This problem can be resolved with auto-zeroing and/or 

chopper stabilization. Some switching noise, however, may be introduced. With an on-

chip charge pump, a single differential pair can cover the entire common mode input 



40 

 

range without cross-over distortion. Therefore, this architecture is widely used in 

applications where AC distortion is not acceptable, for example, audio and video 

amplifiers.  

Reliability is a main concern for on-chip charge pumps. Any semiconductor process 

has its own maximum voltage rating. If overstressed, devices may be damaged 

immediately, or in the long term. For example, in a standard 0.6um CMOS process, the 

maximum voltage rating between any two terminals among gate, source, drain, and bulk 

is under 6V. Assuming the charge pump in Fig. 3.4 is designed in a standard 5 V CMOS 

process and powered with a 5 V power supply, the voltage at Va, Va1, Vb, and Vb1 can be 

as high as 10 V. Thus, devices will break down because the voltage difference exceeds its 

maximum rating. 

Although the device overstress problem may be resolved by some circuit design 

techniques [20], this architecture may not be suitable for low power precision amplifiers 

due to its low efficiency. The capacity of a battery is specified by current multiplied by 

hours. For battery powered devices, the lower the quiescent current, the longer the battery 

life. Assuming, for noise and bandwidth consideration, the input stage of the amplifier 

needs to draw 2 μA bias current from the charge pump, then an ideal charge pump needs 

to draw 4 μA from the battery. Parasitic capacitance associated with Ca, Ca1, Cb, and Cb1 

needs to be charged and discharged in every clock cycle, which further reduces the 

efficiency of the charge pump.  
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3.4   A Novel Low Power Low Noise Input Circuit  

I proposed a low noise low power rail to rail input circuit in [1]. The rail-to-rail input 

circuit comprises two differential pairs to cover the entire rail-to-rail common-mode 

range, where the two differential pairs employ transistors having different threshold 

voltages.  For example, as shown in Fig. 3.5, the first differential pair may include native 

NMOS MN1 and MN2, which have a negative threshold voltage (i.e., the gate to source 

voltage at which the transistor allows current to flow is less than zero; such devices are 

sometimes also referred as depletion-mode devices) and the second differential pair may 

include normal NMOS MN3 and MN4, which have a positive threshold voltage (i.e., 

current does not flow through the transistor until the gate to source voltage greater than 

zero  is applied; such devices are sometimes also referred as enhancement-mode devices).  

Both devices are available in most commercial CMOS processes. MN0 steers bias current 

between the first and second differential pair depending on the level of the common-

mode voltage. Both differential pairs share the same bias current source. Assume the 

threshold voltage of native devices and normal devices are − 0.25 V and 0.7 V 

respectively; VDSat of MN9 and MN1 is 0.05V. If input common mode voltage is 0 V, 

MN0 operates in deep triode region so that VA = VB = 0.25 − 0.05 = 0.2 V. Thus, MN9 

has enough headroom to operate as a current source.  Bias current goes through MN0, 

then MN1 and MN2, which function solely as an input differential pair. When input 

common mode voltage is increased to nearly 1.3 V, MN3 and MN4 gradually turn on.  

Both MN1-MN2 and MN3-MN4 function as input differential pairs when input common 

mode voltage is further increased. Because MN3 and MN4 conduct current, their source 
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voltage, or voltage at node A, is also increased. Thus, MN0 gradually turns off. MN1 and 

MN2 also turn off as no bias current flows through them, and MN3 and MN4 function as 

input devices solely. Assuming that input devices MN1, MN2, MN3, and MN4 are sized 

properly to operate in weak inversion, the total transconductance is approximately 

constant over the entire common mode input range since total bias current is constant.  

Because two differential pairs share the same bias current source MN9, it is more power 

efficient. The total current drawn by the input devices from node C and D is constant 

regardless of the input common mode voltage, which makes it possible to optimize bias 

current of MN5-MN6 and MP5-MP6 for low noise and low offset. This rail to rail input 

circuit may also be modified for CMOS devices operating in strong inversion, with 

bipolar devices, or with JFET devices. More details can be found in [1].  

 

Fig. 3.5  A novel power efficient rail to rail input circuit 

 



43 

 

3.5   Rail to Rail Output Stage  

Strictly speaking, the output of an amplifier can never reach power supply rails. For 

the amplifier shown in Fig. 2.5, its output high VOH equals Vcc – VDSat_MP22 and its output 

low VOL equals VDSat_MN33. Conventionally, an amplifier is considered to have rail to rail 

output capability if its VOH and VOL are within 50 mV from supply rails.  

Although a class-A output stage as shown in Fig. 2.5 has rail to rail output swing, its 

current sourcing or sinking capability is limited by the fixed bias current. Therefore, 

general purpose amplifiers typically have a class-AB output stage, whose bias current can 

dynamically change with loads. Therefore, the lower bound of bias current in class-AB 

output stage only needs to meet the stability requirement, rather than driving capability.  

CMOS Class-AB output stages fall into two categories — feed-forward structure and 

feedback structure. In general, the feed-forward structure is easier to use, but power 

supply voltage needs be greater than 2VGS + VDSat. To use the feedback structure, power 

supply voltage may be lower, but frequency compensation is needed. A variety of class-

AB output circuits are discussed in detail in [21].  
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CHAPTER 4 

 

 

IMPROVING DYNAMIC PERFORMANCE 

 

 

4.1   Limitation on Gain-Bandwidth Product  

The dynamic performance of amplifiers includes small signal bandwidth and slew 

rate. An OpAmp usually operates under closed loop configuration, either in non-inverting 

or inverting form as shown in Fig. 4.1.  In an inverting configuration, the closed loop gain 

equals (–R2/R1). In a non-inverting configuration, the closed loop gain equals (1+R2/R1). 

In both cases, the closed loop bandwidth is       , where   is R1/(R1+R2) and GBW 

is the open loop unity gain bandwidth of the OpAmp. Because the GBW of a voltage 

amplifier is constant, the closed-loop bandwidth is inversely proportional to its gain; if a 

given amplifier is configured for a high gain, for example, its bandwidth correspondingly 

drops.  Assuming the GBW of an OpAmp is 1 MHz and it is configured as a non-

inverting amplifier for a closed loop gain of 1000, the bandwidth is dropped to 1 kHz. 

Because low power amplifiers typically have limited GBW, the further reduction of 

closed loop bandwidth severely limits their dynamic performance. In addition, due to 

reduction of bias current, slew rate of low power amplifiers is also low.   

 

4.2   Techniques to Avoid Gain-Bandwidth Trade-off 

Current feedback amplifiers are discussed in [22]−[24]. Current feedback amplifiers 

can achieve better dynamic performance. However, compared with voltage feedback 

amplifiers, their disadvantages include lower DC gain, larger offset and higher noise, 
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which is not suitable for precision applications [25]. Constant bandwidth might be 

achieved by converting input voltage signal into current signal, then convert current into 

voltage output signal through a gain resistor and OpAmp. The voltage to current 

converter may operate in open loop. Amplifiers using such architecture can be found in 

[26]−[28]. Although it is simple, such architecture has poor accuracy and limited linear 

differential input range, typically less than 100 mV, which limits its application. The 

accuracy may be improved through chop-stabilization [27]. To achieve a wide differential 

input signal range and high precision, closed loop feedback is required. A general 

purpose high precision instrumentation amplifier with constant bandwidth can be found 

in [29].    

  

Fig. 4.1  Non-inverting and inverting amplifiers 

 

   To illustrate the principle of current mode operation, an instrumentation amplifier 

is shown in Fig. 4.2. The input amplifiers A1 and A2 force voltage at node A to equal Vn, 
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and that at node B to equal Vp. Therefore, current on R1, namely, differential current Id, 

equals (Vp − Vn)/R1. The amplifier A3 forces voltage at node C to equal that at node D. 

Because current sources I1 and I2 are constant, the differential current Id has to flow 

through R2. Thus, Vo/Vi = 2R2/R1. The value of R2 is fixed. The gain of the 

instrumentation amplifier is set by R1. The amplifier A1 is always configured in unit gain 

feedback. Therefore, the feedback coefficient of amplifier A1 is always 1. The impedance 

looking into the node D is much higher than R2; thus the feedback coefficient of amplifier 

A2 is always 1. Therefore, the bandwidth of the instrumentation amplifier is constant 

regardless of gain setting. Despite its constant bandwidth, this architecture has several 

disadvantages. Because its input amplifiers are always configured as gain of 1, noise 

from I1 and I2 is directly added into the input referred noise, instead of being divided by a 

certain gain. Furthermore, because current on R1 varies with input differential voltage, 

dynamic bias control is required to set current source I1. For example, to set a gain at 

1000, R1 may be chosen as 1 kΩ and R2 may be chosen as 500 kΩ. If the input 

differential voltage is 5 V, current on R1 will be 5 mA. Therefore, I1 needs to be greater 

than 5 mA so that current sources I2 do not shut off.  

   The architecture using two composite OpAmps to realize current feedback 

operation is discussed in [30], [31]. The drawback is the complicated circuitry and extra 

power dissipation.  

The stability of amplifiers is related to the feedback coefficient. If an amplifier is 

compensated to be unit gain stable, then it is actually overcompensated at high gain 

settings.  Hence, an amplifier may be compensated adaptively to achieve a constant 
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closed loop bandwidth. For example, at a high gain setting, part of the compensation 

capacitance may be switched out to extend the bandwidth without degrading stability. 

This approach has been used in many digital programmer gain amplifiers [32], [33]. For 

example, to set a gain at 1, 2, 4, 8… or 1024, we may use 10 digital input pins, or a SPI 

interface, to change both gain resistance and compensation capacitance. However, this 

approach cannot be used for resistor programmable gain amplifiers, which are popular 

because they do not need extra control interface and their gain settings are more flexible.  

 

 

Fig. 4.2  Current mode instrumentation amplifiers 

  

4.3 A Novel Self-Adaptive Compensation Technique  

   Because voltage feedback amplifiers have many advantages over current feedback 

amplifiers, they have gained more popularity. Therefore, I proposed a novel self-adaptive 

compensation scheme to extend the closed loop bandwidth of voltage feedback 
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amplifiers, which does not require an additional input interface or control signal [2]. Fig. 

4.3(a) shows an OpAmp with conventional Miller compensation and Fig. 4.3(b) shows an 

OpAmp with self-adaptive Miller compensation.  

 The advantage of the self-adaptive compensation technique may be better 

understood by comparing the two OpAmps in Fig. 4.3. For simplicity, in the following 

analysis, it is assumed that amplifiers do not need to drive large value off-chip 

capacitance. It is also assumed that internal parasitic capacitances (modeled with c1 and 

c2) are typically much less than the compensation capacitance Cc; these capacitances are 

therefore omitted. The loop gain at DC is given by A1A2β, as those terms are defined 

below by Equations (4.1)–(4.3), 

                         
                      (4.1) 

                        
          

           
        (4.2) 

   
  

     
                 (4.3) 

in which gm1, gm2, ro1, and ro2 are the transconductance and output impedance of the first 

and second stage of the amplifiers, respectively.  The equivalent capacitance produced by 

the compensation capacitance Cc is, due to the Miller effect, greater than Cc and is given 

by  

                       (4.4) 

in which k is the voltage gain across the compensation capacitor Cc.   

   It is well known that the Miller effect causes a capacitance at a first terminal of a 

capacitor to appear larger than it actually is, if a voltage at the second terminal of the 

capacitor is changing in a direction opposite to that of the first terminal.  Based on this 
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value of the equivalent capacitance, the transfer function of the loop gain has a dominant 

pole f1 and a unity gain bandwidth f0 given by Equation (4.5) and (4.6), respectively. 

   
 

            
            (4.5) 

                        (4.6) 

   The closed-loop 3dB bandwidth or cutoff frequency fc of the feedback amplifier is 

the same as f0, thus given by Equation (4.7). 

                                                            

                       (4.7) 

 

 

 

Fig. 4.3 Schematic and small signal models of two compensation schemes  

 

   For the conventional compensation technique as shown in Fig. 4.3(a), k is equal to 

A2; for the compensation technique as shown in Fig. 4.3(b), k is equal to A2β since the 

  (a) 

(b) 
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voltage gain across the capacitor is now reduced to be A2β.  Thus, for the conventional 

compensation technique of Fig. 4.3(a), substituting the appropriate values into Equations 

(4.5) and (4.7) yields a dominant pole of the loop gain f1 and a closed-loop 3dB 

bandwidth fc as given by Equations (4.8) and (4.9).  

   
 

             
              (4.8) 

        
 

             
             (4.9) 

Because A2 is usually much larger than 1, Equation (4.9) may be simplified as shown 

in Equation (4.10). 

        
 

         
  

      

       
  

   

    
         (4.10) 

Substituting the above value of k for the compensation technique shown in Fig. 13(b) 

into Equations (4.5) and (4.7) yields a dominant pole f1
*
 and closed-loop 3dB bandwidth 

fc
*
 as given by Equations (4.11) and (4.12).  

  
  

 

              
             (4.11) 

  
       

 

              
            (4.12) 

   Thus, in each case, although the DC loop gain is the same, the dominant pole of the 

loop gain, and thus its transfer function, is different.  Therefore, the closed-loop 3dB 

bandwidth also changes.  Equation (4.13), shown below, may thus be derived from 

Equations (4.9) and (4.12). 

  
 

  
 

    

     
             (4.13) 

Compared to the conventional compensation technique of Fig. 4.3(a), the closed-loop 

3dB bandwidth of the amplifier in Fig. 4.3(b) is therefore extended by a factor of  
    

     
.  
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   Usually, 12 A ; the closed-loop 3dB bandwidth fc
*
may be thus approximated by 

the expression in Equation (4.14). 

  
       

 

          
 

   

    
           (4.14) 

Therefore, the closed loop 3dB bandwidth of the amplifier remains approximately 

constant, regardless of the gain setting.  The closed-loop bandwidth may start to drop in 

the case where 12 A .  This may happen if gain setting is very high, so that β is very 

small.  The closed-loop 3dB bandwidth fc
* 

may then be approximated by the expression 

in Equation (4.15). 

  
       

 

       
    

   

    
          (4.15) 

   In this case, compared to the conventional compensation technique, the closed loop 

bandwidth is extended by a factor of approximately A2.  At a gain of one, the proposed 

compensation technique provides the widest possible bandwidth of 
   

    
 (in accordance 

with Equation (4.14) when β = 1), which is the same as that of the conventional Miller 

compensation technique.  The proposed compensation technique therefore extends the 

bandwidth of the amplifier only if its gain is configured to be higher than one. Therefore, 

the bandwidth extension technique here does not deteriorate the stability of the amplifier.   

   Fig. 4.4 illustrates an exemplary instrumentation amplifier employing a self-

adaptive Miller compensation scheme.  Assuming RF = 50 kΩ, A2 = 100, and GBW = 100 

kHz, the effect of bandwidth extension under a variety of gain settings is given in the 

Table 4.1.  ―BW‖ represents the bandwidth under the conventional Miller compensation 

technique, and ―BW*‖ represents the bandwidth under the proposed compensation 

technique.  As shown, when gain = 1, the bandwidth BW* does not differ from the 
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bandwidth BW, but as gain increases, BW falls off much more quickly than BW*.  The 

ratio of BW* to BW is shown in Fig. 4.5. 

 

Fig. 4.4  An IA with a self-adaptive Miller compensation scheme 

   

Table 4.1 Comparison on conventional and proposed compensation 

 

RF Gain RG A2 β BW BW* BW* ÷ BW 

50K 1 ∞ 100 1 100K 100K 1 

50K 2 100K 100 0.5 50K 99K 2 

50K 5 25K 100 0.2 20K 96K 5 

50K 10 11.1K 100 0.1 10K 92K 9 

50K 20 5.26K 100 0.05 5K 84K 17 

50K 50 2.04K 100 0.02 2K 67K 34 

50K 100 1.01K 100 0.01 1K 50.5K 51 

50K 200 502.5 100 0.005 500 33.7K 67 

50K 500 200.4 100 0.002 200 16.8K 84 

50K 1000 100.1 100 0.001 100 9K 92 
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Fig. 4.5  Bandwidth extension factor over gain setting 

 

The proposed compensation technique improves an amplifier’s dynamic 

performance in at least two aspects.  First, the amplifier in Fig. 4.3(b) has a wider small-

signal bandwidth than that in Fig. 4.3(a).  Second, it eliminates, or at least alleviates, slew 

limitation during a large signal step response.  This second benefit may be seen by noting 

that the compensation capacitor of the conventional compensation scheme always 

undergoes the full output-signal swing; the large-signal step response of the amplifier is 

therefore degraded by both the lower bandwidth and the limited slew rate.  On the other 

hand, the compensation capacitor Cc in Fig. 4.3(b) sees only the input signal swing, 

which is equal to the output swing divided by the closed loop gain.  For example, 

assuming that the closed loop gain is set at 100 and a 40 mV step input is applied, the 

output is expected to have a 4 V step.  In Fig. 4.3(a), the voltage across the compensation 

capacitor has to change by 4 V.  In Fig. 4.3(b), however, the voltage across the 
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compensation capacitor Cc only needs to change by 40 mV.  With less ―distance‖ to 

travel, the voltage swing across the compensation capacitor Cc settles much faster, which 

means the amplifier output also settles much faster under a large signal step.  

The proposed compensation scheme can be applied to multiple-stage amplifiers in 

feedback operation. Fig 4.6 shows a three-stage amplifier under self-adaptive 

compensation.  

 

Fig 4.6  A three-stage amplifier under self-adaptive compensation 

 

   Assuming the broadband noise is the dominant noise source, the total noise of an 

amplifier is approximately proportional to the square root of its bandwidth.  Sometimes it 

is desirable to make a compromise between the total noise and closed-loop bandwidth, so 

that the bandwidth is just high enough to meet the requirement on settling time without 

introducing excessive noise. In addition, for a chopper stabilized amplifiers, noise 

spectral density starts to rise when its frequency approaches chopping frequency. It is 
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desirable to limit the bandwidth of the amplifier below chopping frequency. Therefore, as 

shown in Fig. 4.7, the feedback resistor R2 can be split into two components: R2A and R2B, 

and Cc is connected between an intermediate node of the amplifier and the intermediate 

node of R2.  The bandwidth is thus extended by a factor of ])/1(1/[)1( 2122 ARRA B
. 

 

 

 

Fig. 4.7  Self-adaptive compensation with noise-bandwidth optimization 
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CHAPTER 5 

 

 

ENHANCING DRIVING CAPABILITY 

 

 

5.1   Introduction  
 

   General purpose amplifiers are used in a wide range of applications. Their load 

condition can vary significantly among different applications. A general purpose 

amplifier is expected to drive a certain capacitive load and resistive load specified on its 

data sheet without sustainable oscillation. The conventional Miller compensation 

technique can be found in many textbooks [34], [35], [36], yet despite its robustness and 

ease of use, the conventional Miller compensation is not power efficient. In order to drive 

a heavy capacitive load, for instance, 500 pF, a substantial portion of power budget has to 

be allocated to the output stage. On the contrary, amplifiers with active Miller 

compensation can drive heavy capacitive loads with little bias current [37], [38]. 

However, it could oscillate under a light capacitive load or heavy resistive load.  Parallel 

Miller compensation is the most power efficient compensation scheme for low power 

general purpose amplifiers [21], [39]. Because multiple high order poles and zeros are 

located near the cut off frequency and vary with load condition, the frequency response 

of an amplifier with parallel Miller compensation is very complicated, and thus not well 

understood.  

Conventional circuit analysis is typically conducted by listing all equations 

according to Kirchhoff's Current Law and Kirchhoff's Voltage Law, and then deriving 

transfer functions. A practical amplifier has many poles and zeros.  Transfer functions 
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derived from such approach are usually given in higher order polynomial format as 

          
      

 

                 
  and it is very difficult to convert into factored format. Sometimes, it 

is even not possible to get a closed-form expression. Thus, such approach provides no 

information before the value of all circuit components is plugged in. Unfortunately, the 

value of each circuit component is unknown before the design is done. Therefore, such 

approach is only suitable for verification purposes, but not very useful during design 

stage. In fact, software, such as MATLAB, SPICE simulators, can easily identify all 

poles and zeros if the value of each component is given, although this provides little 

insight into the physical origin of poles and zeros. For this reason, the design-oriented 

analysis has been advocated [40], [41], which emphasizes engineering approximation and 

low entropy expression. 

This chapter presents design oriented analysis of conventional Miller compensation, 

active Miller compensation, and parallel Miller compensation. By using the combination 

of engineering intuition, approximation, Bode plots, and mathematical derivation, 

transfer functions including only the most influential components will be derived. These 

transfer functions are derived directly in factored format, and illustrates the connection 

between poles/zeros and each individual circuit component. Therefore, circuit designers 

can optimize frequency response accordingly. 

 

5.2   Analysis on Conventional Miller Compensation 

A two-stage OpAmp with conventional Miller compensation is shown in Fig. 5.1, 

and its small signal model is shown in Fig. 5.2. RL and CL is resistive and capacitive load;  
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Fig. 5.1  A two-stage OpAmp with conventional Miller compensation 

 

 

 

Fig. 5.2  Small signal model of conventional Miller compensation 
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gm1 and gm2 are transconductance of the first and second stage; ro1 and ro2 are output 

resistance of the first and second stage; c1 is parasitic capacitance, mainly due to gate to 

source capacitance of output device MN21.  

The transfer function can be found from Equations (5.1−5.18).  Voltage at node 

vn is given by 

                           (5.1) 

where    is current entering node vn by shorting vn  and vin to ground and applying voltage 

source at vo  and  zn the impedance at node vn by shorting vo and vin to ground as shown in 

Fig. 5.2.      

        
 

   
              (5.2) 

   
 

   
                (5.3) 

                     (5.4) 

       
 

   
          

 

   
           (5.5) 

   
  

  
                (5.6) 

                        (5.7) 

          
    

     
              (5.8) 

                         
  

  
 

    

     
        (5.9) 

        
  

     
            

  

     
                      

  

     
      (5.10) 

Equation (5.10) can be rewritten as  

                                        (5.11) 

where       ,       , and   are given by  
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          (5.12) 

          
 

       
                 (5.13) 

                          (5.14) 

             
  

  
  

     

          (5.15) 

          
 

      
                  (5.16) 

                           (5.17) 

  
  

     
 

    

         
 

   

             
 

   

              
      (5.18) 

 

Thus, from Equation (5.11), the transfer function is given as,  

  

   
            

      

         
                          (5.19) 

and 

                
      

         
         (5.20) 

The       term can be found from Equation (5.21) 

      
  

     
 

    

         
 

         

              
               (5.21) 

Thus, the       term has a pole, fβ, at 
 

            
 which will cancel the zero on 1/   

curve; it has a zero at  
 

       
, which will cancel the dominate pole of the first stage,       . 

The essence of Miller compensation is to extend the bandwidth of the second stage 

by configuring it under a closed loop operation with a capacitor Cc. Thus, it is not 
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surprising that its closed loop response has the same formula as any inverting feedback 

amplifier. For example, for the amplifier shown in Fig. 5.3, the feedback coefficient β is 

given as 

  
  

     
             (5.22) 

              
      

         
       

 

 
  

  

     
 

  

     
  

  

  
    (5.23) 

A negative sign is added into Equation (5.19), because nodes vo and vn are out of 

phase, and thus the closed loop gain of the second stage is negative. In the following 

discussion, for simplicity, we will omit the negative sign without confusion.  Note total 

resistance and capacitance at output node is represented by R2 and C2, respectively. 

Capacitance C2 includes Cc, because capacitor Cc also loads output node vo. The Bode 

plots of        , 1/β,  
  

     
 ,         and              are shown in Fig. 5.4. The second 

pole f2 is located at where 
 

 
   crosses       . The first pole f1 and second pole f2 can be 

calculated from Equations (5.24−5.27). It can be seen from Bode plots that the two poles 

f1 and f2 are also the first and second poles of the OpAmp.  

          
     

  
 

 

            
 

     

  
        (5.24) 

            
     

  
          (5.25) 
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Fig. 5.3  An inverting amplifier 

 

 

 

Fig. 5.4  AC response of a two-stage OpAmp with Miller compensation 
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Thus,  

   
 

            
           (5.26) 

   
  

     

   

    
           (5.27) 

The unit gain bandwidth of the OpAmp is given by 

           
   

    
          (5.28) 

Equations (5.26−5.28) show that parasitic capacitance c1 does not affect the 

dominant pole    nor the unit gain bandwidth   . It moves the second pole   , however, to 

lower frequency, which will reduce phase margin of the OpAmp. With a certain power 

budget, it is desirable to increase the transconductance of the output devices by increasing 

their width. On the other hand, parasitic capacitance is also increased. The optimal device 

size can be found by sweeping the device width. As an example, assume a typical 0.35 

μm process is used; the length of the output MN21 in Fig. 5.1 is 0.5 μm; bias current is 1 

μA;  C2 and Cc are 500 pF and 1 pF respectively. The bandwidth    can be plotted against 

device width based on Equation (5.27). As shown in Fig. 5.5, the maximum achievable 

bandwidth of the output stage is 7.86 kHz and the optimal width is about 65 μm.  

In the analysis above, it is assumed that signal is only fed back from the output node. 

As shown in Fig. 5.2, due to the feed forward path via Cc, at a certain frequency, if the 

net current ic changes polarity so that          , there is no current flowing on 

ro2||RL||CL. Therefore, the output node is virtual ground. Furthermore, for f < fz, the gain 
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of the second stage is negative because i2 < 0.  For f > fz, the gain of the second stage 

becomes positive. The transition frequency, or zero, is given by  

                      (5.29) 

   
   

    
             (5.30) 

 

 

Fig. 5.5  Optimization on output devices   

 

For general purpose amplifiers,     has little effect on the overall frequency response 

because    is usually much greater than    and   . For example, if an amplifier is designed 

to drive 500 pF capacitive load and assume Cc is 10 pF, then    is 50 times greater than    

and   .  
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5.3   Analysis on Active Miller Compensation 

The second pole    of the two-stage OpAmp is located at the frequency where 
 

 
 

crosses the Bode plot of the open loop response of the second stage. Therefore, the lower  

 

 
 , the higher    . In conventional Miller compensation, 

 

 
  is always greater than 1 due to 

the parasitic capacitance c1, which limits     to  
   

    

  

     
. In order to move    to even 

high frequency, active Miller compensation may be used. The idea is to increase 

feedback coefficient β through some sort of active circuit. An example is shown in Fig. 

5.6. A fully differential two-stage OpAmp with active compensation is shown in Fig. 5.6. 

Fig. 5.7 shows a single ended two-stage OpAmp with active compensation. For 

simplicity, the following analysis is based on the schematic shown in Fig. 5.6. As shown 

in Fig. 5.8 and Fig. 5.9, the feedback coefficient and transfer function can be found as 

follows: 1) short input and vn nodes to ground and calculate zin; 2) short input and vo 

nodes to ground and calculate z1; 3) calculate current (if) entering vn node after shorting 

input and vn nodes to ground and applying a voltage source vo at output node; 4) short 

output node vo to ground and apply a voltage source vin at input nodes, then calculate 

current (i3) comes out of vn node. 
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Fig. 5.6  An OpAmp with active Miller compensation (fully differential) 

Fig. 5.7  An OpAmp with active Miller compensation (single ended) 
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Fig. 5.8  Small signal model of active Miller compensation  

 

Fig. 5.9  Small signal model to derive transfer function and feedback coefficient  
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         (5.31) 

   
  

 

   
 

 

   

 
         

 

   
          

 
  

 

   
 

 

   

         (5.32) 

                                               
 

   
       (5.33) 

Bode plots of z3 is shown in Fig. 5.10 and z1 can be found from Bode plot as 

       
 

   
      

 

   
         (5.34) 

where     is the output resistance of the first stage, which is given by 

                                                     (5.35) 

Feedback coefficient β is defined as  

  
  

  
 

    

  
 

  

   
 

     
 

   
 

   
 

 

   

        (5.36) 

The Bode plot of zin is also shown in Fig. 5.10. At low frequencies, zin is equal to 
 

   
; 

at high frequency, it is equal to 
 

   
; the corner frequency fpz is located at 

   

    
. At low 

frequency, z1 is equal to    ; at high frequency, it is equal to 
 

   
; the corner frequency fc1 

is located at 
 

       
. 

The inverse of the feedback coefficient β is given by  

 

 
       

   

  
                            (5.37)  

Note that z3 has a pole at  
 

               
 and a zero at  

   

    
, but they have no impact 

on the feedback coefficient β.  
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Fig. 5.10  Bode plots of impedance and (1/β) 

 

The transfer function can be derived from Equations (5.38−5.44). 

                                  (5.38) 

         
  

       
     

  

  
   
   

 
  

  
  

    

             (5.39) 

Thus, the first stage has the second pole located at      =
   

    
. 

                     
  

   
 

       

  
  

   

                   (5.40) 

       
      

  
  

   

 
  

   
  

     
    

  

   
 
            (5.41) 

                           (5.42) 

           
  

   
                                    (5.43) 
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                           (5.44)  

where           
      

         
   Therefore, in active Miller compensation, the second stage is 

also configured under feedback operation.         is the same as that with conventional 

Miller compensation;        has a second pole at f2_A1, and the closed loop response 

          does not have (1-β) term.   

Similar to conventional Miller compensation, the zero frequency fz can be found 

from Equations (5.45−5.47)  

     
 

   
                    (5.45) 

      
   

  
 
      

    
          (5.46) 

Thus, there are two zeros in the transfer function, and 

   
  

   
    

  

   
    

  

  
          (5.47) 

Thus, gain is increased at 40 dB/Dec for f > fz , which may or may not have an impact 

on overall stability depending on loading conditions.  More details will be discussed in 

the following paragraphs. 

 

5.3.1   Active Miller Compensation: Case I 

The frequency response of active Miller compensation depends on location of      

versus     in the overall transfer function. The second pole f2 is located where (1/β) 

crosses A2(f). Assuming the output stage drives heavy capacitive load and light (or no) 
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resistive load, the unit gain bandwidth of the second stage is low, so that     is less 

than    . The Bode plot of a two-stage OpAmp under this condition is shown in Fig. 11.  

Note the corner frequency fc1 on (1/β) curve is the same as      . The second 

stage is under closed loop operation through feedback capacitor Cc. The transfer 

function of the second stage in closed loop is given by  

         
     

  

   
 

   
  

  
    

  

  
 
 

     
  

     
 

   
  

  
    

  

  
 
        (5.48) 

f1 can be found from Equations (5.49—5.50) 

      
  

  
               (5.49) 

Thus,  

   
 

            
         (5.50) 

 

It can be seen from Bode plots that f2 is moved to 
   

    

  

  
, which is 

     

  
 times greater 

than that with conventional Miller compensation.  The transfer function of the OpAmp is 

given by  

                    
  

  
   

  

   
  

     
    

  

   
 
 
     

  

     
 

   
  

  
    

  

  
 
   

  

  
   

       
  

  
  

   
  

  
    

  

  
    

  

   
 
        (5.51)  

Its unit gain bandwidth f0 is given by 
   

    
, the same as that with conventional Miller 

compensation. Its third pole is located at     . Two zeros are located at much higher 

frequency than the third pole, thus, have little impact on the overall stability.  
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Fig. 5.11  Active Miller compensation (f2 < fpz ) 

 

5.3.2   Active Miller Compensation: Case II 

The load of general purpose amplifiers varies from one application to another.  If an 

amplifier drives heavy resistive load, its output stage will run a large amount of current, 

which increases gm2. If it drives light (or no) capacitive load,    approaches   . In either 

case, if the amplifier is compensated with active Miller scheme, the second pole f2 can be 

greater than fpz and the amplifier will be unstable. Bode plots under this condition are 

shown in Fig. 5.12. The AC response of the second stage under closed loop operation via 

compensation capacitor Cc is shown in the red curve. Because (1/β) curve crosses A2(f) at 
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f = f2  perpendicularly, the closed loop response of the second stage has double poles at f 

= f2 and overshoot may happen. Its transfer function is given by  

         
     

  

     
    

  

   
 

   
  

  
    

  

  
  

          (5.52) 

The AC response of the first stage is the same as that given in Equation (5.41). The 

transfer function of the OpAmp is given by  

                     
  

  
   

  

   
  

     
    

  

   
 
 
     

  

     
    

  

   
 

   
  

  
    

  

  
  

   
  

  
   

       
  

  
  

   
  

  
    

  

  
  

       (5.53)  

 

 

 

Fig. 5.12  Active Miller compensation (f2 > fpz ) 
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Fig. 5.13  Model of the second stage with active Miller compensation 

 

As shown in Bode plots, the closed loop response of the second stage has an 

overshoot at f = f2. To find the magnitude of the overshoot, the closed loop AC response 

of the second stage for f > f1_A1 can be modeled as a RLC circuit.  Bode plots show that 

the (1/β) curve is constant for f1_A1 < f <  fpz, increases at 20 dB/Dec since f > fpz, and 

crosses the X-Axis at f = f3. Therefore, it can be modeled as a resistor R= 
  

  
  in series 

with an inductor L= 
 

    
 . At high frequency frequencies, the open loop AC response of 

the second stage rolls off at 20 dB/Dec and crosses X-Axis at f = f4. Thus, it can be 

modeled as a capacitor C= 
 

    
. Then, the closed loop response of the second stage can 

be modeled as  
    

    
.  Fig. 5.13 shows the RLC model. The second pole f2 and Q factor can 

be found from Equations (5.54−5.58).  

        
  

  
 

   

    

  

  
 

   

    
           (5.54) 
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               (5.55) 

    
 

   
       

 

   
      

    
            (5.56) 

     
 

 
  

     

     
             (5.57) 

   
  

 
  

     

     
 
  
  

            (5.58) 

As a numerical example, assuming Cc = 10C1 and the OpAmp drives a heavy 

resistive load but no capacitive load so that gm2 = 100gm3 and C2 ≈ Cc, then the Q factor is 

calculated from (39) as  
   

 

 

  
 
  

 
   , which indicates a large overshoot. As 

mentioned before, the overall transfer function of the two-stage OpAmp also two zeros 

located at  
 

  
 
      

    
. Under this load condition, two zeros may be close to f2 and further 

degrade stability. Therefore, an amplifier compensated with an active Miller scheme may 

be biased with ultra low current at its output stage, yet drives heavy capacitive load 

without stability problems. However, it becomes unstable if a heavy resistor load and 

light or no capacitive load appears at its output stage. 

 

5.4   Analysis on Parallel Miller Compensation 

To ensure stability under any load, conventional Miller compensation can be placed 

in parallel with active Miller compensation. Fig. 5.14 shows a fully differential OpAmp 

with a parallel Miller compensation. Fig. 5.15 shows a single ended OpAmp with parallel 

Miller compensation. The following analysis is based on Fig. 5.14 for simplicity.  
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Fig. 5.14  A fully differential OpAmp compensated with parallel Miller scheme  

 

Fig. 5.15  A single ended OpAmp compensated with parallel Miller scheme 
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Fig. 5.16  Small signal model of parallel Miller compensation  

 

Fig. 5.17  Small signal model to derive transfer function and feedback coefficient  
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There are two zeros in transfer function, which can be found by Equations 

(5.59−5.60). 

     
 

   
                         (5.59) 

    
 

  
  

   

   

   

   
  

   
 

   
 

   
 

    
  

   

  

   

   
   

   

   
    

   
 

   
   

  
   

  
  )   (5.60) 

It will be shown, with parallel compensations, that the second pole of the two-stage 

OpAmp is limited to   . If we design the circuit properly so that 
   

  
    

 
 and 

   

  
  , 

then    is given by  

                      (5.61) 

Therefore, zeros have little impact on the overall stability and will be omitted in the 

following analysis. 

The small signal model of the OpAmp with parallel compensation is shown in Fig. 

5.16. The small signal model for deriving transfer function and feedback coefficient is 

shown in Fig. 5.17.  

Fig. 5.18 shows Bode plots when the OpAmp drives light capacitive load and/or 

heavy resistive load. The orange line shows (1/β).  Compensation capacitor Cc1 creates a 

pole on (1/β) curve at fp before it crosses A2(f). Therefore, the second pole f2 is limited to 

fp. The feedback coefficient β for (f1_A1 < f < fpz )  and (f > fp) is given by 

 

   
   

      
 

   

      
 

       

      
                     (f1_A1 < f < fpz )      (5.62) 

   
   

      
            (f > fp)       (5.63) 
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            (5.64) 

fp can be found from Equation (5.65). 

   
   

      
     

       

      
           (5.65) 

Thus, 

   
       

   
    

 

  

       

   

   

   
          (5.66) 

 

The closed loop response of the second stage,         , is drawn in the red line. The 

transfer function of the OpAmp is given by  

                     
  

  
   

  

   
  

     
    

  

   
 
 
     

  

     
    

  

   
 

   
  

  
    

  

  
 

 
    

   
  

  
    

  

  
 
             (5.67)  

   
 

                   
            (5.68) 

            
  

  

       

   

   

   
                 (5.69) 

   
  

  

   

       
           (5.70) 

 

Fig. 5.19 shows Bode plots of an OpAmp compensated with parallel Miller scheme 

and driving heavy capacitive load.  Bode plots show that the transfer function is given by 

                   
  

   
  

     
    

  

   
 
 
     

  

     
 

   
  

  
    

  

  
 
     

 

   
  

  
    

  

  
    

  

   
 
           (5.71)  

Its dominate pole f1 and unit gain bandwidth f0 are given by Equations (5.68) and (5.70). 

Its second pole f2 is given by 

         
  

  

       

      

   

  
                 (5.72) 



80 

 

 

Fig. 5.18  Parallel Miller compensation (f2 = fp) 

 

 

Fig. 5.19  Parallel Miller compensation (f2 < fpz) 
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If the OpAmp drives an intermediate capacitive and/or resistive load, (1/β) curve 

may cross A2(f) at some frequency between fpz and fp    Bode plots under this condition are 

shown in Fig. 5.20 and transfer function is given by  

                  
  

   
  

     
    

  

   
 
 
     

  

     
    

  

   
 

   
  

  
    

  

  
  

     
 

   
  

  
    

  

  
  

        (5.73)  

Because (1/β) curve crosses A2(f) perpendicularly at f = f2, which creates double 

poles at f2, it is necessary to check magnitude of overshoot. Again, the closed loop 

response of the second stage may be modeled as a RLC circuit.  

Because (1/β) is constant for f1_A1 < f < fpz, then it is increased at 20 dB/Dec until f = 

  , and finally stays constant. It can be modeled as a resistor     
      

       
, inductor 

  
  

    
 and resistor    

      

   
 as shown in Fig. 5.21. For f > f1_A2, the open loop 

response of the second stage, A2(f), can be modeled as a capacitor   
  

    
 , where fx 

varies between f3 and f4, depending on the load capacitance and resistance.  The 

relationship between fpz, f3, f4, and f5 is given by 

           
       

      
                     (5.74) 
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                       (5.76) 

The closed loop AC response of the second stage can be modeled as  
    

    
. The Q 

factor can be found from Equations (5.77−5.80). 

     
 

 
  

  

  
 

      

       
 
  

  
         (5.77) 
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Fig. 5.20  Parallel Miller compensation (fpz < f2 < fp) 

 

 

Fig. 5.21  Model of the second stage with parallel Miller compensation 
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         (5.80) 

 

Assuming compensation capacitance is chosen as Cc2 = 5Cc1 = 10C1, the Q factor is 

plotted in Fig. 5.22 by sweeping fx from f3 to f4, or equivalently, sweeping  
  

  
  from 1 to 

6.  

 

 

 

Fig. 5.22  Q factor versus   
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The maximum Q factor is approximately 1.22, which happens at f ≈ 1.5fpz. This leads 

to 0.6 dB peaking, therefore there is no big impact on stability.  

As a As shown in Fig. 5.20, if an OpAmp is compensated with a parallel Miller scheme 

and drives an intermediate load, its open loop gain rolls off at 20 dB/dec for  f < fpz, then 

stays constant since fpz, experiences a small overshoot at f2, and then rolls off again. 

Therefore, under this load condition, its gain margin is given by fpz/f0. To save power, we 

want to set Cc2 >> Cc1, for instance, Cc2 = 6Cc1, thus, Cc1 + Cc2 ≈ Cc2. To achieve 12 dB 

gain margin, we need to keep fpz at least three times greater than f0, namely, 

 

  

   

   
  

 

  

   

       
  

   

   
          (5.81) 

Therefore, the OpAmp should be biased properly so that  

                   (5.82) 

This can be done by reducing bias current of input differential pair MN11-MN12 in 

Fig. 10. The bandwidth and slew rate may not be a concern, as we can reduce 

compensation capacitance to restore bandwidth and slew rate. Input referred noise, 

however, may be a problem if the two-stage OpAmp is used as an input amplifier. 

Fortunately, most of time, only output amplifiers need to drive heavy loads. If such an 

amplifier is used as an output amplifier, the input referred noise is divided by the 

previous stage(s). Thus, its noise contribution is negligible. 
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CHAPTER 6 

 

 

A LOW POWER INSTRUMENTATION AMPLIFIER 

  

 

6.1   Introduction 

Instrumentation amplifiers are widely used in applications where source impedance 

is high, differential input signal is weak, and large common mode signal exists. For 

example, they can be often found in Wheatstone bridge circuits for strain or weight 

measurement, resistive temperature detectors for temperature measurement, ECG and 

EEG systems, flow meters, etc. Instrumentation amplifiers are required to have balanced 

high input impedance, high common mode rejection ratio, low noise, low offset and 

offset drift, adequate bandwidth and slew rate, and high linearity. This chapter presents a 

design of a low power high precession instrumentation amplifier. Circuit techniques 

discussed in previous chapters, as well as offset reduction, noise optimization, etc., will 

be applied.  

 

6.2   The System Architecture 

A classic three OpAmp instrumentation amplifier (IA) is shown in Fig. 6.1. The 

instrumentation amplifier has two input buffer amplifiers A1 and A2, which provide 

balanced high impedance input nodes. R1 and R2 have the same resistance; thus the output 

stage has a gain of 1. The gain of the instrumentation amplifier is set as (1 + 2Rf / Rg).  

For an integrated instrumentation amplifier, resistors R1, R2, and Rf are implemented on 
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chip, while Rg is an external resistor. Thus, the gain of the amplifier is programmable by 

changing Rg.  This architecture has two attractive features. Its input stage is fully 

symmetrical and its common mode rejection ratio (CMRR) is proportional to the gain 

setting. Having higher CMRR at higher gain is very desirable, because, in this case, input 

differential signal is weak. Therefore, this is the most popular architecture for 

instrumentation amplifiers. 

 

 

Fig. 6.1  Architecture of three-OpAmp instrumentation amplifiers 

 

6.3   Reducing Offset and Flicker Noise 

Any amplifier has random offset due to process variations. In addition, CMOS 

devices have higher flicker, or 1/f, noise corner. Circuit techniques to reduce offset and 

flicker noise have been reviewed in [42]−[44]. Those techniques include trimming, auto-

zeroing, chopper stabilization, Ping-Pong operation with auto-zeroing and chopping. 
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Although offset can be reduced by trimming, neither offset drift nor flicker noise of 

CMOS transistors can be suppressed by this technique. Therefore, the trimming 

technique is less attractive in designing high precision CMOS amplifiers. The auto-

zeroing technique can reduce offset, offset drift, and flicker noise [45], [46], but it also 

increases base-band noise density due to noise aliasing. This drawback may be avoided 

by combining auto-zeroing and chopping, where auto-zeroing is for ripple reduction and 

chopping is for noise modulation [47], [48]. Chopper-stabilization with ripple reduction 

using a notch filter [39], [51] and chopper-stabilization with ripple reduction using 

feedback path [49], [50] can also be found in several commercial products [52]−[55]. 

Despite their high DC precision, chopper-stabilization amplifiers and auto-zeroing 

amplifiers typically take a long time to settle after a large common mode step because the 

intrinsic offset of an amplifier is related to the circuit operating point, especially common 

mode input level. For chopper-stabilized amplifiers, this problem is due to the limited 

speed of the internal ripple reduction loop. Auto-zeroing amplifiers have the same 

problems due to the discrete nature of auto-zeroing operation. For example, if an 

amplifier is auto-zeroed at a common mode level of V1, after the input common mode 

level is suddenly changed to V2, the newly introduced offset error cannot be corrected 

before the next auto-zeroing cycle is completed. Before that, error will appear at the 

output, which is given by  

       
        

    
                                              (6.1) 

Although the error can be reduced by increasing the auto-zeroing frequency or the 

speed of ripple reduction loop response, it will result in higher power dissipation. In 
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addition, the operation of auto-zeroing and chopper stabilization is inherently discrete; 

therefore, delay always exists before the amplifier starts to recover after common mode 

step. In general, long settling time after common mode step is still an unsolved problem 

for auto-zeroed or chopper-stabilized amplifiers, thus attention needs to be paid in 

specific applications. For example, in a multi-channel data acquisition system, to save 

power, cost and board area, it is a common practice to share the same input amplifier 

among multi-channels in a time-interleaving manner. However, the input common mode 

levels among multi-channels are usually different. Therefore, adequate settling time must 

be given before a sample is taken. In some applications, for example, motor control 

systems, where the common mode step recovery time is crucial and the number of 

common mode levels is limited, a fast-settling auto-zeroing scheme can be employed 

[56]. It is realized by pre-storing the error-correction-signal for each common mode level 

in capacitors, and switching in a corresponding error-correction-signal after the common 

mode level is suddenly changed, therefore achieving fast recovery.  

In this design, offset cancellation with ping-pong auto-zeroing and chopping will be 

employed. The principle is briefly explained as follows; more details can be found in 

[47], [48].  Because the noise and offset from the second stage and third stage will be 

divided by the gain of the previous stage(s), only the first stage needs auto-zeroing and 

chopping. The architecture of the OpAmp and timing diagram is shown in Fig. 6.2 and 

Fig. 6.3. To provide a continuous signal path, the first stage has two identical paths in 

parallel and configured under ping-pong operation. More specifically, each path has a 

main input differential pair and an auxiliary differential pair. Two paths operate under 
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auto-zeroing and amplification mode alternatively (Ping-Pong operation). The auto-

zeroing mode itself comprises two steps sequentially: offset calibration (azos) and 

common mode reset (cmrs).  Fig. 6.4 shows a simplified schematic of one path. Common 

mode feedback is not shown. When both az and azos are at logic high, this path is under 

offset calibration mode.  Input nodes of the main differential pair gma are shorted to input 

common mode voltage vcmi. The auxiliary differential pair gma and I-V conversation 

circuit is configured under unit gain feedback operation. After the circuit settles, azos 

switches turn off. Thus, the gates of the auxiliary differential pair are disconnected from 

the I-V block and the offset associated with this path is stored in capacitor pair CP and 

CN. The input referred residual offset after auto-zeroing is given by  

        
       

 
 

    

    

    

 
                                                  (6.2) 

where Vos_ini is the initial offset referred to the main input, A is the loop gain, Qinj is the 

amount of mismatched charge being injected into offset storage capacitor pair when azos 

switches turns off, C is the capacitance of each offset storage capacitors, gma and gmb are 

the transconductance of the main and auxiliary pair respectively.  

Typically, the initial offset makes a negligible contribution to the final residual 

offset. As a numerical example, assuming that the loop gain is greater than 80 dB and 

initial offset is less than 20 mV, the input referred residual offset due to the initial offset 

is less than 2 uV. The final precision is more likely determined by the mismatching on 

charge injection, which is mainly due to mismatching of switch geometry, unmatched 

capacitive coupling effect from interconnection, and mismatching between offset storage 
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capacitors. The mismatching on charge injection may be reduced by using better layout 

practices and increasing the ratio of gma over gmb, for instance, to 10:1.  

 

Fig. 6.2  Ping-Pong OpAmp with auto-zeroing and chopper-stabilization 

 

 

Fig. 6.3  Timing diagram of auto-zeroing and chopper-stabilization 
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Fig. 6.4   Simplified schematic of the 1
st
 stage (one path only) 

 

After offset calibration is done, the differential voltage at the output of I-V block is 

given by 

                                                                          
   

   
                                                         (6.3) 

Thus, the mismatching of charge injection has some dependence on the initial offset. 

It may be understood from Fig. 6.4, where threshold voltage, width, and length of MN0 

and MN1 are assumed to be matched. When azos is at logic high, the channel charge of 

switch MN0 and MN1 are given by 

                            (6.4) 
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                                                                                              (6.5)  

Assuming the impedance at output of I-V block is much higher than CP and CN, so 

that all charge is injected into capacitive pair, the mismatching of charge injection is then 

given by  

                                                                                     (6.6)  

The input referred residual offset is given by  

                                                           
   

   

     

 

   

   
     

     

 
                                              (6.7) 

Such a residual offset is predictable from simulation. Simulation shows that, with 

switches made in 0.35 µm process, even if the initial offset is 20 mV, the residual offset 

due to the unequal potential at the source of MN0 and MN1 is negligible. 

Assuming the initial offset is 20 mV and gma/gmb is 10, then the output differential 

voltage Vod will be 200 mV. After this input stage is switched into amplification mode, 

the second stage, A2, will try to set Vod to Vos2, where Vos2 is the offset of A2. As a result, 

a large glitch may appear at the output of A2. To alleviate glitch, before the first stage is 

switched into amplification mode, its outputs need to be reset to their common mode 

output level. This is done through common mode reset switches (cmrs). After common 

mode reset is completed, gma is connected to Vp and Vn via input chopping switches, and 

output of the I-V block is connected to the input of A2 through output chopping switches. 

From now, this path is switched into amplification mode and is also chopper stabilized. 

As discussed above, there is some residual offset after auto-zeroing. In addition, broad 

band noise is folded into the base band due to auto-zeroing operation. Because of the 
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chopping operation, residual offset and base band noise are moved to high frequency, i.e., 

around chopping frequency and its high order harmonic frequencies.  

 

6.4 Circuit Implementation 

The architecture of the low power precision instrumentation amplifier is shown in 

Fig. 6.5. For simplicity, the bias generator and digital circuit, including an oscillator and 

control logic, are omitted. For precision applications, as shown in Equation (2.8), high 

DC loop gain is necessary. For example, if an amplifier is configured at a closed-loop 

gain of 40 dB and 100 dB loop gain is required to meet certain precision, the open loop 

gain needs to be 140 dB over all process corners and temperatures. Therefore, each 

OpAmp has three stages to achieve adequate open loop DC gain.  

The first stage of each amplifier has two paths configured in Ping-Pong operation 

with auto-zeroing and chopper-stabilization as shown in Fig. 6.2.  Each path is the same 

as that shown in Fig. 6.3, except that the main input differential pair is replaced with a 

novel rail to rail input circuit as proposed in Chapter 3. With such an arrangement, its 

input common mode range is extended, but no additional power is consumed. The main 

input differential pair is shown in Fig. 6.6. MN1 and MN2 are native NMOS.  MN5 and 

MN6 are added to prevent MN1 and MN2 from turning on at high common mode input 

level, which may happen if their gate to drain voltage drops to near 0. MN1, MN2, MN3, 

and MN4 operate in either weak inversion or turn off.  
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Fig. 6.5  A low power high precision instrumentation amplifier 

 

 

Fig. 6.6  The main input transconductance stage of the proposed IA 
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The circuit topology of the second stages — A12 and A22 are similar; the circuit 

topology of the third stages — A13 and A23 are also similar; the only difference is that 

the device sizes and bias current are adjusted accordingly.  The simplified schematic of 

the second and third stages is shown in Fig. 6.7. To save power, active and conventional 

Miller compensation techniques are employed in parallel. Input signal current enters 

MN8a and MP2a, while feed-back current enters the source of MN8b and MP2b.  Input 

signal current and feedback current then joins at the drain of MN8a and MN8b, and the 

drain of MP2a and MP2b. With such an arrangement, a feed-forward path through Cc2 is 

eliminated to improve stability. The output stage has feed-forward class-AB control 

circuit to save power without sacrificing load driving capability. 

 

 

Fig. 6.7  The second and third stage of each OpAmp 
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The novel compensation technique to extend small signal bandwidth and improve 

slew behavior proposed in chapter 4 is employed in the two input amplifiers. The 

instrumentation amplifier operates under a single power supply from 1.8 V to 5.5 V, 

consumes 30 μA quiescent current. The gain is programmable via Rg resistor. As a 

general purpose amplifier, it is designed to drive up to 500 pF capacitance without 

oscillation and 10 kΩ resistive load with adequate accuracy. Table 6.1 shows the current 

consumption at each circuit block.  

 

Table 6.1  Quiescent current in each block 

Block A11 A12 A13 A21 A22 A23 Digital Bias 

Current (µA) 8 0.8 2 0.8 0.8 4 2 1 

 

 

6.5 Simulation Results 

In this design, the chopping frequency is 80 kHz and the maximum bandwidth is 50 

kHz.  Thus, low frequency noise and residual DC offset from auto-zeroing are moved out 

of signal bandwidth. The chopping operation may cause new offset due to imperfection 

of layout. The residual offset may be minimized by better layout practice. Simulation 

shows this design has maximum offset of 2 uV, and drift less than 20 nV/℃ at the gain of 

10. The residual offset is proportional to chopping frequency. Theoretically, super 

precision may be achieved by reducing chopping frequency. However, chopping does not 

reduce noise, instead only moving noise from low frequency to high frequency. It is 
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desirable to move noise out of signal band, which sets the low bound of chopping 

frequency (i.e. fch > f3dB).   

The amplifier is stable under any combination of gain settings (   ), capacitive load 

(  500 pF) and resistive load (  10 kΩ). Fig. 6.8 illustrates its small signal step response 

under a variety of load conditions, process corners, gain settings, and operating 

temperatures. No sustainable oscillation occurs.  

 

Fig. 6.8  Small signal step response 

 

Fig. 6.9 shows small signal bandwidth under a variety of gain settings. Because of 

their low offset and low drift, auto-zeroed and/or chopper stabilized amplifiers are 

typically used in applications where high gain is required. In such applications, offset and 

drift can severely reduce system dynamic range. Therefore, in this design, noise, power, 
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bandwidth, and slew rate are optimized for applications where the gain is greater than 10. 

For instance, its gain-bandwidth product is 50 kHz at G = 1, while extended to 350 kHz 

for G       

Fig. 6.10 shows a typical large signal step response at G = 100. The slew rate is 0.03 

V/µS and the output settles to 0.01% in less than 160 µS under 4 V step.  Fig. 6.11 shows 

that the output noise spectral density at the gain of 100, therefore the input referred noise 

density is less than 50 nV/     from 0.1 Hz to 1 kHz. 

 

 

 

Fig. 6.9  Bandwidth at the gain of 1, 10, 100, and 1000 
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Fig. 6.10  Large signal step response at the gain of 100 

 

 

Fig. 6.11  Output noise spectral density at the gain of 100 
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Table 6.2 Comparison on the performance 

 

[57] [52] This work 

Power supply (V) 2.5~7.5 1.8~5.5 1.8~5.5 

Bandwidth 

(kHz) 

G=1 N/A 150 50 

G=10 N/A 35 35 

G=100 N/A 3.5 17 

G=1000 N/A 0.35 1.7 

Noise (nV/   ) 175~235 50 50 

Quiescent current (µA) 61~125 40~70 30 

Offset (µV) @ G=10 160~200 < 30 < 2 

Drift (nV/C)@G=10 N/A < 150 < 20 

 

 

Table 6.2 shows the comparison on performance. In Chapter 3, it was mentioned that 

one drawback of conventional complementary differential pairs is that the quiescent 

current varies with input common mode level. A plot of quiescent current versus input 

common mode level can be found in [52], which shows that the quiescent current varies 

from 40µA to 70µA.  

At present, the layout of the test chip is completed. The chip size is 2.6 mm
2
. The 

chip is to be fabricated in TSMC 0.35 um CMOS process. Note that the data in column 1 

and 2 are experimental results, and data in column 3 are simulation results. Nevertheless, 

the comparison shows this design can potentially achieve significant improvement over 

prior arts in bandwidth, noise, and power dissipation. While noise, bandwidth, and power 

dissipation can be predicted fairly accurately from simulations, offset and drift is more 

depending on physical layout. If the layout is done carefully, the similar offset and drift 

as reported in [46] are anticipated because the same offset cancellation technique is used.  
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CHAPTER 7 

 

 

A HIGH VOLTAGE DIFFERENCE AMPLIFIER 

 

 

7.1   Introduction 

This chapter discusses another challenging topic on amplifier design — high voltage 

amplifiers. To stand off high voltage, a straightforward approach is designing an amplifier with 

high voltage transistors. However, the device size of high voltage transistors is much larger than 

their low voltage counterparts, which results in more parasitic capacitance, larger die size, and 

higher cost. Moreover, the performance of high voltage transistors, such as device matching, 

output impedance, etc., are worst than low voltage transistors. Thus, to achieve high performance 

and low cost, high voltage devices should be avoided in the design if possible.  

One approach to handle high voltage is to attenuate input signal with resistor dividers, which 

can be found in many commercial high voltage amplifiers [58]−[60]. For example, high voltage 

difference amplifiers found in [58], [59] composes a resistor network and an OpAmp. The input 

common mode signal is attenuated by the resistor network; so does the differential mode input 

signal. The principle can be better understood from a simplified schematic shown in Fig. 7.1. If 

R1:R2 = 19:1, then the input signal is attenuated by a factor of 20 before reaching the input nodes 

of the OpAmp. If the input signal is between − 270 V and + 270 V, after being divided by a 

factor of 20, it falls into ± 15V range. An OpAmp powered with ± 15 V dual power supply can 

process such signal.  
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Fig. 7.1  A conventional high voltage difference amplifier 

 

The signal gain of the difference amplifier is given by Equation (7.1). 

  
  

     

  

      
 

  

  
            (7.1) 

This approach, however, leads to high noise gain. Noise gain is defined as 1/β, where β is 

the feedback coefficient [61]. The offset and noise of the OpAmp is amplified with the noise 

gain. For the difference amplifier shown in [58], the feedback coefficient at a gain of 1 and 10 is 

given by Equation (7.2) and (7.3) respectively, and the feedback coefficient of the difference 

amplifier in [59] is given by Equation (7.4). 

  
          

                    
               (7.2) 

  
                      

                           

          

               
           (7.3) 
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              (7.4) 

 

Therefore, referred to signal input nodes V+ and V−, the noise gains of the difference 

amplifiers in [58] and [59] are 25 and 20 respectively.  The high noise gain not only increases 

input referred noise, offset, and offset drift, but also reduces the effective gain-bandwidth 

product (GBW). For example, to design a difference amplifier with a gain of 50 and bandwidth 

of 100 kHz, normally, an OpAmp with GBW of 5 MHz is adequate. With the architecture shown 

in [58], however, the required GBW is increased to               , namely, 125 MHz. The 

physical origin of the high noise gain comes from the front end attenuation circuit, with which 

both unwanted common mode input signal and wanted differential input signal is attenuated.   

 

7.2   Current Sensing 

One of the most common applications for high voltage amplifiers is current sensing. The 

purpose of a current sensing amplifier is to amplify the voltage drop across a current shunt 

resistor Rs, which is placed in series between power bus and some form of load. To reduce 

power dissipation on the shunt resistor, the value of shunt resistance is typically in milliohm 

range. Therefore, the voltage across the resistor is usually small, for instance, under 100mV. 

However, the input common mode voltage varies widely depending on applications. For example, 

to measure a load current for high power class-D amplifiers, the common mode voltage may be a 

sinusoid waveform with a peak-to-peak voltage up to 300 V, and frequency up to 20 kHz; in an 

ultrasound imaging system, the input common mode may be – 120 V DC voltage; in 

telecommunication systems, the input common-mode may be either – 48 V or + 48 V DC 

voltage; and in the application of DC motor control, the input common mode may be a pulse 

width modulated signal varying between – 2 V to 65 V at frequencies up to 20 kHz and duty 
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cycles varying from 5% to 95%. As examples, Fig. 7.2 illustrates current sensing for DC motor 

control and high power class-D amplifier.  

  

Fig. 7.2  Exemplary applications 

 

In above applications, the feedback control system including PWM modulator, data 

converter, DSP, etc., is typically powered with a single power supply. Hence, it is desirable that 

the current sensing amplifier can operate under a single power supply as well. Furthermore, in 

order to achieve high resolution and fast settling, low noise, low offset, high gain, and adequate 

bandwidth are required.  

At present, current sensing amplifiers are either for the high side only [27], [62]− [62], or 

have limited common mode input range in negative side [60], [66]− [62][68], The current sensing 

circuit reported in [69] is able to operate under AC common mode input, but this topology is not 

suitable for high voltage current sensing amplifiers because high voltage CMOS devices would 
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be needed. To handle AC-type high voltage common mode signal, the common practice is to use 

high voltage difference amplifiers [58],[59], despite their high noise gain.  

 

7.3   A Novel Current Sensing Amplifier with a Wide Common Mode Range 

I proposed a novel difference amplifier topology [3]. The design techniques presented here 

can also be applied to other high voltage design. In the following paragraphs, low voltage 

devices are referred to the devices with maximum voltage rating of 5.5 V or less. As shown in 

Fig. 7.3, the proposed current sensing amplifier is featured with single supply operation, able to 

reject a wide range of AC and DC common mode input, and amplifies differential mode input 

without attenuating it first. With the proposed architecture, the major part of the amplifier can be 

designed with low voltage devices, either CMOS or bipolar transistors, and only a limited 

number of Laterally Diffused MOSFET (LDMOS) are needed to stand off high voltage.  

 

Fig. 7.3  A current sensing amplifier with wide common mode input range 
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As illustrated in Fig. 7.3, the current sensing amplifier is made with four resistors and a high 

voltage OpAmp. The gain is set by R2 and R1. The OpAmp comprises a transconductance stage 

to convert input differential voltage into current, a current conveyer block to transfer the signal 

current to the ground side, a current to voltage conversion block to convert the signal current into 

voltage, and an output amplifier to provide adequate capacitive and resistive driving capability.  

The transconductance stage is powered with a floating power supply Vcc_f, and located on 

the first floating ground Gnd_f1. The voltage difference between Vcc_f and Gnd_f1 is limited 

under the breakdown voltage of low voltage devices, so that the transconductance stage can be 

designed with low voltage devices. Both Vcc_f and Gnd_f1 track V+. Current conveyer block is 

located on the second floating ground Gnd_f2. The Gnd_f2 tracks V+ if V+ is below 0 V, and 

stays near 0 V if V+ is greater than 0 V.  

 

Fig. 7.4  Floating supply and grounds generator 
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Fig. 7.4 shows the circuit to generate Vcc_f, Gnd_f1, and Gnd_f2.  MPD1 is a P-type 

laterally diffused MOS (LDPMOS), and MND1 is an N-type laterally diffused MOS (LDNMOS). 

In modern Bipolar-CMOS-DMOS (BCD) processes, the drain of DMOS can stand off over 

hundreds volts. D3−D6 are high voltage diodes.  D1 and D2 are 5 V Schottky diodes with 

forward voltage drop of 200 mV. For simplicity, a 5 V zener diode D7 is placed between Vcc_f 

and Gnd_f1 to limit the voltage difference between them. A voltage regulator can be used if we 

want to limit the voltage difference even lower. MN1, MN2, MP1, and MP2 are 5 V MNOS and 

PMOS respectively; they set limit on current drawn from V+ or Vcc. The limit is chosen slightly 

higher than the total bias current consumed by the transconductance stage. 

Fig. 5(a)−(d) show the direction of current flows with respect to V+. As shown in Fig. 5(a), 

if V+ is greater than Vcc, D1 is forward biased. Vcc_f is about 200 mV below V+. Thus, Vcc_f 

tracks V+; Gnd_f1 is clamped to Vcc_f by the zener diode D7, so that it also tracks V+; the 

transconductance stage is powered from V+.  The transconductance stage may be powered from 

V− pin, but the V+ pin is preferred, so that the current through Rs is true load current.  

As shown in Fig. 5(b), if V+ is less than Vcc, D3 is forward biased. Therefore, the 

transconductance stage is powered from Vcc.  V+ sinks current via the forward biased Schottky 

diode D2; thus, Gnd_f1 tracks V+, about 200 mV greater than V+; Vcc_f is clamped to Gnd_f1 

by zener diode D7, thus it also tracks V+.  

As shown in Fig. 5(c)−(d), if V+ is greater than 0 V, D6 is forward biased and clamps 

Gnd_f2 at 0.7 V; if V+ is less than 0 V, D5 is forward biased, so that Gnd_f2 tracks V+.  

Fig. 6 shows Vcc_f, Gnd_f1 and Gnd_f2 versus V+. Because transition happens near 0 V, 

for clarity, the result is only plotted for V+ from − 20 V to + 20 V.   
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Fig. 7.5  Current flow versus input common mode 

 

 

Fig. 7.6  Internal power supply and grounds versus input common mode 

(a) (b) 

(c) (d) 

(

d) 
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 The schematic of the transconductance stage is shown in Fig. 7.7. This block is designed 

with 5 V transistors. Vp and Vn are non-inverting and inverting input nodes respectively. The 

transconductance stage has complementary differential pairs MP1-MP2 and MN1-MN2, so that 

input common mode voltage can be slightly beyond Vcc_f and Gnd_f1. The input differential 

pairs are sized to operate under weak inversion mode. MP0 steers current between two 

differential pairs to keep transconductance constant regardless input common mode voltage. The 

input differential voltage signal is converted into current signal, then enters current conveyor 

block.  

 

Fig. 7.7  Input transconductance stage 

 

From Fig. 7.3, it can be seen that the current conveyor block comprises 4 DMOS devices — 

MPD1, MPD2, MND1, MND2, and 2 current mirrors made with low voltage CMOS — MN1, 
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MN2, MN3, and MN4. Current output from the transconductance stage flows through MPD1 and 

MPD2, mirrored by current mirrors MN1-MN2 and MN3-MN4, then through MND1 and MNd2, 

finally reaches the current to voltage conversion block. The current to voltage conversion block 

is fixed at system ground side, while the transconductance stage moves with V+. Therefore, the 

current conveyor block functions as a bridge to connect the transconductance stage and the 

current to voltage conversion block. DMOS are used as cascode devices to stand off high voltage. 

Thus, their performance, such as transconductance, output impedance, etc., is not critical.   

Current mirrors are located on the second floating ground Gnd_f2, which is always less or equal 

to Gnd_f1.  Such an arrangement ensures that current mirrors always have enough voltage 

headroom to function properly no matter whether the input common mode voltage is above or 

below the system ground.   

The current to voltage conversion and the output amplifier are powered with a single power 

supply and located on the system ground side. Both are designed with low voltage devices. The 

output amplifier is a two-stage OpAmp with a class-AB output stage. The current sensing 

amplifier is designed to drive up to 500 pF capacitive load and 10 kΩ resistive load.    

The proposed amplified was simulated with sinusoid common mode input, whose peak to 

peak voltage is 400 V, and frequency is 1 kHz. The amplifier is powered with a single 5 V power 

supply. The reference voltage is set at 2.5 V and differential input is 0. The amplifier is set at a 

gain of 50. Fig. 7.8 illustrates the output of the amplifier, floating supply, and floating grounds 

versus input common mode voltage. It shows that the output of the amplifier stays nearly 

constant (rejecting large common mode input as expected).  
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 Fig. 7.8   Simulated transient response  

 

7.4   Experimental Results 

A test chip is fabricated with a silicon-oxide isolated BCD process which offers 5 V CMOS, 5 

V bipolar, and 200 V DMOS transistors. The chip size is 1.5 m  . The amplifier operates on 5 

V power supply. The power dissipation is 6 mW. The photograph of the chip is shown in Fig. 7.9. 

Fig. 7.10 shows the frequency response of the test chip. The DC gain is 34 dB, and bandwidth is 

125 kHz. Fig. 7.11 shows the output of the amplifier under 1 kHz and 400 V peak to peak 

sinusoid common mode input. The test condition is the same as the simulation setup discussed in 

the previous paragraph. From Fig. 7, it can be seen that, depending on input common mode level, 

either PMOS or NMOS differential pair may turn on; the transition happens when input common 

mode is near 0 V. Because their offset is usually different, a sudden change on output is 

anticipated. Fig. 11 shows the output of the amplifier under 1 kHz and 400 V peak to peak 

sinusoid common mode input. For the device under test, output changes between 2.5 V and 2.6 V.  
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In another word, the input referred offset varies from 0 to 2 mV.  The purpose of the prototype 

chip is to test the proposed circuit topology; therefore, no offset cancellation technique has been 

implemented yet. With auto-zeroing, chopping, or trimming, the input referred offset can be 

reduced under uV range [47], [63]. The complementary input differential pairs may also be 

replaced with a single differential pair powered by a local charge pump located on Gnd_f. 

Nevertheless, the common mode rejection ratio is still greater than 100 dB for the entire common 

mode range of 400 V before offset cancellation techniques are employed. 

 

 

 

Fig. 7.9  Photograph of the test chip 
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Fig. 7.10   Gain over frequency 

 

 

Fig. 7.11   Transient response under 400 V p-p sinusoid common mode input  

 

Table 1 shows the comparison of this topology with existing architectures used in 

commercial products or reported in literatures. 

 

7.5   Conclusion  

A novel topology for general purpose current sensing amplifiers is presented. A functional 
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prototype chip is fabricated and test results are as expected.  Using this novel topology, the major 

portion of the amplifier can be designed with low voltage devices, and only a limited number of 

DMOS devices are required to stand off high voltage, thus high performance and low cost can be 

achieved. The topology can be implemented in BCD processes, which are more compact and less 

expensive than their high voltage CMOS or bipolar counterparts.  The topology does not have 

high noise gain as some conventional solutions have. It can operate on a single power supply, yet 

handle a wide range of AC common mode and DC common mode input. This feature makes it 

suitable for a wide variety of current sensing applications.  

 

Table 7.1  Comparison on topologies 
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CHAPTER 8 

 

 

DESIGN FOR MANUFACTURABILITY 

 

 

8.1 Introduction 

For commercial products, manufacturing cost is as important as performance. A successful 

design must be able to provide better performance at similar or even lower cost than existing 

products. When discussing performance, we must also take manufacturability and cost into 

consideration. For example, offset voltage is due to process variations. It is not appropriate to 

compare an amplifier without trimming to one with laser trimming. Although the later has much 

lower offset, laser trimming is expensive. As another example, among 100 untrimmed amplifiers, 

we can always find some with almost zero offset. We cannot, however, claim this amplifier has 

zero offset voltage. In mass production, product parameters should be specified in such a way 

that a reasonable yield, for instance, 95%, can be achieved.  For example, for the amplifier in [5], 

maximum offset is specified as 2.5 mV at 27 °C and 3.5 mV from −40 °C to 125 °C. The 

distribution of offset voltage is shown in the data sheet. 

Like in any manufacturing process, variability also exists in semiconductor processes. 

Applied Statistics, such as design of experiments, statistical quality control, etc., is widely used 

in the semiconductor manufacturing industry. However, due to cost constraints, equipment and 

human factors, variability can only be controlled under a certain level in production.  Large 

variations can still be observed from lot-by-lot, wafer-by-wafer, and even from two adjacent 

devices on the same die [70]. For example, it is not uncommon that integrated resistors and 

capacitors vary ±10% from their nominal values.  Although circuit designers have no control 
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over process variability, better design and layout techniques can be adopted to reduce the 

sensitivity to process variations. Furthermore, statistical analysis can be used to predict circuit 

performance and yield before fabrication.  

 

8.2 Sensitivity Reduction at the System Level 

In semiconductor foundries, the absolute value of each device, such as resistance, 

capacitance, transconductance, threshold voltage, is poorly controlled. However, with careful 

layout, two devices may be matched very well. For example, in modern semiconductor 

processes, it is possible to match two capacitors with an error of less than 0.01%, although their 

absolute value may vary from nominal value by 10%. Therefore, the system architecture should 

be selected in such a way that the performance of analog integrated circuit do not rely on 

absolute value but matching. As a classic example, almost all amplifiers are configured under 

closed-loop operation. As shown in Fig. 8.1, the gain accuracy a feedback amplifier is 

determined by the matching of two resistors, instead of the open loop gain of the OpAmp.  

 

Fig. 8.1  OpAmp under feedback operation 
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Sometimes, the dependence on a particular device may be inevitable. In this case, it is 

necessary to make it controllable. For example, to make a precision bandgap reference, trimming 

is necessary. Some trimming circuit needs to be deployed on chip to ensure accuracy can be met. 

 

8.3   Sensitivity Reduction at the Component Level 

In precision analog design, input offset is one of the key parameters. Although autozeroing, 

chopper stabilization, and trimming can greatly reduce offset, it is necessary to ensure initial 

offset under a certain range. For example, with the offset cancellation scheme shown in Fig. 6.4, 

offset is corrected by shifting the bias current of the auxiliary input pair to one side or another. If 

offset is too large, it may not be fully corrected even if all bias current is shifted to one side. 

Sometimes, to reduce circuit complexity, cost, power dissipation, or switching noise, no offset 

cancellation technique is employed. In this case, the final precision will be fully reliant on 

component matching. As discussed in Chapter 2, the input referred offset of the OpAmp shown 

in Fig. 2.5 is given by  

            
  

   
 

   
     

  
   

 

   
     

           (8.1) 

From a design perspective, the ratio of gm2/gm1 and gm3/gm1 can be minimized by reducing 

bias current and W/L ratio of MP1, MP2, MN5, and MN6. Ideally, input referred offset should be 

dominated by Vos1.   

Circuit layout has a key impact on component mismatching. Layout techniques to improve 

matching have been discussed in depth [72]. In general, matching-critical devices should be 

placed in the center to avoid uneven packaging stress. The centroidal symmetry principle or 
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interdititation pattern should be followed. Power devices should be placed near the edge. The 

location and orientation of critical matched devices should be placed in such a way that they 

experience the same temperature gradient. When the device size is close to process feature size, 

matching degrades dramatically. Therefore, the width or length of any device should be at least 

twice as the minimum size if matching is required. 

 

8.4   Estimation of Yield with Statistical Analysis 

Although the sensitivity of process variation may be reduced at the system and component 

level, process variation inevitably degrades the performance and yield of integrated circuits. In 

Equation (8.1), Vos1, Vos2, and Vos3 are independent random variables. They follow a normal 

distribution with a mean of 0 and standard derivation of δ1, δ2, and δ3 respectively. In 

semiconductor manufacturing foundries, device parameters are monitored lot-by-lot. Device 

statistical models are built based on the data collected from previous lots and updated from time 

to time. 

In general, input-referred offset may be modeled as  

          +                    (8.2) 

where xi is N(0,   
 ) and  ki varies in different process corners.  

 Chip fabrication is costly and time-consuming. Before fabrication, it is necessary to 

estimate the circuit performance and yield with Monte Carlo simulations. For example, offset 

voltage must be centered at 0 and the 97.5% confidence interval on offset should be within ±3  , 

where    is the parameter specified before design started, based on cost, process capability, and 

customers’ requirements. Offset at each process corner is normally distributed with mean of μ 

and variance   . The mean and variance are unknown. The mean and variance at difference 

corners are not necessarily the same.  
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Conventionally, circuit designers have to run extensive Monte Carlo simulations over 

process corners.  For the following process corners: (fast NMOS, fast PMOS, fast R), (fast 

NMOS, fast PMOS, slow R), (fast NMOS, slow PMOS, slow R), (fast NMOS, slow PMOS, fast 

R), (slow NMOS, fast PMOS, fast R), (slow NMOS, fast PMOS, slow R), (slow NMOS, slow 

PMOS, slow R), (slow NMOS, slow PMOS, fast R), and (nominal PMOS, nominal NMOS, 

nominal R), if 1000 trials need to be run at each corner, then the total number of simulation runs 

is 9000. If, at any corner, the simulation shows that the design does not meet specifications, then 

it must be modified. After the circuit design is changed, all simulations must be re-run. For a 

large scale circuit, this is very time-consuming, sometimes not practical. Thus, circuit designers 

have to make a tradeoff between simulation time and accuracy. Most often, the decision is made 

rather arbitrarily.  

In this chapter, a two-step Monte Carlo simulation scheme and its statistical background are 

presented. The proposed two-step Monte Carlo simulation scheme is more efficient without 

sacrificing accuracy. The flow chart is shown in Fig. 8.1.   

At each process corner, with total n simulation runs, the estimated variance,   , is given by  

                                                    (8.3) 

The 97.5% confidence interval on the true variance is given by 

       

           
     

       

           
           (8.4) 

Criterion I: If the upper bound of      
 , we may conclude that the variance meets 

the design specification.  

The mean of offset can be estimated as  

                               (8.5) 

The estimated mean    is normally distributed, centered at the true mean μ, and with a 
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variance of 
  

 
    The 97.5% confidence interval on the true mean is given by 

             
 

    
                

 

    
       (8.6) 

   Criterion II: If 0 is within the interval, we may conclude systematic offset is 

negligible. 

    As the first step, a Monte Carlo simulation with 121 trials will be run at each corner. From 

Equation (8.4), to meet criterion I, the estimated variance, should meet the constraint   

         
              (8.7) 

The estimated mean,    , is N(μ, 
  

   
), which is quite close to the true mean. From Equation 

(8.6), to meet criterion II, the estimated mean, should meet the constraint   

                         (8.8) 

At any process corner, if criterion I or II is not met, the design will be modified and 

simulation will start over. It usually takes several iterations to complete step one. Because only a 

limited number of trials need to be run, the burden on simulation time is relaxed. As shown in 

Equation (8.7), the design constraint is tighter, which may cause over-design. However, in circuit 

design, it is desirable to have a certain level of design margin.  

After the first step is completed, the design is most likely finalized. The 97.5% confidence 

interval on the ratio of variances,   
    

 ,  for any two different process corners can be found by 

  
 

  
                   

  
 

  
  

  
 

  
                         (8.9) 

Criterion III: If unity is within the interval, we may conclude that the variances in the two 

corners are approximately the same.  

In the second step, after comparing variances in all corners, circuit designers can re-run a 

simulation with 1000 trials at the worst process corner, i.e., the corner with largest variance. In 

the case that variances in all corners are similar, the nominal corner will be selected for re-

simulation. The simulation will take longer time, but a more accurate prediction on the mean and 
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 Fig. 8.2  Flow chart of two-step Monte Carlo simulation 
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variance can be obtained. If results meet product specification, then design is finalized. 

Otherwise, re-design is needed. An exemplary distribution of offset voltage with 1000 trials is 

shown in Fig. 8.2.  

 
 

Fig. 8.3  Histogram of offset at the worst corner 

 

8.5   Conclusion 

 In mass production, process variation must be considered during the design stage. Design and 

layout techniques can be used to reduce sensitivity on process variation. Statistical analysis can 

be very valuable for yield prediction and improvement. A certain margin is recommended 

because many factors, such as package stress, mismatching varying with temperature, etc., are 

too complicated to be modeled. In addition, sometimes, especially in a newly released 

semiconductor process, device statistical models may not be accurate due to limited 

characterization data.   

Number 

 

of 

 

units 

Offset voltage (mV) 
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CHAPTER 9 

 

 

SUMMARY  

 

9.1   Contributions of this work 

 The first general purpose monolithic integrated OpAmp was introduced to the market in 

1963, yet many challenges and opportunities still exist in the design of such amplifiers. This 

research work has focused on two emerging trends in this area: continuously strive to reduce 

power dissipation, and/or raise operation voltage rating. In response to the ever-increasing 

demand on low power amplifiers and high voltage amplifiers, this research has addressed key 

issues encountered in low power design and high voltage design. We have proposed several 

circuit techniques for designing high performance general purpose amplifiers, primarily for 

precision signal conditioning applications.  

 

9.1.1   A Novel Low Noise Power Efficient Rail to Rail Input Circuit 

The dynamic range of any electronic system is limited by its signal swing and noise floor. 

Because of the reduced power supply voltage and bias current, the signal swing is reduced and 

noise floor rises.  

To extend the input common mode range of amplifiers, a novel rail to rail input circuit has 

been proposed. Compared with the conventional rail to rail input circuit with complementary 

differential input pairs or on-chip charge pumps, the proposed input circuit has two advantages: 

two input differential pairs share the same bias current source so that a substantial amount of 

power can be saved; the total bias current is constant regardless input common mode level, 
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which makes it possible for further optimization on input referred offset and noise. Therefore, the 

proposed input circuit is ideal for low power low noise amplifiers.   

 

9.1.2   A Novel Compensation Technique to Improve Dynamic Performance 

 To reduce power consumption, besides reducing supply voltage, we also have to reduce the 

bias current of amplifiers. As a result, conventional low power amplifiers have narrower small 

signal bandwidth and slower slew rate, which degrade their dynamic performance. The 

bandwidth is further reduced when amplifiers are set at higher closed loop gain because of 

limitation of the constant gain bandwidth product. Existing solutions to extend small signal 

bandwidth have several disadvantages, for instance, requiring additional control circuit, 

contributing more noise, etc.   

In this dissertation, we proposed a novel self-adaptive Miller compensation scheme to 

automatically adjust Miller effect with respect to the gain setting. This method is very simple, yet 

able to greatly extend small signal bandwidth, especially when amplifiers are configured at 

higher gain setting. In addition, this compensation scheme also improves the slew behavior of 

amplifiers. Furthermore, a self-adaptive Miller compensation scheme with noise and bandwidth 

optimization has been presented, thus circuit designers can compromise between bandwidth and 

total noise to best suit specific applications.  

 

9.1.3   A Thorough Analysis of Power Efficient Compensation Techniques  

In our research, we also investigated low power frequency compensation techniques with 

enhanced load driving capability. More superficially, for amplifiers compensated with 

conventional Miller scheme, a large portion of the power budget has to be allocated to their 



125 

 

output stage in order to drive heavy capacitive load. Thus, conventional Miller compensation is 

not suitable for low power amplifiers. To save power, active Miller compensation may be used. 

Despite their excellent capability to drive heavy capacitive load, our analysis shows that 

amplifiers with active Miller compensation are unstable under light capacitive load or heavy 

resistive load. General purpose amplifiers need to drive various loads.  To ensure stability, 

parallel Miller compensation may be used. The frequency response of active Miller 

compensation and parallel Miller compensation are complicated because multiple poles and 

zeros may be near the cut off frequency and vary with load conditions.  No thorough analysis on 

frequency response has been given in literatures. To illustrate the connection between 

poles/zeros and each individual circuit component, we use a design oriented approach to derive 

transfer functions for various load conditions. Only after these transfer functions are derived, 

circuit designers can optimize their design accordingly.  

As a case study, a low power precision instrumentation amplifier is designed. Compared to 

similar commercial products and instrumentation amplifiers reported in literature, this design can 

save at least 40% power without raising the noise floor. In addition, it offers better dynamic 

performance. 

 

9.1.4   A Novel Topology for High Voltage Difference Amplifiers 

Finally, challenges and conventional solutions for high voltage amplifiers are discussed. A 

novel topology for a current sensing amplifier has been proposed. Essentially, it is a high voltage 

difference amplifier. A functional chip is fabricated and test results are as expected.  The major 

portion of the amplifier can be designed with low voltage devices, and only a limited number of 

DMOS devices are required to stand off high voltage; thus high performance and low cost can be 
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achieved. The topology can be implemented in BCD processes, which are more compact and less 

expensive than their high voltage CMOS or bipolar counterparts. The topology does not have 

high noise gain as some conventional solutions have. It can operate on a single power supply, yet 

handle a wide range of AC common mode and DC common mode input. This feather makes it 

suitable for a wide variety of current sensing applications. The principle may be used for other 

type of high voltage amplifiers. 

 

9.2   Further Research Direction 

 Precision amplifiers are widely used in instrumentations, industrial process control, motor 

control, and medical devices. In such applications, depending on system requirements, the total 

error voltage must be less than a certain level over the entire operation temperature range, for 

instance, from − 40
 o

C to 125
 o

C. Although zero initial offset, i.e., offset voltage at room 

temperature, is desirable, it is not absolutely required. Most electronic systems comprise an 

analog front end, analog to digital converters, and micro-controllers.  Thus, it is a common 

practice for users to calibrate out the initial offset and other error sources of the entire signal 

chain after power-on. However, users are not able to conduct calibration at each temperature 

level, as this would interrupt the system normal operation and increase the system complexity. 

Thus, offset drift over temperature is a key specification for precision amplifiers. As an example, 

for the OpAmp in [5], the typical offset drift is 2.5 µV/
 o
C. Thus, the total offset error may vary 

by 0.4 mV in the entire operation temperature range. If the OpAmp is configured with high gain, 

for instance, a gain of 1000, the output error voltage varies by 400 mV. Therefore, this OpAmp 

is not suitable for precision applications.  
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Presently, for CMOS amplifiers, dynamic offset cancellation techniques such as auto-zeroing 

and/or chopper stabilization are the most common approaches to reduce offset drift over 

temperature. Typically, with such techniques, the offset drift can be reduced to tens’ nV/
 o

C. 

However, there are several concerns due to dynamic offset cancellation. The first issue is the 

charge injection current at the input terminals. Even worse than a DC input bias current, such an 

injection current is periodical with large spikes. In some applications, for instance, ECG and 

EEG systems, charge injection current must be lower than a certain level, and the lower the 

better.  The second issue is the signal glitch at the output and the inter-modulation due to 

switching noise. Lastly, due to the nature of the discrete operation of autozeroing and/or 

chopping, the amplifier may need longer time to settle under certain circumstances. For example, 

if the amplifier has two input differential pairs in parallel to achieve a rail to rail input common 

mode range, long settling time is required when the input common mode level crosses transition 

region. In addition, it also takes a longer time for such amplifiers to recover after they are 

overloaded.  

Because all those concerns are related to dynamic offset cancellation, it is desirable to reduce 

offset drift with some other approaches. For example, by using laser trimming, we can reduce the 

offset voltage of bipolar amplifiers to nearly zero. If a bipolar amplifier is biased with PTAT 

current, then the offset drift is correlated with offset. Thus, by trimming offset voltage to zero, 

the offset drift over temperature is also greatly reduced. Unfortunately, the offset drift of CMOS 

amplifiers has no correlation with the initial offset. Even if we trim their offset voltage to zero at 

room temperature, their output voltage still drifts over temperature.  It  is unknown why, even 

when a CMOS amplifier is biased under weak inversion so that devices operate similarly as 

bipolar transistors, the offset drift still does not correlate with the initial offset.  
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Therefore, we recommend the following topics for further research: 

 Methods to reduce non-ideal effects due to switching operation of autozeroing and/or 

chopper stabilized amplifiers, for example, charge injection current, switching noise, 

inter-modulation, long settling time, etc.  

 Methods to reduce offset and offset drift of CMOS amplifiers without using dynamic 

offset cancellation such as autozeroing or chopper stabilization. We first need to 

understand the mechanism of offset drift of CMOS devices, especially what makes it 

different from bipolar transistors. If such a mechanism is well understood, we could 

come up with some static offset cancelation schemes. This would greatly improve the 

performance of CMOS precision amplifiers. Therefore, such research could lead to not 

only technology breakthrough, but also commercial success, as hundreds of millions 

of dollars in revenue is generated from stand-along autozeroed and/or chopper 

stabilized amplifiers each year, despite that they have many unwanted side effects due 

to dynamic offset cancellation.   
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APPENDIX A 

 

DESIGN ORIENTED ANALYSIS  

 

This section discusses the application of design oriented analysis methodology in this 

research, more specifically, analysis of parallel Miller compensation. More details on design 

oriented analysis methodology can be found in [40], [41] and credit goes to their respective 

authors.  

 

Fig.  A.1  Small signal model of parallel Miller compensation 

 

To illustrate the procedure of design oriented analysis and the underlying principles, the 

small signal model of parallel Miller compensation is re-drawn in Fig. A.1. With conventional 

circuit analysis methods, we use Kirchhoff’s voltage law and current law to list N equations with 

N unknowns variables. Therefore, four equations can be listed as follows: 
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                        (A.3) 

      
  

  
                                          (A.4) 

 

In above equations, there are 4 unknown variables: vin, v2, vn, and vo.  In order to illustrate 

the connections between zeros, poles, and each circuit component, we need to obtain a transfer 

function in a factored format as  

      
  

   
  

   
 

   
    

 

   
     

 

   
 

   
 

   
    

 

   
     

 

   
 
             (A.5) 

where fz1, fz2, … fzn and fp1, fp2, … fpn  are given by a set of circuit parameters 

[                                ]. If these parameters were given, for instance, Cc1 = 2 pF, 

…, gm1 = 10 uS,…, ro4 = 5 MΩ,…,  etc, Equation (A.5) could be easily found using numerical 

methods, for example, SPICE or MATLAB software. However, the objective of circuit design is 

to look for optimal values for these circuit components, thus these parameters are to be decided 

before the design has been completed.  Therefore, it is not possible to obtain Equation (A.5) 

directly from Equations (A.1−A.4) with numerical methods. 

The principles of design oriented analysis include: divide and conquer, keep the expression 

with low entropy. Thus, instead of trying to derive the transfer function directly, we can break 

down this procedure into multiple steps as follows: 

 Derive the expression of zeros. Assuming the design constraints 
   

  
      and 

   

  
   

are met, then zeros are omitted from the following analysis.  
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 Derive the feedback coefficient of conventional Miller and active Miller compensation. 

The feedback coefficient of parallel Miller compensation is the sum of both.  

 Derive the open loop frequency response of the second stage. 

 Derive the closed loop frequency response of the second stage, which is further divided 

down into following 3 cases: 

o Heavy capacitive loads and light resistive loads so that  f2 = fp 

o Light capacitive loads and light resistive loads so that  f2 < fpz 

o Intermediate capacitive and resistive loads so that  fpz < f2 < fp 

  Derive the open loop frequency response of the second stage. 

 Draw the above frequency responses in Bode plots, then write the overall transfer 

function by inspection. 

 Obtain design constraints from the transfer function, i.e., fpz > 3f0 and f2 > 2f0. 

.  

Fig.  A.2  Norton equivalent circuit 

 

As discussed in Chapter 5, the Norton equivalent circuit has been used to find the expression 

for voltage at node vn in Fig. A.1. The benefit of using the Norton equivalent circuit can be better 

understood in the following example. For the circuit shown in Fig. A.2, the following equations 

can be listed based on use Kirchhoff’s voltage law 
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                 (A.6) 

      
  

     
   

  

     
              (A.7) 

   
    

     
      

   

     
            (A.8) 

Therefore, the transfer function is given by  

  

   
 

    
     

  
   

     

 
    

          
            (A.9) 

A design oriented approach using the Norton equivalent circuit is as follows: 1) short the 

node vn to ground, apply a voltage source vin at the input node, calculate current i1; 2) short the 

node vn to ground, apply a voltage source vo at the output node, calculate current if; 3) short both 

input node and output node to ground and calculate impedance zn at the node vn; 4) short circuit 

current in is given by Equation (A.10) using superposition; 5) voltage at the node vn is given by 

Equation (A.12) using Norton theorem.  
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        (A.13) 

 

Equation (A.13) is the same as Equation (A.7). Although, with a design oriented approach, it 

takes multiple steps to obtain Equation (A.13), each step becomes very straightforward and easy 

to solve. A practical circuit usually includes resistors and capacitors, sometimes even inductors. 

By breaking the analysis into multiple steps, the result at each step can be simplified; thus some 

non-important factors will not be carried over to the next step. This will greatly reduce the 

complexity of the circuit analysis, yet without losing any critical information for design 

optimization.   
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Fig. A.3 and Fig. A.4 show the flow charts of design oriented analysis of a two-stage 

OpAmp with active Miller compensation and parallel Miller compensation, respectively. 
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Fig.  A.4  Analysis of active Miller compensation 

Fig.  A.3  Analysis of active Miller compensation 
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APPENDIX B 

 

COMPUTER AIDED DESIGN 

 

Circuit designers need to run comprehensive simulations to check circuit performance at the 

end of the design stage. Computer simulation plays an important role in design verification. For 

non-switching circuits, SPICE-like simulators are used to conduct DC, AC, transient, and noise 

analysis. For switched-capacitor circuits, SPECTRE® or SpectreRF® can be used. An automated 

software test bench could be built to implement the verification tasks, where circuit designers 

can set up test conditions with a User Graphic Interface.   

In general, simulation coverage and conditions depend on product specifications. However, 

no industrial standard exists regarding test conditions and specifications. For example, although a 

general purpose OpAmp is usually expected to be unit gain stable under 500 pF, some 

commercial products on the market can only drive up to 100 pF capacitive loads. Thus, this 

section presents a general checklist and simulation conditions, which should be modified to fit 

specific products if necessary.  Usually, simulations need to be run under the combination of the 

following conditions unless otherwise noted: (a) Vs = (1.8V, 5.5V), (b) temperature = (− 40
o
C, 

27
 o
C, 125

 o
C), and (c) all available process corners.  

Table B.1 shows the checklist and simulation conditions. Besides AC simulation, for general 

purpose amplifiers, stability needs to be checked under various load conditions, for instance, RL 

= (10K, 20K, 50K, 100K, 1Meg) and CL = (1pF, 10pF, 20pF, 50pF, 100pF, 200pF, 500pF).  Fig. 

B.1 shows the simulation setup to find output voltage high/low and short circuit current. In 
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addition, we need to ensure that the amplifier can recover from overload driving by applying an 

input signal beyond Vs and below ground as shown in Fig. B.2. 

 

 

Table B.1  Check list and simulation conditions 

 Parameter Conditions Min Typ Max 

1 Offset  voltage (a), (b) and (c)     x 

2 Offset drift (a), (c), and sweep T  from − 40
 o
C to  125

 o
C     x 

3 Quiescent current (a), (b) and (c)   x x 

4 Slew rate (a), (b) and (c)   x   

5 DC gain (a), (b), and (c) with maximum R load x     

6 GBP (a), (b) and (c)   x   

7 Phase margin (a), (b) and (c) with various RL and CL x     

8 Voltage noise density 27
o
C   x   

9 
Output voltage high (a), (b) and (c) with RL to ground x     

10 Output voltage low (a), (b) and (c) with RL to Vs     x 

11 Short circuit current Same as (9) and (10) with RL = 0     x 

 

 

 

  

Fig. B.1  Simulation setup for VOH/VOL and short circuit current 
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Fig. B.2  Simulation setup for overload recovery 

 

 

 

Fig. B.3  The control module three-phase motors 

 

Some amplifiers may be optimized for certain applications. In this case, additional 

simulations are needed. For example, the control module for a three-phase motor is shown in Fig. 

B.3. A current sensing amplifier is used to monitor the motor current. The input common mode 

voltage of the amplifier is a pulse width modulated (PWM) waveform with frequency up to 20 
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kHz.  In this application, the common mode step recovery time is crucial. Therefore, it is 

necessary to simulate the amplifier with a PWM stimulus as the common mode input signal.  The 

simulation setup is shown in Fig. B.4. 

 

 

 

Fig. B.4  Simulation of common mode step recovery 

 

  

A current sensing amplifier A PWM generator 
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